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A Corporate Dedication to
Quality and Reliability
National Semiconductor is an industry leader in the
manufacture of high quality, high reliability integrated
circuits. We have been the leading proponent of driv-
ing down IC defects and extending product lifetimes.
From raw material through product design, manufac-
turing and shipping, our quality and reliability is second
to none.
We are proud of our success ... it sets a standard for
others to achieve. Yet, our quest for perfection is on-
going so that you, our customer, can continue to rely
on National Semiconductor Corporation to produce
high quality products for your design systems.

Charles E. Sporck
President, Chief Executive Officer
National Semiconductor Corporation
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Nir fOhlen uns zu QualiUit und
ZuverUissigkeit verpflichtet

National Semiconductor Corporation ist fUhrend bei der Her-
stellung yon integrierten Schaltungen hoher Qualitiit und
hoher Zuverliissigkeit. National Semiconductor war schon
immer Vorreiter, wenn es galt, die Zahl yon IC Ausfiillen zu
verringern und die Lebensdauern yon Produkten zu verbes-
sern. Yom Rohmaterial OberEntwurf und Herstellung bis zur
Auslieferung, die Qualitiit und die Zuverliissigkeit der Pro-
dukte yon National Semiconductor sind unObertroffen.
Wir sind stolz auf unseren Erfolg, der Standards setzt, die
fUr andere erstrebenswert sind. Auch ihre AnsprOche steig-
en stiindig. Sie als unser Kunde kennen sich auch weiterhin
auf National Semiconductor verlassen.

La Qualite et La Fiabilite:
Une vocation Commune Chez National
Semiconductor Corporation

National Semiconductor Corporation est un des leaders in-
dustriels qui fabrique des circuits integres d'une tres grande
qualite et d'une fiabilite exceptionelle. National a ete Ie pre-
mier a vouloir faire chuter Ie nombre de circuits integres
defectueux et a augmenter la duree de vie des produits.
Depuis les matieres premieres, en passant par la concep-
tion du produit sa fabrication et son expedition, partout la
qualite et la fiabilite chez National sont sans equivalents.
Nous sommes fiers de notre succes et Ie standard ainsi
defini devrait devenir I'objectif a atteindre par les autres so-
cietes. Et nous continuons a vouloir faire progresser notre
recherche de la perfection; il en resulte que vous, qui etes
notre client, pouvez toujours faire confiance a National
Semiconductor Corporation, en produisant des systemes
d'une tres grande qualite standard.

Un Impegno Societario di Qualita e
Affidabilita

National Semiconductor Corporation e un'industria al ver-
tice nella costruzione di circuiti integrati di alta qualita ed
affidabilita. National e stata il principale promotore per I'ab-
battimento delia difettosita dei circuiti integrati e per I'allun-
gamento delia vita dei prodotti. Dal materiale grezzo attra-
verso tutte Ie fasi di progettazione, costruzione e spedi-
zione, la qualita e affidabilita National non e seconda a nes-
suno.
Noi siamo orgogliosi del nostro successo che fissa per gli
altri un traguardo da raggiungere. II nostro desiderio di per-
fezione e d'altra parte illimitato e pertanto tu, nostro cliente,
puoi continuare ad affidarti a National Semiconductor Cor-
poration per la produzione dei tuoi sistemi con elevati livelli
di qualita.

Charles E. Sporck
President, Chief Executive Officer
National Semiconductor Corporation
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The purpose of this databook is to provide a fully indexed
and cross-referenced collection of linear integrated circuit
applications using both monolithic and hybrid circuits from
National Semiconductor.

Individual application notes are normally written to explain
the operation and use of one particular device or to detail
various methods of accomplishing a given function. The or-
ganization of this databook takes advantage of this innate
coherence by keeping each application note intact, arrang-
ing them in numerical order, and providing a detailed Sub-
ject Index.

Many of the application schematics call out the generic fam-
ily, which, by coincidence, is the military temperature range
version of the device. Generally, any device in the generic
family will work in the circuit. For example, and amplifier
marked lM108 refers to the generic 108 family, and does
not imply that only military-grade devices will work. Military
(or industrial) grade devices need only be considered when
their tighter electrical limits or wider temperature range war-
rant their use. As a reminder to our users, our numbering
system is:

Specified Temperature
ange

-55·Cs;TAS; + 125·C
-25·Cs;TAs; +85·C

O·CS;TAS;+70·C

lM1XX
lM2XX
lM3XX

Military
Industrial
Commercial

Because commercial parts are less expensive than military
or industrial, these points should be kept in mind when try-
ing to determine the most cost-effective approach to a given
design.
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AID (See Analog-To-Digital)
ABSOLUTE VALUE AMPLIFIER: AN-31
AC AMPLIFIER: AN-31, AN-48, AN-72
AC TO DC CONVERTER: AN-31, LB-8
ACTIVE FILTER (See Filter)
AGC

AM radio: AN-381
DC: AN-72
Methods: AN-72
Television signal: AN-391

ALARM
Inexpensive IC: AN-154

AM
Stereo: AN-381

AM/FM: AN-381, AN-382
Demodulators and detectors: AN-46
Low cost AM radio: LB-29
Stereo receiver: AN-147

(See Also FM Stereo Amplifiers)
AMMETER

AN-71, AN-242, LB-37
AMPLIFIERS:

150 watt op amp, LM12: AN-446
AC: AN-31, AN-48, AN-72
Absolute value: AN-31
AGC: AN-381, AN-391
Anti-log generator: AN-3D, AN-31
Audio: AN-32, AN-69, AN-72, AN-407
Battery powered: AN-71, AN-211
Bias current: AN-242
Bridge: AN-29, AN-31
Bridged: AN-69
Buffered: AN-253
Buffered high current output: AN-4, AN-13, AN-29,

AN-31, AN-48, AN-253, AN-261, AN-272
Cascode, FET: AN-32
Cascode, RF: AN-32
Circuit description LH0002: AN-4, AN-13, AN-227
Circuit description LH0024: AN-253
Circuit description LH0032: AN-253
Circuit description LH0033: AN-48, AN-227
Circuit description LH0062: AN-75
Circuit description LH0063: AN-227
Circuit description LM108/LM208/LM308: AN-29
Circuit description LM118/LM218/LM318: LB-17
Circuit description LM3900: AN-72
Circuit description LM4250 micropower

programmable amp: AN-71
Clamping: AN-31, LB-8
CMOS as linear amp: AN-88
Compensation: AN-75, AN-242, AN-253
Current amplifier: AN-4, AN-13, AN-227
'ifference: AN-20, AN-29, AN-31, AN-72

'ferential input: LB-20
'rentiator: AN-20, AN-31, AN-72

Ily controlled: AN-269
-ting: AN-79

'0: AN-147
jngle supply: AN-116
\N-4, AN-29, AN-32, AN-63, AN-75, AN-227,
'11-447
lk: AN-253

Voltage Follower)
wensation: AN-79

High current buffer: AN-4, AN-13, AN-29, AN-31,
AN-48, AN-227

High input impedance: AN-29, AN-31, AN-32, AN-48,
AN-63, AN-72, AN-75, AN-227, AN-241, AN-253, LB-1

High speed: AN-75, AN-227, AN-253, LB-42
High speed peak detector: AN-75, AN-227
High speed sample and hold: AN-75, AN-253
High voltage: AN-72, AN-127
Improved DC characteristics: AN-79
Input guarding: AN-29, AN-447
Instrumentation: AN-29, AN-31, AN-63, AN-71, AN-79,

AN-127, AN-222, AN-242, AN-289, LB-1, LB-21
Instrumentation shield/line driver: AN-48
Integrator: AN-20, AN-29, AN-31, AN-72, AN-88
Integrator, JFET AC coupled: AN-32
Inverting: AN-20, AN-31, AN-71, AN-72, LB-17
Level shifting: AN-4, AN-13, AN-32, AN-41, AN-48
Line receiver: AN-72
Logarithmic converter: AN-29, A-3D, AN-31
Low drift: AN-79, AN-222, LB-22, LB-24
Low frequency: AN-74
Low noise: AN-222, AN-346
Low offset: AN-242
Meter: AN-71
Micropower: AN-71
Microphone: AN-346
Nano-watt: AN-71
Noise: AN-241
Noise specifications: AN-104, LB-26
Non-inverting amplifier: AN-20, AN-31, AN-72
Non-linear: AN-4, AN-31, AN-180
Norton: AN-72, AN-278
Operational: AN-4, AN-20, AN-29, AN-31, AN-63,

AN-211, AN-241, AN-446, Appendix A
Output resistance: AN-29
Paralleling: LB-44
Photocell: AN-20
Photodiode: AN-20, AN-29, AN-31, LB-12
Photoresistor bridge: AN-29
Piezoelectric transducer: AN-29, A -31
Power: AN-69, AN-72, AN-110, AN-125, AN-127,

AN-147, AN-446, LB-44
(See Also Buffer, High Current)

Preamp: AN-79, AN-346, AN-407, LB-24
Programmable integrator: AN-75
Pulse: AN-13
Rejection, power supply: AN-29
Reset stabilized: AN-20
RF (See RF Amplifier)
Sample and Hold: AN-4, AN-29, AN-31, AN-32, AN-48,

AN-72, AN-245, LB-11
Single supply: AN-72, AN-211
Solar cell: AN-4
Specifying selected parameters: LB-26
Squaring: AN-72
Strain gauge: AN-222
Summing: AN-20, AN-31
Temperature probe: AN-31, AN-56
Transmission line driver: AN-4, AN-13
Tutorial study of op amps: Appendix A
Variable gain: AN-31, AN-32, AN-299, AN-346, LB-1

(See Also AGe)
Very high current booster with high compliance:

AN-127
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Wide band A/C volt meter: AN-75, AN-180
Wide band buffer: AN-227

1A class AB current booster: AN·127
100 mA current booster: AN·127
90 watt audio: AN·127

ANALOG COMMUTATOR (See Analog Switches)
ANALOG DIVIDER: AN·4, AN·30, AN·31
ANALOG MULTIPLIER: AN·4, AN·20, AN·30, AN·31
ANALOG SWITCH: AN·32
ANALOG·TO·DIGITAL: AN·156, AN·245, AN·360

Absolute conversion: AN·247
Accuracy: AN·156, AN·276
Analog input consideration: AN·247
Auto gain ranging converter: AN·245
Bi nary codes: AN·156
Converters: AN·87, AN·156, AN·162, AN-193, AN·233,

AN·245, AN·247, AN-258, AN·260, AN-274, AN·276,
AN·281, LB·6, Appendix C, Appendix D

Current source: AN·202
Dielectric absorption: AN·260
Differential analog input: AN·233
Dual slope converter: AN·260
Errors: AN·156
FET switched multiplexer: AN·260
Free·running interface: LB·53
Grounding considerations: AN·274
Integrating converters: AN-260
Integrating 10·bit: AN·262
Integrator comparator: AN·260
linearity error specifications: AN·156
Logarithmic: AN·274
Microprocessor compatible: AN-284
Microprocessor controlled offset adjust: AN·274
Microprocessor interfacing: AN-274
Offset adjust: AN·274
Ramp generator: AN-260
Ratiometric conversion: AN·247
References: AN-184
Resolution: AN-156, AN-276
Sampled data comparator: AN·276
Sampled data comparator input: AN-274
Single slope converter: AN·260
Single supply: AN-245, AN·284
Span adjustment: AN·233, AN·274
Specifications: AN-156
Successive approximation register: AN-193
Testing: AN-179, AN-233
Voltage comparator: AN-276
Voltage mode: AN-284
Z·80 interface: AN-247
10-bit data formats: AN-277
12-bit serial output: AN·245
15·bit single slope integrating converter: AN-295
6800 /LP interface: AN-247
8080 /LP interface: AN·247

ANALOG·TO·DIGITAL CONVERTER
As a divider: AN-233
As a voltage comparator: AN·233
High speed: AN-237

AND GATE: AN-72, AN-74
ANTI·LOG GENERATOR: AN-30, AN-31
ATTENUATION

Digital: AN·284 (See Also AGC)

AUDIO AMPLIFIERS: AN-32, AN-69, AN-72, AN-346,
AN-407
Bridge amplifier: AN-64, AN·69
Flat amplifier: AN-64
Intercom: AN·69
Low cost IC stereo receiver: AN-147
Phono: AN·64, AN-346
Power amplifier: AN-69, AN·147
RIAA: AN-346
Tape: AN·63, AN-64, AN-407
Tone control: AN-64, AN·69, AN-147
Voltage-controlled: AN·299
1A class AB current booster: AN-127
100 mA current booster: AN·127

(See Also FM Stereo, Amplifiers)
AUDIO PREAMPLIFIER

Flat: AN-64, AN·346
Phono: AN-64, AN·346
Tape: AN-64, AN-407

AUDIO MIXER: AN·64, AN-72
AUTO ERROR CORRECTION: AN-360
AUTO GAIN RANGING: AN-360
AUTOMATIC GAIN CONTROL (See AGC)
AUTOMOTIVE

Anti-skid circuit: AN-162
Tachometer: AN-162

BANDPASS FILTER: AN·72, AN-307, AN·346, LB-11
BANDWIDTH, EXTENDED: AN-29, LB-2, LB·4, LB-14,

LB-19
BANDWIDTH, FULL POWER: LB-19
BATTERY

Charger: LB·35
BATTERY POWERED AMPLIFIERS: AN-71
BI·QUAD FILTER: AN·72
BIAS CURRENT (See Drift Compensation)

Compensation: AN-3
Drift compensation: AN-3

BIAS CURRENT TEST SET: AN-24
BLINKER

Lamp: AN-110
Low voltage IC: AN-154
Two wire: AN-154

BOARD LAYOUT: AN·29
BOLOMETER (COMPARATOR): LB·32
BOOTSTRAPPED SHUNT FREQUENCY

COMPENSATION: AN-29
BREAKER POINT DWELL METER: AN-162
BRIDGE AMPlIFIE.R: AN-29, AN·31
BUFFERS: AN-49, AN·227

High current: AN·4, AN-13, AN·29, AN-31, AN-48,
AN-272, LB-44

Using CMOS amplifiers: AN-88
(See Also Voltage Followers)

BYPASSING, SUPPLY TERMINAL: AN-4, AN·227,
AN-253, AN-428, LB-2, LB-15

CAD SYSTEM: AB-7
CALIBRATOR

Oscilloscope square wave: AN-154
CAPACITANCE MULTIPLIER: AN-29, AN-31

Digitally controlled: AN-271
Programmable: AN·344

CAPACITIVE TRANSDUCER: AN-162
CAPACITORS

Bypass: AN·4, AN-428, LB·2, LB·15
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Compensation: AN-29
(See Also Frequency Compensation)

Dielectric polarization: AN-29
Electrolytic as timing capacitor: AN-97
Filter, power supply: AN-23, LB-10
Multiplier, capacitance: AN-29, AN-31
Switching regulator filter: AN-21
Tantalum bypass: LB-15

CARRIER CURRENT TRANSCEIVER: AN-146
CASCODE AMPLIFIER: AN-32
CHARGER: LB-35
CHOPPER AMPLIFIERS, ALTERNATIVES: AN-79
CHOPPER STABILIZED AMPLIFIER: AN-38, AN-49
CIRCUIT DESCRIPTIONS: AN-49, AN-63

LH0002 Current amplifier: AN-13
LH0033 Buffer amplifier: AN-48
LM104/LM204/LM304 Negative voltage regulator:

AN-21
LM105/LM205/LM305 Positive voltage regulator:

AN-23
LM108/LM208/LM308 Operational amplifier: AN-29
LM109/LM209/LM309 Three terminal regulator:

AN-42
LM110/LM210/LM310 Voltage follower: LB-11
LM 111/LM211/LM311 Voltage comparator: AN-41,

LB-12
LM113 1.2 Volt reference diode: AN-56
LM118/LM218/LM318 High slew rate op amp: LB-17
LM381 Dual preamplifier: AN-64
LM565 Phase locked loop: AN-46
LM1863 AM radio: AN-381
LM1894 DNRTM: AN-386
LM3900 Quad amplifier: AN-72
LM4250 Micropower programmable op amp: AN-71

CLAMP
Precision: AN-31, LB-8

CLASS A AUDIO AMPLIFIER: AN-72
CMOS LINEAR AMPLIFIERS (See Amplifiers, CMOS)
CMOS LOGIC VOLTAGE REGULATOR: AN-71
COAXIAL CABLE DRIVE: AN-227
COLD JUNCTION COMPENSATION: AN-222, AN-225
COMMUTATION: AN-38, AN-49
COMPARATORS (See Voltage Comparators)
COMPENSATION, DRIFT (See Drift Compensation)
COMPENSATION, FREQUENCY

(See Frequency Compensation)
COMPENSATION, TEMPERATURE

(See Drift Compensation)
COMPONENT NOISE(See Noise, Component)
CONTINUITY CHECKER, AUDIBLE: AN-154
CONTROL SYSTEM, ENVIRONMENTAL: AN-193
CONVERTER

100 MHz: AN-32
AC to DC: AN-31, LB-8
Analog-to-digital: (See Analog-to-Digital)
Cable: AN-391
Current-to-voltage: AN-20, AN-31, LB-40
DC-to-DC: LB-18 (See Also Switching Regulator)
Digitally programmable band pass filter: AN-299
Digitally programmable panner allenuator: AN-299
Frequency to voltage: AN-97, AN-210, LB-45,

Appendix C, Appendix D
Logarithmic: AN-29, AN-30, AN-31
Phono preamp: AN-299

Voltage controlled amplifier: AN-299
Voltage-to-current: LB-40
Voltage-to-frequency: AN-286, AN-299, Appendix D

COUNTER, PULSE: AN-72
CREST FACTOR: AN-180
CROSSOVERS

Active: AN-346
CRYSTAL OSCILLATOR: AN-32, AN-41, AN-74, AN-402
CUBE GENERATOR: AN-30, AN-31
CURRENT AMPLIFIER

High output: AN-227, AN-262
CURRENT BOOSTER: AN-127, AN-227
CURRENT LIMITING

Adjustable: AN-21
External: AN-21, AN-29, AN-227
External circuit: AN-82, AN-227
Foldback: AN-82 (See Foldback Current Limiting)
Output short circuit: AN-72, AN-227
Sense voltage reduction: AN-21, AN-31, AN-32
Switchback (See Foldback Current Limiting)
Switching regulator: AN-21
Two terminal current limiter: AN-110
1A, 65V power supply with variable current limit:

AN-127
CURRENT LOOP: AN-300
CURRENT MEASUREMENT: AN-300
CURRENT MIRROR: AN-72
CURRENT MONITOR: AN-31, AN-32, AN-300

(See Also Current-to-Voltage Converter)
CURRENT NOISE (See Noise, Current)
CURRENT SINK: AN-63

Digitally controlled: AN-271
Fixed: AN-72
Precision: AN-20, AN-31, AN-32

CURRENT SOURCE
Bilateral: AN-29, AN-31
High compliance: AN-127
High current: AN-42
Multiple: AN-72
Precision: AN-20, AN-31, AN-32
Programmmable: AN-344
Two terminal: AN-110
200 mA: AN-103

CURRENT·TO·FREQUENCY CONVERTER: AN·240
CURRENT· TO· VOLTAGE CONVERTER: AN-20, AN-31
CURRENT TRANSMITTER: LB-40
DATA ACQUISITION SYSTEM: A -360
D·TO·A CONVERTER (See Dlgital-to-Analog)
DC·TO·AC CONVERTER: LB-18
DELAY SWITCH: AN-11 0

Two terminal: AN-97 (See Also Timers)
DEMODULATORS: AN-38, AN-49

AM-FM: AN-46, AN·381, AN-382
FM Stereo: AN-81, AN-147, AN-382
Frequency shift keying: AN-46
IRIG channel: AN-46
Weather satellite picture: AN-46

DETECTORS: AN-391
Distortion correction: AN-382
Peak: AN-87, AN-386
Pulse width: (See Pulse Width Detectors)
Synchronous: AN-391
True rms: LB-25
Zero cross: AN·74

(See Also Demodulators)



DIELECTRIC ABSORPTION: AN-260
DIELECTRIC POLARIZATION CAPACITOR: AN-29
DIFFERENCE AMPLIFIER: AN-20, AN-29, AN-31,

AN-63, AN-72
DIFFERENCE INTEGRATOR: AN-72
DIFFERENTIAL SIGNAL COMMUTATOR: AN-38, AN-49
DIFFERENTIATOR: AN-20, AN-31, AN-72
DIGITAL DIVIDER

Variable ratio: AN-286
DIGITAL GAINSET: AN-344
DIGITAL INSTRUMENTATION AMPLIFIER: AN-344
DIGITAL MULTIMETER: AN-202
DIGITALKER"': AN-252, AN-287
DIGITAL SWITCHING CIRCUITS: AN-72
DIGITAL-TO-ANALOG CONVERTER: AN-48

Amplifier gain control: AN-271, AN-284
Composite low offset fast amplifier: AN-271
Digitally controlled AC attenuator: AN-284
Digitally controlled capacitance amplifier: AN-271
Digitally controlled current sink: AN-271
Digitally controlled function generator: AN-271
High voltage output: AN-271, AN-293
Output range level shifting: AN-271
Plate driving deflection amplifier: AN-293
Processor controlled shaker table driver: AN-293
Scanner control: AN-293
Single supply voltage mode: AN-271
Temperature limit controller: AN-293
Used as a digitally programmable potentiometer:

AN-271
Vernier adjustment: AN-271
4-Quadrant multiplexing: AN-271
4 to 20 mA current loop: AN-271

DIODE
Catch: AN-21, AN-22
Precision: AN-31, AN-173, LB-8
Protective: AN-21
Reference: AN-56, AN-110
Zener: AN-56
Zenered transistor base-emitter junction: AN-71

DISCRETE TIME SYSTEM: AN-236
DISCRIMINATOR. MULTIPLE APERTURE WINDOW:

AN-31

DIVIDER. ANALOG: AN-4, AN-30, AN-31, AN-222
DNRTM

Applications: AN-390
Calibration: AN-390
Cascading: AN-390
Circuit design: AN-386
Operating principles: AN-384

DOUBLE ENDED LIMIT DETECTOR: AN-31
DOUBLE SIDEBAND MODULATOR: AN-38, AN-49
DOUBLER. FREQUENCY: AN-41
DRIFT

Minimizing in amplifiers: LB-22, LB-32, TP-15
DRIFT COMPENSATION: AN-79, TP-15

Bias current: AN-3, AN-20, AN-29, AN-31
Board layout: AN-29
Gain, transistor: AN-56
Guarding inputs: AN-29
Integrator, low drift: AN-31
Non-linear amplifiers: AN-4, AN-31
Offset voltage: AN-3, AN·20, AN·31, TP-15
Reset stabilized amplifier: AN-20

Sample and hold: AN-4, AN-29
Transistor gain: AN-56
Voltage regulator: AN-21, AN-23, AN-42, LB-15

DRIFT. VOLTAGE AND CURRENT: AN-29
(See Also Drift Compensation)

DRIVERS
MOS clock driver: AN-74
Zero crossing detector and line driver: AN-162

(See Also Voltage Followers, Buffers, Amplifiers)
DUAL TRACKING REGULATORS

(See Regulators. Dual Tracking)
DIGITAL VOLT METER (DVM): AN-200
DWELL METER: AN-162
ECL (See Emitter Coupled Logic)
ELECTRONIC SHUTDOWN: AN-82, AN-103
EMITTER COUPLED LOGIC. DIRECT INTERFACING:

AN-87
EQUALIZER. GRAPHIC: AN-435
ERRORS

Low error amplifiers: LB-21
Reducing comparator errors for 1!'-V sensitivity:

LB-32
FEEDFORWARD COMPENSATION: LB-2, LB-14, LB-17
FERRITE BEAD: AN-23
FET

Amplifier: AN-32
Operational amplifier input: AN-4, AN-29, AN-32,

AN-63, AN-75, AN-447
Switches: AN-32, AN-447
Volt meter, FET VM: AN-32

FIBER OPTICS
Transmitter circuitry: AN-244
Receiver circuitry: AN-244

FILTER: AN-307
Adjustable Q: AN-31, LB-5
Bandpass: AN-72, LB-11 (See Also Filter, Notch)
Bi-quad: AN-72
Digitally programmable gain: AN-269
Full wave rectifying and averaging: AN-20, AN-31
High pass active filter: AN·31, AN-72, AN-227, AN-346,

LB-11
Infrasound: AN-346
Low pass active filter: AN-20, AN-31, AN-72,

AN-286, AN-346
Low distortion: AN-346, AN-386
Low pass adjustable: AN-384, AN-386
Notch: AN-31, AN-48, AN-227, LB-5, LB-11
Notch, adjustable Q: AN-31, LB-5
Power supply: AN-23, LB-10
Programmable: AN·344
Sensitivity functions: AN-72
Surface acoustic wave: AN-391
Tone control: AN-32, AN-64
Ultrasound: AN-346
Vestigial side band: AN-402

FLASHER
Inexpensive IC: AN-154
Lamp: AN-110
Two wire: AN-154

FLlP·FLOP. TRIGGER: AN·72
FLUID LEVEL CONTROL: AB-10
FM

Blend: AN-390
Calibration modulation level: AN-402



FM STEREO
FM detector: AN-147, AN-382
FM IF amplifier: AN-147, AN-382
Low cost IC receiver: AN-147
Remote speaker: AN-146
Stereo demodulator: AN-81, AN-147

(See Also Audio)

FOLDBACK CURRENT LIMITING
Negative vollage regulator: AN-21, LB-3
Positive voltage regulator: AN-23, LB-3
Power dissipation curve: AN-23
Temperature sensitivity: AN-23

(See Also Current Limiting, Foldback)
FOLLOWERS, VOLTAGE (See Voltage Followers)
FREQUENCY COMPENSATION: AN-79

Bandwidth, extended: AN-29, LB-2, LB-4, LB-14,
LB-19, LB-42

Bootstrapped shunt: AN-29
Capacitance, stray: AN-4, AN-31, AN-428
Capacitive loads: AN-4, AN-447, LB-14, LB-42
Differentiator: AN-20
Feedforward: LB-2, LB-14, LB-17
Ferrite bead: AN-23
Hints: AN-4, AN-20, AN-23, AN-41, AN-447, LB-2, LB-4,

LB-42
Multiplier: AN-210
Mullivibrator: AN-4
Oscillation, involuntary: AN-4, AN-20, AN-29

FREQUENCY DOUBLER: AN-41
FREQUENCY RESPONSE: LB-19

(See Also Frequency Compensation)
FREQUENCY SHIFT KEYING DEMODULATOR: AN-46
FREQUENCY·TO·CURRENT CONVERTER: AN-162
FREQUENCY·TO·VOLTAGE CONVERTER: AN-97,

AN-162, AN-210
FULL POWER BANDWIDTH: LB-19
FUNCTION GENERATOR (See Generator)
GAIN CONTROL

Digital: AN-269, AN-289
Voltage controlled: AN-299 (See Also AGC)

GAIN TEST SET: AN-24
GATES, OR AND AND: AN-72
GENERATOR

Digitally controlled: AN-435
Multiple function: AN-115, LB-23
One shot: AN-88
Programmable: AN-344
Pulse generator: AN-74
Sine wave: AN-115
Square wave: AN-74, AN-88, AN-115, AN-154, LB-23
Staircase: AN-88, AN-162
Time delay: AN-14
Triangle wave: AN-115, LB-23 (See Also Oscillator)

GRAPHIC EQUALIZER
Digitally controlled: AN-435

GUARD DRIVER: AN-48, AN-227
GUARDING AMPLIFIER INPUTS: AN-29, AN-63
HALL EFFECT SENSOR (COMPARATOR): LB-32
HIGH FREQUENCY: AN-227, AN-253, AN-391
HIGH PASS ACTIVE FILTER: AN-31, AN-72, AN-307,

AN-346, LB-ll
HIGH PASS FILTER: AN-227, AN-307, AN-346
HIGH SPEED DUAL COMPARATOR: AN-115
HIGH SPEED OP AMP: AN-75, AN-278, AN-428, LB-42

HIGH SPEED PEAK DETECTO : AN-227
HIGH SPEED SHIELD/LINE DRIVER: AN-227
HIGH VOLTAGE

Driver: AN-49
Flasher: AN-154
Op amp: AN-127
Regulator: AN-l03

HUMIDITY MEASUREMENT: AN-256
IF AMPLIFIER

FM Stereo: AN-147, AN-382
INDICATOR

Applications: AN-154
INDUCTOR

Core, switching regulator: AN-21
Ferrite bead: AN-23
Simulated: AN-31, AN-435

INSTRUMENTATION AMPLIFIER
(See Amplifiers, Instrumentation)

INPUT GUARDING: AN-29, AN-48, AN-63
INTEGRATOR: AN-20, AN-29, AN-31, AN-32, AN-72,

AN-75
INTERNAL TIMER: AN-31
INTRUSION ALARM

Fiber optic: AN-266
INVERTING AMPLIFIER: AN-20, AN-31, AN-63, AN-71,

AN-72, LB-17
ISOLATED INPUT SIGNAL COlloDITIONING AMPLIFIER:

AN-266
ISOLATION AMPLIFIER: AN-266, AN-285
ISOLATION, DIGITAL: AN-41

ISOLATION TECHNIQUES
Thermocouple: AN-298
Transformer: AN-266, AN-285

JFETs: AN-32
JUNCTION TEMPERATURE, MAX ALLOWABLE: AN-336
LAMP DRIVER

Ground referenced: AN-72
Voltage comparator: AN-4, AN-72, LB-12

LARGE SIGNAL RESPONSE: LB-19
LED (See Light Emitting Diode)
LEVEL DETECTOR WITH HYSTERESIS: AN-87
LEVEL SHIFTING AMPLIFIER: AN-4, AN-13, AN-32,

AN-41,AN-48
LIGHT ACTIVATED SWITCH: AN-l0
LIGHT EMITTING DIODE

1.5V LED flasher: AN-154

LIMIT DETECTOR: AN-31
LIMITER (See Clamp)
LINE DRIVER: AN-13, AN-48
LINE RECEIVER AMPLIFIER: AN-72
LINE RECEIVERS, COMPARATORS SUITABLE FOR:

AN-87

LIQUID DETECTOR: AB-l0, AN-154
LM12150·WATT OP AMP: AN-446
LOGARITHMIC AMPLIFIER: AN-29, AN-30, AN-31,

AN-211, AN-264
DAC controlled scale factor: AN-269
Digitally programmable: AN-269

LOGARITHMIC CONVERTER: AN-311
LOW OFFSET VOLTAGE: AN-63
LOW PASS ACTIVE FILTER: AN-20, AN-31, AN-72,

AN-307, AN-346
LOW DRIFT AMPLIFIERS (See Amplifiers, Low Drift)



LVDT
Position sensor: AN-301

MAGNETIC
Variable reluctance pickup buffer: AN-162

MAGNETIC FIELD SENSOR: AN-301
MAGNETIC TAPE: AN-390, AN-407
MAGNETIC TRANSDUCER AMPLIFIER: AN-74
METER AMPLIFIER: AN-71, AN-222, AN-265
MICROPHONE PREAMPLIFIER: AN-299, AN-346
MICROPOWER

Amplifier: AN-71, AN-211
Circuit description LM4250 programmable op amp:

AN-71
Voltage comparator: AN-71

MIXER
AM:AN-381
Audio: AN-64, AN-72
Low frequency: AN-72

MODEM FILTER: AN-307
MODULATION AND DEMODULATION: AN-38, AN-49,

AN-402
MODULATOR

FM audio: AN-402
Pulse width: AN-31

MOISTURE DETECTOR: AB-10, AN-154
MONOSTABLE MULTIVIBRATORS(See Multivibrator)
MOS ANALOG SWITCH: AN-38, AN-49
MOS DIFFERENTIAL SWITCH: AN-38, AN-49
MOTION DETECTOR (See Sensor, Air; Sensor, Liquid)
MOTOR CONTROL: AN-289
MOTOR SPEED CONTROLLER: AN-292
MULTIPLEXER (See Analog Switch)
MULTIPLIER

Analog: AN-4, AN-20, AN-30, AN-31, AN-222
Capacitance: AN-29, AN-31
Cube generator: AN-30, AN-31
Resistance: AN-29

MULTIVIBRATOR: AN-4, AN-24, AN-31, AN-41, AN-71,
AN-72, AN-74

NAB TAPE PLAYBACK PREAMPLIFIER: AN-64, AN-407
NAB TAPE RECORD PREAMPLIFIER: AN-64
NEGATIVE AND POSITIVE VOLTAGE REGULATORS

(See Symmetrical Voltage Regulators)

NEGATIVE REGULATOR
(See Negative Voltage Regulators)

NEGATIVE SWITCHING VOLTAGE REGULATORS:
AN-21

NEGATIVE VOLTAGE REFERENCE: AN-20, AN-31
NEGATIVE VOLTAGE REGULATOR

Circuit description LM104/LM204/LM304: AN-21
Drift compensation

(See Drift Compensation, Voltage Regulator)
Foldback current limiting: AN-21, LB-3
High current: AN-21, LB-10
High voltage: AN-21
Hints: LB-10, LB-15
Line regulation improvement: AN-21
Low dropout voltage: AN-211
Overvoltage protection: AN-21
Power dissipation: AN-21
Precision, stable: LB-15
Programmable: AN-20, AN·31
Protective diodes: AN-21
Remote sensing: AN-21

Ripple: AN-21
Three terminal: AN-182
Transient response: AN-21

NIXIE DRIVER: AN·32
NOISE: AN-63

Component: AN-104
Figure: AN-104, AN·222, AN-391
Filtering in microvolt comparators: LB-32
Generator, "buzz box": AN-154
I/F: AN-104
Local oscillator: AN-381
Measurement: AN-180
Phase: AN-381
Television receiver: AN-391
Thermal: AN-104
Theory: AN-222
Voltage: AN·104
Weighting: AN-384

NOISE REDUCTION
Audio: AN-384, AN-386
Comparison of types: AN-384
Complementary: AN-384
FM: AN-390
Masking: AN-384, AN-386
Single-ended: AN-384, AN-386, AN-390
Tape: AN-390
Television audio: AN-390
VTR: AN-390

NON·INVERTING AMPLIFIER: AN-20, AN-31, AN-72
NON·L1NEAR AMPLIFIER: AN-4, AN-31
NORTON AMPLIFIER: AN-72, AN-278
NOTCH FILTER: AN-31, AN-48, AN-307, LB-5, LB-11
OFFSET

Adjusting offset and drift to almost zero: AN-79,
LB-32, TP-15

Drift compensation: AN-3
Voltage compensation: AN-3

OFFSET CURRENT TEST SET: AN-24
OFFSET VOLTAGE ADJUSTMENT: LB-9
OFFSET VOLTAGE COMPENSATION

(See Drift Compensation)
OFFSET VOLTAGE TEST SET: AN-24
ONE SHOT: AN·72, AN-88
OPERATIONAL AMPLIFIERS:

(See Amplifiers, Operational)
OPERATIONAL AMPLIFIER TESTING: AB-12
OPERATIONAL AMPLIFIER TEST SET: AN-24
OPERATIONAL AMPLIFIER VOLTAGE REFERENCE:

AN-288
OPTICALLY ISOLATED SWITCHES

(See Switches, Optically Isolated)
OR GATE: AN-72, AN-74

Regulator: AN-103

OSCILLATION, INVOLUNTARY
(See Frequency Compensation)

OSCILLATOR
Crystal: AN-41, AN-74, AN-402
Crystal JFET: AN-32
Fiber optic: AN-266
Inexpensive IC: AN-154
UC: AN-402
Morse code: AN-154
Multivibrator: AN-4, AN-24, AN-31, AN-41, AN-71,

AN-72



One shot: AN-88
Piezoelectric driver: AN-72
Programmable "unijunction": AN-72
Pulse: AN-97
Pulse output: AN-71, AN-72
Quadrature output: AN-31, LB-16
RF: AN-402
R F JFET: AN-32
Sawtooth: AN-72
Sine wave: AN-20, AN-29, AN-31, AN-32, AN-72,

AN-115, AN-264, LB-16
Square wave: AN-88, AN-264
Staircase: AN-72
Television: AN-402
Triangle wave: AN-20, AN-24, AN-31, AN-72
Tunable frequency: AN-381, LB-16
Vestigial side band: AN-402
Video: AN-402
Voltage-controlled: AN-24, AN-72, AN-81, AN-146,

AN-162, AN-391, Appendix C
Wien bridge: AN-20, AN-31, AN-32

OVERSPEED LATCHES/INDICATORS
(See Frequency·To·Voltage)

PACKAGE POWER CAPABILITIES: AN·336
PARALLELING OP AMP: LB·44
PEAK DETECTOR: AN-4, AN-31, AN-72, AN·74, AN·75,

AN·87, AN·227, AN·386
PHASE

Phase locked loop: AN·81
Phase shift oscillator: AN·88
PLL range extender: AN·162
Wide range phase shifter: AN·391

PHASE COMPARATOR: AN·72
PHASE LOCKED LOOP: AN·146, AN·391

Advantages as vOltage·to-frequency converter:
AN-210

Circuit description LM565: AN·46
Damping: AN·46
FM audio modulation: AN·402
Locking: AN·46
Loop filter: AN·46
Multiamplifier: AN-72
Noise performance: AN·46
Phase comparator: AN·72
Theory: AN·46
VCO:AN-72

PHASE SHIFT OSCILLATOR: AN-88
PHASE SHIFTER: AN-32
PHONO PREAMPLIFIER: AN-32, AN-64, AN-222, AN-346
PHOTOCELL AMPLIFIER: AN-20
PHOTODIODE

Amplifier: AN-20, AN-29, AN-31, AN-244, LB-12
Level detector: AN-41, AN-244

PHOTORESISTOR AMPLIFIER: AN-29
PICO AMPLIFIER: AN-63
PIN DIODE DRIVER: AN-49
PIN DIODE SWITCHING: AN-49
POLARITY SWITCHER: AN-344
POLARIZATION, DIELECTRIC: AN-29
POSITION SENSOR: AN-162

LVDT: AN-301
POSITION SERVO: AN-289
POSITIVE AND NEGATIVE VOLTAGE REGULATORS

(See Symmetrical Voltage Regulators)

POSITIVE REGULATOR (See Regulator, Positive)
POSITIVE VOLTAGE REFERENCE: AN-20, AN-31, AN-56
POSITIVE VOLTAGE REGULATOR

Adjustable output: AN-42, AN-178, AN-181, AN-182,
LB-35

Bootstrapped regulator: AN-211
Circuit description LM105/LM205/LM305: AN-23,

AN-211
Circuit description LM109/LM209/LM309: AN-42
CMOS compatible: AN-71
Current limit: AN-72, AN-211
Drift compensation

(See Drift Compensation, Voltage Regulator)
Failure mechanisms: AN-23, LB-3
Filtering, power supply: AN-23, LB-10
Fixed output: AN-42
Foldback current limiting: AN-23, LB-3
Heat dissipation: AN-23, LB-3
High current: AN-23, AN-72, LB-3, LB-10
High voltage: AN-72, AN-211, LB-47
Hints: AN-23, LB-3, LB-10, LB-15
Low voltage: AN-56, AN-211
Micropower quiescent power drain: AN-71, AN-211
NPN pass transistors: AN-72, LB-10
Power limitations: AN-23, LB-3
Precision: AN-42, LB-15
Programmable low power: AN-20, AN-31
Protection: AN-23, AN-72
Ripple induced failures: AN-23, LB-10
Switching regulator (See Switching Regulator)
Temperature compensation: AN-42, LB-15
Three terminal: AN-103, AN-178, AN-182, LB-35
Trimming output voltage: LB-46

(See Also Voltage Regulators)
POWER AMPLIFIER (See Buffer, High Current)
POWER CAPABILITIES, IC PACKAGE: AN-336
POWER DISSIPATION

Regulator: AN-82, AN-103
POWER LINE CARRIER: AN-146
POWER SUPPLY: AN-56, AN-63

General purpose: LB-28
Monitor: LB-48
Programmable: LB-49 (See Also Regulators)
Split: AN-69, AN-71

PREAMPLIFIER
Circuit description LM381 dual preamplifier: AN-64
DC coupled: AN-407
Flat: AN-64, AN-299, AN-346
Phono: AN-32, AN-64, AN-222, AN-346
Servo: AN-4, AN-31
Stereo: AN-64, AN-346
Tape: AN-64, AN-407
Tape playback: AN-64, AN-407
Tape record: AN-64

(See Also Amplifiers, Preamp)
PRECISION COMPARATOR: AN-63
PRECISION INTEGRATOR: AN-63
PRECISION REFERENCE: AN-161, AN-173
PROGRAMMABLE GAIN: AN-289
PROGRAMMABLE OP AMP: AN-71
PROGRAMMABLE "UNIJUNCTION" OSCILLATOR:

AN-72
PROGRAMMABLE VOLTAGE REGULATOR: AN-20,

AN-31



PULSE STRETCHER:
Proportional: AN-266

PULSE WIDTH DETECTOR: AN-97
PULSE WIDTH MODULATOR: AN-21, AN-31, AN-74,

LB-18
PULSE WIDTH MULTIVIBRATOR: AN-292
PYROELECTRIC

Accelerometer: AN-301
Detector amplifier: AN-301
Resonator temperature sensor: AN-301

QUAD AMPLIFIER: AN-71, AN-72
QUAD COMPARATOR: AN-74
QUADRATURE OSCILLATOR: AN-31, AN-307, LB-16
RATE GYRO: AN-301
RECEIVER

AM: AN-381, AN-382
FM: AN-382
FM remote speaker: AN-146
Low cost AM receiver: LB-29
Low cost FM stereo receiver: AN-147
Television: AN-391

RECTIFIER, FAST HALF-WAVE: AN-31, LB-8
RECTIFIER, FULL-WAVE: AN-20, LB-8
REFERENCE

Low drift precision 6.9V: AN·161, AN-173, AN-184
Micropower: AN-222, LB-34, LB-41
Precision: AN-79, AN-161, LB-41

REFERENCE DIODE: AN·ll0, LB-37
REFERENCE VOLTAGE: AN-211
REFERENCE VOLTAGE DETECTOR: AN-300
REFERENCE VOLTAGE REGULATOR: AN-20, AN-31
REGULATORS (See Voltage Regulators)
RELAY DRIVER: AN-72
REMOTE SENSING

High current negative regulator: AN-21
High negative voltage: AN-21

REMOTE SPEAKER SYSTEM: AN-146
REMOTE TEMP SENSOR/ALARM: AN-74
RESET STABILIZED AMPLIFIER: AN-20
RESISTANCE

Choice of resistors for op amps: AN-79
Tester for low values of resistance: LB-32

RESISTANCE MULTIPLICATION: AN-29
RESISTOR VALUES, STANDARD: Appendix E
RF: AN-381, AN-382, AN-391
RF AMPLIFIER

Cascode: AN-32
RF OSCILLATOR (See Oscillator, RF)
RIAA PHONO PREAMPLIFIER: AN-64, AN-222, AN-299,

AN-346
RIPPLE, POWER SUPPLY: AN-21, AN-23, LB-10
RISE TIME, AMPLIFIER: LB-19
RMS

Converter: AN-180
True rms detector: LB-25

ROOT EXTRACTOR: AN-4, AN-31, AN-222
RTD CONTROLLER: AN-292
SAFE AREA PROTECTION: AN-l03
SAMPLE AND HOLD: AN-4, AN-29, AN-31, AN-32,

AN-63, AN-72, AN-75, AN-266, AN-294, LB-ll, LB-45
Circuit: AN-286

nULU slep: AN-"'~4
Infinite: AN-245
Infinite HOLD time: AN-245, AN-294
Reduction of HOLD step: AN-245, AN-294
Terms: AN-266

SAMPLING THEOREM: AN-236
SAWTOOTH GENERATOR: AN-72
SCHMITT TRIGGER: AN-32, AN-72
SCR (See Silicon Controlled Rectifier)
SENSE VOLTAGE (See Current Limiting)
SENSITIVITY FUNCTIONS: AN-72
SENSOR

Mass velocity: AN-162
Rotational velocity: AN-162

SERVO PREAMPLIFIER: AN-4, AN-31
SETTLING TIME: LB-17

Measurement: AN-428
Techniques for minimizing: AN-428

SHORT CIRCUIT PROTECTION (See Current Limiting)
SIGNAL-TO-NOISE RATIO: AN-104
SINE SHAPER: AN-263
SINE WAVE GENERATOR: AN-115, AN-263, AN-269,

AN-307
SINE WAVE OSCILLATOR: AN-20, AN-29, AN-31, AN-32,

AN-72, AN-263, LB-16
Crystal: AN-263
Digital: AN-263
High voltage: AN-263
Phase shift: AN-263
Sine wave voltage reference: AN-262
Tuning fork: AN-263
Voltage-controlled: AN-262
Wien bridge: AN-263

SINE WAVE RESPONSE: LB-19
SINGLE SUPPLY AMPLIFIER: AN-72
SINGLE SUPPLY OPERATION: AN-31, AN-48
SIREN OSCILLATOR: AN-154
SLEW RATE: LB-17, LB-19, LB-42

(See Also Frequency Compensation, Feedforward)
SLEW RATE LIMITING: LB-19
SMALL SIGNAL RESPONSE: LB-19
SIN RATIO (See Signal-To-Noise Ratio)
SOLAR CELL AMPLIFIER: AN-4
SOUND

Peak: AN-384
Pressure: AN-384
Sound effects oscillator: AN-154

SPECTRUM ANALYSIS: AN-180
SPEECH RECORDING: AN-287
SPEECH SYNTHESIS: AN-287, AN-252, LB-54
SPEED SENSOR (See Sensor, Speed)
SPEED SWITCH (See Frequency-To-Voltage Converter)
SQUARE ROOT CIRCUIT: AN-4, AN-31, AN-222
SQUARE WAVE GENERATOR: AN-74, AN-88, AN-115,

AN-154, AN-222, AN-264, LB-23
SQUARING AMPLIFIER: AN-72, AN-222
SQUARING CIRCUITS: AN-222
STAIRCASE GENERATOR: AN-72, AN-88

(See Also Generator, Staircase)
STANDARD VALUES RESISTOR: Appendix E
STEP RESPONSE: LB-19
STEREO (See FM Stereo)



STEREO PREAMPLIFIER: AN-64, AN-346
STRAIN GAUGE CONVERTER: AN-301
SUBTRACTOR (See Difference Amplifier)
SUMMING AMPLIFIER: AN-20, AN-31
SUPPLY VOLTAGE SPLITTING: AN-31
SWITCHED CAPACITOR FILTER: AN-307
SWITCHES

Optically isolated: AN-110
Two terminal time delay: AN-97

SWITCH, ANALOG: AN-32
SWITCHBACK CURRENT LIMITING

(See Foldback Current Limiting)
SWITCHING REGULATOR: AN-343

Buck converter: AN-343
Capacitor selection: AN-21
Catch diode selection' AN-21
Circuit description LH1605: AN-343
Current limiting: AN-2, AN-21
DC motor speed regulation: AN-343
DC plus to DC minus converter: LB-18
Dissipation: AN-21
Driver: AN-2, AN-21
Efficiency: AN-21
High negative current: AN-21
Hints: AN-21
Inductor core selection: AN-21
Line regulation: AN-21
Negative: AN-21
Overload shutdown: AN-21
Polarity conversion: LB-18
Ripple: AN-21
Self-oscillating: AN-21
Shutdown: AN-21
Switching: AN-97, AN-110
Synchronous: AN-21
Theory: AN-21, LB-18

SYMMETRICAL VOLTAGE REGULATOR
Regulation: AN-21
Tracking regulator: AN-20, AN-21, LB-7

SYNCHRONOUS
Video detector: AN-391

SYNTHESIS
Frequency: AN-382

TACHOMETER: AN-72, AN-97
TAPE

Auto reverse preamplifier: AN-407
Equalization: AN-407
Magnetization: AN-407

TAPE PLAYBACK PREAMPLIFIER: AN-64, AN-407
TAPE PLAYER

Amplifier: AN-64, AN-147, AN-407
TAPE READER

Magnetic: AN-74
TAPE RECORD PREAMPLIFIER: AN-64
TARE COMPENSATION

Weighing system: AN-271
TELEVISION

A color TV primer for the EE: AN-391, AN-402,
Appendix B

TEMPERATURE: AN-292
Controller: AN-293
Oven controller: AN-262
Platinum RTD high temperature: AN-262
Timer used as controller: AN-97

Transducer: AN-225
Transducer, micropower: LB-27

TEMPERATURE COMPENSATED ZENER DIODE: AN-56
TEMPERATURE COMPENSATION

(See Drilt Compensation)
TEMPERATURE CONTROLLER: AN-286, AN-292,

AN-293
TEMPERATURE CONTROL: AN-262, AN-293

Precision: AN-266
High efficiency: AN-266

TEMPERATURE PROBE AMPLIFIER: AN-31, AN-56
TEMPERATURE PROBE COMPARATOR: AN-72
TEST SET, OPERATIONAL AMPLIFIER: AN-24
THERMAL CAPABILITIES, DEVICE: AN-336
THERMAL FEEDBACK REDUCTION IN MICROVOLT

COMPARATORS: LB-32
THERMAL NOISE (See Noise, Thermal)
THERMAL SHUTDOWN: AN-82, AN-103
THERMOCOUPLE: AN-225

Amplifier with cold junction compensation: AN-211,
AN-222, AN-225, LB-24

Comparator: LB-32
Effects on IC's: AN-79, LB-22, LB-32

THERMOMETER: AN-262
Electronic: AN-225, AN-233
Micropower: LB-27, AN-211
Temperature controller: AN-97
Thermocouple: LB-24
Using platinum sensor: AN-286

THERMOMETER, ELECTRONIC: AN-31, AN-56
THRESHOLD DETECTOR: AN-20, AN-31
TIME DELAY GENERATOR: AN-74
TIME, INTERVAL: AN-31
TIMER CIRCUITS: AB-7, AN-97, AN-110
TIMERS

Chain of timer: AN-97
Cycle interrupt: AN-97
Dual supply operation: AN-97
Electrolytic timing capacitors: AN-97
Eliminating timing cycle upon initial application of

power: AN-97
Linearizing charging sweep: AN-97
Negative pulse triggering: AN-97
Noise immunity: AN-97
One hour: AN-97
Time delay circuit: AN-110
Time out, power up: AN-97
Wide range timer: LB-38
Zero power dissipation between timing intervals:

AN-97
5V logic supply driving 28V relay: AN-97
30V supply interfacing with 5V logic: AN-97

TIMING ERROR: AN-97
TONE CONTROL: AN-32, AN-64, AN-435

Stereo: AN-147, AN-435
TOTAL HARMONIC DISTORTION: AN-180
TRACKING VOLTAGE REGULATOR: LB-7

(See Also Symmetrical Voltage Regulators)
TRANSCONDUCTANCE AMPLIFIER: AN-63, AN-386
TRANSDUCER

Amplifier: LB-24
Signal conditioners: AN-301
Temperature: LB-27

TRANSFER FUNCTION TEST SET: AN-24



TRANSISTOR
Low noise: AN-222
Optically isolated: AN-ll0
Power, protected: AN-ll0

TRANSMITTER
FM remote speaker: AN-146
Two wire: AN-2ll

TRIAC TRIGGER: AN-154
TRIANGLE WAVE OSCILLATOR: AN-20, AN-24, AN-3l,

AN-72, AN-115
TRIGGER APPLICATIONS: AN-154
TRIGGER, FLIP-FLOP: AN-72
TRIGGER, SCHMITT: AN-32, AN-72
TRUE INSTRUMENTATION AMPLIFIER: AN-63
TUNED RF CIRCUITS (See Amplifiers)
TV (See Television)
TYPES OF RMS CONVERTER: AN-180
UNITY·GAIN BUFFER: AN·20
VCO (See Voltage·Controlied Oscillator)
VELOCITY SENSOR (See Sensor, Velocity)
VIDEO CIRCUITS

A color TV primer for the EE: Appendix B
VIDEO: AN-39l
VOICE RECORDING: AN-287
VOLTAGE COMPARATOR: AN-4l, AN-74, AN-l03,

AN-288, LB-39
A-to-D converter circuit: LB-6
AC coupled: LB-6
Avoiding oscillations: LB-39
Buffered output: AN-29
Circuit description LMlll1LM2ll/LM3ll: AN-4l,

LB-12
Comparison: AN-87, LB-12
DTL driver: AN-4, AN-29, AN-3l, LB-12
Dual limit, high speed: AN-48
Fast: LB-6
High current: AN-7l
High speed differential: AN-87
Hints: AN-4l
Inverting and non-inverting with hysteresis: AN-74
Lamp driver: AN-4, AN-72, LB-12
Micropower: AN-7l
Microvolt: LB·32
MOS driver: AN-4l, LB-12
Op amp voltage comparator: AN-4, AN-7l, AN-72
Preamplifier: LB-32
Quad array: AN-74
Specifying selected parameters: LB-26
Timers used as: AN-97
TTL driver: AN-4, AN-29, AN-3l, AN-4l, LB-12
Zero crossing: AN-3l, AN-4l, LB-6, LB-12

VOLTAGE CONTROLLED AMPLIFIER: AN-299
VOLTAGE CONTROLLED OSCILLATOR: AN-72,

AN-74, AN-8l, AN-146, AN-162, AN-39l
(See Also Voltage-To-Frequency Converter)

VOLTAGE FOLLOWER: AN-63
Bias current: AN-20
Circuit description LH0033: AN-48
Circuit description LMll0/LM2l0/LM3l0: LB-ll
Comparison: LB-ll
Frequency compensation: LB-42
Hints, operating: AN-20
Offset adjustment: AN-3l, LB-9
Single supply: AN-72
Voltage reference: AN-20, AN-3l, AN-56
lamp:AN-ll0

VOLTAGE NOISE (See Noise, Voltage)
VOLTAGE REFERENCES (See Reference)
VOLTAGE REGULATORS: AN-178

(See Also Regulators, Voltage; Positive, Negative, or
SWitching Voltage Regulator)

Adjustables: AN-178, AN-18l, AN-2ll, AB-ll,
AB-12, LB-46

Automotive: AB-12
Battery charging: AB-ll, AB-12
Current: AN-l03, AN-110, AN-127
Dual tracking: AN-82, AN-l03, Appendix C
High current: AN-l03, AN-ll0
High current dual tracking: AN-82
High current regulators: AB-ll
High input voltage: AN-l03, AN-2ll
Improving reliability: AN-182
Low dropout: AB-ll, AB-12
Paralleling: Appendix C
PNP: AB-ll, AB-12
Power distribution and regulation can be simple,

cheap and rugged: Appendix C
Trimming: LB-46
lA, 65V with variable current limit: AN-127
± 32.5V dual tracking: AN-127

VOLTAGE·TO·FREQUENCY CONVERTER: AN-2l0,
AN-240, LB-45, Appendix C, Appendix D

(See Also Analog-to-Digital Converters and
Voltage-Controlled Oscillators)

VOLT METER: AN-32, AN-7l, AN-75, LB-45
WEIGHING SYSTEM

Precision: AN-295
WIEN BRIDGE OSCILLATOR: AN-20, AN-3l, AN·32,

AN-63
WINDOW DISCRIMINATOR, MULTIPLE APERTURE:

AN-3l
ZENER DIODE

IC: AN-56
Transistor base-emitter junction: AN·71

ZEN ERS (See Reference)
ZERO CROSSING DETECTOR: AN-3l, AN-4l, AN-74,

LB-6, LB·12
Comparators suitable for "two shot": AN-87, AN-162

8080 MICROPROCESSOR: AN-200



Drift Compensation
Techniques for Integrated
DC Amplifiers
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

Introduction
With DC amplifiers, it is usually possible to substantially im-
prove drift performance by using additional circuitry along
with some form of adjustment. In fact, one of the reasons
that discrete-component operational amplifiers have better
input current specifications than monolithic amplifiers is that
current compensation is used. Monolithic circuits cannot in-
corporate these techniques because it is not possible to
select components or make adjustments. These adjust-
ments can, however, be made external to the amplifier. This
article will discuss a number of compensation methods
which can substantially reduce the input currents of mono-
lithic amplifiers, especially in limited-temperature-range ap-
plications.
Bias current compensation reduces offset and drift when
the amplifier is operated from high source resistances. With
low source resistances, such as a thermocouple, the drift
contribution due to bias current can be made quite small. In
this case, the offset voltage drift becomes important.
A technique is presented here by which offset voltage drifts
better than 0.5 ,...V/'C can be realized. The compensation
technique involves only a single room-temperature balance
adjustment. Therefore, chopper-stabilized performance can
be realized, with low source resistances, in a fairly-simple
amplifier without tedious cut-and-try compensation
methods.

bias current compensation
The simplest and most effective way of compensating for
bias currents is shown in Figure 1.Here, the offset produced
by the bias current on the inverting input is cancelled by the
offset voltage produced across the variable resistor, R3.
The main advantage of this scheme, besides its simplicity, is
that the bias currents of the two input transistors tend to
track well over temperature so that low drift is also
achieved. The disadvantage of the method is that a given
compensation setting works only with fixed feedback resis-
tors, and the compensation must be readjusted if the equiv-
alent parallel resistance of R1 and R2 is changed.

National Semiconductor
Application Note 3

TL/H/6925-1

Figure 1. Summing amplifier with bias-current compen-
sation for fixed source resistances

Figure 2 shows a similar circuit for a non-inverting amplifier.
The offset voltage produced across the DC resistance of
the source due to the input current is cancelled by the drop
across R3. For proper adjustment range, R3 should have a
maximum value about three times the source resistance
and the equivalent parallel resistance of R1 and R2 should
be less than one-third the input source resistance.
This circuit has the same advantages as that in Figure 1,
however, it can only be used when the input source has a
fixed DC resistance. In many applications, such as long-in-
terval integrators, sample-and-hold circuits, switched-gain
amplifiers or voltage followers operating from unknown
source, the source impedance is not defined. In these cases
other compensation schemes must be used.
Figure 3 gives a compensation technique which does not
depend upon having a fixed source resistance. A current is
injected into the input terminal from the base of a PNPtran-
sistor. Since NPN input transistors are used on the integrat-
ed amplifier,· the base current of the PNP balances out the
·This is true for all monolithic operational amplifiers presently available.

TLiH/6925-2
Figure 2. Non-Inverting amplifier with bias-current compensation for fixed source resistances



Figure 3. Summing amplifier with bias-current compen-
sation

TL/H/6925-4

Figure 4. Bias-current compensation for non-Inverting
amplifier operated over large common mode
range

base current of the NPN. Further, since a silicon-planar PNP
transistor has approximately the same current-gain versus
temperature characteristic as the integrated transistors, an
improvement in temperature drift will also be realized. t
However, perfect compensation should not be expected be-
cause of unit-to-unit variations in the temperature character-
istics of both the PNP transistor and the integrated circuit.

Although the circuit in Figure 3 works well for the summing
amplifier connection, it does have limitations in other appli-
cations. It could, for example, be used for the voltage follow-
er configuration by connecting the base of the PNP to the
non-inverting input. However, this would reduce the input
tit the operational amplifier uses a Darlington input stage, however, the drift
compensation will not be nearly as good.

impedance (to about 150 MOl because the current supplied
by the PNP will vary with the input voltage level.

If this characteristic is objectionable, the more-complicated
circuit shown in Figure 4 can be used.

The emitter of the PNP transistor is fed from a current
source so that the compensating current does not vary with
input-VOltage level. The design of the current source is such
as to give it about the same characteristics as those on the
input stage of the better monolithic amplifiers:J: to give clos-
er compensation with changes in temperature and supply
voltage. The circuit makes use of the emitter base voltage
differential between two transistors operated at different
collector currents.1,2 Although it is recommended in the ref-
erences that these transistors be well matched, it is not
really necessary since the devices are operated at much
different collector currents.

Figure 5 shows another compensation scheme for the volt-
age follower connection. This circuit is much simpler than
that shown in Figure 4, but the temperature compensation is
not quite as good. The compensating current is obtained
through a resistor connected across a diode which is boot-
strapped to the output. The diode acts as a regulator so that
the compensating current does not change appreciably with
signal level, giving input impedances about 1000 MO. The
negative temperature coefficient of the diode voltage also
provides some temperature compensation.

TUH/6925-5

Figure 5. Voltage follower with blas-current compensa-
tion

All the circuits discussed thus far have been tailored for
particular applications. Figure 6 shows a completely-general
scheme wherein both inputs are current compensated over
the full common mode range as well as against power sup-
ply and temperature variations. This circuit is suitable for
use either as a summing amplifier or as a non-inverting am-
plifier. It is not required that the DC impedance seen by both
inputs be equal, although lower drift can be expected if they
are.

As was mentioned earlier, all the bias compensation circuits
require adjustment. With the circuits in Figures 1 and 2, this
is merely a matter of adjusting the potentiometer for zero
output with zero input. It is not so simple with the other
circuits, however. For one, it is difficult to use potentiome-
ters because a very wide range of resistance values are
required to accommodate expected unit-to-unit variations.
Resistor selection must therefore be used. Test circuits for
selecting bias compensation resistors are given in Figure 7.
Hhe 709 end the LM101.
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Figure 6. Blas-current compensation for differential In-
puts

offset voltage compensation

The highly predictable behavior of the emitter-base voltage
of transistors has suggested a unique drift compensation
method; it is shown in Reference 3 that the offset voltage
drift of a differential transistor pair can be reduced by about
an order of magnitude by unbalancing the collector currents
such that the initial offset voltage is zero. The basis for this
comes from the equation for the emitter-base voltage differ-
ential of two transistors operating at the same temperature:

kT IS2 kT IC2AVSE = - loge - - - loge - (1)
q IS1 q IC1

where k is Boltzmann's constant, T is the absolute tempera-
ture, q is the charge of an electron, Is is a constant which
depends only on how the transistor is made and Ic is the
collector current. This equation is derived in Reference 2.

It is worthwhile noting here that these expressions make no
assumptions about the current gain of the transistors. It is
shown in References 5 and 6 that the emitter-base voltage
is a function of collector current, not emitter current. There-
fore, the balance will not be upset by base current (except
for interaction with the DC source resistance).
The first term in Equation (1) is the offset voltage of the two
transistors for equal collector currents. It can be seen that
this offset voltage is directly proportional to the absolute
temperature-a fact which is substantiated by experiment.4
The second term is the change of offset voltage which aris-
es from operating the transistors at unequal collector cur-
rents. For a fixed ratio of collector currents, this is also pro-
portional to absolute temperature. Hence, if the collector
currents are unbalanced in a fixed ratio to give a zero emit-
ter-base voltage differential, the temperature drift will also
be zero.
Experiment indicates that this is indeed true. Thermal drifts
less than 100 ",V over the -55'C to + 125'C temperature
range have been realized consistently. In order to obtain
these low drifts, however, it is almost necessary to use a
monolithic transistor pair, since a 0.05'C temperature differ-
ential will give a 100 ",V drift. With a monolithic pair, the
physical proximity of the devices as well as the high thermal
conductivity of silicon holds this differential to an absolute
minimum.
For low drift, the transistors must operate from a low
enough source resistance that the voltage drop across the
source due to base current (or base current differential if
both bases see the same resistance) is insignificant. Fur-
thermore, the transistors must be operated at a low enough
collector current that the emitter-contact and base-spread-
ing resistances are negligible, since Equation (1) assumes
that they are zero.
A complete amplifier using this principle is shown in Figure
8. A monolithic transistor pair is used as a preamplifier for a
conventional operational amplifier. A null potentiometer,
which is set for zero output for zero input, unbalances the
collector load resistors of the transistor pair such that the
collector currents are unbalanced for zero offset. This gives
minimum drift. An interesting feature of the circuit is that the
performance is relatively unaffected by supply voltage varia-
tions: a 1V change in either supply causes an offset voltage
change of about 10 ",V. This happens because neither term
in Equation (1) is affected by the magnitude of the collector
currents.



Figure 8. Example of a DC amplifier using the drift-compensation technique

With the circuit shown in Figure 8, Equation (8) gives a 25
,..V input-referred drift for every 10 mV of offset voltage drift
or for every 100 nA of offset current drift. It is obvious from
this that the offset current drift is most important if an opera-
tional amplifier with bipolar input transistors is used.

Another important consideration is the matching of the col-
lector load resistors on the preamplifier stage. A 0.1-percent
imbalance in the load resistors due to thermal mismatches
or any other cause will produce a 25 ,..V shift in offset. This
includes the balancing potentiometer which can introduce
an error that will depend on how far it is set off midpoint if it
has a different temperature coefficient than the resistors.

The most obvious use of this type of low drift amplifier is
with thermocouples, magnetometers, current shunts, wire
strain gauges or similar signal sources where very low drift
is required and the source resistance is low enough that the
bias currents do not cause a problem. The 0.5 to 1 ,..vrc
drift" realized with this relatively simple amplifier over a
- 55"C to + 125°C temperature range compares favorably
with the drift figures achieved with chopper amplifiers: 0.4
,..vrc for mechanical choppers, 0.5 ,..vrc with photoelec-
tric choppers over a O"C to 55°C temperature range and 2
,..vrc with field-effect-transistor choppers over a -55"C to
+ 125"C temperature range. In order to give some apprecia-
tion of the level of performance, it is interesting to note that
no substantial improvement in performance would be real-
ized by operating the amplifier in a temperature-controlled
oven. Any improvement would be masked by various ther-
mo-electric effects not directly associated with the amplifier
unless extreme care were taken in the choice of input lead
·Orifts of 0.05 IJ-vrc over a 0-500C temperature range were reported in
Reference 3 using matched discrete transistors in one can.
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In order to get low drift, it is necessary that the gain of the
preamplifier be high enough so that the drift of the opera-
tional amplifier does not degrade performance. The gain
can be determined from the expression for the transcon-
ductance of the input transistors:

~=qle
aYSE kT

Ay = aVOUT
aYlN

ale
=--RLaVSE

where RL is the average value of the two collector load
resistors on the input stage and Ie is the average of the two
collector currents.

SUbstituting Equation (2), this becomes

Ay = qleRL
kT

= qVRL
kT

The input referred drift is then

V
I:>Vos + RL I:>los

I:> IN = ------ Ay
where I:>Vos is the offset voltage drive of the operational
amplifier and I:>los is its offset current drift.

Using Equation (7),

I:>V - kT (I:>Vos + RLl:>los) (8)
IN - qVRL
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material, the method of making connections and the balanc-
ing of thermal paths. These factors are, in fact, important
when making oven tests to verify the drift of the amplifier
since thermoelectric effects can easily produce drift volt-
ages larger than those of the amplifier if they are not proper-
ly handled.

summary
A number of compensation circuits designed to increase the
DC resolution of monolithic operational amplifiers have
been presented. Both current compensation techniques for
high impedance levels as well as methods of achieving
chopper-stabilized drift performance at low impedance lev-
els have been covered.

Fairly-simple current compensation which requires that the
impedance levels be fixed have been described along with
compensation which is effective in cases where the source
impedance is not well defined. This latter category includes
long-interval integrators, sample-and-hold circuits,
SWitched-gain amplifiers or voltage followers which operate
from an unknown source. The application of these schemes
is generally limited to integrated amplifiers since modular
amplifiers almost always incorporate current compensation.

The drift-reduction techniques provide stabilities better than
0.5 ",V /'C for low impedance sources, such as thermocou-
ples, current shunts or strain gauges. With a properly de-
signed circuit, compensation depends only on a single room
temperature adjustment, so excellent performance can be
obtained from a fairly-simple amplifier.
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Introduction
Operational amplifiers are undoubtedly the easiest and best
way of performing a wide range of linear functions from sim-
ple amplification to complex analog computation. The cost
of monolithic amplifiers is now less than $2.00, in large
quantities, which makes it attractive to design them into cir-
cuits where they would not otherwise be considered. Yet
low cost is not the only attraction of monolithic amplifiers.
Since all components are simultaneously fabricated on one
chip, much higher circuit complexities than can be used with
discrete amplifiers are economical. This can be used to give
improved performance. Further, there are no insurmount-
able technical difficulties to temperature stabilizing the am-
plifier chip, giving chopper-stabilized performance with little
added cost.

Operational amplifiers are designed for high gain, low offset
voltage and low input current. As a result, de biasing is con-
siderably simplified in most applications; and they can be
used with fairly simple design rules because many potential
error terms can be neglected. This article will give examples
demonstrating the range of usefulness of operational ampli-
fiers in linear circuit design. The examples are certainly not
all-inclusive, and it is hoped that they will stimulate even
more ideas from others. A few practical hints on preventing
oscillations in operational amplifiers will also be given since
this is probably the largest single problem that many engi-
neers have with these devices.

Although the designs presented use the LM101 operational
amplifier and the LM102 voltage follower produced by Na-
tional Semiconductor, most are generally applicable to all
monolithic devices if the manufacturer's recommended fre-
quency compensation is used and differences in maximum
ratings are taken into account. A complete description of
the LM 101 is given elsewhere; 1 but, briefly, it differs from
most other monolithic amplifiers, such as the LM709,2 in
that it has a ± 30V differential input voltage range, a + 15V,
-12V common mode range with ± 15V supplies and it can
be compensated with a single 30 pF capacitor. The
LM102,3 which is also used here, is designed specifically as
a voltage follower and features a maximum input current of
10 nA and a 10 V/lJos slew rate.

operational-amplifier oscillator
The free-running multivibrator shown in Figure 1 is an excel-
lent example of an application where one does not normally
consider using an operational amplifier. However, this circuit
operates at low frequencies with relatively small capacitors
because it can use a longer portion of the capacitor time
constant since the threshold point of the operational amplifi-
er is well determined. In addition, it has a completely-sym-
metrical output waveform along with a buffered output, al-
though the symmetry can be varied by returning R2 to some
voltage other than ground.
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Figure 1. Free-running multlvlbrator
Another advantage of the circuit is that it will always self
start and cannot hang up since there is more de negative
feedback than positive feedback. This can be a problem
with many "textbook" multivibrators.

Since the operational amplifier is used open loop, the usual
frequency compensation components are not required
since they will only slow it down. But even without the 30 pF
capacitor, the LM101 does have speed limitations which re-
strict the use of this circuit to frequencies below about 2
kHz.

The large input voltage range of the LM 101 (both differential
and single ended) permits large voltage swings on the input
so that several time constants of the timing capacitor, C1,
can be used. With most other amplifiers, R2 must be re-
duced to keep from exceeding these ratings, which requires
that C1 be increased. Nonetheless, even when large values
are needed for C1, smaller polarized capacitors may be
used by returning them to the positive supply voltage in-
stead of ground.

level shifting amplifier
Frequently, in the design of linear equipment, it is necessary
to take a voltage which is referred to some de level and
produce an amplified output which is referred to ground.
The most straight-forward way of doing this is to use a dif-
ferential amplifier similar to that shown in Figure 28. This
circuit, however, has the disadvantages that the signal
source is loaded by current from the input divider, R3 and
R4, and that the feedback resistors must be very well
matched to prevent erroneous outputs from the common
mode input signal.



A circuit which does not have these problems is shown in
Figure 2b. Here, an FET transistor on the output of the oper-
ational amplifier produces a voltage drop across the feed-
back resistor, R1, which is equal to the input voltage. The
voltage across R2 will then be equal to the input voltage
multiplied by the ratio, R2/R1; and the common mode rejec-
tion will be as good as the basic rejection of the amplifier,
independent of the resistor tolerances. This voltage is buff-
ered by an LM102 voltage follower to give a low impedance
output.
An advantage of the LM101 in this circuit is that it will work
with input voltages up to its positive supply voltages as long
as the supplies are less than ± 15V.

voltage comparators
The LM101 is well suited to comparator applications for two
reasons: first, it has a large differential input voltage range
and, second, the output is easily clamped to make it com-
patible with various driver and logic circuits. It is true that it
doesn't have the speed of the LM7104 (10 /Ls versus 40 ns,
under equivalent conditions); however, in many linear appli-
cations speed is not a problem and the lower input currents
along with higher voltage capability of the LM101 is a tre-
mendous benefit.
Two comparator circuits using the LM101 are shown in Fig-
ure 3. The one in Figure 38 shows a clamping scheme
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which makes the output signal directly compatible with DTL
or TIL integrated circuits. An LM103 breakdown diode
clamps the output at OV or 4V in the low or high states,
respectively. This particular diode was chosen because it
has a sharp breakdown and low equivalent capacitance.
When working as a comparator, the amplifier operates open
loop so normally no frequency compensation is needed.
Nonetheless, the stray capacitance between Pins 5 and 6 of
the amplifier should be minimized to prevent low level oscil-
lations when the comparator is in the active region. If this
becomes a problem a 3 pF capacitor on the normal com-
pensation terminals will eliminate it.
Figure 3b shows the connection of the LM101 as a compar-
ator and lamp driver. 01 switches the lamp, with R2 limiting
the current surge resulting from turning on a cold lamp. R1
determines the base drive to 01 while D1 keeps the amplifi-
er from putting excessive reverse bias on the emitter-base
junction of 01 when it turns off.

more output current swing
Because almost all monolithic amplifiers use class-B output
stages, they have good loaded output voltage swings, deliv-
ering ± 10V at 5 mA with ± 15V supplies. Demanding much
more current from the integrated circuit would require, for
one, that the output transistors be made considerably larg-
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b. level-lsolatlon amplifier
Figure 2. Level-shifting amplifiers
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Figure 4. High current output buffer
er. In addition, the increased dissipation could give rise to
troublesome thermal gradients on the chip as well as exces-
sive package heating in high-temperature applications. It is
therefore advisable to use an external buffer when large
output currents are needed.
A simple way of accomplishing this is shown in Figure 4. A
pair of complementary transistors are used on the output of
the LM101 to get the increased current swing. Although this
circuit does have a dead zone, it can be neglected at fre-
quencies below 100 Hz because of the high gain of the
amplifier. R1 is included to eliminate parasitic oscillations
from the output transistors. In addition, adequate bypassing
should be used on the collectors of the output transistors to
insure that the output signal is not coupled back into the
amplifier. This circuit does not have current limiting, but it
can be added by putting son resistors in series with the
collectors of 01 and 02.

an fet amplifier
For ambient temperatures less than about 70·C, junction
field effect transistors can give exceptionally low input cur-
rents when they are used on the input stage of an opera-
tional amplifier. However, monolithic FET amplifiers are not
now available since it is no simple matter to diffuse high
quality FET's on the same chip as the amplifier. Nonethe-
less, it is possible to make a good FET amplifier using a
discrete FET pair in conjunction with a monolithic circuit.

Such a circuit is illustrated in Figure 5. A matched FET pair,
connected as source followers, is put in front of an integrat-
ed operational amplifier. The composite circuit has roughly
the same gain as the integrated circuit by itself and is com-
pensated for unity gain with a 30 pF capacitor as shown.
Although it works well as a summing amplifier, the circuit
leaves something to be desired in applications requiring
high common mode rejection. This happens both because
resistors are used for current sources and because the
FET's by themself do not have good common mode rejec-
tion.

Rl
120K R3
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Figure 5. FET operational amplifier

storage circuits
A sample-and-hold circuit which combines the low input cur-
rent of FET'Swith the low offset voltage of monolithic ampli-
fiers is shown in Figure 6. The circuit is a unity gain amplifier
employing an operational amplifier and an FET source fol-
lower. In operation, when the sample switch, 02, is turned
on, it closes the feedback loop to make the output equal to
the input, differing only by the offset voltage of the LM101.
When the switch is opened, the charge stored on C2 holds
the output at a level equal to the last value of the input
voltage.
Some care must be taken in the selection of the holding
capacitor. Certain types, including paper and mylar, exhibit a
polarization phenomenon which causes the sampled volt-
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Figure 6. Low drift sample and hold

age to drop off by about 50 mV, and then stabilize, when the
capacitor is exercised over a 5V range during the sample
interval. This drop off has a time constant in the order of
seconds. The effect, however, can be minimized by using
capacitors with teflon, polyethylene, glass or polycarbonate
dielectrics.
Although this circuit does not have a particularly low output
resistance, fixed loads do not upset the accuracy since the
loading is automatically compensated for during the sample
interval. However, if the load is expected to change after
sampling, a buffer such as the LM102 must be added be-
tween the FET and the output.
A second pole is introduced into the loop response of the
amplifier by the switch resistance and the holding capacitor,
C2. This can cause problems with overshoot or oscillation if
it is not compensated for by adding a resistor, R1, in series
with the LM101 compensation capacitor such that the
breakpoint of the R1C1 combination is roughly equal to that
of the switch and the holding capacitor.
It is possible to use an MaS transistor for 01 without worry-
ing about the threshold stability. The threshold voltage is
balanced out during every sample interval so only the short-
term threshold stability is important. When MaS transistors
are used along with mechanical switches, drift rates less
than 10 mV/min can be realized.
Additional features of the circuit are that the amplifier acts
as a buffer so that the circuit does not load the input signal.
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Figure 7. Positive peak detector with buffered output

Further, gain can also be provided by feeding back to the
inverting input of the LM101 through a resistive divider in-
stead of directly.
The peak detector in Figure 7 is similar in many respects to
the sample-and-hold circuit. A diode is used in place of the
sampling switch. Connected as shown, it will conduct when-
ever the input is greater than the output, so the output will
be equal to the peak value of the input voltage. In this case,
an LM102 is used as a buffer for the storage capacitor,
giving low drift along with a low output resistance.
As with the sample and hold, the differential input voltage
range of the LM101 permits differences between the input
and output voltages when the circuit is holding.

non-linear amplifiers

When a non-linear transfer function is needed from an oper-
ational amplifier, many methods of obtaining it present
themself. However, they usually require diodes and are
therefore difficult to temperature compensate for accurate
breakpoints. One way of getting around this is to make the
output swing so large that the diode threshold is negligible
by comparison, but this is not always practical.
A method of producing very sharp, temperature-stable
breakpoints in the transfer function of an operational amplifi-
er is shown in Figure 8. For small input signals, the gain is
determined by R1 and R2. Both 02 and 03 are conducting
to some degree, but they do not affect the gain because
their current gain is high and they do not feed any apprecia-
ble current back into the summing mode. When the output
voltage rises to 2V (determined by R3, R4 and V-), 03
draws enough current to saturate, connecting R4 in parallel
with R2. This cuts the gain in half. Similarly, when the output
voltage rises to 4V, 02 will saturate, again halving the gain.
Temperature compensation is achieved in this circuit by in-
cluding 01 and 04. 04 compensates the emitter-base volt-
age of 02 and 03 to keep the voltage across the feedback
resistors, R4 and R6, very nearly equal to the output voltage
while 01 compensates for the emitter base voltage of these
transistors as they go into saturation, making the voltage
across R3 and R5 equal to the negative supply voltage. A
detrimental effect of 04 is that it causes the output resist-
ance of the amplifier to increase at high output levels. It may
therefore be necessary to use an output buffer if the circuit
must drive an appreciable load.

servo preamplifier
In certain servo systems, it is desirable to get the rate signal
required for loop stability from some sort of electrical, lead
network. This can, for example, be accomplished with reac-
tive elements in the feedback network of the servo pream-
plifier.



Many saturating servo amplifiers operate over an extremely
wide dynamic range. For example, the maximum error signal
could easily be 1000 times the signal required to saturate
the system. Cases like this create problems with electrical
rate networks because they cannot be placed in any part of
the system which saturates. If the signal into the rate net-
work saturates, a rate signal will only b6 developed over a
narrow range of system operation; and instability will result
when the error becomes large. Attempts to place the rate
networks in front of the error amplifier or make the error
amplifier linear over the entire range of error signals fre-
quently gives rise to excessive dc error from signal attenua-
tion.

These problems can be largely overcome using the kind of
circuit shown in Figure 9. This amplifier operates in the lin-
ear mode until the output voltage reaches approximately 3V
with 30 /-LAoutput current from the solar cell sensors. At this
point the breakdown diodes in the feedback loop begin to
conduct, drastically reducing the gain. However, a rate sig-
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Figure 9. saturating servo preamplifier with rate feed-
back . .

nal will still be developed because current is being fed back
into the rate network (R1, R2 and C1) just as it would if the
amplifier had remained in the linear operating region. In fact,
the amplifier will not actually saturate until the error current
reaches 6 mA, which would be the same as having a linear
amplifier with a ± 600V output swing.

computing circuits

In analog computation it is a relatively simple matter to per-
form such operations as addition, subtraction, integration
and differentiation by incorporating the proper resistors and
capacitors in the feedback circuit of an amplifier. Many of
these circuits are described in reference 5. Multiplication
and division, however, are a bit more difficult. These opera-
tions are usually performed by taking the logarithms of the
quantities, adding or subtracting as required and then taking
the antilog.

At first glance, it might appear that obtaining the log of a
voltage is difficult; but it has been shown6 that the emitter-
base voltage of a silicon transistor follows the log of its col-
lector current over as many as nine decades. This means
that common transistors can be used to perform the log and
antilog operations.

A circuit which performs both multiplication and division in
this fashion is shown in Figure 10. It gives an output which is
proportional to the product of two inputs divided by a third,
and it is about the same complexity as a divider alone.

The circuit consists of three log converters and an antilog
generator. Log converters similar to these have been de-
scribed elsewhere,? but a brief description follows. Taking
amplifier A 1, a logging transistor, 01, is inserted in the feed-
back loop such that its collector current is equal to the input
voltage divided by the input resistor, R1. Hence, the emitter-
base voltage of 01 will vary as the log of the input voltage
E1.
A2 is a similar amplifier operating with logging transistor,
02.The emitter-base junctions of 01 and 02 are connected
in series, adding the log voltages. The third log converter
produces the log of E3. This is series-connected with the
antilog transistor, 04; and the combination is hoo~ed in par-
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allel with the output of the other two log convertors. There-
fore, the emitter-base of 04 will see the log of E3 subtracted
from the sum of the logs of E1 and E2. Since the collector
current of a transistor varies as the exponent of the emitter-
base voltage, the collector current of 04 will be proportional
to the product of E1 and E2 divided by E3. This current is
fed to the summing amplifier, A4, giving the desired output.
This circuit can give 1-percent accuracy for input voltages
from SOOmV to SOY.To get this precision at lower input
voltages, the offset of the amplifiers handling them must be
individually balanced out. The zener diode, 04, increases
the the collector-base voltage across the logging transistors
to improve high current operation. It is not needed, and is in
fact undesirable, when these transistors are running at cur-
rents less than 0.3 mA. At currents above 0.3 mA, the lead
resistances of the transistors can become important (0.2S0
is 1-percent at 1 mAl so the transistors should be installed
with short leads and no sockets.
An important feature of this circuit is that its operation is
independent of temperature because the scale factor
change in the log converter with temperature is compensat-
ed by an equal change in the scale factor of the antilog
generator. It is only required that 01, 02, 03 and 04 be at
the same temperature. Oual transistors should be used and
arranged as shown in the figure so that thermal mismatches

between cans appear as inaccuracies in scale factor (0.3-
percentrc) rather than a balance error (a-percent/'C). R12
is a balance potentiometer which nulls out the offset volt-
ages of all the logging transistors. It is adjusted by setting all
input voltages equal to 2V and adjusting for a 2V output
voltage.
The logging transistors provide a gain which is dependent
on their operating level, which complicates frequency com-
pensation. Resistors (R3, R6 and Rll are put in the amplifier
output to limit the maximum loop gain, and the compensa-
tion capacitor is chosen to correspond with this gain. As a
result, the amplifiers are not especially designed for speed,
but techniques for optimizing this parameter are given in
reference 6.
Finally, clamp diodes 01 through 03, prevent exceeding the
maximum reverse emitter-base voltage of the logging tran-
sistors with negative inputs.

root extractor'
Taking the root of a number using log converters is a fairly
simple matter. All that is needed is to take the log of a
voltage, divide it by, say V. for the square root, and then
-The "extraction" used here doubtless has origin in the dental operation
most of us would fear less than having to find even a square root without
tables or other aids.
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take the antilog. A circuit which accomplishes this is shown
in Figure ". A1 and 01 form the log converter for the input
signal. This feeds 02 which produces a level shift to give
zero voltage into the R4, R5 divider for a 1V input. This
divider reduces the log voltage by the ratio for the root de-
sired and drives the buffer amplifier, A2. A2 has a second
level shifting diode, 03, its feedback network which gives
the output voltage needed to get a 1V output from the anti-
log generator, consisting of A3 and 04, with a unity input.
The offset voltages of the transistors are nulled out by im-
balancing R6 and R8 to give 1V output for 1V input, since
any root of one is one.
02 and 03 are connected as diodes in order to simplify the
circuitry. This doesn't introduce problems because both op-
erate over a very limited current range, and it is really only
required that they match. R7 is a gain-compensating resis-
tor which keeps the currents in 02 and 03 equal with
changes in signal level.
As with the multiplier/divider, the circuit is insensitive to
temperature as long as all the transistors are at the same
temperature. Using transistor pairs and matching them as
shown minimizes the effects of gradients.
The circuit has 1-percent accuracy for input voltages be-
tween 0.5 and 50V. For lower input voltages, A1 and A3
must have their offsets balanced out individually.

frequency compensation hints
The ease of designing with operational amplifiers some-
times obscures some of the rules which must be followed
with any feedback amplifier to keep it from oscillating. In
general, these problems stem from stray capacitance, ex-
cessive capacitive loading, inadequate supply bypassing or
improper frequency compensation.
In frequency compensating an operational amplifier, it is
best to follow the manufacturer's recommendations. How-
ever, if operating speed and frequency response is not a
consideration, a greater stability margin can usually be ob-
tained by increasing the size of the compensation capaci-
tors. For example, replacing the 30 pF compensation ca-
pacitor on the LM101 with a 300 pF capacitor will make it
ten times less susceptible to oscillation problems in the uni-
ty-gain connection. Similarly, on the LM709, using 0.05 I£F,
1.5 kl1, 2000 pF and 5111components instead of 5000 pF,
1.5 kl1. 200 pF and 5111will give 20 dB more stability mar-
gin. Capacitor values less than those specified by the manu-
facturer for a particular gain connection should not be used
since they will make the amplifier more sensitive to strays

and capacitive loading, or the circuit can even oscillate with
worst-case units.
The basic requirement for frequency compensating a feed-
back amplifier is to keep the frequency roll-off of the loop
gain from exceeding 12 dB/octave when it goes through
unity gain. Figure 12a shows what is meant by loop gain.
The feedback loop is broken at the output, and the input
sources are replaced by their equivalent impedance. Then
the response is measured such that the feedback network
is included.
Figure 12b gives typical responses for both uncompensated
and compensated amplifiers. An uncompensated amplifier
generally rolls off at 6 dB/octave, then 12 dB/octave and
even 18 dB/octave as various frequency-limiting effects
within the amplifier come into play. If a loop with this kind of
response were closed, it would oscillate. Frequency com-
pensation causes the gain to roll off at a uniform 6 dB/ oc-
tave right down through unity gain. This allows some margin
for excess rolloff in the external circuitry.
Some of the external influences which can affect the stabili-
ty of an operational amplifier are shown in Figure 13.One is
the load capacitance which can come from wiring, cables or
an actual capacitor on the output. This capacitance works
against the output impedance of the amplifier to attenuate
high frequencies. If this added rolloff occurs before the loop
gain goes through zero, it can cause instability. It should be
remembered that this single rolloff point can give more than
6 dB/octave rolloff since the output impedance of the ampli-
fier can be increasing with frequency.

R3
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Figure 13. External capacitances that affect stability



A second source of excess rolloff is stray capacitance on
the inverting input. This becomes extremely important with
large feedback resistors as might be used with an FET-input
amplifier. A relatively simple method of compensating for
this stray capacitance is shown in Figure 14: a lead capaci-
tor, C1, put across the feedback resistor. Ideally, the ratio of
the stray capacitance to the lead capacitor should be equal
to the closed-loop gain of the amplifier. However, the lead
capacitor can be made larger as long as the amplifier is
compensated for unity gain. The only disadvantage of doing
this is that it will reduce the bandwidth of the amplifier. Os-
cillations can also result if there is a large resistance on the
non-inverting input of the amplifier. The differential input im-
pedance of the amplifier falls off at high frequencies (espe-
cially with bipolar input transistors) so this resistor can pro-
duce troublesome rolloff if it is much greater than 10K, with
most amplifiers. This is easily corrected by bypassing the
resistor to ground.

When the capacitive load on an integrated amplifier is much
greater than 100 pF, some consideration must be given to
its effect on stability. Even though the amplifier does not
oscillate readily, there may be a worst-case set of condi-
tions under which it will. However, the amplifier can be stabi-
lized for any value of capacitive loading using the circuit

Cl
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Figure 14. Compensating stray Input capacitance

shown in Figure 15. The capacitive load is isolated from the
output of the amplifier with R4 which has a value of 50n to
100n for both the LM101 and the LM709. At high frequen-
cies, the feedback path is through the lead capacitor, C1, so
that the lag produced by the load capacitance does not

C1

r
TL/H17357 -18

Figure 15. Compensating for very large capacitive loads

cause instability. To use this circuit, the amplifier must be
compensated for unity gain, regardless of the closed loop
dc gain. The value of C1 is not too important, but at a mini-
mum its capacitive reactance should be one-tenth the re-
sistance of R2 at the unity-gain crossover frequency of the
amplifier.

When an operational amplifier is operated open loop, it
might appear at first glance that it needs no frequency com-
pensation. However, this is not always the case because
the external compensation is sometimes required to stabi-
lize internal feedback loops.

The LM101 will not oscillate when operated open loop, al-
though there may be problems if the capacitance between
the balance terminal on pin 5 and the output is not held to
an absolute minimum. Feedback between these two points
is regenerative if it is not balanced out with a larger feed-
back capacitance across the compensation terminals. Usu-
ally a 3 pF compensation capacitor will completely eliminate
the problem. The LM709 will oscillate when operated open
loop unless a 10 pF capacitor is connected across the input
compensation terminals and a 3 pF capacitor is connected
on the output compensation terminals.

Problems encountered with supply bypassing are insidious
in that they will hardly ever show up in a Nyquist plot. This
problem has not really been thoroughly investigated, proba-
bly because one sure cure is known: bypass the positive
and negative supply terminals of each amplifier to ground
with at least a 0.01 ,..F capacitor.

For example, a LM101 can take over 1 mH inductance in
either supply lead without oscillation. This should not sug-
gest that they should be run without bypass capacitors. It
has been established that 100 LM1 01 's on a single printed
circuit board with common supply busses will oscillate if the
supplies are not bypassed about every fifth device. This
happens even though the inputs and outputs are completely
isolated.

The LM709, on the other hand, will oscillate under many
load conditions with as little as 18 inches of wire between
the negative supply lead and a bypass capacitor. Therefore,
it is almost essential to have a set of bypass capacitors for
every device.

Operational amplifiers are specified for power supply rejec-
tion at frequencies less than the first break frequency of the
open loop gain. At higher frequencies, the rejection can be
reduced depending on how the amplifier is frequency com-
pensated. For both the LM101 and LM709, the rejection of
high frequency signals on the positive supply is excellent.
However, the situation is different for the negative supplies.
These two amplifiers have compensation capacitors from
the output down to a signal point which is referred to the
negative supply, causing the high frequency rejection for the
negative supply to be much reduced. It is therefore impor-
tant to have sufficient bypassing on the negative supply to
remove transients if they can cause trouble appearing on
the output. One fairly large (22 ,..F) tantalum capacitor on
the negative power lead for each printed-circuit card is usu-
ally enough to solve potential problems.

When high-current buffers are used in conjunction with op-
erational amplifiers, supply bypassing and decoupling are
even more important since they can feed a considerable
amount of signal back into the supply lines. For reference,
bypass capacitors of at least 0.1 ,..F are required for a
50 mA buffer.

When emitter followers are used to drive long cables, addi-
tional precautions are required. An emitter follower by it-



self-which is not contained in a feedback loop-will fre-
quently oscillate when connected to a long length of cable.
When an emitter follower is connected to the output of an
operational amplifier, it can produce oscillations that will
persist no matter how the loop gain is compensated. An
analysis of why this happens is not very enlightening, so
suffice it to say that these oscillations can usually be elimi-
nated by putting a ferrite bead8 between the emitter follower
and the cable.
Considering the loop gain of an amplifier is a valuable tool in
understanding the influence of various factors on the stabili-
ty of feedback amplifiers. But it is not too helpful in deter-
mining if the amplifier is indeed stable. The reason is that
most problems in a well-designed system are caused by
secondary effects-which occur only under certain condi-
tions of output voltage, load current, capacitive loading,
temperature, etc. Making frequency-phase plots under all
these conditions would require unreasonable amounts of
time, so it is invariably not done.
A better check on stability is the small-signal transient re-
sponse. It can be shown mathematically that the transient
response of a network has a one-for-one correspondence
with the frequency domain response.t The advantage of
transient response tests is that they are displayed instanta-
neously on an oscilloscope, so it is reasonable to test a
circuit under a wide range of conditions.
Exact methods of analysis using transient response will not
be presented here. This is not because these methods are
difficult, although they are. Instead, it is because it is very
easy to determine which conditions are unfavorable from
the overshoot and ringing on the step response. The stabili-
ty margin can be determined much more easily by how
much greater the aggravating conditions can be made be-
fore the circuit oscillates than by analysis of the response
under given conditions. A little practice with this technique
can quickly yield much better results than classical methods
even for the inexperienced engineer.

summary

A number of circuits using operational amplifiers have been
proposed to show their versatility in circuit design. These
have ranged from low frequency oscillators through circuits
for complex analog computation. Because of the low cost of

monolithic amplifiers, it is almost foolish to design dc ampli-
fiers without integrated circuits. Moreover, the price makes it
practical to take advantage of operational-amplifier perform-
ance in a variety of circuits where they are not normally
used.
Many of the potential oscillation problems that can be en-
countered in both discrete and integrated operational ampli-
fiers were described, and some conservative solutions to
these problems were presented. The areas discussed in-
cluded stray capacitance, capacitive loading and supply by-
passing. Finally, a simplified method of quickly testing the
stability of amplifier circuits over a wide range of operating
conditions was suggested.
tThe frequency-domain characteristics can be determined from the impulse
response of a network and this is directly relatable to the step response
through the convolution integral.
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Current Amplifier

INTRODUCTION v+ v+
The LH0002 Current Amplifier integrated building block pro- I Z
vides a wide band unity gain amplifier capable of providing
peak currents of up to ± 200 mA into a 500 load.

The circuit uses thick film technology to integrate 2 NPN
RZ
un

and 2 PNP complementary matched silicon transistors with L-"nJ4 cermet resistors on a single alumina ceramic substrate. A
circuit schematic is shown in Figure 1. The negative thermal

,....
feedback provided by the close proximity of the compo- """" QI ""-3
nents on a single substrate eliminates any thermal runaway -
problem that could occur if this circuit were constructed us- R3

ing discrete components.
zn

A typical circuit features a dynamic input impedance of INPUT 1- ~4 OUTPUT
200 kO. an output impedance of 60, DC to 50 MHz band-
width, and an output voltage swing that approaches supply R4
voltage. A complete list of the guaranteed and typical values zn
for the electrical characteristics under the stated conditions -r.. QZ ~§
is given in Table I. These features make the LH0002 ideal
for integration with an operational amplifier inside a closed 1M Q4
loop configuration to increase its current output. The sym-

""metrical class AB output portion of the circuit also provides RI
a constant low output impedance for both the positive and un
negative slopes of output pulses.

~
CIRCUIT OPERATION 7 6
The majority of circuit applications will use symmetrical pow- v- v-
er supplies, with equal positive voltage being applied to pins TLiK/7315-1

1 and 2, and equal negative voltage applied to pins 6 and 7. FIGURE 1. Circuit Schematic

TABLE I. Electrical characteristics, specification applies for TA = 25°C
with + 12.0V on pins 1 and 2; -12.0V on pins 6 and 7.

Parameters Conditions Mln Typ Max Units

Voltage Gain Rs = 10 kO, RL = 1.0 kO
VIN = 3.0 Vpp, f = 1.0 kHz 0.95 0.97
TA = 55°C to 125°C

Input Impedance Rs = 200 kO, VIN = 1.0 Vrms,
180 200 - kO

f = 1.0 kHz, RL = 1.0 kO

Output Impedance VIN = 1.0 Vrms, f = 1.0 kHz - 6 10 0
RL = 500, Rs = 10 kO

Output Voltage Swing RL = 1.0 kO, f = 1.0 kHz ±10 ±11 - V

DC Input Offset Voltage Rs = 10 kO, RL = 1.0 kO
- ±40 ±100 mV

TA = -55°C to 125°C

DC Input Offset Current Rs = 10 kO, RL = 1.0 kO - ±6.0 ±10 IJ-A
TA = -55°C to 125°C

Harmonic Distortion VIN = 5.0 Vrms, f = 1.0 kHz - 0.1 - %

Bandwidth VIN = 1.0 Vrms, RL = 500
30 MHz

Rs = 1000
50 -

Positive Supply Current Rs = 10 kO, RL = 1 kO - +6.0 +10.0 mA

Negative Supply Current Rs = 10 kO, RL = 1 kO - -6.0 -10.0 mA



The reason that pin 2 and pin 6 are not connected internally
to pin 1 and pin 7, respectively, is to increase the versatility
of circuit operation by allowing a decreased voltage to be
applied to pins 2 and 6 to minimize the power dissipation in
03 and 04. The larger voltage applied to the input stage
also provides increased current drive as required to the out-
put stage.
The operation of the circuit can be understood by consider-
ing that the input pin 8 is at VIN. The emitter of 01 will be
approximately 0.6V more positive than VIN at 2SoC,and the
converse is true for 02. This 0.6V will provide a forward bias
on 03 to cancel out the 01 base to emitter drop which in
turn would provide VINat the output if all junctions, resistors,
power supplies, etc., were electrically identical. The greatest
error is introduced because the forward drops in the base-
emitter junctions for the NPN and PNP devices are slightly
different. For example, the VSE of the NPN will be typically
0.6V and the VSE of the PNP will be typically 0.64V under
the same conditions of lc = 2.4 mA at VCE = 12.0V at
2SoC.These are the approximate input stage circuit condi-
tions for 01 and 02 for plus and minus 12V supplies. Fortu-
nately, this error in both input and output offset voltage is
almost always negligible when it is used inside the closed
loop of a high gain operational amplifier.
A plot of input impedance vs frequency is shown in Figure 2.
Inspection of this plot shows that the input impedance can
be closely approximated to that of a simple first order linear
network with a 4SOphase lag at 0.6 MHz and a 90° phase
lag at approximately one decade higher in frequency. This
information is very useful for designers who have to inte-
grate circuits which have large source impedances over a
wide frequency range. The output impedance of the amplifi-
er is very low, 60 typically, and in conjunction with a voltage
bandwidth of approximately SOMHz can be considered to
be insignificant for most applications for this type of device.
A plot of the voltage bandwidth is shown in Figure 3. Inspec-
tion of this plot shows that phase information as well as gain
information was included to assist users of this device. For
example, at 10 MHz, less than an 8° phase lag would be
subtracted from the phase margin of an operational amplifi-
er when it is integrated with this device. The open loop gain
of the operational amplifier would be decreased by less than
10% at 10 MHz and therefore can be considered to be in-
significant for most applications.
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APPLICATIONS
Figure 4 shows the LH0002 integrated with the LHOOOSto
provide differential inputs and outputs. In order for this cir-
cuit to function properly, a load must be floated between the
outputs of the two devices to provide a complete loop of
feedback. A differential head on a scope across the load
presents a true waveform of the actual signal being applied
to it. If only one end of the load is displayed, it will appear
distorted because this information is being fed back nega-
tively to the input in order to cancel out the loop distortion of
the overall amplifier. With the compensation shown, a 20V
peak to peak signal can be applied to a 1000 load to 80
kHz. The overall circuit is approximately 33% efficient under
these conditions. A derating factor and/or heat sink must be
used at higher temperatures, as shown by the LH0002 and
LHOOOSdata sheets.
Additional output power could also be obtained by connect-
ing another LH0002 to pin 9 of the operational amplifier.
The overall load distortion under high circuit voltage gain
configurations would also be reduced using two LH0002's
because the LH0002 is more linear than the simple output
circuits of these particular operational amplifiers.
Figure 5 shows the LH0002 integrated with the LM101 in a
booster follower configuration. The configuration is stable
without the requirement for any external compensation;
however, it would behoove the designer to be conservative
and bypass both the negative and positive power supplies
with at least a 0.01 I'-f capacitor to cancel out any power
supply lead inductance. A 1000 damping resistor, located
right at the input of the LH0002, might also be required be-
tween the operational amplifier and the booster amplifier.
The physical layout will determine the requirement for this
type of oscillation suppression. Current limiting can be add-
ed by incorporating series resistors from pins 2 and 6 to
their respective power supplies. The exact value would be a
function of power supply voltage and required operating
temperature.
A breadboard of this configuration was assembled to empiri-
cally check the increase in offset voltage due to the addition
of the LH0002. The offset voltage was measured with and
without an LH0002 inside the loop with a voltage gain of
100, at - SsoC,2SoCand 12SoC.The additional offset volt-
age was less than 0.3% for all three temperature conditions
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even though the offset voltage of the LH0002 is much high-
er than that of the LM101. The high open loop gain of the
LM101 divides out this source of circuit error. The integra-
tion of this device also allows higher closed loop circuit gain
without excessive cross-over distortion than would be ob-
tainable with the simple booster amplifier shown in Figure 6.

Figure 7 shows the LH0002 being used as a level shifter
with a high pass filter on the input in order to reference the
output to zero quiescent volts. The purpose of the 10 kO
resistor is to provide current bias to the circuit's input tran-
sistors to reduce the output offset voltage. Figure 3, Input

Impedance vs Frequency, provides a useful design aid in
order to determine the value of the capacitor for the particu-
lar application. The 10 kO resistor, of course, has to be
considered as being in parallel with the circuit's input imped-
ance.
For a pulse input signal, the output impedance of the circuit
remains low for both the positive and negative portions of
the output pulse. This circuit provides both fast rise and fall
times for pulse signals, even with capacitive loading. The
LH0002 data sheet shows typical rise and fall times for both
positive and negative pulses into a 500 load.

TUK/7315-6

FIGURE 6. Simple Booster Amplifier
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FIGURE 7. Level Shlfter
Figure 8 shows the LH0002 being used to drive a pulse-
transformer. The low output offset voltage allows the pulse
transformer to be directly coupled to the amplifier without
using a coupling capacitor to prevent saturation. The pulse
transformer can be used to change the amplitude and im-

pedance level of the pulse, the polarity of the pulses, or,
with the aid of a center-tapped winding, positive and nega-
tive pulses simultaneously.
The LH0002 can also be used to drive long transmission
lines. Figure 9 shows a circuit configuration to match the
output impedance of the amplifier to the load and coaxial
cable for proper line termination to minimize reflections. A
capacitor can be added to empirically adjust the time re-
sponse of the waveform.

TL/K/7315-9

FIGURE 9. Transmission Line Driver

SUMMARY
The multitude of different applications suggested in this arti-
cle shows the versatility of the LH0002. The applications
specially covered were for a differential input-output opera-
tional amplifier, booster amplifier, level shiller, driver for a
pulse-transformer, and transmission line driver.
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~ An Applications Guide for
OpAmps

INTRODUCTION
The general utility of the operational amplifier is derived
from the fact that it is intended for use in a feedback loop
whose feedback properties determine the feed-forward
characteristics of the amplifier and loop combination. To suit
it for this usage, the ideal operational amplifier would have
infinite input impedance, zero output impedance, infinite
gain and an open-loop 3 dB point at infinite frequency rolling
off at 6 dB per octave. Unfortunately, the unit cost-in quan-
tity-would also be infinite.

Intensive development of the operational amplifier, particu-
larly in integrated form, has yielded circuits which are quite
good engineering approximations of the ideal for finite cost.
Quantity prices for the best contemporary integrated amplifi-
ers are low compared with transistor prices of five years
ago. The low cost and high quality of these amplifiers allows
the implementation of equipment and systems functions im-
practical with discrete components. An example is the low
frequency function generator which may use 15 to 20 opera-
tional amplifiers in generation, wave shaping, triggering and
phase-locking.

The availability of the low-cost integrated amplifier makes it
mandatory that systems and equipments engineers be fa-
miliar with operational amplifier applications. This paper will
present amplifier usages ranging from the simple unity-gain
buffer to relatively complex generator and wave shaping cir-
cuits. The general theory of operational amplifiers is not
within the scope of this paper and many excellent refer-
ences are available in the literature.1 ,2,3,4 The approach will
be shaded toward the practical, amplifier parameters will be
discussed as they affect circuit performance, and applica-
tion restrictions will be outlined.

The applications discussed will be arranged in order of in-
creasing complexity in five categories: simple amplifiers, op-
erational circuits, transducer amplifiers, wave shapers and
generators, and power supplies. The integrated amplifiers
shown in the figures are for the most part internally compen-
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sated so frequency stabilization components are not shown;
however, other amplifiers may be used to achieve greater
operating speed in many circuits as will be shown in the text.
Amplifier parameter definitions are contained in Appendix I.

THE INVERTING AMPLIFIER
The basic operational amplifier circuit is shown in Figure 1.
This circuit gives closed-loop gain of R2/R1 when this ratio
is small compared with the amplifier open-loop gain and, as
the name implies, is an inverting circuit. The input imped-
ance is equal to R1. The closed-loop bandwidth is equal to
the unity-gain frequency divided by one plus the closed-loop
gain.

The only cautions to be observed are that R3 should be
chosen to be equal to the parallel combination of R1 and R2
to minimize the offset voltage error due to bias current and
that there will be an offset voltage at the amplifier output
equal to closed-loop gain times the offset voltage at the
amplifier input.

R2
VOUT ~ Ai'VIN

R3 ~ Rl II R2

For minimum error due
to input bias current

TL/H/6822-1

Offset voltage at the input of an operational amplifier is
comprised of two components, these components are iden-
tified in specifying the amplifier as input offset voltage and
input bias current. The input offset voltage is fixed for a
particular amplifier, however the contribution due to input



bias current is dependent on the circuit configuration used.
For minimum offset voltage at the amplifier input without
circuit adjustment the source resistance for both inputs
should be equal. In this case the maximum offset voltage
would be the algebraic sum of amplifier offset voltage and
the voltage drop across the source resistance due to offset
current. Amplifier offset voltage is the predominant error
term for low source resistances and offset current causes
the main error for high source resistances.
In high source resistance applications, offset voltage at the
amplifier output may be adjusted by adjusting the value of
R3 and using the variation in voltage drop across it as an
input offset voltage trim.
Offset voltage at the amplifier output is not as important in
AC coupled applications. Here the only consideration is that
any offset voltage at the output reduces the peak to peak
linear output swing of the amplifier.
The gain-frequency characteristic of the amplifier and its
feedback network must be such that oscillation does not
occur. To meet this condition, the phase shift through ampli-
fier and feedback network must never exceed 180' for any
frequency where the gain of the amplifier and its feedback
network is greater than unity. In practical applications, the
phase shift should not approach 180' since this is the situa-
tion of conditional stability. Obviously the most critical case
occurs when the attenuation of the feedback network is
zero.
Amplifiers which are not internally compensated may be
used to achieve increased performance in circuits where
feedback network attenuation is high. As an example, the
LM101 may be operated at unity gain in the inverting amplifi-
er circuit with a 15 pF compensating capacitor, since the
feedback network has an attenuation of 6 dB, while it re-
quires 30 pF in the non-inverting unity gain connection
where the feedback network has zero attenuation. Since
amplifier slew rate is dependent on compensation, the
LM101 slew rate in the inverting unity gain connection will
be twice that for the non-inverting connection and the in-
verting gain of ten connection will yield eleven times the
slew rate of the non-inverting unity gain connection. The
compensation trade-off for a particular connection is stabili-
ty versus bandwidth, larger values of compensation capaci-
tor yield greater stability and lower bandwidth and vice
versa.
The preceding discussion of offset voltage, bias current and
stability is applicable to most amplifier applications and will
be referenced in later sections. A more complete treatment
is contained in Reference 4.

THE NON-INVERTING AMPLIFIER
Figure 2 shows a high input impedance non-inverting circuit.
This circuit gives a closed-loop gain equal to the ratio of the
sum of R1 and R2 to R1 and a closed-loop 3 dB bandwidth
equal to the amplifier unity-gain frequency divided by the
closed-loop gain.
The primary differences between this connection and the
inverting circuit are that the output is not inverted and that
the input impedance is very high and is equal to the differen-
tial input impedance multiplied by loop gain. (Open loop
gain/Closed loop gain.) In DC coupled applications. input
impedance is not as important as input current and its volt-
age drop across the source resistance.
Applications cautions are the same for this amplifier as for
the inverting amplifier with one exception. The amplifier out-
put will go into saturation if the input is allowed to float. This
may be important if the amplifier must be switched from
source to source. The compensation trade off discussed for
the inverting amplifier is also valid for this connection.

R2 Rl + R2
VOUT ~ -R-1-V,N

R1 II R2 ~ RSOURCE

For minimum error due
to input bias current

TL/H/6822-2

FIGURE 2. Non-Inverting Amplifier

THE UNITY-GAIN BUFFER
The unity-gain buffer is shown in Figure 3. The circuit gives
the highest input impedance of any operational amplifier cir-
cuit. Input impedance is equal to the differential input imped-
ance multiplied by the open-loop gain, in parallel with com-
mon mode input impedance. The gain error of this circuit is
equal to the reciprocal of the amplifier open-loop gain or to
the common mode rejection, whichever is less.

VOUT ~ V,N

R1 ~ RSOURCE

For minimum error due
to input bias current

TL/H/6822-3
FIGURE 3. Unity Gain Buffer



Input impedance is a misleading concept in a DC coupled
unity-gain buffer. Bias current for the amplifier will be sup-
plied by the source resistance and will cause an error at the
amplifier input due to its voltage drop across the source
resistance. Since this is the case, a low bias current amplifi-
er such as the LH1026 should be chosen as a unity-gain
buffer when working from high source resistances. Bias cur-
rent compensation techniques are discussed in Reference
5.
The cautions to be observed in applying this circuit are
three: the amplifier must be compensated for unity gain op-
eration, the output swing of the amplifier may be limited by
the amplifier common mode range, and some amplifiers ex-
hibit a latch-up mode when the amplifier common mode
range is exceeded. The LM107 may be used in this circuit
with none of these problems; or, for faster operation, the
LM102 may be chosen.

(V, V2 V3)
VOUT ~ -A4 Ai' + R2 + R3
AS ~ Al II A2 II A3 II A4
For minimum offset error due
to input bias current

Tl/H/6822-4

SUMMING AMPLIFIER
The summing amplifier, a special case of the inverting am-
plifier, is shown in Figure 4. The circuit gives an inverted
output which is equal to the weighted algebraic sum of all
three inputs. The gain of any input of this circuit is equal to
the ratio of the appropriate input resistor to the feedback
resistor, R4. Amplifier bandwidth may be calculated as in
the inverting amplifier shown in Figure 1 by assuming the
input resistor to be the parallel combination of R1, R2, and
R3. Application cautions are the same as for the inverting
amplifier. If an uncompensated amplifier is used, compensa-
tion is calculated on the basis of this bandwidth as is dis-
cussed in the section describing the simple inverting amplifi-
er.
The advantage of this circuit is that there is no interaction
between inputs and operations such as summing and
weighted averaging are implemented very easily.

THE DIFFERENCE AMPLIFIER
The difference amplifier is the complement of the summing
amplifier and allows the subtraction of two voltages or, as a
special case, the cancellation of a signal common to the
two inputs. This circuit is shown in Figure 5 and is useful as
a computational amplifier, in making a differential to single-
ended conversion or in rejecting a common mode signal.

(
Al + A2) A4 A2

VOUT ~ A3 + A4 Ai'V2 - Ai'v,
For Al ~ A3 and A2 = A4

VOUT ~ ~(V2 - V,)
Al

Al II A2 ~ A3 II A4

For minimum offset error
due to input bias current

Circuit bandwidth may be calculated in the same manner as
for the inverting amplifier, but input impedance is somewhat
more complicated. Input impedance for the two inputs is not
necessarily equal; inverting input impedance is the same as
for the inverting amplifier of Figure 1 and the non-inverting
input impedance is the sum of R3 and R4. Gain for either
input is the ratio of R1 to R2 for the special case of a differ-
ential input single-ended output where R1 = R3 and R2 =
R4. The general expression for gain is given in the figure.
Compensation should be chosen on the basis of amplifier
bandwidth.
Care must be exercised in applying this circuit since input
impedances are not equal for minimum bias current error.

DIFFERENTIATOR

The differentiator is shown in Figure 6 and, as the name
implies, is used to perform the mathematical operation of
differentiation. The form shown is not the practical form, it is
a true differentiator and is extremely susceptible to high fre-
quency noise since AC gain increases at the rate of 6 dB
per octave. In addition, the feedback network of the differ-
entiator, R1C1, is an RC low pass filter which contributes
90' phase shift to the loop and may cause stability problems
even with an amplifier which is compensated for unity gain.

Rl

d
VOUT ~ -Alel di(VIN)

Al ~ A2

For minimum offset error
due to input bias current

TL/H/6822-6
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FIGURE 7. Practical Dlfferentlator

A practical differentiator is shown in Figure 7. Here both the
stability and noise problems are corrected by addition of two
additional components. A1 and C2. A2 and C2 form a 6 dB
per octave high frequency roll-off in the feedback network
and A1C1 form a 6 dB per octave roll-off network in the
input network for a total high frequency roll-off of 12 dB per
octave to reduce the effect of high frequency input and am-
plifier noise. In addition A1C1 and A2C2 form lead networks
in the feedback loop which, if placed below the amplifier
unity gain frequency. provide 90' phase lead to compensate
the 90' phase lag of R2C1 and prevent loop instability. A
gain frequency plot is shown in Figure 8 for clarity.
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TL/H/6822-8

FIGURE 8. Dlfferentlator Frequency Response

INTEGRATOR
The integrator is shown in Figure 9 and performs the mathe-
matical operation of integration. This circuit is essentiallyr-------~5,.

I I
I
I
I
I

5.. I
I

2r
1 f'2VOUT ~ R1C1 I, VIN dl

1
Ie = 21TR1C1

R1 ~ R2

For minimum offset error
due to input bias current

FIGURE 9. Integrator

a low-pass filter with a frequency response decreasing at
6 dB per octave. An amplitude-frequency plot is shown in
Figure 10.

TL/H/6822-10

FIGURE 10. Integrator Frequency Response

The circuit must be provided with an external method of
establishing initial conditions. This is shown in the figure as
81. When 81 is in position 1, the amplifier is connected in
unity-gain and capacitor C1 is discharged, setting an initial
condition of zero volts. When 81 is in position 2, the amplifi-
er is connected as an integrator and its output will change in
accordance with a constant times the time integral of the
input voltage.
The cautions to be observed with this circuit are two: the
amplifier used should generally be stabilized for unity-gain
operation and R2 must equal R1 for minimum error due to
bias current.

SIMPLE LOW·PASS FILTER
The simple low-pass filter is shown in Figure ". This circuit
has a 6 dB per octave roll-off after a closed-loop 3 dB point
defined by fe. Gain below this corner frequency is defined by
the ratio of A3 to A1. The circuit may be considered as an
AC integrator at frequencies well above fe; however, the
time domain response is that of a single RC rather than an
integral.

1
IL = 21TR1C1

1
Ie = 21TR3C1

R3

AL ~ R1 TUH/6822-11

FIGURE 11. Simple Low Pass Filter

A2 should be chosen equal to the parallel combination of
R1 and A3 to minimize errors due to bias current. The ampli-
fier should be compensated for unity-gain or an internally
compensated amplifier can be used.
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FIGURE 12. Low Pass Filter Response

A gain frequency plot of circuit response is shown in Figure
12 to illustrate the difference between this circuit and the
true integrator.

THE CURRENT-TO-VOLTAGE CONVERTER
Current may be measured in two ways with an operational
amplifier. The current may be converted into a voltage with
a resistor and then amplified or the current may be injected
directly into a summing node. Converting into voltage is un-
desirable for two reasons: first, an impedance is inserted
into the measuring line causing an error; second, amplifier
offset voltage is also amplified with a subsequent loss of
accuracy. The use of a current-to-voltage transducer avoids
both of these problems.
The current-to-voltage transducer is shown in Figure 13.
The input current is fed directly into the summing node and
the amplifier output voltage changes to extract the same
current from the summing node through R1. The scale fac-
tor of this circuit is R1 volts per amp. The only conversion
error in this circuit is Ibiaswhich is summed algebraically with
IIN·

TL/H/6822-13

FIGURE 13. Current to Voltage Converter

This basic circuit is useful for many applications other than
current measurement. It is shown as a photocell amplifier in
the following section.
The only design constraints are that scale factors must be
chosen to minimize errors due to bias current and since
voltage gain and source impedance are often indeterminate
(as with photocells) the amplifier must be compensated for
unity-gain operation. Valuable techniques for bias current
compensation are contained in Reference 5.

ICEll-
TLIH/6822-14

FIGURE 14. Amplifier for Photoconductive Cell

PHOTOCELL AMPLIFIERS
Amplifiers for photoconductive, photodiode and photovolta-
ic cells are shown in Figures 14, 15 and 16 respectively.
All photogenerators display some voltage dependence of
both speed and linearity. It is obvious that the current
rhough a photoconductive cell will not display strict propor-
tionality to incident light if the cell terminal voltage is allowed
to vary with cell conductance. Somewhat less obvious is the
fact that photodiode leakage and photovoltaic cell internal
losses are also functions of terminal voltage. The current-to-
voltage converter neatly sidesteps gross linearity problems
by fixing a constant terminal voltage, zero in the case of
photovoltaic cells and a fixed bias voltage in the case of
photoconductors or photodiodes.

ID-

TLIH/6822-15

FIGURE 15. Photodlode Amplifier

Photodetector speed is optimized by operating into a fixed
low load impedance. Currently available photovoltaic detec-
tors show response times in the microsecond range at zero
load impedance and photoconductors, even though slow,
are materially faster at low load resistances.

Rl

TL/H/6822-16
FIGURE 16. Photovoltalc Cell Amplifier



The feedback resistance, R 1, is dependent on cell sensitivi-
ty and should be chosen for either maximum dynamic range
or for a desired scale factor. R2 is elective: in the case of
photovoltaic cells or of photodiodes, it is not required in the
case of photoconductive cells, it should be chosen to mini-
mize bias current error over the operating range.

PRECISION CURRENT SOURCE

The precision current source is shown in Figures 17 and 18.
The configurations shown will sink or source conventional
current respectively.

V,N
10~R1
V,N;" OV

FIGURE 17. Precision Current Sink

Caution must be exercised in applying these circuits. The
voltage compliance of the source ex1ends from BVCER of
the ex1ernal transistor to approximately 1 volt more negative
than VIN' The compliance of the current sink is the same in
the positive direction.

The impedance of these current generators is essentially
infinite for small currents and they are accurate so long as
V,N is much greater than Vos and 10 is much greater than
Ibias·
The source and sink illustrated in Figures 17 and 18 use an
FET to drive a bipolar output transistor. It is possible to use
a Darlington connection in place of the FET-bipolar combi-
nation in cases where the output current is high and the
base current of the Darlington input would not cause a sig-
nificant error.

10 = V,N
R1

V,N s: OV

TL/H/6822-18

FIGURE 18. Precision Current Source

The amplifiers used must be compensated for unity-gain
and additional compensation may be required depending on
load reactance and ex1ernal transistor parameters.

01
IN4611

6.6V

TL/H/6822-19

FIGURE 19a. Positive Voltage Reference

ADJUSTABLE VOLTAGE REFERENCES

Adjustable voltage reference circuits are shown in Figures
19 and 20. The two circuits shown have different areas of
applicability. The basic difference between the two is that
Figure 19 illustrates a voltage source which provides a volt-
age greater than the reference diode while Figure 20 illus-
trates a voltage source which provides a voltage lower than
the reference diode. The figures show both positive and
negative voltage sources.

01
IN4611

6.6V

TL/H/6822-20

FIGURE 19b. Negative Voltage Reference

High precision ex1ended temperature applications of the cir-
cuit of Figure 19 require that the range of adjustment of
VOUT be restricted. When this is done, R1 may be chosen to
provide optimum zener current for minimum zener T.C.
Since Iz is not a function of V+, reference T.C. will be inde-
pendent of V + .
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FIGURE 20a. Positive Voltage Reference
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Tl/H/6822-22
FIGURE 20b. Negative Voltage Reference

The circuit of Figure 20 is suited for high precision extended
temperature service if V + is reasonably constant since Iz is
dependent on V +. R 1, R2, R3, and R4 are chosen to pro-
vide the proper Iz for minimum T.C. and to minimize errors
due to Ibias.

The circuits shown should both be compensated for unity-
gain operation or, if large capacitive loads are expected,
should be overcompensated. Output noise may be reduced
in both circuits by bypassing the amplifier input.

The circuits shown employ a single power supply, this re-
quires that common mode range be considered in choosing
an amplifier for these applications. If the common mode
range requirements are in excess of the capability of the
amplifier, two power supplies may be used. The LH101 may
be used with a single power supply since the common mode
range is from V+ to within approximately 2 volts of V-.

THE RESET STABILIZED AMPLIFIER

The reset stabilized amplifier is a form of chopper-stabilized
amplifier and is shown in Figure 21. As shown, the amplifier
is operated closed-loop with a gain of one.

VIN~

ri~Sl
0.1 p.F

C2
0.1 p.FI

Tl/H/6822-23

FIGURE 21. Reset Stabilized Amplifier

The connection is useful in eliminating errors due to offset
voltage and bias current. The output of this circuit is a pulse
whose amplitude is equal to VIN. Operation may be under-
stood by considering the two conditions corresponding to
the position of S1. When S1 is in position 2, the amplifier is
connected in the unity gain connection and the voltage at
the output will be equal to the sum of the input offset volt-
age and the drop across R2 due to input bias current. The
voltage at the inverting input will be equal to input offset
voltage. Capacitor C1 will charge to the sum of input offset
voltage and VIN through R1. When C1 is charged, no cur-
rent flows through the source resistance and R1 so there is
no error due to input resistance. S1 is then changed to posi-
tion 1. The voltage stored on C1 is inserted between the
output and inverting input of the amplifier and the output of
the amplifier changes by VIN to maintain the amplifier input
at the input offset voltage. The output then changes from
(VOS + IbiasR2) to (VIN + IbiasR2) as S1 is changed from
position 2 to position 1. Amplifier bias current is supplied
through R2 from the output of the amplifier or from C2 when
S1 is in position 2 and position 1 respectively. R3 serves to
reduce the offset at the amplifier output if the amplifier must
have maximum linear range or if it is desired to DC couple
the amplifier.

An additional advantage of this connection is that input re-
sistance approaches infinity as the capacitor C1 ap-
proaches full charge, eliminating errors due to loading of the
source resistance. The time spent in position 2 should be
long with respect to the charging time of C1 for maximum
accuracy.

The amplifier used must be compensated for unity gain op-
eration and it may be necessary to overcompensate be-
cause of the phase shift across R2 due to C1 and the ampli-
fier input capacity. Since this connection is usually used at
very low switching speeds, slew rate is not normally a practi-
cal consideration and overcompensation does not reduce
accuracy.



AS ~ A1 (~~)

V, > 0

Vour ~ V, V2
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THE ANALOG MULTIPLIER
A simple embodiment of the analog multiplier is shown in
Figure 22. This circuit circumvents many of the problems
associated with the log-antilog circuit and provides three
quadrant analog multiplication which is relatively tempera-
ture insensitive and which is not subject to the bias current
errors which plague most multipliers.

Circuit operation may be understood by considering A2 as a
controlled gain amplifier, amplifying V2, whose gain is de-
pendent on the ratio of the resistance of PC2 to RS and by
considering A 1 a'l a control amplifier which establishes the
resistance of PC2 as a function of V1. In this way it is seen
that Your is a function of both V1 and V2'

A 1, the control amplifier, provides drive for the lamp, L1.
When an input voltage, V 1, is present, L1 is driven by A 1
until the current to the summing junction from the negative
supply through PC1 is equal to the current to the summing
junction from V 1 through R 1. Since the negative supply volt-
age is fixed, this forces the resistance of PC1 to a value
proportional to R 1 and to the ratio of V 1 to V -. L1 also
illuminates PC2 and, if the photoconductors are matched,
causes PC2 to have a resistance equal to PC1.

A2, the controlled gain amplifier, acts as an inverting amplifi-
er whose gain is equal to the ratio of the resistance of PC2
to RS. If RS is chosen equal to the product of R1 and V-,
then Your becomes simply the product of V1 and V2. RS
may be scaled in powers of ten to provide any required
output scale factor.

PC1 and PC2 should be matched for best tracking over tem-
perature since the T.C. of resistance is related to resistance
match for cells of the same geometry. Small mismatches
may be compensated by varying the value of RS as a scale
factor adjustment. The photoconductive cells should re-
ceive equal illumination from L1, a convenient method is to

mount the cells in holes in an aluminum block and to mount
the lamp midway between them. This mounting method pro-
vides controlled spacing and also provides a thermal bridge
between the two cells to reduce differences in cell tempera-
ture. This technique may be exlended to the use of FET's or
other devices to meet special resistance or environment re-
quirements.

The circuit as shown gives an inverting output whose magni-
tude is equal to one-tenth the product of the two analog
inputs. Input V1 is restricted to positive values, but V2 may
assume both positive and negative values. This circuit is
restricted to low frequency operation by the lamp time con-
stant.

R2 and R4 are chosen to minimize errors due to input offset
current as outlined in the section describing the photocell
amplifier. R3 is included to reduce in-rush current when first
turning on the lamp, L1.

THE FULL·WAVE RECTIFIER
AND AVERAGING FILTER
The circuit shown in Figure 23 is the heart of an average
reading, rms calibrated AC voltmeter. As shown, it is a recti-
fier and averaging filter. Deletion of C2 removes the averag-
ing function and provides a precision full-wave rectifier, and
deletion of C1 provides an absolute value generator.

Circuit operation may be understood by following the signal
path for negative and then for positive inputs. For negative
signals, the output of amplifier A1 is clamped to +O.7V by
01 and disconnected from the summing point of A2 by 02.
A2 then functions as a simple unity-gain inverter with input
resistor, R1, and feedback resistor, R2, giving a positive go-
ing output.

For positive inputs, A 1 operates as a normal amplifier con-
nected to the A2 summing point through resistor, RS. Ampli-
fier A 1 then acts as a simple unity-gain inverter with input
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resistor, R3, and feedback resistor, R5. A1 gain accuracy is
not affected by 02 since it is inside the feedback loop. Posi-
tive current enters the A2 summing point through resistor,
R1, and negative current is drawn from the A2 summing
point through resistor, R5. Since the voltages across R1 and
R5 are equal and opposite, and R5 is one-half the value of
R1, the net input current at the A2 summing point is equal to
and opposite from the current through R1 and amplifier A2
operates as a summing inverter with unity gain, again giving
a positive output.

The circuit becomes an averaging filter when C2 is connect-
ed across R2. Operation of A2 then is similar to the Simple
Low Pass Filter previously described. The time constant
R2C2 should be chosen to be much larger than the maxi-
mum period of the input voltage which is to be averaged.

Capacitor C1 may be deleted if the circuit is to be used as
an absolute value generator. When this is done, the circuit
output will be the positive absolute value of the input volt-
age.

The amplifiers chosen must be compensated for unity-gain
operation and R6 and R7 must be chosen to minimize out-
put errors due to input offset current.

SINE WAVE OSCILLATOR

An amplitude-stabilized sine-wave oscillator is shown in Fig-
ure 24. This circuit provides high purity sine-wave output
down to low frequencies with minimum circuit complexity.
An important advantage of this circuit is that the traditional
tungsten filament lamp amplitude regulator is eliminated
along with its time constant and linearity problems.

In addition, the reliability problems associated with a lamp
are eliminated.

The Wien Bridge oscillator is widely used and takes advan-
tage of the fact that the phase of the voltage across the
parallel branch of a series and a parallel RC network con-
nected in series, is the same as the phase of the applied
voltage across the two networks at one particular frequency
and that the phase lags with increasing frequency and leads

with decreasing frequency. When this network-the Wien
Bridge-is used as a positive feedback element around an
amplifier, oscillation occurs at the frequency at which the
phase shift is zero. Additional negative feedback is provided
to set loop gain to unity at the oscillation frequency. To sta-
bilize the frequency of oscillation, and to reduce harmonic
distortion.

01
1N457

02
1N755
7.5V

TL/H/6822-26

FIGURE 24. Wlen Bridge Sine Wave Oscillator

The circuit presented here differs from the classic usage
only in the form of the negative feedback stabilization
scheme. Circuit operation is as follows: negative peaks in
excess of - 8.25V cause 01 and 02 to conduct, charging



C4. The charge stored in C4 provides bias to 01, which
determines amplifier gain. C3 is a low frequency roll-off ca-
pacitor in the feedback network and prevents offset voltage
and offset current errors from being multiplied by amplifier
gain.

Distortion is determined by amplifier open-loop gain and by
the response time of the negative feedback loop filter, R5
and C4. A trade-off is necessary in determining amplitude
stabilization time constant and oscillator distortion. R4 is
chosen to adjust the negative feedback loop so that the
FET is operated at a small negative gate bias. The circuit
shown provides optimum values for a general purpose oscil-
lator.

TRIANGLE-WAVE GENERATOR
A constant amplitude triangular-wave generator is shown in
Figure 25. This circuit provides a variable frequency triangu-
lar wave whose amplitude is independent of frequency.

INTEGRATOR

CI
1.1j,1F
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FIGURE 25. Triangular-Wave Generator

The generator embodies an integrator as a ramp generator
and a threshold detector with hysterisis as a reset circuit.
The integrator has been described in a previous section and
requires no further explanation. The threshold detector is
similar to a Schmitt Trigger in that it is a latch circuit with a
large dead zone. This function is implemented by using pos-
itive feedback around an operational amplifier. When the
amplifier output is in either the positive or negative saturated
state, the positive feedback network provides a voltage at
the non-inverting input which is determined by the attenua-
tion of the feed-back loop and the saturation voltage of the
amplifier. To cause the amplifier to change states, the volt-
age at the input of the amplifier must be caused to change
polarity by an amount in excess of the amplifier input offset
voltage. When this is done the amplifier saturates in the
opposite direction and remains in that state until the voltage
at its input again reverses. The complete circuit operation
may be understood by examining the operation with the out-
put of the threshold detector in the positive state. The de-
tector positive saturation voltage is applied to the integrator
summing junction through the combination R3 and R4 caus-
ing a current I + to flow.

The integrator then generates a negative-going ramp with a
rate of 1+ /C1 volts per second until its output equals the
negative trip point of the threshold detector. The threshold
detector then changes to the negative output state and sup-
plies a negative current, 1-, at the integrator summing point.
The integrator now generates a positive-going ramp with a
rate of 1-/C1 volts per second until its output equals the
positive trip point of the threshold detector where the detec-
tor again changes output state and the cycle repeats.

Triangular-wave frequency is determined by R3, R4 and C1
and the positive and negative saturation voltages of the am-
plifier A 1. Amplitude is determined by the ratio of R5 to the
combination of R1 and R2 and the threshold detector satu-
ration voltages. Positive and negative ramp rates are equal
and positive and negative peaks are equal if the detector
has equal positive and negative saturation voltages. The
output waveform may be offset with respect to ground if the
inverting input of the threshold detector, A 1, is offset with
respect to ground.

The generator may be made independent of temperature
and supply voltage if the detector is clamped with matched
zener diodes as shown in Figure 26.

The integrator should be compensated for unity-gain and
the detector may be compensated if power supply imped-
ance causes oscillation during its transition time. The cur-
rent into the integrator should be large with respect to Ibias
for maximum symmetry, and offset voltage should be small
with respect to VOUT peak.

TlIH/6822-28

FIGURE 26. Threshold Detector with Regulated Output

TRACKING REGULATED POWER SUPPLY

A tracking regulated power supply is shown in Figure 27.
This supply is very suitable for powering an operational am-
plifier system since positive and negative voltages track,
eliminating common mode signals originating in the supply
voltage. In addition, only one voltage reference and a mini-
mum number of passive components are required.
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FIGURE 27. Tracking Power Supply

Power supply operation may be understood by considering
first the positive regulator. The positive regulator compares
the voltage at the wiper of R4 to the voltage reference, 02.
The difference between these two voltages is the input volt-
age for the amplifier and since R3, R4, and RS form a nega-
tive feedback loop, the amplifier output voltage changes in
such a way as to minimize this difference. The voltage refer-
ence current is supplied from the amplifier output to in-
crease power supply line regulation. This allows the regula-
tor to operate from supplies with large ripple voltages. Reg-
ulating the reference current in this way requires a separate
source of current for supply start-up. Resistor R1 and diode
01 provide this start-up current. 01 decouples the reference
string from the amplifier output during start-up and R1 sup-
plies the start-up current from the unregulated positive sup-
ply. After start-up, the low amplifier output impedance re-
duces reference current variations due to the current
through R1.

The negative regulator is simply a unity-gain inverter with
input resistor, R6, and feedback resistor, Rl.

The amplifiers must be compensated for unity-gain opera-
tion.

The power supply may be modulated by injecting current
into the wiper of R4. In this case, the output voltage varia-
tions will be equal and opposite at the positive and negative
outputs. The power supply voltage may be controlled by
replacing 01, 02, R1 and R2 with a variable voltage refer-
ence.

PROGRAMMABLE BENCH POWER SUPPLY

The complete power supply shown in Figure 28 is a pro-
grammable positive and negative power supply. The regula-
tor section of the supply comprises two voltage followers
whose input is provided by the voltage drop across a refer-
ence resistor of a precision current source.
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FIGURE 28. Low·Power Supply for

Integrated Circuit Testing
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Programming sensitivity of the positive and negative supply
is 1V/1000n of resistors R6 and R12 respectively. The out-
put voltage of the positive regulator may be varied from ap-
proximately +2V to + 38V with respect to ground and the
negative regulator output voltage may be varied from -38V
to OV with respect to ground. Since lM107 amplifiers are
used, the supplies are inherently short circuit proof. This
current limiting feature also serves to protect a test circuit if
this supply is used in integrated circuit testing.
Internally compensated amplifiers may be used in this appli-
cation if the expected capacitive loading is small. If large
capacitive loads are expected, an externally compensated
amplifier should be used and the amplifier should be over-
compensated for additional stability. Power supply noise
may be reduced by bypassing the amplifier inputs to ground
with capacitors in the 0.1 to 1.0 fLF range.

CONCLUSIONS
The foregoing circuits are illustrative of the versatility of the
integrated operational amplifier and provide a guide to a
number of useful applications. The cautions noted in each
section will show the more common pitfalls encountered in
amplifier usage.

APPENDIX I

DEFINITION OF TERMS
Input Offset Voltage: That voltage which must be applied
between the input terminals through two equal resistances
to obtain zero output voltage.
Input Offset Current: The difference in the currents into
the two input terminals when the output is at zero.
Input Bias Current: The average of the two input currents.
Input Voltage Range: The range of voltages on the input
terminals for which the amplifier operates within specifica-
tions.
Common Mode Rejection Ratio: The ratio of the input
voltage range to the peak-to-peak change in input offset
voltage over this range.

Input Resistance: The ratio of the change in input voltage
to the change in input current on either input with the other
grounded.
Supply Current: The current required from the power sup-
ply to operate the amplifier with no load and the output at
zero.
Output Voltage SWing: The peak output voltage swing, re-
ferred to zero, that can be obtained without clipping.
large-Signal Voltage Gain: The ratio of the output voltage
swing to the change in input voltage required to drive the
output from zero to this voltage.
Power Supply ReJection: The ratio of the change in input
offset voltage to change in power supply voltage producing
it.

Slew Rate: The internally-limited rate of change in output
voltage with a large-amplitude step function applied to the
input.
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Introduction
A number of IC voltage regulators have been introduced to
date, but these have been designed primarily to regulate
positive voltages. Most can be adapted as negative regula-
tors, at some sacrifice in complexity, performance and flexi-
bility. This note, however, describes an IC, which is de-
signed specifically as a negative regUlator. It is intended to
complement the LM 100 and LM 105 positive regulators, pro-
viding a line of IC's for practically every regulator
application.

Unique features of the circuit are that it supplies any output
voltage from OV down to -40V, while operating from a sin-
gle unregulated supply. The output voltage is proportional to
a single programming resistor, and remote sensing can be
done at the load. It also regulates within 0.01 % in circuits
using a separate, floating bias supply, where the maximum
output voltage is limited only by the breakdown of external
pass transistors. The device is designed for either linear or
switching regulator applications.

In the circuits described, emphasis is placed on practical
considerations for the design of reliable regulators. Many of
the pitfalls which cause unexpected failures are explained,
and protection schemes for many of the hazards facing reg-
ulators are given. Most of the design hints are sufficiently
general to apply equally to other IC's or even regulators
designed entirely with discrete components.
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A functional diagram of the LM104 regulator and external
circuitry (dash line) is shown in the figure. The internal refer-
ence is a temperature compensated current source, I,ef. A
voltage which is proportional to an external programming
resistor, Radj, is fed into an error amplifier, A1. This drives
an internal series pass transistor, 01, to supply an output
voltage equal to twice the voltage across the programming
resistor. External pass transistors can be added, as is 03, to

National Semiconductor
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increase the output-current capability. Short-circuit protec-
tion makes the circuit exhibit a constant-current characteris-
tic when 02 is turned on by the voltage drop across an
external current-limit resistor, Rlim. A more complete de-
scription of the integrated circuit itself is given in the back of
the text.

low power regulator or bias supply
This circuit can provide output voltages between OV and
-40V at currents up to 25 mA. The output voltage is linearly
dependent on the value of R2, giving approximately 2V for
each 1 KO of resistance. The exact scale factor can be set
up by trimming R1. This should be done at the maximum
output voltage setting in order to compensate for any mis-
match in the internal divider resistors of the integrated cir-
cuit.

Short-circuit protection is provided by R3. The value of this
resistor should be chosen so that the voltage drop across it
is 300 mV at the maximum load current. This insures worst-
case operation up to full load over a - 55°C to 125°C tem-
perature range. With a lower maximum operating tempera-
ture, the design value for this voltage can be increased lin-
early to 525 mV at 25°C.

For an output voltage setting of 15V, the regulation, no load
to full load, is better than 0.05%; and the line regulation is
better than 0.2% for a ±20% input voltage variation. Noise
and ripple can be greatly reduced by bypassing R2 with a 10
p.F capacitor. This will keep the ripple on the output less
than 0.5 mV for a 1V, 120 Hz ripple on the unregUlated
input. The capacitor also improves the line-transient re-
sponse by a factor of five.

An output capacitor of at least 1 p.F is required to keep the
regulator from oscillating. This should be a low inductance
capacitor, preferably solid tantalum, installed with short
leads. It is not usually necessary to bypass the input, but at
least a 0.01 p.F bypass is advisable when there are long
leads connecting the circuit to the unregulated power
source.

t Solid Tantalum

* Trim Rl fo' exact
scale factor



It is important to watch power dissipation in the integrated
circuit even with load currents of 2S mA or less. The dissipa-
tion can be in excess of lW with large input-output voltage
differentials, and this is above ratings for the device.

Increased output current
When output currents above 2S mA are required or when
the dissipation in the series pass transistor can be higher
than about 0.2W, under worst-case conditions, it is advisa-
ble to add an external transistor to the LM104 to handle the
power. The connection of an external booster transistor is
shown here. The output current capability of the regulator is
increased by the current gain of the added PNP transistor,
but it is still necessary to watch dissipation in the external
pass transistor. Excessive dissipation can burn out both the
series pass transistor and the integrated circuit.

TUH/7039-3

For example, with the circuit shown, the worst-case input
voltage can be 2SV. With a shorted output at 12S'C, the
current through the pass transistor will be 300 mA; and the
dissipation in it will be 7.SW. This clearly establishes the
need for an efficient heat sink.
For lower-power operation, a 2N290S with a clip on heat
sink can be used for the external pass transistor. However,
when the worst case dissipation is above O.SW,it is advisa-
ble to employ a power device such as the 2N3740 with a
good heat sink.
The current limit resistor is chosen so that the voltage drop
across it is 300 mV, with maximum load current, for opera-
tion to 12S'C. With lower maximum ambients this voltage
drop could be increased by 2.2 mVI'C. If possible, a fast-
acting fuse rated about 2S% higher than the maximum load
current should be included in series with the unregulated
input.
When a booster transistor is used, the minimum input-output
voltage differential of the regulator will be increased by the
emitter-base voltage of the added transistor. This establish-
es the minimum differential at 2 to 3V, depending on the
base drive required by the external transistor.

high current regulator
When output currents in the ampere range are needed, it is
necessary to add a second booster transistor to the LM104
circuitry. This connection is shown in the accompanying fig-
ure. The output current capability of the LM104 is increased
by the product of the current gains of Ql and Q2. However,
it is still necessary to watch the dissipation in both the series
pass transistor, Q2, and its driver, Ql. A clip-on heat sink is
definitely required for Ql, and it is advisable to replace the
2N290S with a 2N3740 which has a good heat sink when

output currents greater than 1A are needed. A 1000 pF ca-
pacitor should also be added between Pins 4 and S to com-
pensate for the poorer frequency response of the 2N3740.
The need for an efficient heat sink on Q2 should be obvious.
Experience sh;)ws that a single-diffused transistor such as a
2N30SS(or a 2N3772 for higher currents) is preferred over a
double diffused, high-frequency transistor for the series
pass element. The slower, single-diffused devices are less
prone to secondary breakdown and oscillations in linear
regulator applications.
As with the lower-current regulators, Cl is required to fre-
quency compensate the regulator and prevent oscillations.
It is also advisable to bypass the input with C2 if the regula-
tor is located any distance from the output filter of the
unregulated supply. The resistor across the emitter base
junction of Q2 fixes the minimum collector current of Ql to
minimize oscillation problems with light loads. It is still possi-
ble to experience oscillations with certain physical layouts,
but these can almost always be eliminated by stringing a
ferrite bead, such as a Ferroxcube KS-001-00/3B, on the
emitter lead of Q2.
The use of two booster transistors does not appreciably in-
crease the minimum input-output voltage differential over
that for a single transistor. The minimum differential will be 2
to 3V, depending on the drive current required from the inte-
grated circuit.
With high current regulators, remote sensing is sometimes
required to eliminate the effect of line resistance between
the regulator and the load. This can be accomplished by
returning R2 and Pin 9 of the LM104 to the ground end of
the load and connecting Pin 8 directly to the high end of the
load.
The low resistance values required for the current limit re-
sistor, R3, are sometimes not readily available. A suitable
resistor can be made using a piece of resistance wire or
even a short length of kovar lead wire from a standard To-S
transistor.
The current limit sense voltage can be reduced to about 400
mV by inserting a germanium diode (or a diode-connected
germanium transistor) in series with Pin 6 of the LM104.
This diode will also compensate the sense voltage and
make the short circuit current essentially independent of
temperature.



With high current regulators it is especially important to use
a low-inductance capacitor on the output. The lead length
on this capacitor must also be made short. Otherwise, the
capacitor leads can resonate with smaller bypass capaci-
tors (like 0.1 ,...Fceramic) which may be connected to the
output. These resonances can lead to oscillations. With
short leads on the output capacitor, the 0 of the tuned cir-
cuit can be made low enough so that it cannot cause
trouble.

foldback current limiting
High current regulators dissipate a considerable amount of
power in the series pass transistor under full-load condi-
tions. When the output is shorted, this dissipation can easily
increase by a factor of four. Hence, with normal current lim-
iting, the heat sink must be designed to handle much more
power than the worst case full load dissipation if the circuit
is to survive short-circuit conditions. This can increase the
bulk of the regulator substantially.
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This situation can be eased considerably by using foldback
current limiting. With this method of current limiting, the
available output current actually decreases as the maximum
load on the regulator is exceeded and the output voltage
falls off. The short-circuit current can be adjusted to be a
fraction of the full load current, minimizing dissipation in the
pass transistor.
The circuit shown here accomplishes just this. Normally 03
is held in a non-conducting state by the voltage developed
across R4. However, when the voltage across the current
limit resistor, R7, increases to where it equals the voltage
across R4 (about 1V), 03 turns on and begins to rob base
drive from the driver transistor, 01. This causes an increase
in the output current of the LM104, and it will go into current
limiting at a current determined by R5. Since the base drive
to 01 is clamped, the output voltage will drop with heavier
loads. This reduces the voltage drop across R4 and, there-
fore, the available output current. With the output complete-
ly shorted, the current will be about one-fifth the full-load
current.
In design, R7 is chosen so that the voltage drop across it
will be 1 to 2V under full load conditions. The resistance of
R3 should be one-thousand times the output voltage. R4 is
then determined from the following equation, where IFL is
the load current at which limiting will occur.

R7 R31FLR4""----
Your + 0.5

If it is desired to reduce the ratio of full load to short circuit
current, this can be done by connecting a resistance of 2 to
10 kO across the emitter-base of 03.

symmetrical power supplies
In many applications. such as powering operational amplifi-
ers, there is a need for symmetrical positive and negative
supply voltages. A circuit which is a particularly-economical
solution to this design problem is shown in the adjoining
figure. It uses a minimum number of components. and the
voltage at both outputs can be set up within ± 1.5% by a
single adjustment. Further, the output voltages will tend to
track with temperature and variations on the unregulated
supply.
The positive voltage is regulated by an LM105, while an
LM104 regulates the negative supply. The unusual feature
is that the two regulators are interconnected by R3. This not
only eliminates one precision resistor, but the reference cur-
rent of the LM104 stabilizes the LM105 so that a ±10%
variation in its reference voltage is only seen as a ±3%
change in output voltage. This means that in many cases
the output voltage of both regulators can be set up with
sufficient accuracy by trimming a single resistor, R1.
The line regulation and temperature drift of the circuit is
determined primarily by the LM104. so both output voltages
will tend to track. Output ripple can be reduced by about a
factor of five to less than 2 mVIV by bypassing Pin 1 of the
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LM104 to ground with a 10 ,...Fcapacitor. A center-tapped
transformer with a bridge rectifier can be used for the
unregulated power source.

adjustable current limiting
In laboratory power supplies. it is often necessary to adjust
the limiting current of a regulator. This, of course, can be
done by using a variable resistance for the current limit re-
sistor. However, the current-limit resistor can easily have a
value below that of commercially-available potentiometers.
Discrete resistance values can be switched to vary the limit-
ing current, but this does not provide continuously-variable
adjustment.
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The circuit shown here solves this problem, giving a linear
adjustment of limiting current over a five-to-one range. A
silicon diode, 01, is included to reduce the current limit
sense voltage to approximately 50 mY. Approximately 1.3
mA from the reference supply is passed through a potenti-
ometer, R4, to buck out the diode voltage. Therefore, the
effective current limit sense voltage is nearly proportional to
the resistance of R4. The current through R4 is fairly insen-
sitive to changes in ambient temperature, and 01 compen-
sates for temperature variations in the current limit sense
voltage of the LM104. Therefore, the limiting current will not
be greatly affected by temperature.
It is important that a potentiometer be used for R4 and con-
nected as shown. If a rheostat connection were used, it
could open while it was being adjusted and momentarily
increase the current limit sense voltage to many times its
normal value. This could destroy the series pass transistors
under short-circuit conditions.
The inclusion of R4 will soften the current limiting character-
istics of the LM104 somewhat because it acts as an emitter-
degeneration resistor for the current-limit transistor. This
can be avoided by reducing the value of R4 and developing
the voltage across R4 with additional bleed current to
ground.

Improving line regulation
The line regulation for voltage variations on the reference
supply terminal of the LM104 is about five times worse than
it is for changes on the unregulated input. Therefore, a ze-
ner-diode preregulator can be used on the reference supply
to improve line regulation. This is shown in the figure below.

The design of this circuit is fairly simple. It is only necessary
that the minimum current through R4 be greater than 2 mA
with low input voltage. Further, the zener voltage of 01 must
be five volts greater than one-half the maximum output volt-
age to keep the transistors in the reference current source
from saturating.

using protective diodes
It is a little known fact that most voltage regulators can be
damaged by shorting out the unregulated input voltage
while the circuit is operating-even though the output may
have short-circuit protection. When the input voltage to the
regulator falls instantaneously to zero, the output capacitor
is still charged to the nominal output voltage. This applies
voltage of the wrong polarity across the series pass transis-
tor and other parts of the regulator, and they try to dis-
charge the output capacitor into the short. The resulting cur-
rent surge can damage or destroy these parts.
When the LM1 04 is used as the control element of the regu-
lator, the discharge path is through internal junctions for-
ward biased by the voltage reversal. If the charge on the
output capacitor is in the order of 40 volt. p.F, the circuit
can be damaged during the discharge interval. However, the
problem is not only seen with integrated circuit regulators. It
also happens with discrete regulators where the series-pass
transistor usually gets blown out.
The problem can be eliminated by connecting a diode be-
tween the output and the input such that it discharges the
output capacitor when the input is shorted. The diode
should be capable of handling large current surges without
excessive voltage drop, but it does not have to be a power
diode since it does not carry current continuously. It should
also be relatively fast. Ordinary rectifier diodes will not do
because they look like an open circuit in the forward direc-
tion until minority carriers are injected into the intrinsic base
region of the PIN structure.
This problem is not just caused by accidental physical
shorts on the input. It has shown up more than once when
regulators are driven from high-frequency dc-de converters.
Tantalum capacitors are frequently used as output filters for
the rectifiers. When these capacitors are operated near
their maximum voltage ratings with excessive high frequen-
cy ripple across them, they have a tendency to sputter-that
is, short momentarily and clear themselves. When they
short, they can blowout the regulator; but they look inno-
cent after the smoke has cleared.
The solution to this problem is to use capacitors with con-
servative voltage ratings, to observe the maximum ripple
ratings for the capacitor and to include a protective diode
between the input and output of the regulator to protect it in
case sputtering does occur.
Heavy loads operating from the unregulated supply can also
destroy a voltage regUlator. When the input power is
switched off, the input voltage can drop faster than the out-
put VOltage,causing a voltage reversal across the regulator,
especially when the output of the regulator is lightly loaded.
Inductive loads such as a solenoid are particularly trouble-
some in this respect. In addition to causing a voltage rever-
sal between the input and the output, they can reverse the
input voltage causing additional damage.
In cases like this, it is advisable to use a multiple-pole switch
or relay to disconnect the regulator from the unregulated
supply separate from the other loads. If this cannot be done,
it is necessary to put a diode across the input of the regula-
tor to clamp any reverse voltages, in addition to the protec-
tive diode between the input and the output.
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Yet another failure mode can occur if the regulated supply
drives inductive loads. When power is shut off, the inductive
current can reverse the output voltage polarity, damaging
the regulator and the output capacitor. This can be cured
with a clamp diode on the output. Even without inductive
loads it is usually good practice to include this clamp diode
to protect the regulator if its output is accidentally shorted to
a negative supply.
A regulator with all these protective diodes is shown here.
01 protects against output voltage reversal. 02 prevents a
voltage reversal between the input and the output of the
regulator. And 03 prevents a reversal of the input-voltage
polarity. In many cases, 03 is not needed if 01 and 02 are
used, since these diodes will clamp the input voltage within
two diode drops of ground. This is adequate if the input
voltage reversals are of short duration.

high voltage regulator
In the design of commercial power supplies, it is common
practice to use a floating bias supply to power the control
circuitry of the regulator. As shown here, this connection
can be used with the LM104 to regulate output voltages that
are higher than the ratings of the integrated circuit. Better
regulation can also be obtained because it is a simple mat-
ter to preregulate the low current bias supply so that the
integrated circuit does not see ripple or line voltage varia-
tions and because the reduced operating voltage minimizes
power dissipation and associated thermal effects from the
current delivered to the booster transistor.

The bias for the LM104, which is normally obtained from a
separate winding on the main power transformer, is pre-
regulated by 01. R4 is selected so that it can provide the 3
mA operating current for the integrated circuit as well as the
base drive of the booster transistor, 01, with full load and
minimum line voltage. The booster transistor regulates the
voltage from the main supply, and its breakdown voltage will
determine the maximum operating voltage of the complete
regulator.
The connection of the LM104 is somewhat different than
usual: the internal divider for the error amplifier is shorted
out by connecting Pins 8 and 9 together. This makes the
output voltage equal to the voltage drop across the adjust-
ment resistor, R2, instead of twice this voltage as is normal-
ly the case. C2 and C3 must also be added to prevent oscil-
lation. The value of C3 can be increased to 4.7 ,..F to reduce
noise on the output.
It is necessary to add 02 and R5 to provide current limiting.
When the output current becomes high enough to turn on
02, there will be an abrupt rise in the output current of the
LM104 as 02 tries to remove base drive from the booster
transistor. Any further increases in load current will cause
the LM104 to limit at a current determined by R3, and the
output voltage will collapse. The value of R3 must be select-
ed so that the integrated circuit can deliver the base current
of 01, at full load, without limiting.
A second, NPN booster transistor can be used in a com-
pound connection with 01 to increase the output current of
the regulator. However, with very-high-voltage regulators,
the most economical solution may be to use a high voltage
PNP driVing a vacuum tube for the series pass element.
Remote sensing, which eliminates the effects of voltage
dropped in the leads connecting the regulator to the load,
can be provided by connecting R2 to the ground end of the
load and Pins 8 and 9 to the high end of the load.

switching regulator
Linear regulators have the advantages of fast response to
load transients as well as low noise and ripple. However,
since they must dissipate the difference between the
unregulated-supply power and the output power, they some-
times have a low efficiency. This is not always a problem
with ac line-operated equipment because the power loss is
easily afforded, because the input voltage is already fairly-
well regulated and because losses can be minimized by ad-
justment of transformer ratios in the power supply. In sys-
tems operating from a fixed dc input voltage, the situation is
often much different. It might be necessary to regulate a
28V input voltage down to 5V. In this case, the power loss
can quickly become excessive. This is true even if efficiency
is not one of the more important criteria, since high power
dissipation calls for expensive power transistors and elabo-
rate heat sinking methods.
Switching regulators can be used to greatly reduce dissipa-
tion. Efficiencies approaching 90% can be realized even
though the regulated output voltage is only a fraction of the
input voltage. With proper design, transient response and
ripple can also be made quite acceptable.
This circuit, which uses the LM104 as a self-oscillating
switching regulator, operates in much the same way as a
linear regulator. The reference current is set up at 1 mA with
R1, and R2 determines the output voltage in the normal
fashion. The circuit is made to oscillate by applying positive
feedback through R5 to the non-inverting input on the error
amplifier of the LM104. When the output voltage is low, the



internal pass transistor of the integrated circuit turns on and
drives 01 into saturation. The current feedback through R5
then increases the magnitude of the reference voltage de-
veloped across R2. 01 will remain on until the output volt-
age comes up to twice this reference voltage. At this point,
the error amplifier goes into linear operation, and the posi-
tive feedback makes the circuit switch off. When this hap-
pens, the reference voltage is lowered by feedback through
R5, and the circuit will stay off until the output voltage drops
to where the error amplifier again goes into linear operation.
Hence, the circuit regulates with the output voltage oscillat-
ing about the nominal value with a peak-to-peak ripple of
around 40 mV.

The power conversion from the input voltage to a lower out-
put voltage is obtained by the action of the switch transistor,
01, the catch diode, 01, and the LC filter. The inductor is
made large enough so that the current through it is essen-
tially constant throughout the switching cycle. When 01
turns on, the voltage on its collector will be nearly equal to
the unregulated input voltage. When it turns off, the magnet-
ic field in L1 begins to collapse, driving the collector voltage
of 01 to ground where it is clamped by 01.

If, for example, the input voltage is 10V and the switch tran-
sistor is driven at a 50% duty cycle, the average voltage on
the collector of 01 will be 5V. This waveform will be filtered
by L1 and C1 and appear as a 5V dc voltage on the output.
Since the inductor current comes from the input while 01 is
on but from ground through 01 while 01 is off, the average
value of the input current will be half the output current. The
power output will therefore equal the input power if switch-
ing losses are neglected.

In design, the value of R3 is chosen to provide sufficient
base drive to 01 at the maximum load current. R4 must be
low enough so that the bias current coming out of Pin 5 of
the LM104 (approximately 300 p.A) does not turn on the
switch transistor. The purpose of C2 is to remove transients
that can appear across R2 and cause erratic switching. It
should not be made so large that it severely integrates the
waveform fed back to this point.
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high current switching regUlator

Output currents up to 3A can be obtained using the switch-
ing regulator circuit shown here. The circuit is identical to
the one described previously, except that 02 has been add-
ed to increase the output current capability by about an or-
der of magnitude. It should be noted that the reference sup-
ply terminal is returned to the base of 02, rather than the
unregulated input. This is done because the LM104 will not
function properly if Pin 5 gets more than 2V more positive
than Pin 3. The reference current, as well as the bias cur-
rents for Pins 3 and 5, is supplied from the unregulated input
through R5, so its resistance must be low enough so that
02 is not turned on with about 2 mA flowing through it.

The line regulation of this circuit is worsened somewhat by
the unregulated input voltage being fed back into the refer-
ence for the regulator through R6. This effect can be elimi-
nated by connecting a 0.01 p.F capacitor in series with R6 to
remove the dc component of the feedback.

tSolid Tantalum
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There are a number of precautions that should be observed
with all switching regUlators, although they are more inclined
to cause problems in high-current applications:

For one, fast switching diodes and transistors must be used.
If 01 is an ordinary junction rectifier, voltages in the order of
10V can be developed across it in the forward direction
when the switch transistor turns off. This happens because
low-frequency rectifiers are usually manufactured with a PIN
structure which presents a high forward impedance until
enough minority carriers are injected into the diode base
region to increase its conductance. This not only causes
excessive dissipation in the diode, but the diode also pre-
sents a short circuit to the switch transistor, when it first
turns on, until all the charge stored in the base region of the
diode is removed. Similarly, a high frequency switch transis-
tor must be used as excessive switching losses in low fre-
quency transistors, like the 2N3055, make them overheat.

It is important that the core material used for the inductor
have a soft saturation characteristic. Cores that saturate ab-
ruptly produce excessive peak currents in the switch transis-
tor if the output current becomes high enough to run the
core close to saturation. Powdered molybdenum-permalloy
cores, on the other hand, exhibit a gradual reduction in per-



meability with excessive current, so the only effect of output
currents above the design value is a gradual increase in
sWitching frequency.
One thing that is frequently overlooked in the design of
switching circuits is the ripple rating of the filter capacitors.
Excessive high-frequency ripple can cause these capacitors
to fail. This is an especially-important consideration for ca-
pacitors used on the unregulated input as the ripple current
through them can be higher than the dc load current. The
situation is eased somewhat for the filter capacitor on the
output of the regulator since the ripple current is only a frac-
tion of the load current. Nonetheless, proper design usually
requires that the voltage rating of this capacitor be higher
than that dictated by the DC voltage across it for reliable
operation.
One unusual problem that has been noted in working with
switching regulators is excessive dissipation in the switch
transistors caused by high emitter-base saturation voltage.
This can also show up as erratic operation if 01 is the de-
fective device. This saturation voltage can be as high as 5V
and is the result of poor alloying on the base contact of the
transistor. A defective transistor will not usually show up on
a curve tracer because the low base current needed for
linear operation does not produce a large voltage drop
across the poorly-alloyed contact. However, a bad device
can be spotted by probing on the bases of the switch tran-
sistors while the circuit is operating.
It is necessary that the catch diode, D1, and any bypass
capacitance on the unregulated input be returned to ground
separately from the other parts of the circuit. These compo-
nents carry large current transients and can develop appre-
ciable voltage transients across even a short length of wire.
If C1, C2, or R2 have any common ground impedance with
the catch diode or the input bypass capacitor, the transients
can appear directly on the output.

switching regulator with current limiting
The switching regulator circuits described previously are not
protected from overloads or a short-circuited output. The
current limiting of the LM104 is used to limit the base drive
of the switch transistor, but this does not effectively protect
the switch transistor from excessive current. Providing short
circuit protection is no simple problem, since it is necessary
to keep the regulator operating in the switching mode when
the output is shorted. Otherwise, the dissipation in the
switch transistor will become excessive even though the
current is limited.
A circuit which provides current limiting and protects the
regulator from short circuits is shown here. The current
through the switch transistor produces a voltage drop
across R9. When this voltage becomes large enough to turn
on 03, current limiting is initiated. This occurs because 03
takes over as the control transistor and regulates the volt-
age on Pin 8 of the LM1 04. This point, which is the feedback
terminal of the error amplifier, is separated from the actual
output of the regulator by not shorting the regulated output
and booster output terminals of the integrated circuit.
Hence, with excessive output current, the circuit still oper-
ates as a switching regulator with 03 regulating the voltage
fed back to the error amplifier as the output voltage falls off.
A resistor, R7, is included so that excessive base current
will not be driven into the base of 03. C4 insures that 03
does not turn on from the current spikes through the switch
transistor caused by pulling the stored charge out of the
catch diode (these are about twice the load current). This

capacitor also operates in conjunction with C2 to produce
sufficient phase delay in the feedback loop so that the cir-
cuit will oscillate in current limiting. However, C4 should not
be made so large that it appreciably integrates the rectangu-
lar waveform of the current through the switch transistor.
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As the output voltage falls below half the design value, D1
pulls down the reference voltage across R2. This permits
the current limiting circuitry to keep operating when the
unregUlated input voltage drops below the design value of
output voltage, with a short on the output of the regulator.
A transistor with good high-current capability was chosen
for 03 so that it does not suffer from secondary breakdown
effects from the large peak currents (about 200 mAl through
it. With a shorted output, these peakcurrents occur with the
full input voltage across 03. The average dissipation in 03
is, however, low.

switching regulator with overload shutoff
An alternate method for protecting a SWitching regulator
from excessive output currents is shown here. When the
output current becomes too high, the voltage drop across
the current-sense resistor, R8, fires an SCR which shuts off
the regulator. The regulator remains off, dissipating practi-
cally no power, until it is reset by removing the input voltage.
In the actual circuit, complementary transistors, 03 and 04,
replace the SCR since it is difficult to find devices with a low
enough holding current (about 25 ",A). When the voltage
drop acr-ossR8 becomes large enough to turn on 04, this
removes the base drive for the output transistors of the
LM104 through Pin 4. When this happens 03 latches 04,
holding the regulator off until the input voltage is removed. It
will then start when power is applied if the overload has
been removed.
With this circuit, it is necessary that the shutoff current be
1.5 times the full load current. Otherwise, the circuit will shut
off when it is switched on with a full load because of the
excess current required to charge the output capacitor. The
shutoff current can be made closer to the full load current
by connecting a 10 ",F capacitor across R2 which will limit
the charging current for C1 by slowing the risetime of the



output voltage when the circuit is turned on. However, this
capacitor will also bypass the positive feedback from R6
which makes the regulator oscillate. Therefore, it is neces-
sary to put a 270fi resistor in the ground end of the added
capacitor and provide feedback to this resistor from the col-
lector of Q1 through a 1 Mfi resistor.
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driven switching regulator
When a number of switching regulators are operated from a
common power source, it is desirable to synchronize their
operation to more uniformly distribute the switched current
waveforms in the input line. Synchronous operation can also
be beneficial when a switching regulator is operated in con-
junction with a power converter.

A circuit which synchronizes the switching regulator with a
square wave drive signal is shown here. It differs from the
switching regulators described previously in that positive
feedback is not used. Instead, a triangular wave with a
peak-to-peak amplitude of 25 mV is applied to the non in-
verting input of the error amplifier. The waveform is obtained
by integrating the square wave synchronizing signal. This
triangular wave causes the error amplifier to switch because
its gain is high enough that the waveform easily overdrives
it. The switching duty cycle is controlled by the output volt-
age fed back to the error amplifier. If the output voltage
goes up, the duty cycle will decrease since the error amplifi-
er will pick off a smaller portion of the triangular wave. Simi-
larly, the duty cycle will decrease if the output voltage drops.
Hence, the duty cycle is controlled to produce the desired
output voltage.

Without a synchronous drive signal, the circuit will self oscil-
late at a frequency determined by L1 and C1. This self-oscil-
lation frequency must be lower than the synchronous drive
frequency. Therefore, more filtering is required for a driven
regUlator than for a self-oscillating regUlator operating at the
same frequency. This also means that a driven regulator will
have less output ripple.

The value of C2 is chosen so that its capacitive reactance at
the drive frequency is less than one-tenth the resistance of
R2. The amplitude of the triangular wave is set at 25 mV
with R5. It is advisable to ac couple the drive signal by put-
ting a capacitor in series with R5 so that it does not disturb
the de reference voltage developed for the error amplifier.

the LM 104 regulator
The basic refere:1ce for the regulator is zener diode D1. The
reference diode is supplied from a PNP current source, Q8,
which has a fixed current gain of 2. This arrangement per-
mits the circuit to operate with unregulated input voltages as
low as 7V, substantially increasing the efficiency of low-volt-
age regulators.

The reference supply is temperature compensated by using
the negative temperature coefficient of the transistor emit-
ter-base voltages to cancel the positive coefficient of the
zener diode. The design produces a nominal 2.4V between
the reference and reference supply terminals of the integrat-
ed circuit. Connecting an external 2.4 Kfi resistor between
those terminals gives a 1 mA reference current from the
collectors of Q1 and Q2, which is independent of tempera-
ture. The reference voltage supplied to the error amplifier is
developed across a second external resistor connected be-
tween the adjustment terminal and ground.

The reference supply terminal is normally connected to the
unregulated supply. However, improved line regulation can
be obtained by preregulating the voltage on this terminal.
This improvement occurs because Q1, Q2, and Q7 do not
see changes in input voltage. Normally, it is the change in
the emitter-base voltage of these transistors with changes
in collector-base voltage which determines the Iitle regula-
tion.

When the reference supply and unregulated input terminals
are operated from separate voltage sources, it is important
to make sure that the unregulated input terminal of the inte-
grated circuit does not get more than 2V more positive than
the reference supply terminal. If this happens, the collector-
isolation junction of Q6 becomes forward biased and dis-
rupts the reference.



The error amplifier of the regulator is quite similar to the
LM101 operational amplifier. Emitter follower input transis-
tors, Q18 and Q19, drive a dual PNP which is operated in
the common-base configuration. The current gain of these
PNP transistors is fixed at 4 so that the base can be driven
by a current source (Q13). Active collector loads are used
for the input stage so that a voltage gain of 2000 is ob-
tained. Q21 and Q22 provide enough current gain to keep
the internal, series-pass transistor from loading the input
stage. R14 limits the base drive on Q23 when it saturates
with low, unregulated input voltages. The collector of Q23 is
brought out separately so that an external booster transistor
can be added for increased output current capability. R13
established the minimum operating current in Q23 when
booster transistors are used.
One feature of the error amplifier is that it operates properly
with common mode voltages all the way up to ground. Be-
cause of this, the circuit will regulate with output voltages to
zero volts.
Current limiting is provided by Q24. When the voltage be-
tween the current limit and unregulated input terminals be-
comes large enough to turn on Q24, it will pull Q10 out of
saturation and remove base drive from Q21 through Q20.

This causes the series pass transistor to exhibit a constant
current characteristic. The pre-load current, provided for
Q24 by Q10 before current limiting is initiated, gives a much
sharper current-limit characteristic. C1 and R11 are included
in the limiting circuitry to suppress oscillations.
The error amplifier is connected to a divider on the output
(R15 and R16) to keep the reference current generator from
saturating with low input-output voltage differentials. A com-
pensating resistor, R17, which is equal to the equivalent
resistance of the divider is included to minimize offset error
in the error amplifier.
The major feedback loop is frequency compensated by the
brute-force method of rolling off the response with a rela-
tively large capacitor on the output. C2 is included on the
integrated circuit to compensate for the effects of series
resistance in the output capacitor. A compensation point is
also brought out so that more capacitance can be added
across C2 for certain regulator configurations. R8 improves
the load-transient response, especially when compensation
is added on Pin 4.
The purpose of Q9, which is a collector FET, is to bias the
current-source transistors, Q12 and Q13. It also supplies
the preload current for the current-limit transistor, Q24,
through Q10.
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The LM10S-An Improved
Positive Regulator
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

Introduction
IC voltage regulators are seeing rapidly increasing usage.
The LM100, one of the first, has already been widely ac-
cepted. Designed for versatility, this circuit can be used as a
linear regulator, a switching regulator, a shunt regulator, or
even a current regulator. The output voltage can be set be-
tween 2V and 30V with a pair of external resistors, and it
works with unregulated input voltages down to 7V. Dissipa-
tion limitations of the IC package restrict the output current
to less than 20 mA, but external transistors can be added to
obtain output currents in excess of 5A. The LM100 and an
extensive description of its use in many practical circuits are
described in References 1-3.
One complaint about the LM100 has been that it does not
have good enough regulation for certain applications. In ad-
dition, it becomes difficult to prove that the load regulation is
satisfactory under worst-case design conditions. These
problems prompted development of the LM105, which is
nearly identical to the LM100 except that a gain stage has
been added for improved regulation. In the great majority of
applications, the LM105 is a plug-in replacement for the
LM100.

the Improved regulator
The load regulation of the LM100 is about 0.1%, no load to
full load, without current limiting. When short circuit protec-
tion is added, the regulation begins to degrade as the output
current becomes greater than about half the limiting current.
This is illustrated in Figure 1.The LM105, on the other hand,
gives 0.1% regulation up to currents closely approaching
the short circuit current. As shown in Figure 1b, this is partic-
ularly significant at high temperatures.
The current limiting characteristics of a regulator are impor-
tant for two reasons: First, it is almost mandatory that a
regulator be short-circuit protected because the output is
distributed to enough places that the probability of it becom-
ing shorted is quite high, Secondly, the sharpness of the
limiting characteristics is not improved by the addition of
external booster transistors. External transistors can in-
crease the maximum output current, but they do not im-
prove the load regulation at currents approaching the short
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Figure 1. Comparison between the load regulation of
the LM100 and LM105 for equal short circuit
currents

circuit current. Thus, it can be seen that the LM105 provides
more than ten times better load regulation in practical power
supply designs.



Agure 2 shows that the LM105 also provides better line
regulation than the LM100. These curves give the percent-
age change in output voltage for an incremental change in
the unregulated input voltage. They show that the line regu-
lation is worst for small differences between the input and
output voltages. The LM105 provides about three times bet-
ter regulation under worst case conditions. Bypassing the
internal reference of the regulator makes the ripple rejection
of the LM105 almost a factor of ten better than the LM100
over the entire operating range, as shown in the figure. This
bypass capacitor also eliminates noise generated in the in-
ternal reference zener of the IC.

0.1

~ •...
l!:
fi 0.112i
UJ 0.01
c
~ 0._
>..I0.002

TL/H/6906-3

Figure 2. Comparison between the line regulation char-
acteristics of the LM100 and LM105

The LM105 has also benefited from the use of new IC com-
ponents developed after the LM100 was designed. These
have reduced the internal power consumption so that the
LM105 can be specified for input voltages up to 50V and
output voltages to 40V. The minimum preload current re-
quired by the LM100 is not needed on the LM105.

circuit description
The differences between the LM100 and the LM105 can be
seen by comparing the schematic diagrams in Figures 3 and
4. Q4 and 05 have been added to the LM105 to form a
common-collector, common-base, common-emitter amplifi-
er, rather than the single common-emitter differential ampli-
fier of the LM100.
In the LM100, generation of the reference voltage starts
with zener diode, D1, which is supplied with a fixed current
from one of the collectors of 02. This regulated voltage,
which has a positive temperature coefficient, is buffered by

GROUND
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Figure 4. Schematic diagram of the LM105 regUlator
04, divided down by R1 and R2 and connected in series
with a diode-connected transistor, 07. The negative temper-
ature coefficient of 07 cancels out the positive coefficient of
the voltage across R2, producing a temperature-compen-
sated 1.8V on the base of 08. This point is also brought
outside the circuit so that an external capacitor can be add-
ed to bypass any noise from the zener diode.
Transistors 08 and 09 make up the error amplifier of the
circuit. A gain of 2000 is obtained from this single stage by
using a current source, another collector on 02, as a collec-
tor load. The output of the amplifier is buffered by 011 and
used to drive the series-pass transistor, 012. The collector
of 012 is brought out so that an external PNP transistor, or
PNP-NPN combination, can be added for increased output
current.
Current limiting is prOVided by 010. When the voltage
across an external resistor connected between Pins 1 and 8
becomes high enough to turn on 010, it removes the base
drive from 011 so the regulator exhibits a constant-current
characteristic. Prebiasing the current limit transistor with a
portion of the emitter-base voltage of 012 from R6 and R7
reduces the current limit sense voltage. This increases the
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efficiency of the regulator, especially when foldback current
limiting is used. With foldback limiting, the voltage dropped
across the current sense resistor is about four times larger
than the sense voltage.
As for the remaining details, the collector of the amplifier,
09, is brought out so that external collector-base capaci-
tance can be added to frequency-stabilize the circuit when it
is used as a linear regulator. This terminal can also be
grounded to shut the regulator off. R9 and R4 are used to
start up the regulator, while the rest of the circuitry estab-
lishes the proper operating levels for the current source
transistor, 02.
The reference circuitry of the LM105 is the same, except
that the current through the reference divider, R2, R3 and
R4, has been reduced by a factor of two on the LM105 for
reduced power consumption. In the LM105. 02 and 03 form
an emitter coupled amplifier, with 03 being the emitter-fol-
lower input and 02 the common-base output amplifier. R6 is
the collector load for this stage, which has a voltage gain of
about 20. The second stage is a differential amplifier, using
04 and 05. 05 actually provides the gain. Since it has a
current source as a collector load, one of the collectors of
012, the gain is quite high: about 1500. This gives a total
gain in the error amplifier of about 30,000 which is ten times
higher than the LM100.
It is not obvious from the schematic, but the first stage (02
and 03) and second stage (04 and 05) of the error amplifi-
er are closely balanced when the circuit is operating. This
will be true regardless of the absolute value of components
and over the operating temperature range. The only thing
affecting balance is component matching, which is good in a
monolithic integrated circuit, so the error amplifier has good
drift characteristics over a wide temperature range.
Frequency compensation is accomplished with an external
integrating capacitor around the error amplifier, as with the
LM100. This scheme makes the stability insensitive to load-
ing conditions-resistive or reactive-while giving good
transient response. However, an internal capacitor, C1, is
added to prevent minor-loop oscillations due to the in-
creased gain.
Additional differences between the LM100 and LM105 are
that a field-effect transistor, 018, connected as a current
source starts the regulator when power is first applied.
Since this current source is connected to ground, rather
than the output. the minimum load current before the regula-
tor drops out of operation with large input-output voltage
differentials is greatly reduced. This also minimizes power
dissipation in the integrated circuit when the difference be-
tween the input and output voltage is at the worst-case val-
ue. With the LM105 circuit configuration, it was also neces-
sary to add 017 to eliminate a latch-up mechanism which
could exist with lower output-voltage settings. Without 017,
this could occur when 03 saturated and cut off the second
stage amplifiers, 04 and 05, causing the output to latch at a
voltage nearly equal to the unregulated input.

power limitations
Although it is desirous to put as much of the regulator as
possible on the IC chip, there are certain basic limitations.
For one, it is not a good idea to put the series pass transis-
tor on the chip. The power that must be dissipated in the
pass transistor is too much for practical IC packages. Fur-
ther, IC's must be rated at a lower maximum operating tem-
perature than power transistors. This means that even with
a power package, a more massive heat sink would be re-
quired if the pass transistor was included in the IC.
Assuming that these problems could be solved, it is still not
advisable to put the pass transistor on the same chip with
the reference and control circuitry: changes in the unregu-
lated input voltage or load current produce gross variations
in chip temperature. These variations worsen load and line
regulation due to temperature interaction with the control
and reference circuitry.
To elaborate, it is reasonable to neglect the package prob-
lem since it is potentially solvable. The lower, maximum op-
erating temperatures of IC's, however, present a more basic
problem. The control circuitry in an IC regUlator runs at fairly
low currents. As a result, it is more sensitive to leakage
currents and other phenomena which degrades the per-
formance of semiconductors at high temperatures. Hence,
the maximum operating temperature is limited to 150·C in
military temperature range applications. On the other hand.
a power transistor operating at high currents may be run at
temperatures up to 200·C, because even a 1 mA leakage
current would not affect its operation in a properly designed
circuit. Even if the pass transistor developed a permanent
1 mA leakage from channeling, operating under these con-
ditions of high stress, it would not affect circuit operation.
These conditions would not trouble the pass transistor, but
they would most certainly cause complete failure of the con-
trol circuitry.
These problems are not eliminated in applications with a
lower maximum operating temperature. Integrated circuits
are sold for limited temperature range applications at con-
siderably lower cost. This is mainly based on a lower maxi-
mum junction temperature. They may be rated so that they
do not blow up at higher temperatures, but they are not
guaranteed to operate within specifications at these temper-
atures. Therefore, in applications with a lower maximum am-
bient temperature, it is necessary to purchase an expensive
full temperature range part in order to take advantage of the
theoretical maximum operating temperatures of the IC.
Figure 5 makes the point about dissipation limitations more
strongly. It gives the maximum short circuit output current
for an IC regulator in a TO-5 package, assuming a 25·C
temperature rise between the chip and ambient and a quies-
cent current of 2 mA. Dual-in-line or flat packages give re-
sults which are, at best, slightly better, but are usually
worse. If the short circuit current is not of prime concern,
Figure 5 can also be used to give the maximum output cur-
rent as a function of input-output voltage differential, How-
ever, the increased dissipation due to the quiescent current
flowing at the maximum input voltage must be taken into
account. In addition, the input-output differential must be
measured with the maximum expected input voltages.
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Figure S. Dissipation limited short circuit output current
for an Ie regulator In a TQ-S package

The 2S'C temperature rise assumed in arriving at Figure 5 is
not at all unreasonable. With military temperature range
parts, this is valid for a maximum junction temperature of
1S0'C with a 12S'C ambient. For low cost parts, marketed
for limited temperature range applications, this maximum
differential appropriately derates the maximumjunction tem-
perature.
In practical designs, the maximum permissible dissipation
will always be to the left of the curve shown for an infinite
heat sink in Figure 5. This curve is realized with the package
immersed in circulating acetone, freon or mineral oil. Most
heat sinks are not quite as good.
To summarize, power transistors can be run with a tempera-
ture differential, junction to ambient, 3 to Stimes as great as
an integrated circuit. This means that they can dissipate
much more power, even with a smaller heat sink. This, cou-
pled with the fact that low cost, multilead power packages
are not available and that there can be thermal interactions
between the control circuitry and the pass transistor, strong-
ly suggests that the pass transistors be kept separate from
the integrated circuit.

using booster transistors
Figure 6 shows how an external pass transistor is added to
the LM10S.The addition of an external PNP transistor does
not increase the minimum input output voltage differential.
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This would happen if an NPN transistor was used in a com-
pound emitter follower connection with the NPN output tran-
sistor of the IC. A single-diffused, wide base transistor like
the 2N3740 is recommended because it causes fewer oscil-
lation problems than double-diffused, planar devices. In ad-
dition, it seems to be less prone to failure under overload
conditions; and low cost devices are available in power
packages like the TO-66 or even TO-3.
When the maximum dissipation in the pass transistor is less
than about O.SW,a 2N290S may be used as a pass transis-
tor. However, it is generally necessary to carefully observe
thermal deratings and provide some sort of heat sink.
In the circuit of Figure 6, the output voltage is determined by
R1 and R2. The resistor values are selected based on a
feedback voltage of 1.8V to Pin 6 of the LM10S. To keep
thermal drift of the output voltage within specifications, the
parallel combination of R1 and R2 should be approximately
2K. However, this resistance is not critical. Variations of
± 30% will not cause an appreciable degradation of temper-
ature drift.
The 1 ",F output capacitor, C2, is required to suppress oscil-
lations in the feedback loop involving the external booster
transistor, 01, and the output transistor of the LM10S. C1
compensates the internal regUlatorcircuitry to make the sta-
bility independent for all loading conditions. C3 is not nor-
mally required if the lead length between the regulator and
the output filter of the rectifier is short.
Current limiting is prOVidedby R3. The current limit resistor
should be selected so that the maximum voltage drop
across it, at full load current, is equal to the voltage given in
Figure 7 at the maximum junction temperature of the IC.
This assures a no load to full load regUlation better than
0.1% under worst-case conditions.
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Figure 7. Maximum voltage drop across current limit re-
sistor at full load for worst case load regula-
tion of 0.1%

The short circuit output current is also determined by R3.
Figure 8 shows the voltage drop across this resistor, when
the output is shorted, as a function of junction temperature
in the IC.
With the type of current limiting used in Figure 6, the dissipa-
tion under short circuit conditions can be more than three
times the worst-case full load dissipation. Hence, the heat
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Figure 8. Voltage drop across current limit resistor re-
quired to initiate current limiting

sink for the pass transistor must be designed to accommo-
date the increased dissipation if the regulator is to survive
more than momentarily with a shorted output. It is encourag-
ing to note, however, that the short circuit current will de-
crease at higher ambient temperatures. This assists in pro-
tecting the pass transistor from excessive heating.

fold back current limiting
With high current regulators, the heat sink for the pass tran-
sistor must be made quite large in order to handle the power
dissipated under worst-case conditions. Making it more than
three times larger to withstand short circuits is sometimes
inconvenient in the extreme. This problem can be solved
with foldback current limiting, which makes the output cur-
rent under overload conditions decrease below the full load
current as the output voltage is pulled down. The short cir-
cuit current can be made but a fraction of the full load cur-
rent.

A high current regulator using fold back limiting is shown in
Figure 9. A second booster transistor, 01, has been added
to provide 2A output current without causing excessive dis-
sipation in the LM10S. The resistor across its emitter base
junction bleeds off any collector base leakage and estab-
lishes a minimum collector current for 02 to make the circuit
easier to stabilize with light loads. The foldback characteris-
tic is produced with R4 and RS. The voltage across R4
bucks out the voltage dropped across the current sense
resistor, R3. Therefore, more voltage must be developed
across R3 before current limiting is initiated. After the output
voltage begins to fall, the bucking voltage is reduced, as it is
proportional to the output voltage. With the output shorted,

C4
0.051'f

the current is reduced to a value determined by the current
limit resistor and the current limit sense voltage of the
LM10S .
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Figure 10. Limiting characteristics of regUlator using
foldback current limiting

Figure 10 illustrates the limiting characteristics. The circuit
regulates for load currents up to 2A. Heavier loads will
cause the output voltage to drop, reducing the available cur-
rent. With a short on the output, the current is only O.SA.

In design, the value of R3 is determined from

Rs = Vlim,
ISC

where Vlim is the current limit sense voltage of the LM10S,
given in Figure 8, and Isc is the design value of short circuit
current. RS is then obtained from

R
- VOUT + Vsense5- ,

Ibleed + Ibias
where VOUT is the regulated output voltage, Vsense is maxi-
mum voltage across the current limit resistor for 0.1 % regu-
lation as indicated in Figure 7, Ibleed is the preload current
on the regulator output provided by RS and Ibias is the maxi-
mum current coming out of Pin 1 of the LM10S under full
load conditions. Ibias will be equal to 2 mA plus the worst-
case base drive for the PNP booster transistor, 02. Ibleed
should be made about ten times greater than Ibias.

Finally, R4 is given by

R
- IFL Rs - Vsense4-

Ibleed
where IFL is the output current of the regulator at full load.
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It is recommended that a ferrite bead be strung on the emit-
ter of the pass transistor, as shown in Figure 9, to suppress
oscillations that may show up with certain physical configu-
rations. It is advisable to also include C4 across the current
limit resistor.
In some applications, the power dissipated in 02 becomes
too great for a 2N2905 under worst-case conditions. This
can be true even if a heat sink is used, as it should be in
almost all applications. When dissipation is a problem, the
2N2905 can be replaced with a 2N3740. With a 2N3740, the
ferrite bead and C4 are not needed because this transistor
has a lower cutoff frequency.
One of the advantages of foldback limiting is that it sharp-
ens the limiting characteristics of the IC. In addition, the
maximum output current is less sensitive to variations in the
current limit sense voltage of the IC: in this circuit, a 20%
change in sense voltage will only affect the trip current by
5%. The temperature sensitivity of the full load current is
likewise reduced by a factor of four, while the short circuit
current is not.
Even though the voltage dropped across the sense resistor
is larger with foldback limiting, the minimum input-output
voltage differential of the complete regulator is not in-
creased above the 3V specified for the LM105 as long as
this drop is less than 2V. This can be attributed to the low
sense voltage of the IC by itself.
Figure 10 shows that foldback limiting can only be used with
certain kinds of loads. When the load looks predominately
like a current source, the load line can intersect the foldback
characteristic at a point where it will prevent the regulator
from coming up to voltage, even without an overload. Fortu-
nately, most solid state circuitry presents a load line which
does not intersect. However, the possibility cannot be ig-
nored, and the regulator must be designed with some
knowledge of the load.
With foldback limiting, power dissipation in the pass transis-
tor reaches a maximum at some point between full load and
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short circuited output. This is illustrated in Figure 1,. Howev-
er, if the maximum dissipation is calculated with the worst-
case input voltage, as it should be, the power peak is not
too high.
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Figure 11. Power dissipation In series pass transistors
under overload conditions In regUlator using
foldback current limiting

high current regulator
The output current of a regulator using the LM105 as a con-
trol element can be increased to any desired level by adding
more booster transistors, increasing the effective current
gain of the pass transistors. A circuit for a 10A regulator is
shown in Figure 12. A third NPN transistor has been includ-
ed to get higher current. A low frequency device is used for
03 because it seems to better withstand abuse. However,
high frequency transistors must be used to drive it. 02 and
03 are both double-diffused transistors with good frequency
response. This insures that 03 will present the dominant lag
in the feedback loop through the booster transistors, and
back around the output transistor of the LM105. This is fur-
ther insured by the addition of C3.

Cl'

I
500~F
10V

tSolid tantalum

·ElectrolyUc



The circuit, as shown, has a full load capability of 10A. Fold-
back limiting is used to give a short circuit output current of
2.5A. The addition of Q3 increases the minimum input-out-
put voltage differential, by 1V, to 4V.

dominant failure mechanisms
By far, the biggest reason for regulator failures is overdissi-
pation in the series pass transistors. This has been borne
out by experience with the LM100. Excessive heating in the
pass transistors causes them to short out, destroying the IC.
This has happened most frequently when PNP booster tran-
sistors in a TO-5 can, like the 2N2905, were used. Even with
a good heat sink, these transistors cannot dissipate much
more than 1W. The maximum dissipation is less in many
applications. When a single PNP booster is used and power
can be a problem, it is best to go to a transistor like the
2N3740, in a TO-66 power package, using a good heat sink.
Using a compound PNP/NPN booster does not solve all
problems. Even when breadboarding with transistors in TO-
3 power packages, heat sinks must be used. The TO-3
package is not very good, thermally, without a heat sink.
Dissipation in the PNP transistor driving the NPN series
pass transistor cannot be ignored either. Dissipation in the
driver with worst-case current gain in the pass transistor
must be taken into account. In certain cases, this could re-
quire that a PNP transistor in a power package be used to
drive the NPN pass transistor. In almost all cases, a heat
sink is required if a PNP driver transistor in a TO-5 package
is selected.
With output currents above 3A, it is good practice to replace
a 2N3055 pass transistor with a 2N3772. The 2N3055 is
rated for higher currents than 3A, but its current gain falls off
rapidly. This is especially true at either high temperatures or
low input-output voltage differentials. A 2N3772 will give
substantially better performance at high currents, and it
makes life much easier for the PNP driver.
The second biggest cause of failures has been the output
filter capacitors on power inverters providing unregulated
power to the regulator. If these capacitors are operated with

_ excessive ripple across them, and simultaneously near their
maximum dc voltage rating, they will sputter. That is, they
short momentarily and clear themselves. When they short,
the output capacitor of the regulator is discharged back

through the reverse biased pass transistors or the control
circuitry, frequently causing destruction. This phenomenon
is especially prevalent when solid tantalum capacitors are
used with high-frequency power inverters. The maximum
ripple allowed on these capacitors decreases linearly with
frequency.
The solution to this problem is to use capacitors with con-
servative voltage ratings. In addition, the maximum ripple
allowed by the manufacturer at the operating frequency
should also be observed.
The problem can be eliminated completely by installing a
diode between the input and output of the regulator such
that the capacitor on the output is discharged through this
diode if the input is shorted. A fast switching diode should
be used as ordinary rectifier diodes are not always effective.
Another cause of problems with regulators is severe voltage
transients on the unregulated input. Even if these transients
do not cause immediate failure in the regulator, they can
feed through and destroy the load. If the load shorts out, as
is frequently the case, the regulator can be destroyed by
subsequent transients.
This problem can be solved by specifying all parts of the
regulator to withstand the transient conditions. However,
when ultimate reliability is needed, this is not a good solu-
tion. Especially since the regulator can withstand the tran-
sient, yet severely overstress the circuitry on its output by
feeding the transients through. Hence, a more logical re-
course is to include circuitry which suppresses the tran-
sients. A method of doing this is shown in Figure 13.A zener
diode, which can handle large peak currents, clamps the
input voltage to the regulator while an inductor limits the
current through the zener during the transient. The size of
the inductor is determined from

aVat
L=-l- (4)

where av is the voltage by which the input transient ex-
ceeds the breakdown voltage of the diode, at is the dura-
tion of the transient and I is the peak current the zener can
handle while still clamping the input voltage to the regulator.
As shown, the suppression circuit will clamp 70V, 4 ms tran-
sients on the unregulated supply.

01"
UZ5I40
40V

-·Unitrode TLIH/6906-14
Figure 13. Suppression circuitry to remove large voltage spikes from unregulated supplies



conclusions
The LM105 is an exact replacement for the LM100 in the
majority of applications, providing about ten times better
regulation. There are, however, a few differences:

In switching regulator applications,2 the size of the resistor
used to provide positive feedback should be doubled as the
impedance seen looking back into the reference bypass ter-
minal is twice that of the LM100 (2 kO versus 1 kO). In
addition, the minimum output voltage of the LM105 is 4.5V,
compared with 2V for the LM100'. In low voltage regulator
applications, the effect of this is obvious. However, it also
imposes some limitations on current regulator and shunt
regulator designs.3 Lastly, clamping the compensation ter-
minal (Pin 7) within a diode drop of ground or the output
terminal will not guarantee that the regulator is shut off, as it
will with the LM100. This restricts the LM105 in the overload
shutoff schemes3 which can be used with the LM100.

Dissipation limitations of practical packages dictate that the
output current of an IC regulator be less than 20 mA. How-
ever, ex1ernal booster transistors can be added to get any
output current desired. Even with satisfactory packages,
considerably larger heat sinks would be needed if the pass
transistors were put on the same chip as the reference and
control circuitry, because an IC must be run at a lower maxi-
mum temperature than a power transistor. In addition, heat
dissipated in the pass transistor couples into the low level
circuitry and degrades performance. All this suggests that
the pass transistor be kept separate from the IC.

Overstressing series pass transistors has been the biggest
cause of failures with IC regulators. This not only applies to
the transistors within the IC, but also to the ex1ernal booster
transistors. Hence, in designing a regulator, it is of utmost
importance to determine the worst-case power dissipation
in all the driver and pass transistors. Devices must then be
selected which can handle the power. Further, adequate
heat sinks must be provided as even power transistors can-
not dissipate much power by themselves.

Normally, the highest power dissipation occurs when the
output of the regulator is shorted. If this condition requires
heat sinks which are so large as to be impractical, fold back
current limiting can be used. With foldback limiting, the pow-
er dissipated under short circuit conditions can actually be
made less than the dissipation at full load.

The LM105 is designed primarily as a positive voltage regu-
lator. A negative regulator, the LM104, which is a functional
complement to the LM105, is described in Reference 4.
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A Simplified Test Set for Op
Amp Characterization

INTRODUCTION
The test set described in this paper allows complete quanti-
tative characterization of all dc operational amplifier param-
eters quickly and with a minimum of additional equipment.
The method used is accurate and is equally suitable for lab-
oratory or production test-for quantitative readout or for
limit testing. As embodied here, the test set is conditioned
for testing the LM709 and LM101 amplifiers; however, sim-
ple changes discussed in the text will allow testing of any of
the generally available operational amplifiers.

Amplifier parameters are tested over the full range of com-
mon mode and power supply voltages with either of two
output loads. Test set sensitivity and stability are adequate
for testing all presently available integrated amplifiers.

The paper will be divided into two sections, Le., a functional
description, and a discussion of circuit operation. Complete
construction information will be given including a layout for
the tester circuit boards.

FUNCTIONAL DESCRIPTION

The test set operates in one of three basic modes. These
are: (1) Bias Current Test; (2) Offset Voltage, Offset Current
Test; and (3) Transfer Function Test. In the first two of these
tests, the amplifier under test is exercised throughout its full
common mode range. In all three tests, power supply volt-
ages for the circuit under test may be set at ± 5V, ± 1OV,
±15V, or ±20V.

National Semiconductor
Application Note 24
M. Yamatake

POWER SUPPLY

Basic waveforms and dc operating voltages for the test set
are derived from a power supply section comprising a posi-
tive and a negative rectifier and filter, a test set voltage
regulator, a test circuit voltage regulator, and a function gen-
erator. The dc supplies will be discussed in the section deal-
ing with detailed circuit description.

The waveform generator provides three output functions, a
± 19V square wave, a - 19V to + 19V pulse with a 1% duty
cycle, and a ± 5V triangular wave. The square wave is the
basic waveform from which both the pulse and triangular
wave outputs are derived.

The square wave generator is an operational amplifier con-
nected as an astable multivibrator. This amplifier provides
an output of approximately ± 19V at 16 Hz. This square
wave is used to drive junction FET switches in the test set
and to generate the pulse and triangular waveforms.

The pulse generator is a monostable multivibrator driven by
the output of the square wave generator. This multivibrator
is allowed to swing from negative saturation to positive satu-
ration on the positive going edge of the square wave input
and has a time constant which will provide a duty cycle of
approximately 1%. The output is approximately -19V to
+19V.
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The triangular wave generator is a dc stabilized integrator
driven by the output of the square wave generator and pro-
vides a ± 5V output at the square wave frequency, inverted
with respect to the square wave.

The purpose of these various outputs from the power supply
section will be discussed in the functional description.

BIAS CURRENT TEST

A functional diagram of the bias current .test circuit is shown
in Figure 1. The output of the triangular wave generator and
the output of the test circuit, respectively, drive the horizon-
tal and vertical deflection of an oscilloscope.

The device under test, (cascaded with the integrator, A7l, is
connected in a differential amplifier configuration by R 1, R2'
R3' and R4. The inputs of this differential amplifier are driven
in common from the output of the triangular wave generator
through attenuator Rs and amplifier As. The inputs of the
device under test are connected to the feedback network
through resistors Rs and R6' shunted by the switch SSa and
SSb·
The feedback network provides a closed loop gain of 1,000
and the integrator time constant serves to reduce noise at
the output of the test circuit as well as allowing the output of
the device under test to remain near zero volts.

The bias current test is accomplished by allowing the device
under test to draw input current to one of its inputs through
the corresponding input resistor on positive going or nega-
tive going halves of the triangular wave generator output.
This is accomplished by closing SSa or SSb on alternate
halves of the triangular wave input. The voltage appearing
across the input resistor is equal to input current times the
input resistor. This voltage is multiplied by 1,000 by the
feedback loop and appears at the integrator output and the
vertical input of the oscilloscope. The vertical separaton of
the traces representing the two input currents of the amplifi-
er under test is equivalent to the total bias current of the
amplifier under test.

The bias current over the entire common mode range may
be examined by setting the output of As equal to the amplifi-
er common mode range. A photograph of the bias current
oscilloscope display is given as Figure 2. In this figure, the
total input current of an amplifier is displayed over a ± 10V
common mode range with a sensitivity of 100 nA per vertical
division.

Tl/HI7190-2
FIGURE 2. Bias Current and Common

Mode Rejection Display

The bias current display of Figure 2 has the added advan-
tage that incipient breakdown of the input stage of the de-
vice under test at the extremes of the common mode range
is easily detected.

If either or both the upper or lower trace in the bias current
display exhibits curvature near the horizontal ends of the
oscilloscope face, then the bias current of that input of the
amplifier is shown to be dependent on common mode volt-
age. The usual causes of this dependency are low break-
down voltage of the differential input stage or current sink.

OFFSET VOLTAGE, OFFSET CURRENT TEST

The offset voltage and offset current tests are performed in
the same general way as the bias current test. The only
difference is that the switches SSa and SSb are closed on
the same half-cycle of the triangular wave input.

The synchronous operation of SSa and SSb forces the ampli-
fier under test to draw its input currents through matched
high and low input resistors on alternate halves of the input
triangular wave. The difference between the voltage drop
across the two values of input resistors is proportional to the
difference in input current to the two inputs of the amplifier
under test and may be measured as the vertical spacing
between the two traces appearing on the face of the oscillo-
scope.

Offset voltage is measured as the vertical spacing between
the trace corresponding to one of the two values of source
resistance and the zero volt baseline. Switch S6 and Resis-
tor Rg are a base line chopper whose purpose is to provide
a baseline reference which is independent of test set and
oscilloscope drift. S6 is driven from the pulse output of the
function generator and has a duty cycle of approximately
1% of the triangular wave.

Figure 3 is a photograph of the various waveforms present-
ed during this test. Offset voltage and offset current are
displayed at a sensitivity of 1 mV and 100 nA per division,
respectively, and both parameters are displayed over a
common mode range of ± 10V.

TL/H/7190-3

FIGURE 3. Offset Voltage, Offset Current
and Common Mode Rejection Display
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TRANSFER FUNCTION TEST
A functional diagram of the transfer function test is shown in
Figure 4. The output of the triangular wave generator and
the output of the circuit under test, respectively, drive the
horizontal and vertical inputs of an oscilloscope.

The device under test is driven by a ±2.5 mV triangular
wave derived from the ± 5V output of the triangular wave
generator through the atlenuators R 11, R 12, and R I, R3 and
through the voltage follower, A7. The output of the device
under test is fed to the vertical input of an oscilloscope.

Amplifier A7 performs a dual function in this test. When 57 is
closed during the bias current test, a voltage is developed
across Cl equal to the amplifier offset voltage multiplied by
the gain of the feedback loop. When 57 is opened in the
transfer function test, the charge stored in Cl continues to
provide this offset correction voltage. In addition, A7 sums
the triangular wave test signal with the offset correction volt-
age and applies this sum to the input of the amplifier under
test through the atlenuator Rl' R3. This input sweeps the
input of the amplifier under test ± 2.5 mV around its offset
voltage.

Figure 5 is a photograph of the output of the test set during
the transfer function test. This figure illustrates the function
of amplifier A7 in adjusting the de input of the test device so
that its transfer function is displayed on the center of the
oscilloscope face.

The transfer function display is a plot of VIN vs VOUT for an
amplifier. This display provides information about three am·
plifier parameters: gain, gain linearity, and output swing.

TLiH/7190-5

FIGURE 5. Transfer Function Display
Gain is displayed as the slope, .:l.VOUT/.:l. VIN of the transfer
function. Gain linearity is indicated change in slope of the
VOUTIVIN display as a function of output voltage. This dis-
play is particularly useful in detecting crossover distortion in
a Class B output stage. Output swing is measured as the
vertical deflection of the transfer function at the horizontal
extremes of the display.
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DETAILED CIRCUIT DESCRIPTION

POWER SUPPLIES
As shown in Figure 6, which is a complete schematic of the
power supply and function generator, two power supplies
are provided in the test set. One supply provides a fixed
± 20V to power the circuitry in the test set; the other pro-
vides ± 5V to ± 20V to power the circuit under test.

The test set power supply regulator accepts +28V from the
positive rectifier and filter and provides +20V through the
LM100 positive regulator. Amplifier At is powered from the
negative rectifier and filter and operates as a unity gain in-
verter whose input is + 20V from the positive regulator, and
whose output is - 20V.

The test circuit power supply is referenced to the +20V
output of the positive regulator through the variable divider

comprising R7' Re, Rg, RIO, and R26' The output of this
divider is +1OV to +2.5V according to the position of S2a
and is fed to the non-inverting, gain-of-two amplifier, A2' A2
is powered from +28V and provides + 20V to + 5V at its
output. A3 is a unity gain inverter whose input is the output
of A2 and which is powered from -28V. The complementa-
ry outputs of amplifiers A2 and A3 provide dc power to the
circuit under test.

LM101 amplifiers are used as A2 and A3 to allow operation
from one ground referenced voltage each and to provide
protective current limiting for the device under test.

FUNCTION GENERATOR
The function generator provides three outputs, a ± 19V
square wave, a - 19V to + 19V pulse having a 1% duty
cycle, and a ± 5V triangular wave. The square wave is the



basic function from which the pulse and triangular wave are
derived, the pulse is referenced to the leading edge of the
square wave, and the triangular wave is the inverted and
integrated square wave.
Amplifier A4 is an astable multivibrator generating a square
wave from positive to negative saturation. The amplitude of
this square wave is approximately ± 19V. The square wave
frequency is determined by the ratio of R18 to R16 and by
the time constant, R17C9.The operating frequency is stabi-
lized against temperature and power regulation effects by
regulating the feedback signal with the divider R19, Ds and
D6·
Amplifier As is a monostable multivibrator triggered by the
positive going output of A4. The pulse width of As is deter-
mined by the ratio of R20 to R22 and by the time constant
R21C1o.The output pulse of As is an approximately 1% duty
cycle pulse from approximately -19V to + 19V.
Amplifier As is a dc stabilized integrator driven from the am-
plitude-regulated output of ~. Its output is a ± 5V triangular
wave. The amplitude of the output of A6 is determined by
the square wave voltage developed across Ds and D6 and
the time constant RadjC14.DC stabilization is accomplished
by the feedback network R24' R2S,and C1S.The ac attenua-
tion of this feedback network is high enough so that the
integrator action at the square wave frequency is not de-
graded.
Operating frequency of the function generator may be var-
ied by adjusting the time constants associated with ~, As,
and As in the same ratio.

TEST CIRCUIT
A complete schematic diagram of the test circuit is shown in
Figure 7. The test circuit accepts the outputs of the power
supplies and function generator and provides horizontal and
vertical outputs for an X-Y oscilloscope, which is used as
the measurement system.
The primary elements of the test circuit are the feedback
buffer and integrator, comprising amplifier A7 and its feed-
back network C16, R31' R32' and C17, and the differential
amplifier network, comprising the device under test and the
feedback network R40,R43' R44'and RS2.The remainder of
the test circuit provides the proper conditioning for the de-
vice under test and scaling for the oscilloscope, on which
the test results are displayed.
The amplifier A8 provides a variable amplitude source of
common mode signal to exercise the amplifier under test
over its common mode range. This amplifier is connected as
a non-inverting gain-of-3.6 amplifier and receives its input
from the triangular wave generator. Potentiometer R37 al-
lows the output of this amplifier to be varied from ± 0 volts
to ± 18 volts. The output of this amplifier drives the differen-
tial input resistors, R43 and R44' for the device under test.
The resistors R46 and R47 are current sensing resistors
which sense the input current of the device under test.
These resistors are switched into the circuit in the proper
sequence by the field effect transistors 06 and 07. 06 and
07 are driven from the square wave output of the function
generator by the PNP pair, 010 and 011, and the NPN pair,
08 and Og. Switch sections S1band S1c select the switch-
ing sequence for 08 and Og and hence for 06 and 07. In
the bias current test, the FET drivers, 08 and Og, are
switched by out of phase signals from 010 and 011, This
opens the FET switches 06 and 07 on alternate half cycles
of the square wave output of the function generator. During
the offset voltage, offset current test, the FET drivers are

operated synchronously from the output of 011. During the
transfer function test, 06 and 07 are switched on continu-
ously by turning off 011. R42and R4Smaintain the gates of
the FET switches at zero gate to source voltage for maxi-
mum conductance during their on cycle. Since the sources
of these switches are at the common mode input voltage of
the device under test, these resistors are connected to the
output of the common mode driver amplifier, As.
The input for the integrator-feedback buffer, A7, is selected
by the FET switches 04 and 05. During the bias current and
offset voltage offset current tests, A7 is connected as an
integrator and receives its input from the output of the de-
vice under test. The output of A7 drives the feedback resis-
tor, R40. In this connection, the integrator holds the output
of the device under test near ground and serves to amplify
the voltages corresponding to bias current, offset current,
and offset voltage by a factor of 1,000 before presenting
them to the measurement system. FET switches 04 and 05
are turned on by switch section S1b during these tests.
FET switches 04 and 05 are turned off during the transfer
function test. This disconnects A7 from the output of the
device under test and changes it from an integrator to a
non-inverting unity gain amplifier driven from the triangular
wave output of the function generator through the attenua-
tor R33and R34 and switch section S1a. In this connection,
amplifier A7 serves two functions; first, to provide an offset
voltage correction to the input of the device under test and,
second, to drive the input of the device under test with a
± 2.5 mV triangular wave centered about the offset voltage.
During this test, the common mode driver amplifier is dis-
abled by switch section S1a and the vertical input of the
measurement oscilloscope is transferred from the output of
the integrator-buffer, A7' to the output of the device under
test by switch section S1d. S2a allows supply voltages for
the device under testto be set at ± 5, ± 10, ± 15, or ± 20V.
S2b changes the vertical scale factor for the measurement
oscilloscope to maintain optimum vertical deflection for the
particular power supply voltage used. S4 is a momentary
contact pushbutton switch which is used to change the load
on the device under test from 10 kfi to 2 kfi.
A delay must be provided when switching from the input
tests to the transfer function tests. The purpose of this delay
is to disable the integrator function of A7 before driving it
with the triangular wave. If this is not done, the offset cor-
rection voltage, stored on C16, will be lost. This delay be-
tween opening FET switch 04, and switch Os, is provided by
the RC filter, R3Sand C19.
Resistor R41 and diodes D7 and D8 are provided to control
the integrator when no test device is present, or when a
faulty test device is inserted. R41 provides a dc feedback
path in the absence of a test device and resets the integra-
tor to zero. Diodes D7and D8clamp the input to the integra-
tor to approximately ±. 7volts when a faulty device is inserted.
FET switch 01 and resistor R28provide a ground reference
at the beginning of the 50-ohm-source, offset-voltage trace.
This trace provides a ground reference which is indepen-
dent of instrument or oscilloscope calibration. The gate of
01 is driven by the output of monostable multivibrator As,
and shorts the vertical oscilloscope drive signal to ground
during the time that As output is positive.
Switch S3, R27' and R28provide a 5X scale increase during
input parameter tests to allow measurement of amplifiers
with large offset voltage, offset current, or bias current.
Switch Ss allows amplifier compensation to be changed for
101 or 709 type amplifiers.
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FIGURE 7. Test Circuit

CALIBRATION

Calibration of the test system is relatively simple and re-
quires only two adjustments. First, the output of the main
regulator is set up for 20V. Then, the triangular wave gener-
ator is adjusted to provide ± 5V output by selecting Radj.
This sets the horizontal sweep for the X-Y oscilloscope
used as the measurement system. The oscilloscope is then
set up for W / division vertical and for a full 10 division hori-
zontal sweep.

Scale factors for the three test positions are:

1. Bias Current Display (Figure 2)

'bias total 100 nAldiv. vertical

Common Mode Voltage Variable horizontal

2. Offset Voltage-Offset Current (Figure 3)

'offset 100 nAldiv. vertical

Voffset 1 mV/div. vertical

Common Mode Voltage Variable horizontal

3. Transfer Function (Figure 5)

V'N 0.5 mV/div.

VOUT 5V/div. @ Vs ±20V

5V/div. @ Vs ±15V

2V/div. @ Vs ±10V

W/div. @ Vs ±5V

Gain = AVOUT
AV'N

CONSTRUCTION

Test set construction is simplified through the use of inte-
grated circuits and etched circuit layout.

Figure 8 gives photographs of the completed tester. Figure
9 shows the parts location for the components on the circuit
board layout of Figure 10. An attempt should be made to



adhere to this layout to insure that parasitic coupling be-
tween elements will not cause oscillations or give calibration
problems.
Table I is a listing of special components which are needed
to fit the physical layout given for the tester.

TABLE I. Partial Parts List

T1 Triad F-90X
S1 Centralab PA2003 non-shorting
S2 Centralab PA2015 non-shorting

S3,S4 Grayhill 30-1 Series 30 subminiature
pushbutton switch

S5, S6 Alcoswitch MST-105D SPDT

CONCLUSIONS
A semi-automatic test system has been described which will
completely test the important operational amplifier parame-
ters over the full power supply and common mode ranges.
The system is simple, inexpensive, easily calibrated, and is
equally suitable for engineering or quality assurance usage.
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IC Op Amp Beats FETs
on Input Current
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

abstract
A monolithic operational amplifier having input error cur-
rents in the order of 100pA over a - 55'C to 125'C temper-
ature range is described. Instead of FETs, the circuit used
bipolar transistors with current gains of 5000 so that offset
voltage and drift are not degraded A power consumption of
1 mW at low voltage is also featured.
A number of novel circuits that make use of the low current
characteristics of the amplifier are given. Further, special
design techniques required to take advantage of these low
currents are explored Component selection and the treat-
ment of printed circuit boards is also covered

introduction
A year ago, one of the loudest complaints heard about IC op
amps was that their input currents were too high. This is no
longer the case. Today ICs can provide the ultimate in per-
formance for many applications--even surpassing FET am-
plifiers.
FET input stages have long been considered the best way
to get low input currents in an op amp. Low-picoamp input
currents can in fact be obtained at room temperature. How-
ever, this current, which is the leakage current of the gate
junction, doubles every 10'C, so performance is severely
degraded at high temperatures. Another disadvantage is
that it is difficult to match FETs closely.1 Unless expensive
selection and trimming techniques are used, typical offset
voltages of 50 mV and drifts of 50 I'-vrc must be tolerated.
Super gain transistors2 are now challenging FETs. These
devices are standard bipolar transistors which have been
diffused for extremely high current gains. Typically, current
gains of 5000 can be obtained at 1 I'-A collector currents.
This makes it possible to get input currents which are com-
petitive with FETs. It is also possible to operate these tran-
sistors at zero collector base voltage, eliminating the leak-
age currents that plague the FET. Hence they can provide
lower error currents at elevated temperatures. As a bonus,
super gain transistors match much better than FETs with
typical offset voltages of 1 mV and drifts of 3 I'-Vrc.
Figure 1 compares the typical input offset currents of IC op
amps and FET amplifiers. Although FETs give superior per-
formance at room temperature, their advantage is rapidly
lost as temperature increases. Still, they are clearly better
than early IC amplifiers like the LM709.3 Improved devices,
like the LM101A,4 equal FET performance over a -55'C to
125'C temperature range. Yet they use standard transistors
in the input stage. Super gain transistors can provide more
than an order of magnitude improvement over the LM101A.
The LM106 uses these to equal FET performance over a
O'C to 70'C temperature range.
In applications involving 125'C operation, the LM106 is
about two orders of magnitude better than FETs. In fact,
unless special precautions are taken, overall circuit perform-
ance is often limited by leakages in capacitors, diodes, ana-
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Figure 1. Comparing IC op amps with FET-Input amplifier

log switches or printed circuit boards, rather than by the op
amp itself.

effects of error current
In an operational amplifier, the input current produces a volt·
age drop across the source resistance, causing a dc error.
This effect can be minimized by operating the amplifier with
equal resistances on the two inputs.5 The error is then pro-
portional to the difference in the two input currents, or the
offset current. Since the current gains of monolithic transis·
tors tend to match well, the offset current is typically a factor
of ten less than the input currents.
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Figure 2. Illustrating the effect of source resistance on
typical Input error voltage

Naturally, error current has the greatest effect in high im-
pedance circuitry. Figure 2 illustrates this point. The offset
voltage of the LM709 is degraded significantly with source
resistances greater than 10 kO. With the LM101A this is
extended to source resistances high as 500 kO. The
LM106, on the other hand, works well with source resistanc-
es above 10 MO.



High source resistances have an even greater effect on the
drift of an amplifier, as shown in Figure 3. The performance
of the LM709 is worsened with sources greater than 3 kO.
The LM101A holds out to 100 kO sources, while the LM108
still works well at 3 MO.
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Figure 3. Degradation of typical drift characteristics
with high source resistances

It is difficult to include FET amplifiers in Figure 3 because
their drift is initially 50 ",VJOC,unless they are selected and
trimmed. Even though their drift may be well controlled (5
",VJOG)over a limited temperature range, trimmed amplifiers
generally exhibit a much higher drift over a - 55°C to 125°C
temperature range. At any rate, their average drift rate
would, at best, be like that of the LM101A where 125°C
operation is involved.

Applications that require low error currents include amplifi-
ers for photodiodes or capacitive transducers, as these usu-
ally operate at megohm impedance levels. Sample-and-
hold-eircuits, timers, integrators and analog memories also
benefit from low error currents. For example, with the
LM709, worst case drift rates for these kinds of circuits is in
the order of 1.5 V/sec. The LM108 improves this to 3 mVI
sec.-worst case over a - 55°C to 125°C temperature
range. Low input currents are also helpful in oscillators and
active filters to get low frequency operation with reasonable
capacitor values. The LM108 can be used at a frequency of
1 Hz with capacitors no larger than 0.01 ",F. In logarithmic
amplifiers, the dynamic range can be extended by nearly 60
dB by going from the LM709 to the LM108. In other applica-
tions, having low error currents often permits an entirely dif-
ferent design approach which can greatly simplify circuitry.

the LM108
Figure 4 shows a simplified schematic of the LM108. Two
kinds of NPN transistors are used on the IC chip: super gain
(primary) transistors which have a current gain of 5000 with
a breakdown voltage of 4V and conventional (secondary)
transistors which have a current gain of 200 with an 80V
breakdown. These are differentiated on the schematic by
drawing the secondaries with a wider base.
Primarytransistors (01 and 02) are used for the input stage;
and they are operated in a cascode connection with as and
06. The bases of as and 06 are bootstrapped to the emit-
ters of 01 and 02 through 03 and 04, so that the input
transistors are operated at zero collector-base voltage.
Hence, circuit performance is not impaired by the low break-
down of the primaries, as the secondary transistors stand

Figure 4. Simplified schematic of the LM108
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off the commom mode voltage. This configuration also im-
proves the commom mode rejection since the input transis-
tors do not see variations in the commom mode voltage.
Further, because there is no voltage across their collector-
base junctions, leakage currents in the input transistors are
effectively eliminated.
The second stage is a differential amplifier using high gain
lateral PNPs (Q9 and Ql0).6 These devices have current
gains of lS0 and a breakdown voltage of 80V. Rl and R2
are the collector load resistors for the input stage. Q7 and
Q8 are diode connected laterals which compensate for the
emitter-base voltage of the second stage so that its operat-
ing current is set at twice that of the input stage by R4.
The second stage uses an active collector load (Q15 and
Q16) to obtain high gain. It drives a complementary class-B
output stage which gives a substantial load driVing capabili-
ty. The dead zone of the output stage is eliminated by bias-
ing it on the verge of conduction with Q11 and Q12.
Two methods of frequency compensation are available for
the amplifier. In one a 30 pF capacitor is connected from the
input to the output of the second stage (between the com-
pensation terminals). This method is pin-compatible with the
LM10l or LM101A. It can also be compensated by connect-
ing a 100 pF capacitor from the output of the second stage
to ground. This technique has the advantage of improving
the high frequency power supply rejection by a factor of ten.
A complete schematic of the LM108 is given in the Appen-
dix along with a description of the circuit. This includes such
essential features as overload protection for the inputs and
outputs.

performance
The primary design objective for the LM108 was to obtain
very low input currents without sacrificing offset voltage or
drift. A secondary objective was to reduce the power con-
sumption. Speed was of little concern, as long as it was
comparable with the LM709. This is logical as it is quite
difficult to make high-impedance circuits fast; and low power
circuits are very resistant to being made fast. In other re-
spects, it was desirable to make the LM108 as much like the
LM101A as possible.
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Figure 5. Input currents
Figure 5 shows the input current characteristics of the
LM108 over a -SS'C to 12S'C temperature range. Not only
are the input currents low, but also they do not change radi-
cally over temperature. Hence, the device lends itself to rel-
atively simple temperature compensation schemes, that will
be described later.

There has been considerable discussion about using Dar-
lington input stages rather than super gain transistors to
obtain low input currents.6,7 It is appropriate to make a few
comments about that here.
Darlington inputs can give about the same input bias cur-
rents as super gain transistors-at room temperature. How-
ever, the bias current varies as the square of the transistor
current gain. At low temperatures, super gain devices have
a decided advantage. Additionally, the offset current of su-
per gain transistors is considerably lower than Darlingtons,
when measured as a percentage of bias current. Further,
the offset voltage and offset voltage drift of Darlington tran-
sistors is both higher and more unpredictable.
Experience seems to tell the real truth about Darlingtons.
Quite a few op amps with Darlington input stages have been
introduced. However, none have become industry stan-
dards. The reason is that they are more sensitive to varia-
tions in the manufacturing process. Therefore, satisfactory
performance specifications can only be obtained by sacrific-
ing the manufacturing yield.
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The supply current of the LM108 is plotted as a function of
supply voltage in Figure 6. The operating current is about an
order of magnitude lower than devices like the LM709. Fur-
thermore, it does not vary radically with supply voltage
which means that the device performance is maintained at
low voltages and power consumption is held down at high
voltages.
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Figure 7. Output swing

The output drive capability of the circuit is illustrated in Fig-
ure 7. The output swings to within a volt of the supplies,



which is especially important when operating at low volt-
ages. The output falls off rapidly as the current increases
above a certain level and the short circuit protection goes
into effect. The useful output drive is limited to about
± 2 mA. It could have been increased by the addition of
Darlington transistors on the output, but this would have
restricted the voltage swing at low supply voltages. The am-
plifier, incidentally, works with common mode signals to
within a volt of the supplies so it can be used with supply
voltages as low as ±2V.
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Figure 8. Open loop frequency response

The open loop frequency response, plotted in Figure 8, indi-
cates that the frequency response is about the same as that
of the LM709 or the LM101A. Curves are given for the two
compensation circuits shown in Figure 9. The standard
compensation is identical to that of the LM101 or LM101A.
The alternate compensation scheme gives much better re-
jection of high frequency power supply noise, as will be
shown later.

c,;,~
R1 + R2

Co~30pF

Cs
~100.F

b. alternate compensation circuit

Figure 9. Compensation circuits

With unity gain compensation, both methods give a 75-de-
gree stability margin. However, the shunt compensation has
a 300 kHz small signal bandwidth as opposed to 1 MHz for
the other scheme. Because the compensation capacitor is
not included on the IC chip, it can be tailored to fit the appli-
cation. When the amplifier is used only at low frequencies,
the compensation capacitor can be increased to give a
greater stability margin. This makes the circuit less sensitive
to capacitive loading, stray capacitances or improper supply
bypassing. Overcompensating also reduces the high fre-
quency noise output of the amplifier.
With closed-loop gains greater than one, the high frequency
performance can be optimized by making the compensation
capacitor smaller. If unity-gain compensation is used for an
amplifier with a gain of ten, the gain error will exceed 1-per-
cent at frequencies above 400 Hz. This can be extended to
4 kHz by reducing the compensation capacitor to 3 pF. The
formula for determining the minimum capacitor value is giv-
en in Figure 9a. It should be noted that the capacitor value
does not really depend on the closed-loop gain. Instead, it
depends on the high frequency attenuation in the feedback
networks and, therefore, the values of R1 and R2.When it is
desirable to optimize performance at high frequencies, the
standard compensation should be used. With small capaci-
tor values, the stability margin obtained with shunt compen-
sation is inadequate for conservative designs.
The frequency response of an operational amplifier is con-
siderably different for large output signals than it is for small
signals. This is indicated in Figure 10. With unity-gain com-
pensation, the small signal bandwidth of the LM108 is 1
MHz. Yet full output swing cannot be obtained above 2 kHz.
This corresponds to a slew rate of 0.3 V/ ,..S. Both the full-
output bandwidth and the slew rate can be increased by
using smaller compensation capacitors, as is indicated in
the figure. However, this is only applicable for higher closed
loop gains. The results plotted in Figure 10 are for standard
compensations. With unity gain compensation, the same
curves are obtained for the shunt compensation scheme.
Classical op amp theory establishes output resistance as an
important design parameter. This is not true for IC op amps:
The output resistance of most devices is low enough that it
can be ignored, because they use class-B output stages. At
low frequencies, thermal feedback between the output and

TL/H/6875-11

Figure 10. Large signal frequency response



input stages determines the effective output resistance, and
this cannot be accounted for by conventional design theo-
ries. Semiconductor manufacturers take care of this by
specifying the gain under full load conditions, which com-
bines output resistance with gain as far as it affects overall
circuit performance. This avoids the fictitious problem that
can be created by an amplifier with infinite gain, which is
good, that will cause the open loop output resistance to
appear infinite, which is bad, although none of this affects
overall performance significantly.
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Figure 11. Closed loop output Impedance

The closed loop output impedance is, nonetheless, impor-
tant in some applications. This is plotted for several operat-
ing conditions in Figure 11. It can be seen that the output
impedance rises to about 500n at high frequencies. The
increase occurs because the compensation capacitor rolls
off the open loop gain. The output resistance can be re-
duced at the intermediate frequencies, for closed loop gains
greater than one, by making the capacitor smaller. This is
made apparent in the figure by comparing the output resist·
ance with and without frequency compensation for a closed
loop gain of 1000.
The output resistance also tends to increase at low frequen-
cies. Thermal feedback is responsible for this phenomenon.
The data for Figure 11 was taken under large-signal condi·
tions with ± 15V supplies, the output at zero and ± 1 mA
current swing. Hence, the thermal feedback is accentuated
more than would be the case for most applications.
In an op amp, it is desirable that performance be unaffected
by variations in supply voltage. IC amplifiers are generally
better than dlscretes in this respect because it is necessary
for one single design to cover a wide range of uses. The
LM108 has a power supply rejection which is typically in
excess of 100 dB, and it will operate with supply voltages
from ±2V to ±20V. Therefore, well-regulated supplies are
unnecessary, for most applications, because a 20-percent
variation has little effect on performance.
The story is different for high-frequency noise on the sup-
plies, as is evident from Figure 12. Above 1 MHz, practically
all the noise is fed through to the output. The figure also
demonstrates that shunt compensation is about ten times
better at rejecting high frequency noise than is standard
compensation. This difference is even more pronounced
with larger capacitor values. The shunt compensation has
the added advantage that it makes the circuit virtually unaf-
fected by the lack of supply bypassing.
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Figure 12. Power supply rejection

Power supply rejection is defined as the ratio of the change
in offset voltage to the change in the supply voltage produc-
ing it. Using this definition, the rejection at low frequencies is
unaffected by the closed loop gain. However, at high fre-
quencies, the opposite is true. The high frequency rejection
is increased by the closed loop gain. Hence, an amplifier
with a gain of ten will have an order of magnitUde better
rejection than that shown in Figure 12 in the vicinity of
100 kHz to 1 MHz.
The overall performance of the LM108 is summarized in
Table I'. It is apparent from the table and the previous dis-
cussion that the device is ideally suited for applications that
require low input currents or reduced power consumption.
The speed of the amplifier is not spectacular, but this is not
usually a problem in high-impedance circuitry. Further, the
reduced high frequency performance makes the amplifier
easier to use in that less attention need be paid to capaci-
tive loading, stray capacitances and supply bypassing.

applications
Because of its low input current the LM108 opens up many
new design possibilities. However, extra care must be taken
in component selection and the assembly of printed circuit
boards to take full advantage of its performance. Further,
unusual design techniques must often be applied to get
around the limitations of some components.

sample and hold circuits
The holding accuracy of a sample and hold is directly relat-
ed to the error currents in the components used. Therefore,
it is a good circuit to start off with in explaining the problems

TLIH/6875-14

Figure 13. Sample and hold circuit

involved. Figure 13 shows one configuration for a sample
and hold. During the sample interval, 0, is turned on, charg-
ing the hold capacitor, C" up to the value of the input signal.



When 01 is turned off, C1 retains this voltage. The output is
obtained from an op amp that buffers the capacitor so that it
is not discharged by any loading. In the holding mode, an
error is generated as the capacitor looses charge to supply
circuit leakages. The accumulation rate for error is given by

dV IE
dt C1'

where dV/ dt is the time rate of change in output voltage and
IE is the sum of the input current to the op amp, the leakage
current of the holding capacitor, board leakages and the
"off" current of the FET switch.
When high-temperature operation is involved, the FET leak-
age can limit circuit performance. This can be minimized by
using a junction FET, as indicated, because commercial
junction FETs have lower leakage than their MaS counter-
parts. However, at 12SoCeven junction devices are a prob-
lem. Mechanical switches, such as reed relays, are quite
satisfactory from the standpoint of leakage. However, they
are often undesirable because they are sensitive to vibra-
tion, they are too slow or they require excessive drive pow-
er. If this is the case, the circuit in Figure 14 can be used to
eliminate the FET leakage.

tTetlon, polyethylene or polycarbonate dielectric capacitor

Worst case drift less than 3 mV/sec

Figure 14. Sample and hold that eliminates leakage in
FET switches

When using P-channel MaS switches, the substrate must
be connected to a voltage which is always more positive
than the input signal. The source-to-substrate junction be-
comes forward biased if this is not done. The troublesome
leakage current of a MaS device occurs across the sub-
strate-to-drain junction. In Figure 14,this current is routed to
the output of the buffer amplifier through R1 so that it does
not contribute to the error current.
The main sample switch is 01, while 02 isolates the hold
capacitor from the leakage of 01. When the sample pulse is
applied, both FETs turn on charging C1 to the input voltage.
Removing the pulse shuts off both FETs, and the output
leakage of 01 goes through R1 to the output. The voltage
drop across R1 is less than 10 mV, so the substrate of 02
can be bootstrapped to the output of the LM108. Therefore,
the voltage across the substrate-drain junction is equal to
the offset voltage of the amplifier. At this low voltage, the
leakage of the FET is reduced by about two orders of mag-
nitude.
It is necessary to use MaS switches when bootstrapping
the leakages in this fashion. The gate leakage of a MaS
device is still negligible at high temperatures; this is not the
case with junction FETs. If the MaS transistors have protec-

tive diodes on the gates, special arrangements must be
made to drive 02 so the diode does not become forward
biased.
In selecting the hold capacitor, low leakage is not the only
requirement. The capacitor must also be free of dielectric
polarization phenomena.8 This rules out such types as pa-
per, mylar, electroly1ic, tantalum or high-K ceramic. For
small capacitor values, glass or silvered-mica capacitors are
recommended. For the larger values, ones with teflon, poly-
ethylene or polycarbonate dielectrics should be used.
The low input current of the LM108 gives a drift rate, in hold,
of only 3 mV/sec when a 1 JLFhold capacitor is used. And
this number is worst case over the military temperature
range. Even if this kind of performance is not needed, it may
still be beneficial to use the LM108 to reduce the size of the
hold capacitor. High quality capacitors in the larger sizes are
bulky and expensive. Further, the switches must have a low
"on" resistance and be driven from a low impedance source
to charge large capacitors in a short period of time.
If the sample interval is less than about 100 JLs, the LM108
may not be fast enough to work properly. If this is the case,
it is advisable to substitute the LM102A,9 which is a voltage
follower designed for both low input current and high speed.
It has a 30 V/ JLs slew rate and will operate with sample
intervals as short as 1 JLs.

When the hold capacitor is larger than O.OSJLF,an isolation
resistor should be included between the capacitor and the
input of the amplifier (R2 in Figure 14).This resistor insures
that the IC will not be damaged by shorting the output or
abruptly shutting down the supplies when the capacitor is
charged. This precaution is not peculiar to the LM108 and
should be observed on any IC op amp.

integrators

Integrators are a lot like sample-and-hold circuits and have
essentially the same design problems. In an integrator, a
capacitor is used as a storage element; and the error accu-
mulation rate is again proportional to the input current of the
op amp.
Figure 15 shows a circuit that can compensate for the bias
current of the amplifier. A current is fed into the summing
node through R1to supply the bias current. The potentiome-
ter, R2' is adjusted so that this current exactly equals the
bias current, reducing the drift rate to zero.

TL/H/6875-16

Figure 15. Integrator with bias current compensation



The diode is used for two reasons. First, it acts as a regula-
tor, making the compensation relatively insensitive to varia-
tions in supply voltage. Secondly, the temperature drift of
diode voltage is approximately the same as the temperature
drift of bias current. Therefore, the compensation is more
effective if the temperature changes. Over a O°C to 70°C
temperature range, the compensation will give a factor of
ten reduction in input current. Even better results are
achieved if the temperature change is less.

Normally, it is necessary to reset an integrator to establish
the initial conditions for integration. Resetting to zero is
readily accomplished by shorting the integrating capacitor
with a suitable switch. However, as with the sample and
hold circuits, semiconductor switches can cause problems
because of high-temperature leakage.

A connection that gets rid of switch leakages is shown in
Figure 16. A negative-going reset pulse turns on 01 and 02,

shorting the integrating capacitor. When the switches turn
off, the leakage current of 02 is absorbed by R2 while 01
isolates the output of 02 from the summing node. 01 has
practically no voltage across its junctions because the sub-
strate is grounded; hence, leakage currents are negligible.

The additional circuitry shown in Figure 16 makes the error
accumulation rate proportional to the offset current, rather
than the bias current. Hence, the drift is reduced by roughly
a factor of 10. During the integration interval, the bias cur-
rent of the non-inverting input accumulates an error across
R4 and C2 just as the bias current on the inverting input
does across R1 and C1. Therefore, if R4 is matched with R1
and C2 is matched with C1 (within about 5 percent) the out-
put will drift at a rate proportional to the difference in these

currents. At the end of the integration interval, Os removes
the compensating error accumulated on C2 as the circuit is
reset.

In applications involVing large temperature changes, the cir-
cuit in Figure 16 gives better results than the compensation
scheme in Figure 1~specially under worst case condi-
tions. Over a - 55°C to 125°C temperature range, the worst
case drift is reduced from 3 mV/sec to 0.5 mV/sec when a
1 ,...F integrating capacitor is used. If this reduction in drift is
not needed, the circuit can be simplified by eliminating R4.
C2 and Os and returning the non-inverting input of the ampli-
fier directly to ground.

In fabricating low drift integrators, it is again necessary to
use high quality components and minimize leakage currents
in the wiring. The comments made on capacitors in connec-
tion with the sample-and-hold circuits also apply here. As an
additional precaution. a resistor should be used to isolate
the inverting input from the integrating capacitor if it is larger
than 0.05 ,...F.This resistor prevents damage that might oc-
cur when the supplies are abruptly shut down while the inte-
grating capacitor is charged.

Some integrator applications require both speed and low
error current. The output amplifiers for photomultiplier tubes
or solid-state radiation dectectors are examples of this. Al-
though the LM1 08 is relatively slow, there is a way to speed
it up when it is used as an inverting amplifier. This is shown
in Figure 17.

The circuit is arranged so that the high-frequency gain char-
acteristics are determined by A2. while A1 determines the dc
and low-frequency characteristics. The non-inverting input
of A1 is connected to the summing node through R1. A1 is
operated as an integrator, going through unity gain at
500 Hz. Its output drives the non-inverting input of A2' The
inverting input of A2 is also connected to the summing node
through Cs. Cs and Rs are chosen to roll off below 750 Hz.
Hence, at frequencies above 750 Hz, the feedback path is
directly around A2' with A1 contributing little. Below 500 Hz,
however, the direct feedback path to A2 rolls off; and the
gain of A1 is added to that of A2.

The high gain frequency amplifier. A2. is an LM101A con-
nected with feed-forward compensation.10 It has a 10 MHz
equivalent small-signal bandwidth, a 1OV/,...s slew rate and
a 250 kHz large-signal bandwidth, so these are the high-fre-
quency characteristics of the complete amplifier. The bias
current of A2 is isolated from the summing node by Cs.
Hence, it does not contribute to the dc drift of the integrator.
The inverting input of A1 is the only dc connection to the
summing junction. Therefore, the error current of the com-
posite amplifier is equal to the bias current of A1.

If A2 is allowed to saturate, A1 will then start towards satura-
tion. If the output of A1 gets far off zero, recovery from satu-
ration will be slowed drastically. This can be prevented by
putting zener clamp diodes across the integrating capacitor.
A suitable clamping arrangement is shown in Figure 17. D1
and D2 are included in the clamp circuit along with Rs to
keep the leakage currents of the zeners from introducing
errors.

In addition to increasing speed. this circuit has other advan-
tages. For one, it has the increased output drive capability
of the LM101A. Further, thermal feedback is virtually elimi-
nated because the LM 108 does not see load variations.
Lastly. the open loop gain is nearly infinite at low frequen-
cies as it is the product of the gains of the two amplifiers.
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Figure 17. Fast Integrator
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sine wave oscillator
Although it is comparatively easy to build an oscillator that
aproximates a sine wave, making one that delivers a high-
purity sinusoid with a stable frequency and amplitude is an-
other story. Most satisfactory designs are relatively compli-
cated and require individual trimming and temperature com-
pensation to make them work. In addition, they generally
take a long time to stabilize to the final output amplitude.

A unique solution to most of these problems is shown in
Figure 18. A1 is connected as a two-pole low-pass active
filter, and A2 is connected as an integrator. Since the ulti-
mate phase lag introduced by the amplifiers is 270 degrees,
the circuit can be made to oscillate if the loop gain is high
enough at the frequency where the lag is 180 degrees. The
gain is actually made somewhat higher than is required for
oscillation to insure starting. Therefore, the amplitude builds
up until it is limited by some nonlinearity in the system.



Amplitude stabilization is accomplished with zener clamp di-
odes, D1 and D2. This does introduce distortion, but it is
reduced by the subsequent low pass filters. If D1 and D2
have equal breakdown voltages, the resulting symmetrical
clipping will virtually eliminate the even-order harmonics.
The dominant harmonic is then the third, and this is about
40 dB down at the output of A1 and about 50 dB down on
the output of A2. This means that the total harmonic distor-
tion on the two outputs is 1 percent and 0.3 percent, respec-
tively.
The frequency of oscillation and the oscillation threshold
are determined by R1' R2' R3' C1, C2 and C3. Therefore
precision components with low temperature coefficients
should be used. If R3 is made lower than shown, the circuit
will accept looser component tolerances before dropping
out of oscillation. The start up will also be quicker. However,
the price paid is that distortion is increased. The value of R4
is not critical, but it should be made much smaller than R2
so that the effective resistance at R2 does not drop when
the clamp diodes conduct.
The output amplitude is determined by the breakdown volt-
ages of D1 and D2. Therefore, the clamp level should be
temperature compensated for stable operation. Diode-con-
nected (collector shorted to base) NPN transistors with an
emitter-base breakdown of about 6.3V work well, as the
positive temperature coefficient of the diode in reverse
breakdown nearly cancels the negative temperature coeffi-
cient of the forward-biased diode. Added advantages of us-
ing transistors are that they have less shunt capacitance
and sharper breakdowns than conventional zeners.
The LM108 is particularly useful in this circuit at low fre-
quencies, since it permits the use of small capacitors. The
circuit shown oscillates at 1 Hz, but uses capacitors in the
order of 0.01 IJoF.This makes it much easier to find tempera-
ture-stable precision capacitors. However, some judgment
must be used as large value resistors with low temperature
coefficients are not exactly easy to come by.'
The LM108s are useful in this circuit for output frequencies
up to 1 kHz. Beyond that, better performance can be real-
ized by substituting and LM102A for A1 and an LM101A with
feed-forward compensation for A2. The improved high-fre-
quency response of these devices extend the operating fre-
quency out to 100 kHz.

capacitance multiplier
Large capacitor values can be eliminated from most sys-
tems just by raising the impedance levels, if suitable op
amps are available. However, sometimes it is not possible
because the impedance levels are already fixed by some
element of the system like a low impedance transducer. If
this is the case, a capacitance multiplier can be used to
increase the effective capacitance of a small capacitor and
couple it into a low impedance system.
Previously, IC op amps could not be used effectively as ca-
pacitance multipliers because the equivalent leakages gen-
erated due to offset current were significantly greater than
the leakages of large tantalum capacitors, With the LM108,
this has changed. The circuit shown in Figure 19 generates
an equivalent capacitance of 100,000 IJoFwith a worst case
leakage of 8 IJoA-over a - 55°C to 125°C temperature
range.
·Large-value resistors are available from Vfctoreen Instrument, Cleveland,
Ohio and Pyrofilm Resistor Co., Whippeny, New Jersey.
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Figure 19. Capacitance multiplier

The performance of the circuit is described by the equations
given in Figure 19, where C is the effective output capaci-
tance, IL is the leakage current of this capacitance and Rs is
the series resistance of the multiplied capacitance. The se-
ries resistance is relatively high, so high-Q capacitors can-
not be realized. Hence, such applications as tuned circuits
and filters are ruled out. However, the multiplier can still be
used in timing circuits or servo compensation networks
where some resistance is usually connected in series with
the capacitor or the effect of the resistance can be compen-
sated for.
One final point is that the leakage current of the multiplied
capacitance is not a function of the applied voltage. It per-
sists even with no voltage on the output. Therefore, it can
generate offset errors in a circuit, rather than the scaling
errors caused by conventional capacitors.

Instrumentation amplifier
In many instrumentation applications there is frequently a
need for an amplifier with a high-impedance differential in-
put and a single ended output. Obvious uses for this are
amplifiers for bridge-type signal sources such as strain
gages, temperature sensors or pressure transducers. Gen-
eral purpose op amps have satisfactory input characteris-
tics, but feedback must be added to determine the effective
gain. And the addition of feedback can drastically reduce
the input resistance and degrade common mode rejection.
Figure 20 shows the classical op amp circuit for a differen-
tial amplifier. This circuit has three main disadvantages.
First, the input resistance on the inverting input is relatively
low, being equal to R1. Second, there usually is a large dif-
ference in the input resistance of the two inputs, as is indi-
cated by the equations on the schematic. Third, the com-
mon mode rejection is greatly affected by resistor matching
and by balancing of the source resistances. A 1-percent
deviation in anyone of the resistor values reduces the com-
mon mode rejection to 46 dB for a closed loop gain of 1, to
60 dB for a gain of 10 and to 80 dB for a gain of 100.
Clearly, the only way to get high input impedance is to use
very large resistors in the feedback network. The op amp
must operate from a source resistance which is orders of
magnitude larger than the resistance of the signal source.
Older IC op amps introduced excessive offset and drift
when operating from higher resistances and could not be
used successfully. The LM108, however, is relatively unaf-
fected by the large resistors, so this approach can some-
times be employed.



With large input resistors, the feedback resistors, R3 and
R4. can get quite large for higher closed loop gains. For
example, if R1 and R2 are 1 MO, R3 and R4 must be
100 MO for a gain of 100. It is difficult to accurately match
resistors that are this high in value. so common mode rejec-
tion may suffer. Nonetheless. anyone of the resistors can
be trimmed to take out common mode feedthrough caused
either by resistors mismatches or the amplifier itself.

R1~ R2
R3~ R4

Av~~
R1

TL/H/6875-21

Figure 20. Feedback connection for a differential ampli-
fier

Another problem caused by large feedback resistors is that
stray capacitance can seriously affect the high frequency
common mode rejection. With 1 MO input resistors, a 1 pF
mismatch in stray capacitance from either input to ground
can drop the common mode rejection to 40 dB at 1500 Hz.
The high frequency rejection can be improved at the ex-
pense of frequency response by shunting R3 and R4 with
matched capacitors.
With high impedance bridges, the feedback resistances be-
come prohibitively large even for the LM108. so the circuit in
Figure 20 cannot be used. One possible alternative is
shown in Figure 21. R2 and R3 are chosen so that their
equivalent parallel resistance is equal to R1' Hence. the out-
put of the amplifier will be zero when the bridge is balanced.

TL/H/6875-22
Figure 21. Amplifier for bridge transducers

When the bridge goes off balance, the op amp maintains
the voltage between its input terminals at zero with current
fed back from the output through R3. This circuit does not
act like a true differential amplifier for large imbalances in
the bridge. The voltage drops across the two sensor resis-
tors, 51 and 52, become unequal as the bridge goes off
balance. causing some non-linearity in the transfer function.
However, this is not usually objectionable for small signal
swings.

C2
~ 100pF

- .....- INPUTS ~ +

Cl'* l00pF

R1= R4
R2- R3

Ay-1+~
R2
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Figure 22. Differential Input Instrumentation amplifier

Figure 22 shows a true differential connection that has few
of the problems mentioned previously. It has an input resist-
ance greater than 10100,yet it does not need large resis-
tors in the feedback circuitry. With the component values
shown, A1 is connected as a non-inverting amplifier with a
gain of 1.01; and it feeds into A2 which has an inverting gain
of 100. Hence. the total gain from the input of A1 to the
output of A2 is 101, which is equal to the non-inverting gain
of A2. If all the resistors are matched, the circuit responds
only to the differential input signal-not the common mode
voltage.
This circuit has the same sensitivity to resistors matching as
the previous circuits, with a 1 percent mismatch between
two resistors lowering the common mode rejection to 80 dB.
However. matching is more easily accomplished because of
the lower resistor values. Further, the high frequency com-
mon mode rejection is less affected by stray capacitances.
The high frequency rejection is limited. though, by the re-
sponse of A1

logarithmic converter
A logarithmic amplifier is another circuit that can take ad-
vantage of the low input current of an op amp to increase
dynamic range. Most practical log converters make use of
the logarithmic relationship between the emitter-base volt-
age of standard double-diffused transistors and their collec-
tor current. This logarithmic characteristic has been proven
true for over 9 decades of collector current. The only prob-
lem involved in using transistors as logging elements is that
the scale factor has a temperature sensitivity of 0.3 per-
centre. However, temperature compensating resistors
have been developed to compensate for this characteristic,
making possible log converters that are accurate over a
wide temperature range.
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Figure 23. Temperature compensated one-quadrant logarithmic converter

Figure 23 gives a circuit that uses these techniques. 01 is
the logging transistor, while 02 provides a fixed offset to
temperature compensate the emitter-base turn on voltage
of 01' 02 is operated at a fixed collector current of 10 /LA by
A2, and its emitter-base voltage is subtracted from that of
01 in determining the output voltage of the circuit. The col-
lector current of 02 is established by R3 and V+ through
A2·
The collector current of 01 is proportional to the input cur-
rent through Rs and, therefore, proportional to the input volt-
age. The emitter-base voltage of 01 varies as the log of the
input voltage. The fixed emitter-base voltage of 02 sub-
tracts from the voltage on the emitter of 01 in determining
the voltage on the top end of the temperature-compensat-
ing resistor, S1.

The signal on the top of S1 will be zero when the input
current is equal to the current through R3 at any tempera-
ture. Further, this voltage will vary logarithmically for chang-
es in input current, although the scale factor will have a
temperature coefficient of -0.3%/'C. The output of the
converter is essentially multiplied by the ratio of R1 to S1.
Since S1 has a positive temperature coefficient of 0.3 per-
cent/,C, it compensates for the change in scale factor with
temperature.

In this circuit, an LM101A with feedforward compensation is
used for A2 since it is much faster than the LM108 used for
A1. Since both amplifiers are cascaded in the overall feed-
back loop, the reduced phase shift through A2 insures sta-
bility,

Certain things must be considered in designing this circuit.
For one, the sensitivity can be changed by varying R1. But
R1 must be made considerably larger than the resistance of
S1 for effective temperature compensation of the scale fac-
tor, 01 and 02 should also be matched devices in the same
package, and S1 should be at the same temperature as

these transistors. Accuracy for low input currents is deter-
mined by the error caused by the bias current of A1. At high
currents, the behavior of 01 and 02 limits accuracy, For
input currents approaching 1 mA, the 2N2920 develops log-
ging errors in excess of 1 percent. If larger input currents
are anticipated, bigger transistors must be used; and R2
should be reduced to insure that A2 does not saturate.

transducer amplifiers
With certain transducers, accuracy depends on the choice
of the circuit configuration as much as it does on the quality
of the components. The amplifier for photodiode sensors,
shown in Figure 24, illustrates this point. Normally, photodi-
odes are operated with reverse voltage across the junction.
At high temperatures, the leakage currents can approach
the signal current. However, photodiodes deliver a short-cir-
cuit output current, unaffected by leakage currents, which is
not significantly lower than the output current with reverse
bias.

TL/H/6875-25
Figure 24. Amplifier for photodlode sensor
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Figure 25. Amplifier for piezoelectric transducers

The circuit shown in Figure 24 responds to the short-circuit
output current of the photodiode. Since the voltage across
the diode is only the offset voltage of the amplifier, inherent
leakage is reduced by at least two orders of magnitude.
Neglecting the offset current of the amplifier, the output cur-
rent of the sensor is multiplied by R1 plus R2 in determining
the output voltage.

Figure 25 shows an amplifier for high-impedance ac trans-
ducers like a piezoelectric accelerometer. These sensors
normally require a high-input-resistance amplifier. The
LM 108 can provide input resistances in the range of 10 to
100 MO, using conventional circuitry. However, convention-
al designs are sometimes ruled out either because large
resistors cannot be used or because prohibitively large input
resistances are needed.

Using the circuit in Figure 25, input resistances that are or-
ders of magnitude greater than the values of the dc return
resistors can be obtained. This is accomplished by boot-
strapping the resistors to the output. With this arrangement,
the lower cutoff frequency of a capacitive transducer is de-
termined more by the RC product of R1 and C1 than it is by
resistor values and the equivalent capacitance of the trans-
ducer.

resistance multiplication

When an inverting operational amplifier must have high in-
put resistance, the resistor values required can get out of
hand. For example, if a 2 MO input resistance is needed for
an amplifier with a gain of 100, a 200 MO feedback resistor
is called for. This resistance can, however, be reduced us-
ing the circuit in Figure 26. A divider with a ratio of 100 to 1
(R3 and R4) is added to the output of the amplifier: Unity-
gain feedback is applied from the output of the divider, giv-
ing an overall gain of 100 using only 2 MO resistors.

This circuit does increase the offset voltage somewhat. The
output offset voltage is given by

(
R1 + R2)

VOUT = ~ AvVos·

The offset voltage is only multiplied by Av + 1 in a conven-
tional inverter. Therefore, the circuit in Figure 26 multiplies
the offset by 200, instead of 101. This multiplication factor
can be reduced to 110 by increasing R2 to 20 MO and R3 to
5.55k.

R2> R1
R2 > > R3
A _ R2(R3 + R4)

v - Rl R3

TLIH/6875-27

Figure 26. Inverting amplifier with high input resistance

Another disadvantage of the circuit is that four resistors de-
termine the gain, instead of two. Hence, for a given resistor
tolerance, the worst-case gain deviation is greater, although
this is probably more than offset by the ease of getting bet-
ter tolerances in the low resistor values.

current sources
Although there are numerous ways to make current sources
with op amps, most have limitations as far as their applica-
tion is concerned. Figure 27, however, shows a current
source which is fairly flexible and has few restrictions as far
as its use is concerned. It supplies a current that is propor-
tional to the input voltage and drives a load referred to
ground or any voltage within the output-swing capability of
the amplifier.

R3VIN
lOUT - Rl R5

R3 ~ R4 + R5
Rl ~ R2

TL/H/6875-28

Figure 27. Bilateral current source

With the output grounded, it is relatively obvious that the
output current will be determined by Rs and the gain setting
of the op amp, yielding

R3VIN
lOUT = ---.

R1 Rs
When the output is not at zero, it would seem that the cur-
rent through Rz and R4 would reduce accuracy. Nonethe-
less, if R1 = R2 and R3 = R4 + Rs, the output current will



where R is anyone of the feedback resistors (R1. R2. R3 or
R4) and ~R is the incremental change in the resistor value
from design center. Hence. for the circuit in Figure 27. a 1
percent deviation in one of the resistor values will drop the
output resistance of 200 kO. Such errors can be trimmed
out by adjusting one of the feedback resistors. In design, it
is advisable to make the feedback resistors as large as pos-
sible. Otherwise, resistor tolerances become even more crit-
ical.
The circuit must be driven from a source resistance which is
low by comparison to R1' since this resistance will imbal-
ance the circuit and affect both gain and output resistance.
As shown, the circuit gives a negative output current for a
positive input voltage. This can be reversed by grounding
the input and driving the ground end of R2. The magnitude
of the scale factor will be unchanged as long as R4 > Rs.

voltage comparators
Like most op amps, it is possible to use the LM108 as a
voltage comparator. Figure 28 shows the device used as a
simple zero-crossing detector. The inputs of the Ie are pro-

TL/H/6875-29

Figure 28. Zero crossing detector

tected internally by back-to-back diodes connected be-
tween them, therefore, voltages in excess of 1V cannot be
impressed directly across the inputs. This problem is taken
care of by R1 which limits the current so that input voltages
in excess of 1 kV can be tolerated. If absolute accuracy is
required or if R1 is made much larger than 1 MO. a compen-
sating resistor of equal value should lie inserted in series
with the other input.
In Figure 28. the output of the op amp is clamped so that it
can drive OTL or TTL directly. This is accomplished with a
clamp diode on pin 8. When the output swings positive, it is
clamped at the breakdown voltage of the zener. When it
swings negative, it is clamped at a diode drop below ground.
If the 5V logic supply is used as a positive supply for the
amplifier, the zener can be replaced with an ordinary silicon
diode. The maximum fan out that can be handled by the
device is one for standard OTL or TTL under worst case
conditions.
As might be expected, the LM108 is not very fast when
used as a comparator. The response time is up in the tens
of microseconds. An LM10311is recommended for 01, rath-
er than a conventional alloy zener, because it has lower
capacitance and will not slow the circuit further. The sharp
breakdown of the LM103 at low currents is also an advan-
tage as the current through the diode in clamp is only
10 ",A.

TLIH/6875-30

Figure 29. Voltage comparator with output buffer

The LM108 can also be used as a differential comparator,
going through a transition when two input voltages are
equal. However, resistors must be inserted in series with the
inputs to limit current and minimize loading on the signal
sources when the input-protection diodes conduct. Figure
29 also shows how a PNP transistor can be added on the
output to increase the fan out to about 20 with standard OTL
or TTL.

power booster
The LM108, which was designed for low power consump-
tion, is not able to drive heavy loads. However. a relatively
simple booster can be added to the output to increase the
output current to ± 50 mA. This circuit, shown in Figure 30,
has the added advantage that it swings the output up to the
supplies, within a fraction of a volt. The increased voltage
swing is particularly helpful in low voltage circuits.



In Figure 30, the output transistors are driven from the sup-
ply leads of the op amp. It is important that R1 and R2 be
made low enough so Q1 and Q2 are not turned on by the
worst case quiescent current of the amplifier. The output of
the op amp is loaded heavily to ground with Rs and R4.
When the output swings about 0.5V positive, the increasing
positive supply current will turn on Q1 which pulls up the
load. A similar situation occurs with Q2 for negative output
swings.
The bootstrapped shunt compensation shown in the figure
is the only one that seems to work for all loading conditions.
This capacitor, C1, can be made inversely proportional to
the closed loop gain to optimize frequency response. The
value given is for a unity-gain follower connection. C2 is also
required for loop stability.
The circuit does have a dead zone in the open loop transfer
characteristic. However, the low frequency gain is high
enough so that it can be neglected. Around 1 kHz, though,
the dead zone becomes quite noticeable.
Current limiting can be incorporated into the circuit by add-
ing resistors in series with the emitters of Q1 and Q2 be-
cause the short circuit protection of the LM108 limits the
maximum voltage drop across R1 and R2.

board construction
As indicated previously, certain precautions must be ob-
served when building circuits that are sensitive to very low
currents. If proper care is not taken, board leakage currents
can easily become much larger than the error currents of
the op amp. To prevent this, it is necessary to thoroughly
clean printed circuit boards. Even experimental bread-
boards must be cleaned with trichloroethlene or alcohol to
remove solder fluxes, and blown dry with compressed air.
These fluxes may be insulators at low impedance levels-
like in electric motors-but they certainly are not in high
impedance circuits. In addition to causing gross errors, their
presence can make the circuit behave erratically, especially
as the temperature is changed.
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Figure 31. Printed circuit layout for Input guarding with
TO·5 package

At elevated temperatures, even the leakage of clean boards
can be a headache. At 125'C the leakage resistance be-
tween adjacent runs on a printed circuit board is about
10110. (0.05-inch separation parallel for 1 inch) for high
quality epoxy-glass boards that have been properly cleaned.
Therefore, the boards can easily produce error currents in
the order of 200 pA and much more if they become contam-
inated. Conservative practice dictates that the boards be
coated with epoxy or silicone rubber after cleaning to pre-
vent contamination. Silicone rubber is the easiest to use.
However, if the better durability of epoxy is needed, care
must be taken to make sure that it gets thoroughly cured.
Otherwise, the epoxy will make high temperature leakage
much worse.
Care must also be exercised to insure that the circuit board
is protected from condensed water vapor when operating in
the vicinity of O'C. This can usually be accomplished by
coating the board as mentioned above.

a. Inverting amplifier

c. non-Inverting amplifier
R2

TLiH/6875-35

FIgure 32. Connection of Input guards



guarding
Even with properly cleaned and coated boards, leakage cur-
rents are on the verge of causing trouble at 125°C. The
standard pin configuration of most IC op amps has the input
pins adjacent to pins which are at the supply potentials.
Therefore, it is advisable to employ guarding to reduce the
voltage difference between the inputs and adjacent metal
runs.
A board layout that includes input guarding is shown in Fig-
ure 31 for the eight lead TO-5 package. A ten-lead pin circle
is used, and the leads of the IC are formed so that the holes
adjacent to the inputs are vacant when it is inserted in the
board. The guard, which is a conductive ring surrounding
the inputs, is then connected to a low impedance point that
is at the same potential as the inputs. The leakage currents
from the pins at the supply potentials are absorbed by the
guard. The voltage difference between the guard and the
inputs can be made approximately equal to the offset 'volt-
age, reducing the effective leakage by more than three or-
ders of magnitude. If the leads of the integrated circuit, or
other components connected to the input, go through the
board, it may be necessary to guard both sides.
Figure 32 shows how the guard is commited on the more-
common op amp circuits. With an integrator or inverting am-
plifier, where the inputs are close to ground potential, the
guard is simply grounded. With the voltage follower, the
guard is bootstrapped to the output. If it is desirable to put a
resistor in the inverting input to compensate for the source
resistance, it is connected as shown in Figure 32b.

Guarding a non-inverting amplifier is a little more complicat-
ed. A low impedance point must be created by using rela-
tively low value feedback resistors to determine the gain (R1
and R2 in Figure 32c). The guard is then connected to the
junction of the feedback resistors. A resistor, R3' can be
connected as shown in the figure to compensate for large
source resistances.
With the dual-in-line and flat packages, it is far more difficult
to guard the inputs, if the standard pin configuration of the
LM709 or LM101A is used, because the pin spacings on
these packages are fixed. Therefore, the pin configuration
of the LM108 was changed, as shown in Figure 33.

conclusions
IC op amps are now available that equal the input current
specifications of FET amplifiers in all but the most restricted
temperature range applications. At operating temperatures
above 85°C, the IC is clearly superior as it uses bipolar tran-
sistors that make it possible to eliminate the leakage cur-
rents that plague FETs. Additionally, bipolar transistors
match better than FETs, so low offset voltage and drifts can
be obtained without expensive adjustments or selection.
Further, the bipolar devices lend themselves more readily to
low-cost monolithic construction.
These amplifiers open up new application areas and vastly
improve performance in others. For example, in analog
memories, holding intervals can be extended to minutes,
even where -55°C to 125°C operation is involved. Instru-
mentation amplifiers and low frequency waveform genera-
tors also benefit from the low error currents.

NOTE: Pin 6 connected to bottom of package.
Top View

TL/H/6875-39

NOTE: Pin 7 connected to bottom of package

Top View

Figure 33. Comparing connection diagrams of the LM101A and LM108, showing addition of guarding
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NZ: When operating above as'c, overall performance is fre-
e:( quently limited by components other than the op amp, un-

less certain precautions are observed. It is generally neces-
sary to redesign circuits using semiconductor switches to
reduce the effect of their leakage currents. Further, high
quality capacitors must be used, and care must be exer-
cised in selecting large value resistors. Printed circuit board
leakages can also be troublesome unless the boards are
properly treated. And above 100'C, it is almost mandatory
to employ guarding on the boards to protect the inputs, if
the full potential of the amplifier is to be realized.

appendix

A complete schematic of the LM10a is given in Figure A 1.A
description of the basic circuit is presented along with a
simplified schematic earlier in the text. The purpose of this
Appendix is to explain some of the more subtle features of
the design.
The current source supplying the input transistors is 029. It
is designed to supply a total input stage current of 6 /LA at
2S'C. This current drops to 3 /LA at - SS'C but increases to
only 7.5 /LA at 12S'C. This temperature characteristic tends

to compensate for the current gain falloff of the input tran-
sistors at low temperatures without creating stability prob-
lems at high temperatures.
The biasing circuitry for the input current source is nearly
identical to that in the LM101A, and a complete description
is given in Reference 4. However, a brief explanation fol-
lows.
A collector FET.6 023. which has a saturation current of
about 30 /LA. establishes the collector current of 024. This
FET provides the initial turn-on current for the circuit and
insures starting under all conditions. The purpose of R14 is
to compensate for production and temperature variations in
the FET current. It is a collector resistor (indicated by the T
through it) made of the same semiconductor material as the
FET channel. As the FET current varies. the drop across
R14 tends to compensate for changes in the emitter base
voltage of 024.
The collector-emitter voltage of 024 is equal to the emitter
base voltage of 024 plus that of 025. This voltage is deliv-
ered to 026 and 029· 025 and 024 are operated at substan-
tially higher currents than 026 and 029. Hence, there is a

y-
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differential in their emitter base voltages that is dropped
across R19 to determine the input stage current. R18 is a
pinched base resistor, as is indicated by the slash bar
through it. This resistor, which has a large positive tempera-
ture coefficient, operates in conjunction with R17 to help
shape the temperature characteristics of the input stage
current source.
The output currents of 026, 025, and 023 are fed to 012,
which is a controlled-gain lateral PNP.6 It delivers one-half
of the combined currents to the output stage. 011 is also
connected to 012, with its output current set at approxi-
mately 15 IJ-A by R7' Since this type of current source
makes use of the emitter-base voltage differential between
similar transistors operating at different collector currents,
the output of 011 is relatively independent of the current
delivered to 012. 12This current is used for the input stage
bootstrapping circuitry.
020 also supplies current to the class-B output stage. Its
output current is determined by the ratio of R15to R12and
the current through R12' R13 is included so that the biasing
circuit is not upset when 020 saturates.
One major departure from the simplified schematic is the
bootstrapping of the second stage active loads, 021 and
022, to the output. This makes the second stage gain de-
pendent only on how well 09 and 010 match with variations
in output voltage. Hence, the second stage gain is quite
high. In fact, the overall gain of the amplifier is typically in
excess of 106 at dc.
The second stage active loads drive 014. A high-gain pri-
mary transistor is used to prevent loading of the second
stage. Its collector is bootstrapped by 013 to operate it at
zero collector-base voltage. The class-B output stage is ac-
tually driven by the emitter of 014.
A dead zone in the output stage is prevented by biasing 018
and 019 on the verge of conduction with 015 and 016. R9 is
used to compensate for the transconductance of 015 and
016, making the output stage quiescent current relatively
independent of the output current of 012. The drop across
this resistor also reduces quiescent current.
For positive-going outputs, short circuit protection is provid-
ed by R10and 017. When the voltage drop across R10turns
on 017, it removes base drive from 018. For negative-going
outputs, current limiting is initiated when the voltage drop
across R11 becomes large enough for the collector base
junction of 017 to become forward biased. When this hap-
pens, the base of 019 is clamped so the output current
cannot increase further.
Input protection is provided by 03 and 04 which act as
clamp diodes between the inputs. The collectors of these
transistors are bootstrapped to the emitter of 028 through
R3' This keeps the collector-isolation leakage of the transis-
tors from showing up on the inputs. R3 is included so that
the bootstrapping is not disrupted when 03 or 04 saturate
with an input overload, Current-limiting resistors were not
connected in series with the inputs, since diffused resistors
cannot be employed such that they work effectively, without
causing high temperature leakages.

TABLE I. Typical Performance of the LM108 Operational
Amplifler(TA = 2S"Cand Vs = ±1SV)

Input Offset Voltage
Input Offset Current
Input Bias Current
Input Resistance
Input Common Mode Range
Common Mode Rejection
Offset Voltage Drift
Offset Current Drift
Voltage Gain
Small Signal Bandwidth
Slew Rate
Output Swing
Supply Current
Power Supply Rejection
Operating Voltage Range

0.7mV
50pA
0.8nA
70MO
±14V

100 dB
3 IJ-~/"C

0.5 pA/"C
300V/mW

1.0MHz
0.3V/IJ-s

±14V
300IJ-A
100 dB

±2Vto ±20V
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~ Log Converters

One of the most predictable non-linear elements commonly
available is the bipolar transistor. The relationship between
collector current and emitter base voltage is precisely loga-
rithmic from currents below one picoamp to currents above
one milliamp. Using a matched pair of transistors and inte-
grated circuit operational amplifiers, it is relatively easy to
construct a linear to logarithmic converter with a dynamic
range in excess of five decades.

The circuit in Figure 1 generates a logarithmic output volt-
age for a linear input current. Transistor 01 is used as the
non-linear feedback element around an LM108 operational
amplifier. Negative feedback is applied to the emitter of 01
through divider, R1 and R2' and the emitter base junction of
02. This forces the collector current of 01 to be exactly
equal to the current through the input resistor. Transistor 02
is used as the feedback element of an LM101A operational
amplifier. Negative feedback forces the collector current of
02 to equal the current through R3. For the values shown,
this current is 10 ",A. Since the collector current of 02 re-
mains constant, the emitter base voltage also remains con-
stant. Therefore, only the VSE of at varies with a change of
input current. However, the output voltage is a function of
the difference in emitter base voltages of at and 02:

Rt + R2
EOUT = R;- (VSE2 - VSEt)· (1)

For matched transistors operating at different collector cur-
rents, the emitter base differential is given by

dVSE = kT loge ~, (2)
q IC2

where k is Boltzmann's constant, T is temperature in de-
grees Kelvin and q is the charge of an electron. Combining
these two equations and writing the expression for the out-
put voltage gives

E - -kT [Rt + R2] I [ErN R3] (3)
OUT - -q- R;- oge EREF RIN

National Semiconductor
Application Note 30

for EIN :2: O. This shows that the output is proportional to the
logarithm of the input voltage. The coefficient of the log
term is directly proportional to absolute temperature. With-
out compensation, the scale factor will also vary directly
with temperature. However, by making R2 directly propor-
tional to temperature, constant gain is obtained. The tem-
perature compensation is typically 1% over a temperature
range of - 25°C to 1000C for the resistor specified. For limit-
ed temperature range applications, such as o-C to 5O-C, a
4300 sensistor in series with a 5700 resistor may be substi-
tuted for the 1k resistor, also with 1% accuracy. The divider,
Rt and R2' sets the gain while the current through R3 sets
the zero. With the values given, the scale factor is W/dec-
ade and

EOUT = - [logtO I ~:~ I + 5] (4)

where the absolute value sign indicates that the dimensions
of the quantity inside are to be ignored.

Log generator circuits are not limited to inverting operation.
In fact, a feature of this circuit is the ease with which non-in-
verting operation is obtained. Supplying the input signal to
A2 and the reference current to At results in a log output
that is not inverted from the input. To achieve the same
100 dB dynamic range in the non-inverting configuration, an
LM108 should be used for A2' and an LM101A for At. Since
the LM108 cannot use feedforward compensation, it is fre-
quency compensated with the standard 30 pF capacitor.

The only other change is the addition of a clamp diode con-
nected from the emitter of at to ground. This prevents dam-
age to the logging transistors if the input signal should go
negative.

EREF 15Y

R3
1.5M
III

R,.
E,.

·,5V
Rl
1M R,.

R,t
lOOK

R6

-15Y
lK

-
'Tel Labs Type OSl Manchester, N.H.

tOffee! Voltage Adjus!

FIGURE 1. Log Generator with 100 dB Dynamic Range



The log output is accurate to 1% for any current between
10 nA and 1 mA. This is equivalent to about 3% referred to
the input. At currents over 500 /loA the transistors used devi-
ate from log characteristics due to resistance in the emitter,
while at low currents, the offset current of the LM108 is the
major source of error. These errors occur at the ends of the
dynamic range, and from 40 nA to 400 /loAthe log converter
is 1% accurate referred to the input. Both of the transistors
are used in the grounded base connection, rather than the
diode connection, to eliminate errors due to base current.
Unfortunately, the grounded base connection increases the
loop gain. More frequency compensation is necessary to
prevent oscillation, and the log converter is necessarily
slow. It may take 1 to 5 ms for the output to settle to 1% of
its final value. This is especially true at low currents.

The circuit shown in Figure 2 is two orders of magnitude
faster than the previous circuit and has a dynamic range of
80 dB. Operation is the same as the circuit in Figure 1,
except the configuration optimizes speed rather than dy-
namic range. Transistor 01 is diode connected to allow the
use of feedforward compensation1 on an LM101A opera-
tional amplifier. This compensation extends the bandwidth
to 10 MHz and increases the slew rate. To prevent errors
due to the finite hFE of 01 and the bias current of the
LM101A, an LM102 voltage follower buffers the base cur-
rent and input current. Although the log circuit will operate
without the LM102, accuracy will degrade at low input cur-
rents. Amplifier A2 is also compensated for maximum band-
width. As with the previous log converter, R1 and R2 control
the sensitivity; and R3 controls the zero crossing of the
transfer function. With the values shown the scale factor is
1V Idecade and

EOUT = - [10910 I ~:~ 1+ 4] (5)

from less than 100 nA to 1 mA.

Anti-log or exponential generation is simply a matter of rear-
ranging the circuitry. Figure 3 shows the circuitry of the log
converter connected to generate an exponential output
from a linear input. Amplifier A1 in conjunction with transis-
tor 01 drives the emitter of 02 in proportion to the input
voltage. The collector current of 02 varies exponentially
with the emitter-base voltage. This current is converted to a
voltage by amplifier A2. With the values given

EOUT = 10 -[EIN]. (6)

Many non-linear functions such as Xv., X2, X3, 1IX, XV, and
XIV are easily generated with the use of logs. Multiplication
becomes addition, division becomes subtraction and pow-
ers become gain coefficients of log terms. Figure 4 shows a
circuit whose output is the cube of the input. Actually, any
power function is available from this circuit by changing the
values of Rg and R10 in accordance with the expression:

16.7 R.

EOUT = EIN R. + R,o. (7)

Note that when log and anti-log circuits are used to perform
an operation with a linear output, no temperature compen-
sating resistors at all are needed. If the log and anti-log
transistors are at the same temperature, gain changes with
temperature cancel. It is a good idea to use a heat sink
which couples the two transistors to minimize thermal gradi-
ents. A 1'C temperature difference between the log and
anti-log transistors results in a 0.3% error. Also, in the log
converters, a 1'C difference between the log transistors and
the compensating resistor results in a 0.3% error.

Either of the circuits in Figures 1 or 2 may be used as divid-
ers or reciprocal generators. Equation 3 shows the outputs
of the log generators are actually the ratio of two currents:

E
AEF

15V

A3
150K
1%



the input current and the current through R3. When used as
a log generator, the current through R3 was held constant
by connecting R3 to a fixed voltage. Hence, the output was
just the log of the input. If R3 is driven by an input voltage,
rather than the 15V reference, the output of the log genera-
tor is the log ratio of the input current to the current through
R3. The anti-log of this voltage is the quotient. Of course. if
the divisor is constant, the output is the reciprocal.

A complete one quadrant multiplier/divider is shown in Fig-
ure 5. It is basically the log generator shown in Figure 1
driving the anti-log generator shown in Figure 3. The log
generator output from AI drives the base of 03 with a volt-
age proportional to the log of El/E2. Transistor 03 adds a
voltage proportional to the log of E3 and drives the anti-log
transistor, 04. The collector current of 04 is converted to an

output voltage by ~ and R7' with the scale factor set by R7
at El E3/10E2.

Measurement of transistor current gains over a wide range
of operating currents is an application particularly suited to
log multiplier/dividers. Using the circuit in Figure 5. PNP cur-
rent gains can be measured at currents from 0.4 !LA to
1 mA. The collector current is the input signal to AI. the
base current is the input signal to A2' and a fixed voltage to
Rs sets the scale factor. Since A2 holds the base at ground,
a single resistor from the emitter to the positive supply is all
that is needed to establish the operating current. The output
is proportional to collector current divided by base current,
or hFE.
In addition to their application in performing functional oper-
ations, log generators can provide a significant increase in

15V
R4
1.5M
1%



the dynamic range of signal processing systems. Also, un-
like a linear system, there is no loss in accuracy or resolu-
tion when the input signal is small compared to full scale.
Over most of the dynamic range, the accuracy is a percent-
of-signal rather than a percent-of-full-scale. For example,
using log generators. a simple meter can display signals
with 100 dB dynamic range or an oscilloscope can display a
10 mV and 10V pulse simultaneously. Obviously, without the
log generator, the low level signals are completely lost.
To achieve wide dynamic range with high accuracy, the in-
put operational amplifier necessarily must have low offset
voltage, bias current and offset current. The LM108 has a
maximum bias current of 3 nA and offset current of 400 pA
over a - 55·C to 125·C temperature range. By using equal
source resistors, only the offset current of the LM108 caus-
es an error. The offset current of the LM108 is as low as
many FET amplifiers. Further, it has a low and constant tem-
perature coefficient rather than dOUblingevery 10·C. This
results in greater accuracy over temperature than can be
achieved with FET amplifiers. The offset voltage may be

zeroed, if necessary, to improve accuracy with low input
voltages.
The log converters are low level circuits and some care
should be taken during construction. The input leads should
be as short as possible and the input circuitry guarded
against leakage currents. Solder residues can easily con-
duct leakage currents, therefore circuit boards should be
cleaned before use. High quality glass or mica capacitors
should be used on the inputs to minimize leakage currents.
Also, when the + 15V supply is used as a reference, it must
be well regulated.

REFERENCES
1. R. C. Dobkin, "FeedfofWard Compensation Speeds Op

Amp", National Semiconductor Corporation, Linear Brief
2, April, 1969.

2. R. J. Widlar, "Monolithic Operational Amplifiers-The
Universal Linear Component", National Semiconductor
Corporation, AN-4, April, 1968.



R2
VOUT ~ - Ai" VIN

RIN ~ R1

TLIH/7057-1

Difference Amplifier
H2

(
R1 + R2) R4 R2

VOUT ~ R3 + R4 Ai"V2 - Ai" v,
For R1 ~ R3 and R2 ~ R4

VOUT ~ ~(V2 - V,)
R1

R1//R2 ~ R3//R4
For minimum offset error
due to input bias current

Fast Inverting Amplifier with High Input Impedance
CI

5 pF

Non-Inverting Amplifier

HI H2

R1 + R2
VOUT ~ -R-1-VIN

TL/HI7057-2

(
V, V2 Va)

VOUT ~ -R4 Ai" + R2 + R3
RS = R1//R2//R3//R4

For minimum offset error
due to input bias current

Inverting Amplifier with High Input Impedance
Cl

JpF

·Source Impedance
less than 100k
gives less than 1%

gain error.

C2

1_ lDOpF

":' TLIH/7057-6

Non-Inverting AC Amplifier

R1 + R2
VOUT ~ -R-1-VIN

R'N ~ R3
R3 ~ R1//R2

TLIH/7057-B



Practical Dlfferentlator
C2

1
fe - 2"R2C1

1 1
fh ~ 2"R1C1 = 2"R2C2

fc < fh < fUnity gain

-",~I.••-.J
VIN-VV~

CI

Fast Integrator
C3

Circuit for Operating the LM101
without a Negative Supply

R1 R2

1 ),'VOUT = - -- VIN dt
R1C1 "

1
Ie ~ 2"R1C1

R1 = R2

Current to Voltage Converter
RI

Circuit for Generating the
Second Positive Voltage



Neutralizing Input Capacitance
to Optimize Response Time

Rl RZ

TL/H/7057 -15

Integrator with Bias Current Compensation
v+

•Adjust for zero integrator drift.
Current drift typically 0.1, nl A"C
over - 55°C to 125°C
temperature fange.

Voltage Comparator for Driving
DTL or TTL Integrated Circuits

VOUT ~ 4.6V for

VLT ,; VIN ,; VUT

VOUT ~ OV for

VIN < VLT or VIN > VUT

TL/H/7057-19



Offset Voltage Adjustment for Inverting Amplifiers
Using Any Type of Feedback Element

RJ

Offset Voltage Adjustment for Inverting Amplifiers
Using Any Type of Feedback Element

RS

RANGE ~ ±v (~)

RANGE - ±V (~)

GAIN -1+~
R4 + R2

TL/H/7057-22

Offset Voltage Adjustment for Voltage Followers
+v RJ

IK

Offset Voltage Adjustment for Differential Amplifiers
RZ

INPUTS

£2+

RANGE ~ ±V (~)

TliH/7057-23

-y

R2~R3+R4

RANGE ~ ±V (~) (_R_1_)
R4 R1 + R3

GAIN -~
R1 TL/H/7057-24

Offset Voltage Adjustment for Inverting
Amplifiers Using 10 kO Source Resistance or Less

'y

R1 - 2000 R3//R4

R4/1R3 ,; 10 kfi

RANGE = ±y (R3~~R4 )
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~ SECTION 2 - SIGNAL GENERATION
c(

cz
0.112jlF

1%
C3

0.01 jlF
1%

High Frequency Sine Wave Generator with Quadrature Output
CZ ~

zo:'t SINEOUTPUT 10~t

R3
lOOK R4

1% 5K

C5
150 pF

R5
2K



Cl"

I.G'"FI
RZ

"OK

- -- -

Free-Running Multlvlbrator
RI

160K

"Chosen lor oscillation at 100Hz

TllH17057-28

RI = R2
CI - C2

I
1= 2".RI CI

Weln Bridge Sine Wave Oscillator
RJ
750

CI
.41"F ~

Pulse Width Modulator
RZ

lOOK



Bilateral Current Source
Rl R3
2M 1M
1% 1%

R3VIN
lOUT ~ R1 RS

R3~R4+RS

R1 = R2

R3VIN
lOUT ~ R1 RS

R3~R4+RS

R1 ~ R2

Weln Bridge Oscillator with FET Amplitude Stabilization
3K

R1 - R2

C1 - C2

1=__ 1_
2".R1 C1



A5 JTAIMUK FDA
." b-1.00 ••A

01
2N2605

J TAIM
FDA
Ie. ·1."",A,

06
LM103
2.TV

04
LM103
I.TV

Positive Voltage Reference
Ot

tN4611&.&v

VOUT
VOUT

01
A2 1N4611

&.&V

A3

A4 '='
TUH17057 -37

'='
TLlH17057 -36



Negative Voltage Reference
01

lN4611
6.6V

10 = VIN
R1

VIN;' OV

01
lN4611

6.6V

IO~~
Rl

VI. ,; OV



R3 RS
10K 10K
0.1% 0.1%

-Gain adjust
Ay ~ 10-4 A6

R6·
10K
TO

3MEG

Instrumentation Amplifier with ± 100 Volt Common Mode Range
R3

SKt
0.1% R6

SDK
0.1%

A3 ~ A4

Al ~ A6 - 10A3

A7
Ay = R6
·tMatching determines common

mode rejection.



Instrumentation Amplifier with ± 100 Volt Common Mode Range
3 R2' R6t

10K lOOK
0.1% 0.1%

Cl Rl'1" 100 pF
UK
1%

INPUTS
OUTPUT

R3
10K
1%

R4
C3

4SK RS'
3DpF

Rl = R4
1% 10K

R2 = R5
0.1%

R6 - R7

R71
t'Matching Determines CMRR

+ lOOK R6( 2Rl)
0.'%

Ay=- 1 +-
C2 R2 R3'* lDDpF

':"
TUH17057 -45

High Input Impedance Instrumentation Amplifier
Rl' R2t R3t R4'

lOOK lK lK lOOK
0.1% 0.1% 0.1% 0.1%

C2*' lDDpF

'tMatching determines CMRR

fMay be deleted to maximize bandwidth

Rl - R4; R2 = R3

Rl
Ay=I+Fi2

Bridge Amplifier with Low Noise Compensation
v·

'Reduces feed through of
OUTPUT power supply noise by 20 dB

and makes supply bypassing
unnecessary.

tTom for best common
mode rejection

;Gain adjust



R1 R2

RS' ~ RS2

Vour ~ V+ (1 - ~)
RS'

·EREF must have a source im-
pedance of less than 2000 if
02 is used.

Precision AC to DC Converter
R6

10K
1%

CJ'
30 pF

·Feedforward compensation can be used to make a fast full wave rectifier without a filter.

Low Drift Peak Detector
R3

10K



VOUT = - IVINI x ~
R1

R2 R4+R3R1=~

'Worst case drift less than 2.5 mV Isee
trefton, Polyethylene or Polycarbonate

Dielectric Capacitor

Sample and Hold
RI
1M



Fastt Summing Amplifier with Low Input Current
cu

t Power Bandwidth: 250 kHz
Small Signal Bandwidth: 3.5 MHz
Slew Aate: 1OVl)Ls

* C5 ~ 6 X 10-8

At



1
10 - 2"R1C1

-60Hz

R1 - R2 - R3

C1=C2=C23

C2I"300PF



R4 ~ RS
R1 ~ R3
R4 ~ V.R1

1
fa = 21TR4JCiC2

Easily Tuned Notch Filter
R3
4K

0.1%

CZ,*

1 i~:"PF
C4 R3

30 pF _ 10K

1
fa ~ 21TR1C1

R1 ~ R2 ~ 2R3
C1 ~ C2 ~ C3/2



Negative Capacitance Multiplier
R3

lK 1%

C~~Cl
R3

Vos + R210S
'L ~ R3

Rs = R3(RI + R,N)
R'NAva

Variable Capacitance Multiplier

Rl R2
lK 11K

R2
100 R3

10M

L" Rl R2 Cl
Rs ~ R2
Rp - Rl

Capacitance Multiplier
R2

10M

C2

i
300PF

C3 R4

30 pF ':' 10K

TL/HI7057-67

C~~Cl
R3

Vas + los Rl
'L ~ R3

Rs ~ R3





High Pass Active Filter
RI

1I0K

CI'
O.OZjlF

INPUT---1

Tl/H17057 -71

·Values are for 100 Hz cutoff. Use metalized polycarbonate capacitors for good temperature stability.

Low Pass Active Filter
Cl·

940 pF

Nonlinear Operational Amplifier with Temperature Compensated Breakpoints
R5 R&

1I1.5K 50K

QZ
ZNZ605



MONITOR
OUTPUT

5V/A

Saturating Servo Preamplifier with
Rate Feedback

01 lMl0J 02
2.4V

RI
210

CI
50~F~



R2 ':'
JOOK

RJ
15M

Rl
75K

Long Interval Timer
RESET

Amplifier for Piezoelectric Transducer
OUTPUT

E:::::J TRANSOUCER

T
Low frequency cutoff ~ Rl C,

TL/H/7057-80

RS = Rl (~~)

V, ;, 0

Vour = VI V2
10

Fast Zero Crossing Detector
Rl

OJ
lMl0J
J.JV

RJ
UK

Propagation delay approximately 200 ns
tDTL or TIL fanout of three.
Minimize stray capacitance
Pin 8

R5
24.JK
1% ·Set for OV at O"C

t Adjustfor 100 mVrc



Photodlode Amplifier
RI
5M
1%

CI
0.01~F

INPUT --t

Temperature Compensated Logarithmic Converter
y. = 15Y

RI
15.1K

1%

tAvaiiable from Tel-Labs, Inc.,
Manchesler, N.H. Type 081.

-Determines current for zero
crossing on output: 10 p.A
as shown.

SII
IK
.0.3%/ C





- CZ
R7 300 pF - C4

1.5M 150 pF
1% ZNZ920

15V

Rll
2K

EOUl

RI
1.5M

C7

':' C6 30 pF
150 pF

TL/H/7057-88



EA•• 15V

R3
150K
1%

'R2
T IK

'"

'Tel-Labs Type OBI
Manchester, N.H.

TLlH17057-89
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SAMPLE-, r- +15V SAMPLE

L..J -15V HOLD

The 2N4339 JFET was selected because of its low 'GSS
« 100 pAl, very-low ID(OFF) « 50 pAl and low pinchoff volt-

age. Leakages of this level put the burden of circuit perform-
ance on clean, solder-resin free, low leakage circuit layout.

The 2N4393 is operated as a Miller integrator. The high Yls
of the 2N4393 (over 12,000 ",mhos @ 5 mAl yields a stage
gain of about 60. Since the equivalent capacitance looking
into the gate is C times gain and the gate source resistance
can be as high as 10 MO, time constants as long as a
minute can be achieved.

This circuit utilizes the "",-amp" technique to achieve very
high voltage gain. Using Cl in the circuit as a Miller integra-
tor, or capacitance multiplier, allows this simple circuit to
handle very long time constants.



.001 ~F

~
RIH:;' 100M
C,H <: .25 pF

Nothing is left to chance in reducing input capacitance. The
2N4416, which has low capacitance in the first place. is
operated as a source follower with bootstrapped gate bias

resistor and drain. Any input capacitance you get with this
circuit is due to poor layout techniques.

The FET cascode video amplifier features very low input
loading and reduction of feedback to almost zero. The
2N3823 is used because of its low capacitance and high
Yls. Bandwidth of this amplifier is limited by RL and load
capacitance.

The JFET Pierce crystal oscillator allows a wide frequency
range of crystals to be used without circuit modification.
Since the JFET gate does not load the crystal, good Q is
maintained thus insuring good frequency stability.



This FETVM replaces the function ot the VTVM while at the
same time ridding the instrument of the usual line cord. In
addition, drift rates are far superior to vacuum tube circuits

.01,.,.F

IN'UT~

allowing a 0.5 volt full scale range which is impractical with
most vacuum tubes. The low-leakage, low-noise 2N4340 is
an ideal device for this application.

The 2N3684 JFET provides the function of a high input
impedance and low noise characteristics to buffer an op
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The 2N4416 JFET will provide noise figures of less than 3 dB and power gain of
greater than 20 dB. The JFETs outstanding low crossmodulation and low intermodula-
lion distortion provides an ideal characteristic for an input stage.

The output feeds into an LM171 used as a balanced mixer. This configuration greatly
reduces L.O. radiation both into the antenna and into the I.F. strip and also reduces RF
signal feedthrough.



DIFFERENTIAL
INSTRUMENT

INPUT

DIFFERENTIAL
INSTRUMENT

INPUT

The FM1208 monolithic dual is used in a differential multi-
plexer application where ROS(ON) should be closely
matched. Since ROS(ON) for the monolithic dual tracks
at better than ± 1% over wide temperature ranges

(- 25 to + 125'C), this makes it an unusual but ideal choice
for an accurate multiplexer. This close tracking greatly re-
duces errors due to common mode signals.

This preamplifier provides proper loading to a reluctance
phono cartridge. It provides approximately 25 dB of gain at
1 kHz (2.2 mV input for 100 mV output), it features S + N/N

ratio of better than - 70 dB (referenced to 10 mV input at
1 kHz) and has a dynamic range of 84 dB (referenced to
1 kHz). The feedback provides for RIM equalization.



Variable Attenuator
The 2N3685 acts as a voltage variable resistor with an
ROS(ON)of 8000 max. The 2N3685 JFET will have linear
resistance over several decades of resistance providing an
excellent electronic gain control.

BIPOLAR
LOGIC
ELEMENT

MaS
LOGIC
ELEMENT
WITH
NEGATIVE
SUPPLY

TUH/6791-13

Negative to Positive Supply Logic Level Shlfter
This simple circuit provides for level shifting from any logic
function (such as MOS) operating from minus to ground
supply to any logic level (such as TIL) operating from a plus
to ground supply. The 2N3970 provides a low rds(ON)and
fast switching times.
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The 2N4391 provides a low ROS(ON)(less than 300). The
tee attenuator provides for optimum dynamic linear range
for attenuation and if complete turnoff is desired. attenua-

tion of greater than 100 dB can be obtained at 10 MHz
providing proper RF construction techniques are employed.

AV ~ ~ = SOO TYPICAL

Yfs,..--Yos

Sometimes called the "JFET" ,.. amp," this circuit provides
a very low power, high gain amplifying function. Since,.. of a
JFET increases as drain current decreases, the lower drain

current is, the more gain you get. You do sacrifice input
dynamic range with increasing gain, however.



The 2N4341 JFET is used as a level shifter between two op
amps operated at different power supply voltages. The

JFET is ideally suited for this type of application because
10 = Is·

+50Y
PAEBIAS

LINE

OTl·TTl
BIPOLAA

LOGIC

-Trademark of the
Burroughs Corp.

TlIH/6791-17

The 2N3684 JFETs are used as Nixie tube drivers. Their Vp
of 2-5 volts ideally matches DTL-TIL logic levels. Diodes
are used to a + 50 volt prebias line to prevent breakdown of
the JFETs. Since the 2N3684 is in a TO-72 (4 lead TO-18)
package, none of the circuit voltages appear on the can.
The JFET is immune to almost all of the failure mechanisms
found in bipolar transistors used for this application.

10 ~ VIN
Rl

V,N > OV

The 2N3069 JFET and 2N2219 bipolar have inherently high
output impedance. Using R1 as a current sensing resistor to
provide feedback to the LM10l op amp provides a large
amount of loop gain for negative feedback to enhance the
true current sink nature of this circuit. For small current val-
ues, the 10k resistor and 2N2219 may be eliminated if the
source of the JFET is connected to R1.
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FROM
VIDEO
DETECTOR

The JFET-Bipolar cascode circuit will provide full video out·
put for the CRT cathode drive. Gain is about 90. The cas-
code configuration eliminates Miller capacitance problems
with the 2N4091 JFET, thus allowing direct drive from the

video detector. An m derived filter using stray capacitance
and a variable inductor prevents 4.5 MHz sound frequency
from being amplified by the video amplifier.

ClrD"f.

The JFETs, 01 and 02, provide complete buffering to C1,
the sample and hold capacitor. During sample, 01 is turned
on and provides a path, rds(ON),for charging C1. During
hold. 01 is turned off thus leaving 01 ID(OFF) «50 pAl

and 02 IGSS « 100 pAl as the only discharge paths. 02
serves a buffering function so feedback to the LM101 and
output current are supplied from its source.



TUH/6791-21

Weln Bridge Sine Wave Oscillator

The major problem in producing a low distortion, constant
amplitude sine wave is getting the amplifier loop gain just
right. By using the 2N3069 JFET as a voltage variable resis-
tor in the amplifier feedback loop, this can be easily
achieved. The LM103 zener diode provides the voltage ref-
erence for the peak sine wave amplitude; this is rectified
and fed to the gate of the 2N3069, thus varying its channel
resistance and, hence, loop gain.

TL/H/6791-23

High Impedance Low Capacitance Wldeband Buffer

The 2N4416 features low input capacitance which makes
this compound-series feedback buffer a wide-band unity
gain amplifier.

JFET Sample and Hold Circuit

The logic voltage is applied simultaneously to the sample
and hold JFETs. By matching input impedance and feed-
back resistance and capacitance, errors due to rds(ON)of
the JFETs is minimized. The inherent matched rds(ON)and
matched leakage currents of the FM1109 monolithic dual
greatly improve circuit performance.

TL/H/6791-24

High Impedance Low Capacitance Amplifier

This compound series-feedback circuit provides high input
impedance and stable, wide-band gain for general purpose
video amplifier applications.



TLlH/6791-25

Stable Low Frequency Crystal Oscillator

This Colpitts-Cryslal oscillator is ideal for low frequency
cryslal oscillator circuits. Excellent stability is assured be-
cause the 2N3823 JFET circuit loading does not vary with
temperature.

o to 360" Phase Shlfter

Each stage provides O· to 180' phase shift. By ganging the
two stages. O' to 360' phase shift is achieved. The 2N3070
JFETs are ideal since they do not load the phase shift net-
works.
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IF REQUIRED

onnL
INPUT

CONTROL

This analog switch uses the 2N4860 JFET for its 25 ohm
rONand low leakage. The LMl 02 serves as a voltage buffer.
This circuit can be adapted to a dual trace oscilloscope

chopper. The DM7800 monolithic I.C. prOVidesadequate
switch drive controlled DTL-TTL logic levels.

20 MHz OSCILLATOR VALUES

C1 •• 700 pF L1 = 1.3 f'H

C2 ~ 75 pF L2 = lOT 'fa" DIA'I," LONG

voo ~ 16V 10 = 1 mA

20 MHz OSCILLATOR PERFORMANCE

LOW DISTORTION 20 MHz OSC.

2ND HARMONIC -60 dB

3RD HARMONIC> -70 dB

OUTPUT

U
The 2N4416 JFET is capable of oscillating in a circuit where
harmonic distortion is very low. The JFET local oscillator

is excellent when a low harmonic content is required for a
good mixer circuit.



OUTPUT

AGe RAIlIGE 51 ••
POWERGAil 17.'

This 200 MHz JFET cascode circuit features low crossmo-
dulation, large-signal handling ability, no neutralization, and
AGe controlled by biasing the upper cascode JFET. The

only special requirement of this circuit is that loss of the
upper unit must be greater than that of the lower unit.

The FM3954 monolithic-dual provides an ideal low-offset,
low-drift buffer function for the LM101A op amp. The excel-
lent matching characteristics of the FM3954 track well over

its bias current range thus improving common mode rejec-
tion.

CONTROL
DRIVE

ON +10 1NI14L-J=. FROM DMJ800
OFF -20

This commutator circuit provides low impedance gate drive
to the 2N3970 analog switch for both on and off drive condi-
tions. This circuit also approaches the ideal gate drive con-
ditions for high frequency signal handling by providing a low

ac impedance for off drive and high ac impedance for on
drive to the 2N3970. The LH0005 op amp does the job of
amplifying megahertz signals.
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OM7'1IO
VOLTAGE TRANSLATOR

This 4-channel commutator uses the 2N4091 to achieve low
channel ON resistance «300) and low OFF current leak-
age. The DM7800 voltage translator is a monolithic device

which provides from + 10V to - 20V gate drive to the
JFETs while at the same time providing DTL-TTL logic com-
patability.

This design allows high frequency signal handling and high
toggle rates simultaneously. Toggle rates up to 1 MHz and

-15V ~

ADDITIONAL
CHANNELS
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Rl senses current flow of a power supply. The JFET is used
as a buffer because 10 = Is. therefore the output monitor

.02IlF

IN'UTtH

l·tn~V~Lr

+1&V

VOLUME
1""

~

OUTPUT
10K
LINEAR

TAPER '='

lASS

~ __ :;~~~RVC~~T!!!S__ J

This preamp and tone control uses the JFET to its best
advantage; as a low noise high input impedance device. All
device parameters are non-critical yet the circuit achieves
harmonic distortion levels of less than 0.05% with a SIN

ratio of over 85 dB. The tone controls allow 18 dB of cut and
boost; the amplifier has a 1 volt output for 100 mV input at
maximum level.
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Precision Current Source

The 2N3069 JFET and 2N2219 bipolar serve as voltage
devices between the output and the current sensing resis-
tor, Rl. The LM101 provides a large amount of loop gain to
assure that the circuit acts as a current source. For small
values of current, the 2N2219 and 10k resistor may be elimi-
nated with the output appearing at the source of the
2N3069.

SChmitt Trigger

This SChmitttrigger circuit is "emitter coupled" and provides
a simple comparator action. The 2N3069 JFET places very
little loading on the measured input. The 2N3565 bipolar is a
high hFE transistor so the circuit has fast transition action
and a distinct hysteresis loop.

Low Power Regulator Reference

This simple reference circuit provides a stable voltage refer- power supply rejection exceeds 100 dB.
ence almost totally free of supply voltage hash. Typical

The 2N4391 provides a low on-resistance of 30 ohms and a
high off-impedance «0.2 pF) when off. With proper layout

and an "ideal" switch, the performance stated above can
be readily achieved.



Applications of MOS
Analog Switches

ABSTRACT
This discussion begins with some basic commutation cir-
cuits, then describes some uses in linear amplifier applica-
tions such as reset functions and chopper applications. The
use of MOS switches as a suppressed carrier double-side-
band modulator and a double-sideband demodulator is then
covered; followed by a circuit proposal for a phase-locked
loop AM-FM detector without tuned circuits.

THE MOS DIFFERENTIAL SWITCH-DC TO RF

The dual differential switch is a particular switch connection
scheme which at first glance prompts one to say-so what?
It is, however, one of those simple circuit configurations
which can find a wide variety of uses in electronic circuits.
The dual differential switch could also be called a OPOT
switch or two OPOT switches---<Jependingon how they are
toggled.
MOS switches have some unique features which make
them very useful for data switching1,2,3 : no offset voltage,
high ROFF/RON ratios, low leakage, fast operation, and
matched "on" resistance. Within definite bounds, MOS
switches exhibit good isolation between the switching drive
and signal path.
MOS switches do have somewhat unique driving require-
ments. If order to solve this problem, National manufactures
a hybrid integrated circuit which provides OTL-TIL drive
compatibility with the dual differential switch. These devices
use the OM7801 chip with an MM450 chip for the AH0014
and the OM7800 chip with an MM450 chip for the AH0019.

National Semiconductor
Application Note 38
R. Stump
D. Wollesen

The AH0014 is basically a OPOTswitch while the AH0019 is
two SPOT switches in the same package. Each connection
has its particular advantages and disadvantages.

COMMUTATION CIRCUITS
The AH0014 may be used as a two channel commutator
only, because two of its four channels are always on. The
AH0019 may be used for systems with any number of chan-
nels since it can shut all channels off on command.
Figure 3 shows a six channel commutator which may be
easily expanded. Data sampling may be done on any format
which the user chooses. Sampling format is easily con-
trolled by OTL or TIL logic design independent of the
AH0019. Since each buffer-driver of the AH0019 has a dual
input gate, all channel blanking is readily achieved. If de-
sired, the format shown in Figure 3 may be modified so as to
use the AH0019 logic inputs as binary gates which can re-
duce the command logic complexity if the blanking function
if not required.
Since the multiplexed information is in differential form,
common mode noise is greatly reduced. Also, the MOS gate
drive spiking is drastically reduced because of the differen-
tial channel configuration. Oemultiplexing may be accom-
plished by using a circuit identical to the multiplexer be-
cause the MOS device is a true bilateral switch. In hard-
wired systems where the multiplex "outputs" are electrically
connected as in Figure 4, the signal may be transmitted in
either direction. For non-hardwired systems, the modula-
tion-demodulation sequence is still bilateral, but provisions
must be made for transmit/receive function control.
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Note: All inputs "HIGH"
TL/H/B749-B

TL/H/8749-5
(b) AH0019

FIGURE 2. AH0014 and AH0019 DTL-TTL Compatible MOS Analog Switches
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USAGE IN LINEAR AMPLIFIER CIRCUITS
The AH0014 and AH0019 devices are useful for switching
functions in linear circuit applications because of high off/on
resistance ratio and ease of switching control using logic
elements. Sample and hold circuits, integrator reset switch-
ing, and reset stabilized amplifiers are a few examples (Fig-

ure 5). More detailed information on this type of circuitry is
available in National Semiconductor applications notes
AN-4, AN-5, AN-20. and AN-294-7.
An obvious use of the AH0014 and AH0019 are in chopper
stabilized amplifiers (Figure 6). One of the better forms of
chopper stabilized amplifiers is the series shunt chopper

-- -- -- -- -- -- -- -- -;';o~

I
(b) Reset Stabilized Amplifier

FIGURE 5. Switching Applications with Linear Circuits
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with sample and hold type of output. The AH0014 does a
good job at this because it contains the complete set of
switches plus proper drive for the switches. The AH0014
can greatly reduce component count for chopper stabilized
amplifiers.

DOUBLE SIDEBAND MODULATOR
The AH0019 can be used as a double sideband modulator.
In modulator applications, the AH0019 functions as a DPDT
switch which alternately reverses the polarity of the modu-
lating signal at the chopper frequency. MaS switches work
quite well at this application because of zero offset voltage
and large signal handling ability.
In order to build a double sideband balanced modulator 8,9,
one of the two modulating inputs must be applied as a bal-
anced input. For the circuit shown in Figure 7, an LM102
and LM107 were used for an audio phase splitter.
Both point A and point B in Figure 7 are DSB modulated
outputs; so, technically, you could get by with only one. The
waveform at point A is illustrated in Figure 8a for a carrier
frequency of 100 kHz and an audio frequency of 12.5 kHz.
Point B is equal and out of phase.
One type of spurious response encountered with MaS
switching devices is output spikes caused by a charge being
dumped into the channel by the gated drive through gate-
channel capacitance. By adding C1, part of the charge can
be absorbed, thus reducing the voltage amplitude of the
spikes. The R1C1 combination has its 3 dB point at about
80 kc, so output from the phase splitter was not attenuated
in the audio range.
The astute observer will notice switching transients on the
waveform in Figure 8a. By taking the output in differential
form at points A and B, these transients are greatly reduced
because the desired signals are equal but of opposite polar-
ity, while the switching transients are an "in phase" or
"common mode" error.
To better illustrate the improvement by using a balanced
output, the audio signal was reduced to zero volts and the
points A, B, and A-B were measured as shown in Figure 9.
The improvement operating in the differential mode is obvi-
ous.
The circuit drive requirements for Figure 7 may be simplified
by using the AH0014 since it provides an inverting function
internally. Only one phase of toggle drive to the AH0014 is
required.

The modulation will be distorted more due to the phase lag
created by the internal inverter of the AH0014. Figure 10s
shows the switching performance of the AH0019 while Fig-
ure 10b shows the switching performance of the AH0014. In
applications which do not require high carrier frequencies.
the AH0014 is adequate. but for carrier frequencies above
100 kHz. the AH0019 provides improved performance be-
cause of its symmetrical switching behavior.

DOUBLE SIDEBAND DEMODULATOR
The major requirement of double sideband signal demodu-
lation is proper carrier reinsertion. For maximum output. the
carrier must be reinserted exactly in phase or exactly 180'
out of phase with respect to the signal. Any departure from
this optimum phase relationship will reduce the recovered
signal amplitude. By applying the double sideband signal to
a second AH0019 as shown in Figure 7, the original modu-
lating waveform may be recovered. along with some switch-
ing transients (Figure 11).
These switching transients may be filtered out quite easily. It
is, however, instructive to compare the recovered audio sig-
nal with the original. The modulating signal had less than
0.1% distortion at 1 kHz. Figure 12 shows the distortion of
the recovered signal vs. signal amplitude.
Carrier frequency was 100 Hz for the upper curve and
10kHz for the lower. These curves indicate that most of the
distortion is due to switching transients. especially at low
modulation levels. Output filtering will significantly reduce
the recovered signal distortion.
Figure 13 emphasizes the affect that switching transients
have on harmonic distortion. At carrier frequencies below
10kHz. the RMS value of the transients is reduced to a
point where distortion of the MaS switches themselves can
be seen.
The AH0014 and AH0019 data sheet suggests a V+ supply
value of 10V and a V- supply value of -20V. However.
switching transients may be reduced by using different pow-
er supply voltages. Figure 14and Figure 15 show what hap-
pens to harmonic distortion caused by spiking versus power
supply level. Figure 14 is plotted for V- and V+ at 10V.
Figure 15 shows what happens as V+ is varied. All of the
previous data was taken at V+ at 14V and V- at -12V.
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('I)Z AM-FMDEMODULATOR
c( Although an AM-FM demodulator was not physically con-

structed, the previously discussed "double sideband de-
modulator" performance implies that a very interesting
phase detector can be built. The interesting features of this
type of a detector are large dynamic range, recovery of both
in-phase (amplitude modulated) and quadrature-phase (fre-
quency modulated) signals plus the feasibility of not using
any inductors for tuning.
Figure 16 shows the proposed circuit block diagram which
uses a phase-locked loop for phase reference signal. The

.•..
/

" "

I'
" ..•

J

(a) UpperTrace-V.
Lower Trace-Vb

voltage controlled oscillator (VCO) is operated at 4 fo. Flip
Flop "1 provides a two phase output which is fed into FF
"2 and FF "3. The outputs of FF "2 and FF "3 are exact-
ly 90' out of phase regardless of the frequency of the vea.
This kind of performance is awfUlly hard to achieve using
tuned circuits. For a 455 kHz detector, the vea would oper-
ate at 1820 kHz. TIL flip flops will operate quite nicely at
that frequency and should hold phase shift errors to practi-
cally zero. The LM107 provides DC gain to close the phase-
locked loop, it forces the vea to a frequency and phase
angle which causes the "FM out" port to zero volts DC; this
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TLiH/8749-17

(a) NH001950na/cm (b) NH001450na/cm
FIGURE10.ChannelSwltchlng-AH0019 va AH0014

TLiH/8749-19

(a)Single EndedOutput (b) Differential Output
FIGURE11.Demodulator RecoveredOutput

~
r

\ \
~ -

/

1/ \

\
~

I
J

\
\

1/

I".: /
"



12.0

10.0
z
0
>= 8.0
II:
0
In 6.0Ci•..::; 4.0...
~

2.0

TllH/8749-21

FIGURE 12. Recovered Signal Harmonic Distortion vs
Audio Modulation Level
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FIGURE 14. Harmonic Distortion vs Negative Power
Supply Voltage

port is then operating exactly in quadrature with the applied
signal. This part of the detector is then insensitive to ampli-
tude modulation and sensitive to frequency modulation.
Since the AM detector portion is operating exactly 90' out of
phase with the FM portion, its output is insensitive to FM
and sensitive to AM.

CONCLUSION
The most obvious use of the AH0014 and AH0019 is in
commutator applications, and it indeed is a very useful de-
vice for that purpose. The use of these switches in linear
circuit applications is also very attractive because of DTL-
TTL control compatibility. There are many more uses

There was little significant difference in distortion
at signal amplijudes of 3.0V. I.OV. 0.3V. 0.1 VRMS.

FIGURE 13. Recovered Signal Harmonic Distortion vs
Carrier Frequency
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FIGURE 15. Harmonic Distortion vs
Positive Supply Voltage

of these switches possible than the few examples described
here.
The unusual application of these devices as suppressed
carrier double-sideband modulators and demodulators sug-
gests applications in servo systems and even communica-
tions systems due to their high speed operation. The final
circuit suggestion, a phase-locked loop AM-FM demodula-
tor without tuned circuits should be very useful in communi·
cations systems. The AH0019 will operate quite well at an IF
frequency of 455 kHz or less.
These basic capabilities of the MOS dual differential switch
should encourage much greater usage of this type of device
in new product designs.
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Precision IC Comparator
Runs from + 5V
Logic Supply
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

Introduction
In digital systems, it is sometimes necessary to convert low
level analog signals into digital information. An example of
this might be a detector for the illumination level of a photo-
diode. Another would be a zero crossing detector for a mag-
netic transducer such as a magnetometer or a shaft-posi-
tion pickoff. These transducers have low-level outputs, with
currents in the low microamperes or voltages in the low mil-
livolts. Therefore, low level circuitry is required to condition
these signals before they can drive logic circuits.

A voltage comparator can perform many of these precision
functions. A comparator is essentially a high-gain op amp
designed for open loop operation. The function of a compar-
ator is to produce a logic "one" on the output with a positive
signal between its two inputs or a logic "zero" with a nega-
tive signal between the inputs. Threshold detection is ac-
complished by putting a reference voltage on one input and
the signal on the other. Clearly, an op amp can be used as a
comparator, except that its response time is in the tens of
microseconds which is often too slow for many applications.

A unique comparator design will be described here along
with some of its applications in digital systems. Unlike older
IC comparators or op amps, it will operate from the same 5V
supply as DTL or TIL logic circuits. It will also operate with
the single negative supply used with MOS logic. Hence, low
level functions can be performed without the extra supply
voltages previously required.

The versatility of the comparator along with the minimal cir-
cuit loading and considerable precision recommend it for
many uses, in digital systems, other than the detection of
low level signals. It can be used as an oscillator or multivi-
brator, in digital interface circuitry and even for low voltage
analog circuitry. Some of these applications will also be dis-
cussed.

circuit description
In order to understand how to use this comparator, it is nec-
essary to look briefly at the circuit configuration. Figure 1
shows a simplified schematic of the device. PNP transistors

National Semiconductor
Application Note 41

I"tSOD1tA

I", 500••••
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TLlH17303-1

Figure 1. Simplified schematic of the comparator

buffer the differential input stage to get low input currents
without sacrificing speed. The PNP's drive a standard NPN
differential stage, 03 and 04. The output of this stage is
further amplified by the 05-Q6 pair. This feeds 09 which
provides additonal gain and drives the output stage. Current
sources are used to determine the bias currents, so that
performance is not greatly affected by supply voltages.



The output transistor is a", and it is protected by 0,0 and
Rs which limit the peak output current. The output lead,
since it is not connected to any other point in the circuit, can
either be returned to the positive supply through a pull-up
resistor or switch loads that are connected to a voltage
higher than the positive supply voltage. The circuit will oper-
ate from a single supply if the negative supply lead is con-
nected to ground. However, if a negative supply is available,
it can be used to increase the input common mode range.
Table I summarizes the performance of the comparator
when operating from a 5V supply. The circuit will work with

Table I. Important electrical characteristics of the
LM111 comparator when operating from single,
5V supply (TA = 25°C)

Limits
Parameter Units

Min Typ Max

Input Offset Voltage 0.7 3 mV

Input Offset Current 4 10 nA

Input Bias Current 60 100 nA

Voltage Gain 100 V/mV

Response Time 200 ns

Common Mode Range 0.3 3.8 V

Output Voltage Swing 50 V

Output Current 50 mA

Fan Out (OTLITTL) 8

Supply Current 3 5 mA

supply voltages up to ± 15V with a corresponding increase
in the input voltage range. Other characteristics are essen-
tially unchanged at the higher voltages.

low level applications
A circuit that will detect zero crossing in the output of a
magnetic transducer within a fraction of a millivolt is shown
in Figure 2. The magnetic pickUp is connected between the
two inputs of the comparator. The resistive divider, R, and
R2' biases the inputs 0.5V above ground, within the com-

y+ ~ 5Y

TL/H/7303-2

Figure 2. Zero crossing detector for magnetic transducer

mon mode range of the IC.The output will directly drive OTL
or TTL. The exact value of the pull up resistor, Rs, is deter-
mined by the speed required from the circuit since it must
drive any capacitive loading for positive-going output sig-
nals. An optional offset-balancing circuit using Rs and R4 is
included in the schematic.
Figure 3 shows a connection for operating with MOS logic.
This is a level detector for a photodiode that operates off a
-10V supply. The output changes state when the diode
current reaches 1 I-'A. Even at this low current, the error
contributed by the comparator is less than 1%.

TUH17303-3

Figure 3. Level detector for photodiode

Higher threshold currents can be obtained by reducing R"
R2and Rs proportionally. At the switching point, the voltage
across the photodiode is nearly zero, so its leakage current
does not cause an error. The output switches between
ground and -10V, driving the data inputs of MOS logic di-
rectly.
The circuit in Figure 3 can, of course, be adapted to work
with a 5V supply. At any rate, the accuracy of the circuit will
depend on the supply-voltage regulation, since the refer-
ence is derived from the supply. Figure 4 shows a method
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Figure 4. Precision level detector for photodiode

of making performance independent of supply voltage. 0, is
a temperature-compensated reference diode with a 1.23V
breakdown voltage. It acts as a shunt regulator and delivers
a stable voltage to the comparator. When the diode current
is large enough (about 10 I-'A) to make the voltage drop



across R3 equal to the breakdown voltage of 01, the output
will change state. R2 has been added to make the threshold
error proportional to the offset current of the comparator,
rather than the bias current. It can be eliminated if the bias
current error is not considered significant.

A zero crossing detector that drives the data input of MOS
logic is shown in Figure 5. Here, both a positive supply and

v+· 5V
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Figure 5. Zero crossing detector driving MOS logic

the -10V supply for MOS circuits are used. Both supplies
are required for the circuit to work with zero common-mode
voltage. An alternate balancing scheme is also shown in the
schematic. lt differs from the circuit in Figure 2 in that it
raises the input-stage current by a factor of three. This in-
creases the rate at which the input voltage follows rapidly-
changing signals from 7V /".s to 18V / ".s. This increased
common-mode slew can be obtained without the balancing
potentiometer by shorting both balance terminals to the
positive-supply terminal. Increased input bias current is the
price that must be paid for the faster operation.

digital Interface circuits

Figure 6 shows an interface between high-level logic and
OTL or TIL. The input signal, with OV and 30V logic states is
attenuated to OV and 5V by R1 and R2. R3 and R4 set up a
2.5V threshold level for the comparator so that it switches
when the input goes through 15V. The response time of the
circuit can be controlled with C1, if desired, to make it insen-
sitive to fast noise spikes. Because of the low error currents
of the LM 111, it is possible to get input impedances even
higher than the 300 kO obtained with the indicated resistor
values.

FROM
TTL

GATE

The comparator can be strobed, as shown in Figure 6, by
the addition of 01 and Rs. With a logic one on the base of
01, approximately 2.5 mA is drawn out of the strobe termi-
nal of the LM 111, making the output high independent of
the input signal.

Figure 6. Circuit for transmitting data between high-lev-
el logic and TIL

Sometimes it is necessary to transmit data between digital
equipments, yet maintain a high degree of electrical isola-
tion. Normally, this is done with a transformer. However,
transformers have problems with low-duty-cycle pulses
since they do not preseve the dc level.

The circuit in Figure 7 is a more satisfactory method of ob-
taining isolation. At the transmitting end, a TIL gate drives a
gallium-arsenide light-emitting diode. The light output is opti-
cally coupled to a silicon photodiode, and the comparator
detects the photodiode output. The optical coupling makes
possible electrical isolation in the thousands of megohms at
potentials in the thousands of volts.

The maximum data rate of this circuit is 1 MHz. At lower
rates (- 200 kHz) R3 and C1 can be eliminated.

multlvlbrators and oscillators

The free-running multivibrator in Figure 8 is another exam-
ple of the versatility of the comparator. The inputs are bi-
ased within the common mode range by R1 and R2' DC
stability, which insures starting, is provided by negative
feedback through R3. The negative feedback is reduced at
high frequencies by C1. At some frequency, the positive
feedback through R4 will be greater than the negative feed-
back; and the circuit will oscillate. For the component values
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~:z shown, the circuit delivers a 100 kHz square wave output.
<c The frequency can be changed by varying C1 or by adjusting

R1 through R4' while keeping their ratios constant.

Because of the low input current of the comparator, large
circuit impedances can be used. Therefore, low frequencies
can be obtained with relatively-small capacitor values: it is
no problem to get down to 1 Hz using a 1 ,..F capacitor. The
speed of the comparator also permits operation at frequen-
cies above 100 kHz.

Rl v+· 5V R5
24K lK

SQUARE
WAVE
OUTPUT"

·TTL or DTL Fanout of two.

Figure 8. Free-running multlvlbrator

The frequency of oscillation depends almost entirely on the
resistance and capacitor values because of the precision of
the comparator. Further, the frequency changes by only 1%
for a 10% change in supply voltage. Waveform symmetry is
also good, but the symmetry can be varied by changing the
ratio of R1 to R2.

A crystal-controlled oscillator that can be used to generate
the clock in slower digital systems is shown in Figure 9. It is
similar to the free running multivibrator, except that the posi-
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tive feedback is obtained through a quartz crystal. The cir-
cuit oscillates when transmission through the crystal is at a
maximum, so the crystal operates in its series-resonant

v+· 5V

TL/H/7303-9
Figure 9. Crystal-controlled oscillator

mode. The high input impedance of the comparator and the
isolating capacitor, C2, minimize loading of the crystal and
contribute to frequency stability. As shown, the oscillator
delivers a 100 kHz square-wave output.

frequency doubler

In a digital system, it is a relatively simple matter to divide by
any integer. However, multiplying by an integer is quite an-
other story especially if operation over a wide frequency
range and waveform symmetry are required.

A frequency doubler that satisfies the above requirements is
shown in Figure 10. A comparator is used to shape the in-

1/4 DM5486e

Frequency Range
Input-S kHz to 50 kHz
Output-10 kHz to 100 kHz

TL/HI7303-10
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z•.co..-put signal and feed it to an integrator. The shaping is re-

quired because the input to the integrator must swing be-
tween the supply voltage and ground to preserve symmetry
in the output waveform. An LM108 op amp, that works from
the 5V logic supply, serves as the integrator. This feeds a
triangular waveform to a second comparator that detects
when the waveform goes through a voltage equal to its av-
erage value. Hence, as shown in Figure 11,the output of the

FIRST CllMPARATOR rI rI
OUTPUT ---J L..J L

INTEGRATOR OUTPUT ~

SECOND COMPARATOR ..., rI r
OUTPUT L..J L..J

CIRCUIT OUTPUT Lflf1JU
TUHI7303-11

Figure 11. Waveforms for the frequency doubler

second comparator is delayed by half the duration of the
input pulse. The two comparator outputs can then be com-
bined through an exclusive-OR gate to produce the double-
frequency output.
With the component values shown, the circuit operates at
frequencies from 5 kHz to 50 kHz. Lower frequency opera-
tion can be secured by increasing both C1 and C2.

application hints
One of the problems encountered in using earlier IC com-
parators like the LM710 or LM106 was that they were prone
to erratic operation caused by oscillations. This was a direct
result of the high speed of the devices, which made it man-
datory to provide good input-output isolation and low-induc-
tance bypassing on the supplies. These oscillations could
be particularly puzzlingwhen they occurred internally, show-
ing up at the external terminals only as erratic de character-
istics.
In general, the LM111 is less susceptible to spurious oscilla-
tions both because of its lower speed (200 ns response time
vs 40 ns) and because of its better power supply rejection.
Feedback between the output and the input is a lesser prob-
lem with a given source resistance. However, the LM111
can operate with source resistance that are orders of mag-
nitude higher than the earlier devices, so stray coupling be-
tween the input and output should be minimized. With
source resistances between 1 kn and 10 kn, the imped-
ance (both capacitive and resistive) on both inputs should
be made equal, as this tends to reject the signal fed back.
Even so, it is difficult to completely eliminate oscillations in

the linear region with source resistances above 10 kn, be-
cause the 1 MHz open loop gain of the comparator is about
80 dB. However, this does not affect the de characteristics
and is not a problem unless the input signal dwells within
200 ).LVof the transition level. But if the oscillation does
cause difficulties, it can be eliminated with a small amount
of positive feedback around the comparator to give a 1 mV
hysteresis.
Stray coupling between the output and the balance termi-
nals can also cause oscillations, so an attempt should be
made to keep these leads apart. It is usually advisable to tie
the balance pins together to minimize the effect of this feed-
back. If balancing is used, the same result can be accom-
plished by connecting a 0.1 ).LFcapacitor between these
pins.
Normally, individual supply bypasses on every device are
unnecessary, although long leads between the comparator
and the bypass capacitors are definitely not recommended.
If large current spikes are injected into the supplies in
sWitchingthe output, bypass capacitors should be included
at these points.
When driving the inputs from a low impedance source, a
limiting resistor should be placed in series with the input
lead to limit the peak current to something less than
100 mA. This is especially important when the inputs go
outside a piece of equipment where they could accidentally
be connected to high voltage sources. Low impedance
sources do not cause a problem unless their output voltage
exceeds the negative supply voltage. However, the supplies
go to zero when they are turned off, so the isolation is usual-
ly needed.
Large capacitors on the input (greater than 0.1 ).LF)should
be treated as a low source impedance and isolated with a
resistor. A charged capacitor can hold the inputs outside the
supply voltage if the supplies are abruptly shut off.
Precautions should be taken to insure that the power sup-
plies for this or any other IC never become reversed-even
under transient conditions. With reverse voltages greater
than W, the IC can conduct excessive current, fuzing inter-
nal aluminum interconnects. This usually takes more than
0.5A. If there is a possibility of reversal, clamp diodes with
an adequate peak current rating should be installed across
the supply bus.
No attempt should be made to operate the circuit with the
ground terminal at a voltage exceeding either supply volt-
age. Further, the 50V output-voltage rating applies to the
potential between the output and the V- terminal. There-
fore, if the comparator is operated from a negative supply,
the maximum output voltage must be reduced by an amount
equal to the voltage on the V- terminal.



The output circuitry is protected for shorts across the load. It
will not, for example, withstand a short to a voltage more
negative than the ground terminal. Additionally, with a sus-
tained short, power dissipation can become excessive if the
voltage across the output transistor exceeds about 10V.

The input terminals can exceed the positive supply voltage
without causing damage. However, the 30V maximum rating
between the inputs and the V- terminal must be observed.
As mentioned earlier, the inputs should not be driven more
negative than the V- terminal.

conclusions
A versatile voltage comparator that can perform many of the
precision functions required in digital systems has been pro-
duced. Unlike older comparators, the IC can operate from
the same supply voltage as the digital circuits. The compar-
ator is particularly useful in circuits requiring considerable
sensitivity and accuracy, such as threshold detectors for low
level sensors, data transmission circuits or stable oscillators
and multivibrators.

The comparator can also be used in many analog systems.
It operates from standard ± 15V op amp supplies. and its dc
accuracy equals some of the best op amps. It is also an
order of magnitude faster than op amps used as compara-
tors.

The new comparator is considerably more flexible than old-
er devices. Not only will it drive RTL, DTL and TIL logic; but
also it can interface with MOS logic or deliver ± 15V to FET
analog switches. The output can switch 50V, 50 mA loads,
making it useful as a driver for relays, lamps or light-emitting
diodes. Further, a unique output stage enables it to drive
loads referred to either supply or to ground and provide
ground isolation between the comparator inputs and the
load.

The LM111 is a plug-in replacement for comparators like
the LM710 and LM106 in applications where speed is not of
prime concern. Compared to its predecessors in other re-
spects, it has many improved electrical specifications, more
design flexibility and fewer application problems.



IC Provides On-Card
Regulation for
Logic Circuits
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

Introduction
Because of the relatively high current requirements of digital
systems, there are a number of problems associated with
using one centrally-located regulaior. Heavy power busses
must be used to distribute the regulated voltage. With low
voltages and currents of many amperes, voltage drops in
connectors and conductors can cause an appreciable per-
centage change in the voltage delivered to the load. This is
aggravated further with TTL logic, as it draws transient cur-
rents many times the steady-state current when it switches.
These problems have created a considerable interest in on-
card regulation, that is, to provide local regulation for the
subsystems of the computer. Rough preregulation can be
used, and the power distributed without excessive concern
for line drops. The local regulators then smooth out the volt-
age variations due to line drops and absorb transients.
A monolithic regulator is now available to perform this func-
tion. It is quite simple to use in that it requires no external
components. The integrated circuit has three active leads-
input, output and ground-and can be supplied in standard
transistor power packages. Output currents in excess of 1A
can be obtained. Further, no adjustments are required to set
up the output voltage, and overload protection is proVided
that makes it virtually impossible to destroy the regulator.
The simplicity of the regulator, coupled with low-cost fabri-
cation and improved reliability of monolithic circuits, now
makes on-card regulation quite attractive.

design concepts
A useful on-card regulator should include everything within
one package-including the power-control element, or pass
transistor. The author has previously advanced arguments
against including the pass transistor in an integrated circuit
regulator.1 First, there are no standard multi-lead power
packages. Second, integrated circuits necessarily have a
lower maximum operating temperature because they con-
tain low-level circuitry. This means that an IC regulator
needs a more massive heat sink. Third, the gross variations
in chip temperature due to dissipation in the pass transistors
worsen load and line regulation. However, for a logic-card
regulator, these arguments can be answered effectively.

National Semiconductor
Application Note 42

For one, if the series pass transistor is put on the chip, the
integrated circuit need only have three terminals. Hence, an
ordinary transistor power package can be used. The practi-
cality of this approach depends on eliminating the adjust-
ments usually reqUiredto set up the output voltage and limit-
ing current for the particular application, as external adjust-
ments require extra pins. A new solid-state reference, to be
described later, has sufficiently-tight manufacturing toler-
ances that output voltages do not always have to be individ-
ually trimmed. Further, thermal overload protection can pro-
tect an IC regulator for virtually any set of operating condi-
tions, making current-limit adjustments unnecessary.
Thermal protection limits the maximum junction temperature
and protects the regulator regardless of input voltage, type
of overload or degree of heat sinking. With an external pass
transistor, there is no convenient way to sense junction tem-
perature so it is much more difficult to provide thermal limit-
ing. Thermal protection is, in itself, a very good reason for
putting the pass transistor on the chip.
When a regulator is protected by current limiting alone, it is
necessary to limit the output current to a value substantially
lower than is dictated by dissipation under normal operating
conditions to prevent excessive heating when a fault oc-
curs. Thermal limiting provides virtually absolute protection
for any overload condition. Hence, the maximum output cur-
rent under normal operating conditions can be increased.
This tends to make up for the fact that an IC has a lower
maximum junction temperature than discrete transistors.
Additionally, the 5V regulator works with relatively low volt-
age across the integrated circuit. Because of the low volt-
age, the internal circuitry can be operated at comparatively
high currents without causing excessive dissipation. Both
the low voltage and the larger internal currents permit high-
er junction temperatures. This can also reduce the heat
sinking required-especially for commercial-temperature-
range parts.
Lastly, the variations in chip temperature caused by dissipa-
tion in the pass transistor do not cause serious problems for
a logic-card regulator. The tolerance in output voltage is



loose enough that it is relatively easy to design an internal
reference that is much more stable than required, even for
temperature variations as large as 150·C.

circuit description

The internal voltage reference for this logic-card regulator is
probably the most significant departure from standard de-
sign techniques. Temperature-compensated zener diodes
are normally used for the reference. However, these have
breakdown voltages between 7V and 9V which puts a lower
limit on the input voltage to the regulator. For low voltage
operation, a different kind of reference is needed.

The reference in the LM109 does not use a zener diode.
Instead, it is developed from the highly-predictable emitter-
base voltage of the transistors. In its simplest form, the ref-
erence developed is equal to the energy-band-gap voltage
of the semiconductor material. For silicon, this is 1.205V, so
the reference need not impose minimum input voltage limi-
tations on the regulator. An added advantage of this refer-
ence is that the output voltage is well determined in a pro-
duction environment so that individual adjustment of the
regulators is frequently unnecessary.

A simplified version of this reference is shown in Figure 1.
In this circuit, 01 is operated at a relatively high current
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Figure 1. The low voltage reference in one of its simpler
forms.

density. The current density of 02 is about ten times lower,
and the emitter-base voltage differential (.6.VSE) between
the two devices appears across R3. If the transistors have
high current gains, the voltage across R2 will also be pro-
portional to .6.VSE. 03 is a gain stage that will regulate the
output at a voltage equal to its emitter base voltage plus the
drop across R2. The emitter base voltage of 03 has a nega-
tive temperature coefficient while the .6.VSE component

across R2 has a positive temperature coefficient. It will be
shown that the output voltage will be temperature compen-
sated when the sum of the two voltages is equal to the
energy-band-gap voltage.

Conditions for temperature compensation can be derived
starting with the equation for the emitter-base voltage of a
transistor which is2

VSE = Vgo( 1 - ;J + VSEO (fa)
nkT To kT Ie+ - loge - + -Ioge-,

q T q leo
where VgO is the extrapolated energy-band-gap voltage for
the semiconductor material at absolute zero, q is the charge
of an electron, n is a constant which depends on how the
transistor is made (approximately 1.5 for double-diffused,
NPN transistors), k is Boltzmann's constant, T is absolute
temperature, Ie is collector current and VBEO is the emitter-
base voltage at To and leo.

The emitter-base voltage differential between two transis-
tors operated at different current densities is given by3

kT J1
.6.VSE = - loge-,

q J2
where J is current density.

Referring to Equation (1), the last two terms are quite small
and are made even smaller by making Ie vary as absolute
temperature. At any rate, they can be ignored for now be-
cause they are of the same order as errors caused by non-
theoretical behavior of the transistors that must be deter-
mined empirically.

If the reference is composed of VSE plus a voltage propor-
tional to .6.VSE, the output voltage is obtained by adding (1)
in its simplified form to (2):

Vref = Vgo (1 - fa) + VSEO (fa) + ~ 10ge~. (3)

Differentiating with respect to temperature yields

a V,ef = _ ~ + VSEO + ~ loge :!.l.
aT To TO q J2

For zero temperature drift, this quantity should equal zero,
giving

kTo J1
Vgo = VSEO + - loge -. (5)

q J2
The first term on the right is the initial emitter-base voltage
while the second is the component proportional to emitter-
base voltage differential. Hence, if the sum of the two are
equal to the energy-band-gap voltage of the semiconductor,
the reference will be temperature-compensated.



A simplified schematic for a 5V regulator is given in Figure 2.
The circuitry produces an output voltage that is approxi-
mately four times the basic reference voltage. The emitter-
base voltage of 03, 04, as and AS provide the negative-
temperature-coefficient component of the output voltage.
The voltage dropped across R3 provides the positive-tem-
perature-coefficient component. 06 is operated at a consid-
erably higher current density than 07, producing a voltage
drop across R4 that is proportional to the emitter-base volt-
age differential of the two transistors. Assuming large cur-
rent gain in the transistors, the voltage drop across R3 will
be proportional to this differential, so a temperature-com-
pensated-output voltage can be obtained.

GROUND
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Figure 2. Schematic showing essential details of the 5V
regulator.

In this circuit, as is the gain stage providing regulation. Its
effective gain is increased by using a vertical PNP, 09, as a
buffer driving the active collector load represented by the
current source. 09 drives a modified Darlington output stage
(a, and 02) which acts as the series pass element. With
this circuit, the minimum input voltage is not limited by the
voltage needed to supply the reference. Instead, it is deter-
mined by the output voltage and the saturation voltage of
the Darlington output stage.

Figure 3 shows a complete schematic of the LM109, 5V
regulator. The 11VSE component of the output voltage is de-
veloped across Rs by the collector current of 07. The emit-
ter-base voltage differential is produced by operating 04
and as at high current densities while operating 06 and 07
at much lower current levels. The extra transistors improve
tolerances by making the emitter-base voltage differential
larger. R3 serves to compensate the transconductance4 of

as, so that the 11VSE component is not affected by changes
in the regular output voltage or the absolute value of com-
ponents.

The voltage gain for the regulating loop is provided by 010,
with 09 buffering its input and a" its output. The emitter
base voltage of 09 and 0'0 is added to that of 0'2 and 0'3
and the drop across Rs to give a temperature-compensat-
ed, 5V output. An emitter-base-junction capacitor, C" fre-
quency compensates the circuit so that it is stable even
without a bypass capacitor on the output.

The active collector load for the error amplifier is 0'7. ft is a
multiple-collector lateral PNP4. The output current is essen-
tially equal to the collector current of 02, with current being
supplied to the zener diode controlling the thermal shut-
down, D2' by an auxiliary collector. a, is a collector FET4
that, along with R" insures starting of the regulator under
worst-case conditions.

The output current of the regulator is limited when the volt-
age across R14 becomes large enough to turn on 0'4. This
insures that the output current cannot get high enough to
cause the pass transistor to go into secondary breakdown
or damage the aluminum conductors on the chip. Further,
when the voltage across the pass transistor exceeds lV,
current through R1S and D3 reduces the limiting current,

GROUND
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Figure 3. Detailed schematic of the regulator.
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Figure 4. Current-limiting characteristics.

Even though the current is limited, excessive dissipation can
cause the chip to overheat. In fact, the dominant failure
mechanism of solid state regulators is excessive heating of
the semiconductors, particularly the pass transistor. Ther-
mal protection attacks the problem directly by putting a tem-
perature regulator on the IC chip. Normally, this regulator is
biased below its activation threshold; so it does not affect
circuit operation. However, if the chip approaches its maxi-
mum operating temperature, for any reason, the tempera-
ture regulator turns on and reduces internal dissipation to
prevent any further increase in chip temperature.
The thermal protection circuitry develops its reference volt-
age with a conventional zener diode, 02. 016 is a buffer that
feeds a voltage divider, delivering about 300 mV to the base
of 015 at 17S'C. The emitter-base voltage, 015, is the actual
temperature sensor because, with a constant voltage ap-
plied across the junction, the collector current rises rapidly
with increasing temperature.
Although some form of thermal protection can be incorpo-
rated in a discrete regulator, IC's have a distinct advantage:
the temperature sensing device detects increases in junc-
tion temperature within millisecond~. Schemes that sense
case or heat-sink temperature take several seconds, or
longer. With the longer response times, the pass transistor
usually blows out before thermal limiting comes into effect.
Another protective feature of the regulator is the crowbar
clamp on the output. If the output voltage tries to rise for
some reason, 04 will break down and limit the voltage to a
safe value. If this rise is caused by failure of the pass tran-
sistor such that the current is not limited, the aluminum con-
ductors on the chip will fuse, disconnecting the load. Al-
though this destroys the regulator, it does protect the load
from damage. The regulator is also designed so 'that it is not
damaged in the event the unregulated input is shorted to

The internal frequency compensation of the regulator per-
mits it to operate with or without a bypass capacitor on the
output. However, an output capacitor does improve the tran-
sient response and reduce the hign frequency output imped-
ance. A plot of the output impedance in Figure 5 shows that
it remains low out to 10kHz even without a capacitor. The
ripple rejection also remains high out to 10kHz, as shown in
Figure 6. The irregularities in this curve around 100 Hz are
caused by thermal feedback from the' pass transistor to the
reference circuitry. Although an output capacitor is not re-
quired, it is necessary to bypass the input of the regulator
with at least a 0.22 I-'F capacitor to prevent oscillations un-
d~r all conditions.

s:
tl lri'

~
a!
5 10-1

§

100 Ik 10k lOOk IW

FREQUENCY (Hz)

TL/H/6931-5

Figure 5. Plot of output Impedance as a function of fre-
quency.
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Figure 6. Ripple rejection of the regulator.

Figure 7 i~ a photomicrograph of the regulator chip. It can
be seen that the pass transistors, which must handle more
than 1A, occupy most of the chip area. The output transistor
is actually broken into segments. Uniform currell" distribu-
tion is insured by also breaking the current limit resistor into



segments and using them to equalize the currents. The over-
all electrical performance of this IC is summarized in Table I.

TLiH/6931-7

Figure 7. Photomicrograph of the regulator shows that
high current pass transistor (right) takes more
area than control circuitry (left).

TABLE I. Typical Characteristics of the
Logic-Card Regulator: TA = 25'C

Parameter Conditions Typ

Output Voltage 5.0V

Output Current I.SA

Output Resistance 0.030

Line Regulation 7.0V ,:; VIN ,:; 3SV O.OOS%/V

Temperature Drift -S5'C ,:; TA ,:; 12S'C 0.02%/'C

Minimum Input Voltage lOUT= lA 6.SV

Output Noise Voltage 10Hz ,:; f ,:; 100 kHz 40 iN

Thermal Resistance LM109H (TO-S) IS'C/W
Junction to Case LM109K (TO-3) 3'C/W

applications
Because it was designed for virtually foolproof operation
and because it has a singular purpose, the LM109 does not
require a lot of application information, as do most other
linear circuits. Only one precaution must be observed: it is
necessary to bypass the unregulated supply with a 0.22 ,...F
capacitor, as shown in Figure 8, to prevent oscillations that

can cause erratic operation. This, of course, is only neces-
sary if the regulator is located on appreciable distance from
the filter capacitors on the output of the dc supply.
Although the LM109 is designed as a fixed SV regulator, it is
also possible to use it as an adjustable regulator for higher

output voltages. One circuit for doing this is shown in
Figure 9.
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Figure 9. Using the LM109 as an adjustable-output regu-
lator.

The regulated output voltage is impressed across Rt, devel-
oping a reference current. The quiescent current of the reg-
ulator, coming out of the ground terminal, is added to this.
These combined currents produce a voltage drop across R2
which raises the output voltage. Hence, any voltage above
SV can be obtained as long as the voltage across the inte-
grated circuit is kept within ratings.
The LM109 was designed so that its quiescent current is not
greatly affected by variations in input voltage, load or tem-
perature. However, it is not completely insensitive, as
shown in Figures 10 and 11,so the changes do affect regu-
lation somewhat. This tendency is minimized by making the
reference current though Rt larger than the quiescent cur-
rent. Even so, it is difficult to get the regulation tighter than a
couple percent.
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Figure 10. Variation of quiescent current with Input voit·
age at various temperatures.

I
~

5.5

~ 5.0

5

'.5
-75-50-25 0 25 50 75 100125ISO

JUNCTION TEhlPERATURE (OC)

TL/H/6931-11

Figure 11. Variation of quiescent current with tempera-
ture for various load currents.



The LM109 can also be used as a current regulator as is
shown in Figure 12. The regulated output voltage is im-
pressed across R1' which determines the output current.
The quiescent current is added to the current through R1'
and this puts a lower limit of about 10 mA on the available
output current.

Figure 12. Current regulator.

The increased failure resistance brought about by thermal
overload protection make the LM109 attractive as the pass
transistor in other regulator circuits. A precision regulator
that employs the IC thusly is shown in Figure 13.An opera-
tional amplifier compares the output voltage with the output
voltage of a reference zener. The op amp controls the
LM109 by driving the ground terminal through an FET.

TLIH/6931-13
Figure 13. High stability regulator.

The load and line regulation of this circuit is better than
0.001%. Noise, drift and long term stability are determined

by the reference zener, D1. Noise can be reduced by insert-
ing 100 kO, 1% resistors in series with both inputs of the op
amp and bypassing the non-inverting input to ground. A
100 pF capacitor should also be included between the out-
put and the inverting input to prevent frequency instability.
Temperature drift can be reduced by adjusting R4' which
determines the zener current, for minimum drift. For best
performance, remote sensing directly to the load terminals,
as shown in the diagram, should be used.

conclusions
The LM109 performs a complete regulation function on a
single silicon chip, requiring no external components. It
makes use of some unique advantages of monolithic con-
struction to achieve performance advantages that cannot
be obtained in discrete-component circuits. Further, the low
cost of the device suggests its use in applications where
single-point regulation could not be justified previously.
Thermal overload protection significantly improves the reli-
ability of an IC regulator. It even protects the regulator for
unforseen fault conditions that may occur in field operation.
Although this can be accomplished easily in a monolithic
regulator, it is usually not completely effective in a discrete
or hybrid device.
The internal reference developed for the LM109 also ad-
vances the state of the art for regulators. Not only does it
provide a low voltage, temperature-compensated reference
for the first time, but also it can be expected to have better
long term stability than conventional zeners. Noise is inher-
ently much lower, and it can be manufactured to tighter tol-
erances.
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The Phase Locked Loop IC
as a Communication
System Building Block

INTRODUCTION
The phase locked loop has been found to be a useful ele-
ment in many types of communication systems. It is used in
two fundamentally different ways: (1) as a demodulator,
where it is used to follow phase or frequency modulation
and (2) to track a carrier or synchronizing signal which may
vary in frequency with time.

When operating as a demodulator, the phase locked loop
may be thought of as a matched filter operating as a coher-
ent detector. When used to track a carrier, it may be thought
of as a narrow-band filter for removing noise from a signal.

Recently, a phase locked loop has been built on a monolith-
ic integrated circuit, incorporating the basic elements neces-
sary for operation: a double balanced phase detector and a
highly linear voltage controlled oscillator, the frequency of
which can be varied with either a resistor or capacitor.

BASIC PHASE LOCK LOOP OPERATION
Figure 1 shows the basic blocks of a phase locked loop.
The input signal ej is a sinusoid of arbitrary frequency, while
the VCO output signal, eo, is a sinsuoid of the same fre-
quency as the input but of arbitrary phase. If

eo = J2 Eo cos [wot + 02(t» (2)

the output of the multiplier (phase detector) is

ed=ejeeo
= 2EjEo sin [wot + 0, (t)] e cos [wot + ° 2(t»

= EjEo sin [O,(t) - 02(t» + EjEo sin [2 wot + O,(t) +
02(t» (3)

the low pass filter of the loop removes the ac components
of the multiplier output; the dc term is seen to be a function
of the phase angle between the VCO and the input signal.

TLIH/7363-1

FIGURE 1. Basic Phase Locked Loop
The output of the VCO is related to its input control voltage
by

for ef = 0, Let 82 = wO, then

02(t) = f ef(t) dt

National Semiconductor
Application Note 46
Thomas B. Mills

It can be seen that the action of the VCO is that of an
integrator in the feedback loop when the phase locked loop
is considered in servo theory.

A better understanding of the operation of the loop may be
obtained by considering that initially, the loop is not in lock,
but that the frequency of the input signal ej and VCO eo are
very close in frequency. Under these conditions ed will be a
beat note, the frequency of which is equal to the frequency
difference of eo and ei. This signal is also applied to the
VCO input, since it is low enough to pass through the filter.
The instantaneous frequency of the VCO is therefore
changing and at some point in time, if the VCO frequency
equals the input frequency, lock will result. At this instant, ef
will assume a level sufficient to hold the VCO frequency in
lock with the input frequency. If the tuning of the VCO is
changed (such as by varying the value of the tuning capaci-
tor) the frequency output of the VCO will attempt to change;
however, this will result in an instantaneous change in
phase angle between ej and eo, resulting in a change in the
dc level of ed which will act to maintain frequency lock! no
average frequency change will result.

Similarly, if ei changes frequency, an instantaneous change
will result in a phase change between ej and eo and hence a
dc level change in ed. This level shift will change the fre-
quency of the VCO to maintain lock.

The amount of phase error resulting from a given frequency
shift can be found by knowing the "dc" loop gain of the
system. Considering the phase detector to have a transfer
function:

Ed = Ko(O, - (2)

and the voltage controlled oscillator to have a transfer func-
tion:

82 = Kotlf

or taking the Laplace transform

" () _ Koef"2 S --- s
the phase of the VCO output will be proportional to the inte-
gral of the control voltage.

Combining these equations:

02(S) = KoKd F(s)
O,(s) s + KoKo F(s)

O,(s) - 02(S) s
O,(s) s + KoKo F(s)



With a step change in phase of the input 1l8" the Laplace
transform of the input is

1l8,
8,(s) = SWhiCh gives lIe(s) = 8,(s) - 82(S)

lim 8 (t) - lim S.0.81 - 0 (11)
t --+ 00 e - s --+ 0 s + KoKo F(s) -

the loop will eventually track out any change of input phase,
and there will be no phase error in the steady state solution.
If the input is a step in frequency, of magnitude Ilw, the
change in input phase will be a ramp:

81(S) = Ilw/s2

substitution of this value 8, into (10) results in

Iim 8 (t) _ lim Ilw Ilw (12)
t --+ 00 e - s --+ 0 s + KoKo F(s) KoKo F(o)

this result shows the resulting phase error is dependent on
the magnitude of the frequency step and the "dc" loop gain
KcKo, which is also called the velocity error coefficient Kv. It
should be noted that the dimensions of KoKo are 1/sec.
This can also be seen by considering Ko = volts/radian,
while Ko = radians/sec/volt. The product is

volts radians/ sec--x----
radian volt sec

this can be thought of as the "dc" loop gain.' (Note that
additional dc gain between the phase detector and the volt-
age controlled oscillator will increase the loop gain and
hence reduce the steady state phase error resulting from a
change in frequency of the input).

THE LOOP FILTER
In working with phase locked loops, it is necessary to con-
sider not only the "dc" performance described above, but
the "ac" or transient performance which is governed by the
components of the loop filter placed between the phase
detector and the voltage controlled oscillator. In fact, it is
this loop filter that makes the phase locked loop so power-
ful: only a resistor and capacitor are all that is needed to
produce an arbitrarily narrow bandwidth at any selected
center frequency.
The simplest filter is a single capacitor, Figure 2, and is used
for wide bandwith applications, such as where wideband

82(S)= KcKol1"
8,(s) s2 + sIT, + KoKo/T,

T, = R, C,

In terms of servo theory, the damping factor and natural
frequencies are

wn = [KoKo]'/2
R,C,

1 [ 1 ] '/2
t = 2 (R, C, KoKo)
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FIGURE 2. Phase Locked Loop with Simple Filter
From this it can be seen that large time constants for R, C,
or high loop gain will reduce the damping factor and hence
decrease stability. Therefore, if a narrow bandwidth is de-
sired, the damping factor will become very small and insta-
bility will result. It is not possible to adjust bandwidth, loop
gain, and damping independently with this simple filter.



With the addition of a damping resistor R2 as shown in Fig-
ure 3, it is possible to choose bandwidth, damping factor
and loop gain independently; the transfer function of this
filter is

~ = 1 + s'l"2
et 1 + S'l"l

the loop transfer function becomes:

°2(S) =
°z(s)

KoKo (s '1"2+ 1) ('1"1+ '1"2)

s2 + s(1 + KoKd'l"2)/'I"l + KoKo/'l"l
the loop natural frequency is

wn = [~~or2
while the damping fac~or becomes

1 [ 1 ] 1/2 [ ]t = - --- 1 + '1"2KoKo
2 '1"1KoKo

'"
I ,
I ~,

\-12 dB/O~,
IdB/OCT I ,
I I

1 1IT2
1"1 + 72

(18)

(19)

(20)

(21)

R2

•• -rCI

TL/H/7363-4
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FIGURE 3. Phase Locked Loop with
Damping Resistor Added

In practice. for a fixed loop gain KoKo, the natural frequency
of the loop may be chosen and will be dependent mainly on
'1"1,since '1"2 < '1"1in most cases. Then, according to (21),
damping may be determined by '1"2and for all practical pur-
poses, will be an independent adjustment. These equations
are plotted in Figures 4 and 5 and may be used for design
purposes.

10"

10"

=~
10"

10'
10·' 10" 10-2 10-1 10
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FIGURE 4. Filter Time Constant vs Natural Frequency

TL/H/7363-7

FIGURE 5. Damping Time Constant vs
Natural Frequency

DESIGN CONSIDERATIONS

Considering the above discussion. there are really two pri-
mary considerations in designing a phase locked loop. The
use to which the loop is to be put will affect the design
criterion of the loop components. The two primary factors to
consider are:

1. Loop gain. As pointed out previOUSly, this affects the
phase error between the input signal and the voltage con-
trolled oscillator for a given frequency shift of the input
signal. It also determines the "hold in range" of the loop
prOViding no components of the loop go into limiting or
saturation. This is because the loop will remain in lock as
long as the phase difference between the input and the
vca is iess than ±90·. The higher the loop gain, the
further the input can change in frequency before the 90·
phase error is reached. The hold in range is

~WH = ± Ko Ko (22)

(providing saturation or limiting does not occur).

2. Natural Frequency. The bandwidth of the loop is deter-
mined by the filter components Rl' R2 and C1, and the
loop gain. Since the loop gain is normally selected by the
criterion in 1. above, the filter components are used to
select the bandwidth. The selection of loop bandwidth
may be governed by several things: noise bandwidth,
modulation rates if the loop is to be used as an FM de-



modulator, pull-in time and hold-in range. There are two
conflicting requirements that will have an affect on loop
bandwidth:

(a) Loop bandwidth must be as narrow as possible to
minimize output phase jitter due to external noise.

(b) The loop bandwidth should be made as large as pos-
sible to minimize transient error due to signal modula-
tion, output jitter due to internal oscillator (VeO) noise,
and to obtain best tracking and acquisition properties.

These two principles are in direct opposition and, depending
on what it is that the loop is to accomplish, an optimum
solution will lie somewhere between the two extremes.

If the phase locked loop is to be used to demodulate fre-
quency modulation, the design should proceed with the cri-
terion of b above. It is necessary to provide sufficient loop
bandwidth to accommodate the expected modulation. It
must be remembered that at all times, the loop must remain
in lock, (peak phase error less than 90'), even under ex-
tremes of modulation, such as peaks or step changes in
frequency.

For the case of sinusoidal frequency modulation, the peak
phase error as a function of frequency deviation and damp-
ing factor is shown in Figure 6.
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FIGURE 6. Steady-State Peak Phase Error Due to
Sinusoidal FM (High-Gain, Second-Order Loop)

It can be seen that the maximum phase error occurs when
the modulating frequency Wm equals the loop natural fre-
quency wn; if the loop has been designed with a damping
factor of 0.707, the peak phase error (in radians) will be 0.71
!J.w/wn (!J.w = frequency deviation). From this plot, it is
possible to choose Wn for a given deviation and modulation
frequency.

If the loop is to demodulate frequency shift keying (FSK), it
must follow step changes in frequency. The filter compo-
nents must then be chosen in accordance with the transient
phase error shown in Figure 7. It must be remembered that
the loop filter must be wide enough so the loop will not lose
lock when a step change in frequency occurs: the greater
the frequency step, the wider the loop filter must be to main-
tain lock.

There is some frequency-step limit below which the loop
does not skip cycles, but remains in lock, called the "pull-
out frequency" wpo' Viterbi has analyzed this and his results
are shown in Figure 8, which plots normalized pull out fre-
quency for various damping factors for high gain second
order loops. Peak phase errors for other types of input sig-
nals are shown in Figures 8 and 9.
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In designing loops to track a carrier or synchronizing signal,
it is desirable to make the loop bandwidth narrow so that
phase error due to external noise will be small. However, it
is necessary to make the loop bandwidth wide enough so
that any frequency jitter on the input signal will be followed.



NOISE PERFORMANCE
Since one of the main uses of phase locked loops is to
demodulate or track signals in noise, it is helpful to look at
how noise affects the operation of the phase locked loop.
The phase locked loop, as mentioned earlier, may be
thought of as a filter with a fixed, adjustable bandwidth. We
have seen how to calculate the loop natural frequency Wn

(15), (19), and the damping factor t (16), (20). Without going
through a derivation, the loop noise bandwidth BL may be
shown to be

BL = foo I H (jw) 12df = wn [u 2.] Hz (23)
o 2 4t

for a high gain, second order loop. This equation is plotted
in Figure 10. It should be noted that the dimensions of noise
bandwidth are cycles per second while the dimensions of
Wn are radians per second.
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FIGURE 10. Loop-Noise Bandwidth
(For High-Gain, Second-Order Loop)

Noise threshold is a difficult thing to analyze in a phase
locked loop, since we are talking about a statistical quantity.
Noise will show up in the input signal as both amplitude and
phase modulation. It can be shown that near optimum per-
formance of a phase locked loop can be obtained if a limiter
is used ahead of the phase detector, or if the phase detec-
tor is allowed to operate in limiting. With the use of a limiter,
amplitude modulation of the input signal by noise is re-
moved, and the noise appears as phase modulation. As the
input signal to noise ratio decreases, the phase jitter of the
input signal due to noise increases, and the probability of
losing lock due to instantaneous phase excersions will in-
crease. In practice it is nearly impossible to acquire lock if
the signal to noise ratio in the loop (SNRlL = 0 dB. In gen-
eral, (SNRlL of +6 dB is needed for acquisition. If modula-
tion or transient phase error is present, a higher signal to
noise ratio is needed to acquire and hold lock.
A computer simulatio!1performed by Sanneman and Row-
botham has shown the probability of skipping cycles for vari-
ous loop signal to noise ratios for high gain, second order
loops. Their data is shown in Figure 11.

~
~ 500::0
0•... 200
>E>= 100
~ 50
:E

200

N

~ 10
~z
I
C•....
a

I

I I I I V I

I I VI I I I

I I I I I I I I
0.5 1.0 1.5 2.0

lOOP SIGNAl·TO·NOISE RATIO

FIGURE 11. Unlock Behavior of High-Gain,
Second-Order Loop, t = 0.707

When designing the loop filter components, enough band-
width in the loop must be allowed for instantaneous phase
change due to input noise. In the previous section, the filter
was selected on the basis that the peak error due to modu-
lation would be less than 90' (so the loop would not loose
lock). However, if noise is present, the peak phase error will
increase due to the noise. So if the loop is not to lose lock
on these noise peaks the peak allowable error due to modu-
lation must be reduced to something less, on the order of
40' to 50'.

LOCKING
Initially, a loop is unlocked and the vea is running at some
frequency. If a signal is applied to the input, locking mayor
may not occur depending on several things.
If the signal is within the bandwidth of the loop filter, locking
will occur without a beat note being generated or any cycles
being skipped. This frequency is given by

KoKoT2
AWL = --- "" 2twn

Tl + T2

If the frequency of the input signal is further away from the
vea frequency, locking may still occur, with a beat note
being generated. The greatest frequency that can be pulled
in is called the "pull in frequency" and is found from the
approximation

(
2) 1/2

Awp "" J2 2 t wnKoKO - Wn

which works well for moderate and high gain loops
(wn/KoKO < 0.4).

An approximate expression for pull in time (the time required
to achieve lock from some frequency offset Aw) is given by:

T
_ (Aw)2

p-~
2 t wn

A MONOLITHIC PHASE LOCKED LOOP
A complete phase locked loop has been built on a monolith-
ic integrated circuit. It features a very linear voltage con-
trolled oscillator and a double balanced phase detector.



A simplified schematic of this voltage controlled oscillator is
shown in Figure 12. 02 is a voltage controlled current
source whose collector current is a linear function of the
control voltage et. Initially 05 is OFF and the collector cur-
rent of 02 passes through 02 and changes C in a linear
fashion. The voltage across C is therefore a ramp, and con-
tinues to increase until 07 is turned ON; this turns OFF 08,
causing 09 and 011 to turn ON. This in turn turns ON 05.
With 05 ON, the anode of 01 is clamped close to -Vcc and
02 stops conducting, since its cathode is more positive than
its anode.

All of the current supplied by 02 is diverted through 01 and
03. which sets up an equal current in 04. This current is
supplied by the charged capacitor C (which now discharges
linearly), causing the voltage across it to decrease. This
continues until a lower trip point is reached and 07 turns
OFF and the cycle repeats. Oue to the matching of 03 and
04, the charge current of C is equal to the discharge current
and therefore the duty cycle is very nearly 50%. Figure 13
shows the wave forms at (1) and (2).
Figure 14 shows the double balanced phase detector and
amplifier used in the microcircuit. Transistors 01 through 04
are switched with the output of the VCO, while the input

+ 1.IV

PIN 1 OV
VOLTAGE

-1.1 V

PIN 2
VOLTAGE 0

-O.6V



signal is applied to the bases of as and 06. The output
current in resistors R3 and R4 is then proportional to the
difference in phase between the vea output and the input;
the ac component of this current will be at twice the fre-
quency of the vea due to the full wave switching action
transistors 01 through 04. The waveforms of Figure 15 illus-
trate how the phase detector works. Diodes D1 and D2
serve to limit the peak to peak amplitude of the collector
voltage. The output of the phase detector is further amwi-
fied by 010 and 011, and is taken as a voltage at pin 7.

Rs serves as the resistive portion of the loop filter, and addi-
tional resistance and capacitance may be added here to fix
the loop bandwidth. For use as an FM demodulator, the
voltage at pin 7 will be the demodulated output; since the dc
level here is fairly high, a reference voltage has been provid-
ed so that an operational amplifier with differential input can
be used for additional gain and level shifting.

The complete microcircuit, called the LM565, is shown in
Figure 16.
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FIGURE 15. Phase Detector Waveforms, Showing Limit Cases for Phase Shift between Input and vca Signals
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USING THE LM565
Some of the important operating characteristics of the
LM565 are shown in the table below (VCC = ± 6V, TA =
25·C).

Phase Detector
Input Impedance
Input Level for Limiting
Output Resistance
Output Common Mode Voltage
Offset Voltage (Between pins 6 and 7)
Sensitivity Ko

Voltage Controlled Oscillator
Stability

Temperature
Supply Voltage

Square Wave Output Pin4
Triangle Wave Output Pin 9
Maximum Operating Frequency
Sensitivity Ko

5kfi
10mV
3.6kfi

4.5V
100 mV

.68V/rad

200ppmrC
200ppm/%

5.4 Vpp
2.4 Vpp

500 kHz
4.1 fa rad/seclV

(fa: OSC, fraq. in Hz)
Closed Loop Performance

Loop Gain KoKo 2.8 fo/sec
Demod. Output, ± 10% Deviation 300 mV
(A 0.001 ",F capacitor is needed between pins 7 and
8 to stop parasitic oscillations).

To best illustrate how the LM565 is used, several applica-
tions are covered in detail, and should provide insight into
the selection of external components for use with the
LM565.

IRIG CHANNEL DEMODULATOR
In the field of missile telemetry, it is necessary to send many
channels of relatively narrow band data via a radio link. It
has been found convenient to frequency modulate this infor-

mation on a set of subcarriers with center frequencies in the
range of 400 Hz to 200 kHz. Standardization of these fre-
quencies was undertaken by the Inter-Range Instrumenta-
tion Group (IRIG) and has resulted in several sets of subcar-
rier channels, some based on deviations that are a fixed
percentage of center frequency and other sets that have a
constant deviation regardless of center frequency. IRIG
channel 13 has been selected as an example to demon-
strate the usefulness of the LM565 as an FM demodulator.

IRIG Channel 13
Center Frequency 14.5 kHz
Max Deviation ± 7.5%
Frequency Response 220 Hz
Deviation Ratio 5

Since with a deviation of ± 10%, the LM565 will produce
approximately 300 mV peak to peak output, with a deviation
of 7.5% we can expect an output of 225 mY. It is desirable
to amplify and level shift this signal to ground so that plus
and minus output votages can be obtained for frequency
shifts above and below center frequency.
An LM107 can be used to provide the necessary additional
gain and the level shift. In Figure 17, R4 is used to set the
output at zero volts with no input signal. The frequency of
the VCO can be adjusted with R3 to provide zero output
voltage when an input signal is present.
The design of the filter network proceeds as follows:
It is necessary to choose wn such that the peak phase error
in the loop is less than 90· for all conditions of modulation.
Allowing for noise modulation at low levels of signal to
noise, a desirable peak phase error might be 1 radian or 57
degrees, leaving a 33 degree margin for noise. Assuming
sinusoidal modulation, Figure 6 can be used to estimate the
peak normalized phase error. It will be necessary to make
several sample calculations, since the normalized phase er-
ror is a function of wn.



~W 211' X 1088Hz .
Be = 0.702- = 0.702-----= 3.45 radians

wn 2 11' X 220 Hz

this is unacceptable, since it would throw the loop out of
lock, so it is necessary to try a higher value of Wn. Let Wn =
21rx 500 Hz, then wm/ wn = 0.44, and

~w 211' X 1088
Be = 0.44 - = 0.44 X - 0.95 radians

Wn 211' X 500

this should be a good choice, since it is close to 1 radian.
Operating at 14.5 kHz, the LM565 has a loop gain KoKo of

2.28 X 14.5 X 103 = 33 X 103sec

the value of the loop filter capacitor, C1, can be found from
Figure 4:

T1 + T2 = 3.5 X 10-3 sec

from Figure 5, the value of T2 can be found (for a damping
factor of 0.707)

T2 = 4.4 X 10-4 sec
T1 = (35 - 4.4) X 10-4 sec = 31.4 X 10-4 sec

C1 =!1 = 31.4 X 10-4sec "" 1 ,...F
R 3.6 kO
4.4 X 10-4 sec

R2 = 1 X 1O-6,...F = 4400

Looking at Figure 10, the noise bandwidth BL can be esti-
mated to be

BL = 0.6 Wn = 0.6 X 3150 rad/sec
= 1890 Hz

the complete circuit is shown in Figure 17. Measured per-
formance of the circuit is summarized below with a fully
modulated signal as described above and an input level of
40 mVrms:

f3 dB

t
Output Level
Distortion
Signal to Noise at verge of loss of lock

(bandwidth of noise = 100 kHz) - 8.4 dB
It will be noted that the loop is capable of demodulating
signals lower in level than the noise; this is not in disagree-
ment with earlier statements that loss of lock occurs at sig.
nal to noise ratios of approximately +6 dB because of the
bandwidths involved. The above number of -8.4 dB signal
to noise for threshold was obtained with a noise spectrum

200
0.8

770 mVrms
0.4%

the equivalent signal to noise in the loop is -8.4 dB + 17
dB = +8.6 dB which is close to the above-mentioned limit
of +6 dB. It should also be noted that loss of lock was
noted with full modulation of the signal which will degrade
threshold somewhat (although the measurement is more re-
alistic).
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FIGURE 18. Bode Plot for Circuit of FIgure 17

FSK DEMODULATOR
Frequency shift keying (FSK) is widely used for the trans·
mission of Teletype information, both in the computer pe-
ripheral and communications field. Standards have evolved
over the years, and the commonly used frequencies are as
follows:

a) mark 2125 Hz
space 2975 Hz

b) mark 1070 Hz
space 1270 Hz

c) mark 2025 Hz
space 2225 Hz

(a) is commonly used as subcarrier tones for radio Teletype,
while b) and c) are used as carriers for data transmission
over telephone and land lines.
As a design example, a demodulator for the 2025 Hz and
2225 Hz mark and space frequencies will be discussed.
Since this is an FM system employing square wave modula·
tion, the natural frequency of the loop must be chosen again
so that peak phase errors do not exceed 90' under all con-
ditions. Figure 7 shows peak phase error for a step in fre-
quency; if a damping factor of 0.707 is selected, the peak
phase error is

~=0.45
~w/wn
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bow
8e = 0.45-

Wn
bow

Wn= 0.45-8e
in our case, bow = 21TX 200 Hz = 1250, if 8e = 1 radian,

1250 rad/sec
wn = 0.45 1 radian = 500 rad/sec

fn = 80 Hz
The final circuit is shown in Figure 19. The values of the
loop filter components (C1 = 2.2 IJ-Fand R1 = 7000) were
changed to accommodate a keying rate of 300 baud
(150 Hz), since the values calculated above caused too
much roll off of a square wave modulation signal of 150 Hz.
The two 10k resistors and 0.02 IJ-Fcapacitors at the input to
the LM111 comparator provide further filtering of the carrier,
and hence smoother operation of the circuit.
A problem encountered with this simple demodulator is that
of dc drift. The frequency must be adjusted to provide zero
volts to the input of the comparator so that with modulation,
switching occurs. Since the deviation of the signal is small
(approximately 10%), ttie peak to peak demodulated output
is only 150 mY. It should be apparent that any drift in fre-
quency of the vca will cause a dc change and hence may
lock the comparator in one state or the other. A circuit to
overcome this problem is shown in Figure 20. While using
the same basic demodulator configuration, an LM111 is
used as an accurate peak detector to provide a dc bias for
one input to the comparator. When a "space" frequency is
transmitted, and the output at pin 7 of the LM565 goes neg-

ative and switching occurs, the detected and filtered voltage
of pin 3 to the comparator will not follow the change. This is
a form of "dc restorer" circuit: it will track changes in drift,
making the comparator self compensating for changes in
frequency, etc.

WEATHER SATELLITE PICTURE DEMODULATOR
As a last example of how a phase locked loop can be used
in communications systems, a weather satellite picture de-
modulator is shown. Weather satellites of the Nimbus,
ESSA, and ITaS series continually photograph the earth
from orbits of 100 to 800 miles. The pictures are stored
immediately after exposure in an electrostatic storage vidi-
con, and read out during a succeeding 200 second period.
The video information is AM modulated on a 2.4 kHz sub-
carrier which is frequency modulated on a 137.5 MHz RF
carrier. Upon reception, the output from the receiver FM
detector will be the 2.4 kHz tone containing AM video infor-
mation. It is common practice to record the tone on an audio
quality tape recorder for subsequent demodulation and dis-
play. The 2.4 kHz subcarrier frequency may be divided by
600 to obtain the horizontal sync frequency of 4 Hz.
Due to flutter in the tape recorder, noise during reception,
etc., it is desirable to reproduce the 2.4 kHz subcarrier with
a phase locked loop, which will track any flutter and instabili-
ty in the recorder, and effectively filter out noise, in addition
to prOVidinga signal large enough for the digital frequency
divider. In addition, an in phase component of the vca sig-
nal may be used to drive a synchronous demodulator to
detect the video information. A block diagram of the system
is shown in Figure 21, and a complete schematic in Figure
22.
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The design of the loop parameters was based on the follow-
ing objectives

fn = 10 Hz, wn = 75 rad/sec

BL = 40 Hz (from Figure 10)

the complete loop filter, calculated from Figures 4 and 5, is
shown in Figure 22. When the loop is in lock and the free
running frequency of the vca is 2.4 kHz, the vca square
wave at pin 4 of the 565 will be in quadrature (90') with the
input signal; however, the zero crossings of the triangle
wave across the timing capacitor will be in phase, and if
their signal is applied to a double balanced demodulator,
such as an LM1596, switching will occur in the demodulator
in phase with the 2.4 kHz subcarrier. The double balanced
demodulator will produce an output proportional to the am-
plitude of the subcarrier applied to its signal input. An emit-
ter follower, Q1' is used to buffer the triangle wave across
the timing capacitor so excessive loading does not occur.

The demodulated video signal from the LM1596 is taken
across a 25k potentiometer and filtered to a bandwidth of
1.4 kHz, the bandwidth of the transmitted video. Depending
on the type of display to be used (oscilloscope, slow scan
TV monitor, facsimile reproducer), it may be necessary to
further buffer or amplify the signal obtained. If desired, an-
other load resistor may be used between pin 6 and vca to
obtain a differential output; an operational amp could then
be used to provide more gain, level shift, etc.

A vertical sweep circuit is shown using an LM308 low input
current op amp as a Miller rundown circuit. The values are
chosen to produce an output voltage ramp of -4.5V/220
sec, although this may be adjusted by means of the 22 meg.
charging resistor. If an oscilloscope is used as a readout,
the horizontal sync can be supplied to thE,!trigger input with
the sweep set to provide a total sweep time of something
less than 250 ms. A camera is used to photograph the 200
second picture.

SUMMARY AND CONCLUSIONS
A brief review of phase lock techniques has been presented
and several design tools have been presented that may be
useful in predicting the performance of phase locked loops.

A phase locked loop integrated circuit has been described
and several applications have been given to illustrate the
use of the circuit and the design techniques presented.
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Applications for a New
Ultra-High Speed Buffer

INTRODUCTION
Voltage followers have gained in popularity in applications
such as sample and hold circuits, general purpose buffers,
and active filters since the introduction of IC operational am-
plifiers. Since they were not specifically designed as follow-
ers, these early IC's had limited usage due to low band-
width, low slew rate and high input current. Usage of voltage
followers was expanded in 1967 with the introduction of the
LM102, the first IC designed specifically as a voltage follow-
er. With the LM102, engineers were able to obtain an order
of magnitude improvement in performance and extend us-
age into medium speed applications. The LM110, an im-
proved LM102, was introduced in late 1969. However, even
higher speeds and lower input currents were needed for
very fast sample and holds, A to 0 and 0 to A converters,
coax cable drivers, and other video applications.
The solution to this application problem was attained by
combining technologies into a single package. The result,
the LH0033 high speed buffer, utilizes JFET and bipolar
technology to produce a ultra-fast voltage follower and buff-
er whose propagation delay closely approaches speed-of-
light delay across its package, while not compromising input
impedance or drive characteristics. Table I compares vari-
ous voltage followers and illustrates the superiority of the
LH0033 in both low input current or high speed video appli-
cations.

CIRCUIT CONSIDERATIONS
The junction FET makes a nearly ideal input device for a
voltage follower, reducing input bias current to the picoamp
range. However, FET's exhibit moderate voltage offsets and
offset drifts which tend to be difficult to compensate. The
simple voltage follower of Figure 1 eliminates initial offset
and offset drift if 01 and 02 are identically matched transis-
tors. Since the gate to source voltage of 02 equals zero
volts, then 01'S gate to source voltage equals zero volts.
Furthermore as VP1 changes with temperature (approxi-
mately 2.2 mVrC), VP2 will change by a corresponding
amount. However, as load current is drawn from the output,
01 and 02 will drift at different rates, A circuit which over-
comes offset voltage drift is used in a new high speed buffer
amplifier, the LH0033. Initial offset is typically 5 mV and
offset drift is 20 p.Vrc. Resistor R2 is used to establish the
drain current of current source transistor, 02 at 10 mA.
The same drain current flows through 01 causing a voltage
at the source of approximately 1.1V. The 10 mA flowing
through R1 plus 03'S VSEof 0.6V causes the output to sit at

National Semiconductor
Application Note 48

TL/K17318-1

FIGURE 1. Simple Voltage Follower Schematic

zero volts for zero volts in. 03 and 04 eliminate loading the
input stage (except for base current) and CR1 and CR2 es-
tablish the output stage collector current.
If 01 and 02 are matched, the resulting drift is reduced to a
few p.vrc.

PERFORMANCE OF THE LH0033 FAST VOLTAGE
FOLLOWER/BUFFER
The major electrical characteristics of the LH0033 are sum-
marized in Table II. All the virtues of a ultra-high speed buff-
er have been incorporated.
Figure 3 is a plot of input bias current vs temperature and
shows the typical FET input characteristics. Other typical
performance curves are illustrated in Figures 4 through 10.
Of particular interest is Figure 8, which demonstrates the
performance of the LH0033 in video applications to over
100 MHz.

APPLICATIONS FOR ULTRA·FAST FOLLOWERS
The LH0033's high input impedance (1011 n, shunted by
2 pF) and high slew rate assure minimal loading and high
fidelity in following high speed pulses and signals. As
shown below, the LH0033 is used as a buffer between MaS
logic and a high speed dual limit comparator. The device's
high input impedance prevents loading of the MaS logic
signal (even a conventional scope probe will distort high
output impedance MaS). The LH0033 adds about a 1.5 ns
to the total delay of the comparator. Adjustment of voltage
divider R1' R2 allows interface to TTL, OTL and other high
speed logic forms.

Conventional First Generation second Generation Specially Designed
Parameter Monolithic Op Amp Voltage Follower Voltage Follower Voltage Follower

LM741 LM102 LM110 LHOO33

Input Bias Current 200 nA 3.0nA 1.0nA 0.05 nA
Slew Rate 0.5 V/p.s 10V/p.s 30V/p.s 1500V/p.s
Bandwidth 1.0MHz 10MHz 20 MHz 100 MHz
Prop. Delay Time 350 ns 35 ns 18ns 1.2 ns
Output Current Capability ±5mA ±2mA ±2mA ±100mA
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FIGURE 2. LH0033 Schematic

Parameter Conditions Value Parameter Conditions Value

Output Offset Voltage As = 100kO 5mV Output Current Capability ±100 mApeak
Input Bias Current 50pA Slew Aate As = 500, AL = 1k 1500V/,..s
Input Impedance VIN = 1.0 Vrms 10110 Propagation Delay 1.2 ns

AL = 1k, f = 1 kHz
Voltage Gain VIN = 1.0 Vrms 0.98 Bandwidth VIN = 1.0 Vrms 100 MHz

RL = 1k, f = 1 kHz, Rs = 100k Rs = 500,RL = 1k
Output Voltage Swing Vs = ±15V, RS = 100k ±13V

RL = 1k
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The LH0033 was designed to drive long cables, shielded
cables, coaxial cables and other generally stringent line
driving requirements. It will typically drive 200 pF with no
degradation in slew rate and several thousand pF at a re-
duced rate. In order to prevent oscillations with large capac-
itive loads, provision has been made to insert damping re-
sistors between Y+ and pin 1, and Y- and pin 9. Yalues
between 47 and 100n work well for CL > 1000 pF. For non-
reactive loads, pin 12 should be shorted to pin 1 and pin 10
shorted to pin 9. A coaxial driver is shown in Figure 13.Pin S
is shorted to pin 7, obtaining an initial offset of 5.0 mY, and
the 43n coupled with the LH0033's output impedance
(about Sn) match the coaxial cable's characteristic imped-
ance. Cl is adjusted as a function of cable length to opti-
mize rise and fall time. Rise time for the circuit as shown in
Figure 12, is 10 ns.
Another application that utilizes the low input current, high
speed and high capacitance drive capabilities of the
LH0033 is a shield or line driver for high speed automatic
test equipment. In this example, the LH0033 is mounted

"~

close to the device under test and drives the cable shield
thus allowing higher speed operation since the device under
test does not have to charge the cable.

,..... -

HORZ:10nt/DIY

. VERT?V/r

TUK/7318-5

FIGURE 12. LHOO33 Pulse Response Into
10 Foot Open Ended Coaxial Cable



The LH0033's high input impedance and low input bias cur-
rent may be utilized in medium speed circuits such as Sam-
ple and Hold, and D to A converters. Figure 15 shows an
LH0033 used as a buffer in medium speed D to A converter.

Offset null is accomplished by connecting a 1000 pot be-
tween pin 7 and V-. It is generally a good idea to insert 200
in series with the pot to prevent excessive power dissipation
in the LH0033 when the pot is shorted out. In non-critical or
AC coupled applications, pin 6 should be shorted to pin 7.
The resulting output offset is typically 5 mV at 25'C.

The high output current capability and slew rate of the
LH0033 are utilized in the sample and hold circuit of Figure
16. Amplifier, A1 is used to buffer high speed analog sig-
nals. With the configuration shown, acquisition time is limit-
ed by the time constant of the switch "ON" resistance and
sampling capacitor, and is typically 200 or 300 ns.

A2'S low input bias current, results in drifts in hold mode of

50 mV at 25'C and ~ at 125'C.
sec sec

The LH0033 may be utilized in AC applications such as vid-
eo amplifiers and active filters. The circuit of Figure 17 uti-
lizes boot strapping to achieve input impedances in excess
of 10 MO.

O.lI'F

~
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FIGURE 17. High Input Impedance
AC Coupled Amplifier

A single supply, AC coupled amplifier is shown in Figure 18.
Input impedance is approximately 500k and output swing is
in excess of 8V peak-to-peak with a 12V supply.

The LH0033 may be readily used in applications where sym-
metrical supplies are unavailable or may not be desirable. A

1M

.DI' J,lF

INPUT 0---1

TL/K/731B-l1

FIGURE 18. Single Supply AC Amplifier

typical application might be an interface to an MOS shift
register where V+ = 5.0V and V- = -25V. In this case,
an apparent output offset occurs. In reality, the output Yolt-
age is due to the LH0033's Yoltage gain of less than unity.



The output voltage shift due to asymmetrical supplies may
be predicted by:

(V+ Y-)
I:.YO "" (1 - Av) 2 = .005 (V+ - Y-)

where: Av = No load voltage gain, typically 0.99.
Y+ = Positive Supply Yoltage.
Y- = Negative Supply Yoltage.

For the foregoing application, I:.Yo would be -100 mY. This
apparent "offset" may be adjusted to zero as outlined
above.
Figure 19 shows a high Q, notch filter which takes advan-
tage of the LH0033's wide bandwidth. For the values
shown, the center frequency is 4.5 MHz.
The LH0033 can also be used in conjunction with an opera-
tional amplifier as current booster as shown in Figure 20.

Output currents in excess of 100 mA may be obtained. In-
clusion of 1500. resistors between pins 1 and 12, and 9 and
10 provide short circuit protection, while decoupling pins 1
and 9 with 1000 pF capacitors allow near full output swing.
The value for the short circuit current is given by:

Y+ Y-
Isc""--=--

RUMIT RUMIT
where: Iscs; 100 mA.

SUMMARY
The advantages of a FET input buffer have been demon-
strated. The LH0033 combined very high input impedance,
wide bandwidth, very high slew rate, high output capability,
and design flexibility, making it an ideal buffer for applica-
tions ranging from DC to in excess of 100 MHz.

1
'0 ~ 2"R1Cl

Rl ~ 2 R2

Cl ~~
2

.001 p.F

~

lOUT> 100 mA

±15
ISO ~ 1500 ~ 100 mA
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~ PIN Diode Drivers

INTRODUCTION

The DH0035/DH0035C is a TIL/DTL compatible, DC cou-
pled, high speed PIN diode driver. It is capable of delivering
peak currents in excess of one ampere at speeds up to
10 MHz. This article demonstrates how the DH0035 may be
applied to driving PIN diodes and comparable loads which
require high peak currents at high repetition rates. The sa-
lient characteristics of the device are summarized in Table I.

TABLE I. DH0035 Characteristics

Parameter Conditions Value

Differential Supply 30Y Max.
Yoltage (V+ - Y-)

Output Current 1000 mA

Maximum Power 1.5W

!delay PRF = 5.0 MHz 10 ns

tose Y+ - Y- = 20Y 15 ns
10% to 90%

tfall Y+ - Y- = 20Y 10 ns
90% to 10%

PIN DIODE SWITCHING REQUIREMENTS

Figure 1 shows a simplified schematic of a PIN diode switch.
Typically, the PIN diode is used in RF through microwave
frequency modulators and switches. Since the diode is in
shunt with the RF path, the RF signal is attenuated when
the diode is forward biased ("ON"), and is passed unattenu-
ated when the diode is reversed biased ("OFF"). There are
essentially two considerations of interest in the "ON" condi-
tion. First, the amount of "ON" control current must be suffi-
cient such that RF signal current will not significantly modu-
late the "ON" impedance of the diode. Secondly, the time
required to achieve the "ON" condition must be minimized.

Cl C2

National Semiconductor
Application Note 49

The charge control model of a diode1,21eads to the charge
continuity equation given in equation (1).

i=dQ+9
dt T

where: Q = charge due excess minority carriers

T = mean lifetime of the minority carriers

Equation (1) implies a circuit model shown in Figure 2. Un-

der steady conditions ~~ = 0, hence:

Q
IDC = -; or Q = IDC. T (2)

where: I = steady state "ON" current.

I ~ Total Current

IOC ~ 55 Control Current

iRF ~ RF Signal Current

TUH/8750-2

FIGURE 2. Circuit Model for PIN Switch

The conductance is proportional to the current, I; hence, in
order to minimize modulation due to the RF signal, IDe >
iRF. Typical values for IDe range from 50 mA to 200 mA
depending on PIN diode type, and the amount of modulation
that can be tolerated.

The time response of the excess charge, Q, may be evalu-
ated by taking the Laplace transform of equation (1) and
solving for Q:

Q(S)=~ (3)
1 + ST

Solving equation (3) for Q(t) yields:

Q(t) = L -1 [Q(s)) = IT (1 - ctlr) (4)

The time response of Q is shown in Figure 38. As can be
seen, several carrier lifetimes are required to achieve the
steady state "ON" condition (Q = IDe. T).



The time response of the charge, hence the time for the
diode to achieve the "ON" state could be shortened by ap-
plying a current spike, Ipk, to the diode and then dropping
the current to the steady state value, loc, as shown in Fig-
ure 3b. The optimum response would be dictated by:

(Ipk) (t) = or. loc (5)
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'OCT ------------
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The turn off requirements for the PIN diode are quite similar
to the turn on, except that in the "OFF" condition, the
steady current drops to the diode's reverse leakage current.

A charge, loc • or, was stored in the diode in the "ON"
condition and in order to achieve the "OFF" state this
charge must be removed. Again, in order to remove the
charge rapidly, a large peak current (in the opposite direc-
tion) must be applied to the PIN diode:

a
-Ipk> - (6)or

It is interesting to note an implication of equation (5). If the
peak turn on current were maintained for a period of time,
say equal to or, then the diode would acquire an excess
charge equal to Ipk • T. This same charge must be removed
at turn off, instead of a charge loc • or, resulting in a consid·
erably slower turn off. Accordingly, control of the width of
turn on current peak is critical in achieving rapid turn off.

APPLICATION OF THE DH0035 AS A PIN DIODE DRIVER
The DH0035 is specifically designed to provide both the
current levels and timing intervals required to optimally drive
PIN diode switches. Its schematic is shown in Figure 4. The
device utilizes a complementary TTL input buffer such as
the DM7830/DM8830 or DM5440/DM7440 for its input sig-
nals.

Two configurations of PIN diode switch are possible: cath-
ode grounded and anode grounded. The design procedures
for the two configurations will be considered separately.

ANODE GROUND DESIGN
Selection of power supply voltages is the first consideration.
Table I reveals that the DH0035 can withstand a total of
30V differentially. The supply voltage may be divided sym-
metrically at ± 15V, for example. Or asymmetrically at
+20Vand -10V. The PIN diode driver shown in Figure S.
uses ± 10V supplies.

When the a output of the DM8830 goes high a transient
current of approximately 50 mA is applied to the emitter of
a, and in turn to the base of as.

as has an hie = 20, and the collector current is hie X 50 or
1000 mA. This peak current, for the most part, is delivered
to the PIN diode turning it "ON" (RF is "OFF").

Ipk flows until C2 is nearly charged. This time is given by:
C2t:.V

t=-- (7)
Ipk

where: AV = the change in voltage across C2.

Prior to as's turn on, C2 was charged to the minus supply
voltage of -10V. C2'S voltage will rise to within two diode
drops plus a Vsat of ground:

V = lv-I - Vf(PIN Diode) - VfeR, - Vsatas (8)
forV- = -10V, t:.V = 8V.

Once C2 is charged, the current will drop to the steady state
value, loc, which is given by:

V V+ Vee
loc=----- (9)

RM Rs R,
where: Vcc = 5.0V

R, = 2500

Rs = 5000

:. RM = (Rs (t:.V) (R,) (9a)
R,V+ + locRsR, + VeeRs



Y·

DH0035 Schematic DiagramFIGURE 4.

5.0Y

11~__...,r--- I

I 10
I I
I I
I Iil
I I
I II
I 1/2 DM8~ __ ...JL-_-1

C~
250':F 4:-

-- -,
Ir PIN I
I DIODE III SWITCH -JI L.. __

I _'T' 41 DH0035 -rp...J _---c. --., h
-1 ,,;,-!

·,OY = Y· TL/H/8750-8



For the driver of Figure 5, and loe = 100 mA, RM is 56n
(nearest standard value).

Returning to equation (7) and combining it with equation (5)
we obtain:

T10e C2V
t=-=-

Ipk Ipk

Solving equation (10) for C2 gives:

locT
C2=-Y

For T = 10 ns, C2 = 120 pF.

One last consideration should be made with the diode in the
"ON" state. The power dissipated by the DH0035 is limited
to 1.5W (see Table I). The DH0035 dissipates the maximum
power with Os "ON". With Os "OFF", negligible power is
dissipated by the device. Power dissipation is given by:

P diss '" [Ioe (IV-I - /1V) + (V+ ;3
V

-)2]

x (D.C.) ,;; Pmax (12)

where: D.C. = Duty Cycle =

("ON" time)

("ON" time + "OFF" time)

Pmax = 1.5W

[
(pmax) _ (V+ - V-)2]

(D.C.) 500
loe ,;; lv-I _ /1V (12a)

For the circuit of Figure 5 and a 50% duty cycle, P diss =
0.5W.

Turn-off of the PIN diode begins when the 0 output of the
DM8830 returns to logic "0" and the Q output goes to logic
"1". 02 turns "ON", and in turn, causes 03 to saturate.
Simultaneously, 01 is turned "OFF" stopping the base drive

to Os. 03 absorbs the stored base charge of Os facilitating
its rapid turn-off. As Os's collector begins to rise, 04 turns
"ON". At this instant, the PIN diode is still in conduction and
the emitter of 04 is held at approximately -0.7V. The in-
stantaneous current available to clear stored charge out of
the PIN diode is:

V+ - VSE 04 + Vf(PINI
Ipk = R3

hIe + 1
(hIe + 1) (V+)

"'---- (13)
R3

where:

hIe + 1 = current gain of 04 = 20

VSE 04 = base-emitter drop of 04 = 0.7V

VI(PIN) = forward drop of the PIN diode = 0.7V

For typical values given, Ipk = 400 mA. Increasing V+
above 10V will improve turn-off time of the diode, but at the
expense of power dissipation in the DH0035. Once turn-off
of the diode has been achieved, the DH0035 output current
drops to the reverse leakage of the PIN diode. The attend-
ant power dissipation is reduced to about 35 mW.

CATHODE GROUND DESIGN
Figure 6 shows the DH0035 driving a cathode grounded PIN
diode switch. The peak turn-on current is given by:

(V+ - V-) (hIe + 1)
Ipk'" R3 (14)

= 800 mA for the values shown.

The steady state current, loc, is set by Rp and is given by:

(V+ - 2VSE
loe = R3

-- + Rp (15)
hIe + 1

where: 2VSE = forward drop of 04 base emitter junction
plus VI of the PIN diode = 1.4V.
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In terms of Rp, equation (15) becomes:

(hIe + 1) (V+ - 2VSE) - IOCRg
Rp = ----------

(hre + 1) IOC
For the circuit of Figure 6, and loc = 100 mA, Rp is 6211
(nearest standard value).

It now remains to select the value of C,. To do this, the
change in voltage across C, must be evaluated. In the
"ON" state, the voltage across C" Vc, is given by:

Vc) - V+R3 + Rp(hre + 1) (2VSE)
( ON - R3 + (hIe + 1) Rp

For the values indicated above, (VC)ON = 3.8V.

In the "OFF" state, Vc is given by:

V+R3 - Iv-IRp
(VC)OFF = Rp + R3

= 8.0V for the circuit of Figure 6.

Hence, the change in voltage across C, is:

V = (VC)OFF - (VC)ON
= 8.0 - 3.8

= 4.2V

The value of C4 is given, as before, by equation (11):

C, = IOCT
V- (19)

For a diode with T

250 pF.

Again the power dissipated by the DH0035 must be consid-
ered. In the "OFF" state, the power dissipation is given by:

POFF = [V+ ~3V-)2] (D.C.) (20)

where: D.C. = duty cycle =

"OFF" time

"OFF" time + "ON" time

The "ON" power dissipation is given by:

[
(VC)ON2 ]

PON = ~ + loc X (VC)ON (1 - D.C.) (21)

where: (VC)ON is defined by equation (16).

Total power dissipated by the DH0035 is simply PON +
POFF. For a 50% duty cycle and the circuit of Figure 6,
P diss = 616 mW.

The peak turn-off current is, as indicated earlier, equal to
50 mA x hIe which is about 1000 mA. Once the excess
stored charge is removed, the current through as drops to
the diodes leakage current. Reverse bias across the diode
= V- - Vsat "" -10V for the circuit of Figure 6.

REPETITION RATE CONSIDERATIONS
Although ignored until now, the PRF, in particular, the
"OFF" time of the PIN diode is important in selection of C2,
RM. and C" Rp. The capacitors must recharge completely
during the diode "OFF" time. In short:

4 RMC2';; tOFF
4 RpC, ,;; tOFF

(22a)

(22b)



CONCLUSION
The circuit of Figure 6 was breadboarded and tested in con-
junction with a Hewlett-Packard 33622A PIN diode.

IDC was set at 100 mA, V+ = 10V, V- = 10V. Input signal
to the DM8830 was a 5V peak, 100 kHz, 5 J.Lswide pulse
train. RF turn-on was accomplished in 10-12 ns while turn-
off took approximately 5 ns, as shown in Figures 7 and 8.

In practice, adjustment C2 (C,) may be required to accom-
modate the particular PIN diode minority carrier lifetime.

SUMMARY
A unique circuit utilized in the driving of PIN diodes has been
presented. Further a technique has been demonstrated
which enables the designer to tailor the DH0035 driver to
the PIN diodo application.
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~ 1.2V Reference

INTRODUCTION
Temperature compensated zener diodes are the most easi-
ly used voltage reference. However, the lowest voltage tem-
perature-compensated zener is 6.2V. This makes it inconve-
nient to obtain a zero temperature-coefficient reference
when the operating supply voltage is 6V or lower. With the
availability of the LM113, this problem no longer exists.
The LM113 is a 1.2V temperature compensated shunt regu-
lator diode. The reference is synthesized using transistors
and resistors rather than a breakdown mechanism. It pro-
vides extremely tight regulation over a wide range of operat-
ing currents in addition to unusually low breakdown voltage
and low temperature coefficient.

DESIGN CONCEPTS
The reference in the LM113 is developed from the highly-
predictable emitter-base voltage of integrated transistors. In
its simplest form, the voltage is equal to the energy-band-
gap voltage of the semiconductor material. For silicon, this
IS 1.205V. Further, the output voltage is well determined in a
production environment.
A simplified version of this reference1 is shown in Figure 1.
In this circuit, 01 is operated at a relatively high current
density. The current density of 02 is about ten times lower,
and the emitter-base voltage differential (I\.VSE) between
the two devices appears across R3' If the transistors have
high current gains, the voltage across R2 will also be pro-
portional to I\.VSE.03 is a gain stage that will regulate the
output at a voltage equal to its emitter base voltage plus the
drop across R2.The emitter base voltage of 03 has a nega-
tive temperature coefficient while the I\.VSE component
across R2 has a positive temperature coefficient. It will be
shown that the output voltage will be temperature compen-
sated when the sum of the two voltages is equal to the
energy-band-gap voltage.

TL/H/7370-1
FIGURE 1.The Low Voltage Reference

In One of Its Simpler Forms

National Semiconductor
Application Note 56

Conditions for temperature compensation can be derived
starting with the equation for the emitter-base voltage of a
transistor which is2

VSE = Vgo (1 - fa) + VSEO(;J +

nkT log To + kT log .!£. (1)
q eT q elco'

where Vgo is the extrapolated energy-band-gap voltage for
the semiconductor material at absolute zero, q is the charge
of an electron, n is a constant which depends on how the
transistor is made (approximately 1.5 for double-diffused,
NPN transistors), k is Boltzmann's constant, T is absolute
temperature, Ic is collector current and VSEOis the emitter-
base voltage at To and lco.
The emitter-base voltage differential between two transis-
tors operated at different current densities is given by

kT J1I\.VSE= -Ioge- (2)
q J2

where J is current density.
Referring to Equation (1), the last two terms are quite small
and are made even smaller by making Ic vary as absolute
temperature. At any rate, they can be ignored for now be-
cause they are of the same order as errors caused by non-
theoretical behavior of the transistors that must be deter-
mined empirically.
If the reference is composed of VSE plus a voltage propor-
tional to I\.VSE,the output voltage is obtained by adding (1)
in its simplified form to (2):

( T) (T) kT J1V,ef = Vgo 1 - To + VSEO To + q-logeJ;'

Differentiating with respect to temperature yields
aV,ef VgO VSEO k J1
--= --+--+-Ioge-·

aT To To q J2
For zero temperature drift, this quantity should equal zero,
giving

kTo J1
VgO= VSEO+qlogeJ;' (5)

The first term on the right is the initial emitter-base voltage
while the second is the component proportional to emitter-
base voltage differential. Hence, if the sum of the two are
equal to the energy-band-gap voltage of the semiconductor,
the reference will be temperature-compensated.
Figure 2 shows the actual circuit of the LM113. 01 and 02
provide the I\.VSEterm and 04 provides the VSEterm as in
the simplified circuit. The additional transistors are used to
decrease the dynamic resistance, improving the regulation
of the reference against current changes. 03 in conjunction
with current inverter, Os and 06, provide a current source
load for 04 to achieve high gain.
07 and 09 buffer 04 against changes in operating current
and give the reference a very low output resistance. 08 sets
the minimum operating current of 07 and absorbs any leak-



FIGURE 2. Schematic of the LM113
age from Og. Capacitors Cl, C2 and resistors Rg and RIO 10
frequency compensate the regulator diode.

PERFORMANCE
The most important features of the regulator diode are its
good temperature stability and low dynamic resistance. Fig-
ure 3 shows the typical change in output voltage over a
- 55'C to + 125'C temperature range. The reference volt-
age changes less than 0.5% with temperature, and the tem-
perature coefficient is relatively independent of operating
current.
Figure 4 shows the output voltage change with operating
current. From 0.5 mA to 20 mA there is only 6 mV of
change. A good portion of the output change is due to the
resistance of the aluminum bonding wires and the Kovar
leads on the package. At currents below about 0.3 mA the
diode no longer regulates. This is because there is insuffi-
cient current to bias the internal transistors into their active
region. Figure 5 illustrates the breakdown characteristic of
the diode.
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FIGURE 5. Reverse Breakdown Characteristics

APPLICATIONS
The applications for zener diodes are so numerous that no
attempt to delineate them will be made. However, the low



breakdown voltage and the fact that the breakdown voltage
is equal to a physical property of silicon-the energy band
gap voltag~akes it useful in several interesting applica-
tions. Also the low temperature coefficient makes it useful in
regulator applications-especially in battery powered sys-
tems where the input voltage is less than 6V.
Figure 6 shows a 2V voltage regulation which will operate
on input voltages of only 3V. An LM113 is the voltage refer-
ence and is driven by a FET current source, 01. An opera-
tional amplifier compares a fraction of the output voltage
with the reference. Drive is supplied to output transistor 02
through the V+ power lead of the operational amplifier. Pin
6 of the op amp is connected to the LM113 rather than the
output since this allows a lower minimum input voltage. The
dynamic resistance of the LM113 is so low that current
changes from the output of the operational amplifier do not
appreciably affect regulation. Frequency compensation is
accomplished with both the SOpF and the 1 /LF output ca-
pacitor.

01
LMl13

1.2V

':' t Solid tantalum

TLIH/7370-6

FIGURE 6. Low Voltage Regulator Circuit

It is important to use an operational amplifier with low quies-
cent current such as an LM108. The quiescent current flows
through R2 and tends to turn on 02. However, the value
shown is low enough to insure that 02 can be turned off at
worst case condition of no load and 12S·C operation.
Figure 7 shows a differential amplifier with the current
source biased by an LM113. Since the LM113 supplies a
reference voltage equal to the energy band gap of silicon,
the output current of the 2N2222 will vary as absolute tem-
perature. This compensates the temperature sensitivity of
the transconductance of the differential amplifier making the
gain temperature stable. Further, the operating current is

FIGURE 7. Amplifier Biasing for
Constant Gain with Temperature

regulated against supply variations keeping the gain stable
over a wide supply range.
As shown, the gain will change less than two per cent over a
-SS·C to + 12S·C temperature range. Using the LM114A
monolithic transistor and low drift metal film resistors, the
amplifier will have less than 2 /LVrc voltage drift. Even low-
er drift may be obtained by unbalancing the collector load
resistors to null out the initial offset. Drift under nulled condi-
tion will be typically less than O.S/LVrc.
The differential amplifier may be used as a pre-amplifier for
a low-eost operational amplifier such as an LM101A to im-
prove its voltage drift characteristics. Since the gain of the
operational amplifier is increased by a factor of 100, the
frequency compensation capacitor must also be increased
from 30 pF to 3000 'RF for unity gain operation. To realize
low voltage drift, case must be taken to minimize thermo-
electric potentials due to temperature gradients. For exam-
ple, the thermoelectric potential of some resistors may be
more than 30 /LvrC, so a 1·C temperature gradient across
the resistor on a circuit board will cause much larger errors
than the amplifier drift alone. Wirewound resistors such as
Evenohm are a good choice for low thermoelectric poten-
tial.
Figure 8 illustrates an electronic thermometer using an inex-
pensive silicon transistor as the temperature sensor. It can
provide better than 1·C accuracy over a 100·C range. The
emitter-base turn-on voltage of silicon transistors is linear
with temperature. If the operating current of the sensing
transistor is made proportional to absolute temperature the
nonlinearily of emitter-base voltage can be minimized. Over
a - SS·Cto 12S·Ctemperature range the nonlinearily is less
than 2 mV or the equivalent of 1·C temperature change.
An LM113 diode regulates the input voltage to 1.2V. The
1.2V is applied through R2 to set the operating current of
the temperature-sensing transistor.
Resistor R4 biases the output of the amplifier for zero output
at O·C. Feedback resistor Rs is then used to calibrate the
output scale factor to 100 mVrc. Once the output is ze-
roed, adjusting the scale factor does not change the zero.



t Adjust for OV at O'C

• Adiust for 100 mV/'C

CONCLUSION
A new two terminal low voltage shunt regulator has been
described. It is electrically equivalent to a temperature-sta-
ble 1.2V breakdown diode. Over a - 55'C to 125'C temper-
ature range and operating currents of 0.5 mA to 20 mA the
LM113 has one hundred times better reverse characteris-
tics than breakdown diode. Addiitionally, wideband noise
and long term stability are good since no breakdown mech-
anism is involved.

The low temperature coefficient and low regulation voltage
make it especially suitable for a low voltage regulator or
battery operated equipment. Circuit design is eased by the

fact that the output voltage and temperature coefficient are
largely independent of operating current. Since the refer-
ence voltage is equal to the extrapolated energy-band-gap
of silicon, the device is useful in many temperature compen-
sation and temperature measurement applications.
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~ New Design Techniques for
FET Op Amps

INTRODUCTION
The LH0052, LH0042 and LH0022 series operational ampli-
fiers are "monobrid" integrated circuits consisting of a
monolithic dual junction field effect transistor followed by a
special linear integrated circuit amplifier chip. Each device
features very closely matched input characteristics, very
high input impedance, and ultra low input currents with no
compromise in noise, common mode rejection ratio, open
loop gain or slew rate. The LH0052 is internally laser nulled
and features offset current of 100 femtoamps max at 25"C
(100 pA at + 125"C), offset voltage of 100 microvolts max
and offset drift of 5/,-VrC max. Unlike most module FET op
amps, this series of op amps does not require "grading" of
electrical performance at final test. Different die types are
used in each member of the family to assure availability and
lowest possible cost. The amplifiers are internally compen-
sated to be unity gain stable and require no external parts
for operation with the exception of feedback and input im-
pedances as dictated by the application. Amplifiers are
available in TO-99, (T0-5 metal can) or 14-lead cavity dual-
in-line package and are specified either for the full military
temperature range of - 55"C to + 125"C or for an expanded
commercial temperature range of - 25"C to +85"C. Opera-
tion is specified for power supply voltages between 10V
(± 5V) and 44V (± 22V). Table I below, and Typical Perform-
ance Characteristics (last page) give a summary of other
major parameters illustrating similarities and differences of
members of the series. See individual data sheets for com-
plete specifications.

National Semiconductor
Application Note 63

WHYFETs?
The virtue of super gain bipolar transistors as the input
stage to operational amplifiers is well known1,2 and widely
used in such amplifiers as the LM108, LMl12. and LM216.
These amplifiers attain very low input bias currents by spe-
cial processing that allows the first stage to run at very low
emitter currents while achieving current gains of 1500. This
results in relatively constant bias and offset currents with
temperature tending to increase at low temperatures where
transistor gain is lowest. (Rgure 1.)

TUH/8746-1

FIGURE 1. Typlcallb vs. Temperature
for Several Op Amps

Parameter (TA = 25"C) LHOO52 LHOO22 LHOO42 Units

Offset Voltage (Max) 0.5 4 20 mV

Offset Voltage Drift (Typ) 2 5 5 /,-vrc

Offset Current (Max) 2.5 2.0 5.0 pA

Bias Current (Max) 1.0 10 25 pA

Open Loop Gain (Min) 100 100 50 V/mV

Bandwidth (Typ) 1 1 1 MHz

Slew Rate (Typ) 3 3 3 V//,-s

Output Current Drive (Min) ±10 ±10 ±10 mA

Min Supply Voltage ±5 ±5 ±5 V

Max Supply Voltage ±22 ±22 ±22 V

Input Voltage Range (Min) ±12 ±12 ±12 V

CMRR(Min) 80 80 70 dB

Compensation Components 0 0 0

Output Current Limit Yes Yes Yes

Simple Offset Null Yes Yes Yes

Package Types TO-5 DIP, TO-5 DIP, TO-5



The low emitter current available in the typical super gain
amplifier severely limits the slew rate attainable, the devices
that have input currents in the same area as the LH0052
family normally have slew rates in the neighborhood of a
few tenths of a volt per microsecond. As long as a FET is
operated in its normal linear region, its input current is not
materially affected by the channel current. The LH0052 fam-
ily, therefore, runs more input stage current and thus attains
a typical slew rate of three volts per microsecond. A soon-
to-be announced device (LH0062) has demonstrated slew
rates greater than 50 V per ",s with the same input charac-
teristics as the LH0052 family.

FET's FEATURE SUPERIOR NOISE AT HIGH SOURCE
RESISTANCES
Figure 2 is a plot of total amplifier noise at 100 Hz (1 Hz
bandwidth) vs source resistance for the LH0052 family of
FET amplifiers and the LM108, representative of the best
super-gain bipolar amplifiers. Thermal noise contributed by
the source resistance is also plotted. Note that at low
source resistances the LM1 08 is lower noise; at high source
resistance the LH0052 series is superior.
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FIGURE 2. Total Equivalent Input Noise Voltage
A useful noise model applicable to operational amplifiers in
general is shown in Figure 3. It consists of an ideal noise-
less amplifier preceded by a number of noise sources. Am-
plifier voltage noise, EN, appears directly in series with one
of the inputs. Current noise from the amplifier develops an
additional noise voltage across the source resistance. The
RMS value of thermal noise from the source resistances
can be calculated from the equation Ers = ~4kT(BW)Rs
which simplifies to Ers = "As nV/,fHZ for room temperature
calculations and resistor values in kil.

The total spot noise present at the input to the ideal amplifi-
er may be found by summing the RMS values of the three
noise voltage sources as follows:

ET = ~EN2 + 2 (RsIN)2 + 2Ers2

EN comes directly from data of the type plotted in the figure
by looking at the flat portion of the curve below 10k and
assuming that the current noise is insignificant in this area.
For the LH0052 and LM108 EN, at 100 Hz, 1 Hz bandwidth,
is 70 nV/,fHZ and 35 nV/,fHZ respectively. IN may be com-
puted from a total noise measurement at high source resist-
ance by using a calculated value of Ers and the previously
measured value of EN.

IN = ~-(E-T-2---E-N-2---2-E-rs-2)-/-2-R-s-2

For the LH0052 family and the LM108, IN is 10 fAl,fHZ and
100 fAl,fHZ respectively.

One way to illustrate the importance of noise current in de-
ciding which of two amplifier types will be better in a given
situation is to set the total noise equal for the two cases and
solve for the value Rs at which this occurs. The amplifier
with the lower noise voltage will be superior at source resist-
ances lower than this value; the one with lower current
noise will be better at higher resistances. Note that this is
merely calculating the intersection of the curves of Figure 2.
The intersection will normally lie near 150k when comparing
the LH0052 family with the best of the presently available
bipolar amplifiers.

LOW OFFSET VOLTAGE IS NO PROBLEM WITH MOD-
ERNJFETs
FETs have a reputation for poor control of voltage matching
characteristics that developed from behavior of the early
matched dual discrete devices. These were invariably a pair
of separate FET chips mounted on the same header tested
for gate to source voltage match at some specified current
at room temperature. Devices constructed in this manner
tracked rather poorly over temperature due to GIs mismatch
and temperature gradients across the header.

The monolithic dual FETs of the FM1100 series interweave
the channels of the two halves of the device and achieve a
match not only of V9S but of all other parameters. Further,
the V9S match is preserved over a wide range of drain cur-
rents, drain to source voltage, and temperature. The voltage
drift attainable with this technique is exceeded only by the
very best bipolar devices.

It is possible to fabricate FETs and bipolar transistors on the
same wafer at the same time. Why not build a single mono-
lithic FET /bipolar amplifier utilizing each where it is best
suited? It would seem at first glance that this would neces-
sarily result in a cheaper, more reliable product. At the pres-
ent state of the art, severe compromises are necessary to
both the FET and bipolar devices so constructed as exem-
plified by the 740 and 536 with the net result that specifica-
tions must be relaxed and/or a yield loss suffered. The two
chip "monobrid" approach taken with the LH0052 family
maximizes performance while allowing lower cost.

CIRCUIT DESCRIPTION
Figure 4 is a simplified schematic typical of all of the amplifi-
ers in the family. The input FET (01, 02) is a monolithic dual
similar in construction to the discrete FM11 00 series device.
The stage is operated as a source follower with V+ applied
directly to the drains for the maximum possible common
mode range.

A differential common base PNP stage (03, 04) serves as
the load for the input FETs. The bases of this stage form the
bias point for the backside gate of the monolithic input
FET3. To obtain high voltage gain from the PNP common
base stage, the output resistances of 05 and 06 are used



as loads. giving effective values of about 2 mO while at the
same time converting the differential current signal into a
single ended voltage. The operating drain current for the
input stage is determined by the bias network composed of
the current source 010 and the diodes 011 and 012; target
current is 40 ",A per side.
A Darlington driver (016. 017) is used to avoid loading the
first stage output. The output stage uses a conventional
complementary symmetry design with a bias current of
about 60 ",A through 014 to 020 to minimize crossover dis-
tortion. Output current is limited to about ± 25 mA at 25°C
ambient decreasing to about ± 17 mA at + 125°C.The out-
put characteristics are similar to those of conventional am-
plifiers.

SIMPLE OFFSET VOLTAGE ADJUSTMENT DOES NOT
DEGRADE DRIFT OF CMRR
These amplifiers use the same internal offset nulling tech-
nique as the LM741 and others. that is. a single 10k pot
connected between the offset nulling pins and V- as shown
in Figure 5. Adjustment of this pot will always produce offset
null. With the premium devices of the series, it may be desir-
able to restrict the range of adjustment to increase the pre-
cision of the null. This may be done by inserting a resistor of
about 100k in series with the wiper of the pot. This tech-
nique provides a method of externally nulling offset voltage
of the amplifiers to zero with virtually no effect on the offset
voltage drift or CMRR.



By definition, offset voltage is that voltage which must be
applied between the input terminals to obtain zero output
voltage. This suggests a straight-forward and practical
"universal"4 system to null the offset in an operating circuit.
Figure 7 illustrates one way that an adjustable voltage in the
millivolt range may be connected in series with the input
signal to subtract the amplifier offset. If this technique of
offset nulling at the inputs of the amplifier is used, the TO-5
devices of the series will be pin compatible with virtually all
of the 8-pin TD-5 amplifiers on the market today, bipolar or
FET.

CAREFUL PC BOARD LAYOUT MUST BE OBSERVED
In order to realize the full low input current capabilities of
these amplifiers, considerable care must be exercised in the
design of the input circuitry and in the selection of materials
contacting the input conductors. A leakage impedance of
even 10120 to 15Y produces a leakage current of 15 pA,
much higher than amplifier input current. This level of leak-
age may be inadvertently produced by socket leakage, poor
quality or imperfectly cleaned printed circuit boards, or im-
properly cured protective coatings. Sockets are to be avoid-
ed if possible; they can not only degrade leakage current,
but may cause other unsuspected erratic behavior when
used in severe environments. (IF absolutely unavoidable,
they should be high quality, pref~iably Teflon.) Printed cir-
cuit board material should be judged both on initial resistivity
and on the likelihood of degradation by outside influences.
Teflon and polycarbonate are particularly recommended;
glass epoxy may be used if it is protecteC!with a silicone or
epoxy coating to prevent moisture absorption. If operation
at high humidities is required, this' coating will be desirable
anyway to control surface leakage. All residues of previous
operations, such as soldering flux, inks, and resists, must of
course be thoroughly removed befor~ cQating.
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FIGURE 7. Universal Offset Trim
Another approach which has been successfully used with
the TO-5 amplifiers is to terminate all critical connections on
Teflon standoff insulators. These may be interconnected as
required with Teflon insulated wire, keeping connections as
short as possible to minimize noise piCk-up.A short length
of Teflon tUbingslipped over the wire from the amplifier pre-
vents contact with the oversize hole in the mounting board.
The remainder of the amplifier connections may be termi-
nated conventionally, either to printed circuit lands or to oth-
er standoff insulators.

INPUT GUARDING IMPROVES SYSTEM PERFORMANCE
Even with properly cleaned and coated printed circuit
boards, leakage currents can limit the circuit performance
under severe environmental conditions. In most cases with
the LH0052 family devices, leakage will be primarily to Y-
as the inputs are between the offset null pin (which in nor-
mal operation runs at a voltage very near Y-) and the Y-
pin itself. This would seem to predict that leakage into the
inverting and non-inverting inputs should at least be of the
same polarity, but the effects are too unpredictable to make
much use of the cancellation which should occur.
These currents may be intercepted before they reach the
amplifier inputs by a guard conductor in the leakage path
operating at the same potential as the inputs. Resistance
between the inputs and the guard will cause little current to
flow because of the premise that the guard voltage equals
the input voltage. Suggested board layouts for the various
package types are shown in Figures 8 through 11.

TLIH/8746-8

FIGURE 8. DIP Non-Inverting Ampllfer PC Layout

TLIH/8746-9

FIGURE 9. Flat Pack Inverting Amplifier PC Layout

TL/H/8746-10

FIGURE 10. TO-5-10 Pin Pattern PC Layout



The flat pack and dual-in-line packages have an unconnect-
ed pin on either side of the inputs. These may be used as
shown, both to continue the guard into the package and as
a convenient method of surrounding the inputs with a guard
conductor without running a line between device pins. The
eight lead TO-5 package has only one spare pin, so the
leads must either be formed into a 10 lead circle with two
gaps, or the pin circle expanded sufficiently to allow a con-
ductor to pass between device pins. If the board is double
sided or multilayer, the guard pattern should be repeated on
all conductor planes.

TL/H/8746-12

FIGURE 12. Guarded Inverting Amplifier
Figure 12 through 15 show how the guard is committed on
the more common op amp circuits. With an integrator or
inverting amplifier, where the inputs are close to the ground
potential, the guard is simply grounded. With the voltage
follower, the guard is bootstrapped to the output. If it is de-
sirable to put a resistor in the inverting input to compensate
for the source resistance, it is connected as shown in Figure
13.

TL/H/8746-13
FIGURE 13. Guarded Voltage Follower

Guarding a non-inverting amplifier is a little more complicat-
ed. A low impedance point must be created by using rela-
tively low value feedback resistors to determine the gain (R1
and R2 in Figure 14). The guard is then connllcted to the
junction of the feedback resistors. Low impedance in this
contex1 means that expected leakage currents should not
be capable of generating deleterious error voltages. A resis-
tor, R3' may be added to balance the source resistance and
thus cancel the effect of bias current.

R2
Av ~ 1 + R1 ~ +100

FIGURE 14. Guarded Non-Inverting Amplifier
The general case of a full differential configuration may re-
quire the use of a guard driver amplifier A2 as shown in
Figure 15. Resistors R5 and Re develop the proper voltage
for the guard at their junction, but it will normally be impracti-
cal to make them low enough resistance due to source
loading. R7 is included to balance the effect of R5 plus Re
and thus not degrade the closed loop common mode rejec-
tion.

GUARD
R1 ~ R3

R2 ~ R4

R7 - R5 + R6

~-Av
R5

R2
Av = - ~ 10

TL/H/8746-15 R1

FIGURE 15. Guarded Full Differential Amplifier

VOLTAGE FOLLOWERS
The excellent common mode rejection and range of the am-
plifiers in this series suggest their use as unity gain voltage
follower amplifiers. They perform well in this function with
the one precaution shown on the circuit of Figure 16. The
straightforward circuit with a direct feedback connection
and no resistors will function, but if a low impedance signal
having a slew rate faster than the amplifier can follow is
applied to the input, a differential input voltage might be
developed in excess of the absolute maximum. R1 limits the
current under these conditions to a safe value of 200 ",A. R2
is included to cancel the error voltage due to bias current
and should in general be equal to the source resistance plus
R1·

TUH/8746-18

FIGURE 16. Unity Gain Voltage Follower



For applications requiring voltage gain as well as high input
impedance, a voltage divider may be included in the feed-
back path as-in Figure 17.The voltage gain of this circuit is
approximately 1 + R2/R3 (neglecting amplifier open loop
gain).

R2 + R3
Av~~- +100

R4 ~ R5

TLiH/8746-17

FIGURE 17. Non-Inverting Amplifier
R4 is included as a convenient variable to equalize resist-
ances in the two amplifier inputs: R4 in series with the paral-
lel combination of R2 and R3 should be set equal to the
source resistance plus R1. Note that all of these resistors
may not be necessary depending on the required voltage
gain, source impedance, accuracy requirement, tempera-
ture range, and amplifier selected.

PRECISION INTEGRATOR
The low input bias currents attainable with amplifiers of this
series make them a natural choice for integrator applica-
tions requiring long time constants. Figure 18 illustrates a
typical practical circuit. R1 should be selected so that the
total leakage current at the summing node is smaller than

the signal current (V1/R1) by a margin sufficient to insure
the required accuracy, i.e., V1/R1 » Ib1' C1 should be cho-
sen for low leakage, stability, accuracy, and low voltage co-
efficient. Polystyrene or polycarbonate dielectric is the best
choice for capacitances up to about 1 ,.,.F.Teflon is good for
the lower values.
R2 is included to protect the input circuit during the reset
transient, although many low speed applications will not re-
quire it at all. If the resistance of the reset switch is 100n,
the maximum current that could flow in C1 is 1OV/100 = 0.1
amp. In reality this may well be limited to a lower value by
loss, if the reset switch is an FET. Then the rate of change
of voltage cannot exceed 0.1 amp/1 ,.,.F= 0.1 V/,.,.swhich
is well within the slew rate capability of the amplifier. R3'
used to balance the resistance in the inputs, should be
made equal to the sum of R2 and the reset switch resist-
ance.

SAMPLE/HOLD AMPLIFIERS
The LH0052 family of amplifiers is well suited for use as a
buffer amplifier in long hold-time sample/hold circuits. They
may be used in any of the common configuration::>where
improved hold performance is required. Figure 198 illus-
trates one circuit taking advantage of the low bias currents
attainable. R1 serves to bootstrap the connection between
analog switch 51 and 52 so that there is essentially no volt-
age across 51 in the hold mode. When 51 and 52 are closed
to enter the sample mode, the effect of R1 is slight as it is
much higher resistance than the switches. After a long
enough time, C1 will charge to the input voltage, the amplifi-
er will buffer it to the output, and both ends of R1 will be at
the input potential so it will have no effect at all after the
transient. Figure 19b illustrates an alternate circuit configu-
ration with input buffer amplifier.

...,
- - - --, I

: I
, I I
I I I

8--T' - 14R4
10K

TTL
INTEGRATE/RESET

CONTROL

OUTPUT

VOUT ~ C1~' J -v, dt + V2

TL/H/8746-'8



ANALOG
INPUT

TlL SAMPLE/HOLO
CONTROL

r------
I
I

,
I
I

r---.J I I
SAMPLE/HOLO ~.J

~wn,: I':' L __ !!!!'!!- __ .J

r-
I
I I

m~.J
REZIROCOMMAND ~

L_l~H~_.J

RE-ZEROING AMPLIFIER

Figure 20 illustrates a technique which may be useful in
situations where a signal has an unknown and variable DC
offset, such as in telemetry. In operation, the re-zero com-
mand line is enabled while a ground reference signal is ap-
plied to the input of the system. This causes C1 to charge to
a level proportional to the system DC offset. When the re-
zero line is deactivated, the amplifier behaves like a conven-
tional inverting stage, subtracting off the system offset and
giving a true ground referenced output.

If the total worst case leakage at the capacitor node is 1 nA,
and if C1 = 0.01 /LF, then the drift rate is 10-9/0.01 x
10-6 = 0.1 Vis. For a 10V full scale system requiring an
accuracy of 0.1 % (10 mY), the amplifier would need re·zero-
ing reference every 100 ms.

PRECISION CURRENT SINK
Figure 21 illustrates a variaiion on a common technique for
generating a precisely regulated current. This circuit could
be used in conjunction with another FET input amplifier con-
nected as a high input impedance follower to form an
ohmmeter for accurately measuring very high resistances.
R1' R2 and D1 form bias and reference voltages near, but
within, the common mode and output voltage limits of the
amplifier. 01 is selected for very low gate leakage so that
the current in its source will be nearly identical to the feed-
back current in its drain. In operation, the amplifier output
will cause the gate of 01 to be cut off however much is
necessary to keep the voltage across R3 equal to 1.220V,
the breakdown voltage of D1. The LMl13 diode is available
to an initial voltage accuracy of 1% (12.2 mY) and is guaran-



teed to drift less than 15 mV over the temperature range,
thus by specifying the LH0052 amplifier and a 1% resistor, a
current sink can be designed for a worst case initial accura-
cy near 2% and a drift over the temperature range of less
than 2%. The technique may be applied over a wide range
of currents by properly scaling R3 and its balancing resistor
R4; a mirror image current source is possible using a P
channel FET for Q1.

+ 'OUT = 1 nA

As long as the input and reference signals are no more than
4V apart in the circuit of Figure 22, the input currents remain
low and constant. This is an adequate signal range for many
applications, especially in view of the offset voltage per-
formance available in the top of the line amplifiers. If wider
signal range is required, resistors R1 and R2 should be in-
cluded to limit the input current to a safe value. Internal
zener junctions will limit the differential input voltage to a
safe value if the input current is limited 200 /LA.
The output clamp circuit shown in Figure 22 will drive 3 stan-
dard TIL loads or 30 National low power TIL loads. Consid-
erable power may be saved by increasing R3 if full fan-out is
not required. If only 2 low power loads are to be driven, the
required low state output current is 360 /LA, so R3 =
1OV/360 /LA = 27k.

INPUT 01
IN914

RJ
TTL

RJ
R2 OUTPUT

1000 Meg 2K
10K 02

REHRENCE IN914

-15

Tl/H/8746-22

FIGURE 21. Precision Current Sink

PRECISION COMPARATOR
FET amplifiers have a significant advantage over bipolar in
precision voltage comparator applications: the input current
is nearly independent of input voltage. With a bipolar input
stage, input current is 1/ {3 of the emitter current, but the
emitter current can vary from zero when the stage is cut off
to twice the nominal value when fully conducting. Further-
more, the inputs are often internally clamped to a diode
drop for protection of the emitter base junctions.

+15

RJ v-
IM

0.1%
10K

INPUTS _OK .05%

GAIN 10K
ADJUST

.05%
-Rl

1M
0.1% v'

-15
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FIGURE 22. Precision Voltage Comparator

TRUE INSTRUMENTATION AMPLIFIER
Figure 238 illustrates an instrumentation amplifier that fea-
tures high differential and common mode input resistance
(10120), ±10V common mode and differential mode input
range, 0.01% gain accuracy at Av = 1000, and 110 dB
CMRR with 1 kO imbalance in bridge source resistance.
Input current is less than 1 pA and offset drift is less than
5 /LVrc. R1 provides a simple means of adjusting gain over
a wide range without degrading CMRR. R2 is an initial trim
used to maximize CMRR without using super precision

500K
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10K
.05%

OUTPUT
10K

.05%

v-

CMRR TEN TURN
AOJ R2 lOOK
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FIGURE 23b. Zero Input Bias Current
Ct··

I,.--PROBE

·VlCtoreen type RX-1 or equivalent

··Optional to make charge ampltfier -=-

matched resistors. Input common voltage is sensed via R3
and R4 and the LM110 provides low impedance VCM drive
to input cable shields to reduce leakage and coupling to
inputs. If the input current of the LH0052 (1 pA max) is not
low enough, additional circuitry as shown in Figure 23b may
be added to provide "Zero" input bias current.

ULTRA LOW LEVEL TRANSCONDUCTANCE OR
CHARGE AMPLIFIER
A picoamp amplifier for pH meters, medical electronics and
radiation detectors is illustrated in Figure 24. A high quality
glass sealed feedback resistor such as Victoreen type RX-1
should be employed as well as guard shielding as discussed
earlier. Optionally C1 may be added to convert the circuit to
a charge amplifier with RL used to provide DC stability.

PRECISION SUBTRACTOR FOR AUTOMATIC
TEST GEAR

It is often necessary in testing linear circuits to take the
difference between two voltage readings occurring at differ-
ent times. The specialized sample/hold circuit shown is Fig-
ure 25 performs this function simply and accurately. Initially,
51 and 52 are closed and 53 open with the logic input in the
TIL "1" state. This allows capacitor C1 to charge to the

same voltage as the elN1 input signal. When the logic input
is taken to TIL "0", 51 and 52 open and 53 closes, causing
the difference between the stored value of elN1 and the
present value of elN2 to appear at the non-inverting input of
the LH0022.

The low leakage and high input impedance of the LH0022
allows the use of a reasonable size hold capacitor while at
the same time providing gain for scaling, if needed. Note
that the two analog inputs, elN1 and elN2 may be connected
together to take the voltage difference on a single line at
two different times. The disable input is used to open all
switches, for example, to ignore a transient. If not needed,
the disable input should be grounded.

SENSITIVE LOW COST "VTVM"
Figure 26 illustrates a modern approach to constructing
VTVM's and VOM's. The LH0042 replaces all active circuit-
ry. Optionally the circuit may be run off of 8 flashlight batter-
ies and only draws 20 mW of power. The clever designer
would add some more switching to allow operation of the
FET op amp in transconductance mode as shown in Figure
24, thus combining both voltage and current measuring ca-
pability into the same circuit.



HOW TO BUILD A FET OP AMP "MODULE"
The LH0052 series when compared spec for spec with
modules usually offers superior performance and signifi-
cantly lower cost. What's the difference between modules
and these integrated circuit amplifiers? In most cases the
answer is nothing but two 0.01 ,..Fpower supply decoupling
capacitors. To make your own module merely build a smallr
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1% x 1% printed circuit board that adapts the pin-out of the
LH0052 to your module requirement. No need to pot the
assembly in epoxy, the LH0052 family is completely hermet-
ic and does not absorb moisture. Some modules specify
higher output current capability than the ± 10 mA of the
LH0052. To build a ± 100 mA output "module" FET op
amp, simply add a LH0002 buffer as shown in Figure 27.

• Low leakage

.OUT ~ (.'N' - .,N2) x '0
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CONCLUSION
The practical advantages of the LH0052 series of FET input
operational amplifiers has been demonstrated. The ex-
tremely low input bias and offset current make members of
the family ideal choices for critical applications in hold am-
plifiers. active filters and instrumentation. The low input off-
set voltage and drift, high open loop gain, and excellent
common mode rejection combine to make the devices
equally well suited for general purpose applications includ-
ing summers, subtractors, and oscillators.

Top View

TO-5
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LM381 Low Noise Dual National Semiconductor

~

Application Note 64

Preamplifier

INTRODUCTION
The LM381 is a dual preamplifier expressly designed to Attempts have been made to fill this function with selected
meet the requirements of amplifying low level signals in low operational amplifiers. However, due to the many special
noise applications. Total equivalent input noise is typically requirements of this application, these recharacterizations
0.5 /LVrms (Rs = 6000, 10-10, 000 Hz). have not adequately met the need.

Each of the two amplifiers is completely independent, with With the low output level of magnetic tape heads and pho-
an internal power supply decoupler-regulator, providing nograph cartridges, amplifier noise becomes critical in
120 dB supply rejection and 60 dB channel separation. Oth- achieving an acceptable signal-to-noise ratio. This is a ma-
er outstanding features include high gain (112 dB), large jor deficiency of the op amp in this application. Other inade-
output voltage swing (VCC - 2V) p-p, and wide power quacies of the op amp are insufficient power supply rejec-
bandwidth (75 kHz, 20 Vp_p). The LM381 operates from a tion, limited small-signal and power bandwidths, and exces-
single supply across the wide range of 9V to 40V. The am- sive external components.
plifier is internally compensated and short-circuit protected.

TABLE 1. TA = 25°C, Vcc = 14V, unless otherwise stated.

Parameter Conditions Mln Typ Max Units

Voltage Gain Open Loop (Differential Input) 160,000 VIV
Open Loop (Single Ended Input) 320,000 VIV

Supply Current Vcc 9V to 40V, RL = 00 10 mA

Input Resistance
(Positive Input) 100 kO
(Negative Input) 200 kO

Input Current
(Positive Input) 0.2 /LA
(Negative Input) 0.5 /LA

Output Resistance Open Loop 150 0

Output Current Source 8 mA
Sink 2 mA

Output Voltage Swing Peak-To-Peak Vcc - 2 V

Small Signal Bandwidth 15 MHz

Power Bandwidth 20 Vo_o (Vcc = 24V) 75 kHz

Maximum Input Voltage Linear Operation 300 mVrms

Supply Rejection Ratio f = 1 kHz 120 dB

Channel Separation f = 1 kHz 60 dB

Total Harmonic Distortion 75 dB Gain, f = 1 kHz 0.1 %

Total Equivalent Input Noise Rs = 6000,10-10,000 Hz 0.55 /LVrms
(Single Ended Input)

Noise Figure 50 kO, 10-10, 000 HZ} 1.0 dB
10 kO, 10-10,000 Hz (Single Ended Input) 1.3 dB
5 kO, 10-10, 000 Hz 1.6 dB



CIRCUIT DESCRIPTION

To achieve low noise performance, special consideration
must be taken in the design of the input stage. First, the
input should be capable of being operated single ended;
since both transistors contribute noise in a differential stage
degrading input noise by the factor J2. Secondly, both the
load and biasing elements must be resistive; since active
components would each contribute as much noise as the
input device.

The basic input stage, Figure 1,can operate as a differential
or single ended amplifier. For optimum noise performance
02 is turned OFF and feedback is brought to the emitter of
01·
In applications where noise is less critical, 01 and 02 can
be used in the differential configuration. This has the advan-
tage of higher impedance at the feedback summing point,
allowing the use of larger resistors and smaller capacitors in
the tone control and equalization networks.

The voltage gain of the single ended input stage is given by:
Rl 200k

AV(AC) = ~ = 1.25k = 160 (1)

Where:

re = KT :::::1.25 x 103at 25'C IE::::: 20 p.A
qlE

The voltage gain of the differential input stage is:

Av = ~Rl = ~Rl qlE :::::80 (2)
2 re 2 KT

The schematic diagram of the LM381, Figure 2, is divided
into separate groups by function; first and second voltage
gain stages, third current gain stage, and the bias regulator.
The second stage is a common-emitter amplifier (05) with a
current source load (06). The Darlington emitter-follower
03, 04 provides level shifting and current gain to the com-
mon-emitter stage (05) and the output current sink (07).
The voltage gain of the second stage is approximately 2000,
making the total gain of the amplifier typically 160,000 in the
differential input configuration.
The preamplifier is internally compensated with the pole-
splitting capacitor, C1. This compensates to unity gain at
15 MHz. The compensation is adequate to preserve stability
to a closed loop gain of 10. Compensation for unity gain
closure may be provided with the addition of an external
capacitor in parallel with C1 between Pins 5 and 6, 10 and
11.
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Three basic compensation schemes are possible for this
amplifier: first stage pole. second stage pole and pole-split-
ting. First stage compensation will cause an increase in high
frequency noise because the first stage gain is reduced,
allowing the second stage to contribute noise. Second
stage compensation causes poor slew rate (power band-
width) because the capacitor must swing the full output volt-
age. Pole-splitting overcomes both these deficiencies and
has the advantage that a small monolithic compensation
capacitor can be used.

The output stage is a Darlington emitter-follower (Qa, Q9)
with an active current sink (Q7)' Transistor Q10 provides
short-circuit protection by limiting the output to 12 mA.

The biasing reference is a zener diode (Z2l driven from a
constant current source (Q11)' Supply decoupling is the ra-
tio of the current source impedance to the zener imped-
ance. To achieve the high current source impedance neces-
sary for 120 dB supply rejection, a cascode configuration is
used (Q11 and Q12)' The reference voltage is used to power
the first stages of the amplifier through emitter-followers
Q14 and Q1S. Resistor R1 and zener Z1 provide the starting
mechanism for the regulator. After starting, zero volts ap-
pears across D1 taking it out of conduction.

BIASING
Figure 3 shows an AC equivalent circuit of the LM381. The
non-inverting input, Q1, is referenced to a voltage source
two VSE above ground. The output quiescent point is estab-
lished by negative DC feedback through the external divider
R4/RS (Figure 4).

TLlH17376-4

FIGURE 4. Differential Input Biasing

For bias stability, the current through Rs is made ten times
the input current of Q2 (;::: 0.5 I-'A). Then, for the differential
input, resistors Rs and R4 are:

2VSE 1.2
Rs = -- = --- = 240 kO MAXIMUM

10lQ2 5 X 106

(
VCC )R4 = --1 Rs.2.4

TLIH/7376-5

FIGURE 5. Single Ended Input Biasing

When using the single ended input, Q2 is turned OFF and
DC feedback is brought to the emitter of Q1 (Figure 5). The
impedance of the feedback summing point is now two or-
ders of magnitude lower than the base of Q2 (;::: 10 kn).
Therefore, to preserve bias stability, the impedance of the



••••••• , •••• ;;,>\, •••••• a ••••n. ,-,UIIII;;;I H''> .••..IVV fA'1"'\ WVI ~l l,,;i;1::it::l.Illt:trt:nore, Tor

single ended input, resistors R5 and R4 are:

VBE 0.6
R5 = 51FB = 5 X 10-4 = 12000 MAXIMUM (5)

R4 = (VCC - 1) R5' (6)
1.2

FIGURE 6. AC Open Loop

The circuits of Figures 4 and 5 have an AC and DC gain
equal to the ratio R4/R5. To open the AC gain, capacitor C2
is used to shunt R5 (Figure 6). The AC gain now approaches
open loop. The low frequency 3 dB corner, fo, is given by:

fo = AocR where: Ao = open loop gain (7)
211 2 4

TAPE PLAYBACK PREAMPLIFIER

Figure 7 shows the LM381 in a flat response tape playback
configuration. The mid-band gain is set by resistor ratio

(R4 + R6)/R6 (8)

-::r C2

TL/H/7376-7

FIGURE 7. Flat Response Tape Amplifier

Capacitor C2 sets the low frequency 3 dB corner where
XC2 = R6

.,••••~ \.,"'" Q,lt't-"'"IQI uallUWIUlil ClllU UIU~ t:lllflllflCllt::l fllgn fre-
quency noise. Capacitor C3 accomplishes this by shunting
the internal pole-splitting capacitor (Cl), limiting the band-
width of the amplifier. Thus, the high frequency 3 dB corner
is set by C3 according to equation 10.

C3 = 1__ - 4 X 10-12
A

211f3re 10 20

f3 = high frequency 3 dB corner

re = first stage small-signal emitter resistance
:::::2.6kO

A = mid-band gain in dB

For music applications, response shaping is required to pro-
vide the NAB standard tape playback equalization. Figure 8
shows the NAB equalization characteristic.
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FIGURE 8. NAB Equalization Characteristic

The NAB response is achieved with the circuit of Figure 9.
Resistors R4 and R5 set the DC bias and are chosen ac-
cording to equations 3 and 4 for differential input operation

'I' C2

FIGURE 9. NAB Tape Preamp.

and equations 5 and 6 for the single ended input. The refer-
ence gain of the preamp, above corner frequency f2 (Figure
8), is set by the ratio:

. R7 + R6o dB reference gain = ---. (11)
R6



The corner frequency fz (Figure 8) is determined where
XC4 = R7 and is given by:

1
fz = ---. (12)

27TC4R7

Corner frequency f, is determined where XC4 = R4:

1
f,=--. (13)

27TC4R4

The low frequency 3 dB roll-off point, fo, is set where
XCz = Rs:

1
fo=--. (14)

27TCzRS

Example: Design a NAB equalized preamp for a tape player
requiring 0.5 Vrms output from a head sensitivity of 800 /,-V
at 1 kHz, 3% IPS. The power supply voltage is 24V and the
differential input configuration is used.

1. From equation (3) let Rs = 240 kil.

2. Equation (4) R4 = (VCC -1) Rs2.4

R4 = (24 -1) 2.4 x 10S2.4
R4 = 2.16 X 10s :::: 2.2 Mil

3. For a corner frequency, f, equal to 50 Hz, equation (13)
is used.

1 1
C4 = 27Tf,R4 = 6.28 x 50 x 2.2 X 10S

= 1.44 X 10-9

C4:::: 1500 pF.

4. From Figure 8, the corner frequency fz = 1770 Hz at 3%
IPS. Resistor R7 is found from equation (12).

C
4
= __ I-

27TfzR7 1

R7 = 6.28 x 1770 x 1.5 x 10-9 - 6 X 10
4

(12)

R7:::: 62 kil.

5. The required voltage gain at 1 kHz is:

0.5Vrms
Av = - 6.25 X lOz VIV = 56 dB.

800/,-Vrms

6. From Figure 8 we see the reference frequency gain,
above fz, is 5 dB down from the 1 kHz value or 51 dB
(355 VIV).

Equation (11)

o dB Reference Gain = R7 + Rs = 355Rs

7. For low frequency corner fo = 40 Hz, equation (14)

1 1
Cz =-- =------= 2.21 X lO-s

27TfoRs 6.28 x 40 x 180
Cz :::: 20/,-F.

TL/H17376-10

FIGURE 10. Typical Tape Playback Amplifier

This circuit is shown in Figure 10 and requires approximately
5 seconds to turn-ON for the gain and supply voltage cho-
sen in the example. Turn-ON time can closely be approxi-
mated by:

( 2.4)tON:::: - R4CZ In 1 - - .
VCC

As seen by equation (15), increasing the supply voltage de-
creases turn-ON time. Decreasing the amplifier gain also
decreases turn-ON time by reducing the R4CZ product.

Where the turn-ON time of the circuit of Figure 9 is too long,
the time may be shortened by using the circuit of Figure 11.
The addition of resistor RD forms a voltage divider with Rs'.
This divider is chosen so that zero DC voltage appears

TLlH17376- 11

FIGURE 11. Fast Turn-ON NAB Tape Preamp



across C2. The parallel resistance of R6' and RD is made
equal to the value of R6 found by equation (11). In most
cases the shunting effect of RD is negligible and R6' ;::: R6'

For differential input, RD is given by:

(Vcc - 1.2) R6' (16)
RD= .

1.2
For single ended input:

(Vcc - 0.6) R6'
RD=-----

0.6
In cases where power supply ripple is excessive, the circuit
of Figure 11 cannot be used since the ripple is coupled into
the input of the preamplifier through the divider.

The circuit of Figure 12 provides fast turn-ON while preserv-
ing the 120 dB power supply rejection.

The DC operating point is still established by R4/R5. How-
ever, equations (3) and (5) are modified by a factor of 10 to
preserve DC bias stability.

R6 R6
R5

- '1' cz '1' cz -
TUH/7376-12

FIGURE 12. Two·Pole Fast Turn-On NAB Tape Preamp.

For differential input, equation (3) is modified as:

( A) R _ 2 VSE _ 1.2
3 5 - 100 IQ2 - 50 X 10-6

= 24 kO MAXIMUM.

For single ended input:

E . (A) R _ VSE _ 0.6
quatlon 5 5 - 50 IFS - 50 X 10-4

= 1200 MAXIMUM.

Equations (11), (12) and (14) describe the high frequency
gain and corner frequencies f2 and fo as before. Frequency
f1 now occurs where XC4 equals the composite impedance
of the R4' R6' C2 network as given by equation (18).

C4 = 1 (18)

27Tf1RS[ (R4:
S

R6 r - 1 ]

The turn-ON time becomes:

toN;::: -2~R4C2In (1 - ~). (19)
VCC

Examples: Design an NAB equalized preamp with the fast
turn-ON circuit of Figure 12 for the same requirements as
the previous example.

1. From equation (3A) let R5 = 24 kO.

2. Equation (4) R4 = (VCC - 1) R5
2.4

= (24 _ 1 ) 24 x 103
2.4

R4 = 2.16 X 105;::: 220 kO.

3. From the previous example the reference frequency
gain, above f2, was found to be 51 dB or 355 VIV.

R7 + R6
Equation (11) ~ = 355.

4. The corner frequency f2 is 1770 Hz for 3-% IPS.

1
Equation (12) C4 = -f R

27T 2 7
5. The corner frequency f1 is 50 Hz and is given by equa-

tion (18).

1
(18) C4=---------

27Tf1R6 [(R4:
S

Rsr -1]

6. Solving equations (11), (12), and (18) simultaneously
gives:

R4 (f1 + ~f12 + f1 f2 (Ref. Gain) (20)
Rs = f2 (Ref. Gain)

2.2 x 105 (50 + ~2500 + 50 x 1770 x 355)
R6 = 1770x355

= 1.98 x 103

R6;::: 2kO.

7. From equation (11) R7 = 354 Rs = 708 X 103, R7 ""
680 kO.

1

6.28 x 1770 X 680 X 103

C4 = 1.32 X 10-10;::: 120 pF.

1
C2=--

27TfoRs
1

6.28 X 40 X 2X 103

C2 = 1.99 X 10-6 ;::: 2/LF.



This circuit is shown in Figure 13 and requires only 0.1 sec-
onds to turn-ON.

TAPE RECORD PREAMPLIFIER
When recording, the frequency response is the complement
of the NAB playback equalization, making the composite
record and playback response flat. Figure 14 shows the re-
cord characteristic superimposed on the NAB playback re-
sponse.

100 Hz 1 kHz 10 kHz

TUH/7376-14

FIGURE 14. NAB Record & Playback Equalization
Curve A of Figure 15 shows the response characteristics of
a typical laminated core, quartertrack head.

~ 20

1~

10

100 Hz 1 kHz 10 kHz 100 kHz

TUH/7376-15

FIGURE 15. Recording Head & Preamp.
Response for NAB Equalization

Curve B shows the required preamplifier response to make
the composite. A + B. provide the NAB recording charac-
teristic. This response is obtained with the circuit of Figure
16. Resistors R4 and Rs set the DC bias as before using
equations (3) and (4) for the differential input and equations
(5) and (6) for the single ended input. Resistor Rs and ca-
pacitor C2 set the mid-band gain as before (equations (8)
and (9)). Capacitor Cs sets the high frequency 3 dB point. f3.
(Figure 15) as:

1
f3=-- (21)

27TCsRs

The preamp gain increases at 6 dB/octave above f3 until
R8 = Xes·

1
R8=-- (22)

27Tf4CS

f4 = desired high frequency cutoff

Resistor Rg is chosen to provide the proper recording head
current.

VoRg = . (23)
'RECORD HEAD

L1 and Cs form a parallel resonant bias trap to present a
high impedance to the recording bias frequency and prevent
intermodulation distortion.

Example: A recorder having a 24V power supply uses re-
cording heads requiring 30 !LA AC drive current. A micro-
phone of 10 mV peak output is used. Single ended input is
desired for optimum noise performance.

CT
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1. From equation (5) let Rs = 12000.

2. Equation (6) R4 = (VCC - 1) Rs
1.2

R4 = (24 - 1) 1200.
1.2

R4 = 2.28 X 104 :::: 22 kO.

3. The maximum output of the LM381 is (VCC - 2V)p_p. For
a 24V power supply. the maximum output is 22Vp_p or
7.8 Vrms. Therefore. an output swing of 6 Vrms is reason-
able.

Vo
From equation (23) Rg = -.-----

IRECORD HEAD

6V
Rg = -- = 200 kO.

30!'-A
4. Let the high frequency cutoff f4 = 16 kHz (Figure 15).

The recording head frequency response begins falling off
at approximately 4 kHz. Therefore. the preamp gain must
increase at this frequency to obtain the proper composite
characteristic. The slope is 6 dB/octave for the two oc-
taves between f3 (4 kHz) and the cutoff frequency f4
(16 kHz). Therefore. the mid-band gain lies 12 dB below
the peak gain.

We are allowing 6V rms output voltage swing.

6V
Therefore. the peak gain = 10 mV = 600 or 55.6 dB.

The mid-band gain = 43.6 dB or 150.

5. From equation (8) the mid-band gain =

R4 + Rs = 150.
Rs

R4 22 X 103
Rs = 149 = ~ = 147.7

Rs:::: 1500.

1
C2=--

21TfoRs

1

6.28 x 50 x 150

= 2.12 x lO-s

C2:::: 20 !,-F.

1
7. Equation (21) Cs = ---

21Tf3RS

1

6.28 x 4 x 103 X 150

= 2.66 x 10-7

Cs:::: 0.27!,-F.

1
8. Equation (22) Rs = --

21Tf4CS
1

6.28 x 16 x 103 X 2.7 X 10-7

PHONO PREAMPLIFIER
Crystal and ceramic phono cartridges provide output levels
of 100 mV to 2V and therefore do not require preamplifica-
tion. Magnetic cartridges. however, provide much lower out-
puts as shown in Table 2.

Manufacturer Model Output At 5 em/see

Empire Scientific 999 5mV
888 8mV

Shure V-15 3.5mV
M91 5mV

Pickering V-15AT3 5mV

CT
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Output voltage is specified for a given modulation velocity.
The magnetic pickup is a velocity device, therefore, output
is proportional to velocity. For example, a cartridge produc-
ing 5 mV at 5 em/see will produce 1 mVat 1 em/see and is
specified as having a sensitivity of 1 mV/cm/sec.

In order to transform cartridge sensitivity into useful preamp
design information, we need to know typical and maximum
modulation velocity limits of stereo records.

The RIM recording characteristic establishes a maximum
recording velocity of 25 centimeters per second in the range
of 800 to 2500 Hz. Typically, good quality records are re-
corded at a velocity of 3 to 5 em/sec.

Figure 18 shows the RIM playback equalization. This re-
sponse is obtained with the circuit of Figure 19.

Resistors R4 and R5 set the DC bias (equations (3) and (4),
or (5) and (6)). The 0 dB reference gain is set by the ratio:

R10 + Rso dB Ref Gain = Rs .

f,

"
"

30
10 Hz 100 Hz 1 kHz 10 kHz 100 kHz

TL/H/7376-16

FIGURE 18. RIAA Playback Equalization

The corner frequency, f1, (Figure 18) is established where
XC7 = R40r:

ff+

MAGNETIC
CARTRIDGE 12.13

DR 3. 121

1'C2
FIGURE 19. RIAA Phono Preamp.

Likewise, frequency f2 occurs where XC7 = R10 or:

1
C7 = ---. (26)

27Tf2R10

The third corner frequency, f3, is determined where
Xes = RlO:

1
Cs = ---. (27)

27Tf3RlO

Resistor Rz is used to insert a zero in the feedback loop
since the LM381 is not compensated for unity gain. Either
Rz is required to provide a zero at or above a gain of 20 dB
(Rz = 10 Rs), or external compensation is provided for uni-
ty gain stability according to equation (10).

Example: Design a phonograph preamp operating from a
30 volt supply, with a cartridge of 0.5 mV/cm/sec sensitivi-
ty, to drive a power amplifier of 5 Vrms input overload limit.

1. From equation (3) let R5 = 100 kn.

2. Equation (4) R4 = (VCC - 1) R5
2.4

= (30 _ 1) 105
2.4

R4 = 11.5 X 105;::: 1.2 Mn.

1
3. Equation (25) C7 = --

27Tf1R4
1

6.28 x 50 x 1.2 X 10s

= 2.65 X 10-9

C7 ;::: .003p.F.

1
C7=---

27Tf2RlO;

1
R10 = 6.28 x 500 x 3 X 10-9

= 1.03 X 105

R10;::: 100 kn.

5. The maximum cartridge output at 25cm/sec is:

(0.5 mV/cm/sec) x (25 em/see) = 12.5 mY. The re-
quired mid-band gain is therefore:

5V rms _ 400.
12.5 mV rms

6. Equation (24)

RlO + Rso dB Ref. Gain = Rs = 400;

lOOk
Rs = 399 = 251 ;::: 240n

Rz = 10 Rs = 2400n.

7. Equation (9)

C = _1_ = 1 = 1.7 X 10-5
2 27TfoRs 6.28 x 40 x 240

C2;::: 20 p.F.
8. Equation (27)

1Cs=---
27Tf3RlO

1

6.28 x 2200 x 6.8 Xl 04

= 7.23 X 10-10



The completed design is shown in Figure 20 where a 47 kO
input resistor has been included to provide the RIM stan-
dard cartridge load.

TlIH/7376-20

FIGURE 20. Typical Magnetic Phono Preamp.

TONE CONTROLS

Most tape and phonograph applications require bass and
treble tone controls. Due to the insertion loss of the tone
control. (equal to the available boost). it has been normal to
use two preamplifiers with the control placed between them.
However. due to the excellent gain and large output capabil-
ity of the LM381. only a single preamp is required.

INPUT INPUT

1
Rl2 Cl2

C9
Rl.

.9 .9
Rl3 OUTPUT Rl3 OUTPUT

.1 CIO
Rl5

Figure 21 shows the bass and treble tone controls. The po-
tentiometers. R13. are audio taper; i.e .• at the center of shaft
rotation the wiper is at the 90%-10% point of the total re-
sistance. Both controls are simple AC dividers. with the flat
response position where the signal is attenuated from the
"full boost".

In the bass control the ratio of resistors R11/R12 and
R12/R13 determine the degree of "boost" and "cut". For

example. if 20 dB of "boost" and "cut" is desired. the ratio
R11/R12 and R12/R13 is 20 dB or 10:1. The low frequency
control point. fl, (Figure 22) is set where Xcg R12 and
XClO = R11·

1
Cg=---

21Tfl R12 •

1
ClO=---'

21TflR11

...•b-
F~l~ ~~Ios~ 1/r

t III I
r--. \ 1/2 BOOST ~

..... \ ~
,'/ :--
I

f1 f2 ;>.i;' III
11/2 CUT
II I I

V FI~~l fur
20

10 Hz 100 Hz 1 kHz 10 kHz 100 kHz

Tl/HI7376-22

FIGURE 22. Bass & Treble Tone Control Response
for 20 dB Boost & Attenuation

The treble control is the analogue of the bass control with
the resistor and capacitor dividers reversed. The ratio of
reactance of Cll /C12 is set equal to the amount of "boost"
and "cut". The high frequency control point, f2. is estab-
lished where XC12 = R13.

1
C12 = ---. (30)

21Tf2R13

1
R14=---'

21Tf2C12

1
R15=---'

21Tf2C11

Figure 23 shows one channel of a practical preamplifier for
a stereo phonograph. The preamp is complete with RIM
equalization, bass and treble tone control, balance control
and volume control.

AUDIO MIXER

In many audio applications it is desirable to provide a mixer
to combine or select several inputs. Such applications in-
clude public address systems where more than one micro-
phone is used; tape recorders, high fidelity phonographs,
guitar amplifiers, etc.
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FIGURE 23. Single Channel of Complete Phono Preamp.

Figure 24 shows the LM381 in a mixer configuration. Inputs
at A, B, C,-N can be selected and combined (summed) with
potentiometers RA, RB, Re,-RN. Resistors R4 and Rs es-
tablish the DC quiescent point in accordance with equations
(3A) and (4). (Only the differential input configuration is used
in the mixer application since the high source impedance of
the input potentiometers would negate any advantage of the
single ended input.) Input bias current is supplied through
resistor RF. Therefore, an upper limit of RF should be estab-
lished to avoid output offset voltage problems. A safe upper
limit is to let:

lAy I = R4RF + R4RS + RsRF (34)
A, B, e Rs(RA,B,e + RSA,B,C>

Where the values of RF and the source impedance, Rs, are
such that the gain of the circuit of Figure 24 is inadequate,
the configuration of Figure 25 may be used.

VOLUME
50K

+-oTOPOWER

':" AMP J .02

I
I , RN I

N~-~~-~-'"I'

The voltage gain of the mixer is now:

IAyl = RF (35)
RA,B,e + RSA,B,e

Since resistor RF is no longer required to supply the input
bias current, it does not have the upper limit as in the previ-
ous circuit. Therefore, the open loop gain of the LM381 can
be realized. Capacitor Cl, shunts the AC feedback of the
R4 -Rs network and is found by:

~
1020

Cl=---
21TfoR4

Ao = amplifier open loop gain in dB

fo = low frequency 3 dB corner

Example: Design a microphone mixer for use with 6000 dy-
namic microphones with an output level of 10 mY. The mix-
er should operate from a 24V supply and deliver 5 volts
output. A dynamic range of 80 dB is desired.



~
CDZ 1. From equation (3A) Rs = 24 kO

c( 2. Equation (4)

R4 = (vce - 1) Rs
2.4

R4 = (24 - 1 ) 24 x 1032.4
R4 = 2.16 X 105:::: 220 kO

3. For 5V output:

Gain =~= 500
10mV

4. For 80 dB dynamic range:

Attenuation = 500 = 5 X 10-2
80dB

5. Equation (34)

IAvl = R4RF + R4RS + RsRF
Rs(RA,B,C + Rs)

RF = IAvl Rs(RA,B,C + Rs) - R4RS
R4 + Rs

At maximum volume: RA,B,C, = 0, Gain = 500

R _ 500 x 2.4 X 104 (0 + 600) - (2.2 X 105) (2.4 X 104)
F - 2.2 x 105 + 2.4 x 104

At maximum attenuation:

R4RF + R4Rs + RsRF - IAvl RsRsR c-A,B, - AvRs

RA,B,C = 5.99 x 106 :::: 5MO

24V

CONCLUSION
The applications presented in this note are by no means
exhaustive. The LM381 is a widely versatile low noise, high
gain, wide band gain block and, as such has many applica-
tions outside the audio spectrum.



LM380 Power Audio
Amplifier

INTRODUCTION
The LM380 is a power audio amplifier intended for consum-
er applications. It features an internally fixed gain of 50
(34 dB) and an output which automatically centers itself at
one-half of the supply voltage. A unique input stage allows
inputs to be ground referenced or AC coupled as required.
The output stage of the LM380 is protected with both short
circuit current limiting and thermal shutdown circuitry. All of
these internally provided features result in a minimum exter-
nal parts count integrated circuit for audio applications.

This paper describes the circuit operation of the LM380. its
power handling capability, methods of volume and tone con-
trol, distortion, and various application circuits such as a
bridge amplifier, a power supply splitter, and a high input
impedance audio amplifier.

CIRCUIT DESCRIPTION
Figure 1 shows a simplified circuit schematic of the LM380.
The input stage is a PNP emitter-follower driving a PNP dif-
ferential pair with a slave current-source load. The PNP

National Semiconductor
Application Note 69

input is chosen to reference the input to ground. thus en-
abling the input transducer to be directly coupled.

The output is biased to half the supply voltage by resistor
ratio R1/R2. Negative DC feedback, through resistor R2.
balances the differential stage with the output at half supply,
since R1 = 2 R2 (Figure 1).

The second stage is a common emitter voltage gain amplifi-
er with a current-source load. Internal compensation is pro-
vided by the pole-splitting capacitor C'. Pole-splitting com·
pensation is used to preserve wide power bandwidth
(100 kHz at 2W, 80). The output is a quasi-complementary
pair emitter-follower.

The amplifier gain is internally fixed to 34 dB or 50. This is
accomplished by the internal feedback network R2-R3. The
gain is twice that of the ratio R2/R3 due to the slave current-
source which provides the full differential gain of the input
stage.

TABLE I. Electrical Characteristics (Note 1)

Conditions Mln

Power Output (rms)
Gain
Output Voltage Swing
Input Resistance
Total Harmonic Distortion
Power Supply Rejection

Po = 1W, (Notes 4 & 5)
Cbypass = 5 fLF, t = 120 Hz
(Note 2)

Supply Voltage Range
Bandwidth
Quiescent Output Voltage
Quiescent Supply Current
Short Circuit Current

Wrms
VIV
Vp_p
o

50
14

150k
0.2
38

100k
9
7

1.3
Note 1: Vs = laV; TA = 25°C unless otherwise specified.

Note 2: Rejection ratio referred to output.

Note 3: With device Pins 3, 4, 5, 10, 11, 12 soldered into a Y16- epoxy glass board with 2 ounce copper foil with a minimum surface of six square inches.

Note 4: If oscillation exists under some load conditions. add a 2.70 resistor and 0.1 JLF series network from Pin 8 to ground.
Note 5: CbypaSS ~ 0.47 I'F on Pin 1.
Note 6: Pins3,4,5,10,11,12 at 5erCderates25-C/W above5erCcase.
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Rl

25K

GENERAL OPERATING CHARACTERISTICS
The output current of the LM380 is rated at 1.3A peak. The
14 pin dual-in-Iine package is rated at 3S'C/W when sol-
dered into a printed circuit board with 6 square inches of 2
ounce copper foil (Figure 2). Since the device junction tem-
perature is limited to lS0'C via the thermal shutdown circuit-
ry, the package will support 3 watts dissipation at SO'C am-
bient or 3.7 watts at 2S'C ambient.
Figure 2 shows the maximum package dissipation versus
ambient temperature for various amounts of heat sinking.
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FIGURE 2. Device Dissipation vs Ambient Temperature

Figures 3a, b, and c show device dissipation versus output
power for various supply voltages and loads.
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,uweo Ol55'pal,on, rlgures CIS,0 anO c snow the maximum
power supply allowed (to stay within dissipation limits) and
the output power delivered into 4, 8 or 160 loads. The three
percent total-harmonic distortion line is approximately the
on-set of clipping.
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FIGURE 4. Total Harmonic Distortion vs Frequency

Figure 4 shows total harmonic distortion versus frequency
for various output levels, while Figure 5 shows the power
bandwidth of the LM380.
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FIGURE 5. Output Voltage Gain vs Frequency

Power supply decoupling is achieved through the AC divider
formed by Rl (Figure 1) and an external bypass capacitor.
Resistor Rl is split into two 25 kO halves providing a high
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z:;
~38118
§
co
>- lid.

~

TL/H/7360-6
FIGURE 6. Supply Decoupllng vs Frequency

The simplified schematic of Figure 1 shows that the LM380
is internally biased with the 150 kO resistance to ground.
This enables input transducers which are referenced to
ground to be direct-coupled to either the inverting or non-in-
verting inputs of the amplifier. The unused input may be
either: 1) left floating, 2) returned to ground through a resis-
tor or capacitor or 3) shorted to ground. In most applications
where the non-inverting input is used, the inverting input is
left floating. When the inverting input is used and the non-in-
verting input is left floating, the amplifier may be found to be
sensitive to board layout since stray coupling to the floating
input is positive feedback. This can be avoided by employ-
ing one of three alternatives: 1) AC grounding the unused
input with a small capacitor. This is preferred when using
high source impedance transducer. 2) Returning the unused
input to ground through a resistor. This is preferred when
using moderate to low DC source impedance transducers
and when output offset from half supply voltage is critical.
The resistor is made equal to the resistance of the input
transducer, thus maintaining balance in the input differential
amplifier and minimizing output offset. 3) Shorting the un-
used input to ground. This is used with low DC source im-
pedance transducers or when output offset voltage is non-
critical.

OSCilLATION

The normal power supply decoupling precautions should be
taken when installing the LM380. If Vs is more than 2" to 3"
from the power supply filter capacitor it should be decou-
pled with a 0.1 J-LFdisc ceramic capacitor at the Vs terminal
of the IC.

The Rc and Cc shown as dotted line components on Figure
1and throughout this paper suppresses a 5 to 10 MHz

y.

"For Stability With High Current Loads

FIGURE 7. Minimum Component Configuration

small amplitude oscillation which can occur during the nega-
tive swing into a load which draws high current. The oscilla-
tion is of course at too high of a frequency to pass through a
speaker, but it should be guarded against when operating in
an RF sensitive environment.



APPLICATIONS
With the internal biasing and compensation of the LM380,
the simplest and most basic circuit configuration requires
only an output coupling capacitor as seen in Figure 7.

An application of this basic configuration is the phonograph
amplifier where the addition of volume and tone controls is
required. Figure 8 shows the LM380 with a voltage divider
volume control and high frequency roll-off tone control.

Co
500_,

~;n~Co· - -

o.h' '*' on-=-

TUH/7380-10

"For Stability with High Current Loads
FIGURE 8. Phono Amp

When maximum input impedance is required or the signal
attenuation of the voltage divider volume control is undesir-
able, a "common mode" volume control may be used as
seen in Figure 9.

"For Stability with High Current Loads
FIGURE 9. "Common Mode" Volume Control

With this volume control the source loading impedance is
only the input impedance of the amplifier when in the full-
volume position. This reduces to one-half the amplifier input
impedance at the zero volume position. Equation 1 de-
scribes the output voltage as a function of the potentiome-
ter setting.

(
150 x 103 )Vour = 50VIN 1 - -------

k1RV + 150 x 103 0 <:k1<:1 (1)

"For Stability with High Current Loads

"Audio Tape Potentiometer (10% of RT at 50% Rotation)
FIGURE 10. "Common Mode" Volume and Tone Control
This "common mode" volume control can be combined with
a "common mode" lOne control as seen in Figure 10.

This circuit has a distinct advantage over the circuit of Fig-
ure 7 when transducers of high source impedance are used,
in that, the full input impedance of the amplifier is realized. It
also has an advantage with transducers of low source im-
pedance since the signal attenuation of the input voltage
divider is eliminated. The transfer function of the circuit of
Figure 10 is given by:

Figure 11 shows the response of the circuit of Figure 10.
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FIGURE 11. Tone Control Response
Most phonograph applications require frequency response
shaping to provide the RIM equalization characteristic.
When recording, the low frequencies are attenuated to pre-
vent large undulations from destroying the record groove
walls. (Bass tones have higher energy content than high
frequency tones). Conversely, the high frequencies are em-
phasized to achieve greater signal-to-noise ratio. Therefore,
when played back the phono amplifier should have the in-
verse frequency response as shown in Figure 12.
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FIGURE 12. RIAA Playback Equalization

This response is achieved with the circuit of Figure 13.

The mid-band gain, between frequencies f2 and f3, Figure
12, is established by the ratio of R1 to the input resistance
of the amplifier (150 kO).



R1 + 150 kO
Mid-band Gain = 150 kO

, For Stability with High Current Loads

FIGURE 13. RIAA Phono Amplifier

Capacitor C1 sets the corner frequency f2 where
R1 = XC1·

1
C1 = 21Tf2R1 (4)

Capacitor C2 establishes the corner frequency f3 where Xc2
equals the impedance of the inverting input. This is normally
150 kO. However, in the circuit of Figure 13 negative feed-
back reduces the impedance at the inverting input as:

Z=~ 1 + Aof3 (5)

Where:

Zo = impedance at node 6 without external feedback
(150 kO)

Ao = gain without external feedback (50)

fJ = feedback transfer function fJ = Ao - A
AoA

A = closed loop gain with external feedback.

Therefore

1
C2=------

21Tf3(~)
1 + AofJ

BRIDGE AMPLIFIER

Where more power is desired than can be provided with one
amplifier, two amps may be used in the bridge configuration
shown in Figure 14.

1

f ( 150k )21T3 1 + 50fJ

'For Stability with High Current Loads

FIGURE 14. Bridge Configuration

This provides twice the voltage swing across the load for a
given supply, thereby, increasing the power capability by a

factor of four over the single amplifier. However, in most
cases the package dissipation will be the first parameter
limiting power delivered to the load. When this is the case,
the power capability of the bridge will be only twice that of
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FIGURE 15A. SO Load

the single amplifier. Figures ISA and B show output power
versus device package dissipation for both 8 and 160 loads
in the bridge configuration. The 3% and 10% harmonic
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FIGURE 15B. 160 Load

distortion contours double back due to the thermal limiting
of the LM380. Different amounts of heat sinking will change
the point at which the distortion contours bend.

The quiescent output voltage of the LM380 is specified at 9
± 1 volts with an 18 volt supply. Therefore, under the worst
case condition, it is possible to have two volts DC across
the load.

• For Stability with High Current Loads

FIGURE 16. Quiescent Balance Control

With an 80 speaker this 0.25A which may be excessive.
Three alternatives are available; 1) care can be taken to
match the quiescent voltages, 2) a non-polar capacitor may
be placed in series with the load, 3) the offset balance con-
trol of Figure 16 may be used.
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The circuits of Figures 14 and 16 employ the "common
mode" volume control as shown before. However, any of
the various input connection schemes discussed previously
may be used. Figure 17 shows the bridge configuration with
the voltage divider input. As discussed in the "Biasing"
section the undriven input may be AC or DC grounded. If Vs
is an appreciable distance from the power supply (>3") fil-
ter capacitor it should be decoupled with a 1 ,.,.F tantaulum
capacitor.

INTERCOM
The circuit of Figure 18 provides a minimum component in-
tercom. With switch S1 in the talk position, the speaker of
the master station acts as the microphone with the aid of
step-up transformer T1.
A turns ratio of 25 and a device gain of 50 allows a maxi-
mum loop gain of 1250. Rv provides a "common mode"
volume control. Switching S1 to the listen position reverses
the role of the master and remote speakers.

LOW COST DUAL SUPPLY

The circuit shown in Figure 19 demonstrates a minimum
parts count method of symmetrically splitting a supply volt-
age. Unlike the normal R, C, and power zener diode tech-
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FIGURE 19. Dual Supply
nique the LM380 circuit does not require a high standby
current and power dissipation to maintain regulation.
With a 20 volt input voltage (± 10 volt output) the circuit
exhibits a change in output voltage of approximately 2% per
100 mA of unbalanced load change. Any balanced load
change will reflect only the regulation of the source voltage
VIN·
The theoretical plus and minus output tracking ability is
100% since the device will provide an output voltage at
one-half of the instantaneous supply voltage in the absence
of a capacitor on the bypass terminal. The actual error in



tracking will be directly proportional to the unbalance in the
quiescent output voltage. An optional potentiometer may be
placed at pin 1 as shown in Figure 19 to null output offset.
The unbalanced current output for the circuit of Figure 18 is
limited by the power dissipation of the package.
In the case of sustained unbalanced excess loads. the de-
vice will go into thermal limiting as the temperature sensing
circuit begins to function. For instantaneous high current
loads or short circuits the device limits the output current to
approximately 1.3 amperes until thermal shut-down takes
over or until the fault is removed.

HIGH INPUT IMPEDANCE CIRCUIT
The junction FET isolation circuit shown in Figure 20 raises
the input impedance to 22 MO for low frequency input sig-
nals. The gate to drain capacitance (2 pF maximum for the
KE4221 shown) of the FET limits the input impedance as
frequency increases.

Vs

FIGURE 20

At 20 kHz the reactance of this capacitor is approximately
-j4 MO giving a net input impedance magnitude of 3.9 MO.
The values chosen for R1' R2 and C1 provide an overall
circuit gain of at least 45 for the complete range of parame-
ters specified for the KE4221.
When using another FET device the relevant design equa-
tions are as follows:

Ay= (~)(50)
R1 +-gm

gm = gmo (1 - V~pS) (8)

VGS= IDSR1 (9)

IDS= IDSS(1 - Vv:
SY (10)

The maximum value of R2 is determined by the product of
the gate reverse leakage IGSSand R2. This voltage should
be 10 to 100 times smaller than Vp. The output impedance
of the FET source follower is:

1
Ro=- (11)gm

so that the determining resistance for the interstage RC
time constant is the input resistance of the LM380.

BOOSTED GAIN USING POSITIVE FEEDBACK
For applications requiring gains higher than the internally
set gain of 50, it is possible to apply positive feedback
around the LM380 for closed loopgains of up to 300. Figure
21 shows a practical example of an LM380 in a gain of 200
circuit.

FIGURE 21. Boosted Gain of 200
Using Positive Feedback

The equation describing the closed loop gain is:

AYGL= -Ay(.,)
Ay(.,) (12)

1 -
1 + R1

R2
where Ay(.,) is complex at high frequencies but is nominally
the 40 to 60 specified on the data sheet for the pass band
of the amplifier. If 1 + R11R2 approaches the value of
Ay(.,), the denominator of equation 12 approaches zero, the
closed loop gain increases toward infinity, and the circuit
oscillates. This is the reason for limiting the closed loop gain
values to 300 or less. Figure 22 shows the loaded and un-
loaded bode plot for the circuit shown in Figure 21.
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FIGURE 22. Boosted Gain Bode Plot
The 24 pF capacitor C2 shown on Figure 21 was added to
give an overdamped square wave response under full load
conditions. It causes a high frequency roll-off of:

1
f2 = 27TR2C2 (13)

The circuit of Figure 21 will have a very long (1000 sec) turn
on time if RL is not present, but only a 0.01 second turn on
time with an 80 load.
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~ Micropower Circuits Using

the LM4250 Programmable
OpAmp .

INTRODUCTION
The LM4250 is a highly versatile monolithic operational am-
plifier. A single external programming resistor determines
the quiescent power dissipation. input offset and bias cur-
rents. slew rate. gain-bandwidth product. and input noise
characteristics of the amplifier. Since the device is in effect
a different op amp for each externally programmed set cur-
rent. it is possible to use a single stock item for a variety of
circuit functions in a system.

This paper describes the circuit operation of the LM4250.
various methods of biasing the device. frequency response
considerations. and some circuit applications exercising 'the
unique characteristics of the LM4250.

CIRCUIT DESCRIPTION LM4250
The LM425() has two special features when compared with
other monolithic operational amplifiers. One is the ability to
externally set the bias current levels of the amplifiers. and
the other is the use of PNP transistors as the differential
input pair.

,.-
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~CURRENT SET
R5

l
AsH

v·

QFFSET 5
NUll

National Semiconductor
Application Note 71
George Cleveland

Aeferring to Figure 1. 01 and 02 are high current gain later-
al PNPs connected as a differential pair. A1 and A2 provide
emitter degeneration for greater stability at high bias cur-
rents. as and 04 are used as active loads for 01 and 02 to
prOVide high gain and also form a current inverter to provide
the maximum drive for the single ended output into as. as is
an emitter follower which prevents loading of the input stage
by the succeeding amplifier stage.

One advantage of this lateral PNP input stage is a common
mode swing to within 200 mV of the negative supply. This
feature is especially useful in single supply operation with
signals referred to ground. Another advantage is the almost
constant input bias current over a wide temperature range.
The input resistance RIN is approximately equal to 213 (RE
+ re) where {3 is the current gain. re is the emitter resist-
ance of one of the input lateral PNPs. and RE is the resist-
ance of one of the 10 kO emitter resistor. Using a DC beta
of 100 and the normal temperature dependent expression
for regives:



kT
RIN:::: 2MO + 2-

1
(1)

qs
where Is is input bias current. At room temperature this for-
mula becomes:

52 mY
RIN:::: 2MO+--

Is

2
~ 10
z«

1.0 10 100

ISET ,"AI

FIGURE 2. Input Resistance vs ISET

Figure 2 gives a typical plot of RIN vs lset derived from the
above equation.

Continuing with the circuit description, 06 level shifts down-
ward to the base of Oa which is the second stage amplifier.
Oa is run as a common emitter amplifier with a current
source load (012) to provide maximum gain. The output of
Oa drives the class B complementary output stage com·
posed of 015 and ala.
The bias current levels in the LM4250 are set by the amount
of current (Isell drawn out of Pin 6. The constant current
sources aID, all, and 012 are controlled by the amount of
Iset current through the diode connected transistor Og and
resistor Rg. The constant collector current from 010 biases
the differential input stage. Therefore, the level 010 is set at
will control such amplifier characteristics as input bias cur-
rent, input resistance, and amplifier slew rate. Current
source all biases 05 and 06. The current ratio between 05
and 06 is controlled by constant current sink 07. Current
source 012 sets the currents in diodes 013 and 014 which
bias the output stage to the verge of conduction thereby
eliminating the dead zone in the class B output. 012 also
acts as the load for Oa and limits the drive current to 015.

The output current limiting is provided by 016 and 017 and
their associated resistors R16 and R17. When enough cur·
rent is drawn from the output, 016 turns on and limits the
base drive of 015. Similarly 017 turns on when the LM4250
attempts to sink too much current, limiting the base drive of
ala and therefore output current. Frequency compensation
is provided by the 30 pF capacitor across the second stage
amplifier, Oa, of the LM4250. This provides a 6 dB per oc-
tave rolloff of the open loop gain.

BIAS CURRENT SETTING PROCEDURE

The single set resistor shown in Figure 38 offers the most
straightforward method of biasing the LM4250. When the
set resistor is connected from Pin 6 to ground the resistance
value for a given set current is:

Y+ -0.5
RSEl = --- (3)

ISET
The 0.5 volts shown in Equation 3 is the voltage drop of the
master bias current diode connected transistor on the inte-

grated circuit chip. In applications where the regulation of
the Y+ supply with respect to the Y- supply (as in the case
of tracking regulators) is better than the Y + supply with
respect to ground the set resistor should be connected from
Pin 6 to Y-. RSEl is then:

Y+ + IY-I-0.5 (4)
RSET = ------

ISET
The transistor and resistor scheme shown in Figure 3b al-
lows one to switch the amplifier off without disturbing the
main Y+ and Y- power supply connections. Attaching Cl
across the circuit prevents any switching transient from ap-
pearing at the amplifier output. The dual scheme shown in
Figure 3c has a constant set current flowing through RSI
and a variable current through RS2. Transistor 02 acts as an
emitter follower current sink whose value depends on the
control voltage Yc on the base. This circuit provides a meth-
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FIGURE 3. Biasing Schemes

od of varying the amplifier's characteristics over a limited
range while the amplifier is in operation. The FET circuit
shown in Figure 3d covers the full range of set currents in
response to as little as a 0.5Ygate potential change on a
low pinch-off voltage FET such as the 2N3667. The limit
resistor prevents excessive current flow out of the LM4250
when the FET is fully turned on.

FREQUENCY RESPONSE OF A
PROGRAMMABLE OP AMP

This section provides a method of determining the sine and
step voltage response of a programmable op amp. Both the
sine and step voltage responses of an amplifier are modified
when the rate of change of the output voltage reaches the
slew rate limit of the amplifier. The following analysis devel-



ops the Bode plot as well as the small signal and slew rate
limited responses of an amplifier to these two basic catego-
ries of waveforms.

SMALL SIGNAL SINE WAVE RESPONSE

The key to constructing the Bode plot for a programmable
op amp is to find the gain bandwidth product, GBWP, for a
given set current. Quiescent power drain, input bias current,
or slew rate considerations usually dictate the desired set
current. The data sheet curve relating GBWP to set current
provides the value of GBWP which when divided by one
yields the unity gain crossover of fu. Assuming a set current
of 6 p.A gives a GBWP of 200,000 Hz and therefore an fu of
200 kHz for the example shown in Figure 4. Since the de-
vice has a single dominant pole, the rolloff slope is - 20 dB
of gain per decade of frequency (-6 dB/octave). The dot-
ted line shown on Figure 4 has this slope and passes

.0
ISET• SpA
GBWP• 200.000Hz

I

f, ••• ~

SLOPE OF
-20 dB PER
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I
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o
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FIGURE 4. Bode Plot

through the 200 kHz fu point. Arbitrarily choosing an invert-
ing amplifier with a closed loop gain magnitude of 50 deter-
mines the height of the 34 dB horizontal line shown in Fig-
ure 4. Graphically finding the intersection of the sloped line
and the horizontal line or mathematically dividing GBWP by
50 determines the 3 dB down frequency of 4 kHz for the
closed loop response of this amplifier configuration. There-
fore, the amplifier will now apply a gain of - 50 to all small
signal sine waves at frequencies up to 4 kHz. For frequen-
cies above 4 kHz, the gain will be as shown on the sloped
portion of the Bode plot.

SMALL SIGNAL STEP INPUT RESPONSE

The amplifier's response to a positive step voltage change
at the input will be an exponentially rising waveform whose
rise time is a function of the closed loop 3 dB down band-
width of the amplifier. The amplifier may be modeled as a
single pole low pass filter followed by a gain of 50 wideband
amplifier. From basic filter theory', the 10% to 90% rise
time of a single pole low pass filter is:

t = 0.35 (5)
r f3dB

For the example shown in Figure 4 the 4 kHz 3 dB down
frequency would give a rise time of 87.5 p.s.

SLEW RATE LIMITED LARGE SIGNAL RESPONSE

The final consideration, which determines the upper speed
limitation on the previous two types of signal responses, is
the amplifier slew rate. The slew rate of an amplifier is the
maximum rate of change of the output signal which the am-
plifier is capable of delivering. In the case of sinosoidal sig-
nals, the maximum rate of change occurs at the zero cross-
ing and may be derived as follows:
·see reference.

Vo = Vp sin 21Tft

dVodt = 21T f Vp cos 21T ft

dVol = 21TfVp
dt t = 0

Vo = Ou1put voltage

Vp = peak output voltage

. dVo
Sr = maximum (jt

The maximum sine wave frequency an amplifier with a given
slew rate will sustain without causing the output to take on a
triangular shape is therefore a function of the peak ampli-
tude of the output and is expressed as:

Sr
fMAX = -- (10)

21T Vp
Figure 5 shows a quick reference graphical presentation of
this formula with the area below any Vpeak line representing
an undistorted small signal sine wave response for a given
frequency and amplifier slew rate and the area above the
Vpeak line representing a distorted sine wave response due
to slew rate limiting for a sine wave with the given Vpeak'
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FIGURE 5. Frequency va Slew Rate Limit va Peak
Output Voltage

Large signal step voltage changes at the output will have a
rise time as shown in equation 5 until a signal with a rate of
output voltage change equal to the slew rate of the amplifier
occurs. At this point the output will become a ramp function
with a slope equal to Sr. This action occurs when:

S ~ Vstep (11)
r lr
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FIGURE 6. Slew Rate va Rlae Time va Step Voltage



Figure 6 graphically expresses this formula and shows the
maximum amplitude of undistorted step voltage for a given
slew rate and rise time. The area above each step voltage
line represents the undistorted low pass filter type response
mode of the amplifier. If the intersection of the rise time and
slew rate values of a particular amplifier configuration falls
below the expected step voltage amplitude line, the rise
time will be determined by the slew rate of the amplifier. The
rise time will then be equal to the amplitude of the step
divided by the slew rate Sr.

FULL POWER BANDWIDTH

The full power bandwidth often found on amplifier specifica-
tion sheets is the range of frequencies from zero to the
frequency found at the intersection on Figure 5 of the maxi-
mum rated output voltage and the slew rate Sr of the ampli-
fier. Mathematically this is:

Sr
ffull power = -2 V (12)

1r rated
The full power bandwidth of a programmable amplifier such
as the LM4250 varies with the master bias set current.

The above analysis of sine wave and step voltage amplifier
responses applies for all single dominant pole op amps
such as the LM101A, LM1107, LM10SA, LM112, LM11S,
and LM741 as well as the LM4250 programmable op amp.

500 MANO-WATT X10 AMPLIFIER

The X10 inverting amplifier shown in Figure 7 demonstrates
the low power capability of the LM4250 at extremely low
values of supply voltage and set current. The circuit draws
260 nA from the + 1.0V supply of which 50 nA flows
through the 12 Mfi set resistor. The current into the -1.0V
supply is only 210 nA since the set resistor is tied to ground
rather than V-. Total quiescent power dissipation is:

Po = (260 nA)(1V) + (210 nA)(1V) (13)

Po = 470 nW (14)

The slew rate determined from the data sheet typical per-
formance curve is 1 V/ms for a .05,...A set current. Samples
of actual values observed were 1.2 V/ms for the negative
slew rate and 0.S5 V/ms for the positive slew rate. This
difference occurs due to the non-symmetry in the current
sources used for charging and discharging the internal 30
pF compensation capacitor.

The 3 dB down (gain of - 7.07) frequency observed for this
configuration was approximately 300 Hz which agrees fairly
closely with the 3.5 kHz GBWP divided by 10 taken from an
extrapolation of the data sheet typical GBWP versus set
current curve.

Peak-to-peak output voltage swing into a 100 kfi load is
0.7V or ±0.35V peak. An increase in supply voltage to
± 1.35V such as delivered by a pair of mercury cells directly
increases the output swing by ±0.35V to 1.4V peak-to-
peak. Although this increases the power dissipation to ap-
proximately 1 ,...W per battery, a power drain of 15 ,...W or
less will not affect the shelf life of a mercury cell.

3.3M

FIGURE 7. 500 nW x 10 Amplifier

MICRO-POWER MONITOR WITH HIGH CURRENT
SWITCH

Figure 8 shows the combination of a micro-power compara-
tor and a high current switch run from a separate supply.
This circuit provides a method of continuously monitoring an
input voltage while dissipating only 100 ,...W of power and
still being capable of switching a 500 mA load if the input
exceeds a given value. The reference voltage can be any
value between +S.5V and -S.5V. With a minimum gain of
approximately 100,000 the comparator can resolve input
voltage differences down into the 0.2 mV region.

FIGURE 8. ,...-Power Comparator with
High Current Switch



offset nUlling capability for high accuracy applications.
When the input voltage is less than the reference voltage,
the output of the LM4250 is at approximately -9.5V caus-
ing diode 01 to conduct. The gate of 01 is held at -8.8V by
the voltage developed across R3.With a large negative volt-
age on the gate of 01 it turns off and removes the base
drive from 02. This results in a high voltage or open switch
condition at the collector of 02. When the input voltage ex-
ceeds the reference voltage, the LM4250 output goes to
+9.5V causing 01 to be reverse biased. 01 turns on as
does 02, and the collector of 02 drops to approximately 1V
while sinking the 500 mA of load current.
The load denoted as ZL can be resistor, relay coil, or indica-
tor lamp as required; but the load current should not exceed
500 mA. For V+ values of less than 15V and IL values of
less than 25 mA both 02 and R2 may be omitted. With only
the 2N4860 JFET as an output device the circuit is still ca-
pable of driving most common types of indicator lamps.

IC METER AMPLIFIER RUNS ON TWO FLASHLIGHT
BATTERIES
Meter amplifiers normally require one or two 9V transistor
batteries. Oue to the heavy current drain on these supplies,
the meters must be switched to the OFF position when not
in use. The meter circuit described here operates on two
1.5V flashlight batteries and has a quiescent power drain so
low that no ON-OFF switch is needed. A pair of Eveready
No. 950 "0" cells will serve for a minimum of one year
without replacement. As a OC ammeter, the circuit will pro-
vide current ranges as low as 100 nA full-scale.
The basic meter amplifier circuit shown in Figure 9 is a cur-
rent-to-voltage converter. Negative feedback around the
amplifier insures that currents IIN and If are always equal,
and the high gain of the op amp insures that the input volt-
age between Pins 2 and 3 is in the microvolt region. Output

FIGURE 9. Basic Meter Amplifier
voltage Vo is therefore equal to -lfRf. Considering the
± 1.5V sources (± 1.2V end-of-life) a practical value of Vo
for full scale meter deflection is 300 mY. With the master
bias-current setting resistor (Rs) set at 10 MO, the total qui-
escent current drain of the circuit is 0.6 /LAfor a total power
supply drain of 1.8 /LW. The input bias current, required by
the amplifier at this low level of quiescent current, is in the
range of 600 pA.
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value to Rf for measurements of less than 1 /LA) insures
that the input bias currents for the two input terminals of the
amplifier do not contribute significantly to an output error
voltage. The output voltage Vo for the differential current-to-
voltage converter is equal to - 2 IfRf since the floating input
current IINmust flow through Rf and R'f· R'f may be omitted

R,

+1.5V~

Bl ,=,,1.5V

d1.5V

T

Resistance Values for
DC Nano and Micro Ammeter

I FULL SCALE RI[O) R'I[O)

100nA 1.5M 105M
500 nA 300k 300k
1 /LA 300k 0
5/LA 60k 0
10/LA 30k 0
50/LA 6k 0
100/LA 3k 0

for Rf values of 500 kO or less, since a resistance of this
value contributes an error of less than 0.1% in output volt-
age. Potentiometer R2 provides an electrical meter zero by
forcing the input offset voltage Vos to zero. Full scale meter
deflection is set by Rl. Both Rl and R2 only need to be set
once for each op amp and meter combination. For a 50
microamp 2 kO meter movement, Rl should be about 4 kO
to give full scale meter deflection in response to a 300 mV
output voltage. Oiodes 01 and 02 provide full input protec-
tion for overcurrents up to 75 mA.
With an Rf resistor value of 1.5M the circuit in Figure 10
becomes a nanommeter with a full scale reading capability



of 100 nA. Reducing Rf to 3 kO in steps, as shown in Figure
10 increases the full scale deflection to 100 ",A, the maxi-
mum for this circuit configuration. The voltage drop across
the two input terminals is equal to the output voltage Vo
divided by the open loop gain. Assuming an open loop gain
of 10,000 gives an input voltage drop of 30 ",V or less.

CIRCUIT FOR HIGHER CURRENT READINGS
For DC current readings higher than 100 ",A, the inverting
amplifier configuration shown in Figure 11 provides the re-
quired gain. Resistor RA develops a voltage drop in re-
sponse to input current IA. This voltage is amplified by a
factor equal to the ratio of Rf/Rs. Rs must be sufficiently
larger than RA' so as not to load the input signal. Figure 11
also shows the proper values of RA' Rs and Rf for full scale
meter deflections of from 1 mA to lOA.

Resistance Values for DC Ammeter

I FULL SCALE RA[Ol RaIO] R,IO]

1 mA 3.0 3k 300k
10mA .3 3k 300k

100 mA .3 30k 300k
lA .03 30k 300k
lOA .03 30k 30k

A 10 mV TO 100V FULL-SCALE VOLTMETER
A resistor inserted in series with one of the input leads of
the basic meter amplifier converts it to a wide range voltme-
ter circuit, as shown in Figure 12. This inverting amplifier has
a gain varying from -30 for the 10 mV full scale range to
-0.003 for the 100V full scale range. Figure 12 also lists
the proper values of Rv, Rf, and R'f for each range. Diodes
Dl and D2 provide complete amplifier protection for input
overvoltages as high as 500V on the 10 mV range, but if
overvoltages of this magnitude are expected under continu-
ous operation, the power rating of Rv should be adjusted
accordingly.

Resistance Values for a DC Voltmeter

V FULL SCALE Ry[O] R,lo] R',IO]

10mV lOOk 1.5M 1.5M
100 mY 1M 1.5M 1.5M

1V 10M 1.M 1.5M
10Y 10M 300k 0
100V 10M 30k 0

':'
-1.5V

VOLTMETER
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LOW FREQUENCY PULSE GENERATOR USING A
SINGLE + 5V SUPPLY
The variable frequency pulse generator shown in Figure 13
provides an example of the LM4250 operated from a single
supply. The circuit is a buffered output free running multivi-
brator with a constant width output pulse occurring with a
frequency determined by potentiometer R2.
The LM4250 acts as a comparator for the voltages found at
the upper plate of capacitor Cl and at the reference point
denoted as Vr on Figure 13. Capacitor C1 charges and dis-
charges with a peak-to-peak amplitude of approximately 1V
determined by the shift in reference voltage Vr at Pin 3 of
the op amp. The charge path of Cl is from the amplifier
output, which is at its maximum positive voltage VHIGH(ap-
proximately V+ -0.5V), through Rl and through the poten-
tiometer R2. Diode 01 is reverse biased during the charge
period. When Cl charges to the Vr value determined by the
net result of VHIGHthrough resistor Rs and V+ through the
voltage divider made up of resistors R3 and R4the amplifier
swings to its lower limit of approximately 0.5V causing C1 to
begin discharging. The discharge path is through the for-
ward biased diode 01, through resistor Rl' and into Pin 6 of
the op amp. Since the impedance in the discharge path
does not vary for R2 settings of from 3 kfi to 5 Mfi, the
output pulse maintains a constant pulse width of 41 JLs
± 1.5 JLs over this range of potentiometer settings. Figure
14 shows the output pulse frequency variation from 6 kHz
down to 360 Hz as R2 places from 100 kfi up to 5 Mfi of
additional resistance in the charge path of Cl. Setting R2 to
zero ohms will short out diode 01 and cause a symmetrical
square wave output at a frequency of 10kHz. Increasing the
value of Cl will lower the range of frequencies available in
response to the R2variation shown on Figure 14. Electroly1-
ic capacitors may be used for the larger values of Cl since it
has only positive voltages applied to it.

The output buffer al presents a constant load to the op
amp output thereby preventing frequency variations caused
by VHIGHand VLQWvoltages changing as a function of load
current. The output of al will interface directly with a stan-
dard TIL or DTL logic device. Reversing diode 01 will invert
the polarity of the generator output providing a series of
negative going pulses dropping from +5V to the saturation
voltage of al.
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FIGURE 14. Pulse Frequency vs R2
The change in output frequency as a function of supply volt-
age is less than ±4% for a V+ change of from 4V to 10V.
This stability of frequency versus supply voltage is due to
the fact that the reference voltage Vr and the drive voltage
for the capacitor are both direct functions of V+.
The power dissipation of the free running multivibrator is
300 JLW and the power dissipation of the buffer circuit is
approximately 5.8 mW.
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Nole 1: Quiescent PD ~ 10)J-W

Note 2: R2, R3, R4, RS, R6 and R7 are 1% resistors

Note 3: R11 and C1 are for DC and AC common mode rejection adjustments

X100 INSTRUMENTATION AMPLIFIER

The instrumentation amplifier circuit shown in Figure 15 has
a full differential input center tapped to ground. With the
bias current set at approximately 0.1 /LA, the impedance
looking into either V1Nl or V1N2is 100 MO,with respect to
ground, and the input bias current at either terminal is 0.2
nA. The two non-inverting input stages Al and A2 apply a
gain of 10 to the input signal, and the differential output
stage applies an additional gain of -10 for a net amplifier
gain of -100:

Va = -100(V1N1 - VIN2)' (15)
The entire circuit can run from two 1.5V batteries connected
directly (no power switch) to the V+ and V- terminals. With
a total current drain of 2.8 /LA the quiescent power dissipa-
tion of the circuit is 8.4 /LW. This is low enough to have no
significant effect on the shelf life of most batteries.
Potentiometer R11provides a means for matching the gains
of A1 and A2 to achieve maximum DC common mode rejec-
tion ratio CMRR. With R11 adjusted to its null point for DC
common mode rejection the small AC CMRR trimmer ca-
pacitor C1 will normally give an additional 10 to 20 dB of
CMRR over the operating frequency range. Since C1actual-
ly balances wiring capacitance rather than amplifier fre-
quency characteristics, it may be necessary to attach it to
Pin 2 of either A1 or A2 as required. Figure 16 shows the
variation of CMRR (referred to the input) with frequency for
this configuration. Since the circuit applies a gain of 100 or
40 dB to an input signal, the actual observed rejection ratio
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FIGURE 16. Av and CMRR vs Frequency

is the difference between the CMRR curve and Av curve.
For example, a 60 Hz common mode signal will be attenuat-
ed by 67 dB minus 40 db or 27 dB for an actual rejection
ratio of VINlVa equal to 22.4.
The maximum peak-to-peak output signal into a 100 kO,
load resistor is approximately 1.8V.With no input signal, the
noise seen at the output is approximately 0.8 mVRMSor
8 /LVRMSreferred to the input. When doing power dissipa-
tion measurements on this circuit, it should be kept in mind
that even a 1 MO, oscilloscope probe placed between
+ 1.5V and -1.5V will more than double the power drawn
from the batteries.



•..•...Z: 5V REGULATOR FOR CMOS LOGIC CIRCUITS
c( The ideal r~ulator for low power CMOS logic elements

should dissipate essentially no power when the CMOS de-
vices are running at low frequencies, but be capable of de-
livering full output power on demand when the CMOS devic-
es are running in the 0.1 MHz to 10 MHz region. With a 10V
input voltage, the regulator shown in Figure 1Twill dissipate
350 poWin the stand-by mode but will deliver up to 50 mA of
continuous load current when required.
The circuit is basically a boosted output voltage-follower ref-
erenced to a low current zener diode. The voltage divider
consisting of R2 and R3 provides a 5V tap voltage from the
6.5V reference diode to determine the regulator output.
Since a standard 6.5V zener diode does not exhibit good
regulation in the 2 poAto 60 poAreverse current region, 02
must be a special device. An NPN transistor with its collec-
tor and base terminals grounded and its emitter tied to the
junction of R1and R2 exhibits a well-controlled base emitter
reverse breakdown voltage. A National Semiconductor
process 25 small signal NPN transistor sorted to a

IV - 3&V
v,,

2N registration such as 2N3252 has a BVEBOat 10 poA
specified as 5.5V minimum, 6.5V typical, and 7.0V maxi-
mum. Using a diode connected 2N3252 as a reference, the
regulator output voltage changed 78 mV in response to an
8V to 36V change in the input voltage. This test was done
under both no load and full load conditions and represents a
line regulation of better than 1.6%.
A load change from 10 poAto 50 mA caused a 1 mV change
in output voltage giving a load regulation value of 0.05%.
When operating the regulator at load currents of less than
25 mA, no heat sink is required for 01. For load currents in
excess of 50 mA, 01 should be replaced by a Darlington
pair with the 2N3019 acting as a driver for a higher power
device such as a 2N3054.

REFERENCES
Millman, J. and Halkias, C.C.: "Electronic Device and Cir-
cuits," pp. 465-466, McGraw-Hili Book Company, New
York, 1967.
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PREFACE

With all the existing literature on "how to apply op amps" why should another application note be produced on this subject?
There are two answers to this question; 1) the LM3900 operates in quite an unusual manner (compared to a conventional op
amp) and therefore needs some explanation to familiarize a new user with this product, and 2) the standard op amp
applications assume a split power supply (± 15 Voc) is available and our emphasis here is directed toward circuits for lower
cost single power supply control systems. Some of these circuits are simply "re-biased" versions of conventional handbook
circuits but many are new approaches which are made possible by some of the unique features of the LM3900.
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The LM3900: A New Current-Differencing
Quad of ± Input Amplifiers

1.0An Introduction to the New
"Norton" Amplifier
The LM3900 represents a departure from conventional am-
plifier designs. Instead of using a standard transistor differ-
ential amplifier at the input, the non-inverting input function
has been achieved by making use of a "current-mirror" to
"mirror" the non-inverting input current about ground and
then to extract this current from that which is entering the
inverting input terminal. Whereas the conventional op amp
differences input voltages, this amplifier differences input
currents and therefore the name "Norton Amp" has been
used to indicate this new type of operation. Many biasing
advantages are realized when operating with only a single
power supply voltage. The fact that currents can be passed
between the input terminals allows some unusual applica-
tions. If external, large valued input resistors are used (to
convert from input voltages to input currents) most of the
standard op amp applications can be realized.
Many industrial electronic control systems are designed that
operate off of only a single power supply voltage. The con-
ventional integrated-circuit operational amplifier (IC op amp)
is typically designed for split power supplies (± 15 Voc) and
suffers from a poor output voltage swing and a rather large
minimum common-mode input voltage range (approximately
+ 2 Voc) when used in a single power supply application. In
addition, some of the performance characteristics of these
op amps could be sacrificed-especially in favor of reduced
costs.
To meet the needs Ofthe designers of low-cost, slngle-pow-
er-supply control systems, a new internally compensated
amplifier has been designed that operates over a power
supply voltage range of +4 Voc to 36 Voc with small
changes in performance characteristics and provides an
output peak-to-peak voltage swing that is only 1V less than
the magnitude of the power supply voltage. Four of these
amplifiers have been fabricated on a single chip and are
provided in the standard 14-pin dual-in-line package.
The cost, application and performance advantages of this
new quad amplifier will guarantee it a place in many single
power supply electronic systems. Many of the "housekeep-
ing" applications which are now handled by standard IC op
amps can also be handled by this "Norton" amplifier operat-
ing off the existing ± 15 Voc power supplies.

1.1 BASIC GAIN STAGE
The gain stage is basically a single common-emitter amplifi-
er. By making use of current source loads, a large voltage
gain has been achieved which is very constant over tem-
perature changell. The output voltage has a large dynamic
range, from essentially ground to one VSE less than the
power supply voltage. The output stage is biased class A for
small signals but converts to class B to increase the load
current which can be "absorbed" by the amplifier under
large signal conditions. Power supply current drain is essen-
tially independent of the power supply voltage and ripple on
the supply line is also rejected. A very small input biasing
current allows high impedance feedback elements to be
used and even lower "effective" input biasing currents can
be realized by using one of the amplifiers to supply essen-
tially all of the bias currents for the other amplifiers by mak-
ing use of the "matching" which exists between the 4 ampli-
fiers which are on the same IC chip (see Figure 84).

The simplest inverting amplifier is the common-emitter
stage. If a current source is used in place of a load resistor,
a large open-loop gain can be obtained, even at low power-
supply voltages. This basic stage (Figure 1) is used for the
amplifier.

FIGURE 1. Basic Gain Stage
All of the voltage gain is provided by the gain transistor, 02,
and an output emitter-follower transistor, 01, serves to iso-
late the load impedance from the high impedance that ex-
ists at the collector of the gain transistor, 02. Closed-loop
stability is guaranteed by an on-chip capacitor C = 3 pF,
which provides the single dominant open-loop pole. The
output emitter-follower is biased for c1ass-Aoperation by the
current source 12.
This basic stage can provide an adequate open-loop volt-
age gain (70 dB) and has the desired large output voltage
swing capability. A disadvantage of this circuit is that the DC
input current, IIN' is large; as it is essentially equal to the
maximum output current, lOUT,divided by {32.For example,
for an output curtent capability of 10 mA the input current
would be at least 1 IJ-A(assuming (32 = 104). It would be
desirable to further reduce this by adding an additional tran-
sistor to achieve an overall {33reduction. Unfortunately, if a
transistor is added at the output (by making 01 a Darlington
pair) the peak-to-peak output voltage swing would be some-
what reduced and if 02 were made a Darlington pair the DC
input voltage level would be undesirably doubled.
To overcome these problems, a lateral PNP transistor has
been added as shown in Figure 2. This connection neither
reduces the output voltage swing nor raises the DC input
voltage, but does provide the additional gain that was need-
ed to reduce the input current.
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FIGURE 2. Adding a PNPTransistor to the
Basic Gain Stage



Notice that the collector of this PNP transistor, 01, is con-
nected directly to the output terminal. This "bootstraps" the
output impedance of 01 and therefore reduces the loading
at the high-impedance collector of the gain transistor, 03.
In addition, the collector-base junction of the PNP transistor
becomes forward biased under a large-signal negative out-
put voltage swing condition. The design of this device has
allowed 01 to convert to a vertical PNP transistor during this
operating mode which causes the output to change from the
class A bias to a class B output stage. This allows the ampli-
fier to sink more current than that provided by the current
source 12, (1.3 mAl under large signal conditions.

1.2 OBTAINING A NON-INVERTING INPUT FUNCTION

The circuit of Figure 2 has only the inverting input. A general
purpose amplifier requires two input terminals to obtain both
an inverting and a non-inverting input. In conventional op
amp designs, an input differential amplifier provides these
required inputs. The output voltage then depends upon the
difference (or error) between the two input voltages. An in-
put common-mode voltage range specification exists and,
basically, input voltages are compared.

For circuit simplicity, and ease of application in single power
supply systems, a non-inverting input can be prOVided by
adding a standard IC "current-mirror" circuit directly across
the inverting input terminal, as shown in Figure 3.

CURRENT MIRROR
/-

/
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FIGURE 3. Adding a Current Mirror to Achieve a
Non-Inverting Input

This operates in the current mode as now input currents are
compared or differenced (this can be thought of as a Norton
differential amplifier). There is essentially no input common-
mode voltage range directly at the input terminals (as both
inputs will bias at one diode drop above ground) but if the
input voltages are converted to currents (by use of input
resistors), there is then no limit to the common-mode input
voltage range. This is especially useful in high-voltage com-
parator applications. By making use of the input resistors, to
convert input voltages to input currents, all of the standard
op amp applications can be realized. Many additional appli-
cations are easily achieved, especially when operating with
only a single power supply voltage. This results from the
built-in voltage biasing that exists at both inputs (each input
biases at + VSE) and additional resistors are not required to

provide a suitable common-mode input DC biasing voltage
level. Further, input summing can be performed at the rela-
tively low impedance level of the input diode of the current-
mirror circuit.

1.3 THE COMPLETE SINGLE-SUPPLY AMPLIFIER

The circuit schematic for a single amplifier stage is shown in
Figure 4a. Due to the circuit simplicity, four of these amplifi-
ers can be fabricated on a single chip. One common biasing
circuit is used for all of the individual amplifiers.

A new symbol for this "Norton" amplifier is shown in Figure
4b. This is recommended to avoid using the standard op
amp symbol as the basic operation is different. The current
source symbol between the inputs implies this new current-
mode of operation. In addition, it signifies that current is

TL/H/7383-S

(b) New "NORTON" Amplifier Symbol

FIGURE 4. The Amplifier Stage

removed from the ( -) input terminal. Also, the current arrow
on the (+) input lead is used to indicate that this functions
as a current input. The use of this symbol is helpful in under-
standing the operation of the application circuits and also in
doing additional design work with the LM3900.

The bias reference for the PNP current source, Vp which
biases 01, is designed to cause the upper current source
(200 p.A) to change with temperature to give first order com-
pensation for the /3 variations of the NPN output transistor,
03. The bias reference for the NPN "pull-down" current
sink, Vn, (which biases 07) is designed to stabilize this cur-
rent (1.3 mAl to reduce the variation when the temperature
is changed. This provides a more constant pull-down capa-
bility for the amplifier over the temperature range. The tran-
sistor, 04, provides the class B action which exists under
large signal operating conditions.



The performance characteristics of each amplifier stage are
summarized below:
Power-supply voltage range .....•......... 4 to 36 Voc or

±2to±18Voc
Bias current drain per amplifier

stage 1.3 mAoe
Open loop:

Voltage gain (RL = 10k) 70 dB
Unity-gain frequency 2.5 MHz
Phase margin.....................•.............. 40·
Input resistance ...................•............ 1 MO
Output resistance 8 kO

Output voltage swing (Vec - 1) Vpp

Input bias current. 30 nAoc
Slew rate 0.5VI,..s
As the bias currents are all derived from diode forward volt-
age drops, there is only a small change in bias current mag-
nitude as the power-supply voltage is varied. The open-loop
gain changes only slightly over the complete power supply
voltage range and is essentially independent of temperature
changes. The open-loop frequency response is compared
with the "741" op amp in Figure 5. The higher unity-gain
crossover frequency is seen to provide an additional 10 dB
of gain for all frequencies greater than 1 kHz.
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FIGURE 5. Open-loop Gain Characteristics

The complete schematic diagram of the LM3900 is shown in
Figure 6. The one resistor, Rs, establishes the power con-
sumption of the circuit as it controls the conduction of tran-
sistor 028. The emitter current of 028 is used to bias the
NPN output class-A biasing current sources and the collec-
tor current of 028 is the reference for the PNP current
source of each amplifier.
The biasing circuit is initially "started" by 020, 030 and CRs.
After start-up is achieved, 030 goes OFF and the current
flow through the reference diodes: CRs, CR7 and CR8, is
dependent only on VSE/(Rs + R7). This guarantees that
the power supply current drain is essentially independent of
the magnitude of the power supply voltage.
The input clamp for negative voltages is provided by the
multi-emitter NPN transistor 021. One of the emitters of this
transistor goes to each of the input terminals. The reference
voltage for the base of 021 is provided by Rs and R7 and is
approximately VSE/2.

2.0 Introduction to Applications of
the LM3900
Like the standard IC op amp, the LM3900 has a wide range
of applications. A new approach must be taken to design
circuits with this "Norton" amplifier and the object of this
note is to present a variety of useful circuits to indicate how
conventional and unique new applications can be de-
signe~specially when operating with only a single power
supply voltage.
To understand the operation of the LM3900 we will com-
pare it with the more familiar standard IC op amp. When
operating on a single power supply voltage, the minimum
input common-mode voltage range of a standard op amp
limits the smallest value of voltage which can be applied to
both inputs and still have the amplifier respond to a differen-
tial input signal. In addition, the output voltage will not swing
completely from ground to the power supply voltage. The
output voltage depends upon the difference between the
input voltages and a bias current must be supplied to both
inputs. A simplified diagram of a standard IC op amp operat-
ing from a single power supply is shown in Figure 7. The (+)
and (-) inputs go only to current sources and therefore are
free to be biased or operated at any voltage values which
are within the input common-mode voltage range. The cur-
rent sources at the input terminals, IB+ and IB-, represent
the bias currents which must be supplied to both of the input
transistors of the op amp (base currents). The output circuit
is modeled as an active voltage source which depends upon
the open-loop gain of the amplifier, Av, and the difference
which exists between the input voltages, (V+ - V-).

1-)
INPUT~~- ±IB-

(+)

INPUT~

v: ± IB+
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FIGURE 7. An Equivalent Circuit of a Standard
ICOpAmp

An equivalent circuit for the "Norton" amplifier is shown in
Figure 8. The (+) and (-) inputs are both clamped by di-
odes to force them to be one-diode drop above ground-al-
ways! They are not free to move and the "input common-
mode voltage range" directly at these input terminals is very
small-a few hundred mV centered about 0.5 Voc. This is
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FIGURE 8. An Equivalent Circuit of the
"Norton" Amplifier





why external voltages must be first converted to currents
(using resistors) before being applied to the inputs-and is
the basis for the current-mode (or Norton) type of operation.
With external input resistors-there is no limit to the "input
common-mode voltage range". The diode shown across the
(+) input actually exists as a diode in the circuit and the
diode across the (-) input is used to model the base-emit-
ter junction of the transistor which exists at this input.
Only the (-) input must be supplied with a DC biasing cur-
rent, lB. The (+) input couples only to the (-) input and
then to extract from this ( - ) input terminal the same current
(AI, the mirror gain, is approximately equal to 1) which is
entered (by the external circuitry) into the (+) input terminal.
This operation is described as a "current-mirror" as the cur-
rent entering the (+) input is "mirrored" or "reflected"
about ground and is then extracted from the (-) input.
There is a maximum or near saturation value of current
which the "mirror" at the (+) input can handle. This is listed
on the data sheet as "maximum mirror current" and ranges
from approximately 6 mA at 2S·C to 3.8 mA at lO·C.
This fact that the (+) input current modulates or affects the
(-) input current causes this amplifier to pass currents be-
tween the input terminals and is the basis for many new
application circuits-especially when operating with only a
single power supply voltage.
The output is modeled as an active voltage source which
also depends upon the open-loop voltage gain, Av, but only
the (-) input VOltage,V-, (not the differential input volt-
age). Finally, the output voltage of the LM3900 can swing
from essentially ground (+ 90 mY) to within one VBEof the
power supply voltage.
As an example of the use of the equivalent circuit of the
LM3900, the AC coupled inverting amplifier of Figure 9a will

be analyzed. Figure 9b shows the complete equivalent cir-
cuit which, for convenience, can be separated into a biasing
equivalent circuit (Figure 10) and an AC equivalent circuit
(Figure 11). From the biasing model of Figure 10 we find the
output quiescent voltage, Va, is:

Va = Vo- + (IB + 1+) R2' (1)

Vo+ "" Vo- "" O.SVoc
IB = INPUT bias current (30 nA)

V+ = Power supply voltage.
If (2) is substituted into (1)

Va = Vo- + (IB + V+ ~3Vo+) R2

which is an exact expression for Va.
As the second term usually dominates (Va> Vo-) and 1+
> IBand V+ > Vo+ we can simplify (3) to provide a more
useful design relationship

R2
Vo""- V+.

R3
Using (4), if R3 = 2R2 we find

Va ""~V+ V+
2R2 2 '

which shows that the output is easily biased to one-half of
the power supply voltage by using V+ as a biasing refer-
ence at the (+) input.

TL/H/7383-12
FIGURE 10. Biasing Equivalent Circuit

TL/H/7383-13

FIGURE 11. AC Equivalent CircuIt



The AC equivalent circuit of Figure 11 is the same as that
which would result if a standard IC op amp were used with
the (+ ) input grounded. The closed-loop voltage gain AyCl'
is given by:

A - Va = _ R2
YCl = VIN - R1

if Ay (open-loop) > :~ .

The design procedure for an AC coupled inverting amplifier
using the LM3900 is therefore to first select R1' CIN, R2' and
Co as with a standard IC op amp and then to simply add R3
= 2R2 as a final biasing consideration. Other biasing tech-
niques are presented in the following sections of this note.
For the switching circuit applications, the biasing model of
Figure 10 is adequate to predict circuit operation.

Although the LM3900 has four independent amplifiers, the
use of the label "Y4LM3900" will be shortened to simply
"LM3900" for the application drawings contained in this
note.

3.0 Designing AC Amplifiers
The LM3900 readily lends itself to use as an AC amplifier
because the output can be biased to any desired DC level
within the range of the output voltage swing and the AC gain
is independent of the biasing network. In addition, the single
power supply requirement makes the LM3900 attractive for
any low frequency gain application. For lowest noise per-
formance, the ( +) input should be grounded (Figure 9a) and
the output will then bias at +VSE. Although the LM3900 is
not suitable as an ultra low noise tape pre-amp, it is useful in
most other applications. The restriction to only shunt feed-
back causes a small input impedance. Transducers which
can be loaded can operate with this low input impedance.
The noise degradation which would result from the use of a
large input resistor limits the usefulness where low noise
and high input impedance are both required.

3.1 SINGLE POWER SUPPLY BIASING

The LM3900 can be biased in several different ways. The
circuit in Figure 12 is a standard inverting AC amplifier which
has been biased from the same power supply which is used
to operate the amplifier. (The design of this amplifier has
been presented in the previous section). Notice that if AC
ripple voltages are present on the V+ power supply line
they will couple to the output with a "gain" of %. To elimi-
nate this, one source of ripple filtered voltage can be provid-
ed and then used for many amplifiers. This is shown in the
next section.

v+
vooc-""2

Ay'" -!:!g
A,
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FIGURE 12. Inverting AC Amplifier

Using Single-Supply Biasing

3.2 A NON-INVERTING AMPLIFIER

The amplifier in Figure 13 shows both a non-inverting AC
amplifier and a second method for DC biasing. Once again
the AC gain of the amplifier is set by the ratio of feedback
resistor to input resistor. The small signal impedance of the
diode at the (+) input should be added to the value of R1
when calculating gain, as shown in Figure 13.

R3
1M

Co. Rl

~

lOOK

-
I, r 1I, ••0 R2

1M

51K
v· TO OTHER

VAlF
AMPLIFIERS

A _ A3
y - A1 + 'd

0.026
'd= --0

12
v+

vooc~ ""2
TUHI7383-15

FIGURE 13. Non-Inverting AC Amplifier
Using Voltage Reference Biasing

By making R2 = R3' VaDe will be equal to the reference
voltage which is applied to the resistor R2. The filtered
V+ /2 reference shown can also be used for other amplifi-
ers.

3.3 UN VBE" BIASING

A third technique of output DC biasing is best described as
the "N VSE" method. This technique is shown in Figure 14
and is most useful with inverting AC amplifier applications.

R2
10M

vse ~ 0.5 Voc

vooc ~ vse (1 +~)
A2

Av l;I( - R1
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FIGURE 14. Inverting AC Amplifier Using N VBE Biasing

The input bias voltage (YSE) at the inverting input establish-
es a current through resistor R3 to ground. This current
must come from the output of the amplifier. Therefore, Va
must rise to a level which will cause this current to flow
through R2. The bias voltage, Va, may be calculated from
the ratio of R2 to R3 as follows:

VODC = VSE (1 + ::)
When NVSE biasing is employed, values for resistors R1
and R2 are first established and then resistor R3 is added to
provide the desired DC output voltage.



For a design example (Figure 14>, a Z in = 1M and Av "" 10
are required.

Select R1 = 1M.

Calculate R2 "" AvR1 = 10M.

To bias the output voltage at 7.5 Voc, R3 is found as:

R3=~=~
Vo 7.5--1 --1
vSE 0.5

R3 "" 680 kn.

3.4 BIASING USING A NEGATIVE SUPPLY

If a negative power supply is available, the circuit of Figure
15 can be used. The DC biasing current, I, is established by
the negative supply voltage via R3 and provides a very sta-
ble output quiescent point for the amplifier.

"'

R2
Av'" - R1
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FIGURE 15. Negative Supply Biasing

3.5 OBTAINING HIGH INPUT IMPEDANCE
AND HIGH GAIN

For the AC amplifiers which have been presented, a design-
er is able to obtain either high gain or high input impedance
with very little difficulty. The application which requires both
and still employs only one amplifier presents a new prob-
lem. This can be achieved by the use of a circuit similar to
the one shown in Figure 16. When the Av from the input to

VA ~ Vo
100

Av ~ -~
RS

Vo ~ VREF I~'=' 10..,

f
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FIGURE 16. A High ZIN High Gain Inverting AC Amplifier

point A is unity (R1 = R3), the Av of the complete stage will
be set by the voltage divider network composed of R4' Rs,
and C2. As the value of Rs is decreased, the Av of the stage
will approach the AC open loop limit of the amplifier. The
insertion of capacitor C2 allows the DC bias to be controlled
by the series combination of R3 and R4 with no effect from
Rs. Therefore, R2 may be selected to obtain the desired
output DC biasing level using any of the methods which
have been discussed. The circuit in Figure 16 has an input
impedance of 1M and a gain of 100.

3.6 AN AMPLIFIER WITH A DC GAIN CONTROL

A DC gain control can be added to an amplifier as shown in
Figure 17. The output of the amplifier is kept from being
driven to saturation as the DC gain control is varied by pro-
viding a minimum biasing current via R3' For maximum gain,
CR2 is OFF and both the current through R2 and R3 enter
the (+ ) input and cause the output of the amplifier to bias at
approximately 0.6 V+. For minimum gain, CR2 is ON and
only the current through R3 enters the (+) input to bias the
output at approximately 0.3 V+. The proper output bias for
large output signal accommodation is provided for the maxi-
mum gain situation. The DC gain control input ranges from
o Voc for minimum gain to less than 10 Voc for maximum
gain.

··f ·18.

DC GAIN
CONTROL
(O ..•. 10Voc)
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FIGURE 17. An Amplifier with a DC Gain Control

3.7 A LINE-RECEIVER AMPLIFIER

The line-receiver amplifier is shown in Figure 18. The use of
both inputs cancels out common-mode signals. The line is
terminated by RUNE and the larger input impedance of the
amplifier will not affect this matched loading.

··O~Et
C2 A5,...
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FIGURE 18. A Line-receiver Amplifier



4.0 Designing DC Amplifiers
The design of DC amplifiers using the LM3900 tends to be
more difficult than the design of AC amplifiers. These diffi-
culties occur when designing a DC amplifier which will oper-
ate from only a single power supply voltage and yet provide
an output voltage which goes to zero volts DC and also will
accept input voltages of zero volts DC. To accomplish this,
the inputs must be biased into the linear region (+ VSE) with
DC input signals of zero volts and the output must be modi-
fied if operation to actual ground (and not VSAT) is required.
Therefore, the problem becomes one of determining what
type of network is necessary to provide an output voltage
(Vo) equal to zero when the input voltage (VIN) is equal to
zero. (See also section 10.15, "adding a Differential Input
Stage").

We will start with a careful evaluation of what actually takes
place at the amplifier inputs. The mirror circuit demands that
the current flowing into the positive input ( +) be equaled by
a current flowing into the negative input ( -). The difference
between the current demanded and the current provided by
an external source must flow in the feedback circuit. The
output voltage is then forced to seek the level required to
cause this amount of current to flow. If, in the steady state
condition Vo = VIN = 0, the amplifier will operate in the
desired manner. This condition can be established by the
use of common-mode biasing at the inputs.

4.1 USING COMMON-MODE BIASING
FOR VIN = 0 Voc
Common-mode biasing is achieved by placing equal resis-
tors between the amplifier input terminals and the supply
voltage (V+), as shown in Figure 19. When VIN is set to 0
volts the circuit can be modeled as shown in Figure 20,

v'

"3 1'3 "4 114

"2 "6--12

':"

"1V,. -- -11

151
,+

R1 - R2
"5 R3 ~ R'

RS - RS
':"

I
It "L
I

i
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FIGURE 19. A DC Amplifier Employing
Common-mode Biasing

REQ1 = R1 II Rs,

REQ2 = R2 II Rs,

Because the current mirror demands that the two current
sources be equal, the current in the two equivalent resistors
must be identical.

R3 ~ R'
1+ ~ 1-

Req 1 - Req2
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FIGURE 20. An Ideal Circuit Model of a DC Amplifier
with Zero Input Voltage

If this is true, both R2 and R6 must have a voltage drop of
0.5 volt across them, which forces Vo to go to Vo MIN
(VSAT)·

4.2 ADDING AN OUTPUT DIODE FOR Vo = 0 Voc

For many applications a Vo MIN Of 100 mV may not be
acceptable. To overcome this problem a diode can be add-
ed between the output of the amplifier and the output termi-
nal (Figure 21).

v'
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FIGURE 21. A Non-Inverting DC Amplifier with Zero
Volts Output for Zero Volts Input

The function of the diode is to provide a DC level shift which
will allow Vo to go to ground. With a load impedance (RLl
connected, Vo becomes a function of the voltage divider
formed by the series connection of R. and RL.

0.5 RL
If R. = 100 RL, then Vo MIN = 101 RL'

or Vo MIN "" 5 mVOC'
An offset voltage adjustment can be added as shown (R1)
to adjust Vo to OVoc with VIN = 0 Voc.

The voltage transfer functions for the circuit in Figure 21,
both with and without the diode, are shown in Figure 22.
While the diode greatly improves the operation around 0
volts, the voltage drop across the diode will reduce the peak
output voltage swing of the state by approximately 0.5 volt.

When using a DC amplifier similar to the one in Figure 21,
the load impedance should be large enough to avoid exces-
sively loading the amplifier. The value of RL may be signifi-
cantly reduced by replacing the diode with an NPN transis-
tor.
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FIGURE 22. Voltage Transfer Function for a DC
Amplifier with a Voltage Gain of 10

4.3 A DC COUPLED POWER AMPLIFIER (IL ,;; 3 AMPS)

The LM3900 may be used as a power amplifier by the addi-
tion of a Darlington pair at the output. The circuit shown in
Figure 23 can deliver in excess of 3 amps to the load when
the transistors are properly mounted on heat sinks.

TL/H/7383-25

FIGURE 23. A DC Power Amplifier

4.4 GROUND REFERENCING A DIFFERENTIAL
VOLTAGE

The circuit in Figure 24 employs the LM3900 to ground ref-
erence a DC differential input voltage. Current 11 is larger

I
I
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FIGURE 24. Ground Referencing a Differential
Input DC Voltage

than current 13 by a factor proportional to the differential
voltage, YR. The currents labeled on Figure 24 are given by:

V1 + VR - </>
11=-----

R1

12= </>/R2

13 = (V1 - </»
R3

Vo - </>
14=---

R4
where

</>'" VSE at either input terminal of the LM3900.
Since the input current mirror demands that

1- = 1+;
and 1+ = 11 - 12

and 1- = 13+ 14
Therefore 14= 11- 12- 13·
Substituting in from the above equation

Vo - </>= (V1 + VR - </» (</» _ (V1 - </»
R4 R1 R2 R3

and as R1 = R2 = R3 = R4
Vo = (V1 + VR - </» - (</» - V1 + </>+ </>

Vo = YR·
The resistors are kept large to minimize loading. With the
10 MO resistors which are shown on the figure, an error
exists at small values of V 1 due to the input bias current at
the (-) input. For simplicity this has been neglected in the
circuit description. Smaller R values reduce the percentage
error or the bias current can be supplied by an additional
amplifier (see Section 10.7.1).

For proper operation, the differential input voltage must be
limited to be within the output dynamic voltage range of the
amplifier and the input voltage V2 must be greater than 1
volt. For example; if V2 = 1 volt, the input voltage V1 may
vary over the range of 1 volt to - 13 volts when operating
from a 15 volt supply. Common-mode biasing may be added
as shown in Figure 25 to allow both V 1 and V2 to be nega-
tive.
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FIGURE 25. A Network to Invert and to Ground
Reference a Negative DC Differential Input Voltage

4.5 A UNITY GAIN BUFFER AMPLIFIER

The buffer amplifier with a gain of one is the simplest DC
application for the LM3900. The voltage applied to the input
(Figure 26) will be reproduced at the output. However, the
input voltage must be greater than one VSE but less than
the maximum output swing. Common-mode biasing can be
added to extend VIN to 0 Voc, if desired.
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FIGURE 26. A Unity-gain DC Buffer Amplifier

5.0 Designing Voltage Regulators
Many voltage regulators can be designed which make use
of the basic amplifier of the LM3900. The simplest is shown
in Figure 278 where only a Zener diode and a resistor are
added. The voltage at the (-) input (one VSE •• 0.5 Voc)
appears across R and therefore a resistor value of 51on will
cause approximately 1 mA of bias current to be drawn
through the Zener. This biasing is used to reduce the noise
output of the Zener as the 30 nA input current is too small
for proper Zener biasing. To compensate for a positive tem-
perature coefficient of the Zener, an additional resistor can
be added, R2' (Figure 27b) to introduce an arbitrary number,
N, of "effective" VSE drops into the expression for the out-
put voltage. The negative temperature coefficient of these
diodes will also be added to temperature compensate the
DC output voltage. For a larger output current, an emitter
follower (01 of Figure 27c) can be added. This will multiply
the 10 mA (max.) output current of the LM3900 by the /3 of
the added transistor. For example, a /3 = 30 will provide a
max. load current of 300 mA. This added transistor also
reduces the output impedance. An output frequency com-
pensation capacitor is generally not required but may be
added, if desired, to reduce the output impedance at high
frequencies.
The DC output voltage can be increased and still preserve
the temperature compensation of Figure 27b by adding re-
sistors RA and Rs as shown in Figure 27d. This also can be
accomplished without the added transistor, 01. The unregu-
lated input voltage, which is applied to pin 14 of the LM3900
(and to the collector of 01, if used) must always exceed the
regulated DC output voltage by approximately W, when the
unit is not current boosted or approximately 2V when the
NPN current boosting transistor is added.

5.1 REDUCING THE INPUT-OUTPUT VOLTAGE
The use of an external PNP transistor will reduce the re-
quired (VIN - VOUT)to a few tenths of a volt. This will
depend on the saturation characteristics of the external
transistor at the operating current level. The circuit, shown
in Figure 28, uses the LM3900 to supply base drive to the
PNP transistor. The resistors R1 and R2 are used to allow
the output of the amplifier to turn OFF the PNP transistor. It
is important that pin 14 of the LM3900 be tied to the +VIN
line to allow this OFF control to properly operate. Larger
voltages are permissible (if the base-emitter junction of 01
is prevented from entering a breakdown by a shunting di-
ode, for example), but smaller voltages will not allow the
output of the amplifier to raise enough to give the OFF con-
trol.
The resistor, R3' is used to supply the required bias current
for the amplifier and R4 is again used to bias the Zener
diode. Due to a larger gain, a compensation capacitor, Co,
is required. Temperature compensation could be added as
was shown in Figure 27b.

Vo = Vz + 4>

TLIH/7383-29

I =±l RtRt
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(d) Raising Vo Without Disturbing Temperature Compensation

FIGURE 27. Simple Voltage Regulators
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FIGURE 28. Reducing (VIN - Vour)

5.2 PROVIDING HIGH INPUT VOLTAGE PROTECTION

One of the four amplifiers can be used to regulate the sup-
ply line for the complete package (pin 14), to provide protec-
tion against large input voltage conditions, and in addition,
to supply current to an external load. This circuit is shown in
Figure 29. The regulated output voltage is the sum of the
Zener voltage, CR2. and the Vse of the inverting input termi-
nal. Again, temperature compensation can be added as in
Figure 27b. The second Zener. CR1. is a low tolerance com-
ponent which simply serves as a DC level shift to allow the
output voltage of the amplifier to control the conduction of
the external transistor, 01. This Zener voltage should be
approximately one-half of the CR2 voltage to position the
DC Output voltage level of the amplifier approximately in the
center of the dynamic range.
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FIGURE 29. High VIN Protection and Self-regulation

The base drive current for 01 is supplied via R1. The maxi-
mum current through R1 should be limited to 10 mA as

I
VIN (MAX) - (Va + Vse)

MAX =
R1

To increase the maximum allowed input voltage, reduce the
output ripple, or to reduce the (VIN - Your) requirements of
this circuit, the connection described in the next section is
recommended.

5.3 HIGH INPUT VOLTAGE PROTECTION AND LOW (VIN
- Vour)
The circuit shown in Figure 30 basically adds one additional
transistor to the circuit of Figure 29 to improve the perform-
ance. In this circuit both transistors (01 and 02) absorb any
high input voltages (and therefore need to be high voltage
devices) without any increases in current (as with R1 of Fig-
ure 2!J). The resistor R1 (of Figure 30) provides a "start-up"
current into the base of 02.

A new input connection is shown on this regulator (the type
on Figure 29 could also be used) to control the DC output
voltage. The Zener is biased via R4 (at approximately 1 mAl.
The resistors R3 and R6 provide gain (non-inverting) to al-
low establishing Va at any desired voltage larger than Vz.
Temperature compensation of either sign (± TC) can be ob-
tained by shunting a resistor from either the (+) input to
ground (to add + TC to Va) or from the (-) input to ground
(to add - TC to Va). To understand this, notice that the
resistor, R, from the (+) input to ground will add - N Vse to
Va where

N=1+R3
R'

and Vse is the base emitter voltage of the transistor at the
(+) input. This then also adds a positive temperature
change at the output to provide the desired temperature
correction.

The added transistor, 02, also increases the gain (Which
reduces the output impedance) and if a power device is
used for 01 large load currents (amps) can be supplied. This
regulator also supplies the power to the other three amplifi-
ers of the LM3900.

5.4 REDUCING INPUT VOLTAGE DEPENDENCE AND
ADDING SHORT-CIRCUIT PROTECTION

To reduce ripple feedthrough and input voltage depen-
dence, diodes can be added as shown in Figure 31 to drop-
out the start once start-up has been achieved. Short-circuit
protection can also be added as shown in Figure 32.

The emitter resistor of 02 will limit the maximum current of
02 to (Va - 2 Vse)/R5'
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FIGURE 31. Reducing VIN Dependence
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FIGURE 32. Adding Short-cIrcuit Current Limiting

6.0 Designing RC Active Filters
Recent work in RC active filters has shown that the perform-
ance characteristics of multiple-amplifier filters are relatively
insensitive to the tolerance of the RC components used.
This makes the performance of these filters easier to con-
trol in production runs. In many cases where gain is needed
in a system design it is now relatively easy to also get fre-
quency selectivity.
The basis of active filters is a gain stage and therefore a
multiple amplifier product is a valuable addition to this appli-
cation area. When additional amplifiers are available, less
component selection and trimming is needed as the per-
formance of the filter is less disturbed by the tolerance and
temperature drifts of the passive components.
The passive components do control the performance of the
filter and for this reason carbon composition resistors are
useful mainly for room temperature breadboarding or for fi-
nal trimming of the more stable metal film or wire-wound
resistors. Capacitors present more of a problem in range of
values available, tolerance and stability (With temperature,
frequency, voltage and time). For example, the disk ceramic
type of capacitors are generally not suited to active filter
applications due to their relatively poor performance.
The impedance level of the passive components can be
scaled without (theoretically) affecting the filter characteris-
tics. In an actual circuit; if the resistor values become too
small (~10 kO) an excessive loading may be placed on the
output of the amplifier which will reduce gain or actually
exceed either the output current or the package dissipation
capabilities of the amplifier. This can easily be checked by
calculating (or noticing) the impedance which is presented
to the output terminal of the amplifier at the highest operat-
ing frequency. A second limit sets the upper range of imped-
ance levels, this is due to the DC bias currents ('" 30 nA)
and the input impedance of actual amplifiers. The solution
to this problem is to reduce the impedance levels of the
passive components (~10 MO). In general, better perform-

ance is obtained with relatively low passive component im-
pedance levels and in filters which do not demand high
gain, high 0 (0 ;" 50) and high frequency (fo > 1 kHz)
simultaneously.
A measure of the effects of changes in the values of the
passive components on the filter performance has been giv-
en by "sensitivity functions". These assume infinite amplifier
gain and relate the percentage change in a parameter of the
filter, such as center frequency (fo), 0, or gain to a percent-
age change in a particular passive component. Sensitivity
functions which are small are desirable (as 1 or y.).
Negative signs simply mean an increase in the value of a
passive component causes a decrease in that filter perform-
ance characteristic. As an example, if a bandpass filter list-
ed the following sensitivity factor

Wo
S = -y..

C3
This states that "if ~ were to increase by 1%, the center
frequency, wo, would decrease by 0.5%." Sensitivity func-
tions are tabulated in the reference listed at the end of this
section and will therefore not be included here.
A brief look at low pass, high pass and bandpass filters will
indicate how the LM3900 can be applied in these areas. A
recommended text (which provided these circuts) is, "Oper-
ational Amplifiers", Tobey, Graeme, and Huelsman,
McGraw Hill, 1971.

6.1 BIASING THE AMPLIFIERS
Active filters can be easily operated off of a single power
supply when using these multiple single supply amplifiers.
The general technique is to use the (+) input to accomplish
the biasing function. The power supply voltage, V+, is used
as the DC reference to bias the output voltage of each am-
plifier at apprOXimatelyV+ 12. As shown in Figure 33, unde-
sired AC components on the power supply line may have to

~

...,
•• +
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(a) Biasing From a "Noise-Free" Power Supply

(b) Biasing From a "Noisy" Power Supply

FIGURE 33. Biasing Considerations
be removed (by a filter capacitor, Figure 33b) to keep the
filter output free of this noise. One filtered DC reference can
generally be used for all of the amplifiers as there is essen-
tially no signal feedback to this bias point.
In the filter circuits presented here, all amplifiers will be bi-
ased at V+ 12 to allow the maximum AC voltage swing for
any given DC power supply voltage. The inputs to these
filters will also be assumed at a DC level of V+ 12 (for those
which are direct coupled).



6.2 A HIGH PASS ACTIVE FILTER

A single amplifier high pass RC active filter is shown in Fig-
ure 34. This circuit is easily biased using the (+) input of the
LM3900. The resistor. R3. can be simply made equal to R2
and a bias reference of V+ /2 will establish the output 0
point at this value (V+ /2). The input is capacitively coupled
(C1) and there are therefore no further DC biasing problems.

C2
470pF

Cl
470pF

··r
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FIGURE 34. A High Pass Active Filter

The design procedure for this filter is to select the pass
band gain, Ho, the 0 and the corner frequency, fe. A 0
value of 1 gives only a slight peaking near the bandedge
«2 dB) and smaller 0 values decrease this peaking. The
slope of the skirt of this filter is 12 dB/octave (or 40 dB/dec-
ade). If the gain, Ho. is unity all capacitors have the same
value. The design proceeds as:

Given: HO. 0 and we = 27Tfe
To find: R1' R2' C1, C2, and C3
let C1 = C3 and choose a convenient starting value.

Then:

1
R1=------o WeC1 (2Ho + 1)

o
R2 = --(2Ho + 1),

WeC1

C1
C2=-· Ho

As a design example.

Require: Ho = 1,

0=10,

and fe = 1 kHz (we = 6.28 X 103 rps).

Start by selecting C1 = 300 pF and then from equation (1)

R _ 1
1 - (10) (6.28 X 103) (3 X 10-10) (3)

R1 = 17.7 kO

and from equation (2)

R _ 10 (3)
2 - (6.28 X 103) (3 X 10-1°)

R2 = 15.9MO

and from equation (3)

C1
C2 = 1"" = C1

Now we see that the value of R2 is quite large; but the other
components look acceptable. Here is where impedance
scaling comes in. We can reduce R2 to the more convenient
value of 10 MO which is a factor of 1.59:1. Reducing R1 by
this same scaling factor gives:

17.7 X 103
R1NEW = 1.59 = 11.1 kO

and the capacitors are similarly reduced in impedance as:

( C1 = C2 = C3 )NEW = (1.59) (300) pF

C1NEW = 477 pF.
To complete the design, R3 is made equal to R2 (10 MO)
and a VREF of V+ /2 is used to bias the output for large
signal accommodation.

Capacitor values should be adjusted to use standard valued
components by using impedance scaling as a wider range
of standard resistor values is generally available.

6.3 A LOW PASS ACTIVE FILTER

A single amplifier low pass filter is shown in Figure 35. The
resistor, R4, is used to set the output bias level and is se-
lected after the other resistors have been established.

Cl1300

"
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FIGURE 35. A Low Pass Active Filter

The design procedure is as follows:

Given: HO, O. and we = 27Tfe
To find: R1' R2. R3' R4' C1, and C2
Let C1 be a convenient value,

then

C2 = KC1 (4)
where K is a constant which can be used to adjust compo-
nent values. For example. with K = 1, C1 = C2. Larger
values of K can be used to reduce R2 and R3 at the ex-
pense of a larger value for C2.

R2
R1 = H;;' (5)

R2 = __ 1__ [1 ± /1 + 40
2

(HKo+ 1)]
20 we C1 "V (6)

R3 = 1
We2C12R2(K)

As a design example:

Require: HO = 1,

0= 1,
and fe = 1 kHz (we = 6.28 X 103 rps).



Start by selecting C1 = 300 pF and K = 1 so C2 is also 300
pF (equation 4).

Now from equation (6)

1 [ ]R = 1 ± 1 +4 22 2 (1) (6.28 x 10S) (3 x 10-10) (f+4(2)
R2 = 1.06 Mfi

Then from equation (5)

R1 = R2 = 1.06 Mfi

and finally from equation (7)

1
Rs = ---------------

(6.28 X 10S)2 (3 X 10-10)2 (1.06 X 106) (1)
Rs = 266 kfi.

To select R4' we assume the DC input level is 7 Vac and
the DC output of this filter is to also be 7 Vac. This gives us
the circuit of Figure 36. Notice that Ho = 1 gives us not only

11 12- -
+1 Voc

Rl 1 R2

11 + 12 RJ

11 + 121 R4
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FIGURE 36. Biasing the low Pass Filter

equal resistor values (R1 and R2) but simplifies the DC bias
calculation as 11 = 12 and we have a DC amplifier with a
gain of -1 (so if the DC input voltage increases 1 Vac the
output voltage decreases 1 Vael. The resistors R1 and R2
are in parallel so that the circuit simplifies to that shown in
Figure 37 where the actual resistance values have been
added. The resistor R4 is given by

R4 = 2(~1 + RS) + Rs

or, using values

(
1 Mfi )

R4=2 -2-+266k ""1.5Mfi
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FIGURE 37. Blasing Equivalent Circuit

6.4 A SINGLE-AMPLIFIER BANDPASS ACTIVE FilTER

The bandpass filter is perhaps the most interesting. For low
frequencies, low gain and low 0 (,,;10) requirements, a sin-
gle amplifier realization can be used. A one amplifier circuit
is shown in Figure 38 and the design procedure is as fol-
lows;

Given: Ho, 0 and Wo = 27Tf.

To find: [11, R2' Rs, R4. C1 and C2·
Cl

~10pF

fo = 1 kHz

0=5
GAIN = 1

TL/H/7383-44

FIGURE 38. A One Op Amp Bandpass Filter

Let C1 = C2 and select a convenient starting value.

Then

o
R1 =-- (8)

HOWoC1

o
~= ~

(2 02 - Ho) Wo C1

20
Rs = -- (10)

WoC1

and

R4=2Rs(forVREF=V+) (11)

As a design example:

Require: Ho = 1

0=5

fo = 1 kHz (wo = 6.28 X 10S rps).

Start by selecting

C1 = C2 = 510pF.

Then using equation (8)

R _ 5
1 - (6.28 X 10S) (5.1 x 10-10)

R1 = 1.57 Mfi,

and using equation (9)

R _ 5
2 - [2(25) - 1] (6.28 X 10S)(5.1 X 10-10)

R2 = 32 kfi

from equation (10)

R _ 2(5)
s - (6.28 X 10S) (5.1 x 10-1°)

Rs = 3.13 Mfi,

and finally, for biasing, using equation (11)

R4 = 6.2Mfi.



6.5 A TWO-AMPLIFIER BANDPASS ACTIVE FILTER
To allow higher Q (between 10 and 50) and higher gain, a
two amplifier filter is required. This circuit, shown in Figure
39, uses only two capacitors. It is similar to the previous
single amplifier bandpass circuit and the added amplifier
supplies a controlled amount of positive feedback to im-
prove the response characteristics. The resistors Rs and Re
are used to bias the output voltage of the amplifiers at
V+/2.
Again, Rs is simply chosen as twice R4 and Re must be
selected after Re and R7 have been assigned values. The
design procedure is as follows:
Given: Q and fa
To find: R1 through R7' and C1 and C2
Let: C1 = C2 and choose a convenient starting value and
choose a value for K to reduce the spread of element val-
ues or to optimize sensitivity (1S; KTypicallyS; 10).
Then

Q
R1 = R4 = Re = --

WoC1 (12)

KQ
R2 = R1 (2Q _ 1) (13)

R - R1
3 - Q2 - 1 - 2/K +1/KQ (14)

As a design example:
Require: Q = 25 and fa = 1 kHz.
Select: C1 = C2 = 0.1 !'oF
and K = 3.
Then from equation (12)

R-R-R- 25
1 - 4 - e - (211"X 103) (10-7)

R1 = 40 kO

and from equation (13)
_ 3 3(25)

R2 - (40 x 10 ) [2(25) _ 1]

R2 = 61 kO

and from equation (14)

R
_ 40 X 103

3-
(25)2 - 1 - 2/3 + _1_

3(25)
R3 = 640

And R7 is given by equation (15)
R7 = 3 (40 kO) = 120 kO,

and the gain is obtained from equation (16)
Ho = .J25 (3) = 15 (23 dB).

To properly bias the first amplifier
Rs = 2R4 = 80 kO

and the second amplifier is biased by Re. Notice that the
outputs of both amplifiers will be at V+ /2. Therefore R6and
R7 can be paralleled and

Re = 2(R6 II R7)

R [(40) (120) x 103]
e=2 160 = 59kO

These values, to the closest standard resistor values, have
been added to Figure 39.

6.6 A THREE·AMPLIFIER BANDPASS ACTIVE FILTER
To reduce Q sensitivity to element variation even further or
to provide higher Q (Q> 50) a three amplifier bandpass filter
can be used. This circuit, Figure 40, pre-dates most of the
literature on RC active filters and has been used on analog
computers. Due to the use of three amplifiers it often is
considered too costly~specially for low Q applications.
The multiple amplifiers of the LM3900 make this a very use-
ful circuit. It has been called the "Bi-Quad" as it can pro-
duce a transfer function which is "Quad"-ratic in both nu-
merator and denominator (to give the "Bi"). A newer real-

fo~1kHz

Q ~ 25

GAIN = 15 (23 dB)



Y+ Rl
YINDC ~2

IODK

YIN R4
R2 10M

200K-

fo~lkHz

Q - 50

HO ~ '00 (40 dB)

ization technique for this type of filter is the "second-degree
state-variable network." Outputs can be taken at any of
three points to give low pass, high pass or bandpass re-
sponse characteristics (see the reference cited).

The bandpass filter is shown in Figure 40 and the design
procedure is:

Given: 0 and fa.

To simplify: Let C, = C2 and choose a convenient starting
value and also let 2R, = R2 = R3 and choose a conve-
nient starting value.

Then:

R4 = R, (20 - 1),

1
Rs = R7 = --,

waC'
and for biasing the amplifiers we require

R6 = Rs = 2Rs·
The mid-band gain is:

As a design example;

Require: fa = 1 kHz and 0 = 50.

To find: C" C2 and R, through Rs.

Choose: C, = C2 = 330 pF

and 2R, = R2 = R3 = 360 kfi, and R, = 180 kfi.

Then from equation (17),

R4 = (1.8 X 10S) [2(50) - 11

R4 = 17.8Mfi

From equation (18),

R -R _ 1
S - 7 - (21T X 103)(3.3 x 10-'0)

Rs = 483 kfi.

And from equation (19),

R6 = Rs "" 1 Mfi.
From equation (20) the midband gain is 100 (40 dB). The
value of R4 is high and can be lowered by scaling only R,
through R4 by the factor 1.78 to give:

360 x 103
2R, = R2 = R3 = - 200 kfi, R, = 100 kfi.

1.78

17.8 X 106
R4 = 1.78 10 Mfi.

These values (to the nearest 5% standard) have been add-
ed to Figure 40.

6.7 CONCLUSIONS
The unity-gain cross frequency of the LM3900 is 2.5 MHz
which is approximately three times that of a "741" op amp.
The performance of the amplifier does limit the performance
of the filter. Historically, RC active filters started with little



concern for these practical problems. The sensitivity func-
tions were a big step forward as these demonstrated that
many of the earlier suggested realization techniques for RC
active filters had passive component sensitivity functions
which varied as Q or even Q2. The Bi-Quad circuit has re-
duced the problems with the passive components (sensitivi-
ty functions of 1 or %) and recently the contributions of the
amplifier on the performance of the filter are being investi-
gated. An excellent treatment ("The Biquad: Part I - Some
Practical Design Considerations," L.C. Thomas, IEEE
Transactions on Circuit Theory, Vol. CT-18, No.3, May
1971) has indicated the limits imposed by the characteris-
tics of the amplifier by showing that the design value of Q
(Qo) will differ from the actual measured value of Q (QA>by
the given relationship

Qo
QA = 2Qo (21)

1 + --(wa - 2wp)
Aowa

where Ao is the open loop gain of the amplifier, wa is the
dominant pole of the amplifier and wp is the resonant fre-
quency of the filter. The result is that the trade-off between
Q and center frequency (wp) can be determined for a given
set of amplifier characteristics. When QA differs significantly
from Qo excessive dependence on amplifier characteristics
is indicated. An estimate of the limitations of an amplifier
can be madll by arbitrarily allowing approximately a 10%
effect on QA which results if

2Qo
11_ (wa - 2wp) = 0.1
"Uwa

(~) = 2.5 X 10-2 (~) + 0.5. (22)

As an example, using Ao = 2800 for the LM3900 we can
estimate the maximum frequency where a Qo = 50 would
be reasonable as

!e = 2.5 X 10-2 (2.8 X 103) + 0.5
fa 5 xl0

R1
C2 ,."

Q.1I'F

!e = 1.9
fa

fp = 1.9 fa.

Again, using data of the LM3900, fa = 1 kHz so this upper
frequency limit is approximately 2 kHz for the assumed Q of
50. As indicated in equation (26) the value of QA can actual-
ly exceed the value of Qo (Q enhancement) and, as expect-
ed, the filter can even provide its own input (oscillating).
Excess phase shift in the high frequency characteristics of
the amplifier typically cause unexpected oscillations. Phase
compensation can be used in the Bi-Quad network to reo
duce this problem (see L.C. Thomas paper).
Designing for large passband gain also increases filter de-
pendency on the characteristics of the amplifier and finally
signal to noise ratio can usually be improved by taking gain
in an input RC active filter (again see L.C. Thomas paper).
Somewhat larger Q's can be achieved by adding more filter
sections in either a synchronously tuned cascade (filters
tuned to same center frequency and taking advantage of
the bandwidth shrinkage factor which results from the series
connection) or as a standard multiple pole filter. All of the
conventional filters can be realized and selection is based
upon all of the performance requirements which the applica-
tion demands. The cost advantages of the LM3900, the rel-
atively large bandwidth and the ease of operation on a sin-
gle power supply voltage make this product an excellent
"bUilding block" for RC active filters.

7.0 Designing Waveform
Generators
The multiple amplifiers of the LM3900 can be used to easily
generate a wide variety of waveforms in the low frequency
range (f ,;; 10 kHZ). Voltage controlled oscillators (VCOl's)
are also possible and are presented in section 8.0 "Design-
ing Phase-locked Loops and Voltage Controlled

RU +'OO"o--W-

Vo PEAK = 2 VREF

10 ~ 1 kHz

THD ~ 0.1% % ~ 5 Vp)



Oscillators." In addition, power oscillators (such as noise
makers, etc.) are presented in section 10.11.3. The wave-
form generators which will be presented in this section are
mainly of the sWitching type, but for completeness a sine-
wave oscillator has been included.

7.1 A SINEWAVE OSCILLATOR
The design of a sinewave oscillator presents problems in
both amplitude stability (and predictability) and output wave-
form purity (THD). If an RC bandpass filter is used as a high
Q resonator for the oscillator circuit we can obtain an output
waveform with low distortion and eliminate the problem of
relative center frequency drift which exists if the active filter
were used simply to filter the output of a separate oscillator.
A sinewave oscillator which is based on this principle is
shown in Figure 41. The two-amplifier RC active filter is
used as it requires only two capacitors and provides an over-
all non-inverting phase characteristic. If we add a non-in-
verting gain controlled amplifier around the filter we obtain
the desired oscillator configuration. Finally, the sinewave
output voltage is sensed and regulated as the average value
is compared to a DC reference voltage, VREF,by use of a
differential averaging circuit. It can be shown that with the
values selected for R15and R16 (ratio of 0.64/1) that there
is first order temperature compensation for CRs and the
internal input diodes of the IC amplifier which is used for the
"difference averager". Further, this also provides a simple
way to regulate and to predict the magnitude of the output
sinewave as

Vo peak = 2 VREF
which is essentially independent of both temperature and
the magnitude of the power supply voltage (if VREF is de-
rived from a stable voltage source).

7.2 SQUAREWAVE GENERATOR
The standard op amp squarewave generator has been mod-
ified as shown in Figure 42. The capacitor, C1, alternately.,

3D'

:n..r
to -1kHz

TL/H/7383-47

FIGURE 42. A Squarewave Oscillator
charges and discharges (via R1) between the voltage limits
which are established by the resistors R2' Rs and R4' This
combination produces a Schmitt Trigger circuit and the op-
eration can be understood by noticing that when the output
is low (and if we neglect the current flow through R4) the
resistor R2 (3M) will cause the trigger to fire when the cur-
rent through this resistor equals the current which enters
the (+) input (via Rs). This gives a firing voltage of approxi-
mately R2/(Rs) V+ (or V+ 13). The other trip point, when
the output voltage is high, is approximately [2(R2/Rs)] V+,
as Rs = R4' or %(V +). Therefore the voltage across the
capacitor, C1, will be the first one-half of an exponential
waveform between these voltage trip limits and will have
good symmetry and be essentially independent of the mag-
nitude of the power supply voltage. If an unsymmetrical
squarewave is desired, the trip points can be shifted to pro-
duce any desired mark/space ratio.

7.3 PULSE GENERATOR
The squarewave generator can be slightly modified to pro-
vide a pulse generator. The slew rate limits of the LM3900
(0.5VI ,",sec)must be kept in mind as this limits the ability to
produce a narrow pulse when operating at a high power
supply voltage level. For example, with a + 15 Voc power
supply the rise time, tr, to change 15V is given by:

15V 15V
t ---------
r - Slew Rate - 0.5VI,",sec

tr = 30,",sec.
The schematic of a pulse generator is shown in Figure 43. A
diode has been added, CR1' to allow separating the charge
path to C1 (via R1) from the discharge path (via R2). The

Cl
o.otJlFT

FIGURE 43. A Pulse Generator
circuit operates as follows: Assume first that the output volt-
age has just switched low (and we will neglect the current
flow through R4). The voltage across C1 is high and the
magnitude of the discharge current (through R2) is given by

VC1 - VSE
IDischarge "" R2

This current is larger than that entering the (+) input which
is given by

V+ - VSE
IRS = --R-s--

The excess current entering the (-) input terminal causes
the amplifier to be driven to a low output voltage state (satu-
ration). This condition remains for the long time interval
(1/Pulse Repetition Frequency) until the R2C1 discharge
current equals the IRsvalue (as CR1 is OFF during this inter-
val). The voltage across C1 at the trip point, VL, is given by

VL = (IRs)(R2),

VL = (V+ - VSE) (::). (1)

At this time the output voltage will switch to a high state,
VOHi,and the current entering the (+) input will increase to

V+ - VSE VOHi- VSE
IM+ =----+----.

Rs R4
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nal can provide). The high trip voltage, VH, is given by

VH = (IM+) R2 or

(
V+ - VBE VOHi - VBE) R

VH = ----+ ---- 2·
R3 R4

A design proceeds by first choosing the trip points for the
voltage across Cl' The resistors R3 and R4 are used only
for this trip voltage control. The resistor R2 affects the dis-
charge time (the long interval) and also both of the trip volt-
ages so this resistor is determined first from the required
pulse repetition frequency (PRF). The value of R2 is deter-
mined by the RC exponential discharge from VH to VL as
this time interval, T10 controls the PRF (Tl = l/PRF). If we
start with the equation for the RC discharge we have

_-2L
VL = VH e R2Cl

VH
T1 = R2Clln-

VL
To provide a low duty cycle pulse train we select small val-
ues for both VH and VL (such as 3V and 1.5V) and choose a
starting value for Cl' Then R2 is given by

Tl
R2 = ----v;:; .

Clln VL

If R2 from (4) is not in the range of approximately 100 kO to
1 MO, choose another value for C1. Now equation (1) can
be used to find a value for R3 to provide the VL which was
initially assumed. Similarly equation (2) allows R4 to be cal-
culated. Finally Rl is determined by the required pulse width
(PW) as the capacitor, Cl, must be charged from VL to VH
by Rl' This RC charging is given by (neglecting the loading
due to R2)

T2
VH "" (VOHi - Vo) (1 - e - R1Cl )

T2""-R1Clln[1- VH ],andfinallY
VOHi - Vo

R = T2

1 - -Cl In [1 _ VH ]
VOHi - Vo

where T2 is the pulse width desired and Vo is the forward
voltage drop across CR1.

As a design example:

Required: Provide a 100 !'-S pulse every 1 ms. The power
supply voltage is + 15 VOC

1.0 Start by choosing VL = 1.5V

and VH = 3.0V

105
R2 = 0.694 = 144 kO

3.0 Find R3 from equation (1)

(V+ - VBE) R2
R3=-----

VL
(15 - 0.5) 1.44 x 105

R3= ----1.-5---

R3 = 1.39 MO

4.0 Find R4 from equation (2),

(VOHi - VBE)
R4=------

VH _ V+ - VBE

R2 R3

(14.2 - 0.5)

3 15 - 0.5

1.44x 105 1.39x 106

R4 = 1.32 MO

5.0 Find Rl from equation (5),
10-4

Rl = -----------8 ( 3)-10 In 1 - (14.2 _ 0.7)

104

-In (1 __ 3 )
13.5

104
Rl = 0.252 = 39.7 kO.

These values (to the nearest 5% standard) have been add-
ed to Figure 43.

7.4 TRIANGLE WAVEFORM GENERATOR
Triangle waveforms are usually generated by an integrator
which receives first a positive DC input voltage, then a nega-
tive DC input voltage. The LM3900 easily provides this oper-
ation in a system which operates with only a single power
supply voltage by making use of the current mirror which
exists at the (+) input. This allows the generation of a trian-
gle waveform without requiring a negative DC input voltage.

The schematic diagram of a triangle waveform generator is
shown in Figure 44. One amplifier is doing the integration by

TUHI7383-SO
FIGURE 44. A Triangle Waveform Generator



operating first with the current through R1 to produce the
negative output voltage slope, and then when the output of
the second amplifier (the Schmitt Trigger) is high, the cur-
rent through R2 causes the output voltage to increase. If R1
= 2R2' the output waveform will have good symmetry. The
timing for one-half of the period (T /2) is given by

:!: = (R1C1)aVO
2 V+ - VBE

or the output frequency becomes

V+ - VBE
fo=----

2R1C1aVO

where we have assumed R1 = 2R2' VBE is the DC voltage
at the (-) input (0.5 Voc), and aVo is the difference be-
tween the trip points of the Schmitt Trigger. The design of
the Schmitt Trigger has been presented in the section on
Digital and Switching Circuits (9.0) and the trip voltages con-
trol the peak-ta-peak excursion of the triangle output volt-
age waveform. The output of the Schmitt circuit provides a
squarewave of the same frequency.

7.5 SAWTOOTH WAVEFORM GENERATOR

The previously described triangle waveform generator, Fig-
ure 44, can be modified to produce a sawtooth waveform.
Two types of waveforms can be provided, both a positive
ramp and a negative ramp sawtooth waveform by selecting
R1 and R2. The reset time is also controlled by the ratio of
R1 and R2. For example, if R1 = 10 R2 a positive ramp
sawtooth results and if R2 = 10 R1 a negative ramp saw-
tooth can be obtained. Again, the slew rate limits of the
amplifier (0.5V / ",s) will limit the minimum retrace time, and
the increased slew rate of a negative going output will allow
a faster retrace for a positive ramp sawtooth waveform.

RESET
CONTROL

·..,n1-"u,
• to

To provide a gated sawtooth waveform, the circuits shown
in Figure 45 can be used. In Figure 45{a), a positive ramp is
generated by integrating the current, I, which is entering the
(+) input. Reset is provided via R1 and CR1 keeps R1 from
loading at the (-) input during the sweep interval. This will
sweep from Vo MIN to Vo MAX and will remain at Vo MAX
until reset. The interchange of the input leads, Figure 45{b),
will generate a negative ramp, from Vo MAX to Vo MIN.

to
I:~
TUH/7383-51

:~
I
'0

(b) Negative Ramp

FIGURE 45. Gated Sawtooth Generators
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7.5.1 GENERATING A VERY SLOW
SAWTOOTH WAVEFORM
The LM3900 can be used to generate a very slow sawtooth
waveform which can be used to generate long time delay
intervals. The circuit is shown in Figure 46 and uses four
amplifiers. Amps 1 and 2 are cascaded to increase the gain
of the integrator and the output is the desired very slow
sawtooth waveform. Amp 3 is used to exactly supply the
bias current to Amp 1.
With resistor RB opened up and the reset control at zero
volts, the potentiometer, Rs, is adjusted to minimize the drift
in the output voltage of Amp 2 (this output must be kept in
the linear range to insure that Amp 2 is not in saturation).
Amp 4 is used to provide a bias reference which equals the
DC voltage at the (-) input of Amp 3. The resistor divider,
R7 and Rg provides a 0.1 Voe reference voltage across Rg
which also appears across RB. The current which flows
through RB,I, enters the (-) input of Amp 3 and causes the
current through R6 to drop by this amount. This causes an
imbalance as now the current flow through R4 is no longer
adequate to supply the input current of Amp 1. The net re-
sult is that this same current, I, is drawn from capacitor C,
and causes the output voltage of Amp 2 to sweep slowly
positive. As a result of the high impedance values used, the
PC component board used for this circuit must first be
cleaned and then coated with silicone rubber to eliminate
the effects of leakage currents across the surface of the
board. The DC leakage currents of the capacitor, C" must
also be small compared to the 10 nA charging current. For
example, an insulation resistance of 100,000 MO will leak
0.1 nA with 10 Voe across the capacitor and this leakage
rapidly increases at higher temperatures. Dielectric polariza-
tion of the dielectric material may not cause problems if the
circuit is not rapidly cycled. The resistor, RB'and the capaci-
tor, C" can be scaled to provide other basic sweep rates.
For the values shown on Figure 46 the 10 nA current and
the 1J.LFcapacitor establish a sweep rate of 100 see/volt.
The reset control pulse (Amp 3 (+) input) causes Amp 3 to
go to the positive output saturation state and the 10 MO
(R4) gives a reset rate of 0.7 see/volt. The resistor, R"
prevents a large discharge current of C, from overdriving
the (-) input and overloading the input clamp device. For
larger charging currents, a resistor divider can be placed
from the output of Amp 4 to ground and RBcan tie from this
tap point directly to the (-) input of Amp 1.

7.6 STAIRCASE WAVEFORM GENERATORS
A staircase generator can be realized by supplying pulses to
an integrator circuit. The LM3900 also can be used with a
squarewave input signal and a differentiating network where
each transition of the input squarewave causes a step in the
output waveform (or two steps per input cycle). This is
shown in Figure 47. These pulses of current are the charge
and discharge currents of the input capacitor, C,. The
charge current, Ie, enters the (+) input and is mirrored
about ground and is "drawn into" the (-) input. The dis-
charge current, 10, is drawn through the diode at the input,
CR" and therefore also causes a step on the output stair-
case.
A free running staircase generator is shown in Figure 48.
This uses all four of the amplifiers which are available in one
LM3900 package.
Amp 1 provides the input pulses which "pump up" the stair-
case via resistor R, (see section 7.3 for the design of this
pulse generator). Amp 2 does the integrate and hold func-
tion and also supplies the output staircase waveform. Amps
3 and 4 provide both a compare and a one-shot multivibra-
tor function (see the section on Digital and Switching Cir-
cuits for the design of this dual function one-shot). Resistor
R4 is used to sample the staircase output voltage and to
compare it with the power supply voltage (V+) via Rs. When
the output exceeds approximately 80% of V+ the connec-
tion of Amps 3 and 4 causes a 100 J.Lsecreset pulse to be
generated. This is coupled to the integrator (Amp 2) via R2
and causes the staircase output voltage to fall to approxi-
mately zero volts. The next pulse out of Amp 1 then starts a
new stepping cycle.

7.7 A PULSE COUNTER AND A VOLTAGE VARIABLE
PULSE COUNTER
The basic circuit of Figure 48 can be used as a pulse coun-
ter simply by omitting Amp 1 and feeding input voltage puls-
es directly to R,. A simpler one-shot/comparator which re-
quires only one amplifier can also be used in place of Amps
3 and 4 (again, see the section on Digital and Switching
Circuits). To extend the time interval between pulses, an
additional amplifier can be used to supply base current to
Amp 2 to eliminate the tendency for the output voltage to
drift up due to the 30 nA input current (see section 7.5.1).
The pulse count can be made voltage variable simply by
removing the comparator reference (Rs) from V+ and using
this as a control voltage input. Finally, the input could be
derived from differentiating a squarewave input as was
shown in Figure 47 and if only one step per cycle were
desired, the diode, CR, of Figure 47, can be eliminated.

IOJ.c, ..-/
O.I"F RIo--i 30K
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7.8 AN UP-DOWN STAIRCASE WAVEFORM
GENERATOR
A staircase waveform which first steps up and then steps
down is provided by the circuit shown in Figure 49. An input
pulse generator provides the pulses which cause the output
to step up or down depending on the conduction of the
clamp transistor, 01. When this is ON, the "down" cur-

rent pulse is diverted to ground and the staircase then steps
"up". When the upper voltage trip point of Amp 2 (Schmitt
Trigger-see section on Digital and Switching Circuits) is
reached, 01 goes OFF and as a result of the smaller
"down" input resistor (one-half the value of the "up" resis-
tor, R1) the staircase steps "down" to the low voltage trip
point of Amp 2. The output voltage therefore steps up and
down between the trip voltages of the Schmitt Trigger.

O.Ol,.f*"



8.0 Designing Phase-Locked Loops
and Voltage Controlled Oscillators
The LM3900 can be connected to provide a low frequency
(f < 10 kHz) phase-locked loop (PL2). This is a useful circuit
for many control applications. Tracking filters, frequency to
DC converters, FM modulators and demodulators are appli-
cations of a PL2.

8.1 VOLTAGE CONTROLLED OSCILLATORS (VCO)
The heart of a PL2 is the voltage controlled oscillator (VCO).
As the PL2 can be used for many functions, the required
linearity of the transfer characteristic (frequency out vs. DC
voltage in) depends upon the application. For low distortion
demodulation of an FM signal, a high degree of linearity is
necessary whereas a tracking filter application would not
require this performance in the VCO.

A vea circuit is shown in Figure 50. Only two amplifiers are
required, one is used to integrate the DC input control volt-
age, Vc, and the other is connected as a SChmitt-trigger
which monitors the output of the integrator. The trigger cir-
cuit is used to control the clamp transistor, 01. When 01 is
conducting, the input current, 12, is shunted to ground. Dur-
ing this one-half cycle the input current, 11,causes the out-
put voltage of the integrator to ramp down. At the minimum
point of the triangle waveform (output 1), the Schmitt circuit
changes state and transistor 01 goes OFF. The current, 12,
is exactly twice the value of 11 (R2 = R1/2) such that a
charge current (which is equal to the magnitude of the dis-
charge current) is drawn through the capacitor, C, to provide
the increasing portion of the triangular waveform (output 1).

The output frequency for a given DC input control voltage
depends on the trip voltages of the Schmitt circuit (VH and
VLl and the components R1 and C1 (as R2 = R1/2). The

+Vc
CONTROL

INPUT

time to ramp down from VH to Vl corresponds to one-half
the period (T) of the output frequency and can be found by
starting with the basic equation of the integrator

Vo = -~f 11dt (1)

as 11is a constant (for a given value of Vel which is given by

I
- Vc - VSE

1 - R1 (2)

equation (1) simplifies to

11
aVO= -C(at)

avo = _!1
at C

Now the time, at, to sweep from VH to Vl becomes

(VH - VLl C
at1 = 11 or

T = 2 (VH - VLl C and
11

f =! = 11
T 2 (VH - VLlC

Therefore, once VH, Vl, R1 and C are fixed in value, the
output frequency, f, is a linear function of 11(as desired for a
VCO).
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FIGURE 51. Adding Input Common-mode
Biasing Resistors

The circuit shown in Figure 50 will require Vc > VSE to
oscillate. A value of Vc = 0 provides fOUT = 0, which may
or may not be desired. Two common-mode input biasing
resistors can be added as shown in Figure 51 to allow
fOUT = fMIN for Vc = O. In general, if these resistors are a
factor of 10 larger than their corresponding resistor (R1 or
R2) a large control frequency ratio can be realized. Actually,
Vc could range outside the supply voltage limit of V+ and
this circuit will still function properly.

The output frequency of this circuit can be increased by
reducing the peak-to-peak excursion of the triangle wave-
form (output 1) by design of the trip points of the Schmitt
circuit. A limit is reached when the triangular sweep output
waveform exceeds the slew rate limit of the LM3900 (0.5 V /
/£s). Note that the output of the Schmitt circuit has to move
up only one VSE to bring the clamp transistor, Q1, ON, and
therefore output slew rate of this circuit is not a limit.

TL/H/7383-59

FIGURE 52. Reducing Temperature Drift

To improve the temperature stability of the VCO, a PNP
emitter follower can be used to give approximate compen-
sation for the VSE'S at the inputs to the amplifier (see Figure
52). Finally to improve the mark to space ratio accuracy
over temperature and at low control VOltages, an additional
amplifier can be added such that both reference currents
are applied to the same type of (inverting) inputs of the
LM3900. The circuit to accomplish this is shown within dot-
ted lines in Figure 53.

8.2 PHASE COMPARATOR

A basic phase comparator is shown in Figure 54. This circuit
provides a pulse-width modulated output voltage waveform,
Vol, which must be filtered to provide a DC output voltage
(this filter can be the same as the one needed in the PL2).
The resistor R2 is made smaller than R1 so the (+) input
serves to inhibit the (-) input signal. The center of the
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dynamic range is indicated by the waveforms shown on the
figure (90· phase difference between fiN and fyea).
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T';:Vooc';:V+
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PHASE DIAGRAM

FIGURE 54. Phase Comparator

The filtered DC output voltage will center at 3V+ /4 and can
range from V+ /2 to V+ as the phase error ranges from 0
degrees to 1eo degrees.

8.3 A COMPLETE PHASE-LOCKED LOOP

A phase-locked loop can be realized with three of the ampli-
fiers as shown in Figure 55. This has a center frequency of
approximately 3 kHz. To increase the lock range, DC gain
can be added at the input to the VCO by using the fourth
amplifier of the LM3900. If the gain is inverting, the limited
DC dynamic range out of the phase detector can be in-

f'N:su

creased to improve the frequency lock range. With inverting
gain, the input to the VCO could go to zero volts. This will
cause the output of the VCO to go high (V+) and will latch if
applied to the (+) input of the phase comparator. Therefore
apply the VCO signal to the (-) input of the phase compar-
ator or add the common-mode biasing resistors of Figure
51.

8.4 CONCLUSIONS

One LM3900 package (4 amplifiers) can provide all of the
operations necessary to make a phase-locked loop. In addi-
tion, a VCO is a generally useful component for other sys-
tem applications.

9.0 Designing Digital and Switching
Circuits
The amplifiers of the LM3900 can be over-driven and used
to provide a large number of low speed digital and switching
circuit applications for control systems which operate off of
single power supply voltages larger than the standard
+5 VDC digital limit. The large voltage swing and slower
speed are both advantages for most industrial control sys-
tems. Each amplifier of the LM3900 can be thought of as "a
super transistor" with a 13 of 1,000,000 (25 nA input current
and 25 mA output current) and with a non-inverting input
feature. In addition, the active pull-up and pull-down which
exists at the output will supply larger currents than the sim-
ple resistor pull-ups which are used in digital logic gates.
Finally, the low input currents allow timing circuits which
minimize the capacitor values as large impedance levels
can be used with the LM3900.



9.1 AN "OR" GATE

An OR gate can be realized by the circuit shown in Figure
56. A resistor (150 k!l.) from V+ to the (-) input keeps the
output of the amplifier in a low voltage saturated state for all
inputs A, B, and C at OV. If anyone of the input signals were
to go high ("" V +) the current flow through the 75 k!l. input
resistor will cause the amplifier to switch to the positive out-
put saturation state (Vo "" V +). The current loss through
the other input resistors (which have an input in the low
voltage state) represents an insignificant amount of the total
input current which is provided by the, at least one, high
voltage input. More than three inputs can be OR'ed if de-
sired.

f ~ A+S+C

TL/H/7383-63

FIGURE 56. An "OR" Gate

The "fan-out" or logical drive capability is large (50 gates if
each gate input has a 75 k!l. resistor) due to the 10 mA
output current capability of the LM3900. A NOR gate can be
obtained by interchanging the inputs to the LM3900.

9.2 AN "AND" GATE

A three input AND gate is shown in Figure 57. This gate
requires all three inputs to be high in order to have sufficient
current entering the (+) input to cause the output of the
amplifier to switch high. The addition of R2 causes a smaller
current to enter the (+) input when only two of the inputs
are high. (A two input AND gate would not require a resistor

Rl
75K

FIGURE 57. An "AND" Gate

as R2). More than three inputs becomes difficult with this
resistor summing approach as the (+) input is too close to
having the necessary current to switch just prior to the last
input going high. For a larger fan-in an input diode network

(similar to DTL) is recommended as shown in Figure 58.
Interchange the inputs for a NAND gate.
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All Diodes 1N914 or Equiv. TL/H/7383-65

FIGURE 58. A Large Fan-In "AND" Gate

9.3 A BI-STABLE MUL TIVIBRATOR

A bi-stable multivibrator (as asynchronous RS flip-flop) can
be realized as shown in Figure 59. Positive feedback is pro-
vided by resistor R4 which causes the latching. A positive
pulse at the "set" input causes the output to go high and a
"reset" positive pulse will return the output to essentially
OVDC·

R1
R2 1M

7SOK



9.4 TRIGGER FLIP FLOPS
Trigger flip flops are useful to divide an input frequency as
each input pulse will cause the output of a trigger flip flop to
change state. Again, due to the absence of a clocking signal
input, this is for an asynchronous logic application. A circuit
which uses only one amplifier is shown in Figure 60. Steer-
ing of the differentiated positive input trigger is provided by
the diode CR2. For a low output voltage state, CR2 shunts
the trigger away from the (-) input and resistor R3 couples
this positive input trigger to the (+) input terminal. This
causes the output to switch high. The high voltage output
state now keeps CR2 OFF and the smaller value of (Rs +
Rs) compared with R3 causes a larger positive input trigger

to be coupled to the (-) input which causes the output to
switch to the low voltage state.

A second trigger flip flop can be made which consists of two
amplifiers and also provides a complementary output. This
connection is shown in Figure 61.

9.5 MONOSTABLE MUL TIVIBRATORS (ONE-SHOTS)

Monostable multivibrators can be made using one or two of
the amplifiers of the LM3900. In addition, the output can be
designed to be either high or low in the quiescent state.
Further, to increase the usefulness, a one-shot can be de-
signed which triggers at a particular DC input voltage level
to serve the dual role of providing first a comparator and
then a pulse generator.

Cl
100pF

V1No-1

100pF T
INPUT
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9.5.1 A TWO-AMPLIFIER ONE-SHOT

A circuit for a two-amplifier one-shot is shown in Figure 62.
As the resistor, R2' from V + to the ( -) input is smaller than
R5 (from V + to the ( +) input), amplifier 2 will be biased to a
low-voltage output in the quiescent state. As a result, no
current is supplied to the (-) input of amplifier 1 (via R3)
which causes the output of this amplifier to be in the high
voltage state. Capacitor C1 therefore has essentially the full
V+ supply voltage across it (V+ -2 VSE). Now when a dif-
ferentiated trigger (due to C2) causes amplifier 1 to be driv-
en ON (output voltage drops to essentially zero volts) this
negative transient is coupled (via C1) to the (-) input of
amplifier 2 which causes the output of this amplifier to be
driven high (to positive saturation). This condition remains
while C1 discharges via (R1) from approximately V+ to ap-
proximately V+ /2. This time interval is the pulse width
(PW). After C1 no longer diverts sufficient current of R2
away from the ( -) input of amplifier 2 (i.e., C1 is discharged
to approximately V+ /2 V) the stable DC state is restored-
amplifier 2 output low and amplifier 1 output high.

This circuit can be rapidly re-triggered due to the action of
the diode, CR1. This re-charges C1 as amplifier 1 drives full
output current capability (approximately 10 mAl through C1,
CR1 and into the saturated (-) input of amplifier 2 to
ground. The only time limit is the 10 mA available from am-
plifier 1 and the value of C1. If a rapid reset is not required,
CR1 can be omitted.

Trips At V,N •• 0.8 v+
V,N must fall < 0.8 V+ prior to t2

Tl/HI7383-70
FIGURE 63. A One-shot Multlvlbrator

with an Input Comparator

9.5.2 A COMBINATION ONE-SHOT/COMPARATOR
CIRCUIT

In many applications a pulse is required if a DC input signal
exceeds a predetermined value. This exists in free-running
oscillators where after a particular output level has been
reached a reset pulse must be generated to recycle the
oscillator. This double function is provided with the circuit of
Figure 63. The resistors R5 and Re of amplifier 1 provide the
inputs to a comparator and, as shown, an input signal, VIN,
is compared with the supply voltage, V+. The output volt-
age of amplifier 1 is normally in a high voltage state and will
fall and initiate the generation of the output pulse when VIN
is Re/R5 V+ or approximately 80% of V+. To keep VIN
from disturbing the pulse generation it is required that VIN
fall to less than the trip voltage prior to the termination of
the output pulse. This is the case when this circuit is used to
generate a reset pulse and therefore this causes no prob-
lems.

9.5.3 A ONE-AMPLIFIER ONE-SHOT (POSITIVE PULSE)

A one-shot circuit can be realized using only one amplifier
as shown in Figure 64.

The resistor R2 keeps the output in the low voltage state. A
differentiated positive trigger causes the output to switch to
the high voltage state and resistor R5 latches this state. The
capacitor, C1, charges from essentially ground to approxi-
mately V+ /4 where the circuit latches back to the quiescent
state. The diode, CR1, is used to allow a rapid re-triggering.

~JL
OUTPUT

TRIGGER----J
INPUT"!

C2
l00,F

TL/H/7383-71
FIGURE 64. A One-amplifier One-shot (Positive Output)



9.5.4 A ONE-AMPLIFIER ONE-SHOT (NEGATIVE PULSE)

A one-amplifier one-shot multivibrator which has a quies-
cent state with the output high and which falls to zero volts
for the pulse duration is shown in Figure 65.

CR' v·:v
Cl"."'1'

R2
10M

TRIGGER ----1
INPUT'"

C2
1OD,F
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FIGURE 65. A One-Amplifier One-Shot
(Negative Output)

The sum of the currents through R2 and R3 keeps the (-)
input at essentially ground. This causes Vo to be in the high
voltage state. A differentiated negative trigger waveform
causes the output to switch to the low voltage state. The
large voltage across C1 now provides input current via R1 to
keep the output low until C1 is discharged to approximately
V+ /10. At this time the output switches to the stable high
voltage state.

If the R4C2 network is moved to the (-) input terminal. the
circuit will trigger on a differentiated positive trigger wave-
form.

9.6 COMPARATORS

The voltage comparator is a function required for most sys-
tem operations and can easily be performed by the LM3900.
Both an inverting and a non-inverting comparator can be
obtained.

9.6.1 A COMPARATOR FOR POSITIVE
INPUT VOLTAGES

The circuit in Figure 66 is an inverting comparator. To insure
proper operation, the reference voltage must be larger than

TUHI7383- 73
FIGURE 66. An Inverting Voltage Comparator

VBE, but there is no upper limit as long as the input resistor
is large enough to guarantee that the input current will not
exceed 200 ".A.

9.6.2 A COMPARATOR FOR NEGATIVE
INPUT VOLTAGES

Adding a common-mode biasing network to the comparator
in Figure 66 makes it possible to compare voltages between
zero and one volt as well as the comparison of rather large
negative voltages, Figure 67. When working with negative
voltages, the current supplied by the common-mode net-
work must be large enough to satisfy both the current drain
demands of the input voltages and the bias current require-
ment of the amplifier.

No Negative
Voltage Um~
If Property
Biased

,QQ,
",V"EF

•• .zvoc
v.

'DO'
+VIN
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FIGURE 67. A Non-Inverting Low-voltage Comparator

9.6.3 A POWER COMPARATOR

When used in conjunction with an external transistor, this
power comparator will drive loads which require more cur-
rent than the IC amplifier is capable of supplying. Figure 68
shows a non-inverting comparator which is capable of driv-
ing a 12V, 40 mA panel lamp.

TUHI7383-75

FIGURE 68. A Non-inverting Power Comparator

9.6.4 A MORE PRECISE COMPARATOR

A more precise comparator can be designed by using a sec-
ond amplifier such that the input voltages of the same type
of inputs are compared. The (-) input voltages of two am-
plifiers are naturally more closely matched initially and track
well with temperature changes. The comparator of Figure
69 uses this concept.
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FIGURE 70. Schmitt Triggers
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FIGURE 69. A More Precise Comparator

The current established by VREF at the inverting input of
amplifier 1 will cause transistor 01 to adjust the value of VA
to supply this current. This value of VA will cause an equal
current to flow into the non-inverting input of amplifier 2.
This current corresponds more exactly to the reference cur-
rent of amplifier 1.
A differential input stage can also be added to the LM3900
(see section 10.16) and the resulting circuit can provide a
precision comparator circuit.

9.7 SCHMITT TRIGGERS

Hysteresis may be designed into comparators which use the
LM3900 as shown in Figure 10.

. -
rent. 13.drops below the level required by the current mirror.
the output will switch to the high limit. With Vo high. the
current demanded by the mirror is increased by a fixed
amount. 12.As a result. the 13required to switch the output
increases this same amount. Therefore. the switch points
are determined by selecting resistors which will establish
the required currents at the desired input voltages. Refer-
ence current (11) and feedback current (12) are set by the
following equation.

V+ - <I>
11=---Rs

12= VOMAX-<I>
RF

By adjusting the values of Rs. RF. and RIN. the switching
values of VIN may be set to any levels desired.

The non-inverting Schmitt Trigger works in the same way
except that the input voltage is applied to the ( +) input. The
range of VIN may be very large when compared with the
operating voltage of the amplifier.

10.0 Some Special Circuit
Applications
This section contains various special circuits which did not
fit the order of things or which are one-of-a-kind type of
applications.

10.1 CURRENT SOURCES AND SINKS

The amplifiers of the LM3900 can be used in feedback
loops which regulate the current in external PNP transistors
to provide current sources or in external NPN transistors to
provide current sinks. These can be multiple sources or sin-
gle sources which are fixed in value or made voltage vari-
able.



10.1.1A FIXED CURRENT SOURCE
A multiple fixed current source is provided by the circuit of
Figure 71. A reference voltage (1 Voc) is established across
resistor R3 by the resistive divider (R3 and R4). Negative
feedback is used to cause the voltage drop across R1 to
also be 1 Voc. This controls the emitter current of transistor
01 and if we neglect the small current diverted into the (-)
input via the 1M input resistor (13.5 p.A) and the base cur-
rent of 01 and 02 (an additional 2% loss if the /3 of these
transistors is 100), essentially this same current is available
out of the collector of 01.
Larger input resistors can be used to reduce current loss
and a Darlington connection can be used to reduce errors
due to the /3 of 01.

(+15Vocl

FIGURE 71. Fixed Current Sources
The resistor, R2' can be used to scale the collector current
of 02 either above or below the 1 mA reference value.

10.1.2A VOLTAGE VARIABLE CURRENT SOURCE
A voltage variable current source is shown in Figure 72. The
transconductance is -(1/R2) as the voltage gain from the
input terminal to the emitter of 01 is -1. For a VIN = 0 Voc
the output current is essentially zero mA DC. The resistors
R1 and R6 guarantee that the amplifier can turn OFF tran·
sistor 01.

TUH/7383-80

FIGURE 72. A Voltage Controlled Current Source

10.1.3A FIXED CURRENT SINK
Two current sinks are shown in Figure 73. The circuit of
Figure 73(8) requires only one resistor and supplies an out·

put current which is directly proportional to this R value. A
negative temperature coefficient will result due to the 0.5
Voc reference being the base-emitter junction voltage of
the (-) input transistor. If this temperature coefficient is ob-
jectionable, the circuit of Figure 73(b) can be employed.

FIGURE 73. Fixed Current Sinks

10.1.4A VOLTAGE VARIABLE CURRENT SINK
A voltage variable current sink is shown in Figure 74. The
output current is 1 mA per volt of VIN(as Rs = 1 kfi and the
gain is + 1).This circuit provides approximately 0 mA output
current for VIN = 0 Voc.

! llO. 1 ftlAlVOl T {v •• t

Tl/H/7383-83

FIGURE 74. A Voltage Controlled Current Sink

10.2 OPERATION FROM ± 15 Voc POWER SUPPLIES
If the ground pin (no. 7) is returned to a negative voltage
and some changes are made in the biasing circuits. the
LM3900 can be operated from ± 15 Voc power supplies.



10.2.1AN AC AMPLIFIER OPERATING WITH ± 15 VOC
POWER SUPPLIES
An AC coupled amplifier is shown in Figure 75. The biasing
resistor, Rs, is now returned to ground and both inputs bias
at one VSE above the -VEE voltage (approximately -15
Voc)·

Co
D.DI.Fi,,·
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FIGURE 75. An AC Amplifier Operating With ± 15 Voc
With Rt = Rs. Vo will bias at approximately 0 VDCto allow a
maximum output voltage swing. As pin 7 is common to all
four of the amplifiers which are in the same package. the
other amplifiers are also biased for operation off of ± 15
Voc·
10.2.2A DC AMPLIFIER OPERATING WITH ± 15 Voc
POWER SUPPLIES
Biasing a DC amplifier is more difficult and requires that the
± power supplies be complementary tracking (i.e.,
l+vccI = I-VEEI). The operation of this biasing can be
understood if we start by first considering the amplifier with-
out including the feedback resistors, as sho\yn in Figure 76.
If RI = R2 = R3 + R4 = 1 MO and I+vccl = I-VEEI,

+1SVoc•

V'N
(INVERTING

INPUT)

TLlH17383-85
FIGURE 76. DC Biasing for ± 15 Voc Operation

then the current, I, will bias VIN at zero volts DC (resistor R4
can be used to adjust this). The diode, CRI, has been add-
ed for temperature compensation of this biasing. Now, if we
include these biasing resistors, we have a DC amplifier with
the input biased at approximately zero volts. If feedback
resistors are added around this biased amplifier we get the
schematic shown in Figure 77.
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FIGURE 77. A DC Amplifier Operating with ± 15 Voc
This is a standard inverting DC amplifier connection. The
(+) input is "effectively" at ground and the biasing shown in
Figure 76 is used to take care of DC levels at the inputs.

10.3 TACHOMETERS
Many pulse averaging tachometers can be built using the
LM3900. Inputs can be voltage pulses, current pulses or the
differentiated transitions of squarewaves. The DC output
voltage can be made to increase with increasing input fre-
quency, can be made proportional to twice the input fre-
quency (frequency doubling for reduced output ripple), and
can also be made proportional to either the sum or the dif-
ference between two input frequencies. Due to the small
bias current and the high gain of the LM3900, the transfer
function is linear between the saturation states of the ampli-
fier.

10.3.1 A BASIC TACHOMETER
If an RC averaging network is added from the output to the
(- ) input, the basic tachometer of Figure 78 results. Current
pulse inputs will prOVidethe desired transfer function shown
on the figure. Each input current pulse causes a small
change in the output voltage. Neglecting the effects of R we
have

lat
avo""C

The inclusion of R gives a discharge path so the output
voltage does not continue to integrate, but rather provides
the time dependency which is necessary to average the in-
put pulses. If an additional signal source is simply placed in
parallel with the one shown, the output becomes proportion-
al to the sum of these input frequencies. If this additional
source were applied to the (-) input, the output voltage
would be proportional to the difference between these input
frequencies. Voltage pulses can be converted to current
pulses by using an input resistor. A series isolating diode
should be used if a signal is applied to the (-) input to
prevent loading during the low voltage state of this input
signal.
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FIGURE 78. A Basic Tachometer

10.3.2 EXTENDING VOUT(MINIMUM) TO GROUND
The output voltage of the circuit of Figure 78 does not go to
ground level but has a minimum value which is equal to the
VSEof the (-) input (0.5 VDcl. If it is desired that the output
voltage go exactly to ground, the circuit of Figure 79 can be
used. Now with VIN = 0 VDC, Vo = 0 VDC due to the
addition of the common-mode biasing resistors (180 kO).

TL/H/7383-88

FIGURE 79. Adding Blasing to Provide Vo = 0 Voc
The diode, CR1, allows the output to go below VCESATof
the output, if desired (a load is required to provide a DC path
for the biasing current flow via the R of the averaging net-
work).

10.3.3A FREQUENCY DOUBLING TACHOMETER
To reduce the ripple on the DC output voltage, the circuit of
Figure 80 can be used to effectively double the input fre-
quency. Input pulses are not required, a squarewave is all
that is needed. The operation of the circuit is to average the
charge and discharge transient currents of the input capaci-
tor, CIN. The resistor, RIN' is used to convert the voltage
pulses to current pulses and to limit the surge currents (to
approximately 200 /LA peak-or less if operating at high
temperatures).
When the input voltage goes high, the charging current of
CIN,ICHGenters the (+) input, is mirrored about ground and
is drawn from the RC averaging network into the (-) input
terminal. When the input voltage goes back to ground, the

discharge current of CIN, IDISCHARGEwill also be drawn
from the RC averaging network via the now conducting di-
ode. CR1.This full wave action causes two current pulses to
be drawn through the RC averaging network for each cycle
of the input frequency.
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FIGURE 80. A Frequency Doubling Tachometer

10.4 A SQUARING AMPLIFIER
A squaring amplifier which incorporates symmetrical hyster-
esis above and below the zero output state (for noise immu-
nity) is often needed to amplify the low level signals which
are provided by variable reluctance transducers. In addition.
a high frequency roll-off (low pass characteristic) is desir-
able both to reduce the natural voltage buildup at high fre-
quencies and to also filter high frequency input noise distur-
bances. A simple circuit which accomplishes this function is
shown in Figure 81. The input voltage is converted to

v·

Variable
Reluctance
Transducer

TL/H/7383-90

FIGURE 81. A Squaring Amplifier with HysteresIs
input currents by using the input resistors, RIN' Common-
mode biasing is provided by RS1 and RS2' Finally positive
feedback (hysteresis) is provided by Rf. The large source
resistance, RIN.provides a low pass filter due to the "Miller-
effect" input capacitance of the amplifier (approximately
0.002 /LF). The amount of hysteresis and the symmetry
about the zero volt input are controlled by the positive feed-
back resistor, Rf, and RS1and RS2.With the values shown
in Figure 81 the trip voltages are approximately ± 150 mV
centered about the zero output voltage state of the trans-
ducer (at low frequencies where the low pass filter is not
attenuating the input signal).



10.5 A DIFFERENTIATOR

An input differentiating capacitor can cause the input of the
LM3900 to swing below ground and actuate the input clamp
circuit. Again, common-mode biasing can be used to pre-
vent this negative swing at the input terminals of the
LM3900. The schematic of a differentiator circuit is shown in
Figure 82. Common-mode biasing is provided by RS1 and

v·

TL/H17383-91

FIGURE 82. A Dlfferentlator Circuit

RS2. The feedback resistor, RI' is one-hall the value of RIN
so the gain is 1/2. The output voltage will bias at V+ /2
which thereby allows both a positive and a negative swing
above and below this bias point. The resistor, RIN' keeps
the negative swing isolated from the (-) input terminal and
therefore both inputs remain biased at +VSE'

10.6 A DIFFERENCE INTEGRATOR

A difference integrator is the basis of many of the sweep
circuits which can be realized using the LM3900 operating
on only a single power supply voltage. This circuit can also
be used to provide the time integral of the difference be-
tween two input waveforms. The schematic of the differ-
ence integrator is shown in Figure 83.

TUH/7383-92
FIGURE 83. A Difference Integrator

This is a useful component for DC feedback loops as both
the comparison to a reference and the integration take
place in one amplifier.

10.7 A LOW DRIFT SAMPLE AND HOLD CIRCUIT

In sample and hold applications a very low input biasing
current is required. This is usually achieved by using a FET
transistor or a special low input current IC op amp. The
existence of many matched amplifiers in the same package
allows the LM3900 to provide some interesting low "equiva-
lent" input biasing current applications.

10.7.1 REDUCING THE "EFFECTIVE" INPUT BIASING
CURRENT

One amplifier can be used to bias one or more additional
amplifiers as shown in Figure 84.

ADJUST Is "'E'FECTlVE"
RJ TO ZERO
2M

TL/H/7383-93

FIGURE 84. Reducing 18 "Effective" to Zero

The input terminal of Amp. 1 will only need to supply the
signal current if the DC biasing current, IS1, is accurately
supplied via R1. The adjustment, Rs, allows a zeroing of "Is
effective" but simply omitting Rs and letting R 1 = R2 (and
relying on amplifier symmetry) can cause Is "effective" to
be less than Is/10 (3 nA). This is useful in circuit applica-
tions such as sample and hold, where small values of Is
"effective" are desirable.

10.7.2 A LOW DRIFT RAMP AND HOLD CIRCUIT

The input current reduction technique of the previous sec-
tion allows a relatively simple ramp and hold circuit to be
built which can be ramped up or down or allowed to remain
at any desired output DC level in a "hold" mode. This is
shown in Figure 85. If both inputs are at 0 Voc the circuit is
in a hold mode. Raising either input will cause the DC output
voltage to ramp either up or down depending on which one
goes positive. The slope is a function of the magnitude of
the input voltage and additional inputs can be placed in par-
allel, if desired, to increase the input control variables.
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FIGURE 85. A Low-Drift Ramp and Hold Circuit

10.7.3 SAMPLE-HOLD AND COMPARE WITH NEW +VIN Amp. 1 is equal to the DC input voltage which is applied to
An example of using the circuit of the previous section is Amp. 3. Resistor Rl provides a fixed "down" ramp current
shown in Figure 86 where clamping transistors, 01 and 02, which is balanced or controlled via the comparator, Amp. 3,
put the circuit in a hold mode when they are driven ON. and the resistor R4·When 01 and 02 are OFF a feedback
When OFF the output voltage of Amp. 1 can ramp either up loop guarantees that V01 (from Amp. 1) is equal to +VIN (to
or down as needed to guarantee that the output voltage of Amp. 3). Amplifier 2 is used to supply the input biasing cur-

rent to Amp. 1.
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ing use of V02 as an error signal for this second loop. There-
fore, a control system could be manually controlled to bring
it to a particular operating condition; then. by exercising the
hold control. the system would maintain this operating con-
dition due to the analog memory provided by VOl'

10.8 AUDIO MIXER OR CHANNEL SELECTOR

The mUltiple amplifiers of the LM3900 can be used for audio
mixing (many amplifiers simultaneously providing signals
which are added to generate a composite output signal) or
for channel selection (only one channel enabled at a time).

0.05.F

,.•.~
5.1M'=' v·

i~l
0.05.F

,...~
5.1M

-=- v·

lSW2

D.OhF

""~
5.1M-=- v·

all ampli1lerS are simultaneously active. Particular amplifiers
can be gated OFF by making use of DC control signals
which are applied to the (+) inputs to provide a channel
select feature. As shown on Figure 87, Amp. 3 is active (as
sw 3 is closed) and Amps. 1 and 2 are driven to positive
output voltage saturation by the 5.1 M which is applied to the
(+) inputs. The DC output voltage bias level of the active
amplifier is approximately 0.8 Voc and could be raised if
larger signal levels were to be accommodated. Frequency
shaping networks can be added either to the individual am-
plifiers or to the common amplifier, as desired. Switching
transients may need to be filtered at the DC control points if
the output amplifier is active during the switching intervals.



10.9 A LOW FREQUENCY MIXER

The diode which exists at the ( + ) input can be used for non-
linear signal processing. An example of this is a mixer which
allows two input frequencies to produce a sum and differ-
ence frequency (in addition to other high frequency compo-
nents). Using the amplifier of the LM3900, gain and filtering
can also be accomplished with the same circuit in addition
to the high input impedance and low output impedance ad-
vantages. The schematic of Figure 88 shows a mixer with a
gain of 10 and a low pass single pole filter (1 M and 150 pF
feedback elements) with a corner frequency of 1 kHz. With
one signal larger in amplitude, to serve as the local oscilla-
tor input (V 1), the transconductance of the input diode is
gated at this rate (f1)' A small signal (V2) can now be added
at the second input and the difference frequency is filtered
from the composite resulting waveform and is made avail-
able at the output. Relatively high frequencies can be ap-
plied at the inputs as long as the desired difference frequen-
cy is within the bandwidth capabilities of the amplifier and
the RC low pass filter.

~
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V.

v, > V2 ':"

FIGURE 88. A Low Frequency Mixer

10.10 A PEAK DETECTOR

A peak detector is often used to rapidly charge a capacitor
to the peak value of an input waveform. The voltage drop
across the rectifying diode is placed within the feedback
loop of an op amp to prevent voltage losses and tempera-
ture drifts in the output voltage. The LM3900 can be used as
a peak detector as shown in Figure 89. The feedback resis-
tor, Rf, is kept small (1 MO) so that the 30 nA base current
will cause only a +30 mV error in Vo. This feedback resis-

tor is constantly loading C in addition to the current drawn
by the circuitry which samples Vo. These loading effects
must be considered when selecting a value for C.

The biasing resistor, Re, allows a minimum DC voltage to
exist across the capacitor and the input resistor, RIN' can be
selected to provide gain to the input signal.

y>

c••

··f
FIGURE 89. A Peak Detector

10.11 POWER CIRCUITS

The amplifier of the LM3900 will source a maximum current
of approximately 10 mA and will sink maximum currents of
approximately 80 mA (if overdriven at the (-) input). If the
output is driven to a saturated state to reduce device dissi-
pation, some interesting power circuits can be realized.
These maximum values of current are typical values for the
unit operating at 25'C and therefore have to be de-rated for
reliable operation. For fully switched operation, amplifiers
can be paralleled to increase current capability.

10.11.1 LAMP AND/OR RELAY DRIVERS (:S: 30 mAl

Low power lamps and relays (as reed relays) can be directly
controlled by making use of the larger value of sink current
than source current. A schematic is shown in Figure 90
where the input resistor, R, is selected such that VIN sup-
plies at least 0.1 mA of input current.

ONo:.r--L
OFF OFF

TUHI7383-99

FIGURE 90. Sinking 20 to 30 mA Loads
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10.11.2 LAMPAND/OR RELAY DRIVERS (:5: 300 mA)

To increase the power capability, an extemal transistor can
be added as shown in Figure 91. The resistors R, and R2
hold 0, OFF when the output of the LM3900 is high. The
resistor, R2' limits the base drive when 0, goes ON. It is
required that pin 14 tie to the same power supply as the
emitter of 0, to guarantee that 0, can be held OFF. If an
inductive load is used, such as a relay coil, a backswing
diode should be added to prevent large inductive voltage
kicks during the switching interval, ON to OFF.

10.11.3 POSITIVE FEEDBACK OSCILLATORS

If the LM3900 is biased into the active region and a reso-
nant circuit is connected from the output to the (+) input, a
positive feedback oscillator results. A driver for a piezoelec-
tric transducer (a waming type of noise maker) is shown in
Figure 92. The resistors R, and R2 bias the output voltage
at V+ /2 and keep the amplifier active. Large currents can
be entered into the (+) input and negative currents (or cur-
rents out of this terminal) are provided by the epi-substrate
diode of the IC fabrication.

o
" PIEZOELECTRIC

TRANSDUCER

TUH/7383-A 1

FIGURE 92. Positive Feedback Power Oscillators

When one of the amplifiers is operated in this large negative
input current mode, the other amplifiers will be disturbed
due to interaction. Multiple sounds may be generated as a
result of using two or more transducers in various combina-
tions, but this has not been investigated. Other two-terminal
RC. RLC or piezoelectric resonators can be connected in
this circuit to produce an oscillator.

10.12 HIGH VOLTAGE OPERATION

The amplifiers of the LM3900 can drive an extemal high
voltage NPN transistor to provide a larger output voltage
swing (as for an electrostatic CRT deflection system) or to
operate off of an existing high voltage power supply (as the
+98 Voc rectified line). Examples of both types of circuits
are presented in this section.

10.12.1 A HIGH VOLTAGE INVERTING AMPLIFIER

An inverting amplifier with an ouput voltage swing from es-
sentially 0 Voc to + 300 Voc is shown in Figure 93. The
transistor, 0" must be a high breakdown device as it will
have the full HV supply across it. The biasing resistor R3 is
used to center the transfer characteristic and the gain is the
ratio of R2 to R,. The load resistor, RL, can be increased, if
desired. to reduce the HV current drain.

'.1~ts:
o +5 +10-v,.

TL/H/7383-A2

FIGURE 93. A High Voltage Inverting Amplifier
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10.12.2 A HIGH VOLTAGE NON· INVERTING AMPLIFIER
A high voltage non-inverting amplifier is shown in Figure 94.
Common-mode biasing resistors (R2) are used to allow VIN
to go to 0 Voc. The output voltage, YO, will not actually go
to zero due to RE' but should go to approximately 0.3 Voc.
Again, the gain is 30 and a range of the input voltage of from
o to + 10 Voc will cause the output voltage to range from
approximately 0 to +300 Voc.

10.12.3 A LINE OPERATED AUDIO AMPLIFIER
An audio amplifier which operates off a + 98 Voc power
supply (the rectified line voltage) is often used in consumer
products. The eX1ernal high voltage transistor, 01 of Figure
95, is biased and controlled by the LM3900. The magnitude
of the DC biasing voltage which appears across the emitter
resistor of 01 is controlled by the resistor which is placed
from the (-) input to ground.

1Icn:J
O.OSI'F

,.~
~ I BIAS 20m A



N•....Z: 10.13 TEMPERATURE SENSING
c:e The LM3900 can be used to monitor the junction tempera-

ture of the monolithic chip as shown in Figure 96(8). Amp. 1
will generate an output voltage which can be designed to
undergo a large negative temperature change by design of
R1 and R2. The second amplifier compares this temperature
dependent voltage with the power supply voltage and goes
high at a designed maximum Tj of the IC.

I-= /
/--'

TEMP. SENSE

For remote sensing, an NPN transistor, 01 of Figure 96(b),
is connected as an N VSE generator (with R3 and Rs) and
biased via R1 from the power supply voltage. V+. The
LM3900 again compares this temperature dependent volt-
age with the supply voltage and can be designed to have
Va go high at a maximum temperature of the remote tem-
perature sensor, 01.

(b) Remote Temperature Sense

FIGURE 96. Temperature sensing



10.14 A "PROGRAMMABLE UNIJUNCTION"

If a diode is added to the Schmitt Trigger, a "programmable
unijunction" function can be obtained as shown in Figure
97. For a low input voltage, the output voltage of the
LM3900 is high and CRI is OFF. When the input voltage
rises to the high trip voltage, the output falls to essentially
OV and CRI goes ON to discharge the input capacitor, C.

The low trip voltage must be larger than approximately 1V to
guarantee that the forward drop of CRI added to the output
voltage of the LM3900 will be less than the low trip voltage.
The discharge current can be increased by using smaller
values for R2 to provide pUll-down currents larger than the
1.3 mA bias current source. The trip voltages of the Schmitt
Trigger are designed as shown in section 9.7.

10.15 ADDING A DIFFERENTIAL INPUT STAGE

A differential amplifier can be added to the input of the
LM3900 as shown in Figure 98. This will increase the gain
and reduce the offset voltage. Frequency compensation
can be added as shown. The BVEBO limit of the input tran-
sistors must not be exceeded during a large differential in-
put condition, or diodes and input limiting resistors should
be added to restrict the input voltage which is applied to the
bases of 01 and 02 to ±Vo.

The input common-mode voltage range does not go exactly
to ground as a few tenths of a volt are needed to guarantee
that 01 or 02 will not saturate and cause a phase change
(and a resulting latch-up). The input currents will be small,
but could be reduced further, if desired, by using FETS for
01 and 02. This circuit can also be operated off of ± 15 Voc
supplies.

TUH/7383-A9

FIGURE 98. Adding a Differential Input Stage
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~ LM139/LM239/LM339

A Quad of Independently
Functioning Comparators

INTRODUCTION
The LM139/LM239/LM339 family of devices is a monolithic
quad of independently functioning comparators designed to
meet the needs for a medium speed, TIL compatible com-
parator for industrial applications. Since no antisaturation
clamps are used on the output such as a Baker clamp or
other active circuitry, the output leakage current in the OFF
state is typically 0.5 nA. This makes the device ideal for
system applications where it is desired to switch a node to
ground while leaving it totally unaffected in the OFF state.

Other features include single supply, low voltage operation
with an input common mode range from ground up to ap-
proximately one volt below VCC' The output is an uncommit-
ted collector so it may be used with a pull-up resistor and a
separate output supply to give switching levels from any
voltage up to 36V down to a VCE SAT above ground (approx.
100 mV), sinking currents up to 15 mA. In addition it may be
used as a single pole switch to ground, leaving the switched
node unaffected while in the OFF state. Power dissipation
with all four comparators in the OFF state is typically 4 mW
from a single 5V supply (1 mW/comparator).

CIRCUIT DESCRIPTION
Figure 1 shows the basic input stage of one of the four
comparators of the LM139. Transistors 01 through 04 make
up a PNP Darlington differential input stage with Os and 06
serving to give single-ended output from differential input
with no loss in gain. Any differential input at 01 and 04 will
be amplified causing 06 to switch OFF or ON depending

TLlH17385-1
FIGURE 1. Basic LM139 Input Stage

National Semiconductor
Application Note 74
T. M. Frederiksen

on input signal polarity. It can easily be seen that operation
with an input common mode voltage of ground is possible.
With both inputs at ground potential, the emitters of 01 and
04 will be at one VSE above ground and the emitters of 02
and 03 at 2 VSE' For switching action the base of Os and
06 need only go to one VSE above ground and since 02
and 03 can operate with zero volts collector to base,
enough voltage is present at a zero volt common mode in-
put to insure comparator action. The bases should not be
taken more than several hundred millivolts below ground,
however, to prevent forward biasing a substrate diode which
would stop all comparator action and possibly damage the
device, if very large input currents were provided.

Figure 2 shows the comparator with the output stage added.
Additional voltage gain is taken through 07 and 08 with the
collector of 08 left open to offer a wide variety of possible
applications. The addition of a large pull-up resistor from the
collector of 08 to either +Vcc or any other supply up to
36V both increases the LM139 gain and makes possible
output switching levels to match practically any application.
Several outputs may be tied together to provide an ORing
function or the pull-up resistor may be omitted entirely with
the comparator then serving as a SPST switch to ground.

TL/H/7385-2

FIGURE 2. Basic LM139 Comparator

Output transistor 08 will sink up to 15 mA before the output
ON voltage rises above several hundred millivolts. The out-
put current sink capability may be boosted by the addition of
a discrete transistor at the output.



The complete circuit for one comparator of the LM139 is
shown in Figure 3. Current sources 13and 14are added to
help charge any parasitic capacitance at the emitters of 01
and 04 to improve the slew rate of the input stage. Diodes
D1 and D2 are added to speed up the voltage swing at the
emitters of 01 and 02 for large input voltage swings.

TLiH/7385-3

FIGURE 3. Complete LM139 Comparator Circuit

Biasing for current sources 11through 14is shown in Figure
4. When power is first applied to the circuit, current flows
through the JFET 013 to bias up diode Ds. This biases tran·
sistor 012 which turns ON transistors 09 and 010 by allow·
ing a path to ground for their base and collector currents.

TLiH/7385-4
FIGURE 4. Current Source Biasing Circuit

Current from the left hand collector of 09 flows through di-
odes D3 and D4 bringing up the base of 011 to 2 VSEabove
ground and the emitters of 011 and 012 to one VSE.012 will
then turn OFF because its base emitter voltage goes to
zero. This is the desired action because 09 and 010 are
biased ON through 011, D3 and D4 so 012 is no longer
needed. The "bias line" is now sitting at a VSEbelow +Vcc
which is the voltage needed to bias the remaining current
sources in the LM139 which will have a constant bias re-
gardless of +Vcc fluctuations. The upper input common
mode voltage is Vcc minus the saturation voltage of the
current sources (appoximately 100 mY) minus the 2 VSEof
the input devices 01 and 02 (or 03 and 04).

COMPARATOR CIRCUITS
Figure 5 shows a basic comparator circuit for converting low
level analog signals to a high level digital output. The output
pull-up resistor should be chosen high enough so as to
avoid excessivd power dissipation yet low enough to supply
enough drive to switch whatever load circuitry is used on the
comparator output. Resistors R1 and R2 are used to set the
input threshold trip voltage (VREF)at any value desired with·
in the input common mode range of the comparator.

TL/H/7385-5

FIGURE 5. Basic Comparator Circuit

COMPARATORS WITH HYSTERESIS
The circuit shown in Figure 5 suffers from one basic draw·
back in that if the input signal is a slowly varying low level
signal, the comparator may be forced to stay within its linear
region between the output high and low states for an unde·
sireable length of time. If this happens, it runs the risk of
oscillating since it is basically an uncompensated, high gain
op amp. To prevent this, a small amount of positive feed-
back or hysteresis is added around the comparator. Figure 6

TL/H/7385-6

FIGURE 6. Comparator with Positive Feedback to
Improve Switching Time

shows a comparator with a small amount of positive feed·
back. In order to insure proper comparator action, the com-
ponents should be chosen as follows:

RpULL-UP< RLOADand
R1 > RpULL-UP

This will insure that the comparator will always switch fully
up to +Vcc and not be pulled down by the load or feed-
back. The amount of feedback is chosen arbitrarily to insure
proper switching with the particular type of input signal



used. If the output swing is 5V, for example, and it is desired
to feedback 1% or 50 mV, then R1 :::: 100 R2. To describe
circuit operation, assume that the inverting input goes
above the reference input (VIN > VREF). This will drive the
output, Vo, towards ground which in turn pulls VREF down
through R1' Since VREF is actually the noninverting input to
the comparator, it too will drive the output towards ground
insuring the fastest possible switching time regardless of
how slow the input moves. If the input then travels down to
VREF, the same procedure will occur only in the opposite
direction insuring that the output will be driven hard towards
+Vcc·
Putting hysteresis in the feedback loop of the comparator
has far more use, however, than simply as an oscillation
suppressor. It can be made to function as a Schmitt trigger
with presettable trigger points. A typical circuit is shown in
Figure 7. Again, the hysteresis is achieved by shifting the
reference voltage at the positive input when the output volt-
age Vo changes state. This network requires only three reo
sistors and is referenced to the positive supply + Vcc of the
comparator. This can be modeled as a resistive divider, R1
and R2' between + Vcc and ground with the third resistor,
R3, alternately connected to + VCC or ground, paralleling
either R1 or R2. To analyze this circuit, assume that the
input voltage, VIN, at the inverting input is less than VA. With
VIN :s; VA the output will be high (Vo = +Vcc). The upper
input trip voltage, VA1, is defined by:

+Vcc R2
VA1 = -(R-1-II-R-3-)-+-R-2

• 3
R2 lMn
1 Mfi

When the input voltage VIN, rises above the reference volt·
age (VIN > VA1), voltage. Vo, will go low (Vo = GND). The
lower input trip voltage, VA2, is now defined by:

+Vcc R211 R3
VA2 = -R-

1
-+-R-2-1-1R-3-

+VCC R2 R3
VA2 = ------- (2)

R1 R2 + R1 R3 + R2 R3
When the input voltage, VIN. decreases to VA2 or lower. the
output will again switch high. The total hysteresis, AVA. pro·
vided by this network is defined by:

AVA = VA1 - VA2
or, subtracting equation 2 from equation 1

+VCCR1 R2
AVA A ------- (3)

R1 R2 + R1 R3 + R2 R3
To insure that Vo will swing between +VCC and ground,
choose:

RpULL.UP < RLOAO and (4)

R3 > RpULL-UP (5)
Heavier loading on RpULL.UP (Le. smaller values of R3 or
RLOAO) simply reduces the value of the maximum output
voltage thereby reducing the amount of hysteresis by lower-
ing the value of VA 1. For simplicity, we have assumed in the
above equations that Vo high switches all the way up to
+Vcc·
To find the resistor values needed for a given set of trip
points, we first divide equation (3) by equation (2). This
gives us the ratio:

vo

15moLLh.-
5 10

v,•



If we let R, = n R3' equation (6) becomes:

l;.VA = n
VA2.

We can then obtain an expression for R2 from equation (1)
which gives

R2 = R, II R3
+Vee---1
VA'

The following design example is offered:

Given: V+ = +15V

RLOAD = 100 kfi

VA' = +10V
VA2. = +5V

To find: R" R2. R3' RpULL-UP
Solution:

From equation (4)

so let

From equation (5)

and since

this gives

RpULL-UP < RLOAD

RpULL-UP < 100 kfi

RpULL-UP = 3 kfi

R3> RLOAD
R3>100kfi

R3 = 1 Mfi
l;.VA 10-5

n=--=---=l
VA2. 5

R, = n R3

R, = 1 R3 = 1 Mfi

500 kfi
R2 = -15-- = 1 Mfi

--1
10

These are the values shown in Figure 7.

The circuit shown in Figure 8 is a non-inverting comparator
with hysteresis which is obtained with only two resistors, R,

TL/H17385-8

FIGURE 8. Non-Inverting Comparator with Hysteresis

and R2. In contrast to the first method, however, this circuit
requires a separate reference voltage at the negative input.
The trip voltage, VA, at the positive input is shifted about
VREF as Vo changes between + Vee and ground.

Again for analysis, assume that the input voltage, VIN. is low
so that the output, Yo. is also low (VO = GND). For the
output to switch, VIN must rise up to VIN , where VIN , is
given by:

VREF (R, + R2)
VIN' = ----- (9)

R2
As soon as Vo switches to +Vee, VA will step to a value
greater than VREF which is given by:

V - V + (Vee - VIN') R, (10)
A - IN R, + R2

To make the comparator switch back to its low state (VO =
GND) VIN must go below VREF before VA will again equal
VREF. This lower trip point is now given by:

VREF (R, + R2) - Vee R,
VIN2=-------- (11)

R2
The hysteresis for this circuit. l;.VIN, is the difference be-
tween VIN , and VIN 2 and is given by:

l;.VIN = VIN' - VIN2 =

VREF (R, + R2) VREF (R, + R2) - Vee R,

R2 R2

VeeR,
l;.VIN = -- (12)

R2
As a design example consider the following:

Given: RLOAD = 100 kfi

VIN' = 10V

VIN2 = 5V

+VCC = 15V

To find: VREF, R" R2 and R3
Solution:

Again choose RpULL-UP < RLOAD to minimize loading, so
let

RpULL-UP = 3 kfi

~= l;.VIN

R2 Vee

~ = 10 - 5 =.!.
R2 15 3

R2
R, =3"

10
VREF = ---

1 + R,
R2

VIN
VREF = --1 = 7.5V

1 +-
3



To minimize output loading choose

R2 > RpULL-UP
or R2> 3 kO
so let R2 = 1 MO

The value of R1 is now obtained from equation (12)

R2
R1 =3

1 MO
R1 = -3- "" 330kO

These are the values shown in Figure 8.

LIMIT COMPARATOR WITH LAMP DRIVER

The limit comparator shown in Figure 9 provides a range of
input voltages between which the output devices of both
LM139 comparators will be OFF.

TlIH/7385-9
FIGURE 9. Limit Comparator with Lamp Driver

This will allow base current for 01 to flow through pull-up
resistor R4' turning ON 01 which lights the lamp. If the input
voltage, VIN, changes to a value greater than VA or less
than VB, one of the comparators will switch ON, shorting the
base of 01 to ground, causing the lamp to go OFF. If a PNP
transistor is substituted for 01 (With emitter tied to +Vccl
the lamp will light when the input is above VA or below VB.
VA and VB are arbitrarily set by varying resistors R 1, R2 and
Rs·

ZERO CROSSING DETECTOR

The LM139 can be used to symmetrically square up a sine
wave centered around zero volts by incorporating a small
amount of positive feedback to improve switching times and
centering the input threshold at ground (see Figure 10).
Voltage divider R4 and Rs establishes a reference voltage,
V1, at the positive input. By making the series resistance, R 1
plus R2 equal to Rs, the switching condition, V1 = V2, will
be satisfied when VIN = O. The positive feedback resistor,

Re, is made very large with respect to Rs (Re = 2000 Rs).
The resultant hysteresis established by this network is very
small (t.V 1 < 10 mY) but it is sufficient to insure rapid output
voltage transitions. Diode D1 is used to insure that

TL/H/7385-10

FIGURE 10. Zero Crossing Detector

the inverting input terminal of the comparator never goes
below approximately -100 mY. As the input terminal goes
negative, 01 will forward bias, clamping the node between
R1 and R2 to approximately -700 mY. This sets up a volt-
age divider with R2 and Rs preventing V2 from going below
ground. The maximum negative input overdrive is limited by
the current handling ability of D1.

COMPARING THE MAGNITUDE OF
VOLTAGES OF OPPOSITE POLARITY

The comparator circuit shown in Figure 11 compares the
magnitude of two voltages, VIN 1 and VIN 2 which have op-
posite polarities. The resultant input voltage at the minus
input terminal to the comparator, VA, is a function of the
voltage divider from VIN 1 and VIN 2 and the values of R1
and R2. Diode connected transistor 01 provides protection

Rl
lOOKV.,

V.H2
R2

lOOK
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FIGURE 11. Comparing the Magnitude of
Voltages of Opposite Polarity

for the minus input terminal by clamping it at several hun-
dred millivolts below ground. A 2N2222 was chosen over a
1N914 diode because of its lower diode voltage. If desired,
a small amount of hysteresis may be added using the tech-
niques described previously. Correct magnitude comparison
can be seen as follows: Let VIN 1 be the input for the posi-
tive polarity input voltage and VIN 2 the input for the nega-
tive polarity. If the magnitude of VIN 1 is greater than that



of VIN2 the output will go low (Vour = GND). If the magni-
tude of VIN 1 is less than that of VIN2, however, the output
will go high (Vour = Vccl·

MAGNETIC TRANSDUCER AMPLIFIER
A circuit that will detect the zero crossings in the output of a
magnetic transducer is shown in Figure 12. Resistor divider,
R1 and R2' biases the positive input at + Vcc/2. which is
well within the common mode operating range. The minus

MAGNETIC IIPICK·UP

TL/HI7385-l2

FIGURE 12. Magnetic Transducer Amplifier

input is biased through the magnetic transducer. This allows
large signal swings to be handled without exceeding the
input voltage limits. A symmetrical square wave output is
insured through the positive feedback resistor R3. Resistors
R1 and R2 can be used to set the DC bias voltage at the
positive input at any desired voltage within the input com-
mon mode voltage range of the comparator.

OSCILLATORS USING THE LM139
The LM139 lends itself well to oscillator applications for fre-
quencies below several megacycles. Figure 13 shows a
symmetrical square wave generator using a minimum of
components. The output frequency is set by the RC time

constant of R4 and C1 and the total hysteresis of the loop is
set by R1' R2 and R3. The maximum frequency is limited
only by the large signal propagation delay of the comparator
in addition to any capacitive loading at the output which
would degrade the output slew rate.
To analyze this circuit assume that the output is initially high.
For this to be true, the voltage at the negative input must be
less than the voltage at the positive input. Therefore, capac-
itor C1 is discharged. The voltage at the positive input, VA1,
will then be given by:

+VCCR2
VA1 = R2 + (R1 II R3) (13)

where if R1 = R2 = R3
2Vcc ( )then VA1 = -3- 14

Capacitor C1 will charge up through R4 so that when it has
charged up to a value equal to VA1, the comparator output
will switch. With the output Vo = GND, the value of VA is
reduced by the hysteresis network to a value given by:

+VCC
VA2 = -3- (15)

using the same resistor values as before. Capacitor C1 must
now discharge through R4 towards ground. The output will
return to its high state (VO = +Vccl when the voltage
across the capacitor has discharged to a value equal to
VA2. For the circuit shown, the period for one cycle of oscil-
lation will be twice the time it takes for a single RC circuit to
charge up to one half of its final value. The period can be
calculated from:

V1 = VMAXe
-IliAC (16)

where
2Vcc

(17)VMAX=-3-

and

V1 = VMAX= Vcc (18)
2 3

+V"

Vel VAl

V.,
....-j2~j

3 2~
3



One period will be given by:

1
-= 2t, (19)
freq.

or calculating the exponential gives

1
- = 2 (0.694) R4 C, (20)
freq.

Resistors R3 and R4 must be at least 10 times larger than
R5 to insure that Vo will go all the way up to +Vee in the
high state. The frequency stability of this circuit should
strictly be a function of the ex1ernal components.

PULSE GENERATOR WITH VARIABLE DUTY CYCLE

The basic square wave generator of Figure 13 can be modi-
fied to obtain an adjustable duty cycle pulse generator, as
shown in Figure 14, by providing a separate charge and
discharge path for capacitor C,. One path, through R4 and
D, will charge the capacitor and set the pulse width (t,). The
other path, R5 and D2' will discharge the capacitor and set
the time between pulses (t2)' By varying resistor R5' the
time between pulses of the generator can be changed with-

RJ
R2 1M
1M

":" Tl/HI738S-'.

FIGURE 14. Pulse Generator with Variable Duty Cycle

out changing the pulse width. Similarly, by varying R4' the
pulse width will be altered without affecting the time be-
tween pulses. Both controls will change the frequency of
the generator, however. With the values given in Figure 14,
the pulse width and time between pulses can be found from:

-I,/R.C, . .
V, = VMAX (1 - e ) nsetlme

-!2/RsC,
V, = VMAX e falltime

(21a)

(21b)

VMAX = 2Vee (22)
3

and

V, = VMAX = Vee (23)
2 3

which gives

1 -I,/R.C,
-=e (24)
2

t2 is then given by:

~ = e - !21RsC, (25)
2

262

These terms will have a slight error due to the fact that
VMAX is not exactly equal to % Vcc but is actually reduced
by the diode drop to:

2
VMAX = 3 (Vee - VSE)

1 -I,/R,C,----=e
2 (1 - VSE)

1 -!2/RsC,----=e
2 (1 - VSE)

CRYSTAL CONTROLLED OSCILLATOR

A simple yet very stable oscillator can be obtained by using
a quartz crystal resonator as the feedback element. Figure
15 gives a typical circuit diagram of this. This value of R,

C1

O.l~F~

TL/H/738S-1S

FIGURE 15. Crystal Controlled Oscillator

and R2 are equal so that the comparator will switch sym-
metrically about +Vee/2. The RC time constant of R3 and
C, is set to be several times greater than the period of the
oscillating frequency, insuring a 50% duty cycle by maintain-
ing a DC voltage at the inverting input equal to the absolute
average of the output waveform.

When specifying the crystal, be sure to order series reso-
nant along with the desired temperature coefficient and load
capacitance to be used.

MOS CLOCK DRIVER

The LM139 can be used to provide the oscillator and clock
delay timing for a two phase MOS clock driver (see Figure
16). The oscillator is a standard comparator square wave
generator similar to the one shown in Figure 13. Two other
comparators of the LM 139 are used to establish the desired
phasing between the two outputs to the clock driver. A more
detailed explanation of the delay circuit is given in the sec-
tion under "Digital and Switching Circuits."

WIDE RANGE VCO

A simple yet very stable voltage controlled oscillator using a
mimimum of ex1ernal components can be realized using
three comparators of the LM139. The schematic is shown in
Figure 178. Comparator 1 is used closed loop as an integra-
tor (for further discussion of closed loop operation see sec-
tion on Operational Amplifiers) with comparator 2 used as a
triangle to square wave converter and comparator 3 as the
switch driving the integrator. To analyze the circuit, assume



that comparator 2 is its high state (VSQ = +Vcc) which
drives comparator 3 to its high state also. The output device
of comparator 3 will be OFF which prevents any current
from flowing through R2 to ground. With a control voltage,
Vc. at the input to comparator 1, a current 11will flow
through R1 and begin discharging capacitor C1, at a linear
rate. This discharge current is given by:

Vc
11=- (29)

2R1
and the discharge time is given by:

AV
11= C1 At . (30)

AV will be the maximum peak change in the voltage across
capacitor C1 which will be set by the switch points of com-

parator 2. These trip points can be changed by simply alter-
ing the ratio of RF to Rs, thereby increasing or decreasing
the amount of hysteresis around comparator 2. With RF =
100 kO and Rs = 5 kO, the amount of hysteresis is approxi-
mately ± 5% which will give switch points of +Vcc/2 ± 750
mV from a 30V supply. (See "Comparators with Hystere-
sis").
As capacitor C1 discharges, the output voltage of compara-
tor 1 will decrease until it reaches the lower trip point of
comparator 2, which will then force the output of compara-
tor 2 to go to its low state (VSQ= GND).
This in turn causes comparator 3 to go to its low state where
its output device will be in saturation. A current 12can now
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FIGURE 17. Voltage Controlled Oscillator



flow through resistor R2 to ground. If the value of R2 is
chosen as R1/2 a current equal to the capacitor discharge
current can be made to flow out of C1 charging it at the
same rate as it was discharged. By making R2 = R1 /2,
current 12will equal twice 11'This is the control circuitry
which guararantees a constant 50% duty cycle oscillation
independent of frequency or temperature. As capacitor C1
charges, the output of comparator 1 will ramp up until it trips
comparator 2 to its high state (VSQ= + Vcc) and the cycle
will repeat.
The circuit shown in Figure 17a uses a +30V supply and
gives a triangle wave of 1.5V peak-to-peak. With a timing
capacitor, C1 equal to 500 pF, a frequency range from ap-
proximately 115 kHz down to approximately 670 Hz was
obtained with a control voltage ranging from 50V down to
250 mY. By reducing the hysteresis around comparator 2
down to ± 150 mV (Rt = 100 kO, Rs = 1 kO) and reducing
the compensating capacitor C2 down to .001 ,..F, frequen-
cies up to 1 MHz may be obtained. For lower frequencies (fo
,;; 1 Hz) the timing capacitor, C1, should be increased up to
approximately 1 ,..F to insure that the charging currents, 11
and 12,are much larger than the input bias currents of com-
parator 1.
Figure 17b shows another interesting approach to provide
the hysteresis for comparator 2. Two identical Zener diodes,
Z1 and Z2, are used to set the trip points of comparator 2.
When the triangle wave is less than the value required to
Zener one of the diodes, the resistive network, R1 and R2'
provides enough feedback to keep the comparator in its
proper state, (the input would otherwise be floating). The
advantage of this circuit is that the trip points of comparator
2 will be completely independent of supply voltage fluctua-
tions. The disadvantage is that Zeners with less than one
volt breakdown voltage are not obtainable. This limits the
maximum upper frequency obtainable because of the larger
amplitude of the triangle wave. If a regulated supply is avail-
able, Figure 17a is preferable simply because of less parts
count and lower cost.
Both circuits provide good control over at least two decades
in frequency with a temperature coefficient largely depen-
dent on the TC of the external timing resistors and capaci-
tors. Remember that good circuit layout is essential along
with the 0.01 ,..F compensation capacitor at the output of
comparator 1 and the series 100, resistor and 0.1 ,..F ca-
pacitor between its inputs, for proper operation. Comparator

1 is a high gain amplifier used closed loop as an integrator
so long leads and loose layout should be avoided.

DIGITAL AND SWITCHING CIRCUITS
The LM139 lends itself well to low speed «1 MHz) high
level logic circuits. They have the advantage of operating
with high signal levels, giving high noise immunity, which is
highly desirable for industrial applications. The output signal
level can be selected by setting the Vcc to which the pull-up
resistor is connected to any desired level.

ANDINAND GATES
A three input AND gate is shown in Figure 18. Operation of
this gate is as follows: resistor divider R1and R2establishes
a reference voltage at the inverting input to the comparator.
The non-inverting input is the sum of the voltages at the
inputs divided by the voltage dividers comprised of Rs, R4'

"1"~:~v
TL/H/7385-19

FIGURE 18.Three Input AND Gate

Rs and Rs. The output will go high only when all three inputs
are high, causing the voltage at the non-inverting input to go
above that at inverting input. The circuit values shown work
for a "0" equal to ground and a "1" equal + 15V. The resis-
tor values can be altered if different logic levels are desired.
If more inputs are required, diodes are recommended to
improve the voltage margin when all but one of the inputs
are the "1" state. This circuit with increased fan-in is shown
in Figure 19.

To convert these AND gates to NAND gates simply inter-
change the inverting and non-inverting inputs to the com-
parator. Hysteresis can be added to speed up output tran-
sitions if low speed input signals are used.



ORINOR GATES

The three input OR gate (positive logic) shown in Figure 20
is achieved from the basic AND gate simply by increasing
Rt thereby reducing the reference voltage. A logic "1" at
any of the inputs will produce a logic "1" at the output.
Again a NOR gate may be implemented by simply reversing
the comparator inputs. Resistor Rs may be added for the
OR or NOR function at the expense of noise immunity if so
desired.

TL/H/7385-22

FIGURE 21. Output Stroblng Using a Discrete Transistor

OUTPUT STROBING

The output of the LM139 may be disabled by adding a
clamp transistor as shown in Figure 21. A strobe control
voltage at the base of at will clamp the comparator output
to ground. making it immune to any input changes.

If the LM 139 is being used in a digital system the output may
be strobed using any other type of gate having an uncom-
mitted collector output (such as National's DM5401/
DM7401). In addition another comparator of the LM139
could also be used for output strobing, replacing at in Fig-
ure 21. if desired. (See Figure 22.)

+Vct~ ......-
_ +VCCI1

o I R4."
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FIGURE 22. Output Stroblng with TTL Gate

ONE SHOT MULTIVIBRATORS

A simple one shot multivibrator can be realized using one
comparator of the LM139 as shown in Figure 23. The out-
put pulse width is set by the values of C2 and R4 (with
R4 > 10 R3 to avoid loading the output). The magnitude of
the input trigger pulse required is determined by the resis-
tive divider Rt and R2' Temperature stability can be
achieved by balancing the temperature coefficients of R4
and C2 or by using components with very low TC. In addi-
tion, the TC of resistors Rt and R2 should be matctled so as
to maintain a fixed reference voltage of + Vcc/2. Diode 02
provides a rapid discharge path for capacitor C2 to reset the
one shot at the end of its pulse. It also prevents the non-in-
verting input from being driven below ground. The output
pulse width is relatively independent of the magnitude of the
supply voltage and will change less than 2% for a five volt
change in + Vcc.

The one shot multivibrator shown in Figure 24 has several
characteristics which make it superior to that shown in Fig-
ure 23. First, the pulse width is independent of the magni-
tude of the power supply voltage because the charging volt-
age and the intercept voltage are a fixed percentage of
+Vcc. In addition this one-shot is capable of 99% duty
cycle and exhibits input trigger lock-out to insure that the
circuit will not re-trigger before the output pulse has been
completed. The trigger level is the voltage required at the
input to raise the voltage at point A higher than the voltage
at point B. and is set by the resistive divider R4 and RlO and
the network Rt. R2 and R3. When the multivibrator has
been triggered. the output of comparator 2 is high causing
the reference voltage at the non-inverting input of compara-
tor 1 to go to + Vcc. This prevents any additional input
pulses from disturbing the circuit until the output pulse has
been completed.
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The value of the timing capacitor. C1. must be kept small
enough to allow comparator 1 to completely discharge C1
before the feedback signal from comparator 2 (through R10)
switches comparator 1 OFF and allows C1 to start an expo-
nential charge. Proper circuit action depends on rapidly dis-
charging C1 to a value set by Re and Rg at which time
comparator 2 latches comparator 1 OFF. Prior to the estab-
lishment of this OFF siate. C1 will have been completely
discharged by comparator 1 in the ON state. The time delay.
which sets the output pulse width. results from C1 recharg-
ing to the reference voltage set by Re and Rg. When the
voltage across C1 charges beyond this reference. the out-
put pulse returns tei ground and 1he input is again reset to
accept a trigger.

BISTABLE MULTIVIBRATOR
Figure 25 is the circuit of one comparator of the LM139
used as a bistable multivibrator. A reference voltage is pro-
vided at the inverting input by a voltage divider comprised of
R2 and R3. A pulse applied to the SET terminal will switch
the output high. Resistor divider network R1. R4. and Rs
now clamps the non-inverting input to a voltage greater than
the reference voltage. A pulse now applied to the RESET
Input will pull the output low. If both Q and Q outputs are
needed. another comparator can be added as shown
dashed in Figure 25.

Figure 26 shows the output saturation voltage of the LM139
comparator versus the amount of current being passed to
ground. The end point of 1 mV at zero current along with an
RSATof 60n shows why the LM139 so easily adapts itself
to oscillator and digital sWitchingcircuits by allowing the DC
output voltage to go practically to ground while in the ON
state.
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FIGURE 26. Typical Output Saturation Characteristics
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TIME DELAY GENERATOR
The final circuit to be presented "Digital and Switching Cir-
cuits" is a time delay generator (or sequence generator) as
shown in Figure 27.

This timer will provide output signals at prescribed time in-
tervals from a time reference to and will automatically reset
when the input signal returns to ground. For circuit evalua-
tion, first consider the quiescent state (VIN = 0) where the
output of comparator 4 is ON which keeps the voltage
across C1 at zero volts. This keeps the outputs of compara-
tors 1, 2 and 3 in their ON state (Vour = GND). When an
input signal is applied, comparator 4 turns OFF allowing C1
to charge at an exponential rate through R1.As this voltage
rises past the present trip points VA, VB, and Vc of compar-
ators 1, 2 and 3 respectively, the output voltage of each of
these comparators will switch to the high state (Vour =

+Vcc). A small amount of hysteresis has been prOVidedto
insure fast switching for the case where the Rc time con-
stant has been chosen large to give long delay times. It is
not necessary that all comparator outputs be low in the qui-
escent state. Several or all may be reversed as desired sim-
ply by reversing the inverting and non-inverting input con-
nections. Hysteresis again is optional.

LOW FREQUENCY OPERATIONAL AMPLIFIERS

The LM139 comparator can be used as an operational am-
plifier in DC and very low frequency AC applications
(:S; 100 Hz). An interesting combination is to use one of the
comparators as an op amp to provide a DC reference volt-
age for the other three comparators in the same package.
Another useful application of an LM139 has the interesting
feature that the input common mode voltage range includes
ground even though the amplifier is biased from a single
supply and ground. These op amps are also low power drain

devices and will not drive large load currents unless current
boosted with an external NPN transistor. The largest appli-
cation limitation comes from a relatively slow slew rate
which restricts the power bandwidth and the output voltage
response time.

Rl
Av ~ 1 + R2 - 101

FIGURE 28. Non-InvertIng Amplifier

The LM139, like other comparators, is not internally fre-
quency compensated and does not have internal provisions
for compensation by external components. Therefore, com-
pensation must be applied at either the inputs or output of
the device. Figure 28 shows an output compensation
scheme which utilizes the output collector pull-up resistor
working with a single compensation capacitor to form a
dominant pole. The feedback network. R1 and R2 sets the



closed loop gain at 1 + R1/R2 or 101 (40 dB). Figure 29
shows the output swing limitations versus frequency. The
output current capability of this amplifier is limited by the
relatively large pull-up resistor (15 kO) so the output is
shown boosted with an external NPN transistor in Figure 30.
The frequency response is greatly extended by the use

10 100 lk 10k lOOk

FREQUENCY

TLIH/7385-3Q

FIGURE 29. Large Signal Frequency Response

of the new compensation scheme also shown in Figure 30.
The DC level shift due to the VSE of 01 allows the output

TL/H/7385-31

FIGURE 30. Improved Operational Amplifier

voltage to swing from ground to approximately one volt less
than +Vcc. A voltage offset adjustment can be added as
shown in Figure 31.

ClTO''''
TL/H/7385-32

DUAL SUPPLY OPERATION

The applications presented here have been shown biased
typically between + Vcc and ground for simplicity. The
LM139, however, works equally well from dual (plus and
minus) supplies commonly used with most industry standard
op amps and comparators, with some applications actually
requiring fewer parts than the single supply equivalent.

The zero crossing detector shown in Figure 10 can be im-
plemented with fewer parts as shown in Figure 32. Hystere-
sis has been added to insure fast transitions il used with
slowly moving input signals. It may be omitted il not needed,
bringing the total parts count down to one pull-up resistor.

RPUll_UP

'"
VOUT

v,. R2
1M
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FIGURE 32. Zero Crossing Detector Using Dual Supplies

The MOS clock driver shown in Figure 16 uses dual supplies
to properly drive the MM0025 clock driver.

The square wave generator shown in Figure 13 can be used
with dual supplies giving an output that swings symmetrical-
ly above and below ground (see Figure 33). Operation is
identical to the single supply oscillator with only change be-
ing in the lower trip point.

TLIH/7385-34

FIGURE 33. Squarewave Generator Using Dual Supplies

Figure 34 shows an LM139 connected as an op amp using
dual supplies. Biasing is actually simpler if lull output swing
at low gain settings is required by biasing the inverting input
Irom ground rather than from a resistive divider to some
voltage between + Vcc and ground.

All the applications shown will work equally well biased with
dual supplies. II the total voltage across the device is in-
creased from that shown, the output pull-up resistor should



be increased to prevent the output transistor from being
pulled out of saturation by drawing excessive current, there·
by preventing the output low state from going all the way to
-Vcc·

T"Sf>F
TL/H/7385-35

FIGURE 34. Non-Inverting Amplifier Using Dual Supplies

MISCELLANEOUS APPLICATIONS
The following is a collection of various applications intended
primarily to further show the wide versatility that the LM139
quad comparator has to offer. No new modes of operation
are presented here so all of the previous formulas and cir·
cuit descriptions will hold true. It is hoped that all of the
circuits presented in this application note will suggest to the
user a few of the many areas in which the LM139 can be
utilized.

REMOTE TEMPERATURE SENSOR/ALARM
The circuit shown in Figure 35 shows a temperature over-
range limit sensor. The 2N930 is a National process 07 sili-
con NPN transistor connected to produce a voltage refer-
ence equal to a multiple of its base emitter voltage along
with temperature coefficient equal to a multiple of 2.2 mV rc.
That multiple is determined by the ratio of R1 to R2. The
theory of operation is as follows: with transistor 01 biased

01

REMOTE
SENSOR

"'I
1
1
I
1
I
1
I

-=1

up, its base to emitter voltage will appear across resistor R1.
Assuming a reasonably high beta (f3 ~ 100) the base cur-
rent can be neglected so that the current that flows through
resistor R1 must also be flowing through R2. The voltage
drop across resistor R2 will be given by:

IR1 = IR2

R2
VR2 = IR2 R2 = IR1 R2 = Vbe - (31)

R1
As stated previously this base-emitter voltage is strongly
temperature dependent, minus 2.2 mV rc for a silicon tran-
sistor. This temperature coefficient is also multiplied by the
resistor ratio R1/R2.

This provides a highly linear, variable temperature coeffi-
cient reference which is ideal for use as a temperature sen-
sor over a temperature range of approximately -65·C to
+ 150·C. When this temperature sensor is connected as
shown in Figure 35 it can be used to indicate an alarm con-
dition of either too high or too Iowa temperature excursion.
Resistors R3 and R4 set the trip point reference voltage, VB.
with switching occuring when VA = VB. Resistor Rs is used
to bias up 01 at some low value of current simply to keep
quiescent power dissipation to a minimum. An 10 near 10 p.A
is acceptable.

Using one LM139, four separate sense points are available.
The outputs of the four comparators can be used to indicate
four separate alarm conditions or the outputs can be OR'ed
together to indicate an alarm condition at anyone of the
sensors. For the circuit shown the output will go HIGH when
the temperature of the sensor goes above the preset level.
This could easily be inverted by simply reversing the input
leads. For operation over a narrow temperature range. the
resistor ratio R2/R1 should be large to make the alarm more
sensitive to temperature variations. To vary the trip points a
potentiometer can be substituted for R3 and R4. By the ad-
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dition of a single feedback resistor to the non-inverting input
to provide a slight amount of hysteresis, the sensor could
function as a thermostat. For driving loads greater than
15 mA, an output current booster transistor could be used.

FOUR INDEPENDENTLY VARIABLE, TEMPERATURE
COMPENSATED, REFERENCE SUPPLIES
The circuit shown in Figure 36 provides four independently
variable voltages that could be used for low current supplies
for powering additional equipment or for generating the ref-
erence voltages needed in some of the previous compara-
tor applications. If the proper Zener diode is chosen, these
four voltages will have a near zero temperature coefficient.
For industry standard Zeners, this will be somewhere be-
tween 5.0 and 5.4V at a Zener current of approximately
10 mA. An alternative solution is offered to reduce this 50
mW quiescent power drain. Experimental data has shown
that any of National's process 21 transistors which have
been selected for low reverse beta (J3R<.25) can be used

ll,-,.5mA
01 ~ National Process 21

selected for Low
Reverse IJ

quite satisfactorily as a zero T.C. Zener. When connected
as shown in Figure 37, the T.C. of the base-emitter Zener
voltage is exactly cancelled by the T.C. of the forward bi-
ased base-collector junction if biased at 1.5 mA. The diode
can be properly biased from any supply by adjusting Rs to
set Iq equal to 1.5 mA. The outputs of any of the reference
supplies can be current boosted by using the circuit shown
in Figure 30.

DIGITAL TAPE READER
Two circuits are presented here-a tape reader for both
magnetic tape and punched paper tape. The circuit shown
in Figure 38, the magnetic tape reader, is the same as Fig-
ure 12with a few resistor values changed. With a 5V supply,
to make the output TIL compatible, and a 1 MO feedback
resistor, ± 5 mV of hysteresis is provided to insure fast
switching and higher noise immunity. Using one LM139, four
tape channels can be read simUltaneously.

TUH/7385-39
FIGURE 38. Magnetic Tape Reader with TTL Output



FIGURE 39. Paper Tape Reader With TTL Output

The paper tape reader shown in Figure 39 is essentially the
same circuit as Figure 38 with the only change being in the
type of transducer used. A photo-diode is now used to
sense the presence or absence of light passing through
holes in the tape. Again a 1 Mfi feedback resistor gives
± 5 mV of hysteresis to insure rapid switching and noise
immunity.

PULSE WIDTH MODULATOR
Figure 40 shows the circuit for a simple pulse width modula-
tor circuit. It is essentially the same as that shown in Figure
13 with the addition of an input control voltage. With the
input control voltage equal to +Vee/2, operation is basical-
ly the same as that described previously. If the input control
voltage is moved above or below +Vee/2, however, the
duty cycle of the output square wave will be altered. This is
because the addition of the control voltage at the input has
now altered the trip points. These trip points can be found if
the circuit is simplified as in Figure 41. Equations 13 through
20 are still applicable if the effect of Re is added, with equa-
tions 17 through 20 being altered for condition where Ve oF
+Vee/2. .
Pulse width sensitivity to input voltage variations will be in-
creased by reducing the value of Re from 10 kfi and alter-
nately, sensitivity will be red~ced by increasing the value of
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VA ~ UPPER TRIP POINT VB ~ LOWER TRIP POINT
TL/H17385-42

FIGURE 41. Simplified Circuit For
Calculating Trip Points of Figure 40

Re. The values of R1 and C1 can be varied to produce any
desired center frequency from less than one hertz to the
maximum frequency of the LM139 which will be limited by
+ Vee and the output slew rate.

POSITIVE AND NEGATIVE PEAK DETECTORS
Figures 42 and 43 show the schematics for simple positive
or negative peak detectors. Basically the LM139 is operated
closed loop as a unity gain follower with a large holding
capacitor from the output to ground. For the positive peak
detector a low impedance current source is needed so an
additional transistor is added to the output. When the output



~
":z of the comparator goes high, current is passed through 01
c( to charge up C1. The only discharge path will be the 1 Mfi

resistor shunting C1 and any load that is connected to
VOUT.The decay time can be altered simply by changing
the 1 Mfi resisior higher or lower as desired. The output
should be used through a high impedanca follower to avoid
loading the output of the peak detector.

TL/H/7385-44

FIGURE 43. Negative Peak Detector

For the negative peak detector, a low impedance current
sink is required and the output transistor of the LM 139
works quite well for this. Again the only discharge path will
be the 1 Mfi resistor and any load impedance used. Decay
time is changed by varying the 1 Mfi resistor.

CONCLUSION

The LM139 is an extremely versatile comparator package
offering reasonably high speed while operating at power lev·
els in the low mW region. By offering four independent com·
parators in one package, many logic and other functions
can now be performed at substantial savings in circuit com-
plexity, parts count, overall physical dimensions, and power
consumption.
For limited temperature range application, the LM239 or
LM339 may be used in place of the LM139.

It is hoped that this application note will provide the user
with a guide for using the LM139 and also offer some new
application ideas.



Applications tor a High
Speed FET Input Op Amp

National Semiconductor
Application Note 75

INTRODUCTION

The principal limitations in speed and bandwidth in IC FET
input op amps have been reduced by over an order of mag-
nitude with the introduction of the LH0062/LH0062C. Inter-
nal compensation assures unity gain stability with band-
widths in excess of 15 MHz. Voltage follower slew rate is
typically 75 VIp's and is guaranteed in excess of 50 VIp.s.
Furthermore, external components. may be used to extend
the slew rate to 120 VIp's and settling times under 1 p.s.
The LH0062H (TO-5) is pin compatible with LM101, LM741
and LH0022. A summary of the LH0062's performance
characteristics is given in Table I.

CIRCUIT DESCRIPTION
The LH0062 is basically a two stage amplifier (Figure 1)
consisting of a N channel junction FET input stage (al and

TABLE I. ,Summary of LH0062 Characteristics

02) and a PNP output stage (a4 and as). 01 and 02 are a
well matched interdigitated monolithic pair that provide high
common mode rejection and input offset voltage tracking
usually associated only with bipolar designs. The current
mirror (as and 07) converts to single ended operation in
addition to providing active high impedance load for 04 and
as thus prOVidinghigh gain. 03 and 01 provide a tempera-
ture compensated current source for the input stage and
as, ag, 02 and 03 form a class AB output buffer. Detailed
schematic is illustrated in Figure 2, Note that the FET inputs
are protected by 5V zener diodes and input current under
transient conditions should be limited by inserting a 1 kG or
larger resistor in series with one of the inputs.

Parameter (TA = 25'C) Mln Typ Max Units

Input Offset Voltage 2.0 5.0 mV

Input Bias Current 20 pA

Voltage Gain 50 100 V/mV

Slew Rate 50 75 V/p.s

Bandwidth 15 MHz
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COMPENSATION CONSIDERATIONS
As noted earlier, the LH0062 is internally compensated for
unity gain stability. However, a few precautions are advised.
Uke most wide band amplifiers, the LH0062 is sensitive to
power supply inductance, and decoupling the supplies with
0.1 ,..F ceramic disc capacitors within an inch or two of the
device will prevent spurious oscillations and save a fair

amount of grief. The device is capable of driving 50 pF to
100 pF loads; for larger loads, an isolation resistor, R3 as
shown in Figure 3 is recommended. Alternatively, a current
buffer such as the LH0002 or LH0033 may be used for
loads in excess of 500 pF with no degradation in slew rate
as shown in Figure 4.

l'Ct.<:5QOpF

T
Ct. <: 2000 pF
I, <: 1DOmA

Note: In the examples above, at a small capacitor, Cl, is used to cancel the effects of stray capacitance at the input

FIGURE 4. Driving Capacitances In Excess of 500 pF and Loads



The LH0062 may be feed-forward compensated in inverting
mode applications as shown in Figure 5. This boosts slew
rate to over 120 V/ "'S and bandwidth to over 30 MHz. When
full bandwidth is not required, the device may be over-com-
pensated as shown in Figure 6 to reduce bandwidth to
5 MHz. This technique improves phase margin and reduces
susceptibility to spurious oscillations in applications where
speed is less critical.

Minimum settling time of Jessthan 1 "'S to 0.1% for a 20V
input step is obtained as illustrated in Figure 7. A small
tweak capacitor, C1 is recommended to cancel stray board
layout capacitance, Cs. Once best value of trimmer capaci-
tor C1 is determined for a particular layout, it may be re-
placed with a fixed value.

SLEW RATE = 120V
1'5

TL/K17321-5

FIGURE 5. Feed Forward Compensation

•:::Cs
•-:!:'



APPLICATIONS
The circuit of Figure 8 is a high speed sample and hold with
sample acquisition time of 10 "'S for 0.1% accuracy and
aperture time of approximately 25 ns. Resistor. Rs. is used
to limit input current during power on and off transients. Al-
though the inputs of the LH0062 are protected by back-to-
back diodes excessive input current could damage the de-

+5V

114

-- ---,
6

vice. Resistor Rg and the pot. Rs• allow null of the output
offset with negligible effect on offset drift.
The peak detector of Figure 9 will acquire a + 10V peak
signal in under 4 ",s with droop rates under 20 mV/sec.
Reversing the polarity of diodes 01 and 02 will allow peak
detecting negative signals. Any ultra-low leakage diode may
be substituted for the 2N930 collector-base junction.

'HOLD ~ LOGIC "1"

SAMPLE ~ LOGIC "0"



+15V

1,4r -oMiiuz-1
131 112

Eo ~ ~ JE,dIR,e
WHERE: e = e" ~. ~, e.



The circuit of Figure 10 is a programmable integrator with a
range in period from 1 /Ls to 1 ms. For best results C1
through C4 should be low leakage construction such as
polycarbonate or polystyrene. A simple method of imple-
menting the offset adjustment is to momentarily insert a
100 kfi resistor between pins 2 and 6 of the LH0062. With
the switches of the AHS009 off, the output may be set to
zero with R2.
The circuit of Figure 11 is a wide band AC voltmeter capable
of measuring AC signals as low as 1S mV at frequencies
from 100 Hz to SOOkHz. Full scale sensitivity may be
changed by altering the values R1 through Re (R '" VINI
100/LA).

HEAT SINKING, GUARDING, AND BOOTSTRAPPING
The LH0062 is specified for operation without an external
heat sink. However, standby power is typically 240 mW
causing a junction rise of approximately 60·C. A clip-on heat
sink can reduce internal heating hence reduce input bias
current from 20 pA at 2S·C ambient to 2 or 3 pA.
Guarding input leads is recommended in stringent applica-
tions. An excellent discussion on guarding is given in AN-63
and the techniques discussed are directly applicable to the
LH0062. Another benefit of guarding is reduced input ca-
pacitance. By bootstrapping the inputs, as shown in Figure
12, the apparent input capacitance is reduced to fractions of
a pico-farad.

TL/K17321-12

FIGURE 12. Guard/Bootstrap for Unity Gain

Furthermore, the case of the LH0062 is electrically isolated,
and the output may be tied to case in order to eliminate
stray capacitance introduced by the header.

REFERENCES
1. R. K. Underwood, "New Design Techniques for FEr Op

Amps, " National Semiconductor AN-63, March 1972.
2. R. C. Dobkin, "LM118 Op Amp Slews 70 V//Ls," National

Semiconductor LB-17, September 1971.
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~ IC Preamplifier Challenges

Choppers on Drift

Since the introduction of monolithic IC amplifiers there has
been a continual improvement in DC accuracy. Bias cur-
rents have been decreased by 5 orders of magnitude over
the past 5 years. Low offset voltage drift is also necessary in
a high accuracy circuits. This is evidenced by the popularity
of low drift amplifier types as well as the requests for select-
ed low-drift op amps. However, until now the chopper stabi-
lized amplifier offered the lowest drift. A new monolithic IC
preamplifier designed for use with general purpose op amps
improves DC accuracy to where the drift is lower than many
chopper stabilized amplifiers.

INTRODUCTION
Chopper amplifiers have long been known to offer the low-
est possible DC drift. They are not without problems, howev-
er. Most chopper amps can be used only as inverting ampli-
fiers, limiting their applications. Chopping can introduce
noise and spikes into the signal. Mechanical choppers need
replacement as well as being shock sensitive. Further,
chopper amplifiers are designed to operate over a limited
power supply, limited temperature range.

Previous low-drift op amps do not provide optimum perform-
ance either. Selected devices may only meet their specified
voltage drift under restrictive conditions. For example, if a
741 device is selected without offset nUlling, the addition of
a offset null pot can drastically change the drift. Low drift op
amps designed for offset balancing have another problem.
The resistor network used in the null circuit is designed to
null th/3 drift when the offset voltage is nulled. The mecha-
nism to achieve nulled drift depends on the difference in
temperature coefficient between the internal resistors and
the ex1ernal null pot. Since the internal resistors have a non-
linear temperature coefficient and may vary device to device
as well as between manufacturers, it can only approximately
null offset drift. The problem gets worse if the ex1ernal null
pot has a TC other than zero.

A new IC preamplifier is now available which can give drifts
as low as 0.2 Jlovrc. It is used with conventional op amps
and eliminates the problems associated with older devices.
As well as improving the DC input characteristics of the op
amp, loop-gain is increased when an LM121 is used. This
further improves overall accuracy since DC gain error is de-
creased.

The LM121 preamp is designed to give zero drift when the
offset voltage is nulled to zero. The operating current of the
LM121 is programmable by the value of the null network

National Semiconductor
Application Note 79

resistors. The drift is independent of the value of the nulling
network so it can be used over a wide range of operating
currents while retaining low drift. The operating current can
be chosen to optimize bias current, gain, speed, or noise
while still retaining the low drift. Further, since the drift is
independent of the match between ex1ernal and internal re-
sistors when the offset is nulled, lower and more predictable
drifts can be expected in actual use. The input is fUlly differ-
ential, overcoming many of the problems with single ended
chopper-amps. The device also has enough common mode
rejection ratio to allow the low drift to be fully utilized.

CIRCUIT DESCRIPTION
The LM121 is a well matched differential amplifier utilizing
super-gain transistors as the input devices. A schematic is
shown in Figure 1. The input signal is applied to the bases of
03 and 04 through protection resistors R1 and R2· 03 and
04 have two emitters to allow offset balancing which will be
explained later. The operating current for the differential am-
plifier is supplied by current sources 010 and 011. The oper-
ating current is ex1ernally programmed by resistors connect-
ed from the emitters of 010 and 011 to the negative supply.
Input transistors 03 and 04 are cascoded by transistors 05
and 06 to keep the collector base voltage on the input
stage equal to zero. This eliminates leakage at high operat-
ing temperatures and keeps the common mode input volt-
age from appearing across the low breakdown super-gain
input transistors. Additionally, the cascode improves the
common mode rejection of the differential amplifier. 01 and
02 protect the input against large differential voltages.

The ouput signal is developed across resistive loads R3 and
R4. The total collector current of the input is then applied to
the base of a fixed gain PNP, 07. The collector current of
07 sets the operating current of 08, 012, and 013. These
transistors are used to set the operating voltage of the cas-
code, 05 and 06. By operating the cascode biasing transis-
tors at the same operating current as the input stage, it is
possible to keep collector base voltage at zero; and there-
fore, collector-base leakage remains low over a wide cur-
rent range. Further, this minimizes the effects of VSE varia-
tions and finite transistor current gain. At high operating cur-
rents the collector base voltage of the input stage is in-
creased by about 100 mV due to the drop across R 15 and
R16. This prevents the input transistors from saturating un-
der worst case conditions of high current and high operating
temperature.



R2

INPUT 3 500

The rest of the devices comprise the turn-on and regulator
circuitry. Transistors 014, 015, and 016 form a 1.2V regula-
tor for the bases of the input stage current source. By fixing
the bases of the current sources at 1.2V, their ouput current
changes proportional to absolute temperature. This com-
pensates for the temperature sensitivity of the input stage
transconductance. Temperature compensating the trans-
conductance makes the preamp more useful in some appli-
cations such as an instrumentation amplifier and minimizes
bandwidth variations with temperature. The regulator is
st8.rted by 01 B and its operating current is supplied by 017
and 09, Figure 2 shows the LM121 chip.

OFFSET BALANCING

The LM121 was designed to operate with an offset balanc-
ing network connected to the current source transistors.
The method of balancing the offset also minimizes the drift
of the preamp. Unlike earlier devices such as the LM725,

the LM121 depends only upon the highly predictable emitter
base voltages of transistors to achieve low drift. Devices
like the LM725 depend on the match between internal resis-
tor temperature coefficient and the external null pot as well
as the input stage transistors characteristics for drift com-
pensation.

The input stage of the LM121 is actually two differential
amplifiers connected in parallel, each having a fixed offset.
The offset is due to different areas for the transistor emit-
ters. The offset for each pair is given by:

kT A1
f;.VSE=-In-

q A2
where k is Boltzmann's constant T is absolute temperature,



FIGURE 2. LM121 Chip
q is the charge on an electron, and At and A2 are emitter
areas. Because of the offset, each pair has a fixed drift.
When the pairs are connected in parallel, if they match, the
offsets and drift cancel. However, since matching is not per-
fect, the emitters of the pairs are not connected in parallel,
but connected to independent current sources to allow off-
set balancing. The offset and drift effect of each pair is pro-
portional to its operating current, so varying the ratio of the
current from current sources will vary both the offset and
drift. When the offset is nulled to zero, the drift is nulled to
below 1 ",V/'C.
The offset balancing method used in the LM121 has several
advantages over conventional balancing schemes. Firstly,
as mentioned earlier, it theoretically zeros the drift and off-
set simultaneously. Secondly, since the maximum balancing
range is fixed by transistor areas, the effect of null network
variations on offset voltage is minimized. Resistor shifts of
one percent only cause a 30 ",V shift in offset voltage on
the LM121, while a one percent shift in collector resistors on
a standard diff amp causes a 300 ",V offset change. Finally,
it allows the value of the null network to set the operating
current.

ACHIEVING LOW DRIFT
A very low drift amplifier poses some uncommon application
and testing problems. Many sources of error can cause the
apparent circuit drift to be much higher than would be pre-
dicted. In many cases, the low drift of the op amp is com-
pletely swamped by external effects while the amplifier is
blamed for the high drift.
Thermocouple effects caused by temperature gradient
across dissimilar metals are perhaps the worst offenders.
Whenever dissimilar metals are joined, a thermocouple re-
sults. The voltage generated by the thermocouple is propor-
tional to the temperature difference between the junction
and the measurement end of the metal. This voltage can
range between essentially zero and hundred of microvolts
per degree, depending on the metals used. In any system

using integrated circuits a minimum of three metals are
found: copper, solder, and kovar (lead material of the IC).
Nominally, most parts of a circuit are at the same tempera-
ture. However, a small temperature gradient can exist
across even a few inches - and this is a big problem with
low level signals. Only a few degrees gradient can cause
hundreds of microvolts of error. The two places this shows
up, generally are the package-to printed circuit board inter-
face and temperature gradients across resistors. Keeping
package leads short and the two input leads close together
help greatly.
For example, a very low drift amplifier was constructed and
the output monitored over a 1 minute period. During the 1
minute it appeared to have input referred offset variations of
±5 ",V. Shielding the circuit from air currents reduced this
to ±0.5 ",V. The 10 ",V error was due to thermal gradients
across the circuit from air currents.
Resistor choice as well as physical placement is important
for minimizing thermocouple effects. Carbon, oxide film and
some metal film resistors can cause large thermocouple er-
rors. Wirewound resistors of evenohm or managanin are
best since they only generate about 2 ",V/,C referenced to
copper. Of course, keeping the resistor ends at the same
temperature is important. Generally, shielding a low drift
stage electrically and thermally will yield good results.
Resistors can cause other errors besides gradient generat-
ed voltages. If the gain setting resistors do not track with
temperature a gain error will result. For example a gain of
1000 amplifier with a constant 10 mV input will have a 10V
output. If the resistors mistrack by 0.5% over the operating
temperature range, the error at the output is 50 mY. Re-
ferred to input, this is a 50 ",V error. Most precision resistors
use different material for different ranges of resistor values.
It is not unexpected that resistors differing by a factor of
1000, do not track perfectly with temperature. For best re-
sults insure that the gain fixing resistors are of the same
material or have tracking temperature coefficients.
Testing low drift amplifiers is also difficult. Standard drift
testing techniques such as heating the device in an oven
and having the leads available through a connector, thermo-
probe, or the soldering iron method - do not work. Thermal
gradients cause much greater errors than the amplifier drift.
Coupling microvolt signals through connectors is especially
bad since the temperature difference across the connector
can be 50'C or more. The device under test along with the
gain setting resistor should be isothermal. The circuit in Fig-
ure 3 will yield good results if well constructed.

50K



PERFORMANCE
It is somewhat difficult to specify the performance of the
LM121 since it is programmable over a wide range of oper-
ating currents. Changing the operating current varies gain,
bias current, and offset current - three critical parameters
in a high accuracy system. However, offset voltage and drift
are virtually independent of the operating current.
Typical performance at an operating current of 20 ,..A is
shown in Table I. Figures 4 and 5 show how the bias cur-
rent, offset current, and gain change as a function of pro-
gramming current. Drift is guaranteed at 1 ,..vrc indepen-
dent of the operating current.

TABLE I. Typical Performance at an Operating
Current of 10 ,..A Per Side

Offset Voltage
Bias Current
Offset Current
Offset Voltage Drift
Common Mode Rejection Ratio
Supply Voltage Rejection Ratio
Common Mode Range
Gain
Supply Current

100

Nulled
7nA

0.5nA
0.3,..VrC

125 dB
125dB
±13V

20 VIV
0.5mA

3 5 10 30 50 100

SET CURRENT/SIDE "'AI
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C..• 100.....•
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co
> 30
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10'"~ Vs: "5Vc;
f = 100 Hz
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COLLECTOR CURRENT/SIDE I"AI

FIGURE 5. Gain vs Set Current

Over a temperature range of -55°C to + 125°Cthe LM121
has less than 1 ,..Vrc offset voltage drift when nulled. It is
important that the offset voltage is accurately nulled to
achieve this low drift. The drift is directly related to the offset
voltage with 3.8 ,..Vrc drift resulting from every millivolt of

offset. For example, if the offset is nulled to 100 ,..V, about
0.4 ,..Vrc will result - or twice the typically expected drift.
This drift is quite predictable and could even be used to
cancel the drift elsewhere in a system. Figure 6 shows drift
as a function of offset voltage. For critical applications se-
lected devices can achieve 0.2 ,..vrc.
Figures 7 and 8 show the bias current, offset current, and
gain variation over a - 55°C to + 125°C temperature range.
These performance characteristics do not tell the whole sto-
ry. Since the LM121 is used with an operational amplifier,
the op amp characteristics must be considered for over-all
amplifier performance.
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(ana useo) Justas a single op amp. The inputs of the combi-
nation are the inputs of the LM121 and the output is from
the op amp. Feedback, as with any op amp, is applied back
to the inputs. Figure 9 shows the general configuration of an
amplifier using the LM121.
The offset voltage and drift of the op amp used have an
effect on overall performance and must be considered. (The
bias and offset currents of today's op amp are low enough
to be ignored.) Although the exact effects of the op amp
stage are difficult and tedious to calculate, a few approxima-
tions will show the sources of drift.
Op amp drift is perhaps the most important source of error.
Drift of the op amp is directly reduced by the gain of the
LM121. The drift referred to the input is given by:

op amp drift .
input drift = ----- + LM121 drift.

LM121 gain
If the op amp has a drift of 10 )Jovrc and the LM121 is
operated at a gain of Av = 50, there will be a 0.2 )Jovrc
component of the total drift due to the op amp. It is there-
fore important that the LM121 be operated at relatively high
gain to minimize the effects of op amp drift. Lower gains for
the LM121 will give proportionately less reduction in op amp
drift. Of course, a moderately low drift op amp such as the
LM108A eases the problem.
Op amp offset voltage also has an effect on total drift. For
purpose of analysis assume the LM121 to be perfect with
no offset or drift of its own. Then any offset seen when the
LM121 is connected to an op amp is due to the op amp
alone. The offset is equal to:

op amp offset
offset voltage = LM .

121 gain
or the offset is reduced by the gain of the LM121. For exam-
ple, with a gain of 50 for the LM121, 2 mV of offset on the
op amp appears as 40 )JoVof offset at the LM121 input.
Unlike offset due to a mismatch in the LM121, this 40 )JoVof
offset does not cause any drift. However, when the system
is nulled so the offset at the input of the LM121 is zero, 40
)JoVof imbalance has been inserted into the LM121. The
imbalance caused by nulling the offset induced by the op

LM121 gain
In actual operation, drift due to op amp offsets will usually
be better than predicted. This is because offset voltage and
drift are not independent. With the LM121 there is a strong,
predictable, correlation between offset and drift. Also, there
is a correlation with op amps, but it is not as strong. The drift
of the op amp tends to cancel the drift induced in the LM121
when the system is nulled.
In the previous example the drift due to the op amp offset
was 0.15 )Jovrc. If the op amp has a drift of 3.6 )Jovrc per
millivolt of offset (like the LM121) it will have a drift of
7.2 )Jovrc. This drift is reduced by the gain of the LM121
(Av = 50) to 0.14 )Jovrc. This 0.14 )Jovrc will cancel the
0.14 )Jovrc drift due to balancing the LM121. Since op
amps do not always have a strong correlation between off-
set and drift, the cancellation of drifts is not total. Once
again, high gain for the LM121 and a low offset op amp
helps achieve low drifts.

FREQUENCY COMPENSATION
The additional gain of the LM121 preamplifier when used
with an operational amplifier usually necessitates additional
frequency compensation. This is because the additional
gain introduced by the LM121 must be rolled-off before the
phase shift through the LM121 and op amp reaches 180'.
The additional compensation depends on the gain of the
LM121 as well as the closed loop gain of the system. Two
frequency compensation techniques are shown here that
will operate with any op amp that is unity gain stable.
When the closed loop gain of the op amp with the LM121 is
less than the gain of the LM121 alone, more compensation
is needed. The worst case situation is when there is 100%
feedback - such as a voltage follower or integrator - and
the gain of the LM121 is high. When high closed loop gains
are used - for example Av = 1000 - and only an addition-
al gain of 100 is inserted by the LM121, the frequency com-
pensation of the op amp will usually suffice.
The basic circuit of the LM121 in Figure 9 shows two com-
pensation capacitors connected to the op amp (disregard-
ing the 30 pF frequency compensation for the op
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FIGURE 9. General Purpose Amplifier Using the LM121

amp alone). The capacitor from pin 6 to pin 2 around the op
amp acts as an integrating capacitor to roll off the gain.
Since the output of the LM121 is differential, a second ca-
pacitor is needed to roll off pin 3 of the op amp. These
capacitors are Cel and CC2 in Figure 9.

With capacitors equal, the circuit retains good AC power
supply rejection. The approximate value of the compensa-
tion capacitors is given by:

An alternate compensation scheme was developed for ap-
plications requiring more predictable and smoother roll off.
This is useful where the amplifier's gain is changed over a
wide range. In this case CCl is made large and connected
to V+ rather than ground. The output of the LM121 is ren-
dered single ended by a 0.01 ",F bypass capacitor to V+.
Overall frequency compensation then is achieved by an in-
tegrating capacitor around the op amp:

12
Bandwidth at unity gain '" R C

21T SET
. 4

for 0.5 MHz bandwidth C = -10-S-R-SE-T-

8
Cc = 10s A R farads

CL SET
where RSET is the current set resistor from each current
source and where ACL is closed loop gain. Table II shows
typical capacitor values.

TABLE II. Typical compensation capacitors for various
operating currents and closed loop gains. Values given

apply to LM101A, LM108, and LM741 type amplifiers.

Closed Current Set Resistor
Loop
Gain 120 k.o. 60 k.o. 30k.o. 12 k.o. 6 k.o.

Av= 1 68pF 130 pF 270 pF 680 pF 1300 pF
Av = 5 15pF 27 pF 50 pF 130 pF 270 pF
Av = 10 10 pF 15pF 27 pF 68 pF 130 pF
Av = 50 . 1 pF 3 pF 5 pF 15 pF 27 pF
Av = 100 1 pF 3 pF 5 pF 10pF
Av = 500 1 pF 1 pF 3 pF
Av = 1000



For use with higher frequency op amps such as the LM118
the bandwidth may be increased to about 2 MHz. If closed
loop gain is greater than unity "c" may be decreased to:

C = 4
106AcL RSET

APPLICATIONS
No attempt will be made to include precision op amp appli-
cations as they are well covered in other literature. The pre-
vious sections detail frequency compensation and drift
problems encountered in using very low drift op amps. The
circuit shown in Figure 9 will yield good results in almost any
op amp application. However, it is important to choose the
operating current properly. From the curves given it is rela-
tively easy to see the effects of current changes. High cur-
rents increase gain and reduce op amp effects on drift. Bias
and offset current also increase at high current. When the
operating source resistance is relatively high, errors due to
high bias and offset current can swamp offset voltage drift
errors. Therefore, with high source impedances it may be
advantageous to operate at lower currents.
Another important consideration is output common mode
voltage. This is the voltage between the outputs of the
LM121 and the positive power supply. Firstly, the output
common mode voltage must be within the operating com-
mon mode range of the output op amp. At currents above
10 ,..A there is no problems with the LM108, LM101, and
LM741 type devices. Higher currents are needed for devic-
es with more limited common mode range, such as the
LM118. As the operating current is increased, the positive
common mode limit for the LM121 is decreased. This is
because there is more voltage drop across the internal 50k
load resistors. The output common mode voltage and posi-
tive common mode limits are about equal and given by:

Output common (0 65 x 50 kG)
mode voltage positive::::: V+ - 0.6V+ -' ----
common mode limit RSET

If it is necessary to increase the common mode output volt-
age (or limit), external resistors can be connected in parallel
with the internal 50 kG resistors. This should only be done
at high operating currents (80 ,..A) since it reduces gain and
diverts part of the input stage current from the internal bias-

ing circuitry. A reasonable value for external resistors is
50 kG.
The external resistors should be of high quality and low drift,
such as wirewound resistors, since they will affect drift if
they do not track well with temperature. A 20 ppmrC differ-
ence in external resistor temperature coefficient will intro-
duce an additional 0.3 ,..vrc drift.
An unusually simple gain of 1000 instrumentation amplifier
can be made using the LM121. The amplifier has a floating,
full differential, high impedance input. Linearity is better than
1%, depending upon input signal level with maximum error
at maximum input. Gain stability, as shown in Figure 10, is
about ± 2% over a - 55°C to + 125°C temperature range.
Finally, the amplifier has very low drift and high CMRR.
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FIGURE 10. Instrumentation Amplifier
Gain vs Temperature

Figure 11 shows a schematic of the instrumentation amplifi-
er. The LM121 is used as the input stage and operated
open-loop. It converts an input voltage to a differential out-
put current at pins 1 and 8 to drive an op amp. The op amp
acts as a current to voltage converter and has a single-end-
ed output.
Resistors Rt and R2 with null pot R3 set the operating cur-
rent of the LM121 and provide offset adjustment. R4 is a
fine trim to set the gain at 1000. There is very little interac-
tion between the gain and null pots.

INPUT LM121

R5
Rl R2 3M

SOK
R3

50K 1%
1% 10K

1% Cl- 30 pF

'OIIset adjust
tGain trim

tBaltar than 1% linaarily lor Input
signals up to ± 10 mV gain stability
typical ±2% from - 55'C to
+ 125'C CMRR 110 dB.

v·
FIGURE 11. Gain of 1000 Instrumentation Amplifier



This instrumentation amplifier is limited to a maximum input
signal of ± 10 mV for good linearity. At high signal levels the
transfer characteristic of the LM121 becomes rapidly non-
linear, as with any differential amplifier. Therefore, it is most
useful as a high gain amplifier.
Since feedback is not applied around the LM121, CMRR is
not dependent on resistor matching. This eliminates the
need for precisely matched resistor as with conventional
instrumentation amplifiers. Although the linearity and gain
stability are not as good as conventional schemes, this am-
plifier will find wide application where low drift and high
CMRR are necessary.
A precision reference using a standard cell is shown in Fig-
ure 12. The low drift and low input current of the LM121A
allow the reference amplifier to buffer the standard cell with
high accuracy. Typical long term drift for the LM121 operat-

6
30K

1%
5K

ing at constant temperature is less than 2 /LV per 1000
hours.
To minimi<!etemperature gradient errors, this circuit should
be shieldecl from air currents. Good single-point wiring
should als~ be used. When power is not applied. it is neces-
sary to disconnect the standard cell from the input of the
LM121 or it will elischarge through the internal protection
diodes.

CONCLUSIONS
A new l1lfeamplifierfor operational amplifiers has been de-
scribed. It can achieve voltage drifts as low as many chop-
per amplifiers without the problems associated with chop-
pin~. Operating current is programmable over a wide range
S0 the input characteristics can be optimized for the particu-
lar application. Further, using a preamp and a conventional
op amp allows more flexibility than a single low-drift op amp.
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INTRODUCTION
The LM1800 is a phase locked loop FM stereo demodulator
built on a single monolithic die. In addition to separating left
(L) and right (R) signal information from the detected IF out-
put, the LM1800 features automatic stereo/monaural
switching, 45 dB power supply rejection, and a 100 mA
stereo indicator lamp driver. Particularly attractive is the low
external part count and total elimination of coils. A single
inexpensive potentiometer performs all tuning. The resulting
FM stereo system delivers high fidelity sound while still
meeting the cost requirements of inexpensive stereo receiv-
ers.

Figures 1 and 2 outline the role played by the LM1800 in the
FM stereo receiver. The frequency domain plot shows that
the composite input waveform contains L + R information in
the audio band and L - R information suppressed carrier
modulated on 38 kHz. A 19 kHz pilot tone, locked to the
38 kHz subcarrier at the transmitter, is also included. SCA
information occupies a higher band but is of no importance
in the consumer FM receiver.

The block dagram of the LM1800 shows the composite in-
put signal applied to the audio frequency amplifier, which
acts as a unity gain buffer to the decoder section. A second
amplified signal is capacitively coupled to two phase detec-
tors - one in the phase locked loop and the other in the

stereo switching circuitry. In the phase locked loop, the out-
put of the 76 kHz voltage controlled oscillator (VCO) is fre-
quency divided twice (to 38 then 19 kHz), forming the other
input to the loop phase detector. The output of the loop
phase detector adjusts the VCO to precisely 76 kHz. The 38
kHz output of the first frequency divider becomes the regen-
erated subcarrier which demodulates L-R information in the
decoder section. The amplified composite and an "in
phase" 19 kHz signal, generated in the phase locked loop,
drive the "in phase" phase detector. When the loop is
locked, the DC output voltage of this phase detector mea-
sures pilot amplitude. For pilot signals sufficiently strong to
enable good stereo reception the trigger latches, applying
regenerated subcarrier to the decoder and powering the
stereo indicator lamp. Hysteresis, built into the trigger, pro-
tects against erratic stereo/monaural switching and the at-
tendant lamp flicker.

In the monaural mode (electronic switch open) the decoder
outputs duplicate the composite input signal except that the
de-emphasis capacitors (from pins 3 and 6 to ground) roll
off with the load resistors at 2 kHz. In the stereo mode (elec-
tronic switch closed), the decoder demodulates the L - R
information, matrixes it with the L + R information, then de-
livers buffered separated Land R signals to output pins 4
and 5 respectively.

COMPOSITE INPUT SIGNAL TO LM1800:

VC = (L + R) + (L - R)COSwst + kCOSwpt

1 L+R

~ LIL-R L-R

I SCA I • FREQUENCY

15 I 23 38 53 60 75 X 1000 Hz

I
I

19 kHz PILOT
Vc

FM FM/IF
FRONT AMPLIFIER

END DETECTOR

LEFT

RIGHT

TL/H/7389-1

FIGURE 1. FM Receiver Block Diagram and Frequency Spectrum of LM1800 Input Signal
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CIRCUIT DESCRIPTION
The complex circuit schematic of Figure 13 is more easily
understood by reducing it to four subsections:

Regulator and Audio Amplifier

Phase Locked Loop

Stereo/Monaural Switching Circuitry

Decoder and Output Section

Regulator and Audio Amplifier
Transmission of power supply ripple and noise has plagued
users of integrated FM stereo demodulators in the past. The
introduction of a voltage regulator on the chip, along with
improvements in the decoder output circuitry, provides ex-
cellent supply rejection, eliminating the need for costly sup-
ply filtering. Figure 3 shows an equivalent schematic of the
5.8V regulator. Z2 holds the voltage across R2 constant,
thereby establishing a constant current through 02, 03 and
04. The current through Z2 then depends on the voltage
drop across Z2 and not on the supply line. R1' Z1 and 01
assure startup after which the voltage across 01 drops to
zero, disconnecting R1 from the remainder of the regulator
circuitry.

The audio amp is biased internally by 2.9V through R3 to the
base of as. Since the emitter current of as is much less
than that of 07 and the base current of 08 is also negligible,
current through R4 approximately equals that through Rs.
The DC quiescent voltage at the output pin becomes:

VP2 = VES + (VES - 0.7) Rs/R4 = 5.4 volts

and gain to a dynamic input is:

Apin 1 - pin 2 = 1 + RS/R4 = 3.0

A second signal path of unity gain exists through as and 08.
The potential at 08'S emitter is also approximately 2.9V,
providing conveniently biased drive to the decoder section.
R3 sets the input resistance at typically 45 k!l.

Phase Locked Loop

A phase locked loop is a feedback system comprised of a
phase detector, a low pass filter, and an error amplifier in
the forward transmission path while 8 voltage controlled os-
cillator provides the feedback element. Figure 4 illustrates a
simplified loop. Without an input signal the error voltage
drops to zero. The veo then oscillates at some free running
frequency, fO. As an input signal is introduced, the phase
detector compares the phase (and frequency, since fre-
quency is the time derivative of phase) of the input signal
with that of the veo, generating an error voltage related to
the frequency difference. The error signal is filtered and am-
plified before it is applied to the control input of the veo.
The control voltage forces the veo frequency to move in
the direction that reduces the frequency difference between
the input signal and fo. For free running frequencies suffi-
ciently close to the incoming signal, the nature of loop feed-
back causes the veo to synchronize to exactly the incom-
ing frequency. Some finite phase difference exists between
the two signals. This phase difference is necessary to gen-
erate the corrective error voltage for the veo.
The LM 1800 operates on precisely this principle except that
the veo free runs at approximately four times the frequency
of the incoming pilot. Two frequency dividers provide a sig-

VOLTAGE
CONTROLLED
OSCILLATOR
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waveforms, both necessary requirements for good stereo
demodulation.

veo
Consider the voltage controlled oscillator scheme outlined
in Figure 5. At turn-on the non-inverting input rises rapidly to
1.2V as set by the resistor divider (R13/R15), while the ex-
ternal capacitor holds the inverting input low. The output
quickly rises to 5.8V and begins charging the capacitor
through R11.The output simultaneously lifts the non-invert-
ing input rapidly to 4.7V. When the voltage across the ca-
pacitor also reaches 4.7V, the output drops low, reverse
biasing the diodes while the capacitor begins discharging
through the potentiometer. With the output low, the non-in-
verting input is again resistively set at 1.2V until the capaci-

4.7V JLJl
1.2V

390 pF

4.7V f'.... !'..
1.2V" '" '

When the vca is in its high state, the output is clamped at
the regulated voltage. This causes the temperature coeffi-
cient of the trip points to be dependent on only the regUlat-
ed voltage, resulting in an oscillation frequency quite inde-
pendent of temperature.
Figure 6 details the frequency dividers used to transform the
short duty cycle 76 kHz waveform into precisely 50% duty
cycle 38 and 19 kHz waveforms. To understand their opera-
tion, first consider 024/025 saturated while 023/026 are in
cutoff. As the trigger goes low the collector voltage for 025/
026 collapes and conduction in them ceases. Since 023/
024 are bistable by themselves, 024 remains saturated and
023 cutoff. With the trigger in this low state, the base of 024
sits at one base-emmiter voltage (0.7V) while the base

JLU
5.8V

OV
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of 023 is at the saturation voltage of 024 (O.2V). On the
rising edge of tile trigger pulse, 026 conducts before 025
because of the different voltages on their emitters. 026 sat-
urates and drives enough current through R24 to saturate
023 while 024 goes to cutoff. Thus 023/024 change state
on every rising edge of a trigger pulse, dividing the repetition
rate of the trigger signal by two. The other two frequency
dividers function similarly except that the third one is slaved
in quadrature with the second. Figure 7 shows the wave-
forms throughout the divider string.

Loop Phase Detector
The loop phase detector is shown equivalently in Figure 8.
Consider the loop phase detector where the toggle is driven
in quadrature with the pilot.

V
C29

IV
B'12i _

The waveforms show that zero volts DC appears across the
capacitor. Any deviation from this quadrature relationship
produces a voltage, which is a function of phase difference,
across the capacitor. A second condition results when the
toggle is driven in phase with the pilot. In this case the DC
voltage across the capacitor measures pilot tone amplitude
and is used to drive the stereo-monaural switching circuitry.
The DC amplifier in the phase locked loop is standard differ-
ential with push-pull output, maintaining excellent tempera-
ture stability in the loop.

Stereo/Monaural Switching Circuitry
Composite inputs sufficiently large for good quality stereo
switch the LM1800 into the stereo mode via the circuitry
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of Figure 9. The differential pair Q47/Q48 is driven by the DC
output of the "in phase" phase detector. When the phase
locked loop is locked. this differential input voltage to
Q47/Q48 is proportional to pilot amplitude (as explained in
previous section and Figure 8). The emitter area of Q47 is
five times larger than that of Q48. building in 40 mV offset
voltage. Until the base of Q48 is 40 mV higher than the base
of Q47. collector current in Q47 is larger than collector cur-
rent in Q48. Transistor design of Q49 constrains its beta to
unity. So long as IC47 is larger than 1C48. Q49 remains in
saturation (holding Qso in cutoff). When the 40 mV offset
voltage is overcome in Q47/Q48. Q49 comes out of satura-
tion and Qso enters conduction. Qso. QS1. Os. and RS1 form
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a positive feedback loop which regenerates when Qso is
allowed to conduct. RS1 is chosen to halt the regeneration
process at ICS1 = 301-'A. The latched loop current drives
the lamp driver Darlington (QS4/QSS) as well as QS7 (via
QS2 and QS3)· The signal to the decoder switches from
common to differential mode 38 kHz and stereo demodula-
tion begins. Should the input composite waveform decrease
by 6 dB. the differential voltage back at Q47/Q48 reduces to
20 mY. Under this condition the current flowing from Q49
into QS1 (as Q49 returns toward saturation) is sufficient to
unlatch the loop. prohibiting drive to both QS7 and QS4/QSS.
The signal driving the decoder returns to common mode 38
kHz and monaural reception resumes. RS2 and QS6 limit
cold lamp surge currents to about 250 mA.
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FIGURE 11. Equivalent Circuit for Decoder Matrix

[ K+1] [ K+1]IS38= L 0.5-0.5K-----;:- + R 0.5-0.5K+----;:-

Equating the coefficient of the left (L) term to zero, yields a
value for K of 0.22. Thus designing the matrix resistors. R44'
R45' R46to give this value for K cancels all left information
from the 038 current. The base current of 038 then is pro-
portional to the right (R) separated signal.

Decoder and Output Section
The basic decoder section shown in Figure 10 has been
used previously in the LM1304, LM1305, LM1307, LM1307E
series, and is well described in reference 2. In an effort to
transform the rigor into intuition, consider first 043, 044, and
the emitter matrix resistors (R44' R45' R46).Under small sig-
nal conditions the emitter of 043 remains at a constant volt-
age while the emitter of 044 tracks the composite input
waveform applied to its base. Analysis of the simplified cir-
cuit shown in Figure 11 produces the current waveforms
through R44 and R45. These currents are not equal and
opposite as in a standard multiplier because R46 in no way
approximates a current source. Rather, the currents through
R44 and R45 can be shown to be related by a constant:

K = IR44/1R45= R46/(R45 + R46)
For NPN transistors operating in their active regions, collec-
tor current approximately equals emitter current then:

143= KIC44
Since the upper quad transistors (039, 040, 041, 042) oper-
ate as antiphase switches, the base current resulting
through 038 becomes the sum of 1C44gated by 042 and
1C43gated by 040. These upper quad transistors alternately
pass or block the currents flowing in 043 and 044. This
gating action is represented mathematically in Figure 12.
Applying the gating function to the currents in 043 and 044:

IS38= Vc [~- ;coswst] - KVc [~+ ;coswst]

where Vc = composite input signal
and Ws = subcarrier (38 kHz)
SUbstituting the expression for Vc (given in Figure 1), carry-
ing out the algebra, and retaining only the low frequency
terms gives:

1 2
=-+-coswt+ ...2 1T

FIGURE 12. Fourier Analysis of Decoder
Switching Waveform

Similar analysis can be performed to show that the base
current of 037 contains only left (L) separated signal. Ampli-
fication and level shifting of these base currents occurs in
fixed beta transistors 037 and 038, and the resultant cur-
rents drive external grounded loads at pins 3 and 6. Since
the collector currents of 037 and 038 depend only on their
respective base currents, supply ripple and noise are reject-
ed from the output pins. 035 and 036 serve as output buff-
ers with R40and R42setting the output resistance at typical-
ly 13000.





In the monaural mode the upper quad transistors are driven
by a common mode signal which causes all four transistors
to conduct equally. This passes the composite input directly
to the outputs where the de-emphasis capacitors serve to
roll off the higher frequency unwanted information. Further,
the LM1800 offers improved distortion over earlier integrat-
ed demodulators. As the signal driving the base of 044 in-
creases in amplitude, the AC currents through 043 and 044
become a significant percentage of the DC bias currents. In
this manner the transconductance of 043 and 044 is modu-
lated by the incoming signal resulting in second harmonic
distortion. To reduce this effect, the base bias potentials of
043 and 044 and the matrix resistor values have been
raised above the levels used in earlier demodulators. The
loss in gain that this implies is recovered in the PNP level
shifting transistors.

CIRCUIT PERFORMANCE
The circuit in Figure 14 illustrates the simplicity of designing
an FM stereo demodulation system using the LM1800. R3
and ~ establish an adequate loop capture range and a low
frequency well damped natural loop resonance. Ce has the
effect of shunting phase jitter, a dominant cause of high
frequency channel separation problems. Recall that the
38 kHz subcarrier regenerates by phase locking the output
of a 19 kHz divider to the pilot tone. Time delays through the
divider result in the 38 kHz waveform leading the transmit-
ted subcarrier. Addition of capacitor Cg (0.0025 ,.F) at pin 9
introduces a lag at the input to the phase lock loop, com-
pensating for these frequency divider delays. The output re-
sistance of the audio amplifier is designed at 5000 to facili-
tate this connection.

Table 1 and Figures 15 through 27 detail typical perform-
ance resulting from this basic hookup. The excellent supply
rejection characteristics shown, coupled with the fact that
supply current drain is nearly independent of supply VOltage,
somewhat simplifies receiver power supply requirements.
The low drain current, even for a 24V supply, results in cool-

er circuit operation and increased reliability. Figure 22
shows that increasing the size of input coupling capacitor
Ce improves low frequency channel separation by reducing
the phase shift of the lower frequency components in the
composite waveform.

Figure 27 illustrates an interesting characteristic of the
LM1800: channel separation increases as the vea is de-
tuned in either direction. The separation peaks change in
size for different signal frequencies and change in position
(% detuning) for changing composite amplitudes. If the VCO
free running frequency is set at precisely 19 kHz, separation
remains constant over a wide range of composite amplitude
levels, signal frequencies, temperature changes, and com-
ponent drifts. The 19 kHz monitor available to the customer
at pin 11 can be fed into a frequency counter for accurate
adjustment of the VCO free running frequency. If a frequen-
cy counter is not available, the vea can be adjusted by
utilizing the fact that capture range is symmetrical about the
incoming pilot:

(a) rotate frequency adjust pot full CCW

(b) insert weak composite input signal

(c) rotate pot CW until stereo lamp comes on, note po-
sition of pot (Rx>

(d) remove composite and rotate pot full CW

(e) reinsert weak composite input signal

(f) rotate pot CCW until stereo lamp comes on again,
note position of pot (Ry)

(g) set pot midway between Rx and Ry.

Figure 28 is included for the user who is willing to sacrifice
some performance, particularly channel separation at high
input levels and low frequencies to eliminate two external
capacitors and reduce the electrolytic input coupling cap
size.

On either circuit, some improvement in channel separation
can be attained by altering the VCO.

Parameters Conditions Type Units

Supply Current Lamp "OFF" 21 mA

Lamp Driver Saturation Voltage 100 mA Lamp Current 1.3 V

Lamp Driver Leakage Current 1 nA

Pilot Level for Lamp "ON" Pin 11 Adjusted for 19 kHz ± 10Hz 16 mV

Pilot Level for Lamp "OFF" Pin 11 Adjusted for 19 kHz ± 10Hz 8 mV

Stereo Lamp Hysteresis 6 dB

100 Hz (Note 1) 40 dB
Stereo Channel Separation 1000 Hz (Note 1) 45 dB

10000 Hz (Note 1) 45 dB

Monaural Channel Unbalance 200 mVrms, 1000 Hz Input 0.3 dB

Recovered Audio 200 mVrms, 400 Hz Input 190 mVrms

Total Harmonic Distortion 500 mVrms, 1000 Hz Monaural Input 0.5 %

Capture Range 25 mV of 19 kHz pilot ±4 %offo

Supply Ripple Rejection 600 mVrms, 200 Hz Ripple 45 dB

Dynamic Input Resistance 45 kO

Dynamic Output Resistance 1300 0

SCA Rejection 200 mVrms Composite at 67 kHz 50 dB

Ultrasonic Frequency Rejection Combined 19 and 38 kHz 33 dB
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FIGURE 27. Channel Separation and VCO Tuning

slightly. The loop gain can be shown to decrease for a de-
crease in VCO resistance (R4 + Rs in Figure 14). Maintain-
ing a constant RC product. while increasing the capacity
from 390 pF to 510 pF narrows the capture range by about
25%. Although the resulting system has slightly improved
channel separation, it is more sensitive to VCO tuning.

When the circuits so far described are connected in an actu-
al FM receiver, channel separation often suffers due to im-
perfect frequency response of the IF stage. The input lead
network of Figure 29 can be used to compensate for the roll
off in the IF and will restore high quality stereo sound.
Should a receiver designer prefer a stereo/monaural
switching point different than those programmed into the
LM1800 (pilot: 16 mVrms on, 8.0 mVrms off typical), the
circuit of Figure 30 provides the desired flexibility.

C
0.0022

~

F

OU~~~: ~~ + TO PIN 1
RECEIVER R ~ OF LM1800

20K
TL/H/7389-17

FIGURE 29. Compensation for Receiver IF Rolloff

The user who wants slightly increased voltage gain through
the demodulator can increase the size of the load resistors
(R1 and R2 of Figure 14 or 28), being sure to corresponding-
ly change the de-emphasis capacitors (C1 and C2). Loads
as high as 5600n may be used (gain of 1.4). Performance of
the LM1800 is virtually independent of the supply voltage
used (from 10 to 24V) due to the on chip regulator.

Although the circuit diagrams show a 100 mA indicator
lamp, the user may desire an LED. This presents no prob-
lem for the LM1800 so long as a resistor is connected in
series to limit current to a safe value for the LED. The lamp
or LED can be powered from any source (up to 24V), and
need not necessarily be driven from the same supply as the
LM1800.

CENTER CW
RI POT SETTING

TlIH/7389-1 B

FIGURE 30. Stereo/Monaural Switch Point Adjustment

Utilization of the phase locked loop principle enables the
LM1800 to demodulate FM stereo signals without the use of
troublesome and expensive coils. The numerous features
available on the demodulator make it extremely attractive in
a variety of home and automotive receivers. Indeed the
LM1800 represents a new generation in integrated stereo
FM demodulators.
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C'Ico
~ LM125/LM126

Precision Dual
Tracking Regulators

INTRODUCTION

The LM125 and LM126 family of devices are precision, dual,
tracking, monolithic voltage regulators. Each provides sepa-
rate positive and negative regulated outputs, thus simplify-
ing dual power supply designs. Operation requires few or no
external components depending on the application. Internal
settings provide fixed output voltages: the LM 125 at ± 15V
and the LM126 at ±12V.

Each regulator is protected from excessive internal power
dissipation by a thermal shutdown circuit which turns off the
regulator whenever the chip reaches a preset maximum
temperature. Other features include both internal and exter-
nal current limit sensing for device protection while operat-
ing with or without external current boost. For applications
requiring more current than the internal current limit will al-
low, boosted operation is possible with the addition of a one
NPN pass transistor per regulator. External resistors sense
load current for controlling the limiting circuitry. Internal fre-
quency compensation is provided on both positive and neg-
ative regulators. The internal voltage reference pins is
brought out to facilitate noise filtering when desired.

National Semiconductor
Application Note 82

CIRCUIT DESCRIPTION

Figure 1 shows a block diagram of the basic dual tracking
regulator. A voltage reference establishes a fixed dc level,
independent of supply or temperature variations, at the non-
inverting input to the negative regulator Error Amplifier. The
Error Amplifier drives the Output Control Circuit which in-
cludes the high current output transistors, current limiting,
and thermal shutdown circuitry.

The negative regulator output voltage is established by
comparing the Voltage Reference against a fraction of the
output as set by RA and Rs. To achieve the desired tracking
action of the positive regulator, a voltage established be-
tween the positive and negative regulator outputs by resis-
tors Rc and RD is compared to ground by the positive regu-
lator Error Amplifier. This insures that the positive regulator
output voltage will always equal the negative regulator out-
put voltage multiplied by the ratio of Rc to RD. This ratio is
unity for the LM125 010 = ±15V), and LM126 010 =

± 12V). The positive regulator Output Control Circuit is es-
sentially the same as that in the negative regulator.

The current limit and thermal shutdown circuitry sense the
output load current and die temperature respectively and
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INPUT
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CONTROL
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---,
I
I POSITIVE
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I
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I
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I
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OUTPUT

I
I
I

___ oJ

FIGURE 1. Block Diagram for the Basic Dual Tracking Regulator
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FIGURE 2. Simplified Negative Regulator

switch off all output drive capability upon reaching their pre- in the positive regulator output will create an error signal at
determined limits. the base of Q10 which will be amplified and sent to the
Figure 2 gives a more detailed picture of the negative regu- voltage follower, Q4 and Q5, forcing the output voltage to
lator circuitry. The temperature compensated reference track the input voltage. Here the loop gain is on the order of
voltage appears at the non-inverting input of the differential 66 dB so a compensating capacitor of approximately 20 pF
amplifier, Q19 and Q20, while an error signal proportional is used to ensure amplifier stability.
+V'N The circuitry used for regulator start up, biasing, tempera-

ture sensing, and thermal shutdown is shown in Figure 4.
The field effect transistor Q28, is initially ON allowing the
negative input voltage to force current through zener diode
Q34. When enough current flows to fully establish the zener
VOltage,transistor Q29, Q30 and Q31 turn on and bias up all
current sources. The zener voltage also decreases the gate
to source voltage of the FET, pinching it off to a lower cur-
rent value to reduce quiescent power dissipation.
The thermal sensing and shutdown circuitry is comprised of
Q34, Q29, Q35, Q32, Q37, Q38, R27, R29, R30, R31, and
R33. The voltage divider made up of R29 and R30 provides
a relatively fixed bias voltage V1 at the bases of Q35 and
Q36, holding them in the OFF state. When the chip temper-
ature increases to a maximum permissible level, the base to
emitter voltage of Q35 and/or Q36 will have decreased suf-
ficiently so that V1 is now high enough to turn them ON. This
causes a voltage drop across R27 sufficient to turn on Q32
which switches Q37 and Q38 to a conducting state shunting
all output drive current to - VIN. The regUlator output volt-
ages are then clamped to zero. Transistors Q35 and Q36
are located on the chip near the regulator output devices so
they will see the maximum temperatures reached on the
chip, ensuring that neither regulator will ever see more than
this preset maximum temperature. The collectors of Q35
and Q36 are tied together so that if either regulator reaches
the thermal shutdown temperature, both regulators will
shutdown. This ensures that the device can never be de-
stroyed because of excessive internal power dissipation in
either regulator.
Figure 5 shows the current limiting circuitry used in the posi-
tive regulator; the negative regulator current limiter is identi-
cal. The internal current limiter is comprised of Q8 and R5;
the external current limiter is comprised of Q11 and an ex-
ternal resistor RCL' Both operate in a similar manner. As the

TUHI7390-3

FIGURE 3. Simplified Positive Regulator
to any change in output voltage is applied to the other input.
This error signal is amplified by the differential amplifier,
Q19 and Q20, and by the triple Darlington Q21, Q22, Q23 to
produce a current change through R13 and R17 which
brings the output voltage back to its original value. Loop
gain is high, typically 88 dB at low output currents, so a
30 pF compensating capacitor is used to guarantee stability.
Since -VOUT is the output of a high gain feedback amplifi-
er, high supply rejection is ensured.
Figure 3 shows the basic positive regUlator.This is actually
an inverting operational amplifier. The negative regulated
voltage (-VOUT) is applied to the current summing input
through R14 while the output (+Vour) is fed-back via R9.
Then +VOUT is simply - (R9/R14) (-Vour). Any change



FIGURE 4. Start-uP. Biasing and Thermal Shutdown Circuitry

output current through 05 increases, the voltage drop switched away from the output devices 04 and 05. This
across resistor R5 eventually turns ON 08 and shunts all externally set current limit is particularly valuable when used
base drive away from the output devices. 04 and 05. The with an external current boosting pass transistor where the
maximum load current available with this circuit is approxi- current limit could be set to protect that transistor from ex-
mately 250 mA at Tj = 25°C (see Figure !l). cessive power dissipation.
The external current limiting circuit works in a similar man- The constant voltage reference circuit is shown in Figure 6.
neroHere the output current is sensed across the external Zener diode Z1 has a positive temperature coefficient of
resistor RCL.When the voltage drop across RCLis sufficient known value. VBEof 018 (negative temperature coefficient)
to turn ON transistor 011, the output drive current is is multiplied by the ratio of R18 and R19 and added to the

+v,. positive TC of Z1 to produce a near zero TC voltage refer-
ence. Current source 12is used only during start-up.

EXTERNAL PASS
TRANSISTOR FOR
BOOSTEO OPERATION

TLJHI7390-5
FIGURE S. Positive RegUlator Current Umltlng Circuitry

TlIHI7390-6
FIGURE 6. Voltage Reference Circuitry



Figure 7 shows the complete schematic of the LM125,
LM126 family of dual regulators. Diodes 012 and 017 pro-
tect the output transistors, plus any external pass devices
used, from breakdown in the event the positive and nega-
tive regulated outputs become shorted. Transistors Q6 and
07 offer full differential voltage gain with the convenience of
single ended output. Transistors 013 and 033 insure that
operation with ± 30V input is possible. 024 and 026 in the
negative regUlator amplifier provide single ended output
from a differential input with no loss in gain.

APPLICATIONS
The basic dual regulator is shown connected in Figure 8.
The only connections required other than plus and minus
inputs, outputs, and ground are to complete the output cur-
rent paths from + RCL to +VOUT and from - RCL to - VIN·
These may be a direct shorts if the intemal preset current
limit is desired, or resistors may be used to set the maximum
current at some level less than the internal current limit The
internal 300n resistors from pins 3 to 1 and pins 8 to 6
should be shorted as shown when no external pass transis-
tors are used. To improve line ripple rejection and transient
response, filter capacitors may be added to the inputs, out·

• w••
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UI
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AB
300

1
+Ae<.
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15k

10
GNO

A13 AI.
15k 1511

A17
15k
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Note: Pin numbers for metal can package only.

FIGURE 8. Basic Dual Regulator
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the basic regulator circuit of Figure 8.

HIGH CURRENT REGULATOR

For applications requiring more supply current than can be
delivered by the basic regulator, an external NPN pass tran-
sistor may be added to each regulator. This will increase the
maximum output current by a factor of the external transis-
tor beta. The circuit for current boosted operation is shown
in Figure 10.

In the boosted mode, current limiting is often a necessary
requirement to insure that the external pass device is not
overheated or destroyed. Experience shows this to be the
usual cause of Ie regulator failure. If the regulator output is
grounded the pass device may fail and short, destroying the
regulator. To limit the maximum output current, a series re-
sistor (RCL in Figure 10) is used to sense load current. The
reglJlator will current limit when the voltage drop across RCL

I I I
I I I

T". +25°C
-1' I
I I I

TJ -'125°C TJ - -55°C

I I II"-
TJ' "50°C

II~
I I I I
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+11cL

+SENSE

10 GND

REF ":"

1 -VOUT

-BOOST

-AcL

-VIN

+
10~F

~ TANTALUM

1.F
TANTALUM ~

FIGURE 10. Boosted HIgh Current Regulator



equals the current limit sense voltage found in Figure 11. The 2N3055 pass device is low in cost and maintains a
Figure 12 shows the external current limiting characteristics reasonably high beta at collector currents up to several
unboosted and Figure 13 shows the external current limiting amps. The devices 2N3055 may be of either planar or alloy
characteristics in the boosted mode. junction construction. The planar devices, have a high fT

To ensure circuit stability at high currents in this configura- providing more stable operation due to low phase shift. The

tion, it may be necessary to bypass each input with low alloy devices, with fT typically less than 1.0 MHz, may re-

inductance, tantalum capacitors to prevent forming reso- quire additional compensation to guarantee stability. The

nant circuits with long input leads. A C ;;, 1 /LF is recom- simplest of compensation for the slower devices is to use

mended. The same problem can also occur at the regulator output filter capacitor values greater than 50 /LF (tantalum).
output where a C ;;, 10 /LF tantalum will ensure stability and An alternative is to use an RC filter to create a leading
increase ripple rejection. phase response to cancel some of the phase lag of the

~ 0.900
devices. The stability problem with slower pass transistors.

I••••.. if it occurs at all, is usually seen only on the negative regula-...
tor. This is because the positive regulator output stage is a~ 0.800 ," •....~OSITIVEREGULATOR.. ••..... conventional Darlington while the negative output stage... SENSEVOLTAGLf--~ 0.100 .....•

" contains three devices in a modified triple Darlington con-... ••....
nection giving slightly more internal phase shift. Additional; 0.600...

"-
.....•.• compensation may be added to the negative regulator by

"'!: 0.500
~

connecting a small capacitor in the 100 pF range from the
:Ii •.••... negative boost terminal to the internal reference. Since the:l
•• 0.400 .....•.• positive regulator uses the negative regulator output for az... reference, this also offers some additonal indirect compen-lli 0.300 NjGAI'VE REGULATO~/,:::I SENSEVOLTAGE r"

sation to the positive regUlator.
u 0.200

7 AMP REGULATOR-50 -25 0 25 50 15 100 125 150 115

JUNCTIONTEMPERATUREI' C)
In Figure 14 the single external pass transistor has been

TL/H/7390-12
replaced by a conventional Darlington using a 2N3715 and

FIGURE 11. Current Limit Sense Voltage for a 0.1%
Change In Regulated Output Voltage
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FIGURE 12. External Current Limiting Characterlstlcs-Unboosted
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FIGURE 13. External Current Limiting Characteristics-Boosted
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a 2N3772. With this configuration the output current can
reach values to 10A with very good stability. The external
Darlington stage increases the minimum input-output volt-
age differential to 4.5V. When current limit protection resis-
tor is used, as in Figure 14, the maximum output current is
limited by power dissipation of the 2N3772 (150W at 25'C).
During normal operation this is (VIN -VOUT) lOUT(W), but it
increases to VIN IsC (W) under short circuit conditions. The
short circuit output current is then:

PMAX(TC = 25'C)
lsc =

VIN

= 150W = 7.5A max.
20V (min)

IL could be increased to 10A or more only if lsc < IL. A
foldback current limit circuit will accomplish this. The typical
load regulation is 40 mV from no load to a full load. (Tj =

25'C, pulsed load with 20 ms toN and 250 ms toFF).

FOLDBACK CURRENT LIMITING
In many regulator applications, the normal operation power
dissipation in the pass device can easily be multiplied by a
factor of ten or more when the output is shorted. This may
destroy the pass device, and possibly the regulator, unless
the heat sink is oversized to handle this fault condition. A
foldback current limiting circuit reduces short circuit output
current to a fraction of the full load output current thus

avoiding the need for larger heat sink. Figure 15 shows a
foldback current limiting circuit on both positive and nega-
tive regulators.
The foldback current limiting, a fraction of the output voltage
must be used to oppose the voltage across the current limit
sense resistor. Current limiting does not occur until the volt-
age across the sense resistor is higher than this opposing
voltage by the amount shown in Figure 11.When the output
is grounded, the opposing voltage is no longer present so
current limiting occurs at a lower level. This is accomplished
in Figure 15 by using a programmable current source to give
a constant voltage drop across R5 for the negative regula-
tor, and by a simple resistor divider for the positive regula-
tor. The reason for the difference between the two is that
the negative regulator current limiting circuit is located be-
tween the output pass transistor and the unregulated input
while the positive regulator current limiter is between the
output pass transistor and the regulated output.
The operation of the positive foldback circuit is similar to
that described in NSC application note AN-23. A voltage
divider R1 and R2 from VE to ground creates a fixed voltage
drop across R1 opposite in polarity to the drop across
RCL+ . When the load current increases to the point where
the drop across RCL+ is equal to the drop across R1 plus
the current limit sense voltage given in Figure 11, the posi-
tive regulator will begin to current limit. As the positive out-
put begins to drop, the voltage across R1 will also decrease
so that it now requires less load current to produce the cur-
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rent limit sense voltage. With the regulator output fully short-
ed to ground (+ VOUT = 0) the current limit will be set by
the value of + RCl alone.

If IFB,;; 5
Isc

then the following equations can be used for calculating the
positive regulator foldback current limiting resistors.

R + - VSENSE
Cl -~

where VSENSE is from Figure 11.

At the maximum load current foldback point:

VRCl + = IFB RCl +

VRl = VRCl + - VSENSE

VRI = IFB RCl + - VSENSE

R2 = +VOUT + VSENSE
II

The only point of caution is to ensure that the total current
(11) through R2 is much greater than t~,e current contribution
from the internal 3000. resistor. This can be checked by:

IFB RCl + < < I (7)
~I

Note: The current from the internal 3000. resistor is V3_11
3000., but V3_1 = VBE +VRCl -VSENSE+ assuming VBE
::::: VSENSE+ at the foldback point. V3-1 ::::: VRCl + = IFB
RCl+'
Design example: 2 amp regulator LM125 positive foldback
current limiting (see Figure 15).

Given:

IFOlDBACK = 2.0A

ISHORT-CIRCUIT = 500 mA
VSENSE (See Figure 11)

+VIN = 25V

+VOUT = 15V

{3PASS DEVICE = 70
8JA = 150·C/W

TA = 50·C

With a beta of 70 in the pass device and a maximum output
current of 2.0A the regulator must deliver:

2A 2A
-=-=29mA{3 70

The LM 125 power dissipation will be calculated ignoring any
negative output current for this example.

PlMI25 = (VIN - VOUT) lOUT
= (25 - 15) 29 mA

= 290mW

TRISE @ 8JA = 150·C/W = 150·C x 0.29 = 44·C

TJ = TA + TRISE = 50·C + 44·C = 94·C



RCl + = VSENSE = 520 mV "" 1n
Isc 500 mA

From equation (2)

VRCl + = IFB RCl + = (2A)(1 n) = 2V

From equation (3)

VR1 = VRCl + - VSENSE
VR1 = 2V - 520 mV = 1.480V

A value for 11can now be found from equation (7)

IFB RCl + = 2A x 1n = 6.6 mA
300 300n

So setl1 = 10 x 6.6 mA = 66 mA

From equations (5) and (6)

VR1 1.480V
R1 =-=--""22n

11 66mA

R2 = +VOUT + VSENSE = 15 + 0.520 ~ 240n
11 66mA

The fold back limiting characteristics are shown in Figure 16
for the values calculated above at various operating temper-
atures.
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FIGURE 16. Positive Regulator Foldback
Current Limiting Characteristics

The negative regulator foldback current limiting works es-
sentially the same way as the positive side. 01 forces a
constant current, 12,determined by -VOUT and R3, through
02. Transistors 02 and 03 are matched so a current identi-
cal to 13will flow through 03. With the output short-circuited
(-VOUT = 0), 01 will be OFF, setting 12 = O. The load
current will be limited when V 1 increases sufficiently due to
load current to make V2 higher than - VIN by the current
limit sense voltage.

The short circuit current is:

I ~ VSENSE
SC - RCl-

12 = - _. R3 (9)

At the point of maximum load current, IFB, where the regula-
tor should start folding back:

V1 = -VIN + IFB RCl- (10)

V2 = -VIN + VSENSE (11)
The current through 02 (and 03) will have increased from 12
by the amount of 14due to the voltage V1 increasing above
its no-load quiescent value. Since the voltage across 02 is
simply the diode drop of a base-emitter junction:

[V1 - (-VIN)] - VBE
14 = R4

SUbstituting in equation (10) gives:

I - IFB RCl - - VBE
4 - R4

IFB RCl - - VBE
300n

The current through 02 is now

13 = 12 + 14 (13)

and the current through 03 is:

13 = 15 + 16 - 17 (14)

The drop across R5 is found from:

V1 - V2 = (-VIN + IFB RCl-) - [VSENSE + (-VIN));
simplifying,

V1 - V2 = IFB RCl - - VSENSE (15)

Since VSENSE is the base to emitter voltage drop of the
internal limiter transistor, the VSENSE in equation (15) very
nearly equals the VBE in equation (12). Therefore the drop
across R5 approximately equals the drop across R4. The
current through R5, 15,can now be determined as:

I - IFB RCl - - VSENSE
5 - R5

Summing the currents through 03 is now possible assuming
the base-emitter drop of the 2N3055 pass device can be
given by VBE "" VSENSE:

V3 - V2
16=~ (17)

where V3 = V1 + VBE "" V1 + VSENSE

I _ V1 + VSENSE - V2
6 - 300

Substituting in equation (15)

I = IFB RCl-
6 300

V2 - (-VIN) VSENSE
17= R6 =Rs-



Equating equation (13) with equation (14) and inserting re-
sistor values shown in Figure 15,

12 + 14 = 15+ 16 - 17

I + IFB RCL - - VSENSE
2 300

I + IFB RCL - _ VSENSE
S 300 300

Canceling, we find:

12 = Is (20)

This is the key to the negative foldback circuit. Current
source 01 forces current 12to flow through resistor R5. The
voltage drop across R5 opposes the normal current limit
sense voltage so that the regulator will not current limit until
the drop across RCL - due to load current, equals the con-
trolled drop across R5 plus VSENSE (given in Figure 11).
This can be written as:

IFB = VSENSE + 12R5
RCL-

IFB = VSENSE + 200 12
RCL-

A design example is now offered:

Given:

IFOLDBACK = 2.5A

ISHORT-CIRCUIT = 750 mA
VSENSE (See Figure 11)

-VIN = 25V

-VOUT = -15V

{3PASS DEVICE = 90
8JA = 150°C/W

TA = 25°C

The same calculations are used here to figure VSENSE as
with the positive regulator foldback example maximum regu-
lator output current is calculated from:

2.5A
lOUT = 90 = 28 mA

PLM12S = (VIN - Vol lOUT
= 10V x 28mA

= 280mW

T RISE = 1500C/W x 0.28W = 42"C

TJ = TA + TRISE = 25°C + 42"C = 67"C
From Figure 11:

From equation (8):

R - _ 500mV _
CL - 750 mA - 0.680

From equation (21):

I - IFB RCL - - VSENSE _
2 - 2000 - 6.0mA

From equation (9):

R3 = VOUT - VBEQl
12

R3 ""~=2.4k
6.0mA
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FIGURE 17. Negative Regulator Foldback
Current Limiting Characteristics

Figure 16 and 17 show the measured foldback characteris-
tics for the values derived in the design examples. The val-
ue of R5 is set low so that the magnitude of Is for foldback is
greater than 14 through 16.This reduces the foldback point
sensitivity to the TC of the internal 3000 resistor and any
mismatch in the TC of 02, 03 or the pass device.

R6 can be computed from equation (18):

R6 = VSENSE- = VSENSE-
17 Is + 16 - 13

combining (13) and (20).

R6 = VSENSC
16-14

VSENSE-

(
1 1) VBE (22)

IFB RCL - 300 - R4 + R4
Setting VBE "" VSENSE and R4 = 300 to match the internal
3000 (22) becomes:

R6 = R4

. 14 2
Also setting - = - - R5 = 200

Is 3

A 10 AMP REGULATOR

Figure 18 illustrates the complete schematic of a lOA regu-
lator with foldback current limiting. The design approach is
similar to that of the 2A regulator. However, in this design,
the current contribution from the internal 3000 resistor is
greater due to the 2 VBE drop across the Darlington pair.
Expression (7) becomes:

IFB RCL + + VBE < < I .
300 1, (23)

and, for the negative regulator, expression (22) becomes:
V -

R6 = SENSE (24)

IFB RCL - [_1__ .2-] + VBE [_1_ + .2-]
300 R4 300 R4
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FIGURE 18. 10A Regulator with Foldback Current Umltlng

The disagreement between the theoretical and experimen-
tal values for the negative regulator is not alarming. In fact
RCL was based on equation (8), which is correct if for zero
VOUT, Is is zero as well. This implies:

VSENSE (at SC) = VSEQ4 : VSEQS (at SC)

which is a first order approximation.

Figure 19 illustrates the power dissipation in the external
power transistor for both sides. Maximum power dissipation
occurs between full load and short circuit so the heat sink
for the 2N3772 must be designed accordingly, remembering
that the 2N3772 must be derated according to O.86W/'C
above 2S'C. This corresponds to a thermal resistance junc-
tion to case of 1.17'C/W.
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FIGURE 19. Power Dissipation In the
External Pass Transistor (05, 07)



IFB = lOA

ISC = 2.5A

VIN = 22V

VOUT = 15V
fl = fll fl2 = 15 X 50 = 750 min

TA = 25"C

Theoretical Value

1125 = 13 mA

PLM12S = 150 mW

RCL + = 0.26n

Rl = 21n

R2 = 130n

VSENSE+ = 650 mV

Experimental Results

IFB = 9.8A

Isc = 2.9A

RCL + = 0.26n

R 1: adjusted to 20n

R2: adjusted to 120n

IFB = lOA

Isc = 2.5A

VIN = 22V

VOUT = 15V

fl = 800

TA = 25"

~=~
15 3

RCL - = 0.22n

R4 = 300n

R5 = 200n

R6 = 150n

R3 = 1.6kn

VSENSE- = 550 mV

Experimental Results

IFB = lOA

Isc = 2.9A

RCL: adjusted to 0.3n

R6: adjusted to 130n

R3: adjusted 900n

POSITIVE CURRENT DEPENDENT SIMULTANEOUS
CURRENT LIMITING
The LM125, LM126 uses the negative output as a reference
for the positive regulator. As a consequence, whenever the
negative output current limits, the positive output follows
tracks to within 200-800 mV of ground. If, however, the
positive regulator should current limit the negative output
will remain in full regulation. This imbalance in output volt-
ages could be a problem in some supply applications.

As a solution to this problem, a simultaneous limiting
scheme, dependent on the positive regulator output current,
is presented in Figure 20. The output current causes an I-R
drop across Rl which brings transistor 01 into conduction.
As the positive load current increases 11 increases until the
voltage drop across R2 equals the negative current limit
sense voltage. The negative regulator will then current limit,
and positive side will closely follow the negative output
down to a level of 700-800 mY. For VOUT+ to drop the
final 700-800 mV with small output current change. RCL +
should be adjusted so that the positive current limit is slight-
ly larger than the simultaneous limiting. Figure 21 illustrates
the simultaneous current limiting of both sides.

The following design equations may be used:

Rl ICL+ = R311 + VBEQl

I - VSENSE-
1-~

Combining (25) and (26),

R3
R2 VSENSE- + VBEQl

ICL+ . ----R-l----

VSENSE+RCL + ~~~ (28)
1.11CL +

The negative current limit (independent of ICL+) can be set
at any desired level.

I - - VSENSE- + VOIOOE (29)
CL - RCL-

Transistor 02 turns off the negative pass transistor during
simultaneous current limiting.
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used. The simplest is to insert a relay, a saturated bipolar
device, or some other type switch in series with either the
regulator inputs or outputs. The switch must be able to open
and close under maximum load current which. may be sev-
eral amps.
As an alternate solution, the internal reference voltage of
the regulator may be shorted to ground. This will force the
positive and negative outputs to approximately +700 mV
and +300 mV respectively. Both outputs are fully active so
the full output current can still be supplied into a low imped-
ance load. If this is unacceptable, another solution must be
found.
The circuit in Figure 22 provides complete electronic shut-
down of both regulators. The shutdown control signal is TIL
compatible but by adjusting R8 and R9 the regulator may be
shutdown at any desired level above 2 VSE. calculated as
follows:

0.5 1.0 1.5 2.0 2.5

POSITIVE OUTPUT CURRENT (AMPS)

TL/H/7390-24
FIGURE 21. Positive Current Dependent

Simultaneous Shutdown

ELECTRONIC SHUTDOWN
In some regulated supply applications it is desirable to shut-
down the regulated outputs (±Vo = 0) without having to
shutdown the unregulated inputs (which may be powering
additional equipment). Various shutdown methods may be

[
R8 R9]

VT '" R3 {j 04 + R3 VSE+ 2 VSE (30)

Positive and negative shutdown operations are similar.
When a shutdown signal VT is applied, 04 draws current
through R3 and 02 establishing a voltage VR which starts
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FIGURE 22. Electronic Shutdown for the Boosted Regulator



the current sources 01 and 02. Assuming that 01 and 02
are matched, and making R1 = R2 = R3, the currents 11,
12, 13 are equal and both sides of the regulator shutdown
simultaneously.

The current 13 creates a drop across R5, which equals or
exceeds the limit sense voltage of the positive regulator,
causing it to shutdown. Since 13 has no path to ground ex-
cept through the load, a fixed load is provided by 05, which
is turned on by the variable current source 04, C1 also dis-
charges through 05 and current limiting resistor R6. Resis-
tor R4 prevents 03 turn on during shutdown, which could
otherwise occur due to the drop across R5 plus the internal
300n resistor. Diode D3 prevents 13 from being shunted
through RCL.

C2 discharges through the load. 07 shares the total supply
voltage with 02, thus limiting power dissipation of 02. An-
other power dissipation problem may occur when the design
is done for VT = 2.0V for example, and VT is increased
above the preset threshold value. 11 is increased and 04
has to dissipate (VIN - 3 VSE - VT) 11rN). The simplest
solution is to increase RS. If this is insufficient, a set of di-
odes may be added between nodes A and B to clamp, 11 to
a reasonable value. This is illustrated in Figure 23:

VR9 VT - VSE - [VT - 2 VSEl VSE
11 = R9 "" R9 = R9

FIGURE 23
So 11 is made independent of VT and by setting a minimum
value of 10 mA (R9 = 70n). The regulator will shutdown at
any desired level above 3 VSE, without overheating transis-

tor 04. Also using Figure 23 the diode D1 in Figure 22 may
be omitted. The shutdown characteristics of Figure 22 are
shown in Figure 24.

~ Tj = +12S'C
~5 10

:;;

2.0 3.0

VT (V)

The normal current limiting current is set by equation (31)

I
VSENSE + VDIODE

CL = ------ (31)
RCL

The same approach is used with the unboosted regulator
shown in Figure 25. In this case the voltage sense resistor is
the internal 300n one. Since output capacitors are no long-
er required 03 is just used as a current sink and its emitter
load has been removed.

POWER DISSIPATION
The power dissipation of the LM125 is:

Pd = (VIN+ - VOUT+) IOUT+ + (VIN-

- VOUT-) IOUT- + VIN+ Is+ + VIN- Is-

where Is is the standby current.

Ex: ± 1A regulator using 2N3055 pass transistors. Assum-
ing a {3 = 100, and ±25V supply,

Pd = 400mW.

The temperature rise for the TO-5 package will be:

T RISE = 0.4 x 150'C/W = 60'C

Therefore the maximum ambient temperature is TAMAX =

TjMAX - T RISE = 90'C. If the device is to operate at TA
above 90'C then the TO-5 package must have a heat sink.
T RISE in this case will be:

TRISE = Pd (IIJ-C + lIe-s + lis-A>·
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~

Application Note 87
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INTRODUCTION
Several integrated circuit voltage comparators exist which timum device lor the intended usage. Optimized parameters
were designed with high speed and complementary TTL include speed, input accuracy and impedance, supply volt-
outputs as the main objectives. The more common applica- age range, fanout, and reliability. The LM160/LM2601
tions for these devices are high speed analog to digital (A to LM360 are replacement devices for the ",A760, while the
D) converters, tape and disk-file read channels, fast zero- LM161/LM261/LM361 replace the SE/NE529. Tables I and
crossing detectors, and high speed differential line receiv- II compare the critical parameters of the National commer-
ers. This note compares the National Semiconductor devic- cial range devices to their respective counterparts.
es to similar devices from other manufacturers. SPEED
The product philosophy at National was to create pin-for-pin Throughout the universe the sUbject of speed must be ap-replacement circuits that could be considered as second-
sources to the other comparators, while simultaneously proached with caution; the same holds true here. Speed

containing the improvements necessary to make a more op- (propagation delay time) is a function of the measurement

TABLEI.LM360/",A760CComparlsonO·C:5:TA:5: +70·C,V+ = +5.0V,V- = -5.0V

Parameter LM360 ",A760C Units

Input Offset Voltage 5.0 6.0 mVmax

Input Offset Current 3.0 7.5 ",Amax

Input Bias Current 20 60 ",Amax

Input Capacitance 4.0 B.O pF typ

Input Impedance 17 5.0 kO typ @ 1 MHz 25·C

Differential Voltage Range ±5.0 ±5.0 Vtyp

Common Mode Voltage Range ±4.0 ±4.0 Vtyp

Gain 3.0 3.0 V/mV typ 25·

Fanout 4.0 2.0 74 Series TTL Loads

Propagation Delays:

(1) 30 mVp-p 10 MHz Sinewave in 25 30 ns max25·

(2) 2.0 Vp-p 10 MHz Sinewave in 20 25 ns max 25·

(3) 100 mV Step + 5.0 mV Overdrive 14 22 ns typ 25·

TABLE II. LM2611NE529 Comparison O·C:5:TA:5: +70·C. V+ = + 10V.V- = -10V. Vcc = +5.0V

Parameter LM261 NE529 Units

Input Offset Voltage 3.0 10 mVmax

Input Offset Current 3.0 15 ",Amax

Input Bias Current 20 50 ",Amax

Input Impedance 17 5.0 kO typ @ 1 MHz 25·C

Differential Voltage Range ±5.0 ±5.0 Vtyp

Common Mode Voltage Range ±6.0 ±6.0 Vtyp

Gain 3.0 4.0 V/mVtyp 25·

Fanout 4.0 6.0 74 Series TTL Loads

Propagation Delay - 50 mV Overdrive 20 22 ns max25·



technique. The earlier "standard" of using a 100 mV input
step with 5.0 mV overdrive has given way to seemingly end-
less variations. To be meaningful, speed comparisons must
be made with identical conditions. It is for this reason that
the speed conditions specified for the National parts are the
same as those of the parts replaced.
Probably the most impressive speed characteristic of the six
National parts is the fact that propagation delay is essential-
ly independent of input overdrive (Figure 1); a highly desir-

TA & 25·C
vcc & +5V
lOAO & 2.0 kn
TO vcc + 15 pF TOTAL

1.0 3.0 10 30 100 300 1000

OIFFERENTIAl INPUT OVERDRIVE (mV)
TL/H/7407-1

FIGURE 1. Delay vs Overdrive
able characteristic in A to 0 applications. Their delay typical-
ly varies only 3 ns for overdrive variations of 5.0 mV to 500
mV, whereas the other parts have a corresponding delay
variation of two to one. As can be seen in Tables I and II,
the National parts have an improved maximum delay speci-
fication. Further, the 20 ns maximum delay is meaningful
since it is specified with a representative load: a 2.0 kfi
resistor to +5.0V and 15 pF total load capacitance. Figure
2 shows typical delay variation with temperature.
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FIGURE 2. Delay vs Temperature

INPUT PARAMETERS
The A to 0, level detector, and line receiver applications of
these devices require good input accuracy and impedance.
In all these cases the differential input voltage is relatively

large, resulting in a complete switch of input bias current as
the input signal traverses the reference voltage level. This
effect can give rise to reduced gain and threshold inaccura-
cy, dependent on input source impedances and comparator
input bias cUrr!lnts. Tables I and II show that the National
parts have a substantially lower maximum bias current to
ease this problem. This was done without resorting to Dar-
lington input stages whose price is higher offset voltages
and longer delay times. The lower bias currents also raise
input resistance in the threshold region. Lower input capaci-
tance and higher input resistance result in higher input im-
pedance at high frequencies.
Even with low source impedances, input accuracy is still
dependent on offset voltage. Since none of the devices un-
der discussion has internal offset null capability, ultimate ac-
curacy was improved by designing and specifying lower
maximum offset voltage. Refer to Figure 3 for typical offset
voltage drift with temperature.
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TL/H/7407-3

FIGURE 3. Offset Temperature Coefficient

OTHER PERFORMANCE AREAS
In the case of the LM160/LM260/LM360, fanout was dou-
bled over the previous device. For the LM161/LM2611
LM361, operating supply voltage range was extended to

7.0

~ 3.0...
'"z
: -1.0...coco
: -5.0
••I8 -9.0

7.0 9.0 11 13

v+ OR y- (±V)

TL/H/7407-4

FIGURE 4. LM161 Common Mode Range
± 15V op amp supplies which are often readily available
where such a comparator is used. Figure 4 reveals the com-
mon mode range of the latter device.



The performance improvements previously mentioned were
a result of circuit design (Figures 5 and 6j and device proc-
essing. Schottky clamping, which can give rise to reliability
problems, was not used. Gold doping, which results in proc-
essing dependent speeds and low transistor beta, was not
used. Instead a non-gold-doped process with high break-
down voltage, high beta, and high fT (:::::1.5 GHz) was se-

lected which produced remarkably consistent performance
independent of normal process variation. The higher break-
down voltage allows the LM161/LM261/LM361 to operate
on ± 15V supplies and results in lower transistor capaci-
tance; higher beta provides lower input bias currents; and
higher fT helps reduce propagation time.



NON-
INVERTING
OUTPUT 1

APPLICATIONS
Typical applications have been mentioned previously. The
lM160 and lM161 may be combined as in Figure 7to cre-
ate a fast, accurate peak detector for use in tape and disk-
file read channels. A 3-bit A to D converter with 21 ns typical
conversion time is shown in Figure 8. Although primarily in-

tended for interfacing to TTl logic, direct connection may
be made to Eel logic from the lM161 by the technique
shown in Figure 9. When used this way the common mode
range is shifted from that of the TTl configuration. Finally
level detectors or line receivers may be implemented with
hysteresis in the transfer characteristic as seen in Figure 10.
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~
~ CMOS Linear Applications

PNP and NPN bipolar transistors have been used for many
years in "complementary" type of amplifier circuits. Now,
with the arrival of CMOS technology, complementary
P-channeI/N-channel MOS transistors are available in
monolithic form. The MM74C04 incorporates a P-channel
MOS transistor and an N-channel MOS transistor connect-
ed in complementary fashion to function as an inverter.
Due to the symmetry of the P- and N-channel transistors,
negative feedback around the complementary pair will
cause the pair to self bias itself to approximately 112 of the
supply voltage. Figure 1shows an idealized voltage transfer
characteristic curve of the CMOS inverter connected with
negative feedback. Under these conditions the inverter is
biased for operation about the midpoint in the linear seg-
ment on the steep transition of the voltage transfer charac-
teristics as shown in Figure 1.
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TL/F /6020-1

FIGURE 1. Idealized Voltage Transfer
Characteristics of an MM74C04 Inverter

Under AC Conditions, a positive going input will cause the
output to swing negative and a negative going input will
have an inverse effect. Figure 2 shows 116 of a MM74C04
inverter package connected as an AC amplifier.
The power supply current is constant during dynamic opera-
tion since the inverter is biased for Class A operation. When
the input signal swings near the supply, the output signal will
become distorted because the P-N channel devices are
driven into the non-linear regions of their transfer character-

National Semiconductor
Application Note 88

TL/F/6020-2

FIGURE 2. A 74CMOS Inverter Biased for
Linear Mode Operation

istics. If the input signal approaches the supply voltages, the
P- or N-channel transistors become saturated and supply
current is reduced to essentially zero and the device be-
haves like the classical digital inverter.
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FIGURE 3. Voltage Transfer Characteristics for an
Inverter Connected as a Linear Amplifier

Figure 3 shows typical voltage characteristics of each in-
verter at several values of the Vcc. The shape of these
transfer curves are relatively constant with temperature.
Temperature affects for the self-biased inverter with supply
voltage is shown in Figure 4. When the amplifier is operating
at 3 volts, the supply current changes drastically as a func-
tion of supply voltage because the MOS transistors are op-
erating in the proximity of their gate-source threshold volt-
ages.
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FIGURE 4. Normalized Amplifier Supply Current
Versus Ambient Temperature Characteristics

Figure 5 shows typical curves of voltage gain as a function
of operating frequency for various supply voltages.
Output voltages can swing within millivolts of the supplies
with either a single or a dual supply.
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FIGURE 5. Typical Voltage Gain Versus Frequency
Characteristics for Amplifier Shown In Figure 2

APPLICATIONS

Cascading Amplifiers for Higher Gain
By cascading the basic amplifier block shown in Figure 2 a
high gain amplifier can be achieved. The gain will be multi-
plied by the number of stages used. If more than one invert-
er is used inside the feedback loop (as in Figure 6) a higher
open loop gain is achieved which results in more accurate
closed loop gains.

FIGURE 6. Three CMOS Inverters
Used as an X10 AC Amplifier

Post Amplifier for Op Amps
A standard operational amplifier used with a CMOS inverter
for a Post Amplifier has several advantages. The operation-
al amplifier essentially sees no load condition since the in-
put impedance to the inverter is very high. Secondly, the
CMOS inverters will swing to within millivolts of either sup-
ply. This gives the designer the advantage of operating the
operational amplifier under no load conditions yet having
the full supply swing capability on the output. Shown in Fig-
ure 7 is the LM4250 micropower Op Amp used with a 74C04
inverter for increased output capability while maintaining the
low power advantage of both devices.

Po - SOO nW
FIGURE 7. MM74C04 Inverter Used as a Post

Amplifier for a Battery Operated Op Amp
The MM74C04 can also be used with single supply amplifier
such as the LM324. With the circuit shown in Figure 8, the
open loop gain is approximately 160 dB. The LM324 has 4
amplifiers in a package and the MM74C04 has 6 amplifiers
per package.

TL/F/6020-8

FIGURE 8. Single Supply Amplifier Using a CMOS
Cascade Post Amplifier with the LM324

CMOS inverters can be paralleled for increased power to
drive higher current loads. Loads of 5.0 mA per inverter can
be expected under AC conditions.
Other 74C devices can be used to provide greater comple-
mentary current outputs. The MM74COONAND Gate will
provide approximately 10 mA from the Vcc supply while the
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FIGURE 9. MM74COOand MM74C02 Used as a Post
Amplifier to Provide Increased Current Drive

Other Applications
Shown in Figure 10 is a variety of applications utilizing
CMOS devices. Shown is a linear phase shift oscillator and
an integrator which use the CMOS devices in the linear
mode as well as a few circuit ideas for clocks and one
shots.

Conclusion
Careful study of CMOS characteristics show that CMOS de-
vices used in a system design can be used for linear build-
ing blocks as well as digital blocks.
Utilization of these new devices will decrease package
count and reduce supply requirements. The circuit designer
now can do both digital and linear designs with the same
type of device.
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FIGURE 10. Variety of Circuit Ideas
Using CMOS Devices
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INTRODUCTION
Timing functions, until recently, have been somewhat ne-
glected by integrated circuit manufacturers. The primary
reason was the extremely wide range of input and output
signals currently incorporated in discrete designs. In addi-
tion, power supply voltages varied over a ten to one range
and timing periods were as short as microseconds and as
long as hours.
The LM122 timer has been designed to operate over a very
wide range of input/output signal levels, supply voltages,
and timing periods. It will replace most discrete designs with
improved performance and reliability. This new timer over-
comes many of the problems incurred in discrete or early IC
designs.
First, it locks out trigger signals during the timing period to
guarantee a precise output regardless of trigger level-
while maintaining the ability to be retriggered almost imme-
diately following the end of the timing pulse. (Duty cycles up
to 99.9% can be achieved.) Secondly, the timing period is
free from jitter caused by supply fluctuations because the
timing components are driven from an internal regulated
source. Supply voltage for the timer can vary from 4.5V to
40V even during the timing period! An additional feature is
the ± 40V excursion allowed on the trigger input and the
40V/50 mA drive capability of the output transistor. These
two specifications allow the LM122 to interface directly to
present designs without level shift or power boosting prob-
lems. Finally, the LM122 will generate stable timing periods
from several microseconds to hours-a useful range of
eight decades. Worst case guarantees on comparator bias
current and threshold level allow the user to easily select
timing components for maximum accuracy.

CIRCUIT DESCRIPTION
The LM122 circuitry can be divided into five separate sec-
tions: output stage, bias network, voltage regulator, compar-
ator, and logic. These sections are grouped on the sche-
matic in Figure 1 to simplify understanding of the timer.
The floating transistor output stage of the LM122 consists of
032 through 036. 036 is the actual output transistor and is
driven by emitter follower, 033. 034 and 035 are antisatu-
ration clamps to reduce stored charge in 036 and to limit
current through 033. 032 acts as a current limiter with the
limit set at about 120 mA.
The regulator built into the LM122 is a VSE/AVSE· type with
a typical output voltage of 3.15V at up to 5.0 mA load cur-
rent. 018 and 019 generate a 100 /LA current through 019
which has a positive temperature coefficient of 0.33%rC.
This generates 1.2V and +4 mVrC TC across R21. When
added to the base emitter diode voltages of 020 and 021, a
2.4V, zero TC reference is established at the base of 021.
R18 and R19 form a divider to raise the regulated voltage to
3.15V. (This particular voltage was chosen because it can
be operated off a single 5.0V supply and because one RC
time constant is exactly 2.0V out of 3.15V.) 023 buffers 021
from supply fluctuations and sets up the currents for the
bias section of the timer. 020 is a single stage of voltage
OSee AN-42, "On Card RegUlator lor Logic Circu~s"

gain for the regulator. It is buffered by the series pass tran-
sistor, 024. 025, 026, R25, and R26 are included for start-
ing purposes and do not affect operation once current is
flowing in the regUlator section.
The function of the comparator is to cause an output
change of state when the timing capacitor has charged to
one RC time constant. 011 through 017 perform this func-
tion. 014, 015, 016, and 017 are a Darlington differential
stage driving an active load formed by 012 and 013. 011 is
a second stage operating as a common emitter amplifier
with R14 as its load resistor. For long timing intervals, the
Darlington is run with no bleed current from 030. Operating
current for 015 and 016 is about 5 /LA per side. The spe-
cially processed lateral PNP's have hFE'Sof about 200, so
operating current for 014 and 017 is typically 25 nA. At
these current levels, the substrate PNP's have hFE'Sof 80,
giving comparator input currents of 300 pAlOne side of the
comparator is tied to a divider (R16 and R17) which is set at
63.2% of the reference voltage - one RC time constant.
The other side is connected to the external timing resistor
and capacitor.
The logic section of the LM122 performs four functions:
first, it provides a latching action to make the circuitry im-
mune to retriggering during the timing interval; second, it
simulates the action of an exclusive OR gate to generate a
logic reverse function; additionally, it translates the low level
output from the comparator to the high level swing needed
to drive the floating transistor output; and finally, it drives the
discharge transistor to reset the timing capacitor. 02 and
03 makeup the TIL compatible trigger input to the logic
section. 03 is a lateral PNP with 60V reverse emitter-base
breakdown voltage, allowing negative inputs are high as
-40V without harm to the chip. R5 is an epitaxial resistor
which pinches off at 30V and has a breakdown of 80V. This
allows positive input voltages of up to 40V on the trigger
terminal even when operating the timer from a supply volt-
age of only 5.0V. Typical current drawn by the trigger termi-
nal is 40 /LA at 2.0V and 600 /LA at 40V. 04 and 06 form a
latch which self-limits at about 400 /LAand can be turned off
by 02. 05 and 07 interface the latch to the comparator so
that the comparator can fire the latch at the end of the
timing period. 08, 09, and 010 perform the level shifting
required to drive the output transistor and double as an ex-
clusive OR gate, with the emitters of 08 and 09 as one
input and the collectors of 05 and 011 as the second input.
Grounding the 08 and 09 emitters reverses the effect of a
signal appearing at the collector of 011.

Biasing for the various circuits in the timer is generated by a
string of PNP current sources consisting of 027 through
031. Current levels are established by the constant current
source, 023, driving diode connected 028. The current irom
023 is 400 /LA, setting the drop across the emitter resistor,
R28 plus R29, at 200 mY. 029 delivers 10 /LA to the com-
parator and 031 supplies a total of 100 /LA to the output
transistor and logic circuitry. Part of 029's collector is re-
turned to 027 to avoid having to use a large value resistor
for R30. 030 is completely off when using the timer for long
timing periods. Shorting the boost terminal of V+ adds
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about 5 p.A bleed current at the emitters of Q14 and 017.
This extra current is needed to slew the emitters of the com-
parator for timing periods less than 1 ms.

DESCRIPTION OF PIN FUNCTIONS
One of the main features of the LM 122 is its great versatility.
Since this device is unique, a description of the functions
and limitations of each pin is in order. This will make it much
easier to follow the discussion of the various applications
presented in this note.

V+ is the positive supply terminal of the LM122. When us-
ing a single supply, this terminal may be driven by any volt-
age between 4.5V and 40V. The effect of supply variations
on timing period is less than 0.005%/V, so supplies with
high ripple content may be used without causing pulse width
changes. Supply bypassing on V + is not generally needed
but may be necessary when driving highly reactive loads.
Quiescent current drawn from the V+ terminal is typically
2.5 mA, independent of the supply voltage. Of course, addi-
tional current will be drawn if the reference is externally
loaded.

The VREF pin is the output of a 3.15V series regulator refer-
enced to the ground pin. Up to 5.0 mA can be drawn from
this pin for driving external networks. In most applications
the timing resistor is tied to VREF, but it need not be in
situations where a more linear charging current is required.
The regulated voltage is very useful in applications where
the LM122 is not used as a timer; such as switching regula-
tors, variable reference comparators, and temperature con-
trollers. Typical temperature drift of the reference is less
than 0.01 %rc.
The trigger terminal is used to start timing. Threshold is typi-
cally 1.6V at + 25°C and has a temperature dependence of
- 5.0 mVrc. Current drawn from the trigger source is typi-
cally 20 p.A at threshold, rising to 600 p.A at 30V, then level-
ing off due to FET action of the series resistor, R5. For
negative input trigger voltages, the only current drawn is
leakage in the nA region.

If the trigger terminal is held high as the timing period ends,
the output pulse will appear normally, but the timing capaci-
tor will not be discharged. This is a necessary circuit action
to prevent repetitive cycles when the trigger is held high.
After the timing period, the capacitor is discharged when the
trigger decreases below the threshold, without affecting the
output.

The R/C pin is tied to the uncommitted side of the compara-
tor and to the collector of the capacitor discharge transistor.
TIming ends when the voltage on this pin reaches 2.0V
(1 RC time constant referenced to the 3.15V regulator). The
internal discharge transistor turns on only if the trigger volt-
age has dropped below threshold. In comparator or regula-
tor applications of the timer, the trigger is held permanently
high and the R/C pin acts just like the input to an ordinary
comparator. The maximum voltages which can be applied to
this pin are + 5.5V and - O.7V. Input current to the R/C pin
is typically 300 pA when the voltage is negative with respect
to the VADJ terminal. For higher voltages, the current drops
to leakage levels. In the boosted mode, input current is
30 nA. Gain of the comparator is very high, 200,000 or more
depending on the state of the logic reverse pin and the con-
nection of the output transistor.

The ground pin of the LM122 need not necessarily be tied
to system ground. It can be connected to any positive or
negative voltage as long as the supply is negative with re-
spect to the V + terminal. Level shifting may be necessary

for the input trigger if the trigger voltage is referred to sys-
tem ground. This can be done by capacitive coupling or by
actual resistive or active level shifting. One point must be
kept in mind; the emitter output must not be held above the
ground terminal with a low source impedance. This could
occur, for instance, if the emitter were grounded when the
ground pin of the LM122 was tied to a negative supply.

The terminal labeled VADJ is tied to one side of the compar-
ator and to a voltage divider between VREF and ground. The
divider voltage is set at 63.2% of VREF with respect to
ground-exactly one RC time constant. The impedance of
the divider is increased to about 30k with a series resistor to
present a minimum load on external signals tied to VADJ.
This resistor is a pinched type with a typical variation in
absolute value of ± 100% and a TC of 0.7%rC. For this
reason, external signals (typically a pot between VREF and
ground) connected to VADJ should have a source resistance
as low as possible. For small changes in VADJ, up to several
kO is all right, but for large variations 2500 or less should
be maintained. This can be accomplished with a 1.0k pot,
since the maximum impedance from the wiper is 2500. If a
voltage is forced on VADJ from a hard source, voltage
should be limited to -0.5, and +5.0V, or current limited to
± 1.0 mA. This includes capacitively coupled signals be-
cause even small values of capacitors contain enough ener-
gy to degrade the input stage if the capacitor is driven with a
large, fast slewing signal. The VADJ pin may be used to
abort the timing cycle. Grounding this pin during the timing
period causes the timer to react just as if the capacitor volt-
age had reached its normal RC trigger point; the capacitor
discharges and the output charges state. An exception to
this occurs if the trigger pin is held high when the VADJ pin is
grounded. In this case, the output changes state, but the
capacitor does not discharge. If the trigger drops with VADJ
is being held low, discharge will occur immediately and the
cycle will be over. If the trigger is still high when VADJ is
released, the output mayor may not change state, depend-
ing the voltage across the timing capacitor. For voltages
below 2.0V across the timing capacitor, the output will
change state immediately, then once more as the voltage
rises past 2.0V. For voltages above 2.0V, no change will
occur in the output.

In noisy environments or in comparator-type applications, a
bypass capacitor on the VADJ terminal may be needed to
eliminate spurious outputs because it is high impedance
point. The size of the cap will depend on the frequency and
energy content of the noise. A 0.1 p.F will generally suffice
for spike suppression, but several p.F may be used if the
timer is subjected to high level 60 Hz EMI.

The emitter and the collector outputs of the timer can be
treated just as if they were an ordinary transistor with 40V
minimum collector-emitter breakdown voltage. Normally, the
emitter is tied to the ground pin and the signal is taken from
the collector, or the collector is tied to V + and the signal is
taken from the emitter. Variations on these basic connec-
tions as possible. The collector can be tied to any positive
voltage up to 40V when the signal is taken from the emitter.
However, the emitter will not be pulled higher than the sup-
ply voltage on the V+ pin. Connecting the collector to a
voltage less than the V + voltage is allowed. The emitter
should not be connected to a hard source other than that to
which the ground pin is tied. The transistor has built-in cur-
rent limiting with a typical knee current of 120 mA. Tempo-
rary short circuits are allowed; even with collector-emitter
voltages up to 40V. The power time product, however, must



ture. When driving inductive loads, always use a clamp di-
ode to protect the transistor from inductive kick-back.
A boost pin is provided on the LM122 to increase the speed
of the internal comparator. The comparator is normally"op-
erated at low current levels for lowest possible input current.
For short time intervals where low input current is not need-
ed, comparator operating current can be increased several
orders of magnitude for fast operation. Shorting the boost
terminal to V+ increases the emitter current of the vertical
PNP drivers in the differential stage from 25 nA to 5.0 /LA.
With the timer in the unboosted state, timing periods are
accurate down to about 1 ms. In the boosted mode, loss of
accuracy due to comparator speed is only about 800 ns, so
timing periods of several microseconds can be used.
The "Logic" pin is used to reverse the signal appearing at
the output transistor. An open or "high" condition on the
logic pin programs the output transistor to be "off" during
the timing period and "on" all other times. Grounding the
logic pin reverses the sequence to make the transistor "on"
during the timing period. Threshold for the logic is typically
150 mV with 150 /LA flowing out of the terminal. If an active
drive to the logic pin is desired, a saturated transistor drive
is recommended. either with a discrete transistor or the
open collector output of integrated logic. A maximum VSAT
of 75 mV of 200 /LA is required. A typical example of active
drive to the logic pin is the pulse width discriminator shown
in Figure 16.

CALCULATING WORST CASE TIMING ERROR
Timing errors for the LM122 come from the following sourc-
es:
1. Timing ratio error
2. Capacitor saturation voltage
3. Internal switching delays
4. Comparator bias current
5. External resistor and capacitor tolerance
6. Capacitor and board leakage
In general, errors 1 and 5 are the most significant, so they
will be treated first.
For most applications, the major contribution to timing error
from the LM122 itself is variation in timing ratio, which is the
ratio of the comparator threshold voltage (typically 2.0V) to
the voltage at the VREFpin. A 1% error in this ratio results in
a 1.8% initial timing error. Timing ratio error comes from
variations in the internal divider ratio and from

± 3.6%. If the initial error is trimmed out externally however,
timing error drift due to timing ratio will generally be less
than ±0.5% over temperature.
Adding all the contributions to timing error from the LM122
itself will usually give a figure in the 2% to 3% range at
+ 25'C. External timing components (Rt and Ct) will nor-
mally contribute much more error than this unless selected
components are used. ± 5% tolerance on Rt and Ct will
increase the worst case error to 12% to 13%. By trimming
out initial component errors, an exact initial timing period
can be obtained, but temperature drift then becomes the
limiting factor. For most applications, the contributions to
timing period drift due to the LM122 itself will be in the
0.005%/'C to 0.02%/'C range.
If accurate timing over temperature is required, low drift
components must be used for Rt and Ct. Capacitors are
available with temperature coefficients of 100 to 200
ppm/'C. Resistors, at least in the lower ranges, are avail-
able with TC's much better than this. Above 1 Mfi, however,
care must be used in the selection of a low TC resistor.
Units are available up to 100 Mfi with less than 100 ppm/'C
drift.
Capacitor saturation voltage is the voltage still remaining on
the timing capacitor after it has been reset to as near
ground as the internal discharge transistor can drive it. For
timing resistors 1 Mfi or greater, this remaining voltage is
typically 2.5 mY. For smaller timing resistors, the capacitor
saturation voltage can be calculated by the following:
formula:

Vc ::::2.5 mV + (VREF)' (80fi)
Rt

'VREF ~ 3.15V

The effect of Vc on timing period is linear at 0.03%/mV.
Temperature dependence of Vc is typically +0.2%/'C for
Rt ,;; 300 kfi, rising to O.4%/'C for Rt = 10 kfi. This gives a
typical temperature coefficient of timing error due 10 Vc of
(0.002) (2.5 mY) (0.03%/mV) = 0.0015%/'C for Rt "
1 Mfi and (0.004) (24 mV) (0.03%/mV) :::: 0.003%/'C for
Rt = 10 kfi. Since most applications can use timing resis-
tors in the range of 100 kfi and up, error from capacitor
saturation voltage rarely exceeds 0.15% initially, with
±0.05% variation over the full temperature range.
Internal switching delays cause errors which tend to be a
fixed time rather than a percentage of the timing period. In
the boosted mode this delay is typically 800 ns, and with the
boost off; the delay is about 25 /Ls. These times can be



added directly to the calculated timing period for worst case
analysis. For timing periods longer than 2S ms, the 2S P.s
delay gives an error of 0.1 % or less. In the range of 1 or 2S
ms, error due to delays is 0.1 % or less for the boosted
mode, rising to a maximum of 4.0% in the unboosted mode.
At T = 10 P.s, delay is the major contribution to timing error
(z 8%).

Comparator bias current contributes a negligible timing error
for all but very long time timing periods. Error can be calcu-
lated with a simple formula:

Error (%) = - 50 x Rt X Ib (Note sign)

Ib = Comparator Bias Current

Rt = TIming Resistor

For Rt = 100 MO and Ib = 0.3 nA (typical) a 1.S% reduc-
tion in timing period is incurred. For worst case calculations
at + 2S'C, an Ib of 1 nA maximum is specified in the un-
boosted mode and 100 nA in the boosted mode. At temper-
atures below + 2S'C, these numbers still hold. At + 12S'C,
Ib increases due to leakage to a maximum of ± S nA un-
boosted. For worst case calculations below + 12S'C, the
leakage error (S nA) can be assumed to halve for each 10'C
drop below + 12S·C. At + 9S'C for instance, the leakage
component of Ib would be (S nAl8) z 0.6 nA for a totallb of
1.6 nA worst case. For the commercial LM322 and LM390S,
worst case Ib is 2 nA at + 7S'C, and for the LM290S Ib is
2 nA maximum at + 8S·C. For temperatures between
- 2S'C and + 8S'C, the TC of Ib is typically S pArC in the
unboosted mode and 100 pArC in the boosted mode. For
a 100 MO Rt, this S pArC contributes -0.02S%rC to tim-
ing period drift.

Error (%rC) = (-SO) (6Ib/6T)(Rtl

For worst case calculations a 61bl 6 T (- 2S ~ TA ~
+8S'C) of 12 pArC may be used for the LM122/LM222
and 20 pArC for the LM322 and LM290S/LM390S. .

External leakage paths may cause timing errors for large
values of Rt and high board temperatures. Connections
made to the R/C pin should be kept free of dust, moisture,
and soldering flux if long time intervals are to be kept accu-
rate. All package types have the R/C pin located between
VREF and the ground pin to minimize these leakages.

DESIGN HINTS

ELIMINATING TIMING CYLCE UPON INITIAL
APPLICATION OF POWER

The LM122 will start a timing cycle automatically (with no
trigger input) when V + is first turned on. If this characteristic
is undesirable, it can be defeated by tying the timing capaci-
tor to VREF instead of ground as shown in Figure 2. This
connection does not affect operation of the timer in any
other way. If an electrolytic timing capacitor is used, be sure
the negative end is tied to the R/C pin and the positive end
to VREF. A 1.0 kO resistor should be included in series with
the timing capacitor to limit the surge current load on VREF
when the capacitor is discharged.

y'
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FIGURE 2. Eliminating Initial Timing Cycle

USING ELECTROLYTIC TIMING CAPACITORS
Electrolytic capacitors are not usually recommended for tim-
ing because of their unstable capacitance and high leakage.
For long timing periods (> 10 seconds) at moderate tem-
peratures (O'C to SO'C) however, an electrolytic may be at-
tractive because of its low cost per microfarad. Solid tanta-
lum capacitors such as the Kemet' C series T310 (molded
epoxy) or T11 0 (hermetic) are recommended. These units
have long term stabilities of 2% to 3% and a temperature
coefficient of +0.2%rC. Selected units are available for
timing use with very low leakage.

RESET TIME

The timing capacitor used with the LM122 is reset with an
internal transistor which has a collector offset voltage of 2.S
mV @ 1 p.A with approximately 800 of collector resistance.
The time required to reset this capacitor determines the
minimum time between timing pulses. An approximate for-
mula for reset time is:

Reset Time = (800) (Ct t) (S)
tCt = External timing capacitor.

NOISY ENVIRONMENTS
The LM122 is relatively insensitive to noise on supply lines
and to radiated energy. In extremely noisy environments
however, it may be necessary to configure the LM122 differ-
ently, both to eliminate false triggering and to prevent pre-
mature end of a timing period. The circuit "a" shown in F/{J-
ure 3 has been set up for maximum noise rejection. C1 by-
passes the VADJ pin because of the relatively high imped-
ance ("" 30 kO) of this point. Negative spikes on the VADJ
pin will cause premature end of the timing period. C2 by-
passes the supply for rejection of fast transients. R1 sets up
the trigger pin to a "normally high" condition. This prevents
extremely high electromagnetic fields from triggering the in-
ternal flip-flop during a timing period. The input trigger signal
is capacitively coupled through C3. Triggering occurs on the
negative edge of the trigger pulse as shown in the waveform
sketch next to Figure 21.



If the output voltage from the LM122 can be set up to go
"high" during the timing cycle, the alternate connection
shown in "b" can be used. Here, the trigger is held high by
D2 during the timing period. When the output goes low after
the timing period is over, the circuit may be retriggered im-
mediately via Dl. Rl and C3 suppress unwanted spikes at
the trigger input.
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FIGURE 3. Maximum Noise Immunity

ABORTING A TIMING CYCLE (Figure 4)

The LM122 does not have an input specifically allocated to
a stop-timing function. If such a function is desired, it may be
accomplished several ways:

• Ground VADJ
• Raise R/C more positive than VADJ
• Wire "OR" the output
Grounding VADJ will end the timing cycle just as if the timing
capacitor had reached its normal discharge point. A new
timing cycle can be started by the trigger terminal as soon
as the ground is released. A switching transistor is best for
driving VADJ to as near ground as possible. Worst case sink
current is about 300 pA
A timing cycle may be also ended by a positive pulse to a
resistor (R ,,; Rt/l00) in series with the timing capacitor.

The pulse amplitude must be at least equal to VADJ (2.0V),
but should not exceed S.OV. When the timing capacitor dis-
charges, a negative spike of up to 2.0V will occur across the
resistor, so some caution must be used if tho drive pulse is
used for other circuitry.
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FIGURE 4. Cycle Interrupt

The output of the timer can be wire ORed with a discrete
transistor or an open collector logic gate output. This allows
overriding of the timer output, but does not cause the timer
to be reset until its normal cycle time has elapsed.

USING THE LM122 AS A COMPARATOR

A built-in reference and zero volt common mode limit make
the LM122 very useful as a comoarator. Threshold may be
adjusted from zero to three volts by driving the VADJ termi-
nal with a divider tied to VREF. Stability of the refrence volt-
age is typically ± 1% over a temperature range of -SsoC to
+ 12SoC. Offset voltage drift in the comparator is typically
2S ,..vrc in the boosted mode and SO ,..vrc un boosted. A
resistor can be inserted in series with the input to allow
overdrives up to ± SOV as shown in Figure 5. There is actu-
ally no limit on input voltage as long as current is limited to

FIGURE 5. Comparator with 0 Volts to
3.0 Volts Threshold

± 1 mA. The resistor shown contributes a worst case of S
mV to initial offset. In the unboosted mode, the error drops
to 0.2S mV maximum. The capability of operating off a sin-
gle SV supply should make this comparator very useful.



USING DUAL SUPPLIES
The LM122 can be operated off dual supplies as shown in
Figure 6. The only limitation is that the emitter terminal can-
not be tied to ground, it must either drive a load referred to
Y- or be actually tied to Y- as shown. Although capacitive
coupling is shown for the trigger input (to allow 5Y trigger-
ing), a resistor can be substituted for C1. R2 must be cho-
sen to give proper level shifting between the trigger signal
and the trigger pin of the timer. Worst case "10" on the
trigger pin (with respect to V-I is 0.8Y. and worst case
"high" is 2.5Y. R2 may be calculated from the divider equa-
tion with R1 to give these levels.
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FIGURE 6. Operating Off Dual Supplies

LINEARIZING THE CHARGING SWEEP
In some applications (such as a linear pulse width modula-
tor) it may be desirable to have the timing capacitor charge
from a constant current source. A simple way to accomplish
this is shown in the accompanying sketch.

Y'

01 converts the current through R1 to a current source in-
dependent of the voltage across Ct. R2, R3, D1, and D2 are
added to make the current through R1 independent of sup-
ply variations and temperature changes. (D2 is a low TC
type) D2 and R3 can be omitted if the Y+ supply is stable
and D1 and R2 can be omitted also if temperature stability if
not critical. With D1 and R2 omitted, the current through R1
will change about 0.015%rC with a 15Y supply and
0.1%rC with a 5.0Y supply.

APPLICATIONS

BASIC TIMERS
Figure 7 is a basic timer using the collector output. Rt and Ct
set the time interval with RL as the load. During the timing
interval the output may be either high or low depending on
the connection of the logic pin. Timing waveforms are
shown in the sketch alongside Figure 7.

r;;)---l--..J INPUT L----i....

TLIH/7408-9

FIGURE 7. Basic Timer-Collector Output
and Timing Chart

Figure 8 is again a basic timer, but with the output taken
from the emitter of the output transistor. As with the collec-
tor output, either a high or low condition may be obtained
during the timing period.

~---l--..J INPUT L--L

TLlH17408-10

FIGURE 8. Basic Timer-Emitter Output and Timing Chart
Figure 9 shows the timer interfacing 5Y logic to a high volt-
age relay. Although the Y+ terminal could be tied to the
+28Y supply, this would be an unnecessary waste of power
in the IC. In any case, the threshold for the trigger is 1.6Y
regardless of where Y+ is tied.

'" II

TL/H/7408-11

FIGURE 9. 5 Volt Logic Supply Driving 28 Volt Relay
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FIGURE 10.30 Volt Supply Interfacing to 5 Volt Logic

Agure 11 is an application where the LM122 is used to sim-
ulate a thermal delay relay which prevents power from being
applied to other circuitry until the supply has been on for

TLJHJ7408-13

FIGURE 11. Time Out on Power Up (Relay Energized
RtCt seconds After Vcc Is Applied)

- .
that the relay is energized as soon as Vcc is applied. RI Ct
seconds later, the relay is de-energized and stays off until
the Vcc supply is recycled.

TUHI7408-14

FIGURE 12. TIme OUt on Power Up (Relay Energized
Until RtCt seconds After Vcc I.Applied)

Figure 13 is a more advanced application of the LM122 as a
proportioning temperature controller with optical isolation
and synchronized zero crossing features. The timing func-
tion is not used. Instead the trigger terminal is held high and
the LM122 is used as a high gain comparator with a built in
reference. R1 is a thermistor with a -4%/"C temperature
coefficient used as the sensor. R2 is used to set the temper·
ature to be controlled by R 1. R3 through R8 set up the
proportioning action. R3 raises the impedance of the R1 /R2
divider so that RS sees a relatively constant impedance in-
dependent of the set point temperature. R6 and R8 reduce
the VADJ impedance so that intemal variations in divider
impedance do not affect proportioning action. RS and R7

'R1 - Thermistor (- 4 ""J'C)

01 - Optical Coopler, Minimum Gain - 'I.a11.0 mA

01 - 03 -1N459

02 - Sensitive Gate SCR, 1.0 mA or Less



approximately a 1·C band. R4 and C1 determine the propor-
tioning frequency which is about 1 Hz with the values
shown. C1 or R4 can change to alter frequency, but R4
should be between 50k and 500k, and C1 must be a low
leakage type to prevent temperature shifts. 01 prevents
supply voltage fluctuations from affecting set point or pro-
portioning band. Any unregulated supply between 6V and
15V is satisfactory.
01 is an optical isolator with a minimum gain of 0.5. With the
values shown for RS, R10, and R11, 01 is over-driven by at
least 3 to 1 to insure deep saturation for reliable turn off of
the SCR. 02 must be a sensitive gate device with a worst
case gate firing current of 0.5 mA. R12, R13, and 02 imple-
ment the synchronized zero-crossing feature by preventing
01 from turning off after the voltage across 02 has climbed
above 2.5V. 03, R10, and C2 provide a source of semifil-
tered dc current must have a minimum breakdown of 200V.
Figure 14 shows the LM122 connected as a one hour timer
with manual controls for start, reset, and cycle end. S1
starts timing, but has no effect after timing has started. S2 is
a center off switch which can either end the cycle prema-
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FIGURE 14. One Hour Timer with Reset
and Manual Cycle End

turely with the appropriate change in output state and dis-
charging of Ct, or cause Ct to be reset to OV without a
change in output. In the latter case, a new timing period
starts as soon as S2 is released. The average charging cur-
rent through R1 is about 30 nA, so some attention must be
paid to parts layout to prevent stray leakage paths. The sug-
gested timing capacitor has a typical self time constant of
300 hours and a guaranteed minimum of 25 hours at
+25·C. Other capacitor types may be used if sufficient data
is available on their leakage characteristics.
Figure 15 is another application where the LM122 does not
use its timing function. A switching regulator is made using
the internal reference and comparator to drive a PNP switch
transistor. Features of this circuit include a 5.5V minimum
input voltage at 1A output current, low part count, and good
efficiency (> 75%) for input voltages to 10V. Line and load
regulation are less than 0.5% and output ripple at the
switching frequency is only 30 mY. 01 is an inexpensive
plastic device which does not need a heatsink for ambient
temperature up to 50·C. 01 should be a fast switching di-
ode. Output voltage can be adjusted between 1V and 30V
by choosing proper values for R2, R3, R4, and R5. For out-
puts less than 2V, a divider with 2500 the Thevinin resist-
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FIGURE 15.5 Volt Switching Regulator with 1.0 Amp
Output and 5.5 Volt Minimum Input

ance must be connected between VREFand ground with its
tap point tied to VADJ.
By driving the logic terminal of the LM122 simultaneous to
the trigger input, a simple, accurate pulse width detector can
be made (Figure 16).

'VOUT - 0 For W < Rt Ct TL/H/7408-18

Pulse Oul - W - Rt Ct For W > Rt Ct

FIGURE 16. Pulse Width Detector
In this application the logic terminal is normally held high by
R3. When a trigger pulse is received, 01 is turned on, driv-
ing the logic terminal to ground. The result of triggering the
timer and reversing the logic at the same time is that the
output does not change from its initial low condition. The
only time the output will change states is when the trigger
input stays high longer than one time period set by R1 and
Ct. The output pulse width is equal to the input trigger width
minus R1• Ct. C2 insures no output pulse for short « RC)
trigger pulses by prematurely resetting the timing capacitor
when the trigger pulse drops. CL filters the narrow spikes
which would occur at the output due to interval delays dur-
ing switching.
The LM122 can be used as a two terminal time delay switch
if an "on" voltage drop of 2V to 3V can be tolerated. In
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FIGURE 17. Two-Terminal Time Delay Switch
Figure 17, the timer is used to drive a relay "on" RI Ct sec-
onds after application of power "off" current of the switch is
4 mA maximum. and "on" current can be as high as 50 mA.
An accurate frequency to voltage converter can be made
with the LM122 by averaging output pulses with a simple
one pole filter as shown in Figure 18.Pulse width is adjusted
with R2 to provide initial calibration at 10kHz. The collector
of the output transistor is tied to VREF.giving constant am-
plitude pulses equal to VREFat the emitter output. R4 and
C1 filter the pulses to give a dc output equal to, (Rt> (CU
(VREF)(f). Linearity is about 0.2% for a OVto 1V output. If
better linearity is desired R5 can be tied to the summing
node of an op amp which has the filter in the feedback path.
If a low output impedance is desired. a unity gain buffer
such as the LM110 can be tied to the output. An analog
meter can be driven directly by placing it in series with R5 to
ground. A series RC network across the meter to provide
damping will improve response at very low frequencies.

TL/H/7408-20
FIGURE 18. Frequency to Voltage Converter

(Tachometer) Output Independent of Supply Voltage
In some applications it is desirable to reduce supply drain to
zero between timing cycles. In Figure 19 this is accom-
plished by using an external PNP as a latch to drive the V+
pin of the timer.
Between timing periods 01 is off and no supply current is
drawn. When a trigger pulse of 5V minimum amplitude is

TUH/7408-21

FIGURE 19. Zero Power Dlnlpatlon
Between TIming Intervals

received, the LM122 output transistor and 01.latch for the
duration of the timing period. 01 prevents coupling back into
the trigger signal from the dc load created by the trigger
input. If the trigger input is a short pulse. C1 and R2 may be
eliminated. RL must have a minimum value of
(Vcc)/(2.5 mAl.
The LM122 can be made into a self-starting oscillator by
feeding the output back to the trigger input through a capac-
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FIGURE 20. Oscillator
itor as shown in Figure 20. Operating frequency is 1/(R1 CU.
The output is a narrow negative pulse whose width is ap-
proximately 2R2 Ct. For optimum frequency stability, Ct
should be as small as possible. The minimum value is deter-
mined by the time required to discharge Ct through the inter-
nal discharge transistor. A conservative value for Ct can be



chosen from the graph included with Figure 20. For frequen-
cies below 1 kHz, the frequency error introduced by Ct is a
few tenths of one percent or less for Rt > 500k.

Although the LM 122 is triggered by a positive going trigger
signal, a differentiator tied to a normally "high" trigger will
result in negative edge triggering. In Figure 21, R1 serves.,
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FIGURE 21. Timer Trtggered by
Negative Edge of Input Pulse

the dual purpose of holding the trigger pin normally high and
differentiating the input trigger pulse coupled through C1.
The timing diagram included with Figure 21 shows that trig-
gering actually occurs a short time after the negative going
trigger, while positive going triggers have no effect. The de-
lay time between a negative trigger signal and actual starts
of timing is approximately 0.5 to 1.5 R1 C1 depending on
the trigger amplitude, or about 2.5 to 7.5 ",s with the values
shown. This time will have to be increased for Ct larger than
0.D1 ",F because Ct is charged to VREF whenever the trig-
ger pin is kept high and must reset itself during the short
time that the trigger pin voltage is low. A conservative value
for C1 is:

C1 ~ Ct
10

The LM122 can be connected as a chain of timers quite
easily with no interface required. In Figure 22A and 228, two
possible connections are shown. In both cases, the output
of the timer is low during the timing period so that the posi-
tive going signal at the end of timing period can trigger the
next timer. There is no limitation on the timing period of one
timer with respect to any other timer before or after it, be-
cause the trigger input to any timer can be high or low when
that timer ends its timing period.
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FIGURE 22. Chain of Timers
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LM340 Series Three
Terminal Positive
Regulators

INTRODUCTION
The LM340-XX are three terminal 1.0A positive voltage reg-
ulators, with preset output voltages of 5.0V or 15V. The
LM340 regUlatorsare complete 3-terminal regulators requir-
ing no external components for normal operation. However,
by adding a few parts, one may improve the transient re-
sponse, provide for a variable output voltage, or increase
the output current. Included on the chip are all of the func-
tional blocks required of a high stability voltage regulator;
these appear in Figure 1.

COMMON

TUH17413-1

FIGURE 1. Functional Block of the LM340
The error amplifier is internally compensated; the voltage
reference is especially designed for low noise and high pre-
dictability; and, as the pass element is included, the regula-
tor contains fixed current limiting and thermal protection.
The LM340 is available in either metal can TO-3 or plastic
TO-220 package.

1. CIRCUIT DESIGN

Voltage Reference
Usually Ie voltage regulators use temperature-compensat-
ed zeners as references. Such zeners exhibit BV > 6.0V
which sets the minimum supply voltage somewhat above
6.0V. Additionally they tend to be noisy, thus a large bypass
capacitor is required.

National Semiconductor
Application Note 103
Nello Sevastopoulos
George Cleveland
Jim Sherwin

llCOO

1803-

TUH/7413-2

FIGURE 2. Simplified Volt Reference
Figure 2 illustrates a simplified reference using the predict-
able temperature, voltage, and current relationship of emit-
ter-base junctions.
Assuming J01 > J02' IC02 > IS02 = IS03 ,
Area (emitter 01) = Area (emitter 02), and

VSE01 = VSE03,
then

(
kT R2) R2

VREF"" -In- - + VSE03q R1 R3

Simplified LM340
In Figure 3 the voltage reference includes R1-R3 and 01-
05. 03 also acts as an error amplifier and Q6 as a buffer
between 03 and the current source. If the output drops, this
drop is fed back, through R4, R5, 04, 05, to the base of 03.
07 then conducts more current re-establishing the output
given by:

R4+R5
VOUT=VREF~



develop the reference voltage. R 17 is changed to get the
various fixed output voltages.

Short Circuit Protection
A) VIN-VOUT < 6.0V: There is no current through D2 and

the maximum output current will be given by:

VBEQ14 "
lOUT MAX = R1""El '" 2.2A (Tj = 25 C) (1-4)

B) VIN-VOUT > 6.0V: To keep 016 operating within its
maximum power rating the output current limit must de-
crease as VIN-VOUT increases. Here D2 conducts and
the drop across R16 is less than VBE to turn on 014. In
this case lOUT maximum is:

lOUT MAX = f _1_ (VBEQ14 -
R16

[(VIN - VOUT) - VZD2 - VBEQ141 R14)
R13

= 0.077 [37.2 - (VIN - YOUTH (A) (1-5)

atTj = 25"C

RIO
loOk

DZ R15
l.Ok

• Series pass element

tStarting up resistor



Thermal Shut Down
In Figure 4 the VSE of Q13 is clamped to 0.4V. When the die
temperature reaches approximately + 175°C the VSE to turn
on Q13 is 0.4V. When Q13 turns on it removes all base
drive from Q15 which turns off the regulator thus preventing
a further increase in die temperature.

Power Dissipation
The maximum power dissipation of the LM340 is given by:

Po MAX = (VIN MAX - VOUT) lOUT MAX +V IN MAX 10 (W)
(1-6)

The maximum junction temperature (assuming that there is
no thermal protection) is given by:

T = 36 - 13 lOUT MAX - (VIN - VOUT) + 25°C (1-7)
JM 0.0855

Example:

VIN MAX = 23V, lOUT MAX = 1.0A, LM340T-15.
Equation (1-7) yields: TjM = 2000C. So the Tj max of 1500C
specified in the data sheet should be the limiting tempera-
ture.

From (1-6) Po "" 8.1W. The thermal resistance of the heat
sink can be estimated from:

TjMAX - TA
6s-a = Po - (6 j-c + 6c-s) eC/W) (1-8)

The thermal resistance 6j-c Ounction to case) of the TO-220
package is 6°C/W, and assuming a 6c-s (case to heat sink)
of 0.4, equation (1-8) yields:

6s-a = 8.4°C/W

2. CURRENT SOURCE
The circuit shown on Figure 5 provides a constant output
current (equal to VOUT/R1 or 200 mAl for a variable

lOUT!200 mA

t
to VA£G

-I
I
I
I...J... Cl'

""T"" O.22,.F

I
I
I

O';ZL,;I511
TL/HI7413-S

load impedance of 0 to 850.. Using the following definitions
and the notation shown on Figure 5, lOUT and lOUT are:

QcclV = Quiescent current change per volt of input/out-
put (pin 1 to pin 2) voltage change of the LM340

41V = Line regulation per volt: the change in the LM340
output voltage per volt of input/output voltage
change at a given lOUT.

4/V
alOUT = (Qcc/V) a VOUT + R1"a VOUT

l aVOUT
OUT = alOUT

aVOUT
loUT = (4/V)

(Qcc/V)aVOUT + Fi1aVOUT

1
lOUT = ( /V)

(Q /V)+~cc R1

The LM340-5.0 data sheet lists maximum quiescent current
change of 1.0 mA for a 7.0V to 25V change in input voltage;
and a line regulation (interpolated for lOUT = 200 mAl of
35 mV maximum for a 7.0V to 25V change in input voltage:

1.0mA
Qcc/V = 15V = 55 p.AIV (2-5)

35mV
L,/V = 18V ""2 mV IV (2-6)

The worst case change in the 200 mA output current for a
1.0V change in output or input voltage using equation 2-1 is:

alOUT 2 mV
1.0V = 55 p.A + 250. = 135 p.A (2-7)

and the output impedance for a 0 to 850. change in lL using
equation 2-4 is:

1
lOUT = 2 mV = 7.4 ko. (2-8)

55 p.A + 250.

Typical measured values of lOUT varied from 10-12.3 ko.,
or 81 -100 p.A/V change input or output (approximately
0.05%/V).

3. HIGH CURRENT REGULATOR WITH SHORT CIRCUIT
CURRENT LIMIT
The 15V regulator circuit of Figure 6 includes an external
boost transistor to increase output current capability to
5.0A. Unlike the normal boosting methods, it maintains the .
LM340's ability to prOVide short circuit current limiting and
thermal shut-down without use of additional active compo-
nents. The extension of these safety features to the exter-
nal pass transistor Q1 is based on a current sharing scheme



using R1, R2, and 01. Assuming the base-to-emitter voltage
of 01 and the voltage drop across 01 are equal, the voltage
drops across R1 and R2 are equal. The currents through R1
and R2 will then be inversely proportional to their resistanc-
es. For the example shown on Figure 6, resistor R1 will
have four times the current flow of R2. For reasonable val-
ues of 01 beta, the current through R1 is approximately
equal to the collector current of 01; and the current through
R2 is equal to the current flowing through the LM340.
Therefore, under overload or short circuit conditions the
protection circuitry of the LM340 will limit its own output
current and, because of the R1/R2 current sharing scheme,
the output current of 01 as well. Thermal overload protec-
tion also extends 01 when its heat sink has four or more
times the capacity of the LM340 heat sink. This follows from
the fact that both devices have approximately the same in-
put! output voltage and share the load current in a ratio of
four to one.
The circuit shown on Figure 6 normally operates at up to
S.OAof output current. This means up to 1.0A of current
flows through the LM340 and up to 4.0A flows through 01.
For short term overload conditions the curve of Figure 7
shows the maximum instantaneous output current versus
temperature for the boosted regulator. This curve reflects
the approximately 2.0A current limit of the LM340 causing
an 8.0A current limit in the pass transistor, or 10A, total.

i 15•..
~
"a:
B..::>:;:z..•..
z 5.0
~
i!
:E
::>
:E
)(..
:E

R1
4 0.25
SI_.'6W 01

2N4311

R3 '\..£
10

1
V1N -19.5V TO 25V

I

R2
1 1.0
5'----.4.OW

01
'~7l9 +1_1

JI""'1 q LM340f.15 12 -'.

~;:'~F

'Solid tantalum

Not. 1: Current sharing between the LM34D and 01 allows the extension of short
circu~ currentlim~. safe operating area protection. and (assuming 01 's haat sink
has four or more times the capacity of the LM340 head sink) thermal shutdown
protection.

Not. 2: ISHORTCIRCUITis approximately 5.5 amp.

Not. 3: lOUT MAX at VOUT = 15V is approximately 9.5 amp.

Under continuous short circuit conditions the LM340 will
heat up and limit to a steady total state short circuit current
of 4.0A to 6.0A as shown in Figure 8. This curve was taken
using a Wakefield 680-7S heat sink (approximately
7.SoC/W)at a 2SoCambient temperature.

10

in TA ~ +2S'"C

t LM340K·15 HEAT SINK:
5 8.0 WAKEFIELD NO. 680.75•.. 7.5'CIW~ Ia: 6.0a: --B•..
;; 4.0..•
a:
i3•..

2.0"0
ili

o
19 20 21 22 23 24 25

INPUT VOLTAGE (V)

TUH/7413-8

FIGURE 8. Continuous Short Circuit
Current vs Input Voltage

For optimum current sharing over temperature between the
LM340 and 01. the diode 01 should be physically located
close to the pass transistor on the heat sink in such a man-
ner as to keep it at the same temperature as that of 01. If
the LM340 and 01 are mounted on the same heat sink the
LM340 should be electrically isolated from the heat sink
since its case (pin 3) is at ground potential and the case of
01 (its collector) is at the output potential of the regulator.
Capacitors C1 and C2 are required to prevent oscillations
and improve the output impedance respectively. Resistor
R3 provides a path to unload excessive base charge from
the base of 01 when the regulator goes suddenly from full
load to no load. The single point ground system shown on
Figure 6 allows the sense pins (2 and 3) of the LM340 to
monitor the voltage directly at the load rather than at some
point along a (possibly) resistive ground return line carrying
up to S.OAof load current. Figure 9 shows the typical varia-
tion of load regulation versus load current for the boosted
regulator. The insertion of the external pass transistor in-
creases the input! output differential voltage from 2.0V to

10 20 30 40 50 60 70

JUNCTION TEMPERATURE ('C)

TL/HI7413-7

FIGURE 7. Maximum Instantaneous
Current vs Junction Temperature



approximately 4.5V. For an output current less than 5.0A,
the R2/Rl ratio can be set lower than 4:1. Therefore. a less
expensive PNP transistor may be used.

I.Z5

~ VIN =- 21V

... Tj' +25"'C.. 1.0
'":;
Q> G.15...
::>e:
::>

0.5Q

i!.....
0.25z

'":z:
u

1.0 z.o 3.0 4.0 5.0

LOAD CURRENT (AMPS)

FIGURE 9. Load Regulation

4. 5.0V, 5.0A VOLTAGE REGULATOR FOR TTL
The high current 5.0V regulator for TTL shown in Figure 10
uses a relatively inexpensive NPN pass transistor with a
lower power PNP device to replace the single. higher cost,
power PNP shown in Figure 6. This circuit provides a 5.0V
output at up to 5.0A of load current with a typical load regu-
lation of 1.8% from no load to full load. The peak instanta-
neous output current observed was 10.4A at a 25°C junction
temperature (pulsed load with a 1.0 ms ON and a 200 ms
OFF period) and 8.4A for a continuous short circuit. The
typical line regulation is 0.02% of input voltage change
(lOUT = 0).
One can easily add an overload indicator using the Nation-
al's new NSL5027 LED. This is shown with dotted lines in
Figure 10. With this configuration R2 is not only a current
sharing resistor but also an overload sensor. R5 will deter-
mine the current through the LED; the diode 02 has been
added to match the drop across 01. Once the load current
exceeds 5.0A (1.0A through the LM340 assuming perfect
current sharing and VOl = V 02) 03 turns ON and the over-
load indicator lights up.

4
-I
5-

...J... Cl,...
~ 1

-I
5-
R2

I 0.1
I 4.OW I
I I
I 1::14 ~ .s NS~~21L.;p.D3~

2N2905 ~

Example:
lOVERLOAD= 5.0A
ILED= 40 mA (light intensity of 16 mcd)

VIN - 2.65
VLED= 1.75, R5 "" I (4-1)

LED
5. ADJUSTABLE OUTPUT VOLTAGE REGULATOR FOR
INTERMEDIATE OUTPUT VOLTAGES
The addition of two resistors to an LM340 circuit allows a
non-standard output vollage while maintaining the limiting
features built into IC. The example shown in Figure 11 pro-
vides·a 10V output using an LM340K-5.0 by raising the ref-
erence (pin number 3) of the regulator by 5.0V.

FIGURE 11. 10V Regulator
The 5.0V pedestal results from the sum of regulator quies-
cent current 10 and a current equal to VREG/Rl, flowing
through potenteniometer R2 to ground. R2 is made adjusta-
ble to compensate for differences in 10 and VREGoutput.
The circuit is practical because the change in 10 due to line
voltage and load current changes is quite small.
The line regulation for the boosted regulator is the sum of
the LM340 line regulation, its effects on the current through

'Solid tantalum

FIGURE 10. 5.0V, 5.0A Regulator for TTL (wIth short circuit, thermal shutdown protection, and overload Indicator)



R2, and the effects of Ala in response to input voltage
changes. The change in output voltage is:

(lr /V) AVIN R2
AVOUT= (lr/v) AVIN + R1

AVOUT= (lr/v) (1 + R2) + (Oce/V) R2
AVIN R1

The LM340-5.0 data sheet lists AVOUT< 50 mV and Ala <
1.0'mA for AVIN = 18Vat lOUT = 500 mA. This is:

50mVlrlV = --::::: 3 mVIV
18V

1.0mA
OcelV = 18V = 55/LAIV

The worst case at line regulation for the circuit of Figure 11
calculated by equation 5-2, lOUT = 500 mA and R2 =
3100 is:

AVOUT= 3 mVIV (1 + 3100)
1.0V 3000

+ (55 /LA/V) 3100

AVOVUT= 6 mVIV + 17 mVIV = 23 mVIV
1.0

This represents a worst case line regulation value of
0.23%1V.
The load regulation is the sum of the LM340 voltage regula-
tion, its effect on the current through R2, and the effect of
Ala in response to changes in load current. Using the fol-
lowing definitions and the notation shown on Figure 11
AVOUTis:
ZOUT= Regulator output impedance: the change in output

voltage per amp of load current change.

-1- C2'
:-r O.22,.F

Oce/ A = Ouiescent current change per amp of load current
change

(Z34Q)
AVOUT= (Z340)AIL + ~ AIL R2

+ (Oce/A) AIL R2

and the total output impedance is:

AVOUT (R2)ZOUT=--=Z340 1 +-
AIL R1

+(Oce/A)R2

The LM340-5.0 data sheet gives a maximum load regulation
lr = 50 mV and Ala = 1.0 mA for a 1.0A load change.

50mV
Z340 = 1.0A = 0.050

1 mA
Oce/A = 1.0A = 100 /LA/A

This gives a worst case dc output impedance (ac outpu1
impedance being a function of C2) for the 10V regulator
using equation 5-8 of:

(
3100 )

loUT = 0.050 1 + 3000

+ (100/LA/A) 3100

loUT = 0.100 + 0.0310 = 0.130

or a worst case change of approximately 1.5% for a 1.0A
load change. Typical measured values are about one-third
of the worst case value.

6. VARIABLE OUTPUT REGULATOR
In Figure 12 the ground terminal of the regulator is "lifted"
by an amount equal to the voltage applied to the non-invert-
ing input of the operational amplifier LM101A. The outpu1

Rl

113.0k
I.3_

v.
+

R2 Cl··
10k 2.2,.F

• Required ff the regulator is located fer from the power supply finer

··Solid tantalum

FIGURE 12. Variable Output Regulator



voltage of the regulator is therefore raised to a level set by
the value of the resistive divider R1. R2. R3 and limited by
the input voltage. With the resistor values shown in Figure
12. the output voltage is variable from 7.0V to 23V and the
maximum output current (pulsed load) varies from 1.2A to
2.0A (Tj = 2S°C) as shown in Figure 13.

2.5

2.0

i 1.5

~~ 1.0..
j

0.5

v,, • 25V TI".~5'~ ~
PULSED LOAD I ;;..r-

10" I
T1' .150'C

10"10"

o
7.0 9.0 11 13 15 17 19 21 23

vOUT (V)

TUH/7413-13

FIGURE 13. Maximum Output Current

Since the LM101A is operated with a single supply (the neg-
ative supply pin is grounded). The common mode voltage
VB must be at least at a 2.0 VBE + VSAT above ground. R3
has been added to insure this when R2 = O. Furthermore
the bias current 'B of the operational amplifier should be
negligible compared to the current flowing through the resis-
tive divider.

Example:

VIN = 2SV

VOUT MIN = S + VB. (R2 = 0).

VB = R3 (I - 'B) = 2.0V
R1 = 2.S R3

VOUT MAX = VIN - dropout volt.

(R2 = R2MAX>

R2MAX = 3.3 R1

So setting R3. the values of R1 and R2 can be determined.

If the LM324 is used instead of the LM101A. R3 can be
omitted since its common mode voltage range includes the
ground. and then the output will be adjustable from S to a
certain upper value defined by the parameters of the sys-
tem.

The circuit exhibits the short-circuit protection and thermal
shutdown properties of the LM340 over the full output
range.

The load regulation can be predicted as:

R1 + R2 + R3
aVOUT = R1 aV340 (6-1)

where a V340 is the load regulation of the device given in the
data sheet. To insure that the regulator will start up under
full load a reverse biased small signal germanium diode.
1N91. can be added between pins 2 and 3.

7. VARIABLE OUTPUT REGULATOR O.5V-29V

When a negative supply is available an approach equivalent
to that outlined in section 6 may be used to lower the mini-
mum output voltage of the regulator below the nominal volt-
age that of the LM340 regulator device. In Figure 14 the
voltage VG at the ground pin of the regUlator is determined
by the drop across R1 and the gain of the amplifier. The
current I may be determined by the following relation:

1= V340 R2RS - R3R4 + VIN-
R1 R4 (R2 + R3) R1

or if R2 + R3 = R4 + RS = R

V340 R2 1
I = R1 R4 + R1 (VIN- - V340)

T
R4

±':' RS

'Solid tantalum

FIGURE 14. Variable Output Voltage O.5V-30V



considering that the output is given by:

VOUT = VG + V340 (7-3)
and

VG = R1 I - VIN- (7-4)

combining 7-2, 7-3, 7-4 an expression for the output voltage
is:

R2
VOUT = V340 R4 (7-5)

Notice that the output voltage is inversely proportional to R4
so the output voltage may be adjusted very accurately for
low values. A minimum output of 0.5V has been set. This
implies that

R2 = 01 R3 = 0.9 R3 = 9 (7-6)
R4 . R4 R2

An absolute zero output voltage will require R4 = 00 or R2
= 0, neither being practical in this circuit. The maximum
output voltage as shown in Figure 14 is 30V if the high volt-
age operational amplifier LM143 is used. If only low values
of VOUT are sought, then an LM101 may be used. R1 can
be computed from:

R1 = VIN- (7-7)
IQ340

/

)1
/ V,N+ = 31V

1/ -V'N- ~ -ISV
Rl = 2.0K
Tj = +2S"C

I

i 300
5

~ 200

10 20

Vour (V)
TUH/7413-15

FIGURE 15. TypIcal Load Regulation for a O.5V-30V
Regulator (A10UT = 1.0A)

Figure 15 illustrates the load regulation as a function of the
output voltage.

8. DUAL POWER SUPPLY

The plus and minus regulators shown in Figure 16 will exhib-
it line and load regulations consistent with their specifica-
tions as individual regulators. In fact, operation will be en-
tirely normal until the problem of common loads occurs. A
300 load from the + 15V output to the -15V output (repre-
senting a 0.5A starting load for the LM340K-15 if the
LM320K-15 is already started) would allow start up of the
LM340 in most cases. To insure LM340 startup over the full
temperature range into a worst case 1.0A current sink load
the germanium power "diode" 01 has been added to the
circuit. Since the forward voltage drop of the germanium
diode 01 is less than that of the silicon substrate diode of
the LM340 the external diode will take any fault current and
allow the LM340 to start up even into a negative voltage
load. 01 and silicon diode 02 also protect the regulator out-
puts from inadvertant shorts between outputs and to
ground. For shorts between outputs the voltage difference
between either input and the opposite regulator output
should not exceed the maximum rating of the device.

The example shown in Figure 16 is a symmetrical ± 15V
supply for linear circuits. The same principle applies to non-
symmetrical supplies such as a +5.0V and -12V regulator
for applications such as registers.

9. TRACKING DUAL REGULATORS

In Figure 1" a fraction of the negative output voltage "lifts"
the ground pins of the negative LM320K-15 voltage regula-
tor and the LM340K-15 through a voltage follower and an
inverter respectively. The dual operational amplifier LM1558
is used for this application and since its supply voltage may
go as high as ± 22V the regulator outputs may be set be-
tween 5.0V and 20V. Because of the tighter output toler-
ance and the better drift of the LM320, the positive regUlator
is made to track the negative. The best tracking action is
achieved by matching the gain of both operational amplifi-
ers, that is, the resistors R2 and R3 must be matched as
closely as possible.

•Solid tantalum

"Germanium diode (using a PNP germanium transistor with the collector shorted to the emitter)

Nole: C1 and C2 required ~ regUlators ara located far from power supply fi~er.

FIGURE 16. Dual Power Supply



'Solid tantalum TL/HI7413-17

FIGURE 17. Tracking Dual Supply ±5.0V - ± 18V
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FIGURE 18. Tracking Dual SUpply ± 15V

Indeed. with A2 and A3 matched to better than 1%. the
LM340 tracks the LM320 within 40-50 mV over the entire
output range. The typical load regulation at VOUT= ± 15V
for the positive regulator is 40 mV from a 0 to 1.0A pulsed
load and 80 mV for the negative.
Figure 18 illustrates ± 15V tracking regulator. where again
the positive regulator tracks the negative. Under steady
state conditions VA is at a virtual ground and VB at a VBE
above ground. 02 then conducts the quiescent current of
the LM340. If -VOUT becomes more negative the collector
base junction of 01 is forward biased thus lowering VB and
raising the collector voltage of 02. As a result +VOUTrises
and the voltage VA again reaches ground potential.

Assuming 01 and 02 to be perfectly matched. the tracking
action remains unchanged over the full operating tempera-
ture range.
Wi1h A1 and A2 matched to 1%. the positive regulator
tracks the negative within 100 mV (less than 1%). The ca-
pacitor C4 has been added to improve stability. Typical load
regulations for the positive and negative sides from a 0 to
1.0A pulsed load (toN = 1.0 ms, toFF = 200 ms) are 10 mV
and 45 mV respectively.

10. HIGH INPUT VOLTAGE

The input voltage of the LM340 must be kept within the
limits specified in the data sheet. If the device is operated



'Heal sink 01 and LM340

FIGURE 19. High Input Voltage

'Heal sink 01 and LM340

FIGURE 20. High Input Voltage
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FIGURE 21. High Voltage Regulator

above the absolute maximum input voltage rating, two fail- With an optional output capacitor the measured noise of the
ure modes may occur. With the output shorted to ground, circuit was 700 ",Vp-p.
the series pass transistor 016 (see Figure 4) will go to ava-
lanche breakdown; or, even with the output not grounded,
the transistor 01 may fail since it is operated with a collec-
tor-emitter voltage approximately 4.0V below the input.

If the only available supply runs at a voltage higher than the
maximum specified, one of the simplest ways to protect the
regulator is to connect a zener diode in series with the input
of the device to level shift the input voltage. The drawback
to this approach is obvious. The zener must dissipate
(VSUPPLY - VIN MAX LM340). (I0UTMAXl which may be sev-
eral watts. Another way to overcome the over voltage prob-
lem is illustrated in Figure 19 where an inexpensive, NPN-
zener-resistor, combination may be considered as an equiv-
alent to the power zener. The typical load regulation of this
circu!t is 40 mY. fro,:" 0 to 1.0A pulsed load (Tj = 25'C) and
the hne regulation IS 2.0 mV for 1.0V variation in the input
voltage (lOUT = 0). A similar alternate approach is shown in
Figure 20.

11. HIGH VOLTAGE REGULATOR
In previous sections the principle of "lifting the ground termi-
nal" of the LM340, using a resistor divider or an operational
amplifier, has been illustrated. One can also raise the output
voltage by using a zener diode connected to the ground pin
as illustrated in the Figure 21 to obtain an output level in-
creased by the breakdown voltage of the zener. Since the
input voltage of the regulator has been allowed to go as
high as 80V a level shifting transistor-zener (D2)-resistor
combination has been added to keep the voltage across the
LM340 under permissible values. The disadvantage of the
system is the increased output noise and output voltage drift
due to the added diodes.

Indeed it can be seen that, from no load to full load condi-
tions, the alz will be approximately the current through R1
('" 35 mAl and therefore the degraded regulation caused
by D1 will be Vz (at 35 mA + 10) - Vz (at 10).



The measured load regulation was 60 mV for alOUT of
5.0 mA to 1.0A (pulsed load), and the line regulation is
0.01% V of input voltage change (lOUT= 500 mAl and the
typical output noise 2.0 mVp-p (C2 = 0.1 ,..Fl. The value of
R1 is calculated as:

R1 "" fJ[VIN - (VZ1 + Vzv]
I full load

12. ELECTRONIC SHUTDOWN
Figure 22 shows a practical method of shutting down the
LM340 under the control of a TTL or DTL logic gate. The
pass transistor 01 operates either as a saturated transistor
or as an open switch. With the logic input high (2.4V speci-
fied minimum for TTL logic) transistor 02 turns on and pulls
50 mA down through R2. This provides sufficient base drive

CZ·--I-
O.Z2,.F -r-

I t' ~ LOGICI ~ INPUT
Vo

to maintain 01 in saturation during the ON condition of the
switch. When the logic input is low (0.4V specified maximum
for TTL logic) 02 is held off, as is 01; and the switch is in
the OFF condition. The observed turn-on time was 7.0 ,..S
for resistive loads from 150 to infinity and the turn-off time
varied from approximately 3.0 ,..S for a 150 load to 3.0 ms
for a no-load condition. Turn-off time is controlled primarily
by the time constant of RLOADand C1.

13. VARIABLE HIGH VOLTAGE REGULATOR WITH
OVERVOLTAGESHUTDOWN
A high voltage variable-output regulator may be constructed
using the LM340 after the idea illustrated in section 7 and
drawn in Figure 23. The principal inconvenience is that the
voltage across the regulator must be limited to maximum

-Required if the regulator is located far from the power supply filter

··Head sink 01 and the LM340

FIGURE 22. Electronic Shutdown Circuit
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FIGURE 23. Variable High Voltage Regulator with Shortclrcult and Overvoltage Protection
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~ rating of the device, the higher the applied input voltage the
:Z higher must be lifted the ground pin of the LM340. There-
00( fore the range of the variable output is limited by the supply

voltage limit of the operational amplifier and the maximum
voltage allowed across the regulator. An estimation of this
range is given by:

VOUT MAX - VOUT MIN =

VSUPPLY MAX340 - VNOMINAL340 - 2.0V (13-1)
Examples:

LM340-15: VOUTMAX - VOUTMIN = 35 - 15 - 2 = 18V
Figure 23 illustrates the above considerations. Even though
the LM340 is by itself short circuit protected, when the out-
put drops, also VA drops and the voltage difference across
the device increases. If it exceeds 35V the pass transistor
internal to the regulator will breakdown, as explained in sec-
tion 11. To remedy this, an over-VOltage shutdown is includ-

ed in the circuit. When the output drops the comparator
switches low, pulls down the base 02 thus opening the
switch 01, and shutting down the LM340. Once the short
circuit has been removed the LM311 must be activated
through the strobe to switch high and close 01, which will
start the regulator again. The additional voltages required to
operate the comparator may be taken from the 62V since
the LM311 has a certain ripple rejection and the reference
voltage (pin 3) may have a superimposed small ac signal.
The typical load regulation can be computed from equation
6-1.
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It's really all very simple--once you understand it. Then,
here's the inside story on noise for those of us who haven't
been designing low noise amplifiers for ten years.

You hear all sorts of terms like signal-to-noise ratio, noise
figure, noise factor, noise voltage, noise current, noise pow-
er, noise spectral density, noise per root Hertz, broadband
noise, spot noise, shot noise, flicker noise, excess noise,
I/F noise, fluctuation noise, thermal noise, white noise, pink
noise, popcorn noise, bipolar spike noise, low noise, no
noise, and loud noise. No wonder not everyone understands
noise specifications.

In a case like noise, it is probably best to sort it all out from
the beginning. So, in the beginning, there was noise; and
then there was signal. The whole idea is to have the noise
very small compared to the signal; or, conversely, we desire
a high signal-to-noise ratio SIN. Now it happens that SIN is
related to noise figure NF, noise factor F, noise power,
noise voltage en. and noise current In. To simplify matters, it
also happens that any noisy channel or amplifier can be
completely specified for noise in terms of two noise genera-
tors en and In as shown in Figure 1.

R,..
~

··,0
L __

r---------,
I I

I I
L __ ..!?'~H~E~ __ .J

TL/H/7414-1

FIGURE 1. Noise Characterization of Amplifier

All we really need to understand are NF, en, and In. So here
is a rundown on these three.

NOISE VOLTAGE, en, or more properly, EQUIVALENT
SHORT-CIRCUIT INPUT RMS NOISE VOLTAGE is simply
that noise voltage which would appear to originate at the
input of the noiseless amplifier if the input terminals were
shorted. It is expressed in nanovolts per root Hertz nV IJFfi.
at a specified frequency, or in microvolts in a given frequen-
cy band. It is determined or measured by shorting the input
terminals, measuring the output rms noise. dividing by am-
plifier gain, and referencing to the input. Hence the term,
equivalent noise voltage. An output bandpass filter of
known characteristic is used in measurements, and the
measured value is divided by the square root of the band-
width JB if data is to be expressed per unit bandwidth or per
root Hertz. The level of en is not constant over the frequen-
cy band; typically it increases at lower frequencies as shown
in Figure 2. This increase is 1If NOISE.

NOISE CURRENT, In, or more properly, EQUIVALENT
OPEN-CIRCUIT RMS NOISE CURRENT is that noise which

1000 100

~
100 10

~-'I

> ~.!
~,.:

10 1.0

100 1.Ok

FREQUENCY (Hz)

TLIH/7414-2

FIGURE 2. Noise Voltage and Current for an Op Amp

occurs apparently at the input of the noiseless amplifier due
only to noise currents. It is expressed in picoamps per root
Hertz pAl JFfi. at a specified frequency or in nanoamps in a
given frequency band. It is measured by shunting a capaci-
tor or resistor across the input terminals such that the noise
current will give rise to an additional noise voltage which is
In X Rin (or Xcin). The output is measured, divided by amplifi-
er gain, referenced to input, and that contribution known to
be due to en and resistor noise is appropriately subtracted
from the total measured noise. If a capacitor is used at the
input, there is only en and In Xcin. The In is measured with a
bandpass filter and converted to pAJFfi. if appropriate; typi-
cally it increases at lower frequencies for op amps and bipo-
lar transistors, but increases at higher frequencies for field-
effect transistors.

NOISE FIGURE, NF is the logarithm of the ratio of input
signal-to-noise and output signal-to-noise.

NF = 10 Log (S/N)in (1)
(SIN)out

where: Sand N are power or (voltage)2 levels

This is measured by determining the SIN at the input with
no amplifier present, and then dividing by the measured SIN
at the output with signal source present.

The values of Rgen and any Xgen as well as frequency must
be known to properly express NF in meaningful terms. This
is because the amplifier In X Zgen as well as Rgen itself pro-
duces input noise. The signal source in Figure 1 contains
some noise. However esig is generally considered to be
noise free and input noise is present as the THERMAL
NOISE of the resistive component of the signal generator
impedance Rgen. This thermal noise is WHITE in nature as it
contains constant NOISE POWER DENSITY per unit band-
width. It is easily seen from Equation 2 that the B;;2 has the
units V2/Hz and that (en) has the units VIJFfi.

eR2 = 4kTRB (2)

where: T is the temperature in OK
R is resistor value in n
B is bandwidth in Hz

k is Boltzman's constant



RELATION BETWEEN en, in, NF

Now we can examine the relationship between en and in at
the amplifier input. When the signal source is connected,
the en appears in series with the esig and eR. The in flows
~hrough Rgen thus producing another noise voltage of value
in X Rgen. This noise voltage is clearly dependent upon the
value of Rgen. All of these noise voltages add at the input in
rms fashion; that is, as the square root of the sum of the
squares. Thus, neglecting possible correlation between en
and in, the total input noise is

eN2 = en2 + eR2 + in2 Rgen2 (3)

Further examination of the NF equation shows the relation-
ship of eN, in, and NF.

NF = 10 log Sin X Nout
SoutX Nin

S· G eN2
=1010g,np

Sin Gp eR2

where: Gp = power gain

eN2
= 1010g=

eR2

en2 + eR2 + in2 Rgen2
= 10109-------

eR2

NF = 10 log (1 + 9,;2 + i;;2Rgen2) (4)
eR2

Thus, for small Rgen, noise voltage dominates; and for large
Rgen, noise current becomes important. A clear advantage
accrues to FET input amplifiers, especially at high values of
Rgen, as the FET has essentially zero in. Note, that for an
NF value to have meaning, it must be accompanied by a
value for Rgen as well as frequency.

CALCULATING TOTAL NOISE, eN

We can generate a plot of eN for various values of Rgen if
noise voltage and current are known vs frequency. Such a
graph is shown in Figure 3 drawn from Figure 2. To make
this plot, the thermal noise eR of the input resistance must
be calculated from Equation 2 or taken from the graph of
Figure 4. Remember that each term in Equation 3 must be
squared prior to addition, so the data from Figure 4 and from
Figure 2 is squared. A sample of this calculation follows:

1000

TL/HI7414-3
FIGURE 3. Total Noise for the Op Amp of Figure 2
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FIGURE 4. Thermal Noise of Resistor
Example 1: Determine total equivalent input noise per unit
bandwidth for an amplifier operating at 1 kHz from a source
resistance of 10 kO. Use the data from Figures 2 and 4.

1. Read eR from Figure 4 at 10 kO; the value is 12 nV /./HZ.

2. Read en from Figure 2 at 1 kHz; the value is 9.5 nV /./HZ.

3. Read in from Figure 2 at 1 kHz; the value is 0.68 pAl./HZ.
Multiply by 10 kO to obtain 6.8 nV /./HZ.

4. Square each term individually, and enter into Equation 3.

eN = ~9,;2 + 9R2 + i;;2Rgen2

= ~9.52 + 122 + 6.82 = F
eN = 16.7 nV/./HZ

This is total rms noise at the input in one Hertz bandwidth at
1 kHz. If total noise in a given bandwidth is desired, one
must integrate the noise over a bandwidth as specified. This
is most easily done in a noise measurement set-up, but may
be approximated as follows:

1. If the frequency range of interest is in the flat band; i.e.,
between 1 kHz and 10kHz in Figure 2, it is simply a
matter of multiplying eN by the square root of the band-
width. Then, in the 1 kHz-10 kHz band, total noise is

eN = 16.7~9000

= 1.59 "'V
2. If the frequency band of interest is not in the flat band of

Figure 2, one must break the band into sections, calculat-
ing average noise in each section, squaring, multiplying
by section bandwidth, summing all sections, and finally
taking square root of the sum as follows:

eN = ~ eR2S + ± (en2 + in2 Rgen2)j Sj (5)
1

where: i is the total number of sub-blocks.

For most purposes a sub-block may be one or two octaves.
Example 2 details such a calculation.

Example 2: Determine the rrns noise level in the frequency
band 50 Hz to 10kHz for the amplifier of Figure 2 operating
from Rgen = 2k.

1. Read eR from Figure 4 at 2k, square the value, and multi-
ply by the entire bandwidth. Easiest way is to construct a
table as shown on the next page.

2. Read the median value of en in a relatively small frequen-
cy band, say 50 Hz-100Hz, from F/{Jure 2, square it and
enter into the table.



3. Read the median value of in in the 50 Hz-100 Hz band
from Figure 2, multiply by Rgen = 2k, square the result
and enter in the table.

4. Sum the squared results from steps 2 and 3, multiply the
sum byaf = 100-50 = 50 Hz, and enter in the table.

5. Repeat steps 2-4 for band sections of 100 Hz-3oo Hz,
300 Hz-1ooo Hz and 1 kHz-10 kHz. Enter results in the
table.

6. Sum all entires in the last column, and finally take the
square root of this sum for the total rms noise in the 50
HZ-10,000 Hz band.

7. Total en is 1.62 p.V in the 50 Hz-10,000 Hz band.

CALCULATING SIN and NF

Signal-to-noise ratio can be easily calculated from known
signal levels once total rms noise in the band is determined.
Example 3 shows this rather simple calculation from Equa-
tion 6 for the data of Example 2.

esig
SIN = 20 log -=-

eN
Example 3: Determine SIN for an rms esig = 4 mV at the
input to the amplifier operated in Example 2.

1. RMS signal is esig = 4 mV

2. RMS noise from Example 2 is 1.62 p.V

3. Calculate SIN from Equation 6

4mV
S/N= 20Iog--

1.62p.V

= 20 log (2.47 x 103)

= 20 (log 103 + log 2.47)

= 20 (3 + 0.393)

SIN = 68 dB

It is also possible .!O plot ~F vs frequency at various Rgen for
any given plot of en and in. However there is no specific all-
purpos~ con.version plot relating NF, en, in, Rgen and f. If
either en or in is neglected, a reference chart can be con-
structed. Figure 5 is such a plot when only en is considered.
It is useful for most op amps when Rgen is less than about
2000. and for FETs at any Rgen (because there is no signifi-
cant in for FETs), however actual NF for op amps with
Rgen > 2000 is higher than indicated on the chart. The
graph of Figure 5 can ~e used to find spot NF if en and Rgen
are known, or to find en if NF and Rgen are known. It can
also b! used to find max Rgen allowed for a given max Ny
when en is known. In any case, values are only valid if in

is negligible and at the specific frequency of interest for NF
and en, and for 1 Hz bandwidth. If bandwidth increases, the
plot is valid so long as en is-multiplied by,fB.
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FIGURE ~ Spot NF va Rgen ~hen Considering Only en
and eR (not valid when In Rgen Is significant)

THE NOISE FIGURE MYTH

Noise figure is easy to calculate because the signal level
need not be specified (note that esig drops out of Equation
4). Because NF is so easy to handle in calculations, many
designers tend to lose sight of the fact that signal-to-noise
ratio (SIN)oul is what is important in the final analysis, be it
an audio, video, or digital data system. One can, in fact,
choose a high Rgen_to reduce NF to near zero if in is very
small. In this case eR is the major source of noise, over-
shadowing en completely. The result is very low NF, but
very low SIN as well because of very high noise. Don't be
fooled into believing that low NF means low noise per sel

Another term is worth considering, that is optimum source
resistance ROPT. This is a value of Rgen which produces the
lowest NF in a given system. It is calculated as

ROPT = ~ (7)
In

This has been arrived at by differentiating Equation 4 with
respect to Rgen and equating it to zero (see Appendix). Note
thst this does not mesn lowest noise.

For example, using Figure 2 to calculate ROPT at say 600
Hz,

10nV
ROPT = -- = 14kO

0.7pA

B (Hz) at (Hz) en2 (nV/Hz)

50-100 50 (20)2 = 400
100-300 200 (13)2 = 169

300-1000 700 (10)2 = 100
1.0k-10k 9000 (9)2 = 81

50-10,000 9950 eR2 = (5.3)2 = 28

Total eN = ~2,626,000 = 1620 nV = 1.62 p.V

·The unils are as follows: (20 nV/,iHzj2 = 400 (nV)2/Hz

(8.7 pAlJiZ x 2.0 kflj2 = (17.4 nA/,iHzj2 ~ 302 (nV)2/Hz

Sum = 702 (nV)2/Hz x 50 Hz - 35,000 (nV)2

+ in2Rgen2

(8.7 x 2.0k)2
(8 X 2.0k)2
(7 x 2.0k)2
(6 X 2.0k)2

(nV2)

35,000
85,000

207,000
2,020,000
279,000

702* x 50
425 x 200
296 x 700

225 x 9000
28x 9950



Then note in Figure 3, that eN is in the neighborhood of
20 nV/.fHZ for Rgen of 14k, while eN = 10 nV/.fHZ for
Rgen = 0-1000. STOPI Do not pass GO. Do not be fooled.
Using Rgen = ROPT does not guarantee lowest noise UN-
lESS eSig2 = kRgen as in the case of transformer coupling.
When esig2 > kRgen, as is the case where signal level is
proportional to Rgen (esig = kRgen), it makes sense to use
the highest practical value of Rgen. When esig2 < kRgen, it
makes sense to use a value of Rgen < ROPT. These conclu-
sions are verified in the Appendix.

This all means that it does not make sense to tamper with
the Rgen of existing signal sources in an attempt to make
Rgen = ROPT. Especially, do not add series resistance to a
source for this purpose. It does make sense to adjust Rgen
in transformer coupled circuits by manipulating turns ratio or
to design Rgen of a magnetic pick-up to operate with pre-
amps where ROPT is known. It does make sense to increase
the design resistance of signal sources to match or exceed
ROPT so long as the signal voltage increases with Rgen in at
least the ratio esig2 oc Rgen. It does not necessarily make
sense to select an amplifier with ROPT to match Rgen be-
cause one amplifier operating at Rgen = ROPT may produce
lower SIN than another (quieter) amplifier operating with

Rgen * ROPT·
With some amplifiers it is possible to adjust ROPT over a
limited range by adjusting the first stage operating current
(the National lM121 and lM381 for example). With these,
one might increase operating current, varying ROPT, to find
a condition of minimum SIN. Increasing input stage current
decreases ROPT as en is decreased and In is simultaneously
increased.

let us consider one additional case of a fairly complex na-
ture just as a practical example which will point up some
factors often overlooked.

Example 4: Determine the SIN apparent to the ear of the
amplifier of Figure 2 operating over 50-12,800 Hz when driv-
en by a phonograph cartridge exhibiting Rgen = 13500,
1gen = 0.5H, and average esig = 4.0 mVrms. The cartridge
is to be loaded by 47k as in Figure 6. This is equivalent to
using a Shure V15, Type 3 for average level recorded mu-
sic.

1. Choose sectional bandwidths of 1 octave each, these are
listed in the following table.

2. Read en from Figure 2 as average for each octave and
enter in the table.

3. Read in from Figure 2 as average for each octave and
enter in the table. .

4. Read eR for the Rgen = 13500 from Figure 4 and enter
in the table.

5. Determine the values of 2gen at the midpoint of each
octave and enter in the table.

6. Determine the amount of eR which reaches the amplifier
input; this is

_ R1
eR

R1 + 2gen
7. Read the noise contribution e47k of R1 = 47k from Fig-

ure4.
8. Determine the amount of e47K which reaches the amplifi-

er input; this is
_ 2gen
e47k R1 + 2 gen

24
20
16
12

~ 8.0
z 4.0
~ 0
~ -4.0
a: -B.O
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~
9. Determine the effective noise contributed by in flowing 13. Assume a tone control high frequency boost of 10 dB at Z.

through the parallel combination of R1 and Zgen. This is 10kHz from Figure 7. Again determine relative response
..•.
0

, Zgen R1 of octave midpoints. ~
In 14. Multiply all relative gain values of steps 11-13 andZgen + R1

10. Square all noise voltage values resulting from steps 2, 6.
square the result.

8 and 9; and sum the squares. 15. Multiply the sum of the squared values from step 10 by

11. Determine the relative gain at the midpoint of each ce-
the resultant relative gain of step 14 and by the band-

tave from the RIM playback response curve of Figure
width in each octave.

7. 16. Sum all the values resultant from step 15, and find the

12. Determine the relative gain at these same midpoints
square root of the sum. This is the total audible rms

from the A weighted response curve of Figure 7 for
noise apparent in the band.

sound level meters (this roughly accounts for variations 17. Divide esig = 4 mV by the total noise to find SIN =
in human hearing). 6.95 dB.

STEPS FOR EXAMPLE
1 Frequency Band (Hz) 50-100 100-200 200-400 400-800 800-1600 1.6-3.2k 3.2-6.4k 6.4-12.8k

Bandwidth, B (Hz) 50 100 200 400 800 1600 3200 6400

Bandcenter, f (Hz) 75 150 300 600 1200 2400 4800 9600

5 Zgen atf (0) 1355 1425 1665 2400 4220 8100 16k 32k

Zgen R1 (0) 1300 1360 1600 2270 3900 6900 11.9k 19k

Zgen/R1 + Zgen) 0.028 0.030 0.034 0.485 0.082 0.145 0.255 0.400

R1/(R1 + Zgen) 0.97 0.97 0.97 0.95 0.92 0.86 0.74 0.60
11 RIM Gain, ARIAA 5.6 3.1 2.0 1.4 1 0.7 0.45 0.316
12 Gorr for Hearing, AA 0.08 0.18 0.45 0.80 1 1.26 1 0.5
13 H-F Boost, Aboost 1 1 1 1 1.12 1.46 2.3 3.1
14 Product of Gains, A 0.45 0.55 0.9 1.12 1.12 1.28 1.03 0.49

A2 0.204 0.304 0.81 1.26 1.26 1.65 1.06 0.241

4 eR(nV/~) 4.5 4.5 4.5 4.5 4.5 4.5 4.5 4.5

7 e47k(nV/~) 29 29 29 29 29 29 29 29

3 in(pAl~) 0.85 0.80 0.77 0.72 0.65 0.62 0.60 0.60

2 en(nV/~) 19 14 11 10 9.5 9 9 9

9 ~1 = ~ (Zgen R1) 1.1 1.09 1.23 1.63 2.55 4.3 7.1 11.4

6 ~2 = ~R R1/(R1 + Zgen) 4.35 4.35 4.35 4.25 4.15 3.86 3.33 2.7
8 as = e47k Zgen/(R1 + Zgen) 0.81 0.87 0.98 1.4 2.4 4.2 7.4 11.6

10 en2 360 195 121 100 90 81 81 81
e12 (from in) 1.21 1.2 1.5 2.65 6.5 18.5 50 150
e22 (from eR) 19 19 19 18 17 15 11 7.2
e32 (from e47k) 0.65 0.76 0.96 2 5.8 18 55 135
1:en2 (nV2/Hz) 381 216 142 122 120 133 147 373

15 BA2 (Hz) 10.2 30.4 162 504 1010 2640 3400 1550
BA21:e2 (nV2) 3880 6550 23000 61500 121000 350000 670000 580000

16 1:(en;2 + e1;2 + e2;2 + e3j2) B;A;2 = 1,815,930 nV2

eN = .If = 1.35,...V

17 SIN = 20 log (4.0mV/1.35,...VJ = 69.5 dB



ployed in the example. If it were not for the A curve attenua-
tion at low frequencies, the en would add a very important
contribution below. 200 Hz. This would be due to the AIM
boost at low frequency. As it stands, 97% of the 1.35 ,.V
would occur in the 800-12.8 kHz band alone, principally
because of the high frequency boost and the A measure-
ment curve. If the measurement were made without either
the high frequency boost or the A curve, the en would be
1.25 ,.V. In this case, 76% of the total noise would arise in
the 50 Hz-400 Hz band alone. If the A curve were used, but
the high-frequency boost were deleted, en would be
0.91 ,.V; and 94% would arise in the 800-12,800 Hz band
alone.

The three different methods of measuring would only pro-
duce a difference of +3.5 dB in overall SIN, however the
prime sources of the largest part of the noise and the fre-
quency character of the noise can vary greatly with the test
or measurement conditions. It is, then, quite important to
know the method of measurement in order to know which
individual noise sources in Figure 6 must be reduced in or-
der to significantly improve SIN.

APPENDIX I
Derivation of AOPT:

8R2 + 8;;2 + 1;:;2Agen2
NF =1010g _

eR2

10 log (1 +e;;2 +~ Agen2)
eR2

0.435 4 kTAB (2A 1;:;2)- (8;;2 + 1;:;2A2)4 kTB

(4 kTAB)2 1 + (en2 + in2 A2)/4 kTAB

where: A = Agen
Set this = 0, and

4 kTAB(2A in2) = 4 kTB (en2 + in2 A2)

2 in2 A2 = en2 + in2 A2

in2 A2 = en2

A2 = en2/in2

AOPT = ~
In

APPENDIX II
Selecting Agen for highest SIN.

e' 2SIN = sig
B(eR2 + en2 + in2 A2)

For SIN to increase with A,

IlSIN--aR>0

2. Select on the basis of low values of en and especially in if
Agen is over about a thousand fl..

3. Don't select on the basis of NF or AOPT in most cases.
NF specs are all right so long as you know precisely how
to use them and so long as they are valid over the fre-
quency band for the Agen or Zgen with which you must
work.

4. Be sure to (root) sum all the noise sources en, in and eR
in your system over appropriate bandwidth.

5. The higher frequencies are often the most important un-
less there is low frequency boost or high frequency atten-
uation in the system.

6. Don't forget the filtering effect of the human ear in audio
systems. Know the eventual frequency emphasis or filter-
ing to be employed.

IlSIN = 2esig (llesig/IlA) (8R2 + 8;;2 + 1;:;2A2) - esig2 (4 kT + 21;:;2A)

IlA B(eR2 + en2 + in2 A2)2



APPENDIX II (Continued)

If we set > 0, then

FOresig = k1 R, llesig/llR = k1

2 k1 (eR2 + en2 + in2 R2) > k1R (4 kT + 2 in2 R)

2 eR2 + 2 en2 + 2 in2 R2 > 4 kTR + 2 in2 R2

eR2 + 2 en2 > 0

Then SIN increases with Rgen for any amplifier.

For any esig < k1 ,JR, an optimum Rgen may be determined. Take, for example, esig = k1 R0.4, llesig/llR = 0.4k1 R-O.6

(0.8 k1/RO.6) (eR2 + en2 + in2 R2) > k1 R0.4 (4 kT + 2 in2 R)

0.8 eR2 + 0.8 en2 + 0.8 in2 R2 > 4 kTR + 2 in2 R2

0.8 en2 > 0.2 eR2 + 1.2 in2 R2

Then SIN increases with Rgen until

0.25 eR2 + 1.5 in2 R2 = en2



Fast Ie Power Transistor
with Thermal Protection

INTRODUCTION

Overload protection is perhaps most necessary in power
circuitry. This is shown by recent trends in power transistor
technology. Safe-area, voltage and current handling capa-
bility have been increased to limits far in excess of package
power dissipation. In RF transistors, devices are now avail-
able and able to withstand badly mismatched loads without
destruction. However, for anyone working with power tran-
sistors, they are still easily destroyed.

Since power circuitry, in many cases, drives other low level
circuitry-such as a voltage regulator-protection is doubly
important. Overloads that cause power transistor failure can
result in the destruction of the entire circuit. This is because
the common failure mode for power transistors is a short
from collector to emitter-applying full voltage to the load.
In the case of a voltage regulator, the raw supply voltage
would be applied to the low level circuitry.

A new monolithic power transistor provides virtually abso-
lute protection against any type of overload. Included on the
chip are current limiting, safe area protection and thermal
limiting. Current limiting controls the peak current through
the chip to a safe level below the fuzing current of the alumi-
num metalization. At high collector to emitter voltage the
safe area limiting reduces the peak current to further protect
the power transistor. If, under prolonged overload, power
dissipation causes chip temperature to rise toward destruc-
tive levels, thermal limiting turns off the device keeping the
devices at a safe temperature. The inclusion of thermal lim-
iting, a feature not easily available in discrete circuitry
makes this device especially attractive in applications where
normal protective schemes are ineffective.

The device's high gain and fast response further reduce
requirements of surrounding circuitry. As well as being used
in linear applications, the IC can interface transistor-transis-
tor logic or complementary-MOS logic to power loads with-
out external devices. In fact, the input-current requirement
of 3 microamperes is small enough for one CMOS gate to
drive over 400 LM195's.

Besides high dc current gain, the IC has low input capaci-
tance so it can be easily driven from high impedance sourc-
es--even at high frequencies. In a standard TO-3 power
package, the monolithic structure ties the emitter, rather
than the collector, to the case effectively boot-strapping the
base-to-package capacitance. Additionally, connecting the
emitter to the package is especially convenient for ground-
ed emitter circuits.

The device is fully protected against any overload condition
when it is used below the maximum voltage rating. The cur-
rent-limiting circuitry restricts the power dissipation to 35
watts, 1.8 amperes are available at collector-to-emitter volt-
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age of 17V decreasing to about 0.8 amperes at 40V. In reali-
ty, however, like standard transistors, power dissipation in
actual use is limited by the size of the external heat sink.

Switching time is fast also. At 40V 25 Ohm load can be
switched on or off in a relatively fast 500 ns. The internal
planar double diffused monolithic transistors have an ft of
200 MHz to 400 MHz. The limiting factor on overall speed is
the protective and biasing circuitry around the output tran-
sistors. An important performance point is that no more than
the normal 3 /LA base current is needed for fast switching.

To the designer, the LM195 acts like an ordinary power tran-
sistor, and its operation is almost identical to that of a stan-
dard power device. However, it provides almost absolute
protection against any type of overload. And, since it is man-
ufactured with standard seven-mask IC technology, the de-
vice is produceable in large quantities at reasonable cost.

CIRCUIT DESIGN

Besides the protective features, the monolithic power tran-
sistor should function as closely to a discrete transistor as
possible. Of course, due to the circuitry on the chip, there
will be some differences.

Figure 1 shows a simplified schematic of the power transis-
tor. A power NPN Darlington is driven by an input PNP. The
PNP and output NPN's are biased by internal current source
11. The composite three transistors yield a total current gain
in excess of 106 making it easy to drive the power transis-
tors from high impedance sources. Unlike normal power
transistors, the base current is negative, flowing out of the
PNP. However, in most cases this is not a problem.

COLLECTOR

I
I
I
I
I
IL _

.-------
I
I
I

BASE I

---,
I
I
I
I
I
I
I
I

TLIH/7418-1

FIGURE 1. Simplified Circuit of the LM195



The input PNP transistor is made with standard IC process-
ing and has a reverse base-emitter breakdown voltage in
excess of 40V. This allows the power transistor to be driven
from a stiff voltage Sourcewithout damage due to excessive
base current. At input voltages in excess of about 1V the
input PNP becomes reverse biased and no current is drawn
from the base lead. In fact it is possible for the base of the
monolithic transistor to be driven with up to 40V even
though the collector to emitter voltage is low. Further, the
input PNP isolates the base drive from the protective circuit-
ry insuring that even with high base drive the device will be
protected. When the device is turned off current 11 is shunt-
ed from the base of the NPN transistor by the PNP and
appears at the emitter terminal. This sets the minimum load
current to about 2 mA, not a severe restriction for a power
transistor. Because of the PNP and 11, the power transistor
turns "on" rather than "off" if the base is opened; however,
most power circuits already include a base-emitter resistor
to absorb leakage currents in present power transistors.
A schematic of the LM195 is shown in Figure 2. The circuitry
is biased by four current sources comprised of 04,07,08
and 09. The operating current is set by 05 and Q6 and is
relatively independent of supply voltage. FET 01 and R2
insure reliable starting of the bias circuitry while 01 clamps
the output of the FET limiting the starting current at high
supply voltage.
The output transistors 019 and 020 are driven from input
PNP 014. Current limiting independent of temperature
changes is provided by 021, 016, and 015. At high collec-
tor to emitter voltages the current limit decreases due to the
voltage across R21 from 03, 04 and R20. The double emit-
ter structure used on 021 allows the power limiting to more
closely approximate constant power curve rather than a

straight line decrease in output current as input voltage in-
creases.
Transistor 013 thermally limits the device by removing the
base drive at high temperature. The actual temperature
sensing is done by 011 and 012 with 010 regUlating the
voltage across the sensors so thermal limit temperature re-
mains independent of supply. As temperature increases, the
collector current of 011 increases while the VBE of 012
decreases. At about 17O"Cthe 012 turns on 013 removing
the base drive from the output transistors. Finally, Cl, 02
and 03 boost operating currents during switching to obtain
faster response time and 017 and 018 compensate for hIe
variations in the power devices.

PERFORMANCE
The new power transistor is packaged in a standard TO-3
transistor package making it compatible with standard pow-
er transistors. An added advantage of the monolithic struc-
ture is that the emitter is tied to the case rather than the
collector. This allows the device to be connected directly to
ground in collector output applications.
A photomicrograph of the LM195 is shown in Figure 3. More
than half of the die area is needed for the output power
transistor (020). Actually, the power transistor is many indi-
vidual small transistors connected in parallel with a common
collector. Partitioning the power device into small discrete
areas improves power handling over a single large device.
Firstly, the power device has ten base sections spread
across the chip. Between the base diffusion are N+ collec-
tor contacts. Each section has its own emitter ballasting
resistor to insure current sharing between sections. One of
these resistors is used to sense the output current for cur-
rent limiting.

""RIS 2k
Z6.



FIGURE 3. LM195 Chip

TABLE I. Typical Performance

Collector to Emitter Voltage

Base to Emitter Voltage (max.)

Peak Collector Current (internally limited)

Reverse Base Emitter Voltage

Base to Emitter Voltage (Ie = 1.0 amp)

Base Current

Saturation Voltage

Switching Time (turn on or turn off)

Power Dissipation (internally limited)

Thermal Limit Temperature

Maximum Operating Temperature

Thermal Resistance (Junction to Case)

42V

42V

1.8 amps

20V

0.9V

31-'A
2V

500 ns

35 watts

165'C

150'C

2.3'C/W

A detail of one of the base sections is shown in Figure 4. An
interdigitated structure is used with alternating base con-
tacts and emitter stripes. Integrated into each emitter is an
individual emitter ballasting resistor to insure equal current
sharing between emitters in each section. Aluminum metali-
zation runs the length of the emitter stripe to prevent lateral

voltage drop from debiasing a section of the stripe at high
operating currents. All current in the stripe flows out through
the small ballasting resistor where it is summed with the
currents from the other stripes in the section. The partition-
ing in conjunction with the emitter resistor gives a power
transistor with large safe-area and good power handling ca-
pability.

APPLICATIONS

With the full protection and high gain offered by this mono-
lithic power transistor, circuit design is considerably simpli-
fied. The inclusion of thermal limiting, not normally available
in discrete design allows the use of smaller heat sinks than
with conventional protection circuitry. Further, circuits where
protection of the power device is difficult-ff not impossi-
ble-now cause no problems.

For example, with only current limiting, the power transistor
heat sink must be designed to dissipate worst case over-
load power dissipation at maximum ambient temperature.
When the power transistor is thermally limited, only normal
power need be dissipated by the heat sink. During overload,
the device is allowed to heat up and thermally limit, drasti-
cally reducing the size of the heat sink needed.

Switching circuits such as lamp drivers, solenoid drivers or
switching regulators do not dissipate much power during
normal operation and usually no heat sink is necessary.
However, during overload, the full supply voltage times the
maximum output current must be dissipated. Without a large
heat sink standard power transistors are quickly destroyed.

Using this new device is easier than standard power transis-
tors but a few precautions should be observed. About the
only way the device can be destroyed is excessive collector
to emitter voltage or improper power supply polarity. Some-
times when used as an emitter follower, low level high fre-
quency oscillations can occur. These are easily cured in-
serting a 5k-10k resistor in series with the base lead. The
resistor will eliminate the oscillation without effecting speed
or performance. Good power supply bypassing should also
be used since this is a high frequency device.

EMITIER
CONTACT CUTOUT

FOR OUTPUT CURRENT
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LM1033.9V

'Sixty turns wound on arnold type A-Q83081·2 core.

··Four devices in parallel.

tSolid tentelum.

FIGURE 5. 6 Amp Variable Output Switching Regulator

Figure 5 shows a 6 amp, variable output switching regulator
for general purpose applications. An LM105 positive regula-
tor is used as the amplifier-reference for the switching regu-
lator. Positive feedback to induce switching is obtained from
the LM105 at pin 1 through an LM103 diode. The positive
feedback is applied to the internal amplifier at pin 5 and is
independent of supply voltage. This forces the LM105 to
drive the pass devices either "on" or "off," rather than lin-
early controlling their conduction. Negative feedback, de-
layed by L1 and the output capacitor, C2, causes the regula-
tor to switch with the duty cycle automatically adjusting to
provide a constant output. Four LM195's are used in parallel
to obtain a 6 amp output since each device can only supply
about 2 amps. Note that no ballasting resistors are needed
for current sharing. When 01 turns "on" all bases are pulled
up to V+ and no base current flows in the LM195 transis-
tors since the input PNP's are reverse biased.
A two terminal current/power limiter is shown in Figure 6.
The base and collector are shorted-turning the power tran-
sistor on. If the load current exceeds 2 amps, the device
current limits protecting the load. If the overload remains on,
the device will thermal limit, further protecting itself and the
load. In normal operation, only 2V appear across the device
so high efficiency is realized and no heat sink is needed.
Another method of protection would be to place the mono-
lithic power transistor on a common heat sink with the de-
vices to be protected. Overheating will then cause the
LM195 to thermal limit protecting the rest of the circuitry.

TL/H/7418-8

FIGURE 6. Two Terminal Current Limiter

The low base current make this power device suitable for
many unique applications. Figure 7 shows a time delay cir-
cuit. Upon application of power or 51 closing, the load is
energized. Capacitor C1 slowly charges toward V- through
R1. When the voltage across R1 decreases below about 0.8
volts the load is de-energized. Long delays can be obtained
with small capacitor values since a high resistance can be
used.

RESET~ SW,
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Figures 8 and 9 show how the LM195 can be used with
standard Ie's to make positive or negative voltage regula-
tors. Since the current gain of the LM195 is so high, both
regulators have better than 2 mV load regulation. They are
both fully overload protected and will operate with only 2V
input-to-output voltage differential.
An optically isolated power transistor is shown in Figure 10.
01 and 02 are almost any standard optical isolator. With no
drive, R1 absorbs the base current of 01 holding it off.
When power is applied to the LED, 02 allows current to flow

+

from the collector to base. Less than 20 I-'A from the diode
is needed to turn the LM195 fully on.
An alternate connection for better ac response is to return
the cathode of 02 to separate positive supply rather than
the collector of 01, as shown in Figure 11, eliminating the
added collector to base capacitance of the diode. With this
circuit a 40V 1 amp load can be switched in 500 ns. Of
course, any photosensitive diode can be used instead of the
opto-isolator to make a light activated switch.

or

v-
TLiH/741B-l1

FIGURE 11. Fast Optically Isolated SwitchTLlHI741B-l0

FIGURE 10. Optically Isolated Power Transistor
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• Protects against excessive
base drive.

··Needed for stability.

COLLECTOR

TUH17418-13

FIGURE 14. Power Op Amp

A power lampflasher is shownin Figure 12.It is designedto tive loads can cause oscillation. If due to layout. the quasi-
flash a 12V bulb at about a once-per second rate. The re- complimentary loop oscillates, collector to base capaci-
verse basecurrentof 02 providesbiasingfor 01 eliminating tance on 01 will stabilize it. A simpler power op amp for up
the need for a resistor. Typically, a cold bulb can draw 8 to 300 Hz operation is shown in Figure 15.
times its normal operatingcurrent.Since the LM195 is cur- One of the more difficult circuit types to protect is a current
rent limited. high peak currents to the bulb are not experi- regulator.Since the current is alreadyfixed, normal protec-
enced duringturn-on.This prolongsbulb life as well as eas- tion doesn't work. Circuits to limit the voltage across the
ing the load on the power supply. current regulator may allow excessive current to flow
Since no PNP equivalent of this device is available, it is throughthe load.Aboutthe only protectionmethodthat pro-
advantageousto use the LM195 in a quasi-complementary tects both the regulatorand the drivencircuit is thermallim-
configurationto simulatea power PNP.Figure 13 shows a iting.
quasi PNPmadewith an LM195.A low current PNPis used A 100 mA.two terminalregulatoris shown in Figure 16.The
to drive the LM195as the poweroutputdevice.ResistorR1 circuit has low temperaturecoefficient and operates down
protects against overdrivedestroyingthe PNPand, in con- to 3V.Onceagain,the reversebasecurrentof the LM195to
junction with C1, frequencycompensatesthe loop against bias the operatingcircuitry.
oscillations.Resistor R2 sets the operatingcurrent for the A 2N2222 is used to control the voltage across a current
PNPand limits the collector current. sensingresistor,R2 and diode D1,and thereforethe current
Figure 14shows a power op amp with a quasi-complemen- throughit. The voltage across the sense network is the VSE
tary poweroutputstage.01 and 02 form the equivalentof a of the 2N2222plus 1.2Vfrom the LM113. In the sense net-
power PNP.The circuit is simply an op amp with a power work R2 sets the currentwhile D1 compensatesfor the VSE
output stage. As shown, the circuit is stable for almost any of the transistor. Resistor R1 sets the current through the
load.Better bandwidthcan be obtainedby decreasingC1to LM113to 0.6 mA.
15 pF (to obtain 150 kHz full output response),but capaci-



Ql
LM195

D1 R1

lN914 10k
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C3
22 pF

Q2

tSolid tantalum.
LM195

TLlH17418-16

FIGURE 16. Two Terminal 100 mA Current Regulator

CONCLUSIONS
A new IC power transistor has been developed that signifi-
cantly improves power circuitry reliability. The device is virtu-
ally impossible to destroy through abuse. Further it has high
gain and fast response. It is manufactured with standard

seven mask IC technology making it produceable in large
quantities at reasonable prices. Finally, in addition to the
protection features, it has high gain simplifying surrounding
circuitry.



Wide Range Function
Generator

The sine, square, triangle function generator has proven to
be exceptionally useful. Various IC circuits have been pub-
lished for generating square and triangle waveforms in an
attempt to duplicate the general purpose function generator.
However, these simple circuits are usually limited to about
10kHz and have no sine wave output. The function genera-
tor shown here provides all three waveforms and operates
from below 10Hz to 1 MHz with usable output to about
2 MHz.

DESIGN
As with most function generators, an integrator-comparator
generates the square and triangle waveforms with a shap-
ing circuit forming the triangle wave into a sine wave.

Obtaining six decades of operating with a single control plus
2 MHz operation requires some unusual circuit design tech-
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niques as well as good high frequency IC's. The triangle
wave is generated by switching current-source transistors to
alternately charge and discharge the timing capacitor. This
generates a linear tri-wave without the use of an op amp
integrator. A FET voltage follower buffers the tri-wave and
drives the comparator, output amplifier and sine converter.

A precision dual comparator is used to set the peak-to-peak
amplitude of the tri-wave. It is necessary to accurately con-
trol the tri-wave since the sine converter requires close am-
plitude control to produce a low distortion output. An accu-
rate divider across the 5V supply regulators sets the thresh-
old at the inputs of the LM319 comparator. The tri-wave is
applied to the other comparator inputs through another di-
vider-R8, R9, R10 and C2. The comparator switches when
the amplitude of the tri-wave is ±2.5V. Capacitor C2 com-
pensates for delays in the comparator at high frequencies.

-: R10
100

R'
2k

R13 C2 D6
Uk 150pF 1N914

R8

D4 2'
1N914

R21

TRIGGEa
k

Rl3 OUTPUT
4.1k



PARTS LIST

R1 6300 1% C1 250pF

R2 500 1% C2 750pF
R3 560 5% C3 5pF
R4 4.7k 5% C4 0.1/LF
R5 1.2k 1% C5 0.1/LF
R6 1.2k 1% C6 0.1/LF
R7 1.4K 1% C7 500/LF 25V
R8 2k 5% C8 500/LF 25V
R9 2k 5% C9 4.7/LF Solid Tantalum
R10 1000 5% C10 4.7/LF Solid Tantalum
R11 1000 potentiometer C11 4.7/LF Solid Tantalum
R12 8600 5% C12 4.7/LF Solid Tantalum
R13 1k 5% C13 5 pF
R14 1000 PC mount trimpot
R15 8600 5%
R16 1000 PC mount trimpot 01-02 2N2920 Dual NPN
R17 6300 5% 03-04 2N3810 Dual PNP
R18 2.4k 5% 05 2N2222
R19 5000 5% 06-07 2N2920 Dual NPN
R20 2k 5% 08 2N2222
R21 1k 5%
R22 2.2k 5% D1-D7 1N914
R23 3.3k 5% 1-Varo VE27 Full Wave Bridge
R24 3.6k 5%
R25 10k potentiometer 1-LM318H Operational Amplifier
R26 1k 5% 1-LM319N Dual Comparator
R27 3k 5% 1-LH0033C Fast Buffer
R28 18k 5% 1-LM340K 12V Positive Voltage Regulator
R29 18k 5% 1-LM320K -12V Negative Voltage Regulator
R30 500 5% 1-LM309H 5V Positive Voltage Regulator
R31 1k 5% 1-LM320H -5V Negative Voltage Regulator
R32 6300 5%
R33 4.7k 5% T1 = Triad F90X
R34 5.1k 5%
R35 510 5% S1-3 Position ST Switch
R36 3600 5% S~PST Switch
R37 7500 5%
R38 5000 5% Y. Amp Fuse and Holder-PC Board, Mounting Hardware, etc.
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A square wave output from the comparator is obtained at
the emitter of 05 and is used to drive both the current
switches and output amplifier. The current switches-Q1,
02, 03, 04-provide a 5 nA to 5 mA current to timing ca-
pacitor, C1. The exponential relationship between emitter-
base voltage and collector current allows a six decade cur-
rent range to be obtained with a single potentiometer. The
maximum output current is set by the current through R15
and RH (depending on polarity) and appears when the arm
of the frequency control, R11, ties all four emitters together.
As R11 is rotated, a voltage is developed between the emit-
ters of 01-04 and 02-03. This voltage decreases the emit-
ter base voltage of 01 and 04 decreasing their operating
current. About 380 mV is developed across R11 and corre-
sponds to over a 106 reduction in charging current. Convert-
ing the tri-wave to a sine wave also uses the non-linear
relationship between emitter-base voltage and collector cur-
rent of a transistor pair.
Transistors Q6 and 07 form a differential amplifier with
emitter degeneration. The tri-wave is attenuated by R1 and
R2 to about 450 mV and applied to one half of the pair-Q6.
This drives the transistors non-linearly producing a sine
wave output current at the collector of 07 to drive the out-
put amplifier.
The output amp, an LM318, uses feedforward compensa-
tion to maximize bandwidth and slew rate. It is used for ad-
justable scaling of all three waveforms to ± 10V. Even with
the feedforward, there is not quite enough bandwidth for
good reproduction of the triangle or square wave at frequen-
cies over 1 MHz. Therefore, if the higher frequencies are of
major interest, a faster output amplifier is necessary.

CONSTRUCTION AND SET UP
It is important to observe good construction practices for
proper operation. All four power supplies should be by-
passed with 4.7 ,.F solid tantalum capacitors on the circuit
board. Since the circuit operates at relatively high frequen-
cies, short leads and a compact layout is a good idea. The
wiring to the function selector switch should be made with
shielded wire to minimize spikes from the fast square wave.
At low frequencies, charging currents to the timing capacitor
are quite low, so 60 Hz pickup can modulate the operating
frequency. Shielding the current sources and C1 from the
power transformer is in order.
All transistors used to set the timing currents must track with
temperature changes. Of course, the individual pairs will
track but the NPN pair must also track the PNP pair as well.
There are many small heat sinks for transistors which can
be used to thermally couple 01, 02, to 03, 04. Tempera-
ture differences between the pair will cause the symmetry to
change.
Set up is not difficult either. Firstly, R11 is set for a 1 MHz
output. Then R16 is used to adjust the output symmetry.
Secondly, R11 is set to provide a 10Hz output and the
symmetry is again adjusted by R14.
Other possible adjustments that may be necessary are in
the sine converter. R7 can be trimmed if the sine output
(from the LM318) has a dc offset. Also, it may be necessary
to adjust R2 to minimize distortion. (It should be mentioned
that there can be considerable distortion if the symmetry of
the tri-wave is not 50%.)
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LM358 Dual, Single Supply Jim Sherwin

OpAmp

INTRODUCTION
Use the LM158/LM258/LM358 dual op amp with a single In many applications the LM158/LM258/LM358 can also
supply in place of the LM1458/LM1558 with split supply and be used directly in place of LM1558 for split supply opera-
reap the profits in terms of: tion.
a. Input and output voltage range down to the negative SINGLE SUPPLY OPERATION

(ground) rail The LM1458/LM1558 or similar op amps exhibit several im-
b. Single supply operation portant limitations when operated from a single positive (or
c. Lower standby power dissipation negative) supply. Chief among these is that input and output
d. Higher output voltage swing signal swing is severely limited for a given supply as shown

e. Lower input offset current in Figure 1. For linear operation, the input voltage must not
reach within 3 volts of ground or of the supply, and output

f. Generally similar performance otherwise range is similarly limited to within 3-5 volts of ground or
The main advantage, of course, is that you can eliminate the supply. This means that operation with a + 12V supply
negative supply in many applications and still retain equiva- could be limited as low as 2 Vp-p output swing. The LM358
lent op amp performance. Additionally, and in some cases however, allows a 10.5 Vp-p output swing for the same 12V
more importantly, the input and output levels are permitted supply. Admittedly these are worst case specification limits,
to swing down to ground (negative rail) potential. Table I but they serve to illustrate the problem.
shows the relative performance of the two in terms of guar-
anteed and/or typical specifications.

TABLE I. Comparison of Dual Op Amps LM1458 and LM358

Characteristic LM1458 LM358

VIO 6mVMax 7mVMax

CMVI 24 Vp-p· 0-28.5V·

110 200 nA 50nA

loe 500 nA -500nA

CMRR 60 dB Min @100 Hz 85dB Typ @DC
gO dB Typ

en @1 kHz, RGEN10 kO 45 nV/~Typ 40nV/~Typ··

llN 200 MO Typ Typ 100MO

AVOL 20kMin 100k Typ
100k Typ

fe 1.1 MHzTyp 1 MHzTyp··

Pew 14 kHz Typ 11 kHz Typ··

dVo/dt 0.8V/",s Typ 0.5V/",s Typ··

Vo @RL = 10k/2k 24120 Vp-p· 28.5Vp-p

Isc 20 mA Typ Source 20 mA Min (40 Typ)
Sink 10 mA Min (20 Typ)

PSRR@DC 37dB Min 100 dB Typ
gO dB Typ

lo(RL = 00) 8mAMax 2mAMax
tFrom laboratory measurement

"Based onVs = 30VonLM358only,orVs - ± 15V
··From data sheet typical curves



CMV'N' {I ±3V CMV'N {
0-10.5V

ACGAIN
For AC signals the input can be capacitor coupled. The in-
put common mode and quiescent output voltages are fixed
at one-half the supply voltage by a resistive divider at the
non-inverting input as shown in Figure 2. This quiescent out-
put could be set at a lower voltage to minimize power dissi-
pation in the LM358, if desired, so long as Va;;" VIN pk. For
the LM1458 the quiescent output must be higher, Va ;;" 3V
+ VIN pk thus, for small signals, power dissipation is much
greater with the LM1458. Example: Required Vo = Va ± 1V
pk into 2k, VSUPPLY = as required. Find quiescent dissipa-
tion in load and amplifier for LM1458 and LM358.

LM1458
Vo=4V

VSUPPLy=8V
42

PLOAO=2'k =8 mW

PO=PD+(Vs-Vo) IL
4V

=22 mW+(8-4)2k

Po=22+8=30 mW

PTOTAL =30+8=38 mW

Vo= +1V

VSUPPLY= +3.5V

EL2 1
PLOAO=-= -=0.5mW

RL 2k

Po=Vsl!f + (Vs-Vo)IL
1V

=3.5VXO.7 mA+(3.5-1)2k

Po=2.45+1.25=3.7 mW

PTOTAL =3.7+0.5=4.2 mW

The LM1458 requires over twice the supply voltage and
nearly 10 times the supply power of the LM358 in this appli-
cation.

INVERTING DC GAIN
Connections and biasing for DC inverting gain are essential-
ly the same as for the AC coupled case. Note, of course,
that the output cannot swing negative when operated from a
single positive supply. Figure 3 shows the connections and
signal limitations.

NON-INVERTING DC GAIN
The non-inverting gain connection does not require the Va
biasing as before; the inverting input can be returned to
ground in the usual manner for gains greater than unity, (see
Figure 4). A tremendous advantage of the LM358 in this
connection is that input signals and output may ex1end all
the way to ground; therefore DC signals in the low-millivolt
range can be handled. The LM1458 still requires that
VIN = 3-17V. Therefore maximum gain is limited to Av =
(VO-3)/3, or Av max = 5.4 for a 20V supply.

There is no similar limitation for the LM358.



ZERO T.C. INPUT BIAS CURRENT
An interesting and unusual characteristic is that IIN has a
zero temperature coefficient. This means that matched re-
sistance is not required at the input. allowing omission of
one resistor per op amp from the circuit in most cases.

BALANCED SUPPLY OPERATION
The LM358 will operate satisfactorily in balanced supply op-
eration so long as a load is maintained from output to the
negative supply.

·R1 = 0:) for Av = + 1

Av :s; 5.4 for 20V Supply

VIRTUAl/-:
GROUNDS

Crossover (distortion) occurs at Va = Vs- ~
RL+RF

·R1 = 00 forAy = +1

Av not limited
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The output load to negative supply forces the amplifier to
source some minimum current at all times, thus eliminating
crossover distortion. Crossover distortion without this load
would be more severe than that expected with the normal
op amp. Since the single supply design took notice of this
normal load connection to ground, a class AS output stage
was not included. Where ground referenced feedback resis-
tors are used as in Figure 5, the required load to the nega-
tive supply depends upon the peak negative output signal
level desired without exhibiting crossover distortion. RL to
the negative rail should be chosen small enough that the
voltage divider formed by RF and RL will permit Vo to swing
negative to the desired point according to the equation:

V~ - Vo
RL=RF~'

RL could also be returned to the positive supply with the
advantage that Vo max would never exceed (Vs+ - 1.5V).
Then with ±15V supplies RL MIN would be 0.12 RF. The
disadvantage would be that the LM358 can source twice as
much current as it can sink, therefore RL to negative supply
can be one-half the value of RL to positive supply.

The need for single or split supply is based on system re-
quirements which may be other than op amp oriented. How-
ever if the only need for balanced supplies is to simplify the
biasing of op amps, there are many systems which can find
a cost effective benefit in operating LM358's from single
supplies rather than standard op amps from balanced sup-
plies. Of the usual op amp circuits, Table II shows those few
which have limited function with single supply operation.
Most are based on the premise that to operate from a single
supply, a reference Vo at about one-half the supply be avail-
able for bias or (zero) signal reference. The basic circuits
are those listed in AN-20.

TABLE II. Conventional Op Amp Circuits
Suitable for Single Supply Operation

Application
AC Coupled amp:!:
Inverting amp
Non-inverting amp
Unity gain buffer
Summing amp
Difference amp
Differentiator
Integrator
LPFilter
I-V Connector
PECeliAmp
I Source
I sink
Volt Ref
FW Rectifier
Sine wave osc
Triangle generator
Threshold detector
Tracking, regulator PS
Programmable PS
Peak Detector

Limitations
Vo"
Vo
OK"
OK

Vo
Vo
Vo
Vo
Vo
Vo
OK 1.5
IOMIN =-
OK R1
OK
Vo or modified circuit

Vo
Vo
OK
Not practical
OK
OKtoVIN = 0

tSee AN20 for conventional circu~s

·Va denotes need for a reference voltage, usually at about ~

OK means no reference voltage required



LM 143 Monolithic
High Voltage
Operational Amplifier
Applications

INTRODUCTION
The LM143 is a general purpose, high voltage operational
amplifier featuring ± 40V maximum supply voltage opera-
tion, output swing to ± 37V, ± 38V input common-mode
range, input overvoltage protection up to ± 40V and slew
rate greater than 2V/ ",s·. Offset null capability plus low in-
put bias and offset currents (8 nA and 1 nA respectively)
minimize errors in both high and low source impedance ap-
plications. Due to isothermal symmetry of the chip layout,
gain is constant for loads ~ 2 kO at output levels to ±37V.
Because of these features, the LM143 offers advantages
not found in other general purpose op amps. The LM143
may, in fact, be used as an improved performance, plug-in
replacement for the LM741 in most applications.
This paper describes the operation of the LM143 and pre-
sents applications which take advantage of its unique, high
voltage capabilities. Obviously, other applications exist
where the low input current and high slew rate of the LM143
are useful. (See AN-29 on the LM108.) Application tips are
included in the appendix to guide the user toward reliable,
trouble-free operation.

CIRCUIT DESCRIPTION
A simplified schematic of the LM143, shown in Figure 1,
illustrates the basic circuit operation. The super-/3 input
transistors(1), 01 and 02, are used as emitter followers to
achieve low input bias currents. Although these devices ex-
hibit /3 = 2000-S000, they inherently have a low collector-
base breakdown voltage of about 4V. Therefore, active volt-
age clamps 03 and 04 protect 01 and 02 under all input

National Semiconductor
Application Note 127

conditions including common-mode and differential over-
voltage. Other NPNs in the circuit are representative of
those found in standard Ie op amps (J3 :::: 200, LVCEO=

SO-70Y).
The input stage differential amplifier 07 and 08 with large
base width exhibit LVCEO= 90V to 110V and high BVEBO
so readily withstand input overvoltages. The total input
stage collector current (11= 80 ",A) is made higher than in
most op amps to improve slew rate. Emitter degeneration
resistors, R10 and R11, reduce transconductance(2) to limit
small signal bandwidth at 1 MHz for a phase margin of 7S0.
016 and 017 function as active collector loads for 07 and
08 and provide differential to single-ended current conver-
sion with full differential gain.
One of the highest breakdown voltages available in stan-
dard planar NPN processing is the collector-base, BVCBO
which is typically 90V to 120V. To make use of this high
voltage capability in the active region, the second stage
consists of a cascode (common emitter-common base pair)
connection of 021 and 023. The internal voltage bias VB1,
shunts avalanche-induced leakage current away from the
base of 021, avoiding /3 multiplication as found in the
LVCEOmode. 023 and emitter follower 022 are internally
biased at a low voltage so the BVCEOmode is impossible.
Frequency compensation is achieved with an internal, high
voltage capacitor, Cc.
• An externally compensated version of the LM143. the LM144, offers even
higher slew rate in most applications. The LM144 is pin-for·pin compatible
with the LM101A.



The second stage drives a complementary class AS output
stage. A cascode connection of 032 and 034 is again em-
ployed for high breakdown voltage. The associated voltage
bias, VB2, is internally derived. A Darlington PNP pair, 039
and 040 with SVCEO = 100V, provides the active pull-
down.

HIGH VOLTAGE APPLICATIONS
The following applications make use of the high voltage ca-
pabilities of the LM143. As with most general purpose op
amps, the power supplies should be adequately bypassed
to ground with 0.1 /LF capacitors.

130 Vp-p Drive to a Floating Load
A circuit diagram using two LM143's to drive up to 130V
peak-te-peak is given in Figure 2.

A non-inverting voltage amplifier, with a gain of Ay = 1 +
(R2/R1), is followed by a unity gain inverter. The load is
applied across the outputs of A1 and A2. Therefore,
VOUT= V1 - V2 = V1 - (-V1) = 2V1. If V1 = 65 Vp-p,
then 2V1 = 130 Vp-p.
The above circuit was breadboarded and the results are as
follows:
i) Maximum output voltage: 138 Vp-p unclipped into 10 kO

load
ii ) Slew rate: 6V/ /Ls

± 34V Common-Mode Range Instrumentation Amplifier
An instrumentation amplifier with ±34V common-mode
range, high input impedance and a gain of X1000 is shown
in Figure 3.
For a differential input signal, VIN,A1 and A2 act as non-in-
verting amplifiers of gain AY1 = 1 + (2R1/R2), where
R1 = R3. However, the gain is unity for common-mode

•..."
...•

.•....•.• ,...•,.•.•
.•.•.•...••....

6V1 10k "

,.•... .•.•. .•.•.

TUHI7432-2

FIGURE 2. 130V Drive Across a Floating Load
signals since voltages V1 and V2 are in phase, and no cur-
rent flow is developed through R1, R2 and R3. The second
stage is simply an op amp connected as a simple differential
amplifier of gain, AY2 = (R5/R4), where R5 = R7 and
R4 = R6. The total gain of the instrumentation amplifier is

A = (1 + ~) (R5) = (1 + 2 x 100k) (1.0M)
Y R2 R4 22.22k 10k

= 1000
R7 may be adjusted to take up the resistance tolerances of
R4, R5 and R6 for best common-mode rejection (CMR).
Also, R2 may be made adjustable to vary the gain of the
instrumentation amplifier without degrading the CMR.

.•.•.
.•...,,

VOUT

(
2 R1) R5

Av - 1 + R2 R4 Where: R4 ~ R6
R5 = R7

All resistors are 1 o.4, Y.W
'R2 may be adjustable to trim the gain.

··R7 may be adjusted to compensate for the resistance tolerance of R4-A7
for best CMR.

TLIH/7432-3

FIGURE 3. Wide Common-Mode Range Instrumentation Amplifier



Laboratory evaluation of this circuit revealed noise and
CMR data as follows:
i) Frequency response with 10k load and Av = 1000:

-3.0 dB at 8.9 kHz
ii) CMR measurements (common-mode signal of ± 34

Vp-p) in Figure 4

iii ) Noise measurements in Figure 5

100

DO

~
II: 80
II:~..

70

60
0 100 200 300 400

, (Hz)

TL/H/7432-4

FIGURE 4. Common-Mode Rejection Measurements
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FIGURE 5. Noise Measurements

High Compliance Current Source
A current source with a compliance of ± 28V is shown in
Figure 6.

TL/HI7432-6

All resistors 1% metal film, Y.W unless otherwise specified.

The non-inverting input of the op amp senses the current
through R4 to establish an output current, 10 proportional to
the input voltage. The expression for 10 is

_ EIN R2 = _ 0.1 mA EIN.
10 = Rl R4 V

R3 keeps the circuit stable under any value of load resist-
ance. Measured circuit performance is as follows:

lOMAX= ±3.S mA at EIN = ± 3SV
ROUT= 2 MO at 'OUT= ±2.0 mA

CURRENT BOOSTED APPLICATIONS
Because of the high voltage capability of the LM143, some
thought must be given for the selection of the minimum load
resistance. At an ambient temperature of 2SoC,lhe LM143
can dissipate 680 mW. Worst case dissipation arises when
the load resistance Rl is connected to one supply and
Vo = O. Then the amplifier sources 10 = (38V/RLl with
38V internal voltage drop. During this condition,

El2 (38V}2
PMAX=680mW =- =--

Rl Rl
1444V2

orRl = 680mW::::: 2.1 kO

Hence, load resistances less than 2k will cause excessive
power dissipation.

Simple Power Boost Circuit
For loads less than 2 kO, a power boost circuit should be
added. The simple booster shown in Figure 7 has the ad-
vantage of minimal parts count, but crossover distortion is
noticeable and there is no short circuit protection; hence,
either the LM143 or the boost transistors may fail under
short circuit conditions.

Heat sink is a Thermalloy No. 2230-5 or equivalent

All resistors are 10%, 1W.



100 mA Current Boost Circuit
With the addition of 4 diodes. a resistor and a capacitor, the
booster circuit can be short circuit protected at 100 mA as
shown in Figure 8.

Ql
IN53J5
H.S-

Cl
0.005
lOUV

MYlAR
02
2N4DJJ
H.S.

TL/HI7432-8

Heat sink is a Thermalloy No. 2230·5 or equivalant

All diodes are 1N914.

All resistors are Y1W. 10%.

R1 protects the LM143 by limiting the maximum drive cur-
rent to (38V13.0k) •• 12.5 mA, thereby keeping safely within
the device dissipation limit of 680 mW. 01-04 in conjuction
with R2 and R3 protect the output transistors 01 and 02 by
shunting the output drive current if the voltage drop across
R2 or R3 exceeds 0.7V.
Breadboard Data:
i) Frequency Response: Limited by LM143 frequency re-

sponse and slew rate.
ii) Step response for unity gain, voltage follower configura-

tion: Less than 10% overshoot for 1.0V step with 0.01
JLFcapacitive load, 50% overshoot with 0.47 JLFcapaci-
tive load. The circuit is unconditionally stable for capaci-
tive loads.

iii ) Output Voltage: ± 33 Vp-p into 4000 load

1.0 Amp Class AB Current Booster
If crossover distortion is objectionable and currents of up to
1.0A are needed, the circuit in Figure 9 should be used.
The output of the LM143 drives a class AB complementary
output stage. The quiescent current for the output stage is
set by the current flow through R4, R5 and diodes 01-04.
The diodes 01-04 are on a common heat sink with the
output transistors 03 and 04 so that the voltage drops
across the diodes and base-emitter junctions of the output

CJ
O.l$iF

R4 T,:" CERAMIC
m

cc
O.1pF

CERAMICT

tPut on common heat sink, Thermalloy 60068 or equivalent.

All diodes are lN3193.

All resistors are 10%, '1.W except as noted.



transistors will track with temperature. Normally, R4 and R5
supply the current drive for the output oarlingtons. 01. 03
and 02. 04, but if additional drive is needed, the LM143
supplies the remainder through R2 and R3. For short circuit-
ed load, the drive current is bypassed around the output
transistors through 01, 05 and D6 during the positive half
cycle and through 04, 07 and 08 during the negative half
cycle. Drive current bypassing, or output current limiting, oc-
curs whenever R8 or R9 sees more than one diode drop
("" 0.7V). An expression for the maximum output current is

0.7V
IMAX•• 0.680.

IMAX"" 1.0A.
Capacitor C1 stabilizes the circuit under most feedback and
load conditions and C3 and C4 bypass the power supply.
Measured performance is as follows:
i) Maximum output voltage with RL = 400.: +29.6V, - 28V

with Vs = ±38 Voc.
ii) Harmonic distortion measurements of Figure 10 were

measured with a closed loop gain of 10.

CIO
82DpF

S%, 1.0 kV

tOn common heat sink. ThermaJloy 60068 or equivalent.

All resistors are YzW, 5% unless otherwise noted.

All capacitors are 20%, 100V, ceramic disc unless otherwise noted.

HOutput current limit adjust.
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FIGURE 10. Harmonic Distortion Measurements

Very High Current Booster with High Compliance
If very high peak drive current is required in addition to a
capability for the output swing to within 4.0V of the supplies
under full load, the circuit in Figure 11 should be used.

C4TO.OC7Jl.f

FIGURE 11. Very High Current Booster with High Compliance

382



Excluding the LM143, the current booster has three stages.
The first stage is made up of Q1 and Q2 which level shifts
and boosts the current output of the LM143 to about
100 mA. Q3 and Q4 further boost the output of Q1 and Q2
to about 1.0A. Q5 and Q6 then have adequate drive to
source and sink at least 10A. There is no quiescent current
path when the output voltage is zero since Q1 and Q2 are
biased off.

The short circuit protection circuit is made up of Q7 and Q9
on the positive side and Q8 and Q10 on the negative side.
Q9 or Q10 turns on as soon as VSE '" 0.7V appears across
R10 when the output terminal is shorted to ground. Then Q7
or Q8 bypass the drive to the output devices, Q5 and Q6.
Since R1 0 is 0.30, current limiting under short circuited out-
put occurs at 2.3A and is relatively independent of the cur-
rent limit adjustment resistor, R11. An expression for the
maximum output current, lOUT MAX, with VOUT and R11 as
variables is

(IVOUTI - VOl) R13
R11 + R12 + R13 + VSE9

R10

(IVOUTI - 0.7) 560 V
R11 + 5260 + 0.7

0.30

The equation is valid for both output polarities. The plot in
Figure 12 superimposes the above equation on the maxi-
mum operating area curve for the 2N3773 and illustrates the
safe area protection feature.

16

12

~;c
c 8.0~
~

4.0

12 24

'Vo (V)

FIGURE 12. Maximum Output Current
as a Function of R11 and VOUT

The diodes, D1 and D2, are in the circuit to keep the base-
emitter junctions of Q9 and Q1 0 from being reversed biased
during the opposite polarity output voltage swings. C1, C2,
C3, C6, C7 and C9 are judiciously inserted in the circuit to
prevent oscillation. R17, R18, C8 and L1 are used in the
circuit to maintain stability under all load conditions. Diodes
D3 and D4 provide protection for inductive loads.

All measurements taken with a 40 load and ± 38V supplies
unless otherwise stated:

i) Maximum power out: 144 Wrms

ii ) Frequency response:

a) -3.0 dB at 10 kHz at full power

b) -3.0 dB at 11.5 kHz at 10 Vp-p out

iii) Maximum output voltage: ±34V

iv) Maximum capacitive load: 10 ".F with 10% overshoot
for a small signal step response

v) DC deadband: 20 ".V

vi) Quiescent current: 12.7 mA (positive supply), 2.1 mA
(negative supply)

vii) Input impedance: 1 MO

viii) Voltage gain: 21

HIGH POWER APPLICATIONS

90 Wrms Audio Power Amplifier

A circuit diagram of an audio power amplifier which is capa-
ble of 90 Wrms into a 40 speaker or 70 Wrms into an 80
speaker is given in Figure 13. The circuit features safe area,
short circuit and overload protection, harmonic distortion
less than 0.1 % at 1.0 kHz, and an all NPN output stage.

The output of the LM143 drives a quasi-complementary out-
put stage made up of Ql, Q2. Q3 and Q4. This quasi-com-
plementary circuit, which makes possible an all NPN output,
was chosen over the complementary output circuit due to
the lack of low cost high voltage power PNP transistors.

Safe area current limiting occurs whenever the output cur-
rent is

(IVOUTI - V03) Rll V
Rll + R13 + SES

IIOUTMAXI = R12

where Rll = R15 = 3300,

R13 = R14 = 3.9k,

R12 = R16 = 0.250 and

VSES '" VSE6 '" V03 ""V04 '" 0.7V.
If the output is shorted, the above equation simplifies to

VSES 0.7V
IOUTMAX = R12 '" 0.250 = 2.8A

If the output voltage is 30V,

(30V-0.7V) 330 7V
4.23k +0. 23 07V= . +. 12A

0.250 0.25
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The maximum output current, IO(MAX), versus Va is plotted
in Figure 14. 04 and 03 are in the circuit to keep Q5 off
during the negative half of the output voltage cycle and Q6
off during the positive half cycle.
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FIGURE 14. Output Current Limiting as a
Function of Output Voltage

The output stage is biased into class AS operation by using
the resistor string R4, R5, R7 and R8 to set the voltage
drops across R6, 01 and D2, which then determine the qui-
escent current through the output transistors. These diodes
are thermally coupled to the output devices to track their
base-emitter junction voltages with temperature. Low distor-
tion at low power levels is achieved by adjusting R6 to set
the quiescent current through Q3 and Q2 to about 100 mA.

ClTO
'
O

,"'

t Put on common heat sink, Therma!loy 60068 or
equivalent.

·Tums of No. 20 wire on a o/a'" form.

All resistors YzW, 5% except as noted.

All capacitors 100 Voc WV except as noted.

Figure 15 shows a plot of distortion at 50 mW versus quies-
cent current. C2 and C3 are connected between the output
and the R4, R5 and R7, R8 junctions to provide a "boot-
strapped" drive potential for the output stage during output
voltage swings near the power supply potentials. The abso-
lute magnitudes of the voltages at these junctions exceed
the power supply voltages during the high outputs swings so
that adequate current drives to Q4 and Q1 are available. C1
and C4 are used for compensating the output stage. C5 and
C6 are used for power supply bypassing. R18, C7, R19 and
L1 are included in the circuit to keep the amplifier stable
under all load conditions. 05 and 06 provide protection for
inductive loads.
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The input impedance of the audio amplifier is simply the
value of R3. To keep the output offset voltages to a mini-
mum, R3 '" Rl II R2. The voltage gain is

Rl 2.0M
Av = 1 + R2 = 1 + 100k = 21

The following data was taken with Vs = ±3aV:
i) Maximum power output before visible clipping:

a) 90 Wrms at 1.0 kHz into 40. load
b) 70 Wrms at 1.0 kHz into an load

ii) Distortion measurement: distortion versus frequency and
power is plotted in Figures 16 and 17.

iii ) Maximum capacitive load: 20 IJ-F
iv) Output noise, 10 Hz to 20 kHz: 100 IJ-Vrms
v) Frequency response:

a) Small signal (1.0 Vrms into 4.00.): -3.0 dB at 40 kHz
b) Power (90W into 40.): -3.0 dB at 29 kHz
c) Power (70W into an): -3.0 dB at 30 kHz

0.6

~
Cl 0.3
::•..

100 Uk

I (Hz)
TUH/7432-16

FIGURE 16. Distortion vs Frequency, RL = 40.
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FIGURE 17. Distortion vs Frequency, RL = so.

POWER SUPPLY CIRCUITS
The ability of the LM143 to withstand up to aov can be
exploited fully in the design of regulated power supplies.
The circuits to be described use a zener reference voltage,
an IC voltage amplifier, and a discrete power transistor pass
element. If care is taken to keep the voltage drop across the

pass element within 40V, standard three terminal voltage
regulators such as the LM340, LM120, etc. may be used as
pass elements and significantly decrease parts count and
circuit complexity. Circuits using this approach are given in
the LM340 application note (see AN-l03).

A Tracking ± 65V Supply with 500 mA Output
A tracking power supply circuit can be made by modifying
the circuit for the 130 Vp-p driver circuit. The modified circuit
is given in Figure 18.

A 2N4275 is used as a stable zener voltage reference of
about 6.5V. Its output is amplified from one to about 10
times by the circuitry associated with IC1. The output of ICl
is applied through Rl0 to the Darlington connected transis-
tors, 02 and 03. The feedback resistor, R5, one end of
which is connected to the V+ output node, is made variable
so that the V+ output voltage will vary from 6.5V to about
+65V. The V+ output is applied to a unity gain inverting
power amplifier to generate the V- output voltage. The out-
put circuit of the unity gain inverter uses a composite PNP,
04 and 05, to provide the current boost.
Since the input terminals of A2 are at ground potential, the
positive supply lead cannot be grounded; instead, it is con-
nected to the output of a 4.7V zener diode, 08, to keep
within the input common-mode range.
Cl, C3 and C4 are used for decreasing the power supply
noise. C2 is used in bypassing most of the noise generated
by the reference voltage and C5 and C6 are used to reduce
the voltage output noise. Short circuit protection is provided
by 01, 02, 03, R10 and R14 on the positive side and by 04,
05, Rll and R15 on the negative side. The short circuit
protection circuit is the same as the one used in the 1.0A
current booster circuit.
The short circuit current is given by

I = VSE = VSE
MAX- R14 - R15

0.7
'" 0.56 = 1.25A

where VSE = voltage drop across a diode.

±65V, 1.0A Power Supply with Continuously Variable
Output Current and Voltage
If a continuously variable output current as well as output
voltage supply is needed, a power supply circuit given in
Figure 19will do the job. It has an output range from 7.W to
65V with an adjustable output current range of 0 to 1.0A.
Basically, the power supply circuit is a non-ideal voltage
source in series with a non-ideal current source. A reference
voltage of approximately 6.5V is obtained by zenering the
base-emitter junction of the 2N4275. The positive tempera-
ture coefficient of the zenering voltage is compensated by
the negative temperature coefficient of the forward biased
base-collector junction. The output of the voltage reference
goes to the variable gain power amplifier made up of IC2,
06, 07 and their associated components and to a reference
current source made up of 02, 01 and components around
them. The variable gain power amplifier multiplies the refer-
ence voltage from one to ten times due to the variable feed-
back resistor, R17. since the maximum current output of IC2
is at most 20 mA, the Darlington connected 06 and 07 are
used to boost the available output current to 500 mA.
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Breadboard Data for the Tracking 65V Power Supply
VIN = ±7SV, lOUT = ±500 mA, Tj = 25°C, TA = 25°C, VOUT = ±40V, unless otherwise specified.

Measured
Parameter Conditions Data

+VOUT -VOUT

Load Regulation o ,;; lOUT';; 500 mA O.SmV 1.0mV

Line Regulation I± 50vI ,;;VIN';;I ± 80vi
lOUT= ± 100 mA 175 mV 176mV
lOUT= ± 500 mA 169mV 173mV

Ouiescent Current lOUT= 0 Pos. Supply Neg. Supply
28.22 mA 6.S5 mA

Output Noise Voltage· 10Hz,;; f,;; 100kHz 0.125 mV 0.135 mV

Ripple Rejection lOUT= ± 20 mA, -72.5 dB -63.4 dB
f= 120Hz

Output Voltage Drift· 3.38mVrC 3.43mVrC

Measured Performance of the 1A, 65V Power Supply

VIN = +76V, lOUT = 500 mA, Tj = 25°C, VOUT = +40V unless otherwise specified

Parameter Conditions
Measured

Data

Load Regulation o ,;; lOUT';; SOOmA 5.0mV
(Pulsed Load)

Line Regulation 46V ,;; VIN ,;; 76V
lOUT= 100mA 297 mV
lOUT= SOOmA 286 mV
(dc Loads)

Maximum Output dc Load 68.6V
Voltage

Ouiescent Current 21.4 mA

Output Noise Voltage· 10Hz,;; f,;; 100kHz 0.280mV

Ripple Rejection lOUT= 20mA
f = 120Hz 66.6 dB
/!t. Vs = 3.0 Vp-p
/!t. Va = 6.0 mVp-p

Loads are Pulsed Loads 200 ,...sPulse Every 200 ms

The power current source is an op amp used as a differen-
tial amplifier which senses the voltage drop across R8 and
maintains this same voltage across R14. Hence, the maxi-
mum output current is

R8 1.0k
lOUT= R14 X IREF,;; 5.0n x 5.0 mA = 1.0A.

Since the output load under most conditions will not de-
mand what the power current source can deliver, 04 and
OS will remain in saturation during normal operation. When
04 and 05 are pulled out of saturation, the output load volt-
age will drop until the load current just equals what is avail-

able from the power current source. Because the positive
supply terminal of IC2 is tied to the collectors of 04 and OS,
IC2 will supply just enough current drive to 06 and 07 to
keep itself on. Hence, a current limiting resistor is unneces-
sary for IC2. A 10k current limiting resistor, R13, is present
since the total unregulated power supply voltage is available
for IC1. R6 is used to stay within the input common-mode
voltage range of IC1.
IREFis derived from the 6.SVreference source, 01, by using
02 in a current source configuration. R22 is made adjusta-
ble so that IREFcan be set for S.OmA.



CONCLUSION
The LM143 is a high performance operational amplifier suit-
ed for applications requiring supply voltages up to ± 40V.
The LM143 is especially useful in power supply circuits
where the unregulated voltages are as high as ±40V and in
amplifier circuits where output voltages greater than ± 30V
peak are needed. The LM143 is internally compensated and
is pin-for-pin compatible with the LM741. Compared with the
LM741, the LM143 exhibits an order of magnitude lower
input bias currents, better than five times the slew rate and
twice the output voltage swing.

APPENDIX
Toward the goal of trouble-free applications, this appendix
details some of the more subtle features of the LM143 and
reviews application hints pertinent both to op amps in gen-
eral and the LM143 in particular. The complete schematic of
the LM143 is shown in Figure 20.

The circuit starts drawing supply current, at supply voltages
of ±4V, when current is provided to a 7.5V zener diode 05

by the collector FET Q41. The gate-channel junction of Q41
exhibits 100V breakdown as source and drain are lightly
doped NPN collector and substrate material. The collector
current of Q18 biases current sources Q25 through Q30 and
sets the supply current at nearly zero TC.
Q19 furnishes a bias voltage, 5V above the negative supply,
for the collectors of Q15, Q20 and Q22. The low impedance
2V reference (VB1in Figure 1)for the base of Q21 appears
at the emitter of Q20 and has the correct TC to insure that
Q23 never saturates. Should this occur, the low resistance
of Q23 would cause premature LVCEObreakdown of Q21.
The input transistors, Q1 and Q2, are biased by Q13 and
Q14 which have a breakdown voltage essentially equal to
BVCBOby virtue of the high emitter impedance, R18 and
R19, relative to the low dynamic impedance of 04. In a simi-
lar way, Q18 and Q19 stand off essentially the full supply
voltage. These devices have a high output impedance
caused by series feedback and so hold the supply current
nearly constant to prevent excessive power dissipation at
high supply voltages.
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While the simple voltage clamping scheme, 03 and 04 in
Figure 1, is adequate, it is prone to oscillation when built
with high f3 PNPs. The more elaborate scheme of RgUfB 20
prevents instability. This clamping method is similar to that
used in the LM10B, but allows large differential inputs to
exist with complete input overvoltage protection. 09 and
010, which withstand the high input common-mode voltage,
have a BVCBO-typebreakdown due to the low impedance
diodes seen from the base leads and the high impedance of
01 and 02 (enhanced by 100% series feedback) in the
emitter leads. Input overvoltage protection also holds up un-
der high-level transient input voltages.
With a large negative-going step input, as could occur in the
unity-gain voltage follower configuration, diode-connected
Q6 turns "ON", protecting the emitter-base junction of 02
from zener breakdown and subsequent long-term f3 degra-
dation. At the same time, stray capacitance at the collector
of 02 is discharged by D2 through 04 and 012. This holds
010 in a true BVCBO mode (emitter open-circuited) and
clamps the voltage across 02 to 3 VBE.
With a large positive-going step input, stray capacitance at
the collectors of 02 and 012 is charged by the forward-bi-
ased collector junction of 02. As before, with D2 conduct-
ing, 010 is again in the BVCBObreakdown mode. Since the
inverting input can be subject to the same transients, 01 is
afforded the same protection.
Distributed capacitance associated with R10 and R11, to-
gether with the collector-base capacitance of 026, cause a
high frequency transmission pole ( the "tail" pole(2»)which
can degrade phase margin. This is avoided by adding a
small lead capacitor, C1, which provides an alternative low-
impedance signal path, thus bypassing the tail pole.
The offset null resistors, R21 and R23, are made larger than
that strictly necessary to null the offset voltage. This reduc-
es the transconductance of 017 and, therefore, the noise
gain of the active loads into R10 and R11. By this simple
expedient, broadband input noise voltage is SUbstantiallyre-
duced.
The voltage reference for the output stage (VB2in Figure 1)
is realized by actively simulating a 4-diode stack. The volt-
age across 033, given by (1 + RB/R9) VBE,is about 3.5V.
Biased at 400 ",A from 030, the circuit presents a low im-

pedance, less than son, to the base of 032. Since the TC
of the reference is negative, 034 is designed to always re-
main out of saturation under worst-case conditions of high
temperature and high output current. This avoids potential
destructive breakdown of 032.
Current limiting for 032 and 034 is provided by diode-con-
nected 037 and resistor R12. When the voltage drop across
R12 turns on 037, it removes base drive from 034. In a
similar fashion, current limiting in the negative direction is
initiated when the voltage drop across R13 causes 03B to
conduct. This current is limited in 021 by R20 to about 1
mA. When this occurs, base drive is removed from 039.
Although output short circuits to ground or either supply can
be sustained indefinitely at supply voltages lower than
±22V, short circuits should be of limited duration when op-
erating at higher supply voltages. Units can be destroyed by
any combination of high ambient temperature, high supply
voltages, and high power dissipation which results in exces-
sive die temperature. This is also true when driving low im-
pedance or reactive loads or loads that can revert to low
impedance; for example, the LM143 can drive most general
purpose op amps outside of their maximum input voltage
range, causing heavy current to flow and possibly destroy-
ing both devices.
Precautions should be taken to insure that the power sup-
plies never become reversed in polarity~ven under tran-
sient conditions. With reverse voltage, the IC will conduct
excessive current, fusing the internal aluminum intercon-
nects. As with all IC op amps, voltage reversal between the
power supplies will almost always result in a destroyed unit.
Finally, caution should be exercised in high voltage applica-
tions as electrical shock hazards are present. Since the
negative supply is connected to the case, users may inad-
vertently contact voltages equal to those across the power
supplies.

REFERENCES
1. R. J. Widlar, "Super Gain Transistors for ICs", National

Semiconductor TP-11, March 1969.
2. J. E. Solomon, "The Monolithic Op Amp: A Tutorial

Study", IEEE Journal of Solid-State Circuits, Vol. SC-9,
No.6, December 1974.



INTRODUCTION
A high quality, noise free, wireless FM transmitter/receiver
may be made using the LM566 VCO and LM565 PLL Detec-
tor. The LM566 VCO is used to convert the program materi-
al into FM format, which is then transformer coupled to stan-
dard power lines. At the receiver end the material is detect-
ed from the power lines and demodulated by the LM565.

The important difference between this carrier system and
others is its excellent quality and freedom from noise.
Whereas the ordinary wireless intercom uses an AM carrier
and exhibits a poor signal-to-noise ratio (SIN), the system
described here uses an FM carrier for inherent freedom
from noise and a PLL detection system for additional noise
rejection.

The complete system is suitable for high-quality transmis-
sion of speech or music, and will operate from any AC outlet
anywhere on a one-acre homesite. Frequency response is
20-20,000 Hz and THO is under %% for speech and music
program material.

Transmission distance along a power line is at least ade-
quate to include all outlets in and around a suburban home
and yard. Whereas many carrier systems operate satisfacto-
rily only when transmitter and receiver are plugged into the
same side of the 120-240N power service line, this system
operates equally well with the receiver on either side of the
line.

The transmitter is plugged into the AC line at a radio or
stereo system source. The signal for the transmitter is ideal-
ly taken from the MONITOR or TAPE OUT connectors pro-
vided on component system Hi-Fi receivers. If these outputs
are not available, the signal could be taken from the main or
extra speaker terminals, although the remote volume would
then be under control of the local gain control. The carrier
system receiver need only be plugged into the AC line at the
remote listening location. The design includes a 2.5W power
amplifier to drive a speaker directly.

TRANSMITTER

Two input terminals are provided so that both LEFT and
RIGHT signals of a stereo set may be combined for mono
transmission to a single remote speaker if desired.

The input signal level is adjustable by Rl to prevent over-
modulation of the carrier. Adding C2 across each input re-
sistor R7 and Ra improves the frequency response to
20 kHz as shown in Figure 5. Although casual listening does
not demand such performance, it could be desired in some
circumstances.

The VCO free-running frequency, or carrier frequency fe• de-
termined by R4 and C4 is set at 200 kHz which is high
enough to be effectively coupled to the AC line. VCO sensi-
tivity under the selected bias conditions with Vs = 12V is
about ±0.66 feN. For minimum distortion, the deviation
should be limited to ±10%; thus maximum input at pin #5

of the VCO is ± 0.15V peak. A reduction due to the sum-
ming network brings the required input to about 0.2V rms for
± 10% modulation of fe, based on nominal output levels
from stereo receivers. Input potentiometer Rl is provided to
set the required level. The output at pin #3 of the LM566,
being a frequency modulated square wave of approximately
6V pk-pk amplitude, is amplified by a single transistor 01
and coupled to the AC line via the tuned transformer T 1.
Because Tl is tuned to fe, it appears as a high impedance
collector load, so 01 need not have additional current limit-
ing. The collector signal may be as nuch as 40-50V pk-pk.
Coupling capacitor Ca isolates the transfomer from the line
at 60 Hz.

A Voltage regulator provides necessary supply rejection for
the VCO. The power transformer is sized for peak second-
ary voltage somewhat below the regulator breakdown volt-
age spec (35V) with a 125V line.

RECEIVER

The receiver amplifies, limits, and demodulates the received
FM signal in the presence of line transient interference
sometimes as high as several hundred volts peak. In addi-
tion, it provides audio mute in the absence of carrier and
2.5W output to a speaker.

The carrier signal is capacitively coupled from the line to the
tuned transformer T 1. Loaded a of the secondary tank T 1C2
is decreased by shunt resistor R 1 to enable acceptance of
the ± 10% modulated carrier, and to prevent excessive tank
circuit ringing on noise spikes. The secondary of T 1 is
tapped to match the base input impedance of alA. Recov-
ered carrier at the secondary of T 1 may be anywhere from
0.2 to 45V pop; the base of alA may see pk-to-pk signal
levels of from 12 mV to 2.6V.

01A-01D operates as a two-stage limiter amplifier whose
output is a symmetrical square wave of about 7V pk-pk with
rise and fall times of 100 ns.

The output of the limiting amplifier is applied directly to the
mute peak detector, but is reduced to 1V pk-pk for driving
the PLL detector.

The PLL detector operates as a narrow band tracking filter
which tracks the input signal and provides a low-distortion
demodulated audio output with high SIN. The oscillator
within the PLL is set to free-run at or near the carrier fre-
quency of 200 kHz. The free-run frequency is fo ;::;; 1/(3.7
R16C13). Since the PLL will lock to a carrier near its free-run
frequency, an adjustment of R16 is not strictly necessary;
R16 could be fixed at 4700 or 5100n. Actually, the PLL with
the indicated value of Cll can lock on a carrier within about
±40 kHz of its center frequency. However, rejection of im-
pulse noise in difficult circumstances can be maximized by
carefully adjusting fo to the carrier frequency fe. Adding
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C10 = 100 pF will reduce the carrier level fed to the power
amplifier. Even though the listener cannot hear the carrier,
the audio amplifier could overload due to carrier signal pow-
er.

A mute circuit is included to quiet the receiver in the ab-
sence of a carrier. Otherwise, when the transmitter is turned
OFF, an excessive noise level would result as the PLL at-
tempts to lock on noise. The mute detector consists of a
voltage doubling peak detector D102C7. The peak detector
shunts the 1-2 mA bias away from 01 E without loading the
limiter amplifier. When no carrier is present, the +4V line
biases o1E ON via R10 and Rll; and the audio signal is
shorted to ground. When a carrier is present, the 7V square
wave from the limiter amplifier is peak detected', and the
resultant negative output is integrated by R9C7. averaged by
RlO across C7, and further integrated by RllCS. The result-
ant output of about -4V subtracts from the +4V bias sup-
ply, thus depriving 01 E of base current. Peak detector inte-
gration and averaging prevents noise spikes from deactivat-

ing the mute in the absence of a carrier when the limiter
amplifier output is a series of narrow 7V spikes.

The LM3aO supplies 2.5W of audio power to an ao load.
Although this is adequate for casual listening in the kitchen
or garage, for hi-fi listening, a larger amplifier may be direct.

CONSTRUCTION

PC board layout and stuffing diagrams are shown in Figures
3 & 4. After the receiver board has been loaded and
checked. the power transformer is mounted to the foil side
of the board with a piece of fish-paper or electrical insulating
cloth between board and transformer. Insulating washers of
'1'6-% inch thickness can be used to advantage in holding
the transformer away from the foil. The board is laid out so
that the volume control potentiometer may be mounted on
either side of the board depending on the desired mounting
to a panel.

The line coupling coils are available in production quantities
from TOKO AMERICA, INC. 1250 Feehanville Drive, Mount
Prospect, IL 60056. TEL: (312) 297-0070



ADJUSTMENT
Adjustments are few and extremely simple. Transmitter car-
rier frequency fe is fixed near 200 kHz by R4 and C4; the
exact frequency is unimportant. T 1 for both transmitter and
receiver are tuned for maximum coupling to and from the
AC line. Plug in both receiver and transmitter; no carrier
modulation is necessary. Insure that both units are opera-
tive. Observe or measure with an AC VTVM the waveform at
T1 secondary in the receiver. Tune T1 of the transmitter for
maximum observed signal amplitude. Then tune T1 of the
receiver for a further maximum. Repeat on the transmitter,
then the receiver. Tuning is now complete for the line cou-
pling transformers and should not have to be repeated for
either. If the receiver is located some distance from the
transmitter in use, or on the opposite side of the 110-220V
service line, a re-adjustment of the receiver T1 may be
made to maximize rejection of SCR dimmer noise. The re-
ceiver PLL free-running frequency is adjusted by R16. Set
R16 near the center of its range. Rotate slowly in either
direction until the PLL loses lock (evidenced by a sharp in-
crease in noise and a distorted output). Note the position
and then repeat, rotating in the other direction. Note the
new position and then center R16 between the two noted
positions. A fine adjustment may be made for minimum
noise with an SCR dimmer in operation. The final adjust-
ment is for modulation amplitude at the transmitter. Connect
the audio signal to the transmitter input and adjust the input
potentiometer R1 for a signal maximum of about 0.1 V rms at
the input to the LM566. Adjustment is now complete for
both transmitter and receiver and need not be repeated.

A STEREO SYSTEM
If full stereo or the two rear channels of a quadraphonic
system are to be transmitted, both transmitter and receiver
must be duplicated with differing carriers. Omit Rs and in-
clude R7 & C2 on the transmitter if desired. Carriers could
be set to 100 and 200 kHz for the two channels. Actually,
they need only be set a distance of 40 kHz apart.

PERFORMANCE
Overall SIN is about 65 dB. Distortion is below about '14%
at low frequencies, and in actual program material it should
not exceed %% as very little signal power occurs in music
above about 1 kHz.

TL/H/7442-5

FIGURE 5. Overall System Performance
Transmitter Input to Input of Receiver Power Amplifier

The 2.5W audio amplifier provides an adequate sound level
for casual listening. The LM380 has a fixed gain of 50.
Therefore for a 2.5W max output, the input must be 89 mY.
This is slightly less than the ± 10% deviation level so we are
within design requirements. Average program level would
run a good 10 dB below this level at 28 mV input.

Noise rejection is more than adequate to suppress line
noise due to fluorescent lamps and normal line transients.
Appliance motors on the same side of the 110-220V line
may produce some noise. Even SCR dimmers produce only
a background of impulse noise depending upon the relative
location of receiver and SCA. Otherwise, performance is
noise-free anywhere in the home. Satisfactory operation
was observed in a factory building so long as transmitter
and receiver were connected to the same phase of the
three-phase service line.

APPLICATIONS
Additional applications other than home music systems are
possible. Intercoms are one possibility, with a separate
transmitter and receiver located at each station. A micro-
phone can serve as the source material and the system can
act as a monitor for a nursery room. Background music may
be added to existing buildings without the expense of run-
ning new wiring.



Low Cost IC
Stereo Receiver

INTRODUCTION
The recent availability of a broad line of truly high-perform-
ance consumer integrated circuits makes it possible to con-
struct a high quality, low noise, low distortion and low cost
AM/FM/Stereo receiver. Design emphasis is placed on a
high level of performance, minimum factory adjustments
and low parts count. As such, the receiver has immediate
applications to table-top, high-fidelity, automotive and com-
munications markets.
Provisions are included for the addition of a ceramic phono
unit as well as a tapehead amplifier allowing inclusion of
eight-track or cassette transport systems. Complete tone
control circuitry is provided offering both boost and cut of
Bass and Treble frequencies. Left and right channel Bal-
ance, and system Volume complete the manual front-panel
controls.
Panel meters are employed in the FM system for both signal
strength and center tuning, allowing for easy and accurate
tuning. A directly driven LED offers immediate indication of
FM stere~ reception.
The complete design requires just five IC's, restricting the
use of discrete active elements to the preassembled FM
front-end and the single transistor tone control design.

National Semiconductor
Application Note 147
Jim Sherwin

FM AND FM STEREO
A preassembled front-end was selected as the cost-effec-
tive approach to minimum parts count and minimum factory
adjustments. This model features an FET input stage pro-
viding excellent distortion performance. High selectivity is
obtained through the use of two cascaded ceramic filters
yielding an approximate 6-pole response with less than 12
dB insertion loss.
The LM3089 FM IF System does all the major functions
necessary for FM processing, including a three stage ampli-
fier/limiter and balanced product detector, as well as an
audio preamplifier. A single quadrature coil was used for
ease of ailgnment; yielding recovered audio with THD less
than 0.5%, however a double coil may be used to diminish
THD to 0.1% if required. Carrier level detectors provide de-
layed AGC, SIGNAL strength meter drive, and adjustable
interstation mute control R11. The internal AFC amplifier
was used to drive the TUNING meter, giving a visual indica-
tion of center tuning.
FM stereo demodulation is accomplished by the use of the
LM1800 phase locked loop, thereby eliminating the need for
external coils. Only two adjustments are necessary: R14'
which sets the 19 kHz oscillator, and R17' which corrects



which corrects for excess phase shift thru the IF stages, and
yields maximum channel separation. Automatic stereo/
monaural switching is built-in, and may be used in lieu of
mechanical switching if desired. The open collector lamp
driver is used to light a LED whenever a stereo station is
encountered. (Further details available from application
note AN-81.)

AM
The AM function of the receiver is done completely with the
LM3820 AM radio system. While designed for 3 section
tuned superheterodyne applications, the LM3820 may be
used with the less expensive 2 section tuned designs by
omitting the RF stage and redefining its function as 2ND IF
stage (see linear brief LB-29). As shown, the LM3820 pro-
vides the necessary converter/oscillator, IF, and AGC de-
tector functions, while the external diode Dt does the audio
demodulation. Dt is slightly forward biased thru R2 for im-
proved distortion performance. In addition its resistance is
used in conjunction with Cg to form the first stage of the
required low pass filter; the second stage consists of R3and
Ctc·

TAPE

The LM382 dual preamplifier was selected for its minimum
parts count and low noise capability. With a guaranteed
maximum equivalent input noise voltage of 1.2 ,..Vrms (10
kHz BW), it easily amplifies the low level tape signals while
retaining excellent SIN ratio (- 64 dB below 2 mV input
level). An ion-implanted resistor matrix is supplied on the
chip for self-biasing the output to half-supply, and provides
the resistors necessary to create the NAB equalization
curve; requiring only four external capacitors per channel to
complete the amplifier. For production models this preampli-
fier would normally be mounted directly on the tape player
to minimize hum and noise pick-up.

TONE CONTROLS

A single transistor tone control circuit was designed as the
optimum cost/performance trade-off. The transistor is con-
figured in a shunt-shunt feedback design, allowing gain vari-
ations between input functions. This is necessary to prevent
sudden changes in outlput level when different inputs are
selected. With a shunt feedback design the gain is easily
controlled by choice of source impedance per Figure 5.

Approximately 20 dB of boost or cut of Bass and/or Treble
frequencies is possible with the network shown. The turn-
over frequencies are approximately 500 Hz and 1600 Hz for
bass and treble, respectively. The insertion loss of approxi-
mately 27 dB is made up by the gain of the transistor tone

control amplifier. Balance and Volume controls are included
as shown. Loudness control may be included by using a
tapped Volume pot and the associated bass boost RC net-
work if desired. More elaborate tone controls such as Bax-
andall feedback are possible, but at a premium in cost.

POWER AMPLIFIER
The stereo power section, consisting of the LM378 dual au-
dio amplifier, delivers 3W/channel with total harmonic dis-
tortion (THD) less than 1% and 4W/channel with THD less
than 10%, operating from split supply voltages of ± 11V.
Split supplies were chosen to facilitate a minimum parts
count design. This approach allows direct coupling of the
amplifier to the speakers since the output DC level is zero
volts (offset voltage will be less than 25 my), thereby elimi-
nating the need of large coupling capacitors and their asso-
ciated degradation of power, distortion and cost. Since the
input bias voltages are zero volts, the need for bias resistors
and the bias-pin supply bypassing capacitor are also elimi-
nated. Input capacitors are omitted and bias current for the
positive input is obtained directly thru the Volume pots since
the tone control circuitry has been designed such that there
is no DC potential applied.
It is important to apply proper supply voltages and adequate
heatsinking in using the LM2878. Note that while the stand-
by and low output power operating points of the power sup-
ply are ± 15V, the maximum power out point causes the
supply to sag to ± 11V therefore reducing package dissipa-
tion to acceptable levels.

POWER SUPPLY
The worst case ripple rejection of 45 dB for the IC's used
allows for a simple unregulated power supply, however the
discrete front-end and tone control amplifiers require some
regulation to preserve the IC performance. A single zener
diode Zt was selected to create a + 12V supply for this
function. The split supplies required for the power amplifier
are derived from a conventional full-wave bridge rectifier op-
erating off of the center-tapped secondary of the line trans-
former.

REFERENCES
1. Isbell, T.D. and Mishler, D.S., "LM1800 Phase Locked

Loop FM Stereo Demodulator". National Semiconductor
Application Note AN-81, June 1973.

2. Papanicolaou, E.S. and Mortensen, H.H., "Low-Cost AM-
Radio System Using LM1820 And LM386". National
Semiconductor Linear Brief LB-29, May 1975.
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SPECIFICATIONS

FM·MONO

Sensitivity: 2.5 IJ.V for 30 dB quieting

Harmonic Distortion: 0.3%

Hum • Noise: - 65 dB

Frequency Response: 50-15 kHz ±3 dB

FM-STEREO

Channel Separation: 45 dB

Harmonic Distortion: 0.4%

AM
Sensitivity: 20 IJ.V for 20 dB S+N/N

Harmonic Distortion: 2%

Hum & Noise: -45 dB

TAPE

Frequency Response: NAB equalized ± 2 dB

Harmonic Distortion: 0.3%

Hum & Noise: -64 dB below 2 mV input level

AMPLIFIER

Power Output: 3W RMS, per channel into 80s
at less than 1% THD from 40-30 kHz

Frequency Response: 35-55 kHz ± 3 dbn
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VENDOR DEVICES

FM Tuner: Waller 32SN2F1·30

Coils: T3: AM Osc. Toko RWO·6A6255

T4: IF, 455 kHz Toko RRC-3A6426N

T5: IF, 455 kHz Toko RRC-3A6427A

T6: IF, 455 kHz Toko RZC·1A6425A

T7: Quadrature, 10.7 MHz·

Toko TKXC·33733BS

Ceramic Filters: 10.7 MHz Toko CFS-30AE·10

Selector Switch: IEE/Schadow Type F-4U with
FA201 Mech. Reflecting Indicators

Meters: TUNING: #11226, SIGNAL: #11222
Mercer Electronicis

VENDOR LOCATIONS

Waller Corp., Crystal Lake, ILL. (815) 459-6510
Toko (America), Inc. Toko America, Inc.
1250 Feehanville Drive
Mount Prospect, IL 60056
Tel: (312) 297·0070

IEE/Schadow Corp., Eden Prairie Minn.
(612) 944·1820

Mercer Electronics (Simpson Electric Co.),
Elgin, ILL. (312) 379·1130
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1.3V Ie Flasher, Oscillator,
Trigger or Alarm

INTRODUCTION
Most linear integrated circuits are designed to operate with
power supplies of 4.5 to 40V. Practically no battery/portable
equipment is prOVidedwith indicator lights due to unaccept-
able power drain. Even LEDs (solid state lamps) won't light
from a 1.5V battery, and drain the common 9V radio battery
in a few hours.
The LM3909 changes all this. Obtaining long life from a sin-
gle 1.5V cell, it opens a whole new area of applications for
linear integrated circuits. Sufficient voltage for flashing a
light emitting diode is generated with cell voltage down to
1.1V. In such low duty cycle applications batteries will last
for months to years of continuous operation. Such flasher
circuits then become practical for marking location of flash-
lights, emergency equipment. and boat mooring floats in the
dark.
The LM3909 is simple in design, easy to use, and includes
extra resistors to minimize external circuitry and the size of
the completed flasher or oscillator.

CIRCUIT OPERATION
The circuit below in Figure A is the LM3909 connected as
the simplest type of oscillator. Ignoring the capacitor for a
moment, and assuming 1.5V on pin 5, current will flow in the
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3k and 6k timing resistors through the emitter of 01. This
current will be amplified by about 3 by 02 and passed to the
base of 03. 03 will then conduct, pulling down on the base
of 04 and hence the base of 01. This is a negative feedback
since it will reduce timing resistor current and current to the
power transistor's base until a balance is reached. This will
occur with the collector of 03 at about 0.5V, the base of 04
at about 1V, and a very small voltage from pin 8 to ground.
The difference between these two voltages is the base-
emitter drop of 01 and 2/3 the base-emitter drop of 04 as
set by the high resistance divider from its base to emitter.
Note that negative feedback voltage is attenuated by at
least 2 due to the divider of two 4000 resistors. Now con-
sidering the capacitor, its positive feedback is initially unity.
Therefore the DC bias condition and the temporary excess
positive feedback conditions are met and the circuit must
oscillate.
The waveform at pin 8 of the above oscillator is shown be-
low. The waveform at pin 2, the power transistor collector, is
almost a rectangle. It extends from a saturation voltage of
0.1V or less to within about 0.1V of the supply voltage. The
"on" period of course coincides with the negative pulses at
pin 8. Other circuit voltages can easily be inferred from the
two waveforms in Figure B.
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The LM3909, although designed as a LED flasher, is ideal
for other applications such as high current, trigger pulse for
SCRs and "Triacs." The frequency of oscillation adjusts
from under 1 Hz to hundreds of kHz. Waveshape can be set
from pulses a few /Ls wide to approximately a square wave.
Thus the LM3909 can perform as a sound effects generator,
an audible alarm, or audible continuity checker. Finally it can
be a radio (detector/amplifier), low power one-way inter-
com, two-way telegraph set, or part of a "mini-strobe" light
flashing up to 7 times per second.

Operating with only a 1.5V battery as a supply gives the
LM3909 several rather unique characteristics. First, no
known connection can cause immediate destruction of the
IC. Its internal feedback loop insures self-starting of properly
loaded oscillator circuits. Experimenters can safely explore
the possibilities of the LM3909 as an AC amplifier, one-shot,
latch circuit, resistance limit detector, multi-tone oscillator,
heat detector, or high frequency oscillator.

2 3
+ 300~F

3V

Flasher & Indicator Applications

Audio & Oscillator Applications

Trigger & Other Applications

For those who want to modify or design their own circuits
using the LM3909, application hints will be covered near the
end of this note.

CIRCUIT DESCRIPTION
The circuit of Figure 2 again shows the typical 1.5V LED
flasher, but with the internal circuitry of the IC illustrated.

The flasher achieves minimum power usage in two ways.
Operated as above, the LED receives current only about
1% of the time. The rest of the time, all transistors but 04
are off. The 20k resistor from 04'S emitter to supply-com-
mon draws only about 50 /LA. The 300 /LF capacitor is
charged through the two 4000 resistors connected to pin 5
and through the 3k resistor connected to pin 4 of the circuit.
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Transistors 01 through 03 remain off until the capacitor be-
comes charged to about 1V. This voltage is determined by
the junction drop of 04, its base-emitter voltage divider, and
the junction drop of 01. When voltage at pin 1 becomes a
volt more negative than that at pin 5 (supply positive termi-
nal) 01 begins to conduct. This then turns on 02 and 03.
The LM3909 then supplies a pulse of high current to the
LED. Current amplification of 02 and 03 is between 200 and
1000. 03 can handle over 100 mA and rapidly pulls pin 2
close to supply common (pin 4). Since the capacitor is
charged, its other terminal at pin 1 goes below the supply
common. The voltage at the LED is then higher than battery
voltage, and the 120 resistor between pins 5 and 6 limits
the LED current.
Many of the other oscillator circuits work in a similar fashion.
If voltage boost is not needed (with or without current limit-
ing) loads can be hooked between pins 2 and 6 or pins 2
and 5.

APPLICATIONS: FLASHER & INDICATOR
Differing uses and supply voltages will require adjustment of
flashing rates. Often it is convenient to leave the capacitor
the same value to minimize its size, or to fix the pulse ener-
gy to the LED. First, the internal RC resistors can be used to
obtain 3k, 6k, or 9k by hooking to or shorting the appropriate
pins. Further adjustment methods are shown in the two
parts of Figure 3 below.
In Figure 3a, it can be seen that the internal RC resistors are
shunted by an external 1k between pins 6 and 4. This will
give a little over 3 times the flashing rate of the typical 1.5V
flasher of Figure 1.

The 3.9k resistor in Figure 3b connected from pin 1 to the
6V supply raises voltage at the bottom of the 6k RC resistor.
Charging current through that resistor is greatly reduced,
bringing flashing rate down to about that of the 1.5V circuit
(1 Hz). As will be explained later, this biasing method also
insures starting of oscillation even under unfavorable condi-
tions.
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Two precautions are taken for circuit reliability. The added
750. series resistor for the lED keeps current peaks within
safe limits for the diode and IC. Also, in operation above a
3V supply, the electrolytic capacitor sees momentary volt-
age reversals. It should be rated for periodic reversals of
1.5V.
A continuously appearing indicator light can also be pow-
ered from a single 1.5V cell as shown in Figure 4. Duty cycle
and frequency of the current pulses to the lED are in-
creased until the average energy supplied provides suffi-
cient light. At frequencies above 2 kHz, even the fastest
movement of the light source or the observer's head will not
produce significant flicker.
Since this indicator powering circuit uses the smallest ca-
pacitor that will reliably provide full output voltage, its oper-
ating frequency is well above the 2 kHz point. The indicator
is not, however, intended as a long life system, since battery
drain is about 12 mA.

High frequency operation requires addition of two external
resistors, typically of the same value. One. of course, shunts
the high internal timing resistors. If only this one were used,
the capacitor charging current would have to pass through
the two 4000. resistors internally connected between pin 5
and the collector of 03. Oscillation at a slower rate and
lower duty cycle than desired would occur, and oscillation
might cease altogether before the battery was fully dis-
charged. The second 680. resistor shunting the two 4000.
resistors eliminates these problems.
The circuit in Figure 5 is a relaxation type oscillator flashing
2lEDs sequentially. With a 12 VDC supply, repetition rate is
2.5 Hz. C2, the timing and storage capacitor, alternately
charges through the upper lED and is discharged through
the other by the IC's power transistor, 03.
If a red/ green flasher is desired, the green lED should have
its anode or plus lead toward pin 5 (like the lower lED). A
shorter but higher voltage pulse is available in this position.
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IC, and the LED will be limited to less than lV, above
ground.
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01, and hence trigger on the whole IC to discharge the ca-
pacitor through the LED.
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There are many other LED applications and variations of
circuits. A chart outlining operation of the circuit of Figure 6
at various voltages appears on the LM3909 data sheet. Also
shown are circuits for adjusting the flash rate, flashing 4
LEOs in parallel, and details for building a blinking locator
light into an ordinary flashlight.
Incandescent bulbs can also be flashed, as already illustrat-
ed in Figure 1. However, most such bulbs draw more than
the 150 mA that the LM3909 can switch. The two following
circuits therefore use an added power transistor rated at 1A
or more. In each circuit, an NPN transistor is used, so the
power transistor's base drive is obtained from the common
or ground pin of the flasher IC.
The 3V "mini-strobe" of Figure 7 may be used as a variable
rate warning light or for advertising or special effects. The
rate control is so wide range that it adjusts from no flashes
at all to continuously on. Chosen for rapid response, the
miniature 1767 lamp can be flashed several times a second.

A "mini-strobe" circuit was tested in a Lantern Flashlight
with a large reflec1or. In a dark room, the flashes were al-
most fast enough to stop a person's motion. As a toy, the
fast setting can mimic the strobes at rock concerts or the
flicker of old-time movies.
Figure 8 below shows a higher power application such as
would use an automotive storage battery for power. It pro-
vides about a 1 Hz flash rate and powers a lamp drawing a
nominal 600 mA.
A particular advantage of this circuit is that it has only 2
external wires and thus may be hooked up in either of the
two ways shown below in Figure 9. Further, no circuit failure
can cause a battery drain greater than that of the bulb itself,
continuously lit.
In the circuit of Figure 8, the 3300 ",F capacitor performs a
number of other functions. It makes the LM3909 immune to
supply spikes, and provides the means of limiting the IC's
supply voltage. Since the LM3909 can only operate with
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7.5V or less on pin 5 (in this circuit) the 200n/1.3k divider
attached to pin 8 of the IC causes it to turn fully on at 7V or
less on pin 5. Then the LM3909 discharges the timing ca-
pacitor (its own supply voltage) to 4V or less, whereupon it
turns off. The capacitor discharge current comes out of pin
4 of the IC, turning on the NSD U01 transistor. It is the large
size of the timing capacitor that allows it to store all the
needed energy for turning on the power transistor. This in
turn permits the whole flasher circuit to operate as a 2 wire
device.

Many other flasher possibilities exist. LED flash rate can be
varied from 0 to 20 Hz, or a number of LEOs may be flashed
in parallel. With a 3V supply, yellow and green LEOs may be
flashed. A 6V incandescent "emergency lantern" can be
made and its PR-13 bulb may be made to give continuous
light or flash by switch selection. This is a more reliable,
longer lived system than a lantern with a second thermal
flasher bulb. The NSL4944 Current Regulated LED makes
possible flashing many LEOs in parallel or with high volt-
ages without series resistors.

APPLICATIONS: Audio & Oscillator

Very economical continuity checkers, tone generators, and
alarms may be made from the LM3909. No matching trans-
former is needed because the 150 mA capability of the
LM3909 output can drive many standard permanent magnet
(transistor radio) loudspeakers directly. The 1.5V battery
used in most applications is both lower in cost and longer
lasting than the conventional 9V battery.

In the continuity checker of Figure 10, a short, up to about
100n, across the test probes provides enough power for
audible oscillation. By probing 2 values in quick succession,
small differences such as between a short and 5n can be
detected by differences in tone.

A novel use of this circuit is found in setting the timing of
certain types of motorcyles. This is due to the difference in
tone that can be heard from the tester depending whether
there is a short or not across the low resistance primary of
the 'cycle's ignition coil. In other words, the difference be-
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tween a 1n resistor and a 1n inductor can be heard. Quick
checks for shorts and opens in transformers and motors
can therefore be made.

Darkrooms, laundry rooms, laboratories, and cellar work-
shops can often suffer damage from spills or water seepage
ruining lumber, chemicals, fertilizer, bags of dry concrete,
etc. The circuit of Figure 11 is safe on potentially damp
floors since there is no connection to the power line. Fur-
ther, its standby battery drain of 100 IJoAyields a battery life
close to (or, according to some experiments, exceeding)
shelf life.

Without moisture, multivibrator transistor Qa is completely
off, and its collector load (6.2k) provides enough current to
hold pin 8 of the LM3909 above 0.75V where it cannot oscil-
late. When the sense electrodes pass about 0.25 1JoA,due to
moisture, Qa starts turning on, and since Qb is already par-
tially biased on, positive feedback now occurs. Qa and Qb
are now an astable multivibrator which starts at about 1 Hz
and oscillates faster as more leakage passes across the
sense electrodes.

This "multi" then acts as both an amplifier and a modulator.
The pulse waveform at the collector of Qa varies the timing
current through the 3.9k resistor to pin 8 of the LM3909
resulting in a distinctively modulated tone output.

The sensor should be part of the base of the box the alarm
circuitry is packaged in. It consists of two electrodes six or
eight inches long spaced about 'I. inch apart. Two strips of
stainless steel on insulators, or the appropriate zig-zag path
cut in the copper cladding of a circuit board will work well.
The bare circuit board between the copper sensing areas
should be coated with warm wax so that moisture on the
floor, not that absorbed by the board, will be detected. The
circuit and sensor can be tested by just touching a damp
finger to the electrode gap.

Minimum cost, simplicity, and very low power drain are the
aims of the Morse Code set of Figure 12. One oscillator
simultaneously drives speakers at both sending and receiv-

)
TEST

PR08ES

5

V+I
I
I
I
I
I
I
I
I
I
I

V-...J
4



r
I
I
I
I
I
I
I
I
I
I~AST
C!£

8 -l ~ 6

SLOW
RC

OUT-----1-----
2 3

8 -.J ~ _
SLOW
RC

r
I
I
I
I
I
I
I
I
I
I~AST
C!£

r----
I ~



ing ends. Calculations and actual use tests indicate life of a
single alkaline penlight cell to be 3 months to over a year
depending on usage. "Buzzer" type sets use two or more
batteries with much shorter life.
Commonly available, low cost 80 speakers are effectively in
series to better match LM3909 characteristics. The three
wire system and parallel telegraph keys allow beginners and
children to use the set without having to understand use of a
"send-receive" switch.
The two resistors are added to obtain a suitable average
power output and electrically force the oscillator toward the
desired 50% duty cycle. Acoustically, both speakers are op-
erated at resonance (about 400 Hz in the prototype) for
maximum pleasing tone with minimum power drain. Each of
the two speaker enclosures has holes added to augment
this resonance. For each different type or brand of speaker
and size of box, hole and capacitor sizes will have to be
determined by experiment for the most stable resonant tone
over the expected battery voltage variation.
Experiments with the above circuit led to development of
circuit in Figure 13. It is optimized to oscillate at any acous-
tic load frequency of resonance! With just a speaker, oscilla-
tion occurs at the speaker cone "free-air" resonance. If the
speaker is in an enclosure with a higher resonant frequency
... this becomes the frequency at which the circuit oscil-
lates.
An educational audio demonstration device, or simply an
enjoyable toy, has been fabricated as follows. A roughly cu-
bical box of about 64 in.3 was made with one end able to
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slide in and out like a piston. The box was stiffened with thin
layers of pressed wood, etc. Minimum volume with the pis-
ton in was about 10 in.3. Speaker, circuit, battery, and all
were mounted on the sliding end with the speaker facing out
through a 2% in. hole. A tube was provided (2% in. long, 5A.
in. ID) to bleed air in and out as the piston was moved while
not affecting resonant frequency.
"Slide tones" can be generated, or a tune can be played by
properly positioning the piston part and working the push
button. Position and direction of the piston are rather intui-
tive, so it is not difficult to playa reasonable semblance of a
tune after a few tries.
The 120 resistor in series with pin 2 (output transistor 03'S
collector) and the speaker, decouples voltages generated
by the resonating speaker system from the low impedance
switching action of 03. The 100 ",F feedback capacitor
would normally set a low or even sub-audio oscillation fre-
quency. Therefore, the major positive feedback voltage to
pin 8 is the resonant motion generated voltage from the
speaker voice coil. Therefore the LM3909 will continue to
drive the speaker at the resonance with the highest com-
bined amplitude and frequency.
It can be seen already that the LM3909, having direct
speaker drive and resonance following capability, can do
things that are a lot less practical with older timer and uni-
junction circuitry. Two final "sound effect" type of circuits
are illustrated in Figure 14.
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The siren of Figure 148 produces a rapidly rising wail upon
pressing the button, and a slower "coasting down" upon
release. If it is desirable to have the tone stop sometime
after the button is released, an 18k resistor may be placed
between pins 8 and 6 of the IC.The sound is then much like
that of a motor driven siren.
In this circuit, the oscillation must not be influenced by
acoustic resonances. The 1 ",F capacitor and 2000 resistor
determine a pulse to the speaker that is wider than that for
flashing LEDs, but much narrower than is used in the tuned
systems of Figures 12 and 13. The repetition rate of speak-
er pulses is determined by the 2.7k resistor, and the charge
on the 500 ",F capacitor. Discharging this capacitor with

the pushbutton increases current in the 2.7k resistor caus-
ing a rapid upshift in tone.
The "whooper" of Figure 14b sounds somewhat like the
electronic sirens used on city police cars, ambulances, and
airport "crash wagons." The rapid modulation makes the
tone seem louder for the same amount of power input.
The tone generator is the same as in the previous siren.
Instead of a pushbutton, a rapidly rising and falling modulat-
ing voltage is generated by a second LM3909 and its asso-
ciated 400 ",F capacitor. The 2N1304 transistor is used as a
low voltage (germanium) diode. This transistor along with
the large feedback resistor (5.1k to pin 8) forces the ramp
generator LM3909 into an unusual mode of operation hav-
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ing longer "on" periods than "off" periods. This raises the
average tone of the tone generator and makes the modula-
tions seem more even.

APPLICATIONS: Trigger & Other
With its high pulse current capability, the LM3909 is a good
pUlse-transformer driver. Further, it uses fewer parts and
operates more successfully from low voltage supplies than
do the equivalent unijunction circuits. The "Triac" trigger of
Figure 15operates from a 5V logic supply and provides gate
trigger pulses of up to 200 mA.
With no gate input, or a TTL logic high input, the LM3909 is
biased off since pin 1 is tied to V+. With a logic low at the
gate in, the IC provides 10 JLspulses at about a 7.kC rate. A
TTL gate loaded only by this circuit is assumed Since other-
wise worst-case voltage swing may be insufficient. This trig-
ger is not of the "Synchronized Zero Crossing" type since
the first trigger pulse after gating on could occur at any time.
However, the repetition rate is such that after the first cycle,
a triac is triggered within 8V of zero with a resistive load and
a 115 VAC line.
The standard Sprague PC mounting transformer provides a
2:1 current step-up, and suitable isolation between the low
voltage circuitry and power lines up to 240 VAC. Resistor
Rg, which includes transformer winding resistance, can be
as little as 3 or 40 for high current triacs. Low current types
may need excessive "holding" current with such low Rg, so
it may be raised to as much as 1000 with a sensitive gate
triac.
Oscillation of the LM3909 will start when the DC bias at pin
8 is between 1.6 and 3.9V. In Figure 15, pin 8 is connected
between the 10k input resistor and a 6k resistor to
5V. With 3.8V in, pin 8 is at 4.5V so there is no oscillation.
With lV, or less, in, pin 8 is at 3.5V or below and oscillation
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occurs. From this example, it can be seen that other input
resistors or bias dividers can be calculated to gate the
LM3909 triac trigger from other logic levels.
A useful electronic lab device is a precision square wave
generator/calibrator. If the output is held at a few tenths
percent of IV, peak-to-peak, it is useful in calibrating oscillo-
scopes and adjusting 'scope probes. Many lower cost or
battery-portable oscilloscopes do not have this feature built
in. Also it is useful in checking gain and transient response
of various amplifiers including "hi-fi" power amplifiers.
Battery powered equipment is free from both the inconve-
nience of a line cord, and from some of the noise and hum
effects of equipment attached to the power line. Operation
for over five hundred hours from a single flashlight "0" cell
is the bonus provided by the circuit of Figure 16.The lowest
reference voltage regulator available, the LM113, is used in
conjunction with a current source, and the voltage boost
characteristic of the LM3909.
Output is a clean rectangular wave which can be adjusted to
exactly a 1V amplitude. A rectangular wave of approximate-
ly 1.5 ms "on" and 5.5 ms "off" was chosen for circuit sim-
plicity and low battery drain. Waveform clipping is virtually
flat due to complete turn-off of the current switch 02 and
the typical "on" impedance of 0.20 provided by the LM113.
The 0.01% temperature coefficient of the LM113 at room
temperature allows negligible drift of the waveform ampli-
tude under laboratory conditions. Loading by a 'scope probe
will also be insignificant.
The circuit will work properly down to battery voltages of
1.2V. This is because the 100 JLF electroly1ic capacitor
drives the emitter of 02 below the supply minus terminal. At
a battery voltage of 1.2V, the collector of 02 can still swing
more than 1.6V. 01 uses the "off" periods of the LM3909 to
insure that the 100 JLFcapacitor is charged to almost the
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entire battery voltage. Thus when the LM3909 turns on and
pin 2 drives almost to the minus supply voltage, the negative
side of the capacitor is driven 0.9 to 1.2V below this termi-
nal. Low battery voltage cannot lead to an undetected error
in the 1V squarewave. This is because the waveform be-
comes distorted rather than just decreasing in amplitude as
battery voltage becomes too low.

Taking advantage of the versatility and the indestructability
of the LM3909 by a 1.5V battery, the IC can become an
ideal teaching means, or experimental device for the young
electronic hobbyist. As well as the circuits already present-
ed. the LM3909 can be made to work as amplifier, radio,
and even logic type circuits. The ideas of negative and posi-
tive feedback can be presented. The circuits presented in
Figures 17 through 21 are intended as illustrations or dem-
onstrations of circuitry concepts such as would be used in
an experimenter's kit. They are not meant to be used as
parts of finished commercial products with specific perform-

ance specifications. In other words, working circuits have
been breadboarded, but no measurements of performance
such as frequency range and distortion have been attempt-
ed.

Both tuned circuits of Figures 17 and 18 use standard AM
radio ferrite antenna coils (Ioopsticks) with a tap 40% of the
turns up from one end. The oscillator works up to 800 kHz
or so, and the radio tunes the regular AM broadcast band.
Both also use standard (360 pF) AM radio tuning capacitors.

The oscillator has the normal capacitive positive feedback
used with LM3909 circuits, but with frequency determined
by the tuned circuit loading the output circuit. Detailed oper-
ating descriptions of these experimenter's circuits will not
be attempted in order to keep down the length of this note.
Near the end, a discussion of the IC's general theory of
operation will be given, which should help in understanding
the individual circuits.



In the radio circuit of Figure 18,the LM3909 acts as a detec-
tor amplifier. It does not oscillate because there is no posi-
tive feedback path from pin 2 to pin 8. The tuning ability is
only as good as simple "crystal set," but a local radio sta-
tion can provide listenable volume with an efficient 6 inch
loudspeaker. Extremely low power drain allows a month of
continuous radio operation from a single "D" flashlight cell.
Antennae for the radio circuit can be short (10 to 20 feet)
and connected directly to the end of the antenna coil as
illustrated. Longer antennae (30 to 100 feet) work better if
attached to the previously mentioned tap on the coil ... also
illustrated.
The following two circuits are examples of logic or computer
type functions. They use 3V power supplies (2 cells) be-
cause the LM3909 was designed not to have any stable or
"latching" states with a 1.5V supply.

Switches on both the above circuits are momentary types.
In each case a small charge or impulse affects the circuit's
state. The circuit of Figure 19 switches to and holds its con-
dition whenever the switch changes sides, even if contact is
made only very briefly. The circuit of Figure 20 delivers
about a % second flash from the LED every time its push-
button makes contact, whether briefly or for a much longer
period of time. Such circuits are used with keyboards, limit
switches, and other mechanical contacts that must feed
data into electronic digital systems.
By again leaving out the positive feedback capacitor, the
LM3909 can become a low power amplifier. This little audio
amplifier can be used as a one-way intercom or for "listen-
ing in" on various situations. Operating current is only 12 to
15 mA. It can hear fairly faint sounds, and someone speak-
ing directly into the microphone generates a full l.4V peak-
to-peak at the loudspeaker.
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from oscillating. 200 of pure resistive load will sometimes
do it. Strangely enough, lamp filaments, probably because
of some inductance, don't seem to follow this rule. Also in
flasher circuits, an LED with leakage or conductivity be-
tween 0.9 and 1.2V will stop the LM3909. Maybe 1% of
LEDs will have this defect because they are not often tested
for it.
Greater frequency stability was not one of the design aims
of the LM3909. In LED flasher circuits it is better than might
be expected because the negative temperature coefficient
of the LED partially compensates the IC. We planned it this
way. Simple oscillators, without the LED, are uncompensat-
ed for temperature. This is due to using 1 % of a silicon
junction drop as the on-off trip point and the use of the
integrated timing resistors with their positive temperature
coefficient. Further, most capacitors of 1 JA-For over, shown
in the circuits, will usually be electrolytics for size reasons.
These, however, are not particularly stable with temperature
and their initial tolerances vary greatly with type of capaci-
tor.
In most of the oscillator circuits, frequency is also propor-
tional to battery voltage. This must be considered when
starting with a completely unused cell at 1.54V or so and
deciding what the "end-of-life" voltage is to be. This can be
in the range of 1.1 to 0.9V, a drastic change. It helps to
remember how bright flashlights are with a fresh set of bat·
teries, and how dim they are when the batteries are finally
changed.
Flashers and tone generators for alarms are not, however,
demanding for stability. Flash rate changes of 50% or tone
shifts of % an octave are not particularly annoying or even
too noticeable.
One interesting point is that the low operating power of
most of the circuits presented allows them to be powered by
solar cells as well as regular batteries. In bright sunlight, 3 to
4 cells in series will be needed. In dimmer light, 4 to 6 cells
will do the job. Current from cells way under an inch in area
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an oscillator, and LED flasher circuits are, at any voltage,
because the load is nonlinear. A load with sufficient self
inductance will always self·start, although possibly at a high-
er than expected frequency. There is an exception for large-
ly resistive loads on an oscillator operating with a supply
larger than 2 or 2.5V. A stable state exists with 03 turned
completely "on" and the timing resistors from pin 8 to the
supply minus still draWing current. A reliable solution is to
bias pin 8 (for instance with a resistor to V+) so that its DC
voltage is one half V less than half the supply voltage.
The duty cycle of the basic LED flasher is inherently low
since the timing capacitor is also driving the very low LED
"on" impedance. For other oscillators the "on" duty cycle
can be stretched by adding resistance in series with the
timing capacitor. Additionally, nonlinear resistance can be
used as timing resistance. (See Figure 14b)

CONCLUSION
Applications covered in this note range in use from toys to
the laboratory, and in frequency from DC to RF. The
LM3909 can be used to amuse, teach, or even upon occa-
sion to save a life. As a practical cost consideration the
LM3909 IC can often replace a circuit having a number of
transistors, associated parts, and high assembly cost.
Further, the LM3909 demonstrates the practicality of very
low voltage electronic circuits. They can work at high effi-
ciencies if ingenuity is used to design around transistor junc-
tion drops. In such circuits stresses on parts are so low that
extremely long life can be predicted. Often transistors, ca·
pacitors, etc. that would be rejects at higher voltages can be
used. Voltage dividers, protective diodes, etc. often needed
at higher voltages can be left out of designs. Power drains
are so low that circuits can be made that will last months to
years on a single cell.
A single cell is more reliable and has a higher energy densi-
ty then multiple cells. This is due to lack of cell interconnec-
tions and insulation as well as elimination of packaging to
hold multiple cells in place.



Specifying AID and 01A
Converters

The specification or selection of analog-to-digital (AID) or
digital-to-analog (Df A) converters can be a chancey thing
unless the specifications are understood by the person
making the selection. Of course, you know you want an ac-
curate converter of specific resolution; but how do you en-
sure that you get what you want? For example, 12 switches,
12 arbitrarily valued resistors, and a reference will produce a
12-bit DAC exhibiting 12 quantum steps of output voltage. In
all probability, the user wants something better than the ex-
pected performance of such a DAC. Specifying a 12-bit
DAC or an ADC must be made with a full understanding of
accuracy, linearity, differential linearity, monotonicity, scale,
gain, offset, and hysteresis errors.
This note explains the meanings of and the relationships
between the various specifications encountered in AID and
DfA converter descriptions. It is intended that the meanings
be presented in the simplest and clearest practical terms.
Included are transfer curves showing the several types of
errors discussed. Timing and control signals and several bi-
nary codes are described as they relate to AID and Df A
converters.

MEANING OF PERFORMANCE SPECS
Resolution describes the smallest standard incremental
change in output voltage of a DAC or the amount of input
voltage change required to increment the output of an ADC
between one code change and the next adjacent code
change. A converter with n switches can resolve 1 part in
2". The least significant increment is then 2-", or one least
significant bit (LSS). In contrast, the most significant bit
(MSS) carries a weight of 2-1. Resolution applies to DACs
and ADCs, and may be expressed in percent of full scale or
in binary bits. For example, an ADC with 12-bit resolution
could resolve 1 part in 212 (1 part in 4096) or 0.0244% of
full scale. A converter with 10V full scale could resolve a
2.44mV input change. Likewise, a 12-bit DAC would exhibit
an output voltage change of 0.0244% of full scale when the
binary input code is incremented one binary bit (1 LSS).
Resolution is a design parameter rather than a performance
specification; it says nothing about accuracy or linearity.

National Semiconductor
Application Note 156
Jim Sherwin

Accuracy is sometimes considered to be a non-specific
term when applied to Df A or AID converters. A linearity
spec is generally considered as more descriptive. An accu-
racy specification describes the worst case deviation of the
DAC output voltage from a straight line drawn between zero
and full scale; it includes all errors. A 12-bit DAC could not
have a conversion accuracy better than ± % LSS or ± 1
part in 212+ 1 (±0.0122% of full scale) due to finite resolu-
tion. This would be the case in Figure 1 if there were no
errors. Actually, ±0.0122% FS represents a deviation from
100% accuracy; therefore accuracy should be specified as
99.9878%. However, convention would dictate 0.0122% as
being an accuracy spec rather than an inaccuracy (toler-
ance or error) spec.
Accuracy as applied to an ADC would describe the differ-
ence between the actual input voltage and the full-scale
weighted equivalent of the binary output code; included are
quantizing and all other errors. If a 12·bit ADC is stated to be
± 1 LSS accurate, this is equivalent to ±0.0245% or twice
the minimum possible quantizing error of 0.0122%. An ac-
curacy spec describes the maximum sum of all errors in-
cluding quantizing error, but is rarely provided on data
sheets as the several errors are listed separately.
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FIGURE 1. Linear DAC Transfer Curve Showing
Minimum Resolution Error and Best Possible Accuracy



Quantizing Error is the maximum deviation from a straight
line transfer function of a perfect ADC. As, by its very na-
ture, an ADC quantizes the analog input into a finite number
of output codes, only an infinite resolution ADC would exhib-
it zero quantizing error. A perfect ADC, suitably offset 'Iz
LSB at zero scale as shown in Figure 2, exhibits only ± 'Iz
LSB maximum output error. If not offset, the error will be :;:6
LSB as shown in Figure 3. For example, a perfect 12-bit
ADC will show a ± 'Iz LSB error of ± 0.0122% while the
quantizing error of an 8-bit ADC is ± Y2 part in 28 or
±0.195% of full scale. Quantizing error is not strictly appli-
cable to a DAC; the equivalent effect is more properly a
resolution error.
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Scale Error (full scale error) is the departure from design
output voltage of a DAC for a given input code, usually full-
scale code. (See Figure 4.) In an ADC it is the departure of
actual input voltage from design input voltage for a full-scale
output code. Scale errors can be caused by errors in refer-
ence voltage, ladder resistor values, or amplifier gain, et. al
(See Temperature Coefficient.) Scale errors may be cor-
rected by adjusting output amplifier gain or reference volt-
age. If the transfer curve resembles that of Figure 7, a scale
adjustment at % scale could improve the overall ± accura-
cy compared to an adjustment at full scale.
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FIGURE 4. Linear, 1 LSB scale Error

Gain Error is essentially the same as scale error for an
ADC. In the case of a DAC with current and voltage mode
outputs, the current output could be to scale while the volt-
age output could exhibit a gain error. The amplifier feedback
resistors would be trimmed to correct the gain error.
Offset Error (zero error) is the output voltage of a DAC with
zero code input, or it is the required mean value of input
voltage of an ADC to set zero code out. (See Figure 5.)
Offset error is usually caused by amplifier or comparator
input offset voltage or current; it can usually be trimmed to
zero with an offset zero adjust potentiometer ex1ernalto the
DAC or ADC. Offset error may be expressed in % FS or in
fractional LSB.

TL/H/5612-4

FIGURE 5. DAC Transfer Curve, 'Iz LSB Offset at Zero

Hysteresis Error in an ADC causes the voltage at which a
code transition occurs to be dependent upon the direction
from which the transition is approached. This is usually
caused by hysteresis in the comparator inside an ADC. Ex-
cessive hysteresis may be reduced by design; however,
some slight hysteresis is inevitable and may be objectiona-
ble in converters if hysteresis approaches 'Iz LSB.
Linearity, or, more accurately, non-linearity specifications
describe the de'parturefrom a linear transfer curve for either
an ADC or a DAC. Linearity error does not include quantiz-
ing, zero, or scale errors. Thus, a specification of ± 'Iz LSB



linearity implies error in addition to the inherent ± '12 LSB
quantizing or resolution error. In reference to Figure 2,
showing no errors other than quantizing error, a linearity
error allows for one or more of the steps being greater or
less than the ideal shown.
Figure 6 shows a 3-bit DAC transfer curve with no more
than ± '12 LSB non-linearity, yet one step shown is of zero
amplitude. This is within the specification, as the maximum
deviation from the ideal straight line is ± 1 LSB ('12 LSB
resolution error plus '12 LSB non-linearity). With any linearity
error, there is a differential non-linearity (see below). A ± '12
LSB linearity spec guarantees monotonicity (see below) and
,;;± 1 LSB differential non-linearity (see below). In the ex-
ample of Figure 6, the code transition from 100 to 101 is the
worst possible non-linearity, being the transition from 1 LSB
high at code 100 to 1 LSB low at 110. Any fractional non-lin-
earity beyond ± '12 LSB will allow for a non-monotonic trans-
fer curve. Figure 7 shows a typical non-linear curve; non-lin-
earity is 1'I.LSB yet the curve is smooth and monotonic.
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FIGURE 6_± '12 LSB Non-Linearity (Implies 1 LSB
Possible Error), 1 LSB Differential Non-Linearity
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FIGURE 7. 1'1. LSB Non-Linear,
'12 LSB Differential Non-Linearity

Linearity specs refer to either ADCs or to DACs, and do not
include quantizing, gain, offset, or scale errors. Linearity er-
rors are of prime importance along with differential linearity
in either ADC or DAC specs, as all other errors (except
quantizing, and temperature and long-term drifts) may be
adjusted to zero. Linearity errors may be expressed in % FS
or fractional LSB.

Differential Non-Linearity indicates the difference be-
tween actual analog voltage change and the ideal (1 LSB)
voltage change at any code change of a DAC. For example,
a DAC with a 1.5 LSB step at a code change would be said
to exhibit '12 LSB differential non-linearity (see Figures 6 and
7). Differential non-linearity may be expressed in fractional
bits or in % FS.
Differential linearity specs are just as important as linearity
specs because the apparent quality of a converter curve
can be significantly affected by differential non-linearity
even though the linearity spec is good. Figure 6 shows a
curve with a ± '12 LSB linearity and ± 1 LSB differential non-
linearity while Figure 7 shows a curve with + 1% LSB linear-
ity and ± '12 LSB differential non-linearity. In many user ap-
plications, the curve of Figure 7 would be preferred over that
of Figure 6 because the curve is smoother. The differential
non-linearity spec describes the smoothness of a curve;
therefore it is of great importance to the user. A gross exam-
ple of differential non-linearity is shown in Figure 8 where
the linearity spec is ± 1 LSB and the differential linearity
spec is ± 2 LSB. The effect is to allow a transfer curve with
grossly degraded resolution; the normal a-step curve is reo
duced to 3 steps in Figure 8. Similarly, a 16-step curve (4-bit
converter) with only 2 LSB differential non-linearity could be
reduced to 6 steps (a 2.6-bit converter?). The real message
is, "Beware of the specs." Do not ignore or omit differential
linearity characteristics on a converter unless the linearity
spec is tight enough to guarantee the desired differential
linearity. As this characteristic is impractical to measure on
a production basis, it is rarely, if ever, specified, and linearity
is the primary specified parameter. Differential non-linearity
can always be as much as twice the non-linearity, but no
more.
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FIGURE 8. ± 1 LSB Linear,
± 2 LSB Differential Non-Linear

Monotonlcity. A monotonic curve has no change in sign of
the slope; thus all incremental elements of a monotonically
increasing curve will have positive or zero, but never nega-
tive slope. The converse is true for decreasing curves. The
transfer curve of a monotonic DAC will contain steps of only
positive or zero height, and no negative steps. Thus a
smooth line connecting all output voltage points will contain
no peaks or dips. The transfer function of a monotonic ADC
will provide no decreasing output code for increasing input
voltage.



Figure 9 shows a non-monotonic DAC transfer curve. For
the curve to be non-monotonic. the linearity error must ex-
ceed ± % LSB no matter by how little. The greater the lin-
earity error, the more significant the negative step might be.
A non-monotonic curve may not be a special disadvantage
is some systems; however. it is a disaster in closed-loop
servo systems of any type (including a DAC-controlled
ADC). A ± % LSB maximum linearity spec on an n-bit con-
verter guarantees monotonicity to n bits. A converter exhib-
iting more than ± % LSB non-linearity may be monotonic.
but is not necessarily monotonic. For example, a 12-bit DAC
with ± % bit linearity to 10 bits (not ± % LSB) will be mono-
tonic at 10 bits but mayor may not be monotonic at 12 bits
unless tested and guaranteed to be 12-bit monotonic.
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FIGURE 9. Non-Monotonic
(Must be > ± % LSB Non-Linear)

Settling Time is the elapsed time after a code transition for
DAC output to reach final value within specified limits. usual-
ly ± % LSB. (See also Conversion Rate below.) Settling
time is often listed along with a slew rate specification; if so.
it may not include slew time. If no slew rate spec is included,
the settling time spec must be expected to include slew
time. Settling time is usually summed with slew time to ob-
tain total elapsed time for the output to settle to final value.
Figure 10 delineates that part of the total elapsed time
which is considered to be slew and that part which is settling
time. It is apparent from this figure that the total time is
greater for a major than for a minor code change due to
amplifier slew limitations. but settling time may also be dif-
ferent depending upon amplifier overload recovery charac-
teristics.
Slew Rate is an inherent limitation of the output amplifier in
a DAC which limits the rate of change of output voltage after
code transitions. Slew rate is usually anywhere from 0.2 to
several hundred volts/ J-Ls.Delay in reaching final value of
DAC output voltage is the sum of slew time and settling time
as shown in Figure 10.
Overshoot and Glitches occur whenever a code transition
occurs in a DAC. There are two causes. The current output
of a DAC contains switching glitches due to possible asyn-
chronous switching of the bit currents (expected to be worst
at half-scale transition when all bits are SWitched).These
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FIGURE 10. DAC Slew and Settling Time
glitches are normally of extremely short duration but could
be of % scale amplitude. The current switching glitches are
generally somewhat attenuated at the voltage output of the
DAC because the output amplifier is unable to slew at a very
high rate; they are. however. partially coupled around the
amplifier via the amplifier feedback network and seen at the
output. The output amplifier introduces overshoot and some
non-critically damped ringing which may be minimized but
not entirely eliminated except at the expense of slew rate
and settling time.
Temperature Coefficient of the various components of a
DAC or ADC can produce or increase any of the several
errors as the operating temperature varies. Zero scale off-
set error can change due to the TC of the amplifier and
comparator input offset voltages and currents. Scale error
can occur due to shifts in the reference. changes in ladder
resistance or non-compensating RC product shifts in dual-
slope ADCs. changes in beta or reference current in current
switches. changes in amplifier bias current. or drift in amplifi-
er gain-set resistors. Linearity and monotonicity of the DAC
can be affected by differential temperature drifts of the lad-
der resistors and switches. Overshoot. settling time, and
slew rate can be affected by temperature due to internal
change in amplifier gain and bandwidth. In short, every
specification except resolution and quantizing error can be
affected by temperature changes.



Long-Term Drift, due mainly to resistor and semiconductor
aging can affect all those characteristics which temperature
change can affect. Characteristics most commonly affected
are linearity, monotonicity, scale, and offset. Scale change
due to reference aging is usually the most important
change.
Supply Rejection relates to the ability of a DAC or ADC to
maintain scale, offset, TC, slew rate, and linearity when the
supply voltage is varied. The reference must, of course, re-
main constant unless considering a multiplying DAC. Most
affected are current sources (affecting linearity and scale)
and amplifiers or comparators (affecting offset and slew
rate). Supply rejection is usually specified only as a % FS
change at or near full scale at 25'C.
Conversion Rate is the speed at which an ADC or DAC can
make repetitive data conversions. It is affected by propaga-
tion delay in counting circuits, ladder switches and compara-
tors; ladder RC and amplifier settling times; amplifier and
comparator slew rates; and integrating time of dual-slope
converters. Conversion rate is specified as a number of con-
versions per second, or conversion time is specified as a
number of microseconds to complete one conversion (in-
cluding the effects of settling time). Sometimes, conversion
rate is specified for less than full resolution, thus showing a
misleading (high) rate.
Clock Rate is the minimum or maximum pulse rate at which
ADC counters may be driven. There is a fixed relationship
between the minimum conversion rate and the clock rate
depending upon the converter accuracy and type. All fac-
tors which affect conversion rate of an ADC limit the clock
rate.
Input Impedance of an ADC describes the load placed on
the analog source.
Output Drive Capability describes the digital load driving
capability of an ADC or the analog load driving capacity of a
DAC; it is usually given as a current level or a voltage output
into a given load.

CODES
Several types of DAC input or ADC output codes are in
common use. Each has its advantages depending upon the
system interfacing the converter. Most codes are binary in
form; each is described and compared below.
Natural Binary (or simply Binary) is the usual 2n code with
2, 4, 8, 16, ... , 2n progression. An input or output high or
"1" is considered a signal, whereas a "0" is considered an
absence of signal. This is a positive true binary signal. Zero
scale is then all "zeros" while full scale is all "ones."
Complementary Binary (or Inverted Binary) is the negative
true binary system. It is identical to the binary code except
that all binary bits are inverted. Thus, zero scale is all
"ones" while full scale is all "zeros."
Binary Coded Decimal (BCD) is the representation of deci-
mal numbers in binary form. It is useful in ADC systems
intended to drive decimal displays. Its advantage over deci-
mal is that only 4 lines are needed to represent 10 digits.
The disadvantage of coding DACs or ADCs in BCD is that a
full 4 bits could represent 16 digits while only 10 are repre-
sented in BCD. The full-scale resolution of a BCD coded
system is less than that of a binary coded system. For

example, a 12-bit BCD system has a resolution of only 1
part in 1000 compared to 1 part in 4096 for a binary system.
This represents a loss in resolution of over 4:1.
Offset Binary is a natural binary code except that it is offset
(usually % scale) in order to represent negative and positive
values. Maximum negative scale is represented to be all
"zeros" while maximum positive scale is represented as all
"ones." Zero scale (actually center scale) is then represent-
ed as a leading "one" and all remaining "zeros." The com-
parison with binary is shown in Figure 11.

Two's Complement Binary is an alternate and more widely
used code to represent negative values. With this code,
zero and positive values are represented as in natural binary
while all negative values are represented in a twos comple-
ment form. That is, the twos complement of a number repre-
sents a negative value so that interface to a computer or
microprocessor is simplified. The twos complement is
formed by complementing each bit and then adding a 1; any
overflow is neglected. The decimal number -8 is represent-
ed in twos complement as follows: start with binary code of
decimal 8 (off scale for ± representation in 4 bits so not a
valid code in the ± scale of 4 bits) which is 1000; comple-
ment it to 0111; add 0001 to get 1000. The comparison with
offset binary is shown in Figure 11. Note that the offset
binary representation of the ± scale differs from the twos
complement representation only in that the MSB is comple-
mented. The conversion from offset binary to twos comple-
ment only requires that the MSB be inverted.
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FIGURE 11. ADC Codes



one code is used up in providing a double code for zero.
Sign plus magnitude code is used in certain instrument and
audio systems; its advantage is that only one bit need be
changed for small scale changes in the vicinity of zero, and
plus and minus scales are symmetrical. A DVM might be an
example of its use.

CONTROL
Each ADC must accept and/or provide digital control sig-
nals telling it and/or the external system what to do and
when to do it. Control signals should be compatible with one
or more types of logic in common use. Control signal timing
must be such that the converter or connected system will
accept the signals. Common control signals are listed be-
low.
Start Conversion (SG) is a digital signal to an ADC which
initiates a single conversion cycle. Typically, an SC signal
must be present at the fall (or rise) of the clock waveform to
initiate the cycle. A DAC needs no SC signal; however, such
could be provided to gate digital inputs to a DAC.
End of Conversion (EOG) is a digital signal from an ADC
which informs the external system that the digital output

DAC does not supply an EOC signal.
Clock signals are required or must be generated within an
ADC to control counting or successive approximation regis-
ters~ The clock controls the conversion speed within the
limitations of the ADC. DACs do not require clock signals.

CONCLUSION
Once the user has a working knowledge of DAC or ADC
characteristics and specifications, he should be able to se-
lect a converter to suit a specific system need. The likeli-
hood of overspecification, and therefore an unnecessarily
high cost, is likewise reduced. The user will also be aware
that specific parameters, test conditions, test circuits, and
even definitions may vary from manufacturer to manufactur-
er. For practical production reasons, parameters may not be
tested in the same manner for all converter types, even
those supplied by the same manufacturer. Using information
in this note, the user should, however, be able to sort out
and understand those specifications (from any manufactur-
er) pertinent to his needs.



Ie Voltage Reference has
1 ppm per Degree Drift

A new linear IC now provides the ultimate in highly stable
voltage references. Now, a new monolithic IC the LM199,
out-performs zeners and can provide a 6.9V reference with
a temperature drift of less than 1 ppmr and excellent long
term stability. This new IC, uses a unique subsurface zener
to achieve low noise and a highly stable breakdown. Includ-
ed is an on-chip temperature stabilizer which holds the chip
temperature at 90·C, eliminating the effects of ambient tem-
perature changes on reference voltage.
The planar monolithic IC offers superior performance com-
pared to conventional reference diodes. For example, active
circuitry buffers the. reverse current to the zener giving a
dynamic impedance of 0.50. and allows the LM199 to oper-
ate over a 0.5 mA to 10 mA current range with no change in
performance. The low dynamic impedance. coupled with
low operating current significantly simplifies the current
drive circuitry needed for operation. Since the temperature
coefficient is independent of operating current, usually a re-
sistor is all that is needed.
Previously, the task of providing a stable, low temperature
coefficient reference voltage was left to a discrete zener
diode. However, these diodes often presented significant
problems. For example, ordinary zeners can show many mil-
livolts change if there is a temperature gradient across the
package due to the zener and temperature compensation
diode not being at the same temperature. A 1·C difference
may cause a 2 mV shift in reference voltage. Because the
on-chip temperature stabilizer maintains constant die tem-
perature, the IC reference is free of voltage shifts due to
temperature gradients. Further, the temperature stabilizer,
as well as eliminating drift, allows exceptionally fast warm-
up over conventional diodes. Also, the LM199 is insensitive
to stress on the leads-another source of error with ordi-
nary glass diodes. Finally, the LM199 shows virtually no hys-
teresis in reference voltage when subject to temperature
cycling over a wide temperature range. Temperature cycling
the LM199 between 25·C, 150·C and back to 25·C causes
less than 50 /LV change in reference voltage. Standard ref-
erence diodes exhibit shifts of 1 mV to 5 mV under the same
conditions.
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SUB SURFACE ZENER IMPROVES STABILITY
Previously, breakdown references made in monolithic IC's
usually used the emitter-base junction of an NPN transistor
as a zener diode. Unfortunately, this junction breaks down
at the surface of the silicon and is therefore susceptible to
surface effects. The breakdown is noisy, and cannot give
long-term stabilities much better than about 0.3%. Further,
a surface zener is especially sensitive to contamination in
the oxide or charge on the surface of the oxide which can
cause short-term instability or turn-on drift.
The new zener moves the breakdown below the surface of
the silicon into the bulk yielding a zener that is stable with
time and exhibits very low noise. Because the new zener is
made with well-controlled diffusions in a planar structure, it
is extremely reproducible with an initial 2% tolerance on
breakdown voltage.
A cut-away view of the new zener is shown in Figure 1. First
a small deep P+ diffusion is made into the surface of the
silicon. This is then covered by the standard base diffusion.
The N+ emitter diffusion is then made completely covering
the P+ diffusion. The diode then breaks down where the
dopant concentration is greatest, that is, between the P+
and N+. Since the P+ is completely covered by N+ the
breakdown is below the surface and at about 6.3V. One
connection to the diode is to the N+ and the other is to the
P base diffusion. The current flows laterally through the
base to the P+ or cathode of the zener. Surface breakdown
does not occur since the base P to N+ breakdown voltage
is greater than the breakdown of the buried device. The
buried zener has been in volume production since 1973 as
the reference in the LX5600 temperature transducer.

CIRCUIT DESCRIPTION
The block diagram of the LM199 is shown in Figure 2. Two
electrically independent circuits are included on the same
chip-a temperature stabilizer and a floating active zener.
The only electrical connection between the two circuits

TLiH/5613-1

FIGURE 2. Functional Block
Diagram



is the isolation diode inherent in any junction-isolated inte-
grated circuit. The zener may be used with or without the
temperature stabilizer powered. The only operating restric-
tion is that the isolation diode must never become forward
biased and the zener must not be biased above the 40V
breakdown of the isolation diode.
The actual circuit is shown in Figure 3. The temperature
stabilizer is composed of 01 through 09. FET 09 provides
current to zener D2 and 08. Current through 08 turns a loop
consisting of D1, 05, 06, 07, Rl and R2. About 5V is ap-
plied to the top of Rl from the base of 07. This causes 400
p.A to flow through the divider Rl, R2. Transistor 07 has a
controlled gain of 0.3 giving 07 a total emitter current of
about 500 p.A. This flows through the emitter of 06 and
drives another controlled gain PNP transistor 05. The gain
of 05 is about 0.4 so Dl is driven with about 200 p.A.Once
current flows through 05, 08 is reverse biased and the loop
is self-sustaining. This circuitry ensures start-up.
The resistor divider applies 400 mV to the base of 04 while
07 supplies 120 p.A to its collector. At temperatures below
the stabilization point, 400 mV is insufficient to cause 04 to
conduct. Thus, all the collector current from 07 is provided

as base drive to a Darlington composed of 01 and 02. The
Darlington is connected across the supply and initially draws
140 mA (set by current limit transistor 03). As the chip
heats, the turn on voltage for Q4 decreases and 04 starts to
conduct. At about 90'C the current through 04 appreciably
increases and less drive is applied to 01 and 02. Power
dissipation decreases to whatever is necessary to hold the
chip at the stabilization temperature. In this manner, the
chip temperature is regulated to better than 2'C for a 100'C
temperature range.
The zener section is relatively straight-forward. A buried ze-
ner D3 breaks down biasing the base of transistor 013.
Transistor 013 drives two buffers 012 and 011. External
current changes through the circuit are fully absorbed by the
buffer transistors rather than D3. Current through D3 is held
constant at 250 p.A by a 2k resistor across the emitter base
of 013 while the emitter-base voltage of 013 nominally tem-
perature compensates the reference voltage.
The other components, 014, 015 and 016 set the operat-
ing current of 013. Frequency compensation is accom-
plished with two junction capacitors.



PERFORMANCE
A polysulfone thermal shield, shown in Figure 4, is supplied
with the LM199 to minimize power dissipation and improve
temperature regulation. Using a thermal shield as well as
the small, high thermal resistance TO-46 package allows
operation at low power levels without the problems of spe-
cial IC packages with built-in thermal isolation. Since the
LM199 is made on a standard IC assembly line with stan-
dard assembly techniques, cost is significantly lower than if
special techniques were used. For temperature stabilization
only 300 mW are required at 25'C and 660 mW at - 55'C.

TL/H/5613-3

FIGURE 4. Polysulfone Thermal Shield

Temperature stabilizing the device at 90'C virtually elimi-
nates temperature drift at ambient temperatures less than
90'C. The reference is nominally temperature compensated
and the thermal regulator further decreases the temperature
drift. Drift is typically only 0.3 ppml'C. Stabilizing the tem-
perature at 90'C rather than 125'C significantly reduces
power dissipation but still provides very low drift over a ma-
jor portion of the operating temperature range. Above 90'C
ambient, the temperature coefficient is only 15 ppml'C.
A low drift reference would be virtually useless without
equivalent performance in long term stability and low noise.
The subsurface breakdown technology yields both of these.
Wideband and low frequency noise are both exceptionally
low. Wideband noise is shown in Figure 5 and low frequency
noise is shown over a 10 minute period in the photograph of
Figure 6. Peak to peak noise over a 0.01 Hz to 1 Hz band-
width is only about 0.7 ".V.
Long term stability is perhaps one of the most difficult mea-
surements to make. However, conditions for long-term sta-
bility measurements on the LM199 are considerably more
realistic than for commercially available certified zeners.
Standard zeners are measured in ±0.05'C temperature
controlled both at an operating current of 7.5 mA ± 0.05 ".A.
Further, the standard devices must have stress-free con-
tacts on the leads and the test must not be interrupted dur-
ing the measurement interval. In contrast, the LM199 is
measured in still air of 25'C to 28'C at a reverse current of
1 mA ±0.5%. This is more typical of actual operating condi-
tions in instruments.
When a group of 10 devices were monitored for long-term
stability, the variations all correlated, which indicates chang-
es in the measurement system (limitation of 20 ppm) rather
than the LM199.
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FIGURE 5. Wideband Noise of the LM199 Reference
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FIGURE 6. Low Frequency Noise Voltage
Because the planar structure does not exhibit hysteresis
with temperature cycling, long-term stability is not impaired
if the device is switched on and off.
The temperature stabilizer heats the small thermal mass of
the LM199 to 90'C very quickly. Warm-up time at 25'C and
- 55'C is shown in Figure 7. This fast warm-up is significant-
ly less than the several minutes needed by ordinary diodes
to reach equilibrium. Typical specifications are shown in Ta-
ble I.

-4

o • • tZ ,& 20

HEATER ON TIME - (SEe)

TL/H/5613-5

FIGURE 7. Fast Warmup Time of the LM199

Table I. Typical Specifications for the LM199
Reverse Breakdown Voltage 6.95V
Operating Current 0.5 mA to 10 mA
Temperature Coefficient 0.3 ppml'C
Dynamic Impedance 0.50
RMS Noise (10 Hz to 10 kHz) 7".V
Long-Term Stability ~20 ppm
Temperature Stabilizer Operating Voltage 9V to 40V
Temperature Stabilizer Power Dissipation

(25'C)
Warm-up Time

300mW
3 Seconds



APPLICATIONS
The LM199 is easier to use than standard zeners, but the
temperature stability is so good-even better than precision
resistors-that care must be taken to prevent external cir-
cuitry from limiting performance. Basic operation only re-
quires energizing the temperature stabilizer from a 9V to
40V power source and biasing the reference with between
0.5 mA to 10 mA of current. The low dynamic impedance
minimizes the current regulation required compared to ordi-
nary zeners.
The only restriction on biasing the zener is the bias applied
to the isolation diode. Firstly, the isolation diode must not be
forward biased. This restricts the voltage at either terminal
of the zener to a voltage equal to or greater than the V-.
A dc return is needed between the zener and heater to in-
sure the voltage limitation on the isolation diodes are not
exceeded. Figure 8 shows the basic biasing of the LM199.
The active circuitry in the reference section of the LM199
reduces the dynamic impedance of the zener to about 0.50.
This is especially useful in biasing the reference. For exam-
ple, a standard reference diode such as a 1N829 operates
at 7.5 mA and has a dynamic impedance of 150. A 1%
change in current (75 p.A)changes the reference voltage by
1.1 mY. Operating the LM199 at 1 mA with the same 1%
change in operating current (10 p.A) results in a reference
change of only 5 p.V. Figure 9 shows reverse voltage
change with current.
Biasing current for the reference can by anywhere from 0.5
mA to 10 mA with little change in performance. This wide
current range allows direct replacement of most zener types
with no other circuit changes besides the temperature stabi-
lizer connection. Since the dynamic impedance is constant
with current changes regulation is better than discrete ze-
ners. For optimum regulation, lower operating currents are
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FIGURE 9. The LM199 Shows Excellent Regulation
Against Current Changes

preferred since the ratio of source resistance to zener im-
pedance is higher, and the attenuation of input changes is
greater. Further, at low currents, the voltage drop in the
wiring is minimized.
Mounting is an important consideration for optimum per-
formance. Although the thermal shield minimizes the heat
low, the LM199 should not be exposed to a direct air flow
such as from a cooling fan. This can cause as much as a
100% increase in power dissipation degrading the thermal
regulation and increasing the drift. Normal conviction cur-
rents do not degrade performance.
Printed circuit board layout is also important. Firstly, four
wire sensing should be used to eliminate ohmic drops in pc
traces. Although the voltage drops are small the tempera-
ture coefficient of the voltage developed along a copper
trace can add significantly to the drift. For example, a trace
with 10 resistance and 2 mA current flow will develop 2 mV
drop. The Te of copper is 0.004%re so the 2 mV drop will
change at 8 p.Vre, this is an additional 1 ppm drift error. Of
course, the effects of voltage drops in the printed circuit
traces are eliminated with 4-wire operation. The heater cur-
rent also should not be allowed to flow through the voltage
reference traces. Over a - 55°e to + 125°e temperature



to the drift of the LM199.
Thermocouple effects can also use errors. The kovar leads
from the LM199 package from a thermocouple with copper
printed circuit board traces. Since the package of the 199 is
heated, there is a heat flow along the leads of the LM199
package. If the leads terminate into unequal sizes of copper
on the p.c. board greater heat will be absorbed by the larger
copper trace and a temperature difference will develop. A
temperature difference of 1'C between the two leads of the
reference will generate about 30 iJ-A.Therefore. the copper
traces to the zener should be equal in size. This will general-
ly keep the errors due to thermocouple effects under about
15 iJ-V.
The LM199 should be mounted flush on the p.c. board with
a minimum of space between the thermal shield and the
boards. This minimizes air flow across the kovar leads on
the board surface which also can cause thermocouple volt-
ages. Air currents across the leads usually appear as ultra-
low frequency noise of about 10 iJ-Vto 20 iJ-Vamplitude.
It is usually necessary to scale and buffer the output of any
reference to some calibrated voltage. Figure 10 shows a
simple buffered reference with a 10V output. The reference
is applied to the non-inverting input of the LM108A. An RC
rolloff can be inserted in series with the input to the LM108A
to roll-off the high frequency noise. The zener heater and op
amp are all powered from a single 15V supply. About 1%

Although the absolute values of the resistors are not ex-
tremely important, tracking of temperature coefficients is vi-
tal. The 1 ppm/'C drift of the LM199 is easily exceeded by
the temperature coefficient of most resistors. Tracking to
better than 1 ppm is also not easy to obtain. Wirewound
types made of Evenohm or Mangamin are good and also
have low thermoelectric effects. Film types such as Vishay
resistors are also good. Most potentiometers do not traCk
fixed resistors so it is a good idea to minimize the adjust-
ment range and therefore minimize their effects on the out-
put TC. Overall temperature coefficient of the circuit shown
in Figure 10 is worst case 3 ppm/'C. About 1 ppm is due to
the reference, 1 ppm due to the resistors and 1 ppm due to
the op amp.
Figure 11 shows a standard cell replacement with a 1.01V
output. A LM321 and LM308 are used to minimize op amp
drift to less than 1 iJ-V/'C. Note the adjustment connection
which minimizes the TC effects Of the pot. Set-up for this
circuit requires nulling the offset of the op amp first and then
adjusting for proper output voltage.
The drift of the LM321 is very predictable and can be used
to eliminate overall drift of the system. The drift changes at
3.6 iJ-V/,C per millivolt of offset so 1 mV to 2 mV of offset
can be introduced to minimize the overall TC.
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For circuits with a wide input voltage range, the reference
can be powered from the output of the buffer as is shown in
Figure 12. The op amp supplies regulated voltage to the
resistor biasing the reference minimizing changes due to
input variation. There is some change due to variation of the
temperature stabilizer voltage so extremely wide range op-
eration is not recommended for highest precision. An addi-
tional resistor (shown 80 kfi) is added to the unregulated
input to insure the circuit starts up properly at the applica-
tion of power.
A precision power supply is shown in Figure 13. The output
of the op amp is buffered by an Ie power transistor the
LM395. The LM395 operates as an NPN power device but
requires only 5 IJ-Abase current. Full overload protection
inherent in the LM395 includes current limit, safe-area pro-
tection, and thermal limit.
A reference which can supply either a positive or a negative
continuously variable output is shown in Figure 14. The ref-
erence is biased from the ± 15 input supplies as was shown

earlier. A ten-turn pot will adjust the output from +Vz to
- Vz continuously. For negative output the op amp operates
as an inverter while for positive outputs it operates as a non-
inverting connection.
Op amp choice is important for this circuit. A low drift device
such as the LM108A or a LM108-LM121 combination will
provide excellent performance. The pot should be a preci-
sion wire wound 10 turn type. It should be noted that the
output of this circuit is not linear.

CONCLUSIONS
A new monolithic reference which exceeds the performance
of conventional zeners has been developed. In fact, the
LM199 performance is limited more by external components
than by reference drift itself. Further, many of the problems
associated with conventional zeners such as hysteresis,
stress sensitivity and temperature gradient sensitivity have
also been eliminated. Finally, long-term stability and noise
are equal of the drift performance of the new device.
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LM2907 Tachometer/Speed
Switch Building Block
Applications

INTRODUCTION
Frequency to voltage converters are available in a number
of forms from a number of sources, but invariably require
significant additional components before they can be put to
use in a given situation. The LM2907, LM2917 series of
devices was developed to overcome these objections. Both
input and output interface circuitry is included on chip so
that a minimum number of additional components is re-
quired to complete the function. In keeping with the systems
building block concept, these devices provide an output
voltage which is proportional to input frequency and provide
zero output at zero frequency. In addition, the input may be
referred to ground. The devices are designed to operate

National Semiconductor
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from a single supply voltage, which makes them particularly
suitable for battery operation.

PART 1-GENERAL OPERATION PRINCIPLES

Circuit Description

Referring to Figure 1, the family of devices all include three
basic components: an input amplifier with built-in hysteresis;
a charge pump frequency to voltage converter; and a versa-
tile op amp/comparator with an uncommitted output transis-
tor. LM2917 incorporates an active zener regulator on-chip.
LM2907 deletes this option. Both versions are obtainable in
14-pin and in 8-pin dual-in-line molded packages, and to
special order in other packages.

TL/H17451-3

FIGURE 1. Block Diagrams



Nr-------------------------------------------,
CD.•..
:Z
c

Input Hysteresis Amplifier
The equivalent schematic diagram is shown in Figure 2. 01
through 011 comprise the input hysteresis amplifier. 01
through 04 comprise an input differential amplifier which, by
virtue of PNP level shifting, enables the circuit to operate
with signals referenced to ground. 07, 08, D4, and D5 com-
prise an active load with positive feedback. This load be-
haves as a bi-stable flip-flop which may be set or reset de-
pending upon the currents supplied from 02 and 03. Con-
sider the situation where 02 and 03 are conducting equally,
Le. the input differential voltage is zero. Assuming 07 to be
conducting, it will be noted that the current from 03 will be
drawn by 07 and 08 will be in the "OFF" state. This allows
the current from 02 to drive 07 in parallel with D4 and a
small resistor. D4 and 07 are identical geometry devices, so
that the resistor causes 07 to be biased at a higher level
than D4. Thus 07 will be able to conduct more current than
03 prOVides.In order to reverse the state of 07 and 08, it
will be necessary to reduce the current from 02 below that
provided by 03 by an amount which is established by Rl. It
can be shown that this requires a differential input to 01 and
04, of approximately 15mV. Since the circuit is symmetrical,
the threshold voltage to reverse the state is 15 mV in the
other direction. Thus the input amplifier has built-in hystere-
sis at ± 15 mY. This provides clean switching where noise
may be present on the input signal, and allows total rejec-
tion of noise below this amplitude where there is no input
signal.

Charge Pump
The charge pump is composed of 012 through 032. R4, R5,
and R6 provide reference voltages equal to 1/4 and 3/4 of
supply voltage to 012 and 013. When 010 turns "ON" or
"OFF," the base voltage at 016 changes by an amount
equal to the voltage across R5, that is 1/2 Vcc. A capacitor
connected between Pin 2 and ground is either charged by
021 or discharged by 022 until its voltage matches that on
the base of 016. When the voltage on 016 base goes low,
016 turns "ON," which results in 018 and 026 turning on,
which causes the current, sourced by 019 and 020, to be
shunted to ground. Thus 021 is unable to charge pin 2.
Meanwhile, 027 and 030 are turned off permitting the
200 p.A sourced by 028 and 029 to enter the emitters of
031 and 032 respectively. The current from 031 is mirrored
by 022 through 024 resulting in a 200 p.Adischarge current
through pin 2. The external capacitor on pin 2 is thus dis-
charged at a constant rate until it reaches the new base
voltage on 016. The time taken for this discharge to occur is
given by:

CVt=, (1)

where C = capacitor on pin 2
V = change in voltage on 016 base
I = current in 022

During this time, 032 sources an identical current into pin 3.
A capacitor connected to pin 3 will thus be charged by the
same current for the same amount of time as pin 2. When
the base voltage on 016 goes high, 018 and 026 are
turned off while 027 and 03 are turned "ON." In these
conditions, 021 and 025 provide the currents to charge the
capacitors on pins 2 and 3 respectively. Thus the charge

required to return the capacitor on pin 2 to the high level
voltage is duplicated and used to charge the capacitor con-
nected to pin 3. Thus in one cycle of input the capacitor on
pin 3 gets charged twice with a charge of CV.
Thus the total charge pumped into the capacitor on pin 3
per cycle is:

Now, since V = Vcc/2
then 0 = CVcc (3)
A resistor connected between pin 3 and ground causes a
discharge of the capacitor on pin 3, where the total charge
drained per cycle of input signal is equal to:

01 = V3 -T
R

where V3 = the average voltage on pin 3
T = period of input signal
R = resistor connected to pin 3

In equilibrium 0 = 01
V3-T

Le.,CVcc = -R-

RC
V3=Vcc---=r

or V3=Vcc-R-C-f
where f = input frequency

Op Amp/Comparator
Again referring to Figure 2, the op amp/ comparator includes
035 through 045. A PNP input stage again provides input
common-mode voltages down to zero, and if pin 8 is con-
nected to Vcc and the output taken from pin 5, the circuit
behaves as a conventional, unity-gain-compensated opera-
tional amplifier. However, by allowing alternate connections
of 045 the circuit may be used as a comparator in which
loads to either Vcc or ground may be switched. 045 is ca-
pable of sinking 50 mA. Input bias current is typically 50 nA,
and voltage gain is typically 200 V/mV. Unity gain slew rate
is 0.2 V/ p.s. When operated as a comparator 045 emitter
will switch at the slew rate, or the collector of 045 will
switch at that rate multiplied by the voltage gain of 045,
which is user selectable.

Active Zener Regulator
The optional active zener regulator is also shown in Figure
2. D8 provides the voltage reference in conjunction with
033. As the supply voltage rises, D8 conducts and the base
voltage on 033 starts to rise. When 033 has sufficient base
voltage to be turned "ON," it in turn causes 034 to conduct
current from the power source. This reduces the current
available for D8 and the negative feedback loop is thereby
completed. The reference voltage is therefore the zener
voltage on D8 plus the emitter base voltage of 033. This
results in a low temperature coefficient voltage.

Input Levels and Protection
In 8-pin versions of the LM2907, LM2917, the non-inverting
input of the op amp/comparator is connected to the output
of the charge pump. Also, one input to the input hysteresis
amplifier is connected to ground. The other input (pin 1) is
then protected from transients by, first a 10kO series resis-
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± 28V. In 14-pin versions the link to D1 is opened in order to
allow the base of 01 to be biased at some higher voltage.

05 clamps the negative swing on the base of 01 to about
300 mY. This prevents substrate injection in the region of
01 which might otherwise cause false switching or errone-
ous discharge of one of the timing capacitors.

The differential input options (LM2907-14, LM2917-14), give
the user the option of setting his own input switching level
and still having the hysteresis around that level for excellent
noise rejection in any application.

HOW TO USE IT

Basic f to V Converter

The operation of the LM2907, LM2917 series is best under-
stood by observing the basic converter shown in Figure 3. In
this configuration, a frequency signal is applied to the input
of the charge pump at pin 1. The voltage appearing at pin 2
will swing between two values which are approximately 1/4
(Vecl - VSE and 3/4 (Vee) - VSE. The voltage at pin 3 will
have a value equal to Vee • fiN • C1 • R1 • K, where K is
the gain constant (normally 1.0).

The emitter output (pin 4) is connected to the inverting input
of the op amp so that pin 4 will follow pin 3 and provide a
low impedance output voltage proportional to input frequen-
cy. The linearity of this voltage is typically better than 0.3%
of full scale.

Choosing R1, C1 and C2

There are some limitations on the choice of R1, C1 and C2
(Figure 3) which should be considered for optimum perform-
ance. C1 also provides internal compensation for the
charge pump and should be kept larger than 100 pF. Small-
er values can cause an error current on R1, especially at
low temperatures. Three considerations must be met when
choosing R1.

First, the output current at pin 3 is internally fixed and there-
fore V3 max, divided by R1, must be less than or equal to
this value.

V3 max
".R1~--

ISMIN
where V3 max is the full scale output voltage required

1SMIN is determined from the data sheet (150 IJ-A)
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Vcc C1 ( VCC.fIN.C1)
VRIPPLE = -2-· C2 1 - ---12-- pop

It appears R1 can be chosen independent of ripple, howev-
er response time, or the time it takes VOUT to stabilize at a
new frequency increases as the size of C2 increases. so a
compromise between ripple. response time. and linearity
must be cosen carefully. R1 should be selected according
to the following relationship:

C is selected according to:

V3 Full Scale
C1 = --------

R1 • Vee • fFULL SCALE
Next decide on the maximum ripple which can be accepted
and plug into the following equation to determine C2:

Vee C1 ( Vs)
C2 = T·VRIPPLE 1 - R112

The kind of capacitor used for timing capacitor C1 will deter-
mine the accuracy of the unit over the temperature range.
Figure 15 illustrates the tachometer output as a function of
temperature for the two devices. Note that the LM2907 op-
erating from a fixed external supply has a negative tempera-
ture coefficient which enables the device to be used with
capacitors which have a positive temperature coefficient
and thus obtain overall stabililty. In the case of the LM2917
the internal zener supply voltage has a positive coefficient
which causes the overall tachometer output to have a very
low temperature coefficient and requires that the capacitor
temperature coefficient be balanced by the temperature co-
efficient of R1.

Using Zener RegUlated Options (LM2917)

For those applications where an output voltage or current
must be obtained independently of the supply voltage varia-
tions. the LM2917 is offered. The reference typically has an
11n source resistance. In choosing a dropping resistor from
the unregulated supply to the device note that the tachome-
ter and op amp circuitry alone require about 3 mA at the
voltage level provided by the zener. At low supply voltages,



there must be some current flowing in the resistor above the
3 mA circuit current to operate the regulator. As an exam-
ple, if the raw supply varies from 9V to 16V, a resistance of
4700. will minimize these zener voltage variations to 160
mY. If the resistor goes under 4000. or over 6000. the zener
variation qUickly rises above 200 mV for the same input vari-
ation. Take care also that the power dissipation of the Ie is
not exceeded at higher supply voltages. Figure 4 shows
suitable dropping resistor values.
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(a) Ground Referenced Inputs

Input Interface Circuits
The ground referenced input capability of the LM2907-8 al-
lows direct coupling to transformer inputs, or variable reluc-
tance pickups. Figure 5(a) illustrates this connection. In
many cases, the frequency signal must be obtained from
another circuit whose output may not go below ground. This
may be remedied by using ac coupling to the input of the
LM2907 as illustrated in Figure 5(b). This approach is very
suitable for use with phototransistors for optical pickups.
Noisy signal sources may be coupled as shown in Figure
5(c). The signal is bandpass filtered. This can be used, for
example, for tachometers operating from breakerpoints on a
conventional Kettering ignition system. Remember that the
minimum input signal required by the LM2907 is only 30
mVp-p, but this signal must be able to swing at least 15 mV
on either side of the inverting input. The maximum signal
which can be applied to the LM2907 input, is ±28V. The
input bias current is a typically 100 nA. A path to ground
must be provided for this current through the source or by
other means as illustrated. With 14-pin package versions of
LM2907, LM2917, it is possible to bias the inverting input to
the tachometer as illustrated in Figure 5(d). This enables the
circuit to operate with input signals that do not go to ground,
but are referenced at higher voltages. Alternatively, this
method increases the noise immunity where large signal

T
TL/HI7451-10

(c) Bandpass Filtered Input
Reduces Noise

TL/HI7451-9

(b) AC Coupled Input

TL/HI7451-12
(d) Above Ground Sensing (e) High Common-Mode Rejection Input Circuit

FIGURE 5. Tachometer Input Configurations



levels are available but large noise signals on ground are
also present. To take full advantage of the common-mode
rejection of the input differential stage, a balanced bias con-
figuration must be provided. One such circuit is illustrated in
Figure 5(e). With this arrangement, the effective common-
mode rejection may be virtually infinite, owing to the input
hysteresis.

Output Configurations

LM2907, LM2917 series devices incorporate an unusually
flexible op amp/comparator device on-chip for interfacing
with a wide variety of loads. This flexibility results from the
availability of both the collector and emitter of the output
transistor which is capable of driving up to 50 mA of load
current. When the non-inverting input is higher than the in-
verting input, this output transistor is turned "ON". It may be
used to drive loads to either the positive or the negative
supply with the emitter or collector respectively connected
to the other supply. For example, Figure 6(a), a simple
speed switch can be constructed in which the speed signal
derived from the frequency to voltage converter is com-
pared to a reference derived simply by a resistive divider
from the power supply. When the speed signal exceeds the
reference, the output transistor turns on the light emitting
diode in the load. A small current limiting resistor should be

placed in series with the output to protect the LED and the
output transistor.

This circuit has no hysteresis in it, i.e., the turn "ON" and
turn "OFF" speed voltages are essentially equal. In cases
where speed may be fluctuating at a high rate and a flashing
LED would be objectionable, it is possible to incorporate
hysteresis so that the switch-on speed is above the switch-
off speed by a controlled amount. Such a configuration is
illustrated in Figure 6(b). Figure 6(c) shows how a grounded
load can also be switched by the circuit. In this case, the
current limiting resistor is placed in the collector of the pow-
er transistor. The base current of the output transistor (Q45)
is limited by a 5 kl1 base resistor (see Figure 2). This raises
the output resistance so that the output swing will be re-
duced at full load.

The op amp/comparator is internally compensated for unity
gain feedback configurations as in Figure 6(d). By directly
connecting the emitter output to the non-inverting input, the
op amp may be operated as a voltage follower. Note that a
load resistor is required externally. The op amp can also be
operated, of course, as an amplifier, integrator, active filter,
or in any other normal operational amplifier configuration.

One unique configuration which is not available with stan-
dard operational amplifiers, is shown in Figure 6(e). Here
the collector of the output transistor is used to drive a load

TLIH/7451-13

(a) Switching an LED
TLIH/7451-14

(b) Adding Hysteresis
to LED Switch

TUH17451-15

(c) SWitching a Grounded Load

TLIH/7451-16

(d) Voltage Follower
TLlHI7451-17

(e) Voltage to Current Converter

FIGURE 6. Output Configurations



with a current which is proportional to the input voltage. In
other words, the circuit is operating as a voltage to current
converter. This is ideal for driving remote signal sensors and
moving coil galvanometers. Figure 6(t) shows how an active
integrator can be used to provide an output which falls with
increasing speed.
These are the basic configurations obtainable with the op
amp/comparator. Further combinations can be seen in the
applications shown in Part II of this application note.

Transient Protection

Many application areas use unregulated power supplies
which tend to expose the electronics to potentially damag-
ing transients on the power supply line. This is particularly
true in the case of automotive applications where two such
transients are common.1 First is the load dump transient.
This occurs when a dead battery is being charged at a high
current and the battery cable comes loose, so that the cur-
rent in the alternator inductance produces a positive tran-
sient on the line in the order of 60V to 120V. The second
transient is called field decay. This occurs when the ignition
is turned "OFF" and the energy stored in the field winding
of the alternator causes a negative 75V transient on the
ignition line.

Figure 7 illustrates methods for protecting against these and
other transients. Figure 7(a} shows a typical situation in
which the power supply to the LM2907 can be provided
through a dropping resistor and regulated by an external
zener diode Z1, but the output drive is required to operate
from the full available supply voltage. In this case, a sepa-
rate protection zener Z2 must be provided if the voltage on
the power line is expected to exceed the maximum rated
voltage of the LM2907.
In Figure 7(b} and Figure 7(e}, the output transistor is re-
quired only to drive a simple resistive load and no second-
ary protection circuits are required. (Note that the dropping
resistor to the zener also has to supply current to the output
circuit). With the foregoing circuits, reverse supply protec-
tion is supplied by the forward biased zener diode. This de-
vice should be a low forward resistance unit in order to limit
the maximum reverse voltage applied to the integrated cir-
cuit. Excessive reverse voltage on the Ie can cause high
currents to be conducted by the substrate diodes with con-
sequent danger of permanent damage. Up to 1V negative
can generally be tolerated. Versions with internal zeners
may be self-protecting depending on the size of dropping
resistor used. In applications where large negative voltage



transients may be anticipated, a blocking diode may be con-
nected in the power supply line to the IC as illustrated in
Figure 7(d). During these negative transients, the diode D1
will be reverse biased and prevent reverse currents flowing
in the IC. If these transients are short and the capacitor C1
is large enough, then the power to the IC can be sustained.
This is useful to prevent change of state or change of
charge in in systems connected to it.

Temperature Ranges and Packaging Considerations
The LM2907, LM2917 series devices are specified for oper-
ation over the temperature range -40·C to +85·C.
The devices are normally packaged in molded epoxy, dual-
in-line packages. Other temperature ranges and other pack-
ages are availabe to special order. For reliability require-
ments beyond those of normal commercial application
where the cost of military qualification is not bearable, other
programs are available such as B+ .

PART II-APPLICATIONS

INTRODUCTION
The LM 2907, LM2917 series devices were designed not
only to perform the basic frequency to voltage function re-
quired in many systems, but also to provide the input and
output interface so often needed, so that low cost imple-
mentations of complete functions are available.

The concept of building blocks requires that a function be
performed in the same way as it can be mathematically de-
fined. In other words, a frequency to voltage converter will
provide an output voltage proportional to frequency which is
independent of the input voltage or other input parameters,
except the frequency. In the same way, the output voltage
will be zero when the input frequency is zero. These fea-
tures are built into the LM2907.
Applications for the device range from simple speed switch
for anti-pollution control device functions in automobiles, to
motor speed controls in industrial applications. The applica-
tions circuits which follow are designed to illustrate some of
the capabilities of the LM2907. In most cases, alternative
input or output configurations can be mixed and matched at
will and other variations can be determined from the de-
scription in Part I of this application note. For complete
specifications, refer to the data sheet.

Speed Switches
Perhaps the most natural application of the LM2907 is in
interfacing with magnetic pickups, such as the one illustrat-
ed in Figure 8 to perform speed switching functions. As an
example, New York taxies are required to change the inten-
sity of the warning horn above and below 45 mph. Other
examples include an over-speed warning, where a driver
may set the desired maximum speed and have an audible
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or visual warning of speeds in excess of that level. Many
anti-pollution devices included on several recent automobile
models have included a speed switch to disable the vacuum
advance function until a certain speed is attained2. A circuit
which will perform these kind of functions is shown in Figure
9. A typical magnetic pickup for automotive applications will
provide a thousand pulses per mile so that at 60 mph the
incoming frequency will be 16.6 Hz. If the reference level on
the comparator is set by two equal resistors R1 and R2 then
the desired value of C1 and R1 can be determined from the
simple relationship:

VccT=VcceC1eR1ef.

or C1R1f = 0.5
and hence C1R1 = 0.03
From the RC selection chart in Figure 10 we can choose
suitable values for R1 and C1. Examples are 100 kO and
0.3 fLF.The circuit will then switch at approximately 60 mph
with the stated input frequency relationship to speed. To
determine the ripple voltage refer back to the equation for
ripple voltage (under "Choosing R1, C1 and C2"). From this
we can determine that there will be about 10 mV of ripple at
the switching level. To prevent this from causing chattering
of the load a certain amount of hysteresis is added by in-
cluding R3. This will provide typically 1% of supply as a
hysteresis or 1.2 mph in the example. Note that since the
reference to the comparator is a function of supply voltage
as is the output from the charge pump there is no need to
regulate the power supply. The frequency at which switch-
ing occurs is independent of supply voltage.
In some industrial applications it is useful to have an indica-
tion of past speed excesses, for example in notifying the
need for checking of bearings. The LM2907 can be made to
latch until the power supply is turned "OFF" in the case
where the frequency exceeds a certain limit, by simply con-
necting the output transistor emitter back to the non-invert-
ing input of the comparator as shown in Figure 11. It can
also serve to shut off a tape recorder or editing machine at
the end of a rewind cycle. When the speed suddenly in-
creases, the device will sense the condition and shut down
the motor.

Analog Displays
The LM2907, LM2917 series devices are particularly useful
for analog display of frequency inputs. In situations where
the display device is a moving coil instrument the advan-
tages of the uncommitted output transistor can be realized
by providing a current drive to the meter. This avoids tem-
perature tracking problems with the varying meter resist-
ance and enables high resistance instruments to be driven
accurately with relatively large voltages as illustrated in Fig-
ure 12. The LM2917 version is employed here to provide a
regulated current to the instrument. The onboard 7.6V zener
is compatible with car and boat batteries and enables the
moving coil instrument to employ the full battery voltage for
its deflection. This enables high torque meters to be used.
This is particularly useful in high vibration environments
such as boats and motorcycles. In the case of boats, the
most common speed pickup for the knot meter employs a
rotating propeller driving a magnetic pickup device. Meteo-
rologists employ a large number of anemometers for mea-
suring wind velocities and these are frequently coupled by a
magnetic pickup. In examples like these, where there is fre-
quently a large distance between the display device and the
sensor, the configuration of Figure 13 can be usefully em-
ployed to cut down on the number of wires needed. Here

the output current is conducted along the supply line so that
a local current sensing device in the supply line can be used
to get a direct reading of the frequency at the remote loca-
tion where the electronics may also be situated. The small
zero speed offset due to the device quiescent current may
be compensated by offsetting the zero on the display de-
vice. This also permits one display device to be shared be-
tween several inputs.
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Automotive Tachometer
Not all inputs are derived from variable reluctance magnetic
pickups; for example, in spark ignition engines the tachome-
ter is generally driven from the spark coil. An interface cir-
cuit for this situation is shown in Figure 14.This tachometer
can be set up for any number of cylinders by linking the
appropriate timing resistor as illustrated. A 500n trim resis-
tor can be used to set up final calibration. A protection cir-
cuit composed of a 10n resistor and a zener diode is also
shown as a safety precaution against the transients which
are to be found in automobiles.

Motor Speed Controls
DC motors with or without brushes can be purchased with
ac tachometer outputs already proVided by the
manufacturer3. With these motors in combination with the
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LM2907, a very low cost speed control can be constructed.
In Figure 16 the most simple version is illustrated where the
tachometer drives the non-inverting input of the comparator
up towards the preset reference level. When that level is
reached, the output is turned off and the power is removed
from the motor. As the motor slows down, the voltage from
the charge pump output falls and power is restored. Thus
speed is maintained by operating the motor in a switching
mode. Hysteresis can be provided to control the rate of
switching. An alternative approach which gives proportional
control is shown in Figure 17. Here the charge pump inte-
grator is shown in a feedback connection around the opera-
tional amplifier. The output voltage for zero speed is equal
to the reference voltage set up on the potentiometer on

the non-inverting input. As speed increases, the charge
pump puts charge into capacitor C2 and causes the output
VOUTto fall in proportion to speed. The output current of the
op amp transistor is used to provide an analog drive to the
motor. Thus as the motor speed approaches the reference
level, the current is proportionately reduced to the motor so
that the motor gradually comes up t:> speed and is main-
tained without operating the motor in a switching mode. This
is particularly useful in situations where the electrical noise
generated by the switching mode operation is objectionable.
This circuit has one primary disadvantage in that it has poor
load regulation. A third configuration is shown in Figure 18.
This employs an LM2907-8 acting as a shunt mode regula-
tor. It also features an LED to indicate when the device is in
regulation.



Position Sensing
In addition to their use to complete tachometer feedback
loops, used in position transducer circuits. the LM2907,
LM2917 devices can also be used as position transducers.
For example, the timing resistor can be removed from pin 3
so that the output current produces a staircase instead of a
fixed dc level. If the magnetic pickup senses passing notch-
es or items, a staircase signal is generated which can then
be compared with a reference to initiate a switching action
when a specified count is reached. For example. Figure 19
shows a circuit which will count up a hundred input pulses
and then switch on the output stage. Examples of this appli-
cation can be found in automated packaging operations or
in line printers.

The output of the tachometer is proportional to the product
of supply voltage, input frequency, a capacitor and a resis-
tor. Anyone of these may be used as the input variable or
they may be used in combination to produce multiplication.
An example of a capacitive transducer is illustrated in Figure
20. where a fixed input frequency is employed either from
the 60 Hz line as a convenient source or from a stable oscil-
lator. The capacitor is a variable element mechanically cou-
pled to the system whose position is to be sensed. The
output is proportional to the capacitance value. which can
be arranged to have any desired relationship to the me-
chanical input by suitable shaping of the capacitor elec-
trodes.

100 NO.
OF CYCLES
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Analog Systems Building Block
The LM2907. LM2917 series characterize systems building
block applications by the feature that the output from the
device is proportional only to externally programmed inputs.
Any or all of these inputs may be controlled inputs to pro-
vide the desired output. For example. in Figure 20 the ca-
pacitance transducer can be operated as a multiplier. In
flow measurement indicators. the input frequency can be a
variable depending on the flow rate. such as a signal gener-
ated from a paddle wheel. propeller or vortex sensor4. The
capacitor can be an indication of orifice size or aperture
size. such as in a throttle body. The product of these two will
indicate volume flow. A thermistor could be added to R1 to
convert the volume flow to mass flow. So a combination of
these inputs. including control voltage on the supply. can be
used to provide complex multiplicative analog functions with
independent control of the variables.
Phase-locked loops (PLL) are popular today now that low
cost monolithic implementations are available off the shelf.
One of their limitations is the narrow capture range and
hold-in range. The LM2907 can be employed as a PLL help-
er. The configuration is shown in Figure 21. The LM2907
here serves the function of a frequency-to-voltage converter
which puts the YCO initially at approximately the right fre-
quency to match the input frequency. The phase detector is
then used to close the gap between YCO and input frequen-
cy by exerting a control on the summing point. In this way.
given proper tracking between the frequency-to-voltage
converter and the YCO. (which is a voltage-to-frequency
converter). a wide-range phase loop can be developed.

TUH17451-39

FIGURE 21. Phase-Locked Loop Helper
Added f to Y Greatly Increases Capture and Hold Range

The linearity of voltage controlled oscillators can be im-
proved by employing the LM2907 as a feedback control ele-
ment converting the frequency back to voltage and compar-
ing with the input voltage. This can often be a lower cost
solution to linearizing the YCO than by working directly on
the YCO itself in the open loop mode. The arrangement is
illustrated in Figure 22.

TUH/7451-40

FIGURE 22. Feedback Controlled vca
Digital Interface
A growing proportion of the complex control systems today
are being controlled by microprocessors and other digital
devices. Frequently they require inputs to indicate position
or time from some mechanical input. The LM2907 can be
used to prOVidezero crossing datum to a digital system us-
ing the circuits illustrated in Figure 23. At each zero crossing
of the input signal the charge pump changes the state of
capacitor C1 and provides a one-shot pulse into the zener
diode at pin 3. The width of this pulse is controlled by the
internal current of pin 2 and the size of capacitor C1 as well
as by the supply voltage. Since a pulse is generated by each
zero crossing of the input signal we call this a "two-shot"
instead of a "one-shot" device and this can be used for
doubling the frequency that is presented to the microproc-
essor control system. If frequency dOUblingis not required
and a square wave output is preferred. the circuit of Figure
24 can be employed. In this case. the output swing is the
same as the swing on pin 2 which is a swing of half supply
voltage starting at 1 VSE below one quarter of supply and
going to 1 YSE below three-quarters of supply. This can be
increased up to the full output swing capability by reducing
or removing the negative feedback around the op amp.



The staircase generator shown in Figure 19 can be used as
an A-D converter. A suitable configuration is shown in Fig-
ure 25. To start a convert cycle the processor generates a
reset pulse to discharge the integrating capacitor C2. Each
complete clock cycle generates a charge and discharge cy-
cle on C1. This results in two steps per cycle being added to
C2. As the voltage on C2 increases, clock pulses are re-
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turned to the processor. When the voltage on C2 steps
above the analog input voltage the data line is clamped and
C2 ceases to charge. The processor, by counting the num-
ber of clock pulses received after the reset pulse, is thus
loaded with a digital measure of the input voltage. By mak-
ing C2/C1 = 1024 an 8-bit A-D is obtained.
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Anti-Skid Circuit Functions
Motor Vehicle Standards 121 place certain stopping require-
ments on heavy vehicles which require the use of electronic
anti-skid control devices.5 These devices generally use vari-
able reluctance magnetic pickup sensors on the wheels to
provide inputs to a control module. One of the questions
which the systems designer must answer is whether to use
the average from each of the two wheels on a given axle or
to use the lower of the two speeds or to use the higher of
the two speeds. Each of the three functions can be generat-
ed by a single pair of LM2907-8 as illustrated in Figures 26-
28. In Figure 26 the input frequency from each wheel sensor
is converted to a voltage in the normal manner. The op

amp/comparator is connected with negative feedback with
a diode in the loop so that the amplifier can only pull down
on the load and not pull up. In this way, the outputs from the
two devices can be joined together and the output will be
the lower of the two input speeds. In Figure 27 the output
emitter of the on board op amp provides the pullup required
to provide a select-high situation where the output is equal
to the higher of two speeds. The select average circuit in
Figure 28 saves components by allowing the two charge
pumps to operate into a single RC network. One of the am-
plifiers is needed then to buffer the output and provide a low
impedance output which is the average of the two input fre-
quencies. The second amplifier is available for other appli-
cations.

+
VOUT
-:t--



+
Your.1-

cp

+
Your = VCCRC(II + 12)



R1 CJ

RJ +
VCC- Vour 2

R4

Transmission and Clutch Control Functions
Electric clutches can be added to automotive transmissions
to eliminate the 6% slip which typically occurs during cruise
and which results in a 6% loss in fuel economy. These de-
vices could be operated by a pair of LM290Ts as illustrated
in Figure 29. Magnetic pickups are connected to input and
output shafts of the transmission respectively and provide
frequency inputs f1 and f 2 to the circuit. Frequency, f2, be-
ing the output shaft speed, is also a measure of vehicle road
speed. Thus the LM2907-8 No.2 provides a voltage propor-
tional to road speed at pin 3. This is buffered by the op amp
in LM2907-8 No.1 to provide a speed output VOUT1on pin
4. The input shaft provides charge pulses at the rate of 2f1
into the inverting node of op amp 2. This node has the inte-
grating network R1, C3 going back to the output of the op
amp so that the charge pulses are integrated and provide
an inverted output voltage proportional to the input speed.
Thus the output VOUT2is proportional to the difference be-
tween the two input frequencies. With these two signals-
the road speed and the difference between road speed and
input shaft speed-it is possible to develop a number of
control functions including the electronic clutch and a com-
plete electronic transmission control. (In the configuration
shown, it is not possible for VOUT2to go below zero so that
there is a limitation to the output swing in this direction. This
may be overcome by returning R3 to a negative bias supply
instead of to ground.)

CONCLUSION
The applications presented in this note indicate that the
LM2907, LM2917 series devices offer a wide variety of uses
ranging from very simple low cost frequency to voltage con-
version to complex systems bUildingblocks. It is hoped that
the ideas contained here have given suggestions which may
help provide new solutions to old problems. Additional appli-
cations ideas are included in the data sheet, which should
be referred to for all specifications and characteristics.
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DESCRIPTION
A new IC zener with low dynamic impedance and wide oper-
ating current range significantly simplifies reference or regu-
lator circuit design. The low dynamic impedance provides
better regulation against operating current changes, easing
the requirements of the biasing supply. Further, the temper-
ature coefficient is independent of operating current, so that
the LM 129 can be used at any convenient current level.
Other characteristics such as temperature coefficient, noise
and long term stability are equal to or better than good qual-
ity discrete zeners.

The LM129 uses a new subsurface breakdown IC zener
combined with a buffer circuit to lower dynamic impedance.
The new subsurface zener has low noise and excellent long
term stability since the breakdown is in the bulk of the sili-
con. Circuitry around the zener supplies internal biasing cur-
rents and buffers exlernal current changes from the zener.
The overall breakdown is about 6.9V with devices selected
for temperature coefficients.

The zener is relatively straightforward. A buried zener 01
breaks down biasing the base of transistor 01. Transistor
01 drives two buffers 02 and 03. Exlernal current changes
through the circuit are fully absorbed by the buffer transis-
tors rather than by 01. Current through 01 is held constant
at 250 /LA by a 2k resistor across the emitter base of 01
while the emitter-base voltage of 01 nominally temperature
compensates the reference voltage.

The other components, 04, 05 and 06, set the operating
current of 01. Frequency compensation is accomplished
with two junction capacitors.

All that is needed for biasing in most applications is a resis-
tor as shown in Figure 2. Biasing current can be anywhere
from 0.6 mA to 15 mA with little change in performance.
Optimally, however, the biasing current should be as low as
possible for the best regulation. The dynamic impedance of
the LM129 is about 1 !l. and is independent of current.
Therefore, the regulation of the LM129 against voltage
changes is 1/Rs.

Lower currents or higher Rs give better regulation. For ex-
ample, with a 15V supply and 1 mA operating current, the
reference change for a 10% change in the 15V supply is
180 /LV. If the LM129 is run at 5 mA, the change is 900 /LV
or 5 times worse. By comparison, a standard IN821 zener
will change about 17 mY. All discrete zeners have about the
same regulation since their dynamic impedance is inversely
proportional to operating current.

If the zener does not have to be grounded, a bridge com-
pensating circuit can be used to get virtually perfect regula-
tion, as shown in Figure 3. A small compensating voltage is
generated across Rl, which matches the dynamic imped-
ance of the LM129. Since the dynamic impedance of the
LM129 is linear with current, this circuit will work even with
large changes in the unregulated input voltage.

v-
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Other output voltages are easily obtained with the simple
op-amp circuit shown in Figure 4. A simple non-inverting
amplifier is used to boost and buffer the zener to 10V. The
reference is run directly from the input power rather than the
output of the op-amp. When the zener is powered from the
op-amp, special starting circuitry is sometimes necessary to
insure the output comes up in the right polarity. For outputs
lower than the breakdown of the LM129 a divider can be
connected across the zener to drive the op-amp.

An AC square wave or bipolarity output reference can easily
be made with an op-amp and FET switch as shown in Figure
5. When 01 is "ON", the LM108 functions as a normal in-
verting op-amp with a gain of -1 and an output of - 6.9V.
With 01 "OFF" the op-amp acts as a giving 6.9 V at the
output. Some non-symmetry will occur from loading change
on the LM129 in the different states and mismatch of R1
and R2. Trimming either R1 or R2 can make the output
exactly symmetrical around ground.

TlIH/5614-2

FIGURE 6. High Stability 10 V Regulator



By combining the LM129 with an LM117 three-terminal reg-
ulator a high stability power regulator can be made. This is
shown in Figure 6. Resistor R1 biases the LM129 at about 1
mA from the 1.25V reference in the LM117. The voltage of
the LM129 is added to the 1.25V of the LM117 to make a
total reference voltage of 8.W. The output voltage is then
set at 10V by R2 and R3. Since the internal reference of the
LM117 contributes only about 20% of the total reference
voltage, regulation and drift are essentially those of the ex-
ternal zener. The regulator has 0.2% load and line regula-
tion and if a low drift zener such as the LM129A is used
overall temperature coefficient is less than 0.002%/"C.
The new zener can be used as the reference for conven-
tional IC voltage regulators for enhanced performance.
Noise is lower, time stability is better, and temperature coef-
ficient can be better depending on the device selected. Fur-
ther, the output voltage is independent of power changes in
the regulator.
Figure 1shows an LM723 using an external LM129 refer-
ence. The internal 7V reference is not used and a single
resistor biases the LM129 as the reference. The 5k resistor
chosen provides sufficient operating current for the zener
over the 10V to 40V input voltage range of the LM723.
Since the dynamic impedance of the LM129 is so low, the
reference regulation against line changes is only 0.02%N.
This is small compared to the regulation of 0.1%N for the
LM723; however, the resistor can be replaced by a 1 mA to
5 mA FET used as a constant current source for improved

regulation. When the FET is used reference regulation is
easily 0.001%N. Output voltage is set in the standard man-
ner except that for low output voltages sufficient current
must be run through the zener to power the voltage divider
supplying the reference to the LM723.
An overload protected power shunt regulator is shown in
Figure 8. The output voltage is about 7.8V - the 7V break-
down of the LM129 plus the 0.8V emitter-base voltage of
the LM395. The LM395 is an IC, 1.5 A power transistor with
complete overload protection on the chip. Included on the
chip are current limiting and thermal limiting, making the de-
vice virtually blowout-proof. Further, the base current is only
5 p.A, making it easy to drive as a shunt regulator. As the
input voltage rises, more drive is applied to the base of the
LM395, turning it on harder and dropping more voltage ac-
cross the series resistance. Should the input voltage rise
too high, the LM395 will current limit or thermal limit, pro-
tecting itself.
The new IC zener can replace existing zeners in just about
any application with improved performance and simpler ex-
ternal circuitry. As with any zener reference, devices are
selected for temperature coefficient and operating tempera-
ture range. Since the devices are made by a standard inte-
grated circuit process, cost is low and good reproducibility is
obtained in volume production.
Finally, since the device is actually an IC, it is packaged in a
rugged TO-46 metal can package or a 3-lead plastic transis-
tor package.



Applications for an
Adjustable Ie Power
Regulator

A new 3-terminal adjustable IC power regulator solves many
of the problems associated with older, fixed regulators. The
LM117, a 1.SA IC regulator is adjustable from 1.2V to 40V
with only 2 external resistors. Further, improvements are
made in performance over older regulators. Load and line
regulation are a factor of 10 better than previous regulators.
Input voltage range is increased to 40V and output charac-
teristics are fully specified for load of 1.SA. Reliability is im-
proved by new overload protection circuitry as well as 100%
burn-in of all parts. The table below summarizes the typical
performance of the LM117.

TABLE I

Output Voltage Range 1.2SV-40V
Line Regulation 0.01%/V
Load Regulation IL = 1.SA 0.1%
Reference Voltage 1.2SV
Adjustment Pin Currrent SO)-'A
Minimum Load Current (Quiescent Current) 3.S mA
Temperature Stability 0.01%/"C
Current Limit 2.2A
Ripple Rejection 80 dB

The overload protection circuitry on the LM117 includes cur-
rent limiting, safe-area protection for the internal power tran-
sistor and thermal limiting. The current limit is set at 2.2A
and, unlike presently available positive regulators, remains
relatively constant with temperature. Over a -SS·C to
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+ 1S0·C temperature range, the current limit only shifts
about 10%.
At high input-to-output voltage differentials the safe-area
protection decreases the current limit. With the LM117, full
output current is available to 1SV differential and, even at
40V, about 400 mA is available. With some regulators, the
output will shut completely off when the input-to-output dif-
ferential goes above 30V, possibly causing start-up prob-
lems. Finally, the thermal limiting is always active and will
protect the device even if the adjustment terminal should
become accidentally disconnected.
Since the LM117 is a floating voltage regulator, it sees only
the input-to-output voltage differential. This is of benefit, es-
pecially at high output voltage. For example, a 30V regulator
nominally operating with a 38V input can have 70V input
transient before the 40V input-to-output rating of the LM117
is exceeded.

BASIC OPERATION
The operation of how a 3-terminal regulator is adjusted can
be easily understood by referring to Figure 1,which shows a
functional circuit. An op amp, connected as a unity gain
buffer, drives a power Darlington. The op amp and biasing
circuitry for the regulator is arranged so that all the quies-
cent current is delivered to the regulator output (rather than
ground) eliminating the need for a separate ground terminal.
Further, all the circuitry is designed to operate over the 2V
to 40V input-to-output differential of the regulator.



A 1.2V reference voltage appears inserted between the
non-inverting input of the op amp and the adjustment termi-
nal. About 50 ,...A is needed to bias the reference and this
current comes out of the adjustment terminal. In operation,
the output of the regulator is the voltage of the adjustment
terminal plus 1.2V. If the adjustment terminal is grounded,
the device acts as a 1.2V regulator. For higher output volt-
ages, a divider R1 and R2 is connected from the output to
ground as is shown in Figure 2. The 1.2V reference across
resistor R1 forces 10 mA of current to flow. This 10 mA then
flows through R2, increasing the voltage at the adjustment
terminal and therefore the output voltage. The output volt-
age is given by:

VOUT = 1.2V x ( 1 + :~) + 50,...A R2

The 50 ,...A biasing current is small compared to 5 mA and
causes only a small error in actual output voltages. Further,
it is extremely well regulated against line voltage or load
current changes so that it contributes virtually no error to
dynamic regulation. Of course, programming currents other
than 10 mA can be used depending upon the application.

Since the regulator is floating, all the quiescent current must
be absorbed by the load. With too light of a load, regulation
is impaired. Usually, a 5 mA programming current is suffi-
cient; however, worst case minimum load for commercial
grade parts requires a minimum load of 10 mA. The mini-
mum load current can be compared to the quiescent current
of standard regulators.

APPLICATIONS

An adjustable lab regulator using the LM117 is shown in
Figure 2 and has a 1.2V to 25V output range. A 10 mA
program current is set by R1 while the output voltage is set
by R2. Capacitor C1 is optional to improve ripple rejection
so that 80 dB is obtained at any output voltage. The diode,
although not necessary in this circuit since the output is
limited to 25V, is needed with outputs over 25V to protect
against the capacitors discharging through low current
nodes in the LM117 when the input or output is shorted.

Tl/HI7334-2

FIGURE 2. Basic Voltage Regulator

The programming current is constant and can be used to
bias other circuitry, while the regulator is used as the power
supply for the system. In Figure 3, the LM117 is used as a
15V regulator while the programming current powers an
LM127 zener reference. The LM129 is an IC zener with less
than 1fl dynamic impedance and can operate over a range
of 0.5 mA to 15 mA with virtually no change in performance.

Another example of using the programming current is
shown in Figure 4 where the output setting resistor is
tapped to provide multiple output voltage to op amp buffers.
An additional transistor is included as part of the overload
protection. When any of the outputs are shorted, the op
amp will current limit and a voltage will be developed across
its inputs. This will turn "ON" the transistor and pull down
the adjustment terminal of the LM 117, causing all outputs to
decrease, minimizing possible damage to the rest of the
circuitry.

Ordinary 3-terminal regulators are not especially attractive
for use as precision current regulators. Firstly, the quiescent
current can be as high as 10 mA, giving at least 1% error at
1A output currents, and more error at lower currents. Sec-
ondly, at least 7V is needed to operate the device. With the
LM 117, the only error current is 50 ,...A from the adjustment
terminal, and only 4.2V is needed for operation at 1.5A or
3.2V at 0.5A. A simple 2-terminal current regulator is shown
in Figure 5 and is usable anywhere from 10 mA to 1.5A.

Figure 6 shows an adjustable current regulator in conjunc-
tion with the voltage regulator from Figure 2 to make con-
stant voltage/constant current lab-type supply. Current
sensing is done across R1, a 1fl resistor, while R2 sets the
current limit point. When the wiper of R2 is connected, the
1fl sense resistor current is regulated at 1.2A. As R2 is
adjusted, a portion of the 1.2V reference of the LM 117 is
cancelled by the drop across the pot, decreasing the current
limit point. At low output currents, current regulation is de-
graded since the voltage across the 1fl sensing resistor
becomes quite low. For example, with 50 mA output current,
only 50 mV is dropped across the sense resistor and the
supply rejection of the LM117 will limit the current regulation

VREF = 6.95V

01
lM129
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FIGURE 3. Regulator and Voltage Reference



to about 3% for a 40V change across the device. An alter-
nate current regulator is shown in Figure 7 using an addi-
tional LM117 to provide the reference. rather than an
LM113 diode. Both current regulators need a negative sup-
ply to operate down to ground.
Figure 8 shows a 2-wire current transmitter with 10 mA to
50 mA output current for a 1V input. An LM117 is biased as
a 10 mA current source to set the minimum current and
provide operating current for the control circuitry. Operating

off the 10 mA is an LM108 and an LM129 zener. The zener
provides a common-mode voltage for operation of the
LM108 as well as a 6.9V reference. if needed. Input signals
are impressed across R3. and the curent through R3 is de-
livered to the output of the regulator by 01 and 02. For a
25.0. resistor. this gives a 40 mA current change for a 1V
input. This circuit can be used in 4 mA to 20 mA applica-
tions. but the LM117 must be selected for low quiescent
current. Minimum operating voltage is about 12V.

1.2SV
10UT~R1

10 mA ,;; lOUT';; 1.SA
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FIGURE 5. 2-Termlnal Current RegUlator
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RMS Converters and
Their Applications

INTRODUCTION
A true RMS converter is a device which converts a signal
(DC, AC, AC + DC) to its equivalent DC heating value. These
devices are useful in fundamental measurements of virtually
all waveforms.

SOME BASICS ABOUT RMS CONVERTERS
I. What Is the RMS Value of a Waveform?

The Root Mean Squared (RMS) value of a waveform is a
fundamental measurement of that waveform: it is a measure
of the waveform's heating value when applied to a resistor.

A fundamental theory of Fourier Analysis states that any
periodic function may be represented in a trigonometric se-
ries. This series is sum of sinusoidal components having
different frequencies and amplitudes. These components
are all multiples of the fundamental frequency. Thus, for a
periodic function, the power content (also its mean-squared
value) in the period T is defined to be:

1 f/2 00

mean square value = - U(t)]2 dt = L ICn[2
T -T/2 n ~ - 00

where the Cns are the complex Fourier coefficients of the
function. It is seen that if fIt) is a voltage or a current wave-
form, then the mean square value represents the average
power delivered by fIt) to a 1!l. resistor. Summing its dis-
crete components, one can obtain the power content of the
signal. A graph of these components vs frequency is known
as a power spectral density plot.

The RMS value is defined to be:

RMS = ~ f: [J(t)]2 dt

Thus, one can see that the RMS value is just the square
root of the mean square value.

Since the mean square value of a periodic function is the
sum of the mean square value of its discrete harmonics
(without regard to their phases) it is seen that any signal
with the same mean square value (thus RMS value) will
dissipate the same amount of energy, over a period, in a
resistor.

Whereas periodic signals may be completely described by
their amplitudes, phases, and frequencies, random signals
are those where future behavior cannot be predicted. Ran-
dom signals may only be described by quantities such as
the RMS value, power spectral density, and probability dis-
tribution. If for a random signal there exists a statistical val-
ue such as the RMS that is independent of time, then this
signal is said to be stationary. The RMS value of any station-
ary zero mean random signal is equal to the standard devia-
tion of the signal.
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Whereas periodic signals have a discrete power density
spectrum, random signals have a continuous spectrum. The
RMS value of a random signal may be defined to be:

RMS = ~T ~ 00 ~ 1":f(t)2 dt

For a random signal, then, it is necessary to break the signal
up into many narrow bands in order to investigate its power
spectral density.

II. Why RMS Converters? Why Not Average Detect?
Since the mean square value (hence RMS) measures the
power content of a signal, it provides a universal scale of
measurement. An RMS measurement will give the intensity
of a random phenomenon when averaged over a time inter-
val. Besides periodic signals, phenomena such as acoustic
noise, electrical noise, and mechanical vibration may be
characterized. It is seen that instruments that read RMS val-
ues would be highly desirable.

Until recently, due to the high cost of RMS converters, most
AC voltmeters did not read the RMS value of a waveform.
Instead, they were average reading and RMS calibrated.
This is done by taking the Mean Averaged Value (MAY) and
multiplying by a factor of 1.11. This calibration is accurate
only for measuring sinewaves. However, if the signal is not a
pure sinewave, this type of instrument could lead to great
errors. For example, such meters would read about 11 %
low on gaussian noise and about 11% high on symmetrical
square waves. Note that if one knew beforehand that the
waveform to be measured consisted of symmetrical square
waves the meter could be calibrated accordingly. However,
this meter would hardly be useful for anything else. Also,
since many signals may change waveform during measure-
ment, it would be impossible to try to calibrate the meter.

An example of a varying waveform would be the output of a
ferroresonant line voltage regulator. The waveform could
change from a sinewave to a square wave; when the output
is a sinewave the average type meter would read correctly,
however when the output is a square wave the meter would
read in error of as much as 11 %.

Another example would be the voltage from an SCR con-
trolled circuit. An averaging meter would read correctly only
during 180' conduction angle; it would read in error of 51%
at 45' conduction angle.

Yet another example would be the output of an audio sys-
tem during intermodulation testing. The true RMS value is
insensitive to the ratio of frequencies, while the average val-
ue is highly sensitive to this ratio. Table I compares normal-
ized readings between RMS and average detecting type
meters. It is seen that whenever a waveform other than si-
nusoidal is to be measured, an RMS type meter should be
used.



180' 1 1
SCR Cond Angle 90' 0.707 0.5

45' 0.301 0.15

Gassian Noise I)' 0.891)'

Zero Based 10% duty cycle AI.ffO Al10

Pulse Train 1% duty cycle Al10 Al100

III. What Kinds of RMS Converters Are There?

There are basically three methods of RMS measurements:

1. Thermal. This method is achieved by converting an un-
known voltage or current into heat in a known value of
resistance.

2. Direct Computing. From the definition of RMS,

RMS = ~~ 1": f(t)2 dt

we can see that the RMS value may be determined by
first squaring the waveform, then averaging it, and then
taking the square root. This method is illustrated in
Figure 1.

TLiH/8747-1

FIGURE 1. Direct Computing Type RMS Converter

3. Implicit Computing. This scheme is similar to the sec-
ond one with the square root performed by feedback and
the squaring done by log method. This method is illustrat-
ed in Figure 2.

TL/H/8747-2

FIGURE 2. Implicit Computing Type RMS Converter

Of the three methods mentioned above, the Implicit Com-
puting method is by far the most desirable-since a convert-
er of this type can achieve great accuracy, wide bandwidth,
high dynamic range, and low cost. The LH0091, National
Semiconductor's true RMS converter, is such a unit.

SPECIFICATIONS

An ideal RMS converter would have infinite crest factor re-
sponse, infinite bandwidth, and no errors due to conversion.
Since this is not yet an ideal world, the performance of a
practical converter will be discussed.

1. Crest Factor. Crest Factor is the peak signal value divid-
ed by the RMS value. In general, the higher the crest
factor a signal has, the higher the conversion error will be
for a converter. This is due to internal circuit limitations.
However, most signals encountered in measurement do
not have high crest factors. For example, sinewaves have
a crest factor of 1.414; triangular waves have CF of 1.73;
for an SCR output, the CF varies from 1.414 to 3 as pow-
er output varies from 100% to 10%. One of the few
waveforms which has high crest factor is noise; however,
the crest factor of common noise is 3 or less for 99.7% of
the time. The probability of a gaussian noise having a
crest factor greater than 4 is 0.01 %.

A zero based pulse train is one of the rare waveforms
which can have very high crest factors; such a pulse train
with a 1% duty cycle will have a crest factor of ten. Using
the high crest factor connection, the LH0091 will respond
to signals with crest factor of 10 with typically no more
than 0.2% error.

2. Accuracy. The accuracy of a converter is in reality its
conversion error. Error is the amount by which the actual
DC output differs from the theoretical value. It is custom-
ary to define error as a sum of a fixed offset term and a
percent of reading term. For the LH0091, both the unad-
justed and the adjusted total errors are specified; they are
20 mV ± 0.5% and 0.5 mV ± 0.05% respectively.

3. Frequency Response. The frequency response of a
computing type RMS converter has an upper and a lower
bound; on the low frequency end, it depends on the size
of averaging capacitor; on the high frequency end, it de-
pends on internal circuitry. Since this type of converter
uses an RC filter for averaging, the RC time constant is
critical for low frequency response. The RC time constant
should be much greater (10 times or more) than the peri-
od of the lowest frequency component of the signal. For
the LH0091, the RC time constant is simply the product
of a 10 kO resistor and the ex1ernal capacitor. Low leak-
age capacitors should be chosen.

4. Frequency for Specified Adjusted Error. This is the
frequency below which the output will maintain the adjust-
ed accuracy (specified for sinewaves). For the LH0091,
the device will maintain the adjusted accuracy to 70 kHz,
typically, for a 7 Vrms input.

5. Frequency for 1% Additional Error. This is the frequen-
cy below which the device will have an additional error of
less than 1% of the initial reading (midband). This is also
specified for sinewaves. This frequency is typically
200 kHz for a 7 Vrms input with the LH0091.



APPLICATIONS
RMS converters may be used in measurement of virtually
any waveform. The examples below are only a few of the
many possible applications.
A. Spectrum Analysis
Spectrum analysis is useful in characterizing random phe-
nomena, identifying sources of mechanical vibration and
noise. It is also used in characterizing the energy content of
a signal. The RMS converter may be used in such an appli-
cation.
As shown in Figure 3, the signal is passed through a tunable
bandpass filter, and then it is read by the RMS converter.
The output from the RMS converter represents the energy
content in the narrow band of frequencies. If this procedure
were repeated many times (each time changing the center
frequency of the filter) we would have the power spectral
density of the signal.

TL/H/B747-3

FIGURE 3. Application of the RMS Converter
in Spectrum Analysis

B. Total Harmonic Distortion Meter
A simple and low cost total % harmonic distortion meter is
shown in Figure 4.

FIGURE 4. Total Distortion Meter
It is seen that the amplitude of the signal from which the
fundamental has been rejected is divided by the amplitude
of the composite signal; thus the output is a measure of
total harmonic distortion.
C. Noise Meter
A complete noise meter is shown in Figure 5. Note that this
meter will indicate the total noise within the frequency band
of interest. However, if a tunable filter were added, one
could plot the noise spectrum of the environment, thus be-
ing able to identify the sources of noise.
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D. Current Measurement
A current meter capable of measuring complex current
waveforms is shown in Figure 6. Note that since the RMS
converter is used, virtually any current waveform may be
measured. Examples of such current waveforms are pulse
train, SCR, and noise.

FIGURE 6. Current Meter
E. DVM AC Interface
Another application of the RMS converter would be an AC
interface to a DVM. With such an interface, a DVM may be
used to measure complex signals. Since most computing
type RMS converters have relatively low input impedance, a
buffer should be added as shown in Figure 7.

FROM If>l1 TO DVMAUTO
RANGE RMS 0
0

lF156 lHOO91

FIGURE 7. DVM AC Interface
F. Random Vibration and Noise
Random phenomena, such as random vibration and electri-
cal noise, may be described only by such quantities as
RMS, power spectral density, and probability distribution of
magnitudes.
The spectral density of a wide band random signal is de-
fined to be the mean square value of the signal per unit
bandwidth. It is seen that we can obtain a kind of spectral
density by dividing the RMS value (band limited) by the
square root of the noise bandwidth, where:

noise = E/W volts/Hz%
The result can be interpreted as simply the RMS noise volt-
age in 1 Hz of bandwidth. Thus wideband electrical noise
may be measured as shown in Figure 8. If the filter in Figure
8 is tunable, then it would be possible to plot the spectral
density of the signal.

FIGURE 8. Measurement of Noise
For random mechanical vibrations, an accelerometer and a
preamp are added to the cirucit. This is shown in Figure 9.

~~LsL.:..-r
lH0091
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FIGURE 9. Application of the RMS Converter
in Random Vibration



G. Ball Bearing and Other Vibrational Failure Monitor
A very interesting application of the RMS converter is in the
monitoring of ball bearing and other vibrational failure. A
discussion is given on the ball bearing, but the principle is
applicable to any vibrational monitors.

It has been found" that a knowledge of bearing geometry is
sufficient to enable the prediction of frequency of fault-in-
duced vibration. There are natural frequency formulas relat-
ing directly to bearing geometry. When vibration is generat-
ed by impact due to defects, the impact frequencies are
usually much lower than the natural frequency of the outer
bearing race. Thus the natural frequencies are brought to
life. An example of this would be a bell of 200 Hz natural
frequency being struck several times a second: the corre-
sponding plot of the oscillation would tend to exhibit 200 Hz
and ignore the striking frequency.

It is possible to monitor the fundamental frequency of the
outer race. However, it may be necessary to monitor a band
of frequencies, depending on the application. If an RMS
reading is taken to detect the normal operation level of a
new bearing (after a few hours of operation) a safe level
may now be set. Thereafter, if the RMS level exceeds the
set safe level, an alarm could be triggered. A circuit for such
a function is shown in Figure 10. If the bandpass filter is
tunable, diagnosis of the failure can be performed.

ACCELER·
OMETER

OR OTHER
TRANSOUCER

CONCLUSION
In conclusion, it has been found that the RMS converter is a
versatile component. Applications range from complex cur-
rent waveform measurement to ball bearing failure monitor.
The examples cited in this note are but a few of the many
possible applications.
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3-Terminal Regulator
is Adjustable

INTRODUCTION
Until now, all of the 3-terminal power Ie voltage regulators
have a fixed output voltage. In spite of this limitation, their
ease of use, low cost, and full on-chip overload protection
have generated wide acceptance. Now, with the introduc-
tion of the LM11l, it is possible to use a single regulator for
any output voltage from 1.2V to 3lV at 1.5A. Selecting
close-tolerance output voltage parts or designing discrete
regulators for particular applications is no longer necessary
since the output voltage can be adjusted. Further, only one
regulator type need be stocked for a wide range of applica-
tions. Additionally, an adjustable regulator is more versatile,
lending itself to many applications not suitable for fixed out-
put devices.
In addition to adjustability, the new regulator features per-
formance a factor of 10 better than fixed output regulators.
Line regulation is 0.01%N and load regulation is only 0.1%.
It is packaged in standard TO-3 transistor packages so that
heat sinking is easily accomplished with standard heat
sinks. Besides higher performance, overload protection cir-
cuitry is improved, increasing reliability.

ADJUSTABLE REGULATOR CIRCUIT
The adjustment of a 3-terminal regulator can be easily un-
derstood by referring to Figure 1, which shows a functional
circuit. An op amp, connected as a unity gain buffer, drives a
power Darlington. The op amp and biasing circuitry for the
regulator are arranged so that all the quiescent current is
delivered to the regulator output (rather than ground) elimi-
nating the need for a separate ground terminal. Further, all
the circuitry is designed to operate over the 2V to 40V input
to output differential of the regulator.
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A 1.2V reference voltage appears inserted between the
non-inverting input of the op amp and the adjustment termi-
nal. About 50 I'-A is needed to bias the reference and this
current comes out of the adjustment terminal. In operation,
the output of the regulator is the voltage of the adjustment
terminal plus 1.2V. If the adjustment terminal is grounded,
the device acts as a 1.2V regulator. For higher output volt-
ages, a divider R1 and R2 is connected from the output to
ground as is shown in Figure 2. The 1.2V reference across
resistor R1 forces 5 mA of current to flow. This 5 mA then
flows through R2, increasing the voltage at the adjustment
terminal and therefore the output voltage. The output volt-
age is given by:

Your = 1.2V (1 + :~) + 50 I'-A R2

The 50 I'-A biasing current is small compared to 5 mA and
causes only a small error in actual output voltages. Further,
it is extremely well regulated against line voltage or load
current changes so that is contributes virtually no error to
dynamic regulation. Of course, programming currents other
than 5 mA can be used depending upon the application.
Since the regulator is floating, all the quiescent current must
be absorbed by the load. With too light of a load, regulation
is impaired. Usually the 5 mA programming current is suffi-
cient; however, worst case minimum load for commercial
grade parts requires a minimum load of 10 mA. The mini-
mum load current can be compared to the quiescent current
of standard regulators.

t Solid tantalum

·Discharges C1 if output is shorted to ground

FIGURE 2. Adjustable Regulator with
Improved Ripple Rejection



OVERLOAD PROTECTION CIRCUITRY
An important advancement in the LM117 is improved cur-
rent limit circuitry. Current limit is set internally at about 2.2A
and the current limit remains constant with temperature.
Older devices such as the LM309 or LM7800 regulators use
the turn-on of an emitter-base junction of a transistor to set
the current limit. This causes current limit to typically change
by a factor of 2 over a - 55'C to + 150'C temperature
range. Further, to insure adequate output current at 150'C
the current limit is relatively high at 25'C, which can cause
problems by overloading the input supply.
Also included is safe-area protection for the pass transistor
to decrease the current limit as input-to-output voltage dif-
ferential increases. The safe area protection circuit in the
LM117 allows full output current at 15V differential and does
not allow the current limit to drop to zero at high input-to-
output differential voltages, thus preventing start up prob-
lems with high input voltages. Figure 3 compares the current
limit of the LM117 to an LM340 regulator.
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FIGURE 3. Comparison of LM117 Current
Limit with Older Positive Regulator

Thermal overload protection, included on the chip, turns the
regulator OFF when the chip temperature exceeds about
170'C, preventing destruction due to excessive heating.
Previously, the thermal limit circuitry required about 7V to
operate. The LM117 has a new design that is operative
down to about 2V. Further, the thermal limit and current limit
circuitry in the LM117 are functional, even if the adjustment
terminal should be accidentally disconnected.

OPERATING THE LM117
The basic regulator connection for the LM117, as shown in
Figure 2, only requires the addition of 2 resistors and a stan-
dard input bypass capacitor. Resistor R2 sets the output
voltage while R1 provides the 5 mA programming current.
The 2 capacitors on the adjustment and output terminals
are optional for improved performance.
Bypassing the adjustment terminal to ground improves rip-
ple rejection. This bypass capacitor prevents ripple from be-
ing amplified as the output voltage is increased. With a
10 J.'Fbypass capacitor, 80 dB ripple rejection is obtainable
at any output level. Increases over 10 J.'Fdo not appreciably
improve the ripple rejection at 120 Hz. If a bypass capacitor
is used, it is sometimes necessary to include protection

diodes as discussed later, to prevent the capacitor from dis-
charging through internal low current paths in the LM117
and damaging the device.
Although the LM117 is stable with no output capacitors, like
any feedback circuit, certain values of external capacitance
can cause excessive ringing. This occurs with values be-
tween 500 pF and 5000 pF. A 1 J.'Fsolid tantalum (or 25 J.'F
aluminum electrolytic) on the output swamps this effect and
insures stability. When external capacitors are used with
any IC regulator, it is sometimes necessary to add protec-
tion diodes to prevent the capacitors from discharging
through low current points into the regulator. Most 10 J.'F
capacitors have low enough internal series resistance to de-
liver 20A spikes when shorted. Although the surge is short,
there is enough energy to damage parts of the IC.
When an output capacitor is connected to a regulator and
the input is shorted, the output capacitor will discharge into
the output of the regulator. The discharge current depends
on the value of the capacitor, the output voltage of the regu-
lator, and the rate of decrease of VIN. In the LM117, this
discharge path is through a large junction that is able to
sustain a 20A surge with no problem. This is not true of
other types of positive regulators. For output capacitors of
25 J.'For less, there is no need to use diodes.
The bypass capacitor on the adjustment terminal (C2) can
discharge through a low current junction. Discharge occurs
when either the input or output is shorted. Internal to the
LM117 is a 500. resistor which limits the peak discharge
current. No protection is needed for output voltages of 25V
and less than 10 J.'Fcapacitance. Figure 4 shows an LM117
with protection diodes included for use with outputs greater
than 25V and high values of output capacitance.

01
lN4002

+ C2r'M
D1 protects against C1 (input shorts)

D2 protects against C2 (output shorts)

FIGURE 4. Regulator with Protection Diodes
Against Capacitor Discharge

Some care should be taken in making cunnection to the
LM117 to achieve the best load regulation. Series resist-
ance between the output of the regulator and programming
resistor R1 should be minimized. Any voltage drop due to
load current through this series resistance appears as a
change in the reference voltage and degrades regulation. If
possible, 2 wires should be connected to the output-1 for
load current and 1 for resistor R1. The ground of R2 can
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Operation of the LM317 down to OV output requires the
addition of a negative supply so that the adjustment terminal
can be driven to -1.2V. An LM329 6.9V reference is used
to provide a regulated -1.2V reference to the bottom of
adjustment pot R2. The LM329 is an IC zener which has
exceptionally low dynamic impedance so the negative sup-
ply need not be well regulated. Note that a 10 mA program-
ming current is used since lab supplies are often used with
no-load, and the LM317 requires a worst-case minimum
load of 10 mA.
The 1.2V minimum output of the LM117 makes it easy to
design power supplies with electrical shut-down At 1 2V
most circuits draw only a small fraction of their no;mal o~er:
ating current. In Figure 6 a TTL input signal causes 01 to
ground the adjustment terminal decreasing the output to
1.2V. If true zero output is desired, the adjustment can be
driven to -1.2V; however, this does require a separate neg-
ative supply.
When fixed output voltage regulators are used as on-card
regulator for multiple cards, the normal output voltage toler-
ance of ± 5% between regulators can cause as much as
10% difference in operating voltage between cards.

TLiH/1532-5

FIGURE 5. General Purpose 0-30V Power Supply

ment terminals of all devices are tied together and a single
divider is used to set the outputs. Programming current is
set at 10 mA to minimize the effects of the 50 /LA biasing
current of the regulators and should further be increased if
many LM117's are used. Diodes connected across each
regulator insure that all outputs will decrease if 1 regulator is
shorted.
Two terminal current regulators can be made with fixed-out-
put regulators; however, their high output voltage and high
qUiescent current limit their accuracy. With the LM117 as
shown in Figure 8, a high performance current source useful
from 10 mA to 1.5A can be made. Current regulation is typi-
cally 0.01%N even at low currents since the quiescent cur-
rent does not cause an error. Minimum operating voltage is
less than 4V, so it is also useful as an in-line adjustable
current limiter for protection of other circuitry.
Low cost adjustable switching regulators can be made using
an LM317 as the control element. Figure 9 shows the sim-
plest configuration. A power PNP is used as the switch driv-
ing an L-C filter. Positive feedback for hysteresis is applied
to the LM317 through R6. When the PNP switches, a small
square wave is generated across R5. This is level shifted
and applied to the adjustment terminal of the regulator by
R4 and C2, causing it to switch ON or OFF. Negative

FIGURE 6. 5V Logic Regulator
with Electronic Shutdown'
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FIGURE 8. Precision Current Limiter

feedback is taken from the output through R3, making the
circuit oscillate. Capacitor C3 acts as a speed-up, increasing
switching speed, while R2 limits the peak drive current to
01.
The circuit in Figure 9 provides no protection for 01 in case
of an overload. A blow-out proof switching regulator is
shown in Figure 10. The PNP transistor has been replaced
by a PNP-NPN combination with LM395's used as the NPN
transistors. The LM395 is an IC which acts as an NPN tran-
sistor with overload protection. Included on the LM395 is
current limiting, safe-area protection and thermal overload
protection making the device virtually immune to any type of
overload.
Efficiency for the regulators ranges from 65% to 85%, de-
pending on output voltage. At low output voltages, fixed
power losses are a greater percentage of the total output
power so efficiency is lowest. Operating frequency is about
30 kHz and ripple is about 150 mV, depending upon input
voltage. Load regulation is about 50 mV and line regulation
about 1% for a 10V input change.
One of the more unique applications for these switching
regulators is as a tracking pre-regulator. The only DC con-
nection to ground on either regulator is through the lOOn
resistor (R5 or R8) that sets the hysteresis. Instead of tying
this resistor to ground, it can be connected to the output of

a linear regulator so that the switching regulator maintains a
constant input-to-output differential on the linear regulator.
The switching regulator would typically be set to hold the
input voltage to the linear regulator about 3V higher than the
output.
Battery charging is another application uniquely suited for
the LM117. Since battery voltage is dependent on electro-
chemical reactions, the charger must be designed specifi-
cally for the battery type and number of cells. Ni-Cads are
easily charged with the constant current sources shown pre-
viously. For float chargers on lead-acid type batteries all
that is necessary is to set the output of the LM117 at the
float voltage and connect it to the battery. An adjustable
regulator is mandatory since, for long battery life the float
voltage must be precisely controlled. The output voltage
temperature coefficient can be matched to the battery by
inserting diodes in series with the adjustment resistor for the
regulator and coupling the diodes to the battery.
A high performance charger for gelled electrolite lead-acid
batteries is shown in Figure 11. This charger is designed to
quickly recharge a battery and shut off at full charge.
Initially, the charging current is limited to 2A by the internal
current limit of the LMl17. As the battery voltage rises, cur-
rent to the battery decreases and when the current has de-
creased to 150 mA, the charger switches to a lower float
voltage preventing ovarcharge. With a discharged battery,
the start switch is not needed since the charger will start by
itself; however, it is included to allow topping off even slight-
ly discharged batteries.
When the start switch is pushed, the output of the charger
goes to 14.5V set by Rl, R2 and R3. Output current is
sensed across R6 and compared to a fraction of the 1.2V

tSolid tantalum
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~ reference (across R2) by an lM301A op amp. As the volt-
Z: age across R6 decreases below the voltage across R2, the
c( output of the lM101A goes low shunting R1 with R4. This

decreases the output voltage from 14.5V to about 12.5V
terminating the charging. Transistor Q1 then lights the lED
as a visual indication of full charge.
The lM 117 can even be used as a peak clipping AC voltage
regulator. Two regulators are used, 1 for each polarity of the
input as shown in Figure 12. Internal to the lM117 is a diode
from input-to-output which conducts the current around the
device when the opposite regulator is active. Since each
regulator is operating independently, the positive and nega-
tive peaks must be set separately for a symmetrical output.

12Vp·p
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V

CONCLUSIONS
A new IC power voltage regulator has been developed
which is significantly more versatile than older devices. The
output voltage is adjustable, in addition to improved regula-
tion specifications. Further, reliability is increased in 2 fash-
ions. Overload protection circuitry has been improved to
make the device less susceptable to fault conditions and
under short circuit conditions, minimum stress is transmitted
back to the input power supply. Secondly, the device is
100% burned-in under short circuit conditions at the time of
manufacture. Finally, the lM117 is made with a standard IC
production process and packaged in a standard TO-3 power
package, keeping costs low.
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Improving Power Supply
Reliability with Ie Power
Regulators

Three-terminal IC power regulators include on-chip overload
protection against virtually any normal fault condition. Cur-
rent limiting protects against short circuits fusing the alumi-
num interconnects on the chip. Safe-area protection de-
creases the available output current at high input voltages
to insure that the internal power transistor operates within
its safe area. Finally, thermal overload protection turns off
the regulator at chip temperatures of about 170'C, prevent-
ing destruction due to excessive heating. Even though the
IC is fully protected against normal overloads, careful de-
sign must be used to insure reliable operation in the system.

SHORT CIRCUITS CAN OVERLOAD THE INPUT

The IC is protected against short circuits, but the value of
the on-chip current limit can overload the input rectifiers or
transformer. The on-chip current limit is usually set by the
manufacturer so that with worst-case production variations
and operating temperature the device will still provide rated
output current. Older types of regulators, such as the
LM309, LM340 or LM7800 can have current limits of 3 times
their rated output current.

The current limit circuitry in these devices uses the turn-on
voltage of an emitter-base junction of a transistor to set the
current limit. The temperature coefficient of this junction
combined with the temperature coefficient of the internal
resistors gives the current limit a -O.S%/'C temperature
coefficient. Since devices must operate and provide rated
current at 1S0'C, the 2S'C current limit is 120% higher than
typical. Production variations will add another ±20% to ini-
tial current limit tolerance so a typical 1A part may have a
3A current limit at 2S'C. This magnitude of overload current
can blow the input transformer or rectifiers if not considered
in the initial design-even though it does not damage the IC.

One way around this problem (other than fuses) is by the
use of minimum size heat sinks. The heat sink is designed
for only normal operation. Under overload conditions, the
device (and heat sink) are allowed to heat up to the thermal
shut-down temperature. When the device shuts down, load-
ing on the input is reduced.

Newer regulators have improved current limiting circuitry.
Devices like the LM 117 adjustable regulator, LM 123, 3A, SV
logic regulator or the LM120 negative regulators have a rel-
atively temperature-stable current limit. Typically these de-
vices hold the current limit within ± 10% over the full - SS'C
to + 1S0'C operating range. A device rated for 1.SA output
will typically have a 2.2A current limit, greatly easing the
problem of input overloads.

Many of the older IC regulators can oscillate when in current
limit. This does not hurt the regulator and is mostly depen-
dent upon input bypassing capacitors. Since there is a large
variability between regulator types and manufacturers, there
is no single solution to eliminating oscillations. Generally, if
oscillations cause other circuit problems, either a solid tan-
talum input capacitor or a solid tantalum in series with sn to
1on will cure the problem. If one doesn't work, try the other.

Start-up problems can occur from the current limit circuitry
too. At high input-ouput differentials, the current limit is de-
creased by the safe-area protection. In most regulators the
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decrease is linear, and at input-output voltages of about 30V
the outp'Jt current can decrease to zero. Normally this caus-
es no problem since, when the regulator is initially powered,
the output increases as the input increases. If such a regula-
tor is running with, for example, 30V input and 1SV output
and the output is momentarily shorted, the input-output dif-
ferential increases to 30V and available output current is
zero. Then the output of the regulator stays at zero even if
the short is removed. Of course, if the input is turned OFF,
then ON, the regulator will come up to operating voltage
again. The LM117 is the only regulator which is designed
with a new safe-area protection circuit so output current
does not decrease to zero, even at 40V differential.

This type of start-up problem is particularly load dependent.
Loads to a separate negative supply or constant-current de-
vices are among the worst. Another, usually overlooked,
load is pilot lights. Incandescent bulbs draw 8 times as
much current when cold as when operating. This severely
adds to the load on a regulator, and may prevent turn-on.
About the only solutions are to use an LM117 type device,
or bypass the regulator with a resistor from input to output to
supply some start-up current to the load. Resistor bypassing
will not degrade regulation if, under worst-case conditions of
maximum input voltage and minimum load current, the regu-
lator is still delivering output current rather than absorbing
current from the resistor. Figure 1 shows the output current
of several different regUlators as a function of output volt-
age and temperature.
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FIGURE 1. Comparison of LM117 Current
Limit with Older Positive Regulator

When a positive regulator (except for the LM117) is loaded
to a negative supply, the problem of start-up can be doubly
bad. First, there is the problem of the safe-area protection
as mentioned earlier. Secondly, the internal circuitry cannot
supply much output current when the output pin is driven
more negative than the ground pin of the regulator. Even
with low input voltages, some positive regulators will not
start when loaded by so mA to a negative supply. Clamping
the output to ground with a germanium or Schottky diode
usually solves this problem. Negative regulators, because of
different internal circuitry, do not suffer from this problem.
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er polarities can be applied accidently under many normal
operating conditions, and the transient condition is often
gone before it is recognized.
Perhaps the most likely sources of transients are external
capacitors used with regulators. Figure 2 shows the dis-
charge path for different capacitors used with a positive reg-
ulator. Input capacitance, C1, will not cause a problem un-
der any conditions. Capacitance on the ground pin (or ad-
justment pin is the case of the LM117) can discharge
through 2 paths which have low current junctions.
If the output is shorted, C2 will discharge through the ground
pin, possibly damaging the regulator. A reverse-biased di-
ode, 02, diverts the current around the regulator, protecting
it. If the input is shorted, C3 can discharge through the out-
put pin, again damaging the regulator. Diode 01 protects
against C3, preventing damage. Also, with both 01 and 02
in the circuit, when the input is shorted, C2 is discharged
through both diodes, rather than the ground pin.
In general, these protective diodes are a good idea on all
positive regulators. At higher output voltages, they become
more important since the energy stored in the capacitors is
larger. With negative regulators and the LM117, there is an
inernal diode in parallel with 01 from output-to-input, elimi-
nating the need for an external diode if the output capacitor
is less than 2S I£F.
Another transient condition which has been shown to cause
problems is momentary loss of the ground connection. This
charges the output capacitor to the unregulated input volt-
age minus a 1-2V drop across the regulator. If the ground
is then connected, the output capacitor, C3, discharges
through the regulator output to the ground pin, destroying it.
In most cases, this problem occurs when a regulator (or
card) is plugged into a powered system and the input pin is
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son in the ground lead to limit the current.

LOW OPERATING TEMPERATURE INCREASES LIFE
Like any semiconductor circuit, lower operating temperature
improves reliability. Operating life decreases at high junction
temperatures. Although many regulators are rated to meet
specifications at 1S0"C, it is not a good idea to design for
continuous operation at that temperature. A reasonable
maximum operating temperature would be 100"C for epoxy
packaged devices and 12S"Cfor hermetically sealed (T0-3)
devices. Of course, the lower the belter, and decreasing the
above temperatures by 2S"Cfor normal operation is still rea-
sonable.
Another benefit of lowered operating temperatures is im-
proved power cycle life for low cost soft soldered packages.
Many of today's power devices (transistors included) are
assembled using a TO-220 or TO-3 aluminum soft solder
system. With temperature excursions, the solder work-hard-
ens and with enough cycles the solder will utlimately fail.
The larger the temperature change, the sooner failure will
occur. Failures can start at about SOOOcycles with a 1000C
temperature excursion. This necessitates, for example, ei-
ther a large heat sink or a regulator assembled with a hard
solder, such as steel packages, for equipment that is contin-
uously cycled ON and OFF.

THERMAL LIMITING GIVES ABSOLUTE PROTECTION
Without thermal overload protection, the other protection
circuitry will only protect against short term overloads. With
thermal limiting, a regulator is not destroyed by long time
short circuits, overloads at high temperatures or inadequate
heat sinking. In fact, this overload protection makes the IC
regulator tolerant of virtually any abuse, with the possible
exception of high-voltage transients, which are usually fil-
tered by the capacitors in most power supplies.
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FIGURE 2. POlltlve Regulator with Diode Protection Agalnlt Tranllent Capacitor Dllcharge



One problem with thermal limiting is testing. With a 3-termi-
nal regulator, short-circuit protection and safe-area protec-
tion are easily measured electrically. For thermal limiting to
operate properly, the electrical circuitry on the IC must func-
tion and the IC chip must be well die-attached to the pack-
age so there are no hot spots. About the only way to insure
that thermal limiting works is to power the regulator, short
the output, and let it cook. If the regulator still works atter 5
minutes (or more) the thermal limit has protected the regula-
tor.

This type of testing is time consuming and expensive for the
manufacturer so it is not always done. Some regUlators,
such as the LM117, LM137, LM120 and LM123, do receive
an electrical burn-in in thermal shutdown as part of their
testing. This insures that the thermal limiting works as well
as reducing infant mortality. If it is probable that a power
supply will have overloads which cause the IC to thermally
limit, testing the regulator is in order.



References for AID
Converters

Interfacing between digital and analog signals is becoming
increasingly important with the proliferation of digital signal
processing. System accuracy is often limited by the accura-
cy of the converter and a limitation of the converter is the
voltage reference. Design can be difficult if the reference is
external.

The accuracy of any converter is limited by the temperature
drift or long term drift of the voltage reference, even if con·
version linearity is perfect. Assuming that the voltage refer-
ence is allowed to add 1/2 least significant bit error (LSB) to
the converter, it is surprising how good the reference must
be when even small temperature excursions are consid-
ered. When temperature changes are large, the reference
design is a major problem. Table I shows the reference reo
quirements for different converters while Table II shows
how the same problems exist with digital panel meters.

The voltage reference circuitry is required to do several
functions to maintain a stable output. First, input power sup-
ply changes must be rejected by the reference circuitry.
Secondly, the zener used in the reference must be biased
properly, while other parts of circuitry scale the typical zener
voltage and provides a low impedance output. Finally, the
reference circuitry must reject ambient temperature chang-
es so that the temperature drift of the reference circuitry
plus the drift of the zener does not exceed the desired drift
limit.

While zener temperature coefficient is obviously critical to
reference performance, other sources of drift can easily add
as much error as zener - even in voltage references with
modest performance of 20 ppml"C temperature drift. Zener
drift and op amp drift add directly to the drift error, while
resistor error is only a function of how well the scaling resis-
tors track. Resistors which have a high TC can be used if
they track.
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For a 10V output with a 6.9V zener, the drift contribution of
resistor mistracking is about 0.4 since the gain is 1.4. The
range of temperature coefficient errors for different compo-
nents used to make a 10V reference from a 6.9V zener are
shown in Table III. Another potential source of error, input
supply variations, are negligible if the input is 1% regulated,
and the ,esistor feeding the zener is stable to 1%.

Less frequently specified sources of error in voltage refer-
ence zeners are hysteresis and stress sensitivity. Stress on
either a zener-diode junction or the series-temperature-
compensating junction will cause voltage shifts. The axial
leads on discrete devices can transmit stress from outside
the package to the junction, causing 1 mV to 5 mV shifts.

Temperature cycling is the discrete zener can also induce
non-reversible changes in zener voltage. If a zener is heat-
ed from 25·C to 100·C and then back to 25·C, the zener
voltage may not return to its original value. This is because
the temperature cycle has permanently changed the stress
in the die, changing the voltage. This effect can be as high
as 5 mV in some diodes and may be cumulative with many
temperature cycles. The new planar IC zeners, such as the
LM199 (temperature stabilized) or the LM129 are insensitive
to stress and show only about 50 ,...V of hysteresis for a
150·C temperature cycle since the package does not stress
the silicon chip.

If moderate temperature performance such as 20 ppml"C is
all that is needed, 2 different approaches can be used in the
reference design. In the first, the temperature drift error is
split equally between the zener and the amplifier or scaling
resistors. This requires a moderately low drift zener and op
amp with 10 ppm resistors.

TEMP CHANGE
BITS

6 8 10 12 14

25·C 310 80 20 5 1.25 ppml"C
50·C 160 40 10 2.5 0.6 ppml"C

100·C 80 20 5 1.2 0.3 ppml"C
125·C 63 16 3 1 0.2 ppml"C

TEMP CHANGE
DIGITS

2 2% 3 3% 4 4% 5 5%

25·C 200 100 20 10 2 1 0.2 0.1 ppml"C
5·C 100 50 10 5 1 0.5 ppml"C



DEVICE ERROR
10V

OUTPUT DRIFT

Zener Zener Drift
LM199A O.5ppmrC O.5ppmrC
LM199, LM399A 1 ppmrc 1 ppmrc
LM399 2ppmrC 2ppmrC
1N829, LM3999 5ppmrC 5ppmrC
LM129,lN823A,lN827A,LM329A 10-50 ppmrc 10-50ppmrC
LM329,lN821,lN825 20-100 ppmrc 20-100 ppmoC

OpAmp Offeet Voltage Drift
LM725, LH0044, LM121 1 ".vrc 0.15ppmrC
LM108A,LM208A,LM308A 5".vrC 0.7 ppmrc
LM741, LM101A 15 ".vrc 2ppmrC
LM741C, LM301A, LM308 30".VrC 4ppmrC

Resistors Resistance Ratio Drift
1% (RN55D) 50-100ppm 20-40ppmrC
0.1% (Wirewound) 5-10 2-4ppm
Tracking 1 ppm Film or Wirewound - 0.4ppmrC

The second approach uses a very low drift zener and allows
the buffer amplifier or scaling resistor to cause most of the
drift error. This type of design is now made economical by
the availability of low cost temperature stabilized IC zeners
with virtually no TC. Further, the temperature coefficient of
this reference is easily upgraded, if necessary. The 2 refer-
ence circuits are shown in Figure la and Figure lb.
In Figure la, an LM308 op amp is used to increase the
typical zener output to 10V while adding a worst-case drift of
4 ppmrc to the 10 ppmrc of the zener. Resistors R3 and
R4 should track to better than 10 ppm bringing the total
error so far to 18 ppm. Since the output must be adjusted to
eliminate the initial zener tolerance, a pot, R5 and R2 have
been added. The loading on the pot by R2 is small, and
there is no tracking requirement between the pot and R2. It
is necessary for R2 to track R3 and R4 within 50 ppm.
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In Figure lb, a low drift reference and op amp are used to
give a total drift, exclusive of resistors of 3 ppmrc. Now the
resistor tracking requirement is relaxed to about 50 ppm,
allowing ordinary 1% resistors to be used. The circuit in
Figure lb is modified easily for applications requiring 3
ppmrc to 5 ppmrc overall drift by tightening the tracking
of the resistors. For more accurate applications, the Kelvin
sensing for both output and ground should be used. For
even lower drifts, SUbstitutinga 1 ".vrc op amp, 1 ppm
tracking resistors and an LM199A zener, overall drifts of 1
ppmrc can be achieved. In both of the circuits, it is impor-
tant to remember that the tracking of resistors can, at worst-
case, be twice temperature drift of either resistance.
In both circuits, the zener is biased by a single resistor from
the supply, rather than from the reference output. This elimi-
nates possible start-up problems and, because of the 1n
dynamic impedance of the IC zeners, only
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FIGURE 1b. 10V Reference has Low Drift Reference and Standard 1% Resistors.
Kelvin Sensing Is Shown with Compensation for Line Changes.

adds about 20 J'oVof error. Compensation for input changes
is shown in Figure 1b. Conventional zeners do not allow this
biasing. A conventional 5 ppm reference such as the 1N829
has a dynamic impedance of about 150. If it is biased from
a resistor from a 1% regulated 15V supply, the operating
current can change by 1.7% or 127 J'oA.This will shift the
zener voltage by 1.9 mV or 60 ppm. With the IC zeners
operating at 1 mA, a 1% shift in the supply will change the
reference by 20 J'oVor 3 ppm. Further, power dissipation in
the IC is only 7 mW, giving low warm-up drift compared to
7.5 mA zeners. The biasing resistor for the IC zener need
not be any better than an ordinary 1% resistor since per-
formance is independent of current.
When output voltages less than the zener voltage are de-
sired, the IC zeners significantly simplify circuit design since
no auxiliary regUlator is needed for biasing. Figure 2 shows
a 5V reference circuit for use with a 15V input. In this case,

zener drift contributes proportionally to the output drift while
op amp offset drift adds a greater rate. With the 10V refer-
ence, 15 J'oV/'C from the op amp contributed 2 ppm/'C drift,
but for the 5V reference, 15 J'oVI'C adds 3 ppm/'C. This
makes op amp choice more important as the output voltage
is lowered. Of course, if a high output impedance is tolera-
ble, the op amp can be eliminated.

APPROACHING THE ULTIMATE DRIFT
To obtain the lowest possible drifts, temperature coef-
ficient trimming is necessary. With discrete zeners, the
operating current can sometimes be trimmed to change
the TC of the reference; however, the temperature
coefficient is not always linear or predictable. With the
new IC zeners, TC is independent of operating current
so trimming must be done elsewhere in the circuit.
The lowest drift components should be used since
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trimming can only remove a linear component of drift. High
TC devices can have a highly non-linear drift. making trim-
ming difficult.
Figure 3 shows a circuit suitable for trimming. An LM199A
reference with 0.5 ppm/'C drift is used with a 121/108 op
amp. Resistors should be 1 ppm tracking to give overall
untrimmed drifts of about 0.9 ppm. The 121/108 is a low
drift amplifier combination where drift is predictably propor-
tional to offset voltage. An offset can be set for the 108/121
combination to cancel the measured drift with 1 pass cali-
bration.
Trimming procedure is as follows: the zener is disconnected
and the input of the op amp grounded. Then the offset of
the op amp is nulled out to zero. Reconnecting the zener,
the output is adjusted to precisely 10V. A temperature run is
made and the drift noted. The op amp will drift 3.6 ,..V/'C for
every 1 mV of offset, so for every 5 ,..V/'C drift at the output,
the offset of the op amp is adjusted 1 mV (1.4 mV measured
at the output) in the opposite direction. The output is read-
justed to 10V and the drift checked.

Although this trimming scheme was chosen since only a
single adjustment is usually required, compensation is not
always perfect. Hysteresis effects can appear in resistors or
op amps as well as zeners. Best results can be obtained by
cycling the circuit to temperature a few times before taking
data to relieve assembly stresses on the components. Also,
oven testing can sometimes cause thermal gradients across
circuits, giving 50 ,..V to 100 ,..V of error. However, with
careful layout and trimming, overall reference drifts of 0.1
ppm/'C to 0.2 ppm/'C can be achieved.
There are 2 other possible problem areas to be considered
before final layout. Good single point grounding is important.
Traces on a PC board can easily have 0.1n and only 10 mA
will cause a 1 mV shift. Also, since these references are
close to high-speed digital circuitry, shielding may be neces-
sary to prevent piCk-Upat the inputs of the op amp. Tran-
sient response to pick-up or rapid loading changes can
sometimes be improved by a large capacitor. (1 ,..F-10 ,..F)
directly on the cp amp output; but this will depend on the
stability of the op amp.



Single Chip Data
Acquisition System
Simplifies Analog-to-Digital
Conversion
Until recently, building an analog data acquisition system
required a hardy cross-breed of both analog design and digi-
tal design. Now National Semiconductor has simplified the
design problem of a data acquisition system with the intro-
duction of the ADC0816 (MM74C948). This CMOS device
incorporates many of the standard features of a data acqui-
sition system onto a single chip. Included on-chip is an 8-bit
analog-to-digital converter with bus oriented outputs, a 16-
channel expandable multiplexer, provisions for external sig-
nal conditioning, and logic control for systems interface.
This chip marks the advent of a new generation in AID con-
verters, bringing versatility, performance, and economy us-
ing a technology ideally suited to data acquisition systems.

Figure 1 shows a block diagram of the functions provided
within a single package. The chip duplicates the classical
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structure of a data acquisition system while relieving the
user from multichip interface and compatibility problems. A
wide range of functional options allows extremely versatile
operation of the device in a wide range of applications.

The ADC0816 uses National's low VOltage, metal gate tech-
nology. The device operates from a single +5V supply and
features a 16-channel multiplexer with address input latch-
es, latched TRI-STATE@ outputs and a true eight-bit-accu-
rate analog-to-digital converter. It consumes only 20 mW of
power. Total conversion time of an analog signal is 100 ,..,S.
By using a patented AID conversion technique the convert-
er is guaranteed to have no missing codes and to be mono-
tonic. The internal chopper stabilized comparator is the key
element in minimizing both long term drift and temperature
coefficients of other error terms.



Figure 2 shows a typical application employing the
ADC0816 for use in a microprocessor-based environmental
control system. In this system the microprocessor can se-
lect a channel, monitor a particular sensor reading, convert
that signal to a digital word, and make a system decision
based upon that input. Many other areas of process control,
machine control, or multi-input analog system can utilize this
basic configuration.

THE CONVERTER
The heart of this single-chip data acquisition system is its
8-bit analog-to-digital converter. The converter is designed
to give fast, accurate, and repeatable conversions over a
wide range of temperatures. The converter is partitioned
into three major sections: the 256R ladder network, the suc-
cessive approximation register, and the comparator.
The 256R ladder network approach was chosen over the
conventional R/2R ladder because of its inherent monoto-
nicity. Monotonicity is particularly important in closed-loop
feedback control systems. A non-monotonic relationship
can cause oscillations that could be catastrophic. Addition-
ally, the 256R network does not cause load variations on
the reference voltage.
Figure 3 shows a comparison of the output characteristic for
the two approaches with a variation in the ladder resistance.
In the 256R approach with unequal or shorted resistors the
slope of the output transfer function cannot be different
from the slope of the analog input. For the R/2R ladder
network, mismatches in the resistor values can cause the
slope of the output digital code to be different from the ana-
log input signal.
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The bottom resistor and the top resistor of the ladder net-
work in Figure 4 are not the same value as the remainder of
the network. The difference in these resistors causes the
output characteristic to be symmetrical with the zero and
full-scale points of the transfer curve. The first output tran-
sition occurs when the analog signal has reached + 112
LSB and succeeding output transitions occur every 1 LSB
later up to full-scale.
The successive approximation register (SAR) performs
eight iterations to approximate the input voltage. For any
SAR-type converter, n iterations are required for an n-bit
converter. Figure 4 shows a typical example of a 3-bit con-
verter with an input voltage of 114 full-scale. Since the initial
approximation at 7/16 of full-scale is too high, a zero is
posted for the most significant bit (MSB). The second ap-
proximation is too low, therefore a one is posted for the
second bit. The final approximation is determined to be too
high, so a zero is posted for the least significant bit (LSB). In
the ADC0816/MM74C948 the approximation technique is
extended to eight bits using the 256R network.
The most important section of the AID converter is the
comparator. It is this section which is responsible for the
ultimate accuracy of the entire converter. It is also the com-
parator drift which has the greatest influence on the re-
spectability of the device. A chopper stabilized comparator
provides the most effective method of satisfying all the con-
verter requirements.
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The chopper stabilized comparator converts the DC input
signal into an AC signal. This signal is then fed through a
high gain AC amplifier and has the DC level restored. This
technique limits the drift component of the amplifier since
the drift is a DC component which is not passed by the AC
amplifier. This makes the entire AID converter extremely
insensitive to temperature, long-term drift, and input offset
errors.

The design of this AID converter has been optimized by
incorporating the most desirable aspects of several conver-
sion techniques. The ADC0816 offers high speed, high ac-
curacy, low temperature dependence, excellent long-term
accuracy and repeatability, and consumes minimal power.
These features make this device ideally suited to applica-
tions such as process control, industrial control, and ma·
chine control.
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FIGURE 3. 2"R and R2R Ladder Transfer Curves. In a 2"R ladder the most unequal resistors can do Is cause a

nonuniform voltage step. Since a single voltage Is across the ladder It must be monotonic. In a R2R ladder unequal
resistors may cause a sign change In the transfer curve, causing It to be non monotonic.
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CMOS AID Converter Chips
Easily Interface to 8080A
Microprocessor Systems

SUMMARY
This paper describes techniques for interfacing National
Semiconductor's new ADC3511 and ADC3711 microproc-
essor compatible analog-to-digital converter chips to eoeOA
microprocessor systems. The hardware interface and the
software interrupt service routine will be described for single
and multiple AID converter data acquisition systems.

INTRODUCTION
The recent introduction of monolithic digital voltmeter chips
has encouraged designers to consider their use as analog-
to-digital converters in data acquisition systems. While the
high accuracy afforded at low cost was attractive, certain
difficulties in applying these devices in digital systems were
encountered. Most of these difficulties were due to the DVM
chip's output structure being oriented towards driving 7-seg-
ment displays with internally generated digit scanning rates.
National Semiconductor has recently introduced a family of
monolithic CMOS AID converters-2 of these devices are
directed towards LED display DPM and DVM applications
(ADD3501 3 Yo-digit DPM and ADD3701 3 %-digit DPM)
while the other 2 (ADC3511 3 Yo-digit AID and ADC3711 3
o/4-digit AID) have addressable BCD outputs. These last 2
devices allow easy interface to microprocessor and calcula-
tor-oriented (COPS) systems.

National Semiconductor
Application Note 200

Single or multiple channel monitoring of physical variables
can be achieved with high accuracy despite the lack of com-
plexity and low overall cost.

AID CONVERSION
All AID converters in this family operate from a single 5V
supply and convert inputs from 0 to ± 2V. The converters
use a pulse-width modulation technique which requires no
precision components and exhibits low offset, low drift, high
linearity and no rollover error. An additional advantage is
that the voltage reference is of the same polarity as the
supply.

Two resolutions are offered: the 3 Yo-digit types divide the
input into 2,000 counts plus sign, while the 3 o/4-digit types
provide 4,000 counts plus sign which is roughly equivalent
to the resolution of a 12-bit plus sign binary converter. The 3
Yo-digit converters require 200 ms per conversion; 3 %-digit
types require 400 ms.

The converters handle negative inputs by internally switch-
ing the inputs and forcing the sign bit low. While this tech-
nique allows conversion of positive and negative inputs with
only a single supply, the supply must be isolated from the
inputs. Without an isolated supply, only positive voltages
may be converted.

The basic converter is shown in Figure 1. The actual con-
version technique is described in Appendix A.
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input (DLE); a low level at DLE allows flow thru operation.
Since the output is BCD, it is compatible with many standard
instruments and can easily be converted into binary by the
processor if this format should be desired. Overrange inputs
are indicated by a hexidecimal "EEEE" plus an Overflow
output.
A new conversion is begun by a positive pulse or high level
at the Start Conversion (SC) input. The analog section of
the converter continuously tracks the analog input. The
Start Conversion command controls only the transfer of
new data to the output latches, consequently the delay from
the SC pulse to the Conversion Complete (CC) signal may
vary from several milliseconds to several hundred millisec-
onds. In interrupt driven systems the delay is no problem,
since the processor does not execute delay instructions
while waiting for the data. However, if in-line or program I/O
is used where the program waits for the data to be ready,
the maximum delay between SC and CC must be pro-
grammed into the wait routine. This type of I/O is therefore
not as efficient as interrupt I/O.
The CC output goes low immediately after the SC pulse. At
the end of a conversion, CC goes high and remains high
until a new conversion is initiated. Continuous conversion
operation is obtained by tying the SC input to Vcc.

REFERENCE VOLTAGE
The 2.000V reference is derived from the LM336, a recently
announced monolithic reference which provides 2.5V with
low drift at low cost. This active reference is adjusted for
minimum thermal drift of about 20 ppml'C by using a third
terminal on the device to adjust its output to 2.490V.
Total reference current consumption is low, as the LM336
requires only 1 mA of bias current, and the resistor divider
about 2 mA. The reference circuit is shown in Figure 2.

OR - 2.49V - 1
- (2N + 1) mA N - ,2 ... 8

FIGURE 2. A/D Converter Reference. The 10k Pot Is
Adjusted to a Voltage of 2.49V on the Output; at this
Voltage Minimum Drift Occurs. The Reference can

Supply up to 8 AID Converters.
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A complete AID port is seen in Figures 3 and 4. Figure 3
shows a Dual Polarity converter and Figure 4 a Positive Only
Polarity converter. Each port contains an AID converter,
TRI-STATE4!>bus driver, and 2 gates to control I/O. This
AID port is easily used in single or multi-channel systems.
In multichannel systems a converter is used on every chan-
nel allowing digital multiplexing of the outputs.
Data from the AID converter in a single channel system is
easily processed using an OUT command to start a conver-
sion and IN commands to read the data after the microproc-
essor has been interrupted by a Conversion Complete.
As seen in Figure 5, a single channel AID port uses a 6-bit
bus comparator to decode its assigned peripheral address
from the lower address bits of the 8080A address bus.
When an interrupt is received, the present status of the
processor is stored on the stack memory by a series of push
commands. The interrupt is serviced by reading digit 4
(MSD) into the processor and checking the overflow bit. If
the overflow bit is high, the converter input has exceeded its
range and an error signal is generated, indicating that scal-
ing must be done to attenuate the input signal. If the OFL is
low, the sign bit is then checked to determine the polarity of
the conversion. If the sign bit is low, a "1" is added to the
MSB of digit 4. Since this bit would normally be low, (maxi-
mum converter range allows MSB s; 3 or 0011) a "1" in this
position is used to denote a negative input voltage. The 4
bits of digit 4 which now include the sign are shifted into the
upper half of the first byte and the 4 bits of digit 3 are
packed into the lower half. Similarly, digits 2 and 1 are
packed into the second byte and both bytes stored in mem-
ory.
Figure 6 and routine 1 are the flow chart and assembly lan-
guage routine used to implement this action.

8-CHANNEL AID WITH SOFTWARE PRIORITY
The basic AID port can easily be expanded to multiple
channel systems. An 8-channel system is seen in Figure 7.
This system interrupts the processor when one of the Con-
version Complete outputs goes high. The processor saves
the current status and reads the status word of the AID
system. The status word is then compared to a priority table.
Each level in the table corresponds to a priority level with
high priority converters which are first in the table. If 2 or
more converters have the same priority and are ready at the
same time, the converter with the highest number gets serv-
iced first.
The program determines which service routine to use by the
bit position of "1 's" in the status word. The routine loads the
address pointer to digit 4 of the selected converter. The



program then calls a subroutine which goes through the
process of checking overflow. sign and packs 4 BCD digits
into 2 bytes. These 2 bytes are then stored in a table in the
memory directly above the converter addresses. After a
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channel is serviced. the original processor status is restored
and the interrupt enabled. If additional channels need serv-
ice. they immediately interrupt so the new status word is
then read and a new priority established.
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LABEL
ADIS:

OPCODE OPERAND COMMENT LABEL OPCODE OPERAND
PUSH PSW ; AID interrupt IN ADD2

service RAL
PUSH H ; save RAL
PUSH B ; current status RAL

IN ADD4 ; input AID digit 4 RAL
IN ADD4 ; delay ANI FO

ORA ; reset carry MOV C,A
RAL ; rotate OFL thru IN ADD 1

carry IN ADD 1
JC OFL ; overflow condition ANI OF

RAL ; rotate sign thru OR C
carry MOV C,A

JC PLUS ; positive input LXI H,ADMS
ORI 20H ; OR 1 into MSB,

neg input MOV M,C
RAL ; shift INX H
RAL ; into position MOV M,B
ANI FO ; mask lower bits OUT ADD1

MOV BA ; save in B
IN ADD3 ; input digit 3 POP B
IN ADD3 ; delay POP H

ANI OF ; mask higher bits POP PSW
OR B ; pack into B EI

MOV B,A ; save in B RET
IN ADD2 ; input digit 2

0122.

A/DPORTS -l!r

!l: lffilW
VINI

IOi0A
DATA

AID 1
'B1 D1

ill
DB' DO

DB' D5

,.. "
'" OJ

DB' "
V'N2 'B1 D1

A/02 '" DO
l:l!
cc

AD 15
DI

VAEF DO AD 14 A14

AD 13

AD 1Z
UNIfiED

VINI
IUS AD 11
COMP.

"DID

ADO

ADO

AOJ

ADO

COMMENT
; delay
; rotate
; into
; upper
; 4 bits
; mask lower bits
; save inC
; in digit 1
; delay
; mask upper bits
; pack
; save in C
; load ptr to AID
; Mem, space
; save C in memory
; point next
; save B in memory
; start new conver-

sion
; restore
; previous
; status
; enable interrupts
; return to main

program

TLIH/5616-5

FIGURE 7. a-Channel AID System with Maskable Priority Interrupt Using Memory Mapped 1/0
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FIGURE 8. Flow Charts of AID Routines (Continued)

Routine 2. 8-Channellnterrupt service Routine with Software Priority
LABEL OPCODE OPERAND COMMENT LABEL OPCODE OPERAND COMMENT

lAD: PUSH PSW ; interrupt from AI D XCGH ; exchange DE, Hl
PUSH H ;saveH&lon PCHl ; jump to input

stack routine
PUSH B ;saveB&Con INAD1: LXI H,AD1 ; pickup pointer to

stack AID 1
PUSH D ; save D&Eon CAll ADIN ; call common input

stack routine
LXI H,ADWD ; pickup AID status MOV M,A ; start new conversion

word JMP DONE ; all done
MOV 6,M ; move word into B INAD2: LXI H,AD2 ; pickup pointer to
LXI H,PRTBl ; pickup priority tbl AID 2

pointer CAll ADIN ; call input routine
TEST: MOV A,B ; place status word MOV M,A ; start new conver-

inaccum. sion
ANA M ; mask with priority JMP DONE ; all done

table •
JNZ FIND ; match jump to •

Find •
INX H ; point to lower DONE: POP D ; restore D

priority POP B ; restore B
JMP TEST ; try again POP H ; restore H

FIND: LXI H,RTBl ; pickup routine tbl POP PSW ; restore PSW
pointer EI ; enable interrupts

ORA A ; reset carry RET ; return to main
GTBIT: RAR ; rotate thru carry program

JC GTAD ; bit was found PRTBl: DB 04H ; 0000C100 AD3
INX H ; point to highest priority
INX H ; next routine DB 03H ; 0000011 AD2 &
JMP GTBIT ; try again AD1 next priority

GTAD: MOV E,M ; move first byte
into E

INX H ; point to next byte
MOV D,M ; move second byte

intoD

475



LABELOPCODEOPERAND COMMENT LABEL OPCODE OPERAND COMMENT
PRTBL: DB 10H ; 00010000 AD5 MOV B,A ; save in B

lowest priority DCR H ; point to LSD + 1
RTBL: DW 1000H ; routine for AID 1 MOV A,M ; input LSD + 1

DW 100CH ; routine for AID 2 MOV A,M ; delay

• RAL ; rotate

• RAL ; into

• RAL ; upper
DW 1060H ; routine for AID 8 RAL ; 4 bits

ADIN: MOV A,M ; Input MSD plus ANI FO ; mask lower bits
OFL&SIGN MOV C,A ; saveinC

MOV A,M ; delay DCR H ; point to LSD
ORA A ; reset carry MOV A,M ; input LSD
RAL ; rotate left thru MOV A,M ; delay

carry,OFL ANI OF ; mask upper bits
JC OFL ; jump to overflow OR C ; pack

if set MOV C,A ; save in C
RAL ; rotate left thru SHLD TEMP ; store HL in temp

carry, sign MOV A,L ; move L in accum.
JC PLUS ; jump to plus if set ACI 64 ; generate lower

OR1 20H ; OR1 into BCD, address
MSB for minus MOV L,A ; above memory

PLUS: RAL mapped
RAL MOV A,H ; converter addresses
ANI FO ; mask lower order ACI 0 ; include carry

bits MOV H,A ; to upper bits
MOV B,A ; save in B MOV M,C ; store C
DCR H ; point to MSD-1 INX H ; then
MOV A,M ; input MSD-1 MOV M,B ; store B
MOV A,M ; delay LHLD TEMP ; retrieve HL
ANI OF ; mask higher 4 bits RET ; return
OR B ; pack MSD and MSD-1

ADJUSTMENT AND TESTING
Adjustment and testing of a single channel AID is done by
monitoring the memory space where the interrupt routine
stores the data word. The microprocessor is forced to loop
around a section of program with interrupts enabled. As the
input voltage of the converter is changed, this data word
should also change as the converter updates it. A precision
voltage reference is connected to the input of the AID and
incremental voltage steps are applied. The AID data word
should also change according to the voltage steps.

At full-scale input voltage, the data word should be at its
maximum value. If not, check the full-scale adjust on the
AID by adjusting it so the OFL bit goes high when the input
is exactly 2.000V.

Multichannel systems are more difficult to check. Start by
individually checking the full-scale adjustments so the con-
verters overflow at 2.000V. Check the software priority rou-
tine by forcing all status bits of the status word high. This
corresponds to all converters being ready at the same time,
a very unlikely worst-case condition. The microprocessor
should respond by outputting the address of all 4 digits of
the AID port with the highest priority along with the memR
strobes, then with a memW strobe to start a new conver-
sion. The next highest priority converter should then receive
its addresses and memR strobes and so on down the line.

Once the priority routine has been debugged, each data
word is monitored as the input to its converter is adjusted.
Since a common input routine is used, once 1 channeloper-
ates, all the other channels should also.

Debugging may most easily be done by single stepping
through the program at these critical areas. No timing prob-
lems should be encountered since the AID port appears to
be a standard peripheral or memory. In the ADC3511 and
ADC3711 the desired output is merely addressed the same
as a memory location.

The memory requirements of the interface depends, of
course, on the complexity of the system. The single channel
converter requires approximately 60 bytes of program stor-
age plus 2 bytes for data storage and 4 peripheral address-
es.
The multichannel system requires about 40 bytes for the
priority routine and 10 bytes of program for each converter
routine. The common input routine requires about 50 bytes
of program and is used by all the converter routines in the
form of a subroutine.

Memory mapped I/O causes 64 memory locations to be
used to input an 8-channel system. The data space is locat-
ed directly above the address space for the converters and
16 memory locations are used to store the data for 8 con-
verters.

CONCLUSION
The ADC3511 and ADC3711 microprocessor compatible
AID converters eliminate the difficulties previously encoun-
tered in applying DPM chips to microprocessor systems.
The low parts count and low cost per channel make distrib-
uted or remote AID conversion practical for a variety of data
acquisition applications.



APPENDIX A
THEORY OF OPERATION
A schematic for the analog loop is shown in Rgurs A 1.The
output of SW 1 is either at VREFor OV, depending on the
state of the D flip-flop. If a is at a high level, VOUT= VREF
and if a is at a low level VOUT = OV.This voltage is then
applied to the low pass filter comprised of Rl and Cl. The
output of this filter, VFB, is connected to the negative input
of the comparator, where it is compared to the analog input
voltage, VIN' The output of the comparator is connected to
the D input of the D flip-flop. Information is then transferred
from the D input to the a and Q outputs on the positive
edge of clock. This loop forms an oscillator whose duty cy-
cle is precisely related to the analog input voltage VIN.
An example will demonstrate this relationship. Assume the
input voltage is equal to 0.500V. If the a output of the D flip-
flop is high, then VOUTwill equal REF(2.000V) and VFBwill
charge toward 2V with a time constant equal to R1Cl. At
some time VFBwill exceed 0.500V and the comparator out-
put will switch to OV. At the next clock rising edge, the a
output of the D flip-flop will switch to ground, causing VOUT
to switch to OV. At this time, VFB will start discharging
toward OV with a time constant R1Cl. When VFB is less
than 0.5V, the comparator output will switch high. On the
rising edge of the next clock, the a output of the D flip-flOp
will switch high and the process will repeat. There exists at
the output of SW 1 a square wave pulse train with positive
amplitude VREFand negative amplitude OV.

toN
VOUT=VREF -VREF (dUtycycle)

toN+toFF

The low pass filter will pass the DC value and then:
VFB= VREF(duty cycle)

Since the closed loop system will always force VFBto equal
VIN, we can then say that:

VIN=VFB=VREF (duty cycle)

V
VIN = (duty cycle)
REF

The duty cycle is logically ANDed with the input frequency
fiN. The resultant frequency f equals:

f = (duty cycle) x (fiN)

Frequency f is accumulated by counter no. 1 for a time de-
termined by counter no. 2. The count contained in counter
no. 1 is then:

count = _f_ = (duty cycle) x (fiN) _ VIN X N
(fIN)1N (fIN)1N VREF

For the ADC3511 N = 2000.
For the ADC3711 N = 4000.

VIN ~ VFB ~ VREF x (dUty cycle)

, ~ (duty cycle) x fiN

Count in Counter No.1 = _f _ = (duty cycle) x fiN = VIN X N
flN/N flNIN VREF

FIGURE A 1.Analog Loop SChematic Pulse Modulation AID Converter
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N Electrical Characteristics
~ ADC3511CC. ADC3711CC 4.75 ,;; Vcc ,;; 5.25V; -40·C ,;; TA+B5·C. f=5 conv.lsec (ADC3511CC): 2.5 conv.lsec

(ADC3711 CC); unless otherwise specified.

Parameter Conditions Mln
Typ

Max Units
(Note 2)

Non-Linearity (Note 3)
VIN = 0-2V Full-Scale -0.05 +0.025 0.05 % of Full-Scale
VIN = 0-200 mV Full-Scale

Organization Error -1 0 Counts

Offset Error VIN = OV. (Note 4) -0.5 1.0 3.0 mV

Rollover Error -0 0 Counts

VIN+, VIN- Analog Input Current TA=25·C -5 1 5 nA
Note 1: "Absolute Maximum Ratings" are those values beyond which the safety of the device cannot be guaranteed. Except for "Operating Range" they are not
meant to imply that the devices shoold be operated at these limits. The table of "Electrical Characteristics" provides conditions for actual device operation.

Note 2: All typicals are given for TA ~ 25'C.

Note 3: For the ADC3511CC: full-scale = 1999 counts; therefore, 0.025% offull-scale ~ Yz counts and 0.05% offull-scale = 1 count For the ADC3711CCL: full-
scale ~ 3999 counts; therefore, 0.025% of full-scale = 1 count and 0.05% of full-scale ~ 2 counts.

Note 4: For full-scale = 2.000V: 1 mV - 1 count for the ADC3511CC; 1 mV ~ 2 counts for the ADC3711CC.

OVERFLOW

CONY COWUTE
~G.

C'··"
~SWI



A Digital Multimeter
Using the ADD3501

.------------------------------------,J>

~~

National Semiconductor
Application Note 202

INTRODUCTION

National Semiconductor's ADD3s01 is a monolithic CMOS
IC designed for use as a 3 Yo-digit digital voltmeter. The IC
makes use of a pulse-modulation analog-to-digital conver-
sion scheme that operates from a 2V reference voltage,
functions with inputs between OV and ± 1.999V and oper-
ates from a single supply.

The conversion rate is set by an external resistor/capacitor
combination, which controls the frequency of an on-chip os-
cillator. The ADD3s01 directly drives 7-segment multiplexed
LED displays, aided only by segment resistors and external
digit buffers. The ADD3s01 blanks the most significant digit
whenever the MSD is zero; and, during overrange condi-
tions, the display will read either +OFL or -OFL (depend-
ing on the polarity of the input.)

These characteristics make the ADD3s01 suitable for use in
low-cost instrumentation. An example of such use is the
inexpensive, accurate, digital multimeter (DMM) presented
here-an instrument that measures AC and DC voltages
and currents, and resistance.

CIRCUIT DESCRIPTION

Figure 1 shows the circuit diagram of the ADD3s01-based
DMM, and Table I summarizes its measurement capabilities.
Since the accuracy of the ADD3s01 is ±O.OS%, the DMM's
performance is mainly determined by the choice of discrete
components.

Supporting the ADD3s01 is a DS7s492 digit driver, an
NSBs388 LED display, and an LM340 regulator for the Vcc
supply. A 2V reference voltage--derived from the LM336
reference-diode circuitry-permits the 3 Yo-digit system a 1
mY/LSD resolution (Le., the ADD3s01's full-scale count of
1999 or 1999 mV).

DC Voltage Measurement. The DMM's user places the
( + ) and ( -) probes across the voltage to be measured, and
sets the voltage range switch as necessary. This switch
scales the input voltage, dividing it down so that the maxi-
mum voltage across the ADD3s01's VIN and VIN-Pins is
limited to 2V full-scale on each input range. The ADD3s01
performs an AID conversion, and displays the value of the
DMM's input voltage. The instrument's input impedance is
at least 10 MO on all DC voltage ranges. Except for the 2V
range, the DMM's survival voltage-the maximum safe DC
input-is in excess of 1 kV. On the 2V range, the maximum
allowable input is 700V.

AC Voltage Measurement. Switching the DMM to its AC
VOLTS mode brings the circuit of Figure 2 into function.
This circuit operates as an averaging filter to generate a DC
output proportional to the value of the rectified AC input; this
value, in turn, is "tapped down" by AS to a level equivalent
to the input's rms value, which is the value displayed by the
DMM.

Op amp A3 is simply a voltage follower that lowers the in-
put-attenuator's source impedance to a value suitable to
drive into A4. This impedance conversion helps eliminate
some of the possible offset-voltage problems (the A4 input-
offset-current source impedance IA drop, for example) and
noise susceptibility problems as well. C1 blocks the DC off-
set voltage generated by A3.

A4 and AS comprise the actual AC-to-DC converter; to see
how it works refer again to Figure 2, and consider first its
operation on the negative portion of an AC input signal. At
the output of A4 are 2 diodes, D1 and D2, which act as
switches. For a negative input to A4's inverting input, D1
turns on and clamps A4's output to 0.7V, while D2 opens,
disconnecting A4's output from AS's summing point (the in-
verting input). AS now operates as a simple inverter: A2 is
its input resistor, AS its feedback resistor, and its output is
positive.

Now consider what happens during the positive portion of
an AC input. A4's output swings negative, opening D1 and
closing D2, and the op amp operates as an inverting unity-
gain amplifier. Its input resistor is A 1, its feedback resistor is
A3, and its output now connects to AS's summing point
through A4. D2 does not affect A4's accuracy because the
diode is inside the feedback loop.

A positive input to A4 causes it to pull a current from AS's
summing point through A4 and D2; the positive input also
causes a current to be supplied to the AS summing point
through A2. Because A4 is a unity-gain inverter, the voltage
drops across A2 and A4 are equal, but opposite in sign.
Since the value of A2 is double that of A4, the net input
current at AS's summing point is equal to, but opposite, the
current through A2. AS now operates as a summing invert-
er, and yields-again-a positive output. (A6 functions sim-
ply to reduce output errors due to input offset currents.)

Thus, the positive and negative portions of the DMM's AC
voltage input both yield positive DC outputs from AS. With
C2 connected across AS as shown, the circuit becomes an
averaging filter. As already mentioned, the tap on AS is set
so that the circuit's DC output is equivalent to the rms value
of the DMM's AC voltage input, which is the value converted
and displayed by the ADD3s01

DC Current Measurement. To make a DC current mea-
surement, the user inserts the DMM's probes in series with
the circuit current to be measured and selects a suitable
scale. On any scale range, the DMM loads the measured
circuit with a 2V drop for a full-scale input." The ADD3s01
simply converts and displays the voltage drop developed
across the DMM's current-sensing resistor.



TECHNICAL SPECIFICATIONS
< ± 1% ACCURACY
2V, 20V, 200V, 2 kV

2V RANGE, > 10MO
20V TO 2 kV RANGE, 10MO

< ± 1% ACCURACY
2V, 20V, 200V, 2 kV

(40 TO 5 kHz SINEWAVE)

< ± 1% ACCURACY
200 ,..A, 2mA, 20 mA, 200 mA, 2A

< ± 1% ACCURACY
200 ,..A, 2 mA, 20 mA, 200 mA, 2 A

< ± 1% ACCURACY
200 0, 2 kO, 20 kO, 200 kO, 2 MO

DC VOLTS
RANGES
INPUT IMPEDANCE

ACRMSVOLTS
RANGES

DC AMPS
RANGES

AC RMS AMPS
RANGES

OHMS
RANGES

Note 1: All VCC connections should use a single Vcc point and all groundl
analog ground connections should use a single ground/analog ground point.

Note 2: All resistors are 1,4 watt unless otherwise specified.

Note 3: All capacitors are ± 10%.

Note 4: All op amps have a 0.1 JLF capacitor connected across
the V + and V - supplies.

Note 5: All diodes are 1N914.



AC Current Measurement. AC current measurements are
made in a way similar to DC current measurements. The
DMM is switched to its AMPS and AC settings. The in·circuit
current is again measured by a drop across the DMM's cur-
rent-sensing resistor, but now the AC voltage developed
across this resistor is processed by A3, A4, and A5-exactly
as described for AC voltage measurements-before being
transferred to the ADD3501. Again, the DMM displays an
rms value appropriate for the AC signal current being mea-
sured.
Resistance Measurement. This DMM measures resistance
in the same way as do most multimeter: it measures the
voltage drop developed across the unknown resistance by
forcing a known, constant-current through it. Suitable scale
calibration translates the voltage drop to a resistance value.
The resistance measurement requires the generation of a
constant-current source that is independent of changes in
Vcc. using the 2V. ground-referred reference voltage. The
circuit of Figure 3 accomplishes this.
In Figure 3, A1 establishes a constant-current sink by forc-
ing node A to VREF,the voltage level at A1's non-inverting
input. With node A held constant at VREF(2.000V), current
through R2 is also fixed-since 01's collector current is de-
termined by the alE product-thus establishing V1 as

V1=VCC-a(VREF/R1)R2 (1)

Note that VREFis derived from the LM336-a precision volt-
age source. Equation (1) shows, then, that (all else remain-
ing constant) V1 varies directly with changes in Vcc; I.e., V1
tracks Vcc. The A1/01 pair thus establishes a voltage
across R2 thAt floats, independent of changes in the
ground-referenced potentials (Vcc and VREF)that define it.
Now look at the A2/02 circuitry. The closed-loop operation
of A2 tries to maintain a zero differential voltage between its
input terminals. A2's non-inverting input is held at V1; thus,
A2's inverting input is driven to V1. The current through RL
(02's emitter current) is therefore (Vcc - V1)RL. Since V1
tracks Vcc, then (Vcc-V1) - the voltage drop across RL-
is constant, thus producing ISOURCE(Figure 3)-the con-
stant source current needed for the resistance measure-
ment.
Note, that varying Rx will not affect 'SOURCEso long as the
voltage drop across Rx is less than (V1-VSE2)' Should VRX
exceed (V1-VSE2), 02 would saturate, invalidating the
measurement. The ADD3501 eliminates this worry, howev-
er, because as soon as the drop across Rx equals or ex-
ceeds the 2V full-scale input voltage the ADD3501 will dis-
play an OFL condition.
Finally, SW1 (Figure 3) is required as part of the VOLTS/
AMPS/OHMS mode selection circuitry; in the VOLTS/
AMPS position it prevents 02's base-emitter junction pulling
the V- supply to ground through A2.

Measurement Range Frequency
Accuracy

Overrange

Mode 0.2 2 2 200 2000 Response Display

DC Volts - V V V V - ,;; 1%F.S. ± OFLO
ACVoits - VRMS VRMS VRMS VRMS 40 Hz to 5 kHz ,;; 1%F.S. + OFLO
DC Amps mA mA mA mA mA ,;; 1%F.S. ± OFLO
ACAmps mARMS mARMS mARMS mARMS mARMS 40 Hz to 5 kHz ,;; 1%F.S. + OFLO

Ohms kfi kfi kfi kfi kfi - ,;; 1%F.S. + OFLO

O.6hF
AC VOl~~ >--t



RL
(RESISTANCE
RANGE SELECT)

VOLTS/AMPSo
$WI

CALIBRATION

Calibrate the DMM according to the following sequence of
operations:

1. Adjust P1 until the cathode voltage of
the reference diode, LM336, equals
2.49V. This reduces the diode's tem-
perature coefficient to its minimum val-
ue.
Short the (+) and (-) probe inputs of
the ADD3501 and adjust P2 until the
display reads 0000.
Apply 1.995 volts across the (+) and
( -) probe inputs and adjust P3 until
the display reads 1.995.
Select a precision resistor with a value
near full-scale or the 2 Mfi range, and
adjust P4 until the appropriate value is
displayed.
Apply a known 1.995Vrms sinewave
signal to the DMM and adjust P5 until
the display reads the same.

PC BOARD LAYOUT

It is imperative to have only one, single-point, analog signal
ground connection for the entire system. In a multi-ground
layout, the presence of ground-loop resistances will cause
the op amps' offset currents and AC response to have a
devastating effect on system gain, linearity, and display LSD
flicker. Similar precautions must also be taken in the layout
of the analog and high-switching-current (digital) paths of
the ADD3501.

A FINAL NOTE

The digital multi meter described in this note was developed
with the goals of accuracy and low cost. For the high-end
DMM market segments, however, improvements to the

DC Volts 2V 2.
Range

DC Volts 2V 3.
Range

Ohms2Mfi 4.
Range

AC Volts 2V 5.
Range

3RESISTANCE
RX TO BE

MEASUREDr
basic circuit of Figure 1 are possible in the following areas:

1. Expand the VOLTS mode to include a 200 mV full-scale
range;

2. Decrease the full-scale current-measurement loading
voltage from 2V to 200 mY; and,

3. Provide a true-rms measurement capability.

4. Increase resolution by SUbstituting the ADD3701-3 3/.-
digit DVM chip-which is interchangeable and provides a
maximum display count of 3.999.

The first 2 improvements involve a dividing down of the
ADD3501 feedback loop by a ratio of 10:1, which reduces
the 2V full-scale input requirement to 200 mY. This not only
allows a 200 mV signal between the ADD3501's VIN+ and
VIN- inputs to display a full-scale reading, but implies that
the maximum voltage dropped across the current-measur-
ing-mode resistance also will be 200 mY. Note, though, that
the values of the current-measurement resistors must be
scaled down by a factor of ten.

Additionally, a 200 mV full-scale input implies a resolution of
100 /LV/LSD. At such low input levels, the DMM may re-
quire some clever circuitry to eliminate the gain and linearity
distortions that can arise from the offset currents in the AC-
to-DC converter.

The third possible improvement-the reading of true-rms
values-can be implemented by replacing the AC-to-DC
converter of Figure 2 with National's LH0091, a true-rms-to-
DC converter, and appropriate interface circuitry.

REFERENCES:
1. ADD3501 Data Sheet.

2. LHOO91 Data Sheet.

3. LM336 Data Sheet.

4. Application Note AN-20.

5. ADD3701 Data Sheet.



New Phase-Locked-Loops
Have Advantages as
Frequency to Voltage
Converters (and more)

A phase-locked-loop (PLL) is a servo system, or, in other
words, a feedback loop that operates with frequencies and
phases. PLL's are well known to be quite useful (powerful,
in fact) in communications systems, where they can pluck
tiny signals out of large noises. Here, however, we will dis-
cuss a new kind of PLL which cannot work with low-level
signals immersed in noise, but has a new set of advantages,
instead. It does require a clean noise-free input frequency
such as a square wave or pulse train.
This PLL can operate over a wide frequency range, not just
1 or 2 octaves but over 1 or 2 or 3 decades. It naturally
provides a voltage output which responds quickly to fre-
quency changes, yet does not have any inherent ripple.
Thus, it can be used as a frequency-to-voltage (F-to-V)

OPTIONAL
+n

FREQUENCY
OIVIOER

National Semiconductor
Application Note 210
Robert Pease

converter which does not have any of the classical limita-
tions or compromises of (large ripple) vs (slow response),
which most F-to-Y converters have.1 The linearity of this F-
to-Y converter will be as good as the linearity of the Y-to-F
converter used, and this linearity can easily be better than
0.01%. Other advantages will be apparent as we study the
circuit further.
The basic circuit shown in Figure 1 has all the functional
blocks of a standard PLL. The frequency and phase detec-
tion do not consist of a quadrature detector, but of a stan-
dard dual-D flip-flop. When the frequency input is larger than
F2' 01 will be forced high a majority of the time, and provide
a positive error signal (via CR3, 4, 5, and 6) to the integrator.

VI -IOV FUll SCALE

OPTIONAL
IOUTPUTBUFFER CJ
1&FllTER O.OOlpF

I
I
I 2001<
L VOUT

(OPTIONAL)
olOV
FULL SCALE

FIGURE 1. Basic Wide-Range Phase-Locked Loop
1. AN·207, V·\o-F and F-\o-V Converter Applications.
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FINand F2 is zero. Actually, in this condition, 01 will put out
30 nanosecond positive pulses, at the same time that 02
puts out 30 nanosecond negative pulses, and the net effect
as seen by the integrator is zero net charge. The 30 nano-
second pulses at 01 and 02 enable both flip-flops to be
CLEARED, and prepared for the next cycle. This phase-de·
tector action is substantially the same as that of an MC4044
Phase·Detector, but the MM74C74 is cheaper and uses less
power. It is fast enough for frequencies below 1 MHz. (At
higher frequencies, a DM74S74 can be used similarly, with
very low delays.)
The error integrator takes in the current from R1 or R2, as
gated by the 01 and Q2 outpu1sof the flip-flop. For exam-
ple, when FIN is higher, and 01 is HIGH, 11will flow through
CR4, 5, and 6 and cause the integrator's output to go more
negative. This is the direction to make the V-to-F converter
run faster, and bring F2 up to F input. Note that A1 does not
merely integrate this current in C1 (a mistake which many
amateur PLL designers make!). The resistor R3 in series
with C1 makes a phase lead in the loop response, which is
essential to loop stability. The small capacitor C2 across R3
is not essential, but has been observed to offer improved
settling at the voltage output.
The output of the integrator, V1, is fed to a voltage-to-fre-
quency (V-to-F) converter. The example shown here utilizes
a LM331. This converter runs on a single supply, and re-
sponds qUickly with nonlinearity better than 0.05% (even
though an op-amp is not used nor needed). The output of
the VFC is fed back to F2' as a feedback frequency, either
directly or through an (optional) frequency divider. Any num-
ber of standard frequency dividers such as MM74C193,
CD4029, or CD4018, can be used, subject to reasonable
limits. A divider of 2, 3, 10, or 16 is often used. The output
voltage of the integrator will be proportional to the F input,
as linearly as the V-to-F can make it. Thus, the integrator's

Vertical sensitivity = 10 VIDIV (CMOS logic levels)
Horizontal sensitivity =0.5 ms/DIV

TL/H/5618-2
FIGURE 2a. F output steps up from 5 kHz to 10 kHz

as quickly as the Input, never missing a beat.
Top Trace = Input "FIN" to PLL

Bottom Trace = output "FOUT" from PLL

IJt:f V't'ly "111011, lYI",nvCllly V.>J lV >JIIIY, u"""\ "llg ••••gg, •••g,111••••lIlUUg,

sometimes 10 to 100mV, can be annoying in some systems.
And, no additional filtering can be added in the main loop's
path, for any further delay in the route to the VFC would
cause loop instability. Instead, the output may be obtained
from a separate filter and buffer which operates on a branch
path. A2 provides a simple 2-pole active filter (as discussed
in Reference 1) which cuts the steady-state ripple and noise
down below 1mV peak-to-peak an excellent level for such a
quick F-to-V (as we shall see).
What is not obvious about A2 is that its output can settle
(within a specified error-band such as ± 10 millivolts from
the final DC value) earlier and more quickly than A1's out-
put. The wavefonns in Figure 2 show FIN stepping up in-
stantly from 5 kHz to 10kHz; it also shows F2 stepping up
very quickly. The error signal at 01 is also shown. The crit-
ical waveforms are shown in Figure 3, the outputs of A1 and
A2. While A1 puts out large spikes (caused by 11flowing
through R3), these large spikes cause the V-to-F converter
to jump from 5 kHz to 10 KHz without any delay. There is, as
shown in Figure 2, a significant phase error between FIN
and F2' but an inspection of these frequencies shows that
frequency lock has been substantially instantaneous. Not
one cycle has been lost! The phase lock and settling takes
longer to achieve. Still, we know that if the frequency out of
the VFC is 10kHz, its input voltage must be -10 VDC. If
there is noise on it, all we have to do is filter it in A2. Figure 3
shows that A2 settles very quickly - actually, in 2.0 milli-
seconds, which is just 20 cycles of the new frequency. A2's
output has settled (i.e., the frequency has settled). while
A1's output error (which is indicative of phase error being
servo'ed out) continues to settle out for another 12 ms.
Thus, this filter permits its output voltage to settle faster
than its input, and it is responsible for the remarkable quick-
ness of this circuit as an F-to-V converter. The waveforms of

TL/H/5618-3

FIGURE 2b. Error Signal. Top Trace = error signal
at 01. Bottom Trace = output "FOUT" from PLL.



Figure 3 can be compared to the response (shown in Figure
4) of a conventional F·to-V converter. The upper trace is the
output of a conventional FVC after a 4·pole filter2,

Vert = 2V/DIV,Horiz = 2ms/DIV

TLIH/5618-4

FIGURE 38. settling waveforms, as FINgoes from 5 kHz
to 10 kHz and back again, using circuit of Figuffl 1.Top

Trace = output of Integrator (V1). Bottom Trace =
output of filter (VOUT).

Vert = 2 VIDIV, Horlz = 20 ms/DIV

TLIH/5618-8

FIGURE 48. FVC Response vs PLL Response. The PLL
can settle rather more qUickly than a conventional F-to-

V converter. Top Trace = conventional F-to-V
converter with 4-pole active filter, responding to a 5

kHz to 10 kHz step. Bottom Trace = PLL FVC, with the
same Input, circuit of Figure 1.

Vert = 2 VIDIV, Horlz = 5 ms/DIV

TL/H/5618-8

FIGURE 4c. FVC Response. The same as Flguffl4b, but
time base expanded to 5 ms/DIV, to show detail of rise
time. Top Trace = conventional FVC. Bottom Trace =

PLLFVC.

and the lower trace is the output of the circuit of Figure 1.
The phase-locked-loop F-to-Vconverter isquickeryet quieter.
2. AN·207, V-to-F and F-to-V Converter Applications.

TLIH/5618-5

FIGURE 3b. PLL settling Waveforms.
The same waveform as In Figure 38, but time base Is

expanded to 0.5 ms/DIV to show fine detail of settling.

Vert = 2 V/DIV, Horlz = 20 ms/DIV

FIGURE 4b. FVC Step Response.
FIGURE 4b. This waveform Is similar to that In Figure 48
but the frequency change covers a 10:1 ratio, from 10

kHz to 1 kHz and back to 10 kHz. For this waveform, the
adaptive current sources of Figure 5 connect to Figure

1(whereas for Figure 48 R1 = R2 = 120k).

Vert = 2 V/DIV, Horlz = 5 ms/DIV

TLIH/5618-9

FIGURE 4d. FVC Response The same as Figure 4b, but
expanded to 5 ms/DIV to show details of fall time. Top
Trace = conventional FVC. Bottom Trace = PLL FVC.



TL/H/5618-10
FIGURE 4e. PLL settling Waveforms at Low

Frequencies. The same Idea as In Figure 4b, but 10 x
slower, from 1.0 kHz to 100 Hz (and back). The settling
to 1 kHz Is stili distinctly faster for the PLL, but at 100

HZ,lt Is a bit slower. Stili, the PLL Is faster than the FVC
at all speeds from 200 Hz to 10 kHz.

So far we have shown a PLL which operates nicely over a
frequency range of about 3: 1. If the frequency is decreased
below 3 kHz, the loop gain becomes excessive, and the
currents 11and 12are large enough to cause loop instability.
The loop gain increases at lower frequencies, because a
given initial phase error will cause the fixed current from R1
or R2 to be integrated for a longer time, causing a larger
output change at the integrator's output, and a larger
change of frequency. When the frequency is thus corrected,
and the period of one cycle is changed, at a low frequency it
may be over-COffected, and the phase error on the next
cycle may be as large as (or larger than) the initial phase
error, but with reversed sign.3 To avoid this and to maintain
loop stability at lower frequencies, e.g. 0.5 to 1 kHz, R1 and
R2 can be simply raised to 1.5 MO. However, response to a
step will be proportionally slower. To achieve a wide fre-
quency range (20:1), and optimum quickness at all frequen-
cies, it is necessary to servo 11 and 12 to be proportional to
the frequency. Fortunately, as V1 is normally proportional

A3 - LF351, LM741OR ANY
NPNTRANSISTOR- 2N3904,2N2222OR ANY SILICONNPN
PNPTRANSISTOR- 2N3906,2N2907OR ANY SILICONPNP
ALL RESISTORS±10%
ALL DIODES1N914OR 1N4148OR SIMILAR

to F, it is easy to generate current sources 11' and 12' which
are proportional to F. The circuit of Figure 5 can be connect-
ed to the basic PLL, instead of R1 and R2, and provides
good, quick loop stability over a 30:1 frequency range, from
330 Hz to 10kHz. For best results over a 30: 1 frequency
range, change R3, the damping resistor in Figure 1, from
47k to 100k. However, if the frequency range is smaller
(such as 2:1 or 3:1), constant resistors for R1 and R2 or
very simple current sources may give adequate response in
many systems. (To cover wider frequency ranges than 30.1
with optimum response, the circuits in the precision phase-
locked-loop, below, are much more suitable.)

Often a frequency multiplier is needed, to provide an output
frequency 2 or 3 or 10 or n times higher than the input. By
inserting a 7 n frequency divider in the feedback loop, this is
easily accomplished. [Of course, a 7 m frequency divider
can be inserted ahead of the frequency input, to provide
correct scaling, and the output frequency then will be
FIN(n/m).]

To obtain good loop stability in a frequency multiplier with n
= 2, remember that a 20 kHz V-to-F converter followed by
a 72 circuit has exactly the same loop response and stabili-
ty needs as a 10kHz V-to-F converter, because it is a 10
kHz V-to-F converter, even though it provides a useful 20
kHz output. Thus, the frequency of the F2 (minimum and
maximum) will determine what loop gains and loop damping
components are needed.

To accommodate a 1 kHz V-to-F loop, simply make C1 and
C2 10 times bigger than the values of Figure 1; treat C3, C4,
C5 and Ct similarly is used. To accommodate a 100 Hz V-to-
F, increase them by another factor of 10.

If the PLL is to be used primarily as a frequency multiplier, it
may be necessary to use stable, low-temperature-coeffi-
cient components, because the accuracy of VOUT will not
be important. The parts cost can be cut considerably. (Make
sure that the VFC does not run out of range to handle all
frequencies of interest.) On the other hand, the damping
components will be chosen quite a bit differently if slow,
stable jitter-free response is needed or if quick response is
required. The circuits shown are just a starting place, to start
optimizing your own circuit.

CURRENT SOURCE II'
CONNECTTO@
INSTEAD DF RI

CURRENT SOURCE 12"
CDNNECT TD<ti>
INSTEAD DF R2

3. Optimize phase-lock loops to meet your needs or determine why you
can't. AndrzejB. Przedpelski,El6ctronic Design, september13, 1978.



A Single-Supply PLL
The single-supply PLL is shown in Figure 6 as an example
of a simple circuit which is effective when battery operation
or single-supply operation is necessary. This circuit will
function accurately over a 10: 1 frequency range from 1 kHz
to 10kHz, but will not respond as qUickly as the basic PLL
of Figure 1. The reason is the use of the CD4046 frequency
detector. When an FIN edge occurs ahead of a F feedback
pulse, pin 13 of the CD4046 pulls up on C1 via R1 = 1 kO.
This current cannot be controlled or manipulated over as
wide a range as "11" in Figure 1. As a consequence, the
response of this PLL is never as smooth nor fast-settling as
the basic PLL, but it is still better behaved than most F-to-Y
converters. As with the basic PLL, the detector feeds a cur-

rent to be integrated in C1 (and R2 provides the necessary
"lead"). A 1 acts simply as a buffer for the R 1, C1 integrator.
A3, optional, can provide a nicely filtered output. And A2
servos 01, drawing a current out of C6 which is proportional
to Y2. Here the LM331 acts as a current-to-frequency con-
verter, and F output is precisely proportional to the collector
current of 01. As with the basic circuit, this PLL can be used
as a quick and/or quiet F-to-Y converter, or as a frequency
multiplier. One of the most important uses of an F-to-Y is to
demodulate the frequency of a Y-to-F converter, which may
be situated at a high common-mode voltage, isolated by
photoisolators, or to recover a telemetered signal. An F-to-V
converter of this sort can provide good bandwidth for de-
modulating such a signal.
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The precision PLL in Figure 7 acts very much the same as
the basic PLL, with refinements in various places.

• The flip-flops in the detector have a gate G1 to
CLEAR them, for quicker response.

• The currents which A1 integrates are steered through
01, 02 and 03, 04 because transistors are quicker
then diodes, yet have much lower leakage.

r-
I OPTIONAL

I FREQ+U"ENCYI DIVIDER

... _--~
FOUT

10kHz
FULL

SCALE
Ct

O.004M'~

• The V-to-F converter uses A2 as an op-amp integra-
tor, to get better than 0.01% nonlinearity (max).

• G2 is recommended as an inverter, to invert the sig-
nal on the LM331's pin 3, avoid a delay, and improve
loop stability. (However, we never found any real im-
provement in loop stability, despite theories that insist
it must be there. Comments are invited.)
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• A4 is included as an (optional) limiter, to prevent V1 from
ever going positive. This will facilitate quick startup and
recovery from overdrive conditions.

Also, in Figure 8, the wide-range current pump for the preci-
sion PLL is a "semiprecision" circuit, and provides an output
current proportional to - V1, give or take 10 or 15%, over a
3-decade range. The 22 MO resistors prevent the current
from shutting off in case - V becomes positive (probably
unnecessary if A4 is used). For best results over a full 3-
decade range (11 kHz to 9 Hz), do use A4, delete the four
22 MO resistors, and insert the (diode parallel to the 470
kO) in series with the RG as shown. This will give good
stability at all frequencies (although stability cannot be ex-
tended below 1/1500 of full scale without extra efforts).

This PLL has been widely used in testing of VFCs, as it can
force the LM331 to run at a crystal-controlled frequency (es-
tablished as the F input), and the output voltage at VOUTis
promptly measured by a 6-digit (1 ppm nonlinearity, max)
digital voltmeter, with much greater speed and precision
than can be obtained by forcing a voltage and trying to read
a frequency. While at 10kHz, the advantages are clearcut;
at 50 Hz it is even more obvious. Measuring a 50 Hz signal
with ±0.01 Hz resolution cannot be done (even with the
most powerful computing counter-timer) as accurately,
quickly, and conveniently as the PLL's voltage output
settles.

VI
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SCALE

A5. A6, ARE LF351 OR 'ltLF353 OR SIMILAR

05. 06, 07, Q9 ARE 2N2907 OR 2N3906 OR SIMILAR
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One final application of this PLL is as a wide-range sine
generator. The VFC in Figure 9 puts out an adequate sine-
shaped output, but does not have good V-to-F linearity, al1d
its frequency stability is not much better than 0.2%. An
LM331 makes an excellent linear stable V-to-F converter,
with a pulse output; but it can not make sines. But it can
command, via a PLL, to force the sine VFC to run at the
correct frequency. Simply connect the sine VFC of Figure 9

into one of the PLLs, instead of the LM331 VFC circuit.
Then use a precise linear low-drift VFC based on the LM331
to establish the FINto the PLL. If the voltage needed by the
sine VFC to put out a given frequency drifts a little, that is
okay, as the integrator will servo and make up the error. The
use of a controlled sine-wave generator in a test system
was the first of many applications for a wide-range phase-
locked-loop.

SOUAREWAVE
OUTPUT
OV,+1SV

SINE
OUTPUT

~~"m~~fORTION
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01 02 ARE LM114 TRIM
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Robert J. Widlar
Apartado Postal 541
Puerto Vallarta. Jalisco
Mexico

Abstract: An op amp and voltage reference capable of sin-
gle supply operation down to 1. IV is introduced Perform-
ance is uncompromised and compares favorably with stan-
dard, state-of-the-art devices. In a departure from conven-
tional approaches, the circuit can operate in a floating
mode, powered by residual voltages, independent of fixed
supplies. A brief description of the IC design is given, but
emphasis is on applications. Examples are given for a vari-
ety of remote comparators and two-wire transmitters for an-
alog signals. Regulator designs with outputs ranging from a
fraction of a volt to several hundred volts are discussed. In
general, greater precision is possible than with existing ICs.
Designs for portable instruments are also looked into.
These applications serve to emphasize the flexibility of the
new part and can only be considered a starting point for
new designs.

Introduction
Integrated circuit operational amplifiers have reached a cer-
tain maturity in that there no longer seems to be a pressing
demand for better performance. Devices are available at
low cost for all but the most exacting needs. Of course,
there is always room for improvement, but even substantial
changes in specifications cannot be expected to cause
much excitement.
A new approach to op amp design and application has been
taken here. First, the amplifier has been equipped to func-
tion in a floating mode, independent of fixed supplies. This,
however, in no way restricts conventional operation. Sec-
ond, it has been combined with a voltage reference. since
these two functions are often interlocked in equipment de-
sign. Third, the minimum operating voltage has been re-
duced to nearly one volt. It will be seen that these features
open broad new areas of application.

REFERENCE
BALANCE OUTPUT FEEOBACK

v-
TLIH/7200-1

Figure 1. Functional diagram of the new IC
A functional diagram of the new device is shown in Figure 1.
Even though a voltage reference and a reference amplifier
have been added, it can still be supplied in an eight-pin TO-
5 or mini-DIP. The pin connections for the op amp are the
same as the industry standards. And offset balancing that
tends to minimize drift has been provided. Both the op amp
and the reference amplifier are internally compensated for
unity-gain feedback.

National Semiconductor
Application Note 211
Mineo Yamatake

Table I shows that. except for bias current, the general
specifications are much as good as the popular LM108. But
the new circuit has a common mode range that includes V-
and the output swings within 50 mV of the supplies with
50 p.A load, or within 0.4V with 20 mA load. These parame-
ters are specified in Table I as the conditions under which
gain and common-mode rejection are measured. Table II
indicates that the reference compares favorably with the
better ICs on the market today.

TABLE I. Typical Performance of the
Operational Amplifier at 25°C

Parameter Conditions Value
Input Offset Voltage 0.3mV
Offset Voltage Drift -55°C';; TA ,;; 125°C 2p.VrC
Input Offset Current 0.25 nA
Offset Current Drift -55°C';; TA ,;; 125°C 2pArC
Input Bias Current 10nA
Bias Current Drift -55°C';; TA ,;; 125°C 40 pArC
Common-Mode V- ,;; VCM ,;; V+ -.85V 102dBRejection
Supply-Voltage 1.2V ,;; Vs ,;; 40V 96 dBRejection
Unloaded Vs = ±20V, 400V/mV

Voltage Gain Va = ±19.95V,
10';; 50 p.A

Loaded Vs = ±20V, 130V/mV
Voltage Gain Va = ±19.6V,

RL = 9800
Unity-Gain 1.2V';; Vs ,;; 40V 0.3 MHz

Bandwidth
Slew Rate 1.2V';; Vs ,;; 40V 0.15V/p.s

TABLE II. Typical Performance of the Reference at 25°C

Parameter Conditions Value
Line Regulation 1.2V ,;; Vs ,;; 40V 0.001%N
Load Regulation 0 ,;; 10 ,;; 1 mA 0.01%
Feedback Sense

Voltage
Temperature Drift
Feedback Bias

Current
Amplifier Gain
Total Supply

Current
Since worst-case internal dissipation can easily exceed 1W
under overload conditions, thermal overload protection is
included. Thus at higher ambient temperatures, this circuit is
better protected than conventional op amps with lesser out-
put capabilities.
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Figures 2 and 5 are simplified schematics of the op amp, the
reference and the internal current regulator. A complete cir-
cuit description is a subject in itself and is covered in detail
elsewhere [1). However, a brief run through the circuit is in
order to give some understanding of the details that affect
application.

the op amp

Referring to Figure 2, lateral PNPs are used for the op amp
input because this was the only reasonable way to get V-
included in the common-mode range while meeting the min-
imum-voltage requirement. These transistors typically have
hFE > 100 at Ic = 1 ",A and appear to match better than
their NPN counterparts. Current gain is less affected by tem-
perature, resulting in a fairly flat bias current over tempera-
ture (Figure 3). At elevated temperature the sharp decrease
in bias current for VCM > V- is caused by the same sub-
strate leakage that affects bi-FET op amps.

Protective resistors have been included in the input leads so
that current does not become excessive when the inputs
are forced below the negative supply, forward biasing the
base tubs of the lateral PNPs.

Offset nulling is accomplished by connecting the balance
terminal to a variable voltage derived from the reference
output, as shown in Figure 4. Both the input stage collector
voltage and the reference are well regulated and have a low
temperature drift. The resistance of the adjustment potenti-
ometer can be made very much lower than the resistance
looking back into the balance pin. Therefore, no matching of
temperature coefficients is required and offset nulling will
tend to produce a minimum-drift condition.

With 200 mV on the balance control, the balance range is
asymmetrical. Standard parts are trimmed to bring them into
the -1 mV to 8 mV adjustment range. Null sensitivity can
be reduced for low-offset premium parts by adding a resistor
on the top end of R1.

Proceeding through the circuit, the input stage is buffered by
vertical PNP followers, 03 and 04. From here, the differen-
tial signal is converted to single ended and fed to the base
of the second stage amplifier, 07.

This configuration is not inherently balanced in that the
emitter-base voltage of the PNP transistors is required to
match that of the NPNs. The final design includes circuitry
to correct for the expected variations.
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Figure 3. VarIatIon of Input current with temperature
From the collector of 07, the signal splits, driving separate
halves of the complementary class-B output stage. The
NPN output transistor, 025, is driven through 013 and 014.

TLIH/7200-4

FIgure 4. Op amp offset adjustment

This complementary emitter follower arrangement provides
the necessary current gain without requiring the extra bias
voltage of the Darlington connection.

Base drive for the NPN output transistor is initially supplied
by 012, but a boost circuit has also been added to increase
the available drive as a function of load current. This is ac-
complished by 024 in conjunction with a current inverter.

Drive for the PNP half of the output is somewhat more com·
plicated. Again, a compound buffer, 015 and 016, is used,
although to maintain circuit balance rather than for current
gain. The signal proceeds through two inverters, 017 and
019, to obtain the correct phase relationship and DC level
shift before it is fed to the PNP output transistor, 028.

This path has three common-emitter stages and, potentially,
much higher gain than the NPN side. The gain is equalized,
however, by the shunting action of 018-R19 and 021-R22
as well as negative feedback through 023.

When the output PNP saturates, 020 serves to limit its base
overdrive with a feedback path to the base of 017. As will
be seen, 020 is also important to floating-mode operation in
that it disables the PNP drive circuitry when the op-amp
output is shorted to V + .

the reference
A simplified version of the reference circuitry and internal
current regulator is shown in Figure 5. The design of the
band-gap reference is unconventional both in its configura-
tion and because it compensates for the second-order non-
linearities in the emitter-base voltage as well as those intro-
duced by resistor drift. Thus, the bowed characteristic of
conventional designs is eliminated, with better temperature
stability reSUlting.

The reference element iself is formed by 040 and 041, with
the output on the emitter of 041. The VSE component of the
output is developed across R30, while the .6.VSE component
is obtained by operating 041 at a much lower current densi-
ty than 040. The output is made less sensitive to variations
in biasing current by the action of R29. Curvature correction
results from the different temperature coefficients of bias
current for the two transistors.

The 200 mV reference voltage is fed to both the reference
amplifier and the internal current regulator. The reference
amplifier design is straight-forward, consisting of two stages
with an emitter follower output. Unlike the op amp, the out-
put can only swing within 0.8V of the positive supply. This
should be kept in mind when designing lOW-VOltage circuitry.
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A minimal sink current (- 20 ,..A) is supplied by 034. And
since the reference is not included in the thermal protection
control loop, conventional current limit is included on the
final circuit to limit maximum output current to about 3 mA.

The current regulator is also relatively uncomplicated. A
control loop drives the current source bias bus so that the
output of one current source (051) is proportional to the
reference voltage. The remaining current sources are
slaved into regUlation by virtue of matching.

The remaining circuitry generates a trickle current for start-
up and biases internal circuitry.

An analysis of the complete circuit would serve only to bring
into focus a multitude of detail such as second-order DC
compensation terms, minor-loop frequency stabilization,
clamps, overload protection, etc. Although necessary, these
particulars tend to obscure the principles being put forward.
So, having gained some insight into circuit operation, it is
appropriate to proceed to some of the novel applications
made possible with this new IC.

flOlltlng comparators
The light-level detector in Figure 6 illustrates floating-mode
operation of the IC. Shorting the op-amp outut to V+ dis-
ables the PNP half of the class-B output stage, as men-
tioned earlier. Thus, with a positive input signal, neither half
of the output conducts and the current between the supply
terminals is equal to the quiescent supply current. With neg-
ative input signals, the NPN portion of the output begins to
turn on, reaching the short circuit current for a few hundred
microvolts overdrive. This is shown in Figure 7.

Figure 7 also shows the terminal characteristics for the case
where the output is shorted to V- so that only the PNP side
can be activated. This mode of operation has not been so
thoroughly investigated, but it gives a slightly lower ON volt-
age at moderate currents and the gain is generally higher
below 70·C. With ON currents less than about 1 mA, the
terminal voltage drops low enough to disrupt the internal
regulators and the reference, producing some hysteresis.
Further, there is a tendency to oscillate over about a 50 ,..V
range of input voltage in the linear region of comparator
operation.

The above is not intended to preclude operation with the
output connected to V-, if there is a good reason for doing
so. It is meant only to draw attention to the problems that
might be encountered.

In Rgure 6, the internal reference supplies the bias that de-
termines the transition threshold. At crossover, the voltage
across the photodiode is equal to the offset voltage of the
op amp, so leakage is negligible. The circuit can directly
drive such loads as logic circuits or silicon controlled rectifi-
ers. The IC can be located remotely with the sensor, with
the output transmitted along a twisted-pair line. Alternative-
ly, a common ground can be used if there is sufficient noise
immunity; and the signal can be transmitted on a single line.

It should be remembered that this particular design is fully
compensated as a feedback amplifier. As such it is not par-
ticularly fast in comparator applications. With low-level sig-
nals, delays a few hundred microseconds can be expected;

and once in the linear region, the maximum change of termi-
nal voltage is 0.15/ ,..S. This is illustrated in the plots of Fig-
ures 8 and 9. In general, high accuracy cannot be obtained
with switch frequencies above 100 Hz.

Hysteresis can be provided as shown in Figure 6 by feed-
back to the balance terminal. About 1 mV of hysteresis is
obtained for a 5V output swing. However, this disappears
near 10Hz operating frequency because of gain loss.

Figure 10 shows a flame detector that can drive digi~al cir-
cuitry directly. The platinum-rhodium thermocouple gives an
8 mV output at 80o-C. This threshold is established by con-
necting the balance pin to the reference otuput.

linear operation
The IC can also operate linearly in the floating mode. The
simplest examples of this are the shunt voltage regUlator in
Figure 11 and the current regulator in Figure 12. The voltage
regulator is straightforward, but the current regUlator is a bit
unusual in that the supply current of the IC flows through the
sense resistor and does not affect accuracy as long as it is
less than the desired output current.

It is also possible io use remote amplifiers with two-wire
signal transmission, as was done with the comparators. Re-
mote sensors can be particularly troublesome when low-lev-
el analog signals are involved. Transmission problems in-
clude induced noise, ground currents, shunting from cable
capacitance, resistance drops and thermoelectric poten-
tials. These problems can be largely eliminated by amplify-
ing the signal at the source and altering impedances to lev-
els more suitable for transmission.

Figure 13 is an example of a remote amplifier. It boosts the
output of a high-impedance crystal transducer and provides
a low impedance output. No extra wires are needed be-
cause DC power is fed in on the signal line.

Figure 14 is a remote signal conditioner that operates in the
current mode. A modification of the current source in Figure
12, it delivers an output current inversely proportional to
sensor resistance. The output can be transmitted oyer a
twisted pair for maximum noise immunity or over a single
line with common ground if the signal is slow enough that
sufficient noise bypass can be put on the line.

A current-mode signal conditioner for a thermocouple is
shown in Figure 15. A thermocouple is in reality a two-junc-
tion affair that measures temperature dif1erential. Absolute
temperature measurements are made by controlling the
temperature of one junction, usually by immersing it in an
ice bath. This complication can be avoided with cold-junc-
tion compensation, which is an absolute thermometer that
measures COld-junction temperature and corrects for any
deviation from the calibration temperature.

In Figure 15, the IC temperature sensor (51) generates an
output proportional to absolute temperature. This current
flows through R2, which is chosen so that its voltage drop
has the same temperature coefficient as the thermocouple.
Thus, changes in COld-junction temperature will not affect
calibration as long as it is at the same temperature as 51.

In addition to powering 51, the reference is used to gener-
ate an offset voltage such that the output current is within
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Figure 14. Two-wire transmitter for variable-resistance
sensor
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Figure 15. Current transmitter for thermocouple Includ-
Ing cold Junction compensation

operating limits for temperatures of interest. It is important
that the reference be stable because drift will show up as
signal.
The indicated output-current range was chosen because it
is one of the standards for two-wire transmission. With the
new IC, the dynamic range can be increased by a factor of
five in some cases (0.8 mA-20 mAl because the supply
current is low. This could be used to advantage with a unidi-
rectional signal where zero must be preserved: the less the
offset required to put zero on scale, the less the offset-drift
error.
The circuit in Figure 16 is the same thermocouple amplifier
operating in the voltage mode. The output voltage range
was chosen arbitrarily in that there are no set standards for
VOltage-modetransmission.
The choice between voltage- and current-mode operation
will depend on the peculiarities of the application, although
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4V ,;; VOUT ,;; 20V

200'C ,;; Tp ,;; 70crC

tspan trim

tlevel-shifl trim

·cold-junction trim

Figure 16. Voltage transmitter for thermocouple, Includ-
Ing cold Junction compensation

current mode seems to be favored overall. If there is suffi-
cient supply voltage, the dynamic range of both approaches
is about equal, provided the transmitter is capable of work-
ing at both low voltage and current. This situation could be
modified by the voltage and current requirements of the
sensor or conditioning circuitry.
With voltage-mode operation, the line resistance can cause
error because the DC current that powers the amplifier and
sensor circuitry must flow through it. Ground potentials, if
they cannot be swamped out with signal swing, would re-
quire that twisted pair lines be used. This is not so with
current mode.
An important consideration is that cable capacitance does
not affect the loop stability of the current-mode amplifier.
However, large-amplitude noise appearing across the out-
put can give problems. Figure 17shows the noise rejections
of the LM10. The negative supply rejection applies in cur-
rent-mode operations with the output connected to V+. The
rejection in this mode is not overly impressive, but transmis-
sion can be reduced by bypassing the load resistor. This
done, noise slew limiting is the restricting factor in that ex-
cessive slew can give rise to a DC error. The maximum
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noise amplitude that can be tolerated for a 100 p- V input-re-
ferred DC error is plotted in Figure 18. These limits are not
to be pushed as error increases rapidly above them.
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Figure 17. Nol•• rejection for the various elements of
the circuit
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Figure 18. Noise frequency and amplitude required to
give Indicated error

With voltage-mode, the circuit reacts to capacitive loading
like any other op amp. If there are problems, the load should
be isolated with a resistor, taking DC feedback from the load
and AC feedback from the op amp output. With the LM10, it
is also possible to bypass the output with a single, large
capacitor (20 p-F electrolytic) if speed is no consideration.
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With bridge sensors, these techniques not only reduce
noise problems but only require two leads to both power the
bridge and retrieve the signal.
The relevant circuit is shown in Figure 19. The op amp is
wired for a high-impedance differential input so as not to
load the bridge. The reference supplies the offset to put the
amplifier in the center of its operating range when the bridge
is balanced. It also powers the bridge. The low voltage avail-
able from the reference regulator is ideal for driving wire
strain gauges that usually have low resistances.
Another form of remote signal processing is shown in Figure
20. A logarithmic conversion is made on the output current
of a photodiode to compress a four-decade, light-intensity
variation into a standard transmission range. The circuit is
balanced at mid-range, where R3 should be chosen so that
the current through it equals the photodiode current. The
log-conversion slope is temperature compensated with R6.
Setting the reference output to 1.22V gives a current
through R2 that is proportional to absolute temperature, be-
cause of D1, so that this level-shift voltage matches the
temperature coefficient of R6. C1 has been added so that
large area photodiodes with high capacitance do not cause
frequency instabilities.
Figure 21 shows a setup that optically measures the tem-
perature of an incandescent body. It makes use of the shift
in the emission spectrum of a black body toward shorter
wavelengths as temperature is increased. Optical filters are
used to split the emission spectrum, with one photodiode
being illuminated by short wavelengths (visible light) and the
other by long (infrared). The photocurrents are converted to
logarithms by 01 and 02. These are subtracted to generate
an output that varies as the log of the ratio of the illumina-
tion intensities. Thus. the circuit is sensitive to changes in
spectral distribution, but not intensity. Otherwise, the circuit
is quite similar to that in Figure 20.

The laws of physics dictate that the output is not a simple
function of temperature, so point-by-point calibration is nec-
essary. Sensitivity for a particular temperature range is opti-
mized with the crossover point of the optical filter, longer
wavelengths giving lower temperatures.
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Figure 22 shows how a low-drift preamplifier can be added
to improve the measurement resolution of a thermocouple.
The preamp is powered from the reference regulator, and
bridge feedback is used to bias the preamp input within its
common-mode range. Cold-junction compensation is pro-
vided with the offset voltage set into A 1, it being directly
proportional to absolute temperature.

The maximum drift specification for the preamp is
0.2 ",V I'C. For this particular circuit, an equal drift compo-
nent would result for 0.004%/'C on the reference,
0.001 %/'C mismatch on the bridged-feedback resistors
(R2-R4) or 3 ",V/,C on the op amp offset voltage. The op
amp drift might be desensitized by raising the preamp gain
(lowering R7-R9), but this would require raising the output
voltage of the reference regulator and the minimum terminal
voltage.

In this application, the preamp is run at a lower voltage than
standard parts are tested with, and the maximum supply
current specified is high. However, there should be no prob-
lem with the voltage; and a lower, maximum supply current
can be expected at the lower voltage. Even so, some test-
ing may be in order.

regulators

The op amp and voltage reference are combined in Figure
23 to make a positive voltage regulator. The output can be
set between 0.2V and the breakdown voltage of the IC by
selecting an appropriate value for R2. The circuit regulates
for input voltages within a saturation drop of the output (typi-
cally 0.4V @ 20 mA and 0.15V @ 5 mAl. The regulator is
protected from shorts or overloads by current limiting and
thermal shutdown.

Typical regulation is about 0.05% load and 0.003%/V line.
A substantial improvement in regulation can be effected by
connecting the op amp as a follower and setting the refer-
ence to the desired output voltage. This has the disadvan-
tage that the minimum input-output differential is increased
to a little more than a diode drop. If the op amp were con-
nected for a gain of 2, the output could again saturate. But
this requires an additional pair of precision resistors.

The regulator in Figure 23 could be made adjustable to zero
by connecting the op amp to a potentiometer on the refer-
ence output. This has the disadvantage that the regulation
at the lower voltage settings is not as good as it might other-
wise be.

It is also possible to make a negative regulator with this
device, as can be seen from Figure 24. A discrete transistor
is used to level shift the reference current. This increases
the minimum operating voltage to about 1.8V.

Output voltage cannot be reduced below 0.85V because of
the common-mode limit of the op amp. The minimum input-
output differential is equal to the voltage across R 1 plus the
saturation voltage of 01, about 400 mY.

It is necessary that 01 have a high current gain, or line
regulation and thermal drift will be degraded. For example,
with a nominal current gain of 100, a 1% drift will be intro-
duced between -55'C and 125'C. With the device speci-
fied, drift contribution should be less than 0.3% over the
same range; but operation is limited to 30V on the input.

Floating-mode operation can also be useful in regulator ap-
plications. In Figure 25, the op amp controls the turn-on
voltage of the pass transistor in such a way that it does not
see either the output voltage or the supply voltage. There-
fore, maximum voltages are limited only by the external
transistors.

A three-stage emitter follower is used for the pass transistor
primarily to insure adequate bias voltage for the IC under
worst-case, high-temperature conditions. With lower output
currents 02 and R4 could be replaced with a diode.

GROUND

Rl
·electrolytic 2k

1%

VIN~-10.5V

TLIH/7200-24

Figure 24. Negative regulator

Load regUlation is better than 0.01 %. Worst-case line regu-
lation is better than ± 0.1 % for a ± 10V change in input
voltage. If the op amp output were buffered with a discrete
PNP, load and line regulation could be made essentially per-
fect, except for thermal drift.

Current limiting, although not shown, could easily be provid-
ed by the addition of a sense resistor and an NPN transistor.
A foldback characteristic could be obtained with two more
resistors.

A fully adjustable voltage and current regulator is shown in
Figure 26. A second IC (A2) is added to provide regUlation in
the current-limit mode. Both the regUlated voltage and the
current can be adjusted close to zero.

The circuit has a tendency to overshoot when a short circuit
is removed. This is suppressed with 02, R5 and C3, which
limit the rate at which the output can rise. Low-level oscilla-
tions at the dropout threshold are eliminated with C2 and
R4.
The current-limit amplifier takes about 100 "'S to respond to
a shorted output. Therefore, 06 has been added to limit the
peak current during this interval.
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Figure 26. Detailed schematic of an adjustable voltage and current regulator
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With high-voltage regulators, powering the IC through the
drive resistor for the pass transistors can become quite inef-
ficient. This is avoided with the circuit in Figure 27. The sup-
ply current for the IC is derived from 01. This allows R4 to
be increased by an order of magnitude without affecting the
dropout voltage.

Selection of the output transistors will depend on voltage
requirements. For output voltages above 200V, it may be
more economical to cascade lower-voltage transistors.

Figure 28 shows a more detailed circuit for a high-voltage
regulator. Foldback current limiting has been added to pro-
tect the pass transistors from blowout caused by excessive
heating or secondary breakdown. This limiting must be fairly
precise to obtain reasonable start-up characteristics while
conforming to worst case specifications for the transistors.
This accounts for the complexity of the circuit.

05
lN4002
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The output current is sensed across RB.This is delivered to
the current limit amplifier through R7, across which the fold-
back potential is developed by R6 with a threshold deter-
mined by 04. The values given limit the peak power below
20W and shut off the pass transistors when the voltage
across them exceeds 31OV.With unregulated input voltages
above this value, start-up is initiated solely by the current
through R5. 04 is added to provide some control on current
before A2 has time to react.
The design could be considered overly conservative, but
this may not be inappropriate considering the start of the art
for high-voltage power transistors. Their maximum operating
current is in the tens of milliamperes at maximum voltage.
Cutting off the power transistor before the maximum input-
output voltage differential is reached can cause start-up
problems, depending on the nature of the load (those that
tend toward a constant-current characteristic being worst).
If a tighter design is required for start-up, the values of R6
and D4 can be altered. In addition, R5 can be lowered, al-
though it may be necessary to add a PNP buffer to A2 in
place of 03.
The leakage current of 03 can be more than several milli-
amperes. That is why a hard turn-off is provided with 02.
The circuit is stable with an output capacitor greater than
about 2 JLF. Spurious oscillations in current limit are sup-
pressed by C2 and R4, while a strange, latch-mode oscilla-
tion coming out of current limit is killed with C1 and R1.
Switching regulators operating directly from the power lines
are seeing increased usage not only because of the re-
duced weight and size when compared to a 60 Hz trans-
former but also because they operate over a wide voltage
range giving a regUlated output with reasonable efficiency.
Electrical isolation of the load is generally required in these
applications for reasons of safety. Therefore, if precise reg-
ulation is needed on the secondary, there must be some
way of transmitting the error signal back to the primary.
Figure 29 shows a design that provides this function. The IC
serves as a reference and error amplifier, transmitting the
error signal through an optical coupler. The loop gain may
be controlled by the addition of R1, and C1 and R5 may be
added to develop the phase lead that is helpful in frequency
stabilizing the feedback.

Rlt R6
4.1 51<

FROM RJ
REGULATED 200

OUTPUT

FEEDBACK TO
SWITCH
CONTROLLER

tcontrols "loop gain"

·optionallrequency shaping

Figure 29. Isolated sensor for an off·llne switching
regulator

voltage level Indicators
In battery-powered circuitry, there is some advantage to
having an indicator to show when the battery voltage is high
enough for proper circuit operation. This is especially true
for instruments that can produce erroneous data.
The battery status indicator drawn in Figure 30 is designed
for a 9V source. It begins dimming noticeably below 7V and
extinguishes at 6V. If the warning of incipient battery failure
is not desired, R3 can be removed and the value of R1
halved.
A second circuit that also regula~esthe current through the
light-emitting diode is shown in Figure 31. This is important
so that adequate current is available at minimum voltage,
but excessive current is not drawn at maximum voltage.
Current regulation is accomplished by using the voltage on
the balance pin (5) as a reference for the op amp. This is
controlled at approximately 23 mV, independent of tempera-
ture, by an internal regulator. When the voltage on the refer-
ence-feedback terminal (B) drops below 200 mV, the refer·
ence output (1) rises to supply the feedback voltage to the
op amp through 02, so the LEO current drops to zero.
The minimum threshold voltage for these circuits is basically
limited by the bias voltage for the LEOs. Typically, this is
1.7V for red, 2V for green and 2.5V for yellow. These two
circuits can be made to operate satisfactorily for threshold
voltages as low as 2V if a red diode is used. However, the
circuit in Figure 31 is preferred in that difficulties caused by
voltage change across the diode biasing resistor are elimi·
nated.

TUHI7200-30

Figure 30. Battery status indicator

VTH = 6V

101 = 5IM

TL/HI7200-31

Figure 31. Battery level Indicator with regulated LED
current



When operating with a single cell, it is necessary to incorpo-
rate switching circuitry to develop sufficient voltage to drive
the LED. A circuit that accomplishes this is drawn in Figure
32. Basically, it is a voltage-controlled asymmetrical multivi-
brator with a minimum operating threshold given by

R4 (R1 + R2) V (1)
VTH = R1 (R3 + R4) REF

Above this threshold, the flash frequency increases with
voltage. This is a far more noticeable indication of a deterio-
rating battery than merely dimming the LED. In addition, the
indicator can be made visible with considerably less power
drain. With the values shown, the flash rate is 1.4 sec-1 at
1.2V with a 300 p.A drain and S.S sec-1 at 1.SSV with
800 p.A drain. Equivalent visibility for continuous operation
would require more than S mA drain.
The maximum threshold voltage of this circuit is limited be-
cause the LED can be turned on directly through RS. Once
this happens, the full supply voltage is not delivered to R2,
which is how the threshold is determined. This problem can
be overcome with the circuit illustrated in Figure 33. This
design repositions the indicator diode, requiring an input
voltage somewhat greater than the diode bias voltaged
needed.
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Figure 32. Undervoltage Indicator for single call
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Figure 33. Double-ended voltage monitor
This circuit has the added feature that it can sense an over-
voltage condition. The lower activation threshold is given by
equation (1), but above a threshold,

V '- R4 (R1 + R2) VREF (2)
TH - R1 (R3 + R4) - R3 (R1 + R2)'

oscillation again ceases. (Below VTH the op amp output is
saturated negative while above VTH' it is saturated positive.)
The flash rate approaches zero near either limit.
The minimum/maximum limits possible with this circuit
along with the possibility of estimating the proximity to the
limit and the low power drain (- SOOp.A) make it attractive
for a variety of simple, low-cost test equipment. This could
include everything from the measurement of power-line volt-
age to in-circuit testers for digital equipment.

meter circuits
One obvious application for this IC is a meter amplifier. Ac-
curacy can be maintained over a 1SoCto SsoCrange for a
full-scale sensitivity of 10 mV and 100 nA using the design
in Figure 34. In fact, initial tests indicate negligible zero drift
with1 mVand 10 nA sensitivities, although balancing is trou-
blesome with low-cost potentiometers. Offset voltage error
is nulled with RS, and the bias current can be balanced out
with R4. The zeroing circuits operates from the reference
output and are essentially unaffected by changes in battery
voltage, so frequent adjustments should not be necessary.

R5 +

J~~
S1



Under overload conditions, the current delivered to the me-
ter is kept well in hand by the limited output swing of the op
amp. The same is true for polarity reversals. Input clamp
diodes protect the circuit from gross overloads.
Total current drain is under O.SmA, giving an approximate
life of 3-6 months with an "AA" cell and over a year with a
"D" cell. With these lifetimes an ON/OFF switch may be
unnecessary. A test switch that converts to a battery-test
mode may be of greater value.
If the meter amplifier is used in building a multimeter, the
internal reference can also be used in measuring resist-
ance. This would make the usual frequent recalibration with
falling cell voltage unnecessary.
A portable light-level meter with a five-decade dynamic
range is shown in Figure 35. The circuit is calibrated at mid-
range with the appropriate illumination by adjusting R2 such
that the amplifier output equals the reference and the meter
is at center scale. The emitter-base voltage of 02 will vary
with supply voltage; so R4 is included to minimize the effect
on circuit balance. If photocurrents less than SOnA are to
be measured, it is necessary to compensate the bias cur-
rent of the op amp.
The logging slope is not temperature compensated. With a
five-decade response, the error at the scale extremes will
be about 40% (a half stop in photography) for a ± 1S·C
temperature change.
If temperature compensation is desired, it is best to use a
center-zero meter to introduce the offset, rather than the

reference voltage. This done, temperature compensation
can be obtained by making the resistor in series with the
meter a copper wire-wound unit.
If this design is to be used for photography, it is important to
remember that silicon photodiodes are sensitive to near in-
frared, whereas ordinary film is not. Therefore, an infrared-
stop filter is called for. A blue-enhanced photodiode or an
appropriate correction filter would also give best results.
An electronic thermometer design, useful in the range of
-SS·C to 1S0·C, is shown in Figure 36. The sensor, 51,
develops a current that is proportional to absolute tempera-
ture. This is given the required offset and range expansion
by the reference and op amp, resulting in a direct readout in
either ·C or •F.

-trim for span

ttrim for zero

TL/H17200-36

Figure 36. Electronic thermometer
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N Although it can operate down to 1V with better than 0.5·C
Z accuracy, the LM134 is not tested below 1.5V. Maverick
c( units were observed to develop a 1·C error going from 1.5V

to 1.2V. This should be kept in mind for high-accuracy appli-
cations.
The thermocouple transmitter in Figure 15 can easily be
modified to work with a meter if a broader temperature
range is of interest. It would likewise be no great problem
adapting resistance or thermistor sensors to this function.

audio circuits
As mentioned earlier, the frequency response of the LM10
is not as good as might be desired. The frequency-response
curve in Figure 37 shows that only moderate gains can be
realized in the audio range. However, considering the refer-
ence, there are two independent amplifiers available, so
that reasonable overall performance can be obtained.
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Figure 37. Open loop frequency response

This is illustrated with the microphone amplifier shown in
Figure 38. The reference, with a 500 kHz unity-gain band-
width, is used as a preamplifier with a gain of 100. Its output
is fed through a gain-control potentiometer to the op amp
which is connected for a gain of 10. The combination gives
a 60 dB gain with a 10 kHz bandwidth, unloaded, and 5 kHz
loaded at 5000. Input impedance is 10 kO.
Potentially, using the reference as a preamplifier in this
fashion can cause excess noise. However, because the ref-
erence voltage is low, tlie noise contribution, which adds
root-mean-square, is likewise low. The input noise voltage in
this connection is 40-50 nVIJHZ, about equal to that of the
op amp.
One point to observe with this connection is that the signal
swing at the reference output is strictly limited. It cannot
swing much below 150 mV nor closer than 800 mV to the
supply. Further, the bias current at the reference feedback
terminal lowers the output quiescent Jeveland generates an
uncertainty in this level. These facts limit the maximum
feedback resistance (R5) and require that R6 be used to
optimize the quiescent operating voltage on the output.
Even so, the fact that limited swing on the preamplifier can
reduce maximum output power with low settings on the gain
control must be considered.
In this design, no DC current flows in the gain control. This
is perhaps an arbitrary rule, designed to insure long life with
noise-free operation. If violations of this rule are acceptable,
R5 can be used as the gain control with only the bias cur-
rent for the reference amplifier (< 75 nA) flowing through the
Wiper.This simplifies the circuit and gives more leeway on
getting sufficient output swing from the preamplifier.
The circuit in Figure 38 can also be modified to provide two-
wire transmission for a microphone output.
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conclusions
The applications described here show that some truly
unique functions can be performed by the LM10 because of
the low-voltage capability and floating mode operation.
Among these are accurate, two-terminal comparators that
interface directly with most logic forms. They can also drive
SCAs in control circuits using low-level sensors like photodi-
odes or thermocouples, although this was not explored
here.
Two-wire transmitters for analog signals were shown to
work with a variety of transducers, even to the extent of
remotely performing computational functions. These might
be used for anything from a microphone preamplifier to a
strain gauge measuring stress at some remote location in
an aircraft. The power requirements of this IC are modest
enough to insure a wide dynamic range and permit opera-
tion with lower-voltage supplies.
The IC also proves to be quite useful in regulator circuits, as
might be expected from a combined op amp and voltage
reference. lt makes an efficient series regulator at low volt-
ages. And as a low-level, on-card regulator, it offers greater
precision than existing devices. It is also easily applied as a
shunt regulator or current regulator.
In the floating mode, it operates with the precision required
of laboratory supplies, as either a voltage or current regula-
tor. Maximum output voltage is limited only by discrete pass

transistors, because the control circuit sees, at most, a cou-
ple volts. Therefore, output voltages of several hundred
volts are entirely practical.
A few examples were given of amplifiers and signal condi-
tioners for portable instruments. Emphasis was placed on
single-cell operation as this gives the longest life at lowest
cost from the smallest power source. The IC is well suited to
single-supply operation, where it can be used in any number
of standard applications. This can be put to use in digital
systems where some linear functions must be performed.
The availability of a reference allows precise level shifting or
comparisons even when the supply is poorly regulated. The
reference can also be used to create an elevated pseudo-
ground so that split-supply techniques can be used.
Even when split supplies are available, the increased output
capability (40V @ 20 mAl coupled with lower power con-
sumption could well recommend the LM10. This is com-
bined with the more satisfactory fault protection provided by
thermal limiting.
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Abstract. A micropower operational amplifier is described
that will operate from a total supply voltage of 1.1\1. The
complementary Class-B output can swing within 10 mV of
the supplies or deliver ±20 mA with OAV saturation. Com-
mon-mode range includes V-, facilitating single-supply op-
eration. Otherwise, DC performance compares favorably
with that of the LM10S. An adjustable-output voltage refer-
ence is also presented that uses a new technique to elimi-
nate the bow usually found in the temperature characteris-
tics of the band-gap reference. Minimum supply is 1 II, and
typical drift is 0.002%/"C.

Introduction
The intrinsic operating voltage limit of 'bipolar ICs is only
100-200 mV greater than the emitter-base voltage of the
transistors. To date, this limit has been pushed only with
digital circuitry and relatively simple linear devices. This pa-
per will deal with techniques for fabricating such devices as
operational amplifiers, comparators, regulators and voltage
references that work from a voltage as low as that supplied
by a single nickel-cadmium cell.
Field-effect transistors have been considered for low-volt-
age applications because their operating voltage can theo-
retically be made less than that of bipolar transistors. Al-
though their transconductance equals that of bipolar devic-
es at very-low currents, it is considerably less even at mod-
erate current densities. This limits FETs to such functions as
input stages where the operating current is relatively low
and well controlled.
A combined op amp, voltage reference and reference ampli-
fier was chosen as a design example. A functional diagram
is given in Figure 1.This configuration will serve to demon-
strate that the usefulness of low-voltage operation goes be-
yond battery-powered equipment. It can be used in a float-
ing mode, independent of fixed supplies. This is illustrated
both by the floating voltage regulator in Figure 2, where the
IC operates from the drive voltage to the pass transistors,
and the remote comparator in Figure 3, where the IC func-
tions as a 2-terminal device, driving TIL logic directly. A
wide range of similar applications have been developed and
are discussed elsewhere.1

v-
TUH/8723-1

Figure 1. Functional diagram of the design example

'Reprinted from IEEE Journal of Solid-Slala Circuils, December, 1978.

tThis work was performed under contract to National semiconductor Corpo-
ration, Santa Clara. California.
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Figure 2. High voltage regulator with bootstrapped con-
trol amplifier

TUH/8723-3

Figure 3. Light level detector driving TTL directly over
2-wlre line

Some small advantage might be gained by limiting operation
to low voltages. This is overshadowed by the benefits of
making a general-purpose IC. Therefore, it was decided to
use standard processing with maximum operating voltages
limited only by the BVCEOof the transistors (50V-60V).
lon-implanted resistors were incorporated to obtain the nec-
essary high values for micropower operation. They also
have the advantage that, with proper design, the speed!
power tradeoffs can be determined at the final stages of
processing by varying the implant dose. However, the advis-
ability of doing this on a production basis has yet to be
established.

operational amplifier design
A simplified schematic of the op amp is given in Figure 4.
Lateral PNP transistors are used on the input because this
is the easiest way to secure operation at common-mode
voltages equal to the negative supply voltage. Processing
that yields typical PNP current gains greater than 100 at low



currents has been in production for nearly 10 years. These
lateral transistors also have relatively constant current gain
over temperature, giving lower bias-current drift than NPNs.
Protective resistors have been included in the input leads so
that current does not become excessive when the inputs
are forced below the negative supplies, forward biasing the
base tubs.
Offset nulling is accomplished by connecting the balance
terminal to a variable voltage derived from the reference
output. Both the input-stage current and the reference are
tightly regulated over temperature, and the resistance of the
adjustment potentiometer can be made very much lower
than the resistance looking back into the balance pin.
Therefore, offset nulling can produce a minimum-drift condi-
tion.
Proceeding through the circuit, the input stage is buffered by
vertical PNP followers, Q3 and Q4. This differential signal is
converted to single ended by Q5 and Q6 and fed to the
base of the second-stage amplifier Q7.
This configuration is not inherently balanced in that the
emitter-base voltage of the vertical PNPs is required to
match that of the NPNs. As will be seen, the final circuit
does include circuitry to correct for the expected variations.
From the collector of Q7, the signal splits, driving separate
halves of the complementary Class-B output stage. The
NPN output transistor, Q25, is driven through Q13 and Q14.
This complementary emitter follower arrangement provides
the necessary current gain without requiring the extra bias
voltage of a Darlington connection. This is essential in real-
izing minimum-voltage operation.
Base drive for the NPN output transistor is initially supplied
by Q12, but a boost circuit has been added to increase the
available drive as a function of load current. This is accom-
plished with Q24 in conjunction with a current inverter. The
inclusion of R23 prevents gross over boosting.
The boost amounts to controlled positive feedback. It does
tend to reduce dead zone and linearize gain. Excess boost
current is absorbed by Q14, which presents a low enough
drive impedance so that the voltage transfer function from
its base does not exhibit a negative-gain characteristic.
Considerable experience with this and similar boost circuits
shows that they do not unfavorably alter frequency re-
sponse, at least below a few megahertz.
Drive for the PNP half of the output is somewhat more com-
plicated. Again, a compound buffer, Q15 and Q16, is used,
although to maintain circuit balance rather than for current
gain. The signal proceeds through two inverters, Q17 and
Q19, to obtain the correct phase relationship and DC level
shift, before it is fed to the PNP output transistor, Q28.
This path has three common-emitter stages; and, potential-
ly, much higher gain than the NPN side. The gain is equal-
ized, however, by the shunting action of Q18-R19 and Q21-
R22 as well as negative feedback through Q23.
When the output PNP saturates, Q20 serves to limit its base
overdrive with a feedback path to the base of Q17. This is
also important to the floating-mode operation of Figures 2
and 3 in that it disables the PNP drive circuitry when the op
amp output is connected to V+.
The complete schematic of the operational amplifier in Fig-
ure 5 shows the remaining design features. The lower col-
lector on Q1 is outside the normal collector. Its current is
quite low until the positive common-mode limit is exceeded,
saturating the normal collector of Q1. The auxiliary collector
picks up the re-injected current in saturation, which is routed
through Q4 to the collector of Q3. When, for example, the

amplifier is connected as a follower, this prevents false out-
puts when the common-mode limit is exceeded. In normal
operation, the low-level leakage from the auxiliary collector
is evenly divided between the input-stage collectors be-
cause the voltage drop across R4 is small.
An extra emitter on Q2 working with Q18 performs a similar
function when the negative common-mode limit is exceeded
on the inverting input, insuring that the output will be in posi-
tive saturation. The non-inverting input is also arranged to
give a proper output when the input is driven below V-.
As mentioned earlier, the optimum collector current of Q13
will depend on the VSE difference between NPN and PNP
transistors (Q9-Q10 and Q7-Q13). This is compensated by
generating a similar difference current with Q21 and Q22
then processing it with Q19, Q17 and Q15 to generate the
required complement in the collector circuit of Q13.
The output stage has been designed to deliver a minimum
output current of ± 20 mA with a typical saturation voltage
of ± 0.4V. Conventional current limiting cannot be used
without significantly increasing the saturation voltage. Since
the current gain of lateral PNPs falls off severely at high
current and high temperature, it is only necessary to limit the
driver current. This is done with R42 and R43, with Q44
insuring that supply current does not become excessive if
the BVCEOof Q45 is exceeded on supply transients.
Current limit for the NPN side is done with Q51, Q53 and
associated circuitry. In addition, Q49 and Q52 have been
added to limit the over boost, should it become larger than
can be handled by Q35.
The maximum operating voltage and output current of this
device are high enough that current limiting cannot be ex-
pected to prevent excessive die temperature, especially
with worst-case conditions. Therefore, thermal overload
protection has been provided. Die temperature is sensed
with Q25, and Q26 introduces hysteresis into the limiting
characteristic. The cut out temperature is designed to be
165°C, with operation resuming when the die cools to
155°C. The NPN and PNP halves are shut off by Q27 and
Q29, respectively.
Output stage quiescent current is determined by the voltage
across R16 and various device geometries. The current is
stabilized for varying supply voltage by connecting Q33 in
cascode with Q30 and by the addition of Q31 and Q32,
which tend to compensate for the collector voltage sensitivi-
ty of emitter-base voltage.
At temperatures approaching thermal limit, Q40 must oper-
ate beyond the threshold of saturation. The addition of Q39,
which is actually a lateral PNP collector ring surrounding the
base of Q40, produces a voltage drop across R34 to com-
pensate for the drop across R35 caused by excess base
current.

frequency compensation
With feedback amplifiers, the ability to frequency compen-
sate a particular design is generally the bottom line in deter-
mining its usefulness. Considering the number of stages in-
volved and the fact that the drive paths for the PNP and
NPN output transistors are entirely different, one might right-
ly conclude that frequency compensation would be difficult.
As much of the frequency compensation network as can be
explained in a straightforward manner is shown in the simpli-
fied schematic of Figure 4. Overall compensation is provid-
ed by a MOS capacitor, C2, between the output and the
collector of an input transistor. Within this loop, a diffused
capacitor, C1, rolls off the gain of Q7, breaking back out
where Xc1 = R6.
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Referring again to the complete schematic, it can be seen
that things are not really that simiple. The function of the
feed-forward capacitors. C7 and C9, seems obvious. But
remaining compensation components were added as a re-
sult of breadboard tests which checked the circuit over tem-
perature with full range of load currents and operating volt-
ages, while varying the resistive and reactive components of
load impedance.
A detailed theoretical analysis of the compensation seems
overly complicated, considering the number of minor feed-
back loops involved. This conclusion is supported by the
fact that impedance levels in portions of the circuit vary con-
siderably with load current and so does the effect of the
frequency-shaping circuits.
Results show the circuit to be stable. For one, no significant
differences were found between the breadboard and the IC.
This is not overly surprising considering the frequencies in-
volved. Further, varying the sheet resistance of the implant
resistors over a 5:1 range showed only that higher resistors
made slower amplifiers. Varying NPN current gain over a 4:1
range had little effect on AC characteristics.
Figure 6 is a plot of the open-lOOpfrequency-phase plot of
the amplifier. It can be seen that the response does not
exactly follow a 6 dB/octave curve. In voltage follower ap-
plications, the excess phase shift will cause about 3 dB
peaking around 35 kHz. This is of little consequence in that
the circuit is not intended for operation above the audio
range. What is important is that there are no stability prob-
lems for capacitive loads in excess of 1000 pF over the
entire operating range of the device. This is illustrated by
the plot in Figure 7.
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Figure 6. Open loop frequency response of the op amp
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Figure 7. Plot of capacitive loading required to produce
excessive transient ringing In the op amp

A tally of the compensation capacitance for the entire circuit
gives a total value of 1000 pF. Nearly all of this is diffused
emitter-isolation capacitance (-1 pF/miI2), and most is dif-
fused into the isolation walls, requiring no extra die area.
The reverse bias on diffused capacitors is less than a diode
drop, minimizing the effect of soft junctions. This is but one
of the advantages of a design where most of the circuit sees
only low voltage.

reference and Internal regulators
The reference and the internal biasing circuitry are shown in
Figure 8. The design of the band gap reference2 (using 071
and 072) is unconventional in its configuration and because
it compensates for the second-order nonlinearities in the
emitter-base voltage as well as those introduced by the
temperture drift of the resistors. Thus, the uncompensatable
bow in the thermal characteristics of standard devices can
be minimized and better temperature stability obtained.
Ignoring the voltage drop across R61 for the moment. the
reference voltage developed at the emitter of 071 is equal
to the voltage drop across R62 plus the difference in the
emitter-base voltages of 071 and 072. The former compo-
nent is proportional to the emitter-base voltage of 072 and
has a negative temperature coefficient while the latter has a
positive temperature coefficient. First order temperature
compensation can be obtained by adding these voltages in
the proper proportions.
The collector current of 072 is essentially the output current
of the top collector on 068 less the current through the
R62-R64-R66 divider. If the current-source current (068) is
invariant with temperature and the divider current varies as
emitter-base VOltage,the collector current of 072 can be
made proportional to absolute temperature. This done. the
value of R61 can be set so that the voltage on the collector
of 072 does not change appreciably for small changes in
current-source current.
Drift-curvature correction is obtained by maintaining the col-
lector current of 071 nearly constant while that of 072 var-
ies directly as temperature. This makes the reference output
rise at a rate increasing with temperature. Resistor drift and
emitter-base voltage non-linearities have the opposite ef-
fect. Near-exact cancellation can be obtained with the prop-
er tap on R64/R66.
The reference amplifier is pretty much a conventional de-
sign using a PNP pair (066-069) for the input, with a NPN
current inverter (067-070) supplying gain and converting to
single ended operation. Additional gain is supplied by 064,
and its output is buffered by 062 and 056. Frequency rolloff
is provided with C12 and R60, with a lead established by
feed-forward through C13 and R59.
The quiescent level of the Class-A output stage is set by
057. The output current is primarily limited by the current
gain of 056. Current limiting is added with 058, 061 and
R54 to control the short circuit current for supply voltages
above BVCEO.This was considered necessary because the
thermal limiting does not operate on the reference amplifier.
A clamp, 059, has been added to insure that the emitter-
base junction of 056 does not break over if the reference
output is shorted to V + .
Precise regUlation of the op amp input stage current is re-
quired to minimize drift when the recommended offset bal-
ancing scheme is used. It also turns out to be of considera-
ble value in normalizing overall operation over the 40:1
range of supply voltage specified for the device.
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Regulation is obtained with another feedback amplifier that
maintains the output current of one of the current sources
(083) at a level where the voltage drop across R7S is equal
to the basic reference voltage. The differential input stage
(077-080) is buffered by vertical PNPs (076-082) more for
DC level shift than increased current gain. 078 serves as a
current inverter, delivering a single-ended output to a com-
pound buffer (074-075) that drives the bias bus. The only
unusual feature is 073. It is a transistor formed using the
isolation diffusion as the base. This makes the intrinsic emit-
ter-base voltage more than 100 mV higher than a standard
NPN. With this high emitter-base voltage, it can be used as
a clamp on the bias bus, limiting peak current-source cur-
rent under transient conditions.
A high sensitivity start-up circuit is used that will activate on
leakage currents alone (085-086). However, worst-case
analysis of any start up based on leakage currents, espe-
cially at low temperatures and low voltages, becomes an
exercise in the unknown.
To avoid these obscure problems, a collector FET and im-
plant resistor (088-R82) have been added to insure reliable
operation. Once the circuit is going, 087 disconnects the
start-up circuitry, leaving 084 to supply current to the bias
bus.

performance
The characteristics of the op amp are outlined in Table I.
The standard specifications compare favorably with the
best of the bipolar ICs available today. The output-voltage
swing, output-saturation voltage, output current, common-
mode range and supply-voltage range are indeed unusual.
These are indicated by the measurement conditions of rele-
vant parameters.

Table I. Typical performance of the operation amplifier
at 2SoC

Parameter Conditions Value

Input Offset Voltage 0.3mV

pffset Voltage Drift -55°C s: TA s: +12SoC 2p.VrC

Input Offset Current 0.2SnA

joffset Current Drift -55°C s: TA s: + 125°C 2pArC

Input Bias Current 10nA

Bias Current Drift -55°C s: TA s: + 125°C 60pArC

~ommon-Mode V- s: VCM s: V+ -0.8SV
102 dBRejection

fsupply-Voltage 1.2V s: Vs s: 40V
96 dBRejection

Unloaded Voltage Vs = ±20V, 400V/mliiGain Va = ± 19.97V,lo = 0

Loaded Voltage Vs = ±20V, Va = ±19.6V, 130V/mliGain RL = 9800

Unity-Gain 1.2V s: Vs s: 40V
0.2 MHzBandwidth

fslew Rate 1.2V s: Vs s: 40V 0.1SV/p.!

The typical specifications of the reference are given in Table
II. Again it is clear that performance has not been sacrificed
to realize low-voltage operation.

Parameter Conditions V•••.••

Line Regulation 1.2V s: Vs s: 40V 0.001 "IoN
Load Regulation OS:loS:lmA 0.01"10

Feedback Sense 200mV
Voltage

Temperature Drift -55°C s: TA s: + 125°C 0.002"1o/"C

Feed~ack Bias 20nA
Current

Amplifier Gain 0.2V s: Va s: 7SV 7SV/mV

Total Supply Current 1.2V s: Vs s: 40V 270 p.A

Minimum operating voltage for the op amp depends on load
current and allowable gain error as indicated in FiglH6 9.
The typical saturation voltage of the output stage is shown
in Figure 10. The voltage required to power the reference is
plotted in Figure ".
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Figure 9. Plot defining minimum supply voltage for the
op amp at various load currents
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Figure 10. Saturation characteristics of the op amp
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The total supply current for the complete IC is typically
270 /-LA.This is impressive only considering the perform-
ance and complexity of the circuit. This current might be
reduced by a factor of 4. at the expense of speed. by raising
the sheet resistance of the implanted resistors.

general
Except for the inclusion of implanted resistors. processing is
essentially the same as that developed in 1968 for the
LM101A. The high sheet resistivities obtained with implant-
ed resistors strongly recommend them for micropower de-
vices. especially at high levels of complexity. But implanted
resistors have a lower breakdown voltage than their diffused
counterparts (40V vs 100V). This is caused by the reduced
radius of curvature at the junction edges. With higher sheet
resistivities. a significant voltage coefficient of resistivity will
be observed (resulting in a carrier depletion of about 1012
cm-2 at the BVCEOof the NPN transistors). These factors
recommended that caution be used when operating implant
resistors at higher voltages or that they be operated at low
voltages where possible. In the circuit under discussion.
none of the implant-resistor junctions see the full supply
voltage.
A consequence of this low voltage design is that most of the
low-level circuitry is operating at junction biases of little
more than a diode drop. At this voltage, junctions are not
greatly affected by minor defects. Further. in this circuit.
most areas that see full supply voltage can tolerate several
microamperes of leakage before operation is affected in the
least. This can be expected to increase both reliability and
manufacturing yield. The overall yield will also be improved
because there is a substantial market for devices that will
work only at low voltages.
The complete IC is built on a 97 x 105 mil die. shown in
Figure 12.This is definitely large for an op amp. even when
combined with a reference. But with 3-inch wafers and mod-
ern processing. die size is not the prime determinant of seil-
ing price. as long as reasonable yields are maintained. This
is evidenced by the low cost of regulators having equal die
area and encapsulated in more expensive power packages.

As can be seen from Figure 12. the input-stage current-
source. 01, has been made with about 3 times the base
width of the other current-source transistors. This serves
both to give it the same emitter-base voltage at roughly half
the current density and to make it less sensitive to changes
in collector-base voltage. The latter contributes directly to
improved common-mode rejection.
To save space. several lateral PNP current-sources have
been built with a combination of linear emitter and emitter
on a radius. 068 in Figure 12 is an example of this. The
current density at circular emitters is higher than linear emit-
ters for a given bias voltage. This must be accounted for in
design.
As mentioned earlier. operating biases in several places are
determined by the difference in the emitter-base voltage be-
tween NPN and PNP transistors. Hence. a knOWledgeof
these differences is essential to avoid production problems.
Since the output transistors of the op amp can dissipate
considerable power. thermal gradients are potentially a
problem. The effects of this dissipation have been mea-
sured and the results plotted in Figure 13. It is evident that
the thermal gradients are well in hand even with 400 mW
dissipation. The thermal gradient feed-through into the ref-
erence is also plotted in Figure 14. Clearly it will be insignifi-
cant at the power levels encountered in practical designs.
Thermal gradient isolation is primarily the result of careful
layout, since many points within the circuit are sensitive.
The difficulties are. of course. mitigated by the large die
size.
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~ With this battery powered equipment, there is a decided ad-
~ vantage in reducing operating voltage to that of a single cell.

The power source will be more simple, less costly and have
a higher energy content for a given size and weight. In many
respects, current requirements for a given application do
not decrease linearly with available supply voltage, giving an
even greater advantage to single-cell operation. The result-
ing increase in the capacity of the power source coupled
with the low drain of the electronics could eliminate the
need for ON/OFF switches in certain applications.

The control circuits described earlier (Figures 2 and 3) that
operate from residual voltages independent of fixed sup-
plies suggest an entirely new range of equipment-design
possibilities, even with line-operated power supplies. In gen-
eral, the usefulness of this approach suffers greatly if mini-
mum operating voltage is much above a volt. Low idling
current is also an important consideration.

It is difficult to evaluate the impact of these new approaches
mainly because they seem to represent a step change in
how things can be done at the equipment-design level. But
considering that low-voltage operation can be realized with
no sacrifice in performance, it would seem that there are
few restraints on investigating the new methods.

As a practical matter, the IC described here can also be
used in a variety of ordinary applications providing signifi-
cant performance advantages when compared to existing
ICs. Because of this they might be expected to become an
"industry standard". This is important considering the vol-
ume-related economies that strongly influence pricing in the
semiconductor business. The general availability of the part
can be expected to have a strong influence on the investi-
gation of the new design methods advocated here and else-
where.1

among these is the Darlington connection. Alternate tech-
niques can result in a significant increase in complexity.
However, this is not a serious problem with modern manu-
facturing methods, providing that reasonable yield can be
maintained.

Although the 270 /LA power drain of the example used is not
overly impressive in the realm of micropower, it should be
remembered that it is a fairly complex function designed for
- 55'C to + 125'C operation and capable of delivering
more than 20 mA of output current. A more specialized de-
vice could be built with less than a tenth the drain, especial-
ly if the maximum operating temperature could be restricted
to 85'C. At elevated temperatures and low currents, the
emitter-base voltage of a transistor approaches the satura-
tion offset voltage, creating circuit problems.

In general, feedback amplifiers with more complicated sig-
nal paths become more difficult to frequency compensate.
The benefits to be gained (i.e., saturating outputs and ex-
tended common-mode range) are probably justified only in
low-voltage circuits. The isolation-wall capacitors introduced
here ease the compensation problem some. A typical inte-
grated circuit (LM1 08) has over 1000 pF of this capacitance
available with no area penalty. Nonetheless, stabilizing
some designs requires perseverance.
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Super Matched Bipolar
Transistor Pair Sets New
Standards for Drift and
Noise

Matched bipolar transistor pairs are a very powerful design
tool, yet have received less and less attention over the last
few years. This is primarily due to the proliferation of high-
performance monolithic circuits which are replacing many
designs previously implemented with discrete components.
State-of-the-art circuitry, however, is still the realm of the
discrete component, especially because of recent improve-
ments in the components themselves.
It has become clear in the past few years that ultimate per-
formance in monolithic transistor pairs was being limited by
statistical fluctuations in the material itself and in the proc-
essing environment. This led to a matched transistor pair
fabricated from many different individual transistors physi-
cally located in a manner which tended to average out any
residual process or material gradients. At the same time, the
large number of parallel devices would reduce random fluc-
tuations by the square root of the number of devices.
The LM194 is the end result. lt is a monolithic bipolar
matched transistor pair which offers an order-of-magnitude
improvement in matching properties and parasitic base and
emitter resistance over conventional transistor pairs. This
was accomplished without compromising breakdown volt-
age or current gain. The LM194 is specified at 40V minimum
collector-to-emitter breakdown voltage and has a minimum
hFEof 500 at 1 mA collector current. Maximum offset volt-
age is 50 ".V over a collector current range of 1 ".A to 1 mA.
Maximum hFE mismatch is 2%. Common mode rejection of
offset voltage (dVos/dVcs) is 124 dB minimum. An added
benefit of paralleling many transistors is the resultant drop
in overall rbband ree,which are 400 and 0.40 respectively.
This makes the logarithmic conformity of emitter-base volt-
age to collector current excellent even at higher current lev-
els where other devices become non-theoretical. In addi-
tion, broadband noise is ex1remelylow, especially at higher
operating currents.
The key to the success of the LM194 is the nearly one-to-
one correlation between measured parameters and those
predicted by a theoretical bipolar transistor model. The rela-
tionship between emitter-base voltage and collector current,
for instance, is perfectly logarithmic over an ex1remelywide
range of collector currents, deviating in the pA range be-
cause of leakage currents and above several milliamperes
due to the finite 0.40 emitter resistance. This gives the
LM194 a distinct advantage in non-linear designs where
true logarithmic behavior is essential to circuit accuracy. Of
equal importance is the absolute nature of the logarithmic
constant, both between the two halves of the device and
from unit to unit. The relationship can be expressed as:

kT (Ic)VSE1- VSE2= - In ~
q IC2

This relationship holds true both within a single transistor
where Ic, and IC2represent two different operating currents
and between the two halves of the LM194 where collector
currents are unbalanced. Of particular importance is the fact
that the kT/ q logarithmic constant is an absolute quantity
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dependent only on Boltzman's constant (k), absolute tem-
perature (T), and the charge on the electron (q). Since these
values are independent of processing, there is virtually no
variation from unit to unit at a fixed temperature. Lab mea-
surements indicate that the logarithmic constant measured
at a 10:1 collector current ratio does not vary more than
± 0.5% from its theoretical value. Applications such as loga-
rithmic converters, multipliers, thermometers, voltage refer-
ences, and voltage-controlled amplifiers can take advan-
tage of this inherent accuracy to provide adjustment-free
precision circuits.

APPROACHING THEORETICAL NOISE
In many low-level amplifier applications, the limiting factor
on performance is noise. With bipolar transistors, the theo-
retical value for emitter-base voltage noise is a function only
of absolute temperature and collector current.

en = kT (2 Volts/-'RZ\j~
This formula indicates that voltage noise can be reduced to
low levels by simply raising collector current. In fact, that is
exactly what happens until collector current reaches a level
where parasitic transistor noise limits any further reduction.
This "noise floor" is usually created by and modeled as an
equivalent resistor (rbb') in series with the base of the tran-
sistor. Low parasitic base resistance is therefore an impor-
tant factor in ultra-low-noise applications where collector
current is pushed to the limits. The 400 equivalent rbb' of
the LM194 is considerably lower than that of other small-
signal transistors. In addition, this device has no excess
noise at lower current levels and coincides almost exactly
with the predicted values. A low-noise design can be done
on paper with a minimum of bench testing.
Another noise component in bipolar transistors is base cur-
rent noise. For any finite source impedance, current noise
must be considered as a quadrature addition to voltage
noise.

in~~\a~~~~~v:~~~e= eN = ~en2+ (in - rg}2Volts/-'RZ

where rs is the source impedance
In the LM194, base current noise is a well-defined function
of collector current and can be expressed as:

"In _- ~2q - IC Amps/-'RZ
hFE

To find the collector current which yields the minimum over-
all equivalent input noise with a given source impedance,
the total noise formula can be differentiated with respect to
Ic and set equal to zero for finding a minimum.

eN2 = en2 + (in2-rs2) + 4 kT - rs
(4 kT - rs = noise2 of rs)

2k2 - T2 2q - Ic - rs2= --- + + 4kT-rs
q -Ic hFE



d(VN2) = -2k2 e T2 + 2q e rs2 = 0
d(le) q e le2 hFE

kT ffiFE
Ie (optimum) = - e--

q rs

For very low source impedances, the 400 rbb' of the LM194
should be added to rs in this calculation. A plot of noise
figure versus collector current (see curve) shows that the
formula does indeed predict the optimum value. The curves
are very shallow, however, and actual current can be varied
by 3:1 without losing more than 1 dB noise figure in most
cases. This may be a worthwhile tradeoff if low bias current
(Ie < lopt! or wide bandwidth (Ie > lopt! is also important
Figure 1 is a plot of best obtainable noise figure versus

TL/U6922-1

FIGURE 1. Noise Figure vs Source Impedance

source impedance for the LM 194 and a very low noise junc-
tion FET (PF5102). Collector current for the LM194 is opti-
mized for each source impedance and is also plotted on the
graph using the right side scale. The PF5102 is operated at
a constant 1 mA. It is obvious that the bipolar device gives
significantly better noise figures for low source impedances
and/or low frequencies. FETs are particularly poor at very
low frequencies « 10 Hz) and offer advantages only for
very high source impedances.

REACTIVE SOURCES

Calculations may also be done to derive an optimum collec-
tor current when the signal source is reactive. In this case,
upper and lower frequencies (fH and fLl must be specified.
Also, optimum current is different for an amplifier with a
summing junction input (ZIN = 0) as compared to a high
impedance input (ZIN > Xe. XLl. The formulas below give
optimum collector current for noise within the frequency
band fL to fH. For audio applications, lowest "perceived"
noise may be somewhat different because of the variation in
sensitivity of the ear to frequencies in the audio range
(Fletcher-Munson effect).

Capacitive source into high impedance:

kT
Ie (opt) = - e C e 27T effiFE e ~fH e fL

q

Capacitive source into summing junction:

kT ffiFE
Ie (opt) = - x -- x

q RI

+ fLefH) 47TeRleCe(fH + fLl
+ 2 +1

Inductive source into high impedance:

kT
-effiFE
q ~ 3Ie (opt) = --- -------
27T e L fL2 + fH2 + fL e fH

Keep in mind that the simple formula for total input-referred
noise, though accurate in itself, does not take into account
the effects of noise created in additional stages or noise
injected from supply lines. In most cases voltage gain of the
LM194 stage will be sufficient to swamp out second stage
effects. For this to be true, first stage gain must be at least
3 e Vn2/VN, where vn2 is the voltage noise of the second
stage and vN is the desired total input referred voltage
noise. A simple formula for voltage gain of an LM194 stage,
assuming no second stage loading, is given by:

(RLl(lc) . .
Av = --- where RL IS the load resistor

kT/q

Noise injected from power supplies is an often overlooked
problem in low noise designs. This is probably in part due to
the use of IC op amps with their high power supply rejection
ratio and differential inputs. Many low-noise designs are sin-
gle-ended and do not enjoy the inherent supply rejection of
differential designs. For a single-ended amplifier with its
load resistor tied directly to the power supply, noise on the
supply must be no higher than (RL e Ie e VN)/(3 kT/q) or
noise performance will be degraded. For a differential stage
(see Figure 2) with the common emitter resistor tied to the
negative supply and the collector resistors tied to the posi-
tive supply, supply noise is not generally a problem. at least
at low frequencies. For this to be true at higher frequencies,
the capacitance at the collector nodes must be kept low
and balanced. In an unbalanced situation, noise from either
supply will feed through unattenuated at higher frequencies
where the reactance of the capacitor is much lower than the
collector resistance.

C3'
•..--~I---.•
I I

I
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FIGURE 2. High Frequency Power Supply Rejection

BANDWIDTH CONSIDERATIONS

Because of its large area, the LM194 has capacitance-limit-
ed bandwidth. The hIe e f product is roughly 0.08 MHz per
microampere of collector current, yielding an ft of 80 MHz at
Ie = 1 mA anCl 800 kHz at Ie = 10 /LA.

Collector-base capacitance on the LM194 is somewhat
higher than ordinary small-signal transistors due to the large
device geometry. Cob is 17 pF at VeE = 5V. For high gain
stages with finite source impedance, the Millering effect of
Cob will usually be the limiting factor on voltage gain band-



BW = kT/q - 50 kHz
(21T)(RLl(lc)(Rsl(Cob)

for a source impedance (Rsl of 1 kO.

~OW NOISE APPLICATIONS
Figures 3 and 4 represent two different approaches to low
noise designs. In Figure 3, the LM194 is used to replace the
Input stage of an LM118 high speed operational amplifier to
create an ultra-low-distortion, low-noise RIM-equalized
phono preamplifier. The internal input stage of the LM118 is
shut off by tying the unused inputs to the negative supply.
This allows the LM194 to be used in place of the internal
input stage, avoiding the loop stability problems created
when extra stages are added. The stability problem is espe-
cially critical in an RIM circuit where 100% feedback is
used at high frequencies. Performance of this circuit ex-
ceeds the ability of most test equipment to measure it. As
shown in the accompanying chart, Figure 3, harmonic dis-
tortion is below the measurable 0.002% level over most of
the operating frequency and amplitude range. Noise re-
ferred to a 10 mV input signal is 90 dB down, measuring
0.55 ",VRMSand 70 pARM' in a 20 kHz bandwidth. More
importantly, the noise figure is less than 2 dB when the am-
plifier is used with standard phono cartridges, which have an
equivalent wideband (20 kHz) noise of 0.7 ,..V1. Further im-
provements in amplifier noise characteristics would be of
little use because of the noise generated by the cartridge
itself.
A special test was performed to check for "Transient lnter-
modulation Distortion"2. 10 kHz and 11 kHz were mixed 1:1
at the input to 'give an RMS output voltage of 2V (input =
200 mV). The resulting 1 kHz intermodulation product mea-
sured at the output was 80 ,..V. This calculates to 0.004%
distortion, an incredibly low level considering that the 1 kHz
has 14 dB (5:1) gain with respect to the 10 kHz signal in an
RIM circuit. Of special interest also is the use of all DC
coupling. This eliminates the overload recovery problems
associated with coupling and bypass capacitors. Worst case

R6 C3
1.2k 20pf

I R5'* -;-47k

TL/L/6922-3

NOTE: Cartridge Is assumed to have less than 5 kn DC resistance. Do not
capacilor couple the cartridge. R1, R2,and R3 should be low noise metal
filmr_tors.

c.v ......v.vue .....v.vue ......v.uu£ ......v.vu~ '-V.vv,:::

100 <0.002 <0.002 <0.002 <0.002 <0.002

1k <0.002 <0.002 <0.002 <0.002 <0.002

10k <0.002 <0.002 <0.002 0.0025 <0.003

20k <0.002 <0.002 0.004 0.004 0.007

0.03 0.1 0.3 1.0 5.0

OUTPUT AMPLITUDE (V) RMS
FIGURE 3. Ultra Low Noise RIAA Phono Preamplifier
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25,d'T •• _-
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FIGURE 4. Ultra Low Noise Preamplifier
DC output offset voltage is about 1V with a cartridge having
1 kO DC resistance.
The single-ended amplifier shown in Figure 4 was designed
for source impedances below 2500. At this level, the
LM194 should be biased at 2.5 mA (or higher) collector cur-
rent. .Unfortunately, rbb', even at 400, is the limiting factor
on noise at these current levels. To achieve better perform-
ance, the two halves of the LM194 are paralleled to reduce
rbb' to 200. Total input voltage noise for this design is given
by:

eN = ~4kT(rbb' + R3) + en2

= ~0.504 + 0.096 = 0.775 nV/./HZ

The current noise is 1.2 pAl./HZ, and when this flows
through a 2500 source resistance, it causes an additional
0.30 nV/./HZ. Since the Johnson noise of a 2500 resistor is
2.0 nV/./HZ. the noise figure is:

~(2nV)2 + (0.3 nV)2 + (0.775 nV)2
NF = 20 log 2nV = 0.74 dB

Several unique features of this circuit should be pointed out.
First, it has only one internal capacitor which functions as an
AC bypass for both stages. Second, no input stage load
resistor bypassing is used, yet the circuit achieves 56 dB
supply rejection referred to inp,ut.The optional supply filter
shown in dotted lines improves this by an additional 50 dB
and is necessary only if supply nois!3exceeds 20 nV/./HZ.
Finally, the problem of AC coupling the 100 feedback im-
pedance is eliminated by using a DC biasing scheme which
biases both stages simultaneously without relying on feed-
back from the output.



Harmonic distortion is very low for a "simple" two stage
design. At 300 mV output, total harmonic distortion mea-
sured 0.016%. For normal signal levels of 50 mV and below,
distortion was lost in the noise floor. Small-signal bandwidth
is 3 MHz.
An ideal application for this amplifier is as a head pre-amp
for moving-coil phono cartridges. These cartridges have
very low output impedance « 50n at low frequencies) and
have a full-output signal below 1 mY. Obviously, the preamp
used for such a low signal level must halle superb noise
properties. The amplifier shown has a total RMS input noise
of 0.11 ",V in a 20 kHz bandwidth, yielding a signal-to-noise
ratio of 70 dB when used with a 40n source impedance at a
0.5 mV signal level.

LOW-NOISE, LOW-DRIFT INSTRUMENTATION
AMPLIFIER HAS WIDE BANDWIDTH
The circuit in Figure 5 is a high-performance instrumentation
amplifier for low-noise, low-drift, wide-bandwidth applica-
tions. Input noise voltage is 2 nV/JHZ up to 20 kHz, rising

TUU6922-5
FIGURE 5. Low Drift-Low Noise Instrumentation

Amplifier

to 3.5 nV/JHZ at 100 kHz. Bandwidth at a gain of 50 is 1
MHz and gain can be varied over the range of 10-1 00
simply by changing the value of R3 and R6. Input offset
voltage drift is determined by the LM194 and the tracking of
the (R1-R2), (R3-R6), and (R4-RS) pairs. 20 ppm/'C mis-
match on all pairs will generate 1.1 ",V/'C referred to input,
dominating the drift due to the LM194. Resistor pairs which
track to 5 ppm/'C or better are recommended for very low
drift applications. Input bias current is about 1 ",A, rather
high for general purpose use, but necessary in this case to
achieve wide bandwidth and low noise. The tight matching
of the LM194, however, reduces input offset current to
20 nA, and input offset current drift to 0.5 nA/'C. Input bias
current drift is under 10 nA/'C. In terms of source imped-
ance, total input referred voltage drift will be degraded 1
",V/'C for each lOOn of unbalanced source resistance and
0.05 ",V/'C for each lOOn of balanced source resistance.
DC common mode rejection of this amplifier is extremely
good, depending mostly on the match of the ratio of R3/R4
to Rs/R6' 0.1% matching gives better than 90 dB. Rejection
will improve with tighter matching and is not limited by the
LM194 until CMRR approaches 120 dB. High frequency
CMRR is also very good, measuring 80 dB at 20 kHz and
60 dB at 100 kHz. Settling time for a 10V output step is

1.5 ",s to 0.1%, and 5 ",s to 0.01%. Distortion with 10 Vp-p
output is virtually unmeasurable « 0.002%) at low frequen-
cies, rising to 0.1% at 50 kHz, and 1% at 200 kHz.

LOW DRIFT DESIGNS

Offset voltage drive in the LM194 quite closely follows the
theoretical value derived by differentiating the logarithmic
formula. In other words it is a function only of the original
offset voltage. If Vos is the original room temperature offset
voltage, drift of offset as given by differentiation yields:

d(Vos) = (d kT/q In e~)
dT dT

= Vos
T

At room temperature (T = 297'K), 1 mV of offset voltage
will generate 1 mV/297'K = 3.37 ",V/'C drift. The LM194
with a maximum offset voltage of 50 ",V could be expected
to have a maximum offset voltage drift of 0.17 ",V/'C. Lab
measurements indicate that it does not deviate from this
theoretical drift by more than 0.1 ",V/'C. This means the
LM194 can be specified at 0.3 ",V/'C drift without an individ-
ual drift test on each device. In addition, if initial offset volt-
age is zeroed out, maximum drift will be less than 0.1 ",V/
'C. The zeroing, of course, must be done in a way that theo-
retically zeroes drift. This is best done as shown in Figure 6
with a small trimpot used to unbalance collector load resis-
tors. (See National's Application Note AN-3.)

FIGURE 6. Zeroing Offset and Drift
To obtain optimum performance from such a low-drift de-
vice, strict attention must be paid to sources of drift external
to the device itsell. These include thermocouple effects,
mismatch in load-resistor temperature coefficients, second-
stage loading, collector leakage, and finite source imped-
ance.
Thermocouple effects in ultra-low-drift amplifiers are often
the limiting factor in performance. The copper-to-Kovar
(LM194 leads) thermocouple will generate 35 ",V/'C. This
sounds extremely high, but is not a problem if all input leads
on the LM194 are at the same temperature. For optimum
drift performance, the differential lead temperature where
copper connects to Kovar should not exceed 0.5 millide-
grees per degree change in ambient. If the LM194 is mount-
ed on a printed circuit board, emitter and base leads should
be soldered to identical size pads and the package orienta-
tion should place emitter and base leads on isothermal lines
if any significant power is being dissipated on the board.
The board should be kept in a still-air environment to mini-
mize the effects of circulating air currents. "Still" air is par-
ticularly important when the LM194 leads are soldered di-



rectly to wires and when low « 10 Hz) noise is critical.
Individual wires in air can easily generate a differential end
temperature of 10 millidegrees in an ordinary room ambient,
even with the wires twisted together. This can cause up to 1
fLVp.pfluctuation in offset voltage. The 0.001 Hz to 10 Hz
noise of the LM194 operating differentially at 100 fLAis typi-
cally 40 nVp-p (see Figure 7), so the thermally generated
signal represents a 25:1 degradation of low frequency
noise.

Tl/L/6922-7

FIGURE 7. Low Frequency Nolle of Differential Pair.
Unit mUlt be In It III air environment 10 that differential

lead temperature II held to lell than O.OOOS'C.
If the load resistors used to bias the LM194 do not have
identical temperature coefficients, they will contribute to off-
set voltage drift. A 1 ppm/'C mismatch in resistor drift will
generate 0.026 fLV/'C drift in the LM194. Resistors with 10
ppm/'C differential drift will seriously degrade the drift of an
otherwise perfect circuit design. Resistors specified to track
better than 2 ppm/'C are available from several manufac-
turers including Vishay, Julie, RCL, TRW, and Tel Labs.
Source impedance must be considered in a low-drift amplifi·
er since voltage drift at the output can result from drift of the
base currents of the LM194. Base current changes at about
-0.8%I'C. This is equal to 2 nA/,C at a collector current of
100 fLA and an hFE of 400. If drift error caused by the
changing base current is to be kept to less than 0.05 fLV/'C,
source unbalance cannot exceed 250 in this example. If a
balanced condition exists, source impedance is still limited
by the base current mismatch of the LM194. Worst case
offset in the base current is 2%, and this offset can have a
temperature drift of up to 2%/'C, yielding a change in offset
current of up to

(2%)(100 fLA)(2%/'C)/hFE = 0.1 nAl'C

at a collector current of 100 fLA.This limits balanced source
impedances to 5000 at collector currents of 100 fLA if drift
error is to be kept under 0.05 fLV/'C. For higher source
impedances, collector current must be reduced, or drift trim-
ming must be used.
Collector·leakage effects on drift are generally very low for
temperatures below 50'C. At higher temperatures, leakage
can be a factor, especially at low collector currents. At 70'C,
total collector leakage (to base and substrate) is typically
2 nA, increasing at 0.2 nA/'C. Assuming a 10% mismatch
between collector leakages, input-referred drift will be 0.05
fLV/'C at a collector current of 10 fLA, and 0.005 fLV/'C at
100 fLA.At 125'C, input referred drift will be 1.5 fLV/'C and
0.15 fLV/'C respectively.

The amplifier used in conjunction with the LM194 may con-
tribute significantly to drift if its own drift characteristics are
poor. An LM194 operated with 2.5 Voc across its load resis-
tors has a voltage gain of approximately 100. If the second
stage amplifier has a voltage drift of 20 fLV/'C (normal for
an amplifier with Vos = 6 mY) the drift referred to the
LM194 inputs will be 0.2 fLV/'C, a significant degradation in
drift. Amplifiers with low drift such as the LM108A or
LM308A (5 fLV/'C max) are recommended.
For the ultimate in low drift applications, the residual drift of
the LM194 can be zeroed out. This is particularly easy be-
cause of the known relationship between a change in room-
temperature offset and the resultant change in offset drift.
The zeroing technique involves only one oven test to estab-
lish initial drift. The drift can then be reduced to below
0.03 fLV/'C with a simple room-temperature adjustment.
The procedure is as follows: (See Figure 8.)

1. Zero the offset voltage at room temperature (TA).
2. Raise oven temperature to desired level (TH) and mea-

sure offset voltage.
3. Bring circuit back to room temperature and adjust offset

voltage to (Vos at TH) • (TAl/(TH - TAl. (T is in 'K.)
4. Re-adjust offset voltage to zero with an external refer·

ence source by summing the two signals. (Do not re-ad-
just the offset of the LM194.)

This technique can be extended to include drift correction
for source-generated drift as well since the basic correcting
mechanism is independent of the source of drift.

(USED AS TC TRIM)
DFFSET

VDLTAGE
ZERO RO

STABLE
POSITIVE
VOLTAGE

~

~ lDOkQ
ADJUST AT
STEP 4
(SEE APP NOTE)

STABLE
NEGATIVE
VOLTAGE

TL/L/6922-6

FIGURE 8. Correcting for Relldual or Source Generated
Drift

VOLTAGE REFERENCE
Voltage references utilizing the bandgap voltage of silicon
were first used 8 years ago, and have since gained wide
acceptance in such circuits as the LM109, LM113, LM340,
LM117, fLA7800,AD580, and REF 01. The theory has been
well publicized and is not reiterated here.
The circuit in Figure 9 is a micropower version of a bandgap
technique first used by Analog Devices. It operates off a
single 2.5V to 6V supply and draws only 25 fLA idling cur-
rent. Two AA penlight cells will power the reference for over
a year of continuous operation. Maximum output current is
0.5 mA, with an output resistance of 0.20. Line regulation is
-0.01%/V and output noise is 20 fLVRMSover a 10 kHz
bandwidth. Temperature drift is less than ± 50 ppm/'C
when the output is trimmed to 1.21V. Much lower drift can
be obtained by adjusting the output of each reference to the



both VSE and !:t.VSE portions of the reference. One half
LM114 delivers a constant bias current to the LM4250. The
other half, in conjunction with the 2N4250 PNP, ensures
startup of the circuit under worst cast (2.4k) load current.
R,-R2 and R4-RS should track to 50 ppm/'C. R6 should
have a TC of under 250 ppm/'C. The circuit is stable for
capacitive loads up to 0.047 I'-F.C2 is optional, for improved
ripple rejection.

STRAIN GAUGE AMPLIFIER
The instrumentation amplifier shown in Figure 10 is an ex-
ample of an ultra-low-drift design specifically optimized for
strain-gauge applications. A typical strain-gauge bridge has
one end grounded and the other driven by a 3-to-1O volt
precision voltage reference. The differential output signal of
the bridge has a 1.5 to 5 volt common-mode level and a
typical full-scale differential signal level of 5-50 mY. Source
impedance is in the range of 1000 to 5000, with an imped-
ance imbalance of less than 2%. This amplifier has been
specifically optimized for these types of signals. It has a

r---
I
I
I
I
I
I

C2° .!..
220pFT

I
I
I
I
I
I
I R6
I 'Ok
I CERMET

.Ok
AS 1%
COk".

mon mode input impedance is 100 MO. Common mode re-
jection ratio is 120 dB at 60 Hz, 114 dB at 1 kHz, and 94 dB
at 10kHz referred to input. Power supply rejection at DC is
114 dB on the V+ supply and 108 dB on the V- supply.
Small signal bandwidth is > 50 kHz and slew rate is 0.1
V/ I'-s. Gain error is determined by the accuracy of Rg, Re,
R4' and R3' For the values shown, gain is 500. R3 can be
varied to set gain as desired from 250 (8000) to 10,000
(200). Gain non-linearity is < 0.05% for a 10V output and <
0.012% for a 5V output). R7 is a +0.3%/'C positive-tem-
perature-coefficient wirewound resistor for compensation of
gain with temperature. Without this resistor, gain change
with temperature is 0.007%/'C. If R7 is omitted, replace Rg
with 12.4 kO.
Input offset voltage drift is determined primarily by resistor
mismatches between R,/R2 and Rs/R6' If either of these
ratios drifts by 5 ppm/'C, an input offset voltage drift of
0.15 I'-V/'C will be created. Other resistor drifts contribute to
gain error only. R'2 is used to adjust room temperature off-
set voltage to zero.

OUTPUT
I 1.21Y

I

it!lOROqJ<o.smA
I
I
I

'::"---1-----15
·TC '" 100 pp",,"C

FIGURE 10. Strain Gauge Instrumentation Amplifier



THERMOCOUPLE AMPLIFIER WITH COLD
JUNCTION COMPENSATION

Thermocouple amplifiers need low offset voltage drift, good
gain accuracy, low noise. and most importantly. cold-junc-
tion compensation. The amplifier in Figure 11 does all that
and more. It is specifically designed for ease of calibration
so that repeated oven cycling is not required for calibration
of gain and zero. Also. no mathematical calculations are
required in the calibration procedure.
The circuit is basically a non-inverting amplifier with the gain
set to give 10 mV/("F or 'C) at the output. This output sensi-
tivity is arbitrary and can be set higher or lower. Cold-junc-
tion compensation is achieved by deliberately unbalancing
the collector currents of the LM194 so that the resulting
input offset voltage drift is just equal to the thermocouple
output (a) at room temperature. By combining the formulas
for offset voltage versus current imbalance and offset volt-
age drift. the required ratio of collector currents is obtained.

d(Vos) Vas k ICI--=-=-In-
dT T qlC2

1Cl q - Vas q - aIn-=---=--
IC2 k - T k

Rll
R9 10k
JOOk
1%

,. select A9 - 300 kO

2. set Al0 equal to A9. e-a('.'6 x ,(4)

3. A8 ~ 200k

4. select A4 in the range 50 kO to 250 kO

5. AS ~ (A4)(T,)(a)
S(T, - To) - a(T,)

ICI q-a-=e--
IC2 k

(a = thermocouple output in V/'C)

This technique does require that the LM194 be at the same
temperature as the thermocouple cold junction. The ther-
mocouple leads should be terminated close to the LM194.
The deliberate offset voltage created across the LM194 in-
puts must be subtracted out with an external reference
which is also used to zero shift the output to read directly in
'C or 'F. This is done in a special way so that at some
arbitrarily selected temperature (T,). the gain adjustment
has no effect on zero. vastly simplifying the calibration pro-
cedure. Design equations for the circuit are shown with the
schematic in descending order of their proper use. Also
shown is the calibration procedure. which requires only one
oven trip for both gain and zero. Use of the nearest pocket
calculator should yield all resistor values in a few minutes.
The values shown on the schematic are for a 10 mV/'C
output with a Chromel-Alumel thermocouple delivering
40 ,...V/'C. with T1selected at room temperature (297"K). All
resistors except Rs and R12should be 1% metal film types

E~ Gain error allowed tor (=:2.5%)

T, = Temperature in oK at which it is desired to
have the gain control not interact w;th the
zero control

To = Temperature in oK at which the desired
temperature scale rC or oF) is equal to
zero6. A2 = a(A4)(AS)(1 - E'/loo)

(5 -a) [AS _ a(A4)]
5-a

7. Al = [(A2). Vz - a(Tlll (0.95)
a(T,)

8. A3 ~ (E)(A2)
50

9. A7 - (A9/Al0)(A2)

10. A6 = AI/10

5 = Aequired output scale factor. Use V/'C
even though actual output may be in 'F

Vz= Zener reference voltage

a = Thermocouple output in Vre
Values shown on schematic are for 10 mvrc.
See below for 10 mV /oF values using a Chromel~
Alumsl thermocouple with room temperature
forT,.

Al = 367k, A2 = 6290, A3 - 0, A4 = 25Ok,

AS ~ 4.08k, A6 = 5Ok, A7 - lk, Al0 ~ 191k

FIGURE 11.Thermocouple Amplifier with Cold-Junctlon Compensation

OUTPUT +15V
10mV/'C

R4 R12
250k 12k

RJ
50Q Rl R6

CERMET 590k 50k

e. set oven to T1 and adjust R6 to give proper
output (zero adjust).

b. Raise (or lower) oven to T 2 and adjust R3 to
give proper output at T2 (gain adjust).

c. Return to room temperature and short ther·
mocouple and 01 to ground. Adjust Al1 to
give proper output (room ambient) in -K or-R.

For 10 mVrc, this is 2.98V @ TA - 2S'C.

For 10 mVl'F, this is S.3N @ TA - 77'F.

d. Remove shorts and re-adjust R6 if necessary
to zero output.

Note: Steps C and 0 can be eliminated if exact
cold junction compensation is not required. R 11
is simply shorted out. Compensation will be with·
in ±S% without adjustment (,;;o.os'crG).



C'loI
C'loI
C'loI for low thermocouple effects (resistors do generate thermo-
:Z couple voltages if their ends are at different temperatures)
c[ and should have low temperature coefficients. Rg and Rl0

should track to 10 ppmrC. R3' Rs, and Rll should not have
a TC higher than 250 ppmrC. Rl' R2' and R4 should track
to 20 ppmrC. C2 can be added to reduce spikes and noise
from long thermocouple lines.
Input impedance for this circuit is > 100 MO, so high ther-
mocouple impedance will not affect scale factor. "Zero
shift" due to input bias current is approximately 1'c for each
4000 of thermocouple lead resistance with a 40 J.LV/'C
thermocouple.
No provision is made for correction of thermocouple non-lin-
earity. This could be accomplished with a slight nonlinearity
introduced into R4 with additional resistors and diodes. An-
other possibility is to digitize the output and correct the non-
linearity digitally with a ROM programmed for a specific ther-
mocouple type.

POWER METER

The power meter in Figure 12 is a good example of mini-
mum-parts-count design. It uses only one transistor pair to
provide the complete (X) • (Y) function. The circuit is intend-
ed for 117 VAC ± 50 VACoperation, but can be easily modi-
fied for higher or lower voltages. It measures true (non-reac-
tive) power being delivered to the load and requires no ex-
ternal power supply. Idling power drain is only 0.5W. Load
current sensing voltage is only 10 mV, keeping load voltage
loss to 0.01%. Rejection of reactive load currents is better
than 100:1 for linear loads. Nonlinearity is about 1% full
scale when using a 50 J.LAmeter movement. Temperature
correction for gain is accomplished by using a copper shunt
(+ 0.32%rC) for load-current sensing. This circuit mea-
sures power on negative cycles only, and so cannot be
used on rectifying loads.

LOW COST MATHEMATICAL FUNCTIONS
Many analog circuits require a mathematical function to be
performed on one or more signals other than the standard
addition, subtraction, or scaling which can be accomplished
with resistor networks. The circuits shown in Figures 13
through 15 are examples of low-cost function generating
circuits using the LM394 with operational amplifiers. The
logarithmic relationship of VSEto ICon the LM394 is utilized
in each case to log-antilog the input signals so that addition
and subtraction can be used to multiply, divide, square, etc.
When transistors are used in this manner, matching is very
critical. A 1 mV offset in VSEappears as a 4% of signal error
even in the best case where operation is restricted to one
quadrant. Parasitic emitter or base resistance (ree', rbb') can
also seriously degrade accuracy. At Ic = 100 J.LAand hFE
= 100, each 0 of emitter resistance and each 1000 of
base resistance will cause 0.4% signal error. Most matched
transistor pairs available today have significant parasitic re-
sistances which severely limit their use in high-accuracy cir-
cuits. The LM394, with offset guaranteed below 0.15 mV
and a typical emitter-referred total parasitic resistance of
0.40 gives an order of magnitude improvement in accuracy
to nonlinear designs at all current levels.

MULTIPLIER/DIVIDER
The circuit in Figure 13will give an output proportional to the
product of the (X) and M inputs divided by the Z input. All
inputs must be positive, limiting operation to one quadrant,
but this restriction removes the large error terms found in 2-
and 4-quadrant designs. In a large percentage of cases,
analog signals requiring multiplication are of one polarity

only and can be inverted if negative. A nice feature of this
design is that all gain errors can be trimmed to zero at one
point. Rs is paralleled with 2.4 MO to drop its nominal value
2%. Rs then gives a ±2% gain trim to account for errors in
Rl' R2' Rs, R7' and any offset in Ql or Q2. For very low level
inputs, offset voltage in the LM308s may create large per-
centage errors referred to input. A simple scheme for offset-
ting any of the LM308s to zero is shown in dotted lined; the
+ input of the appropriate LM308 is simply tied to Rx in-
stead of ground for zeroing. The summing mode of opera-
tion on all inputs allows easy scaling on any or all inputs.
Simply set the input resistor equal to (VIN(max»)/(200 J.LA).
Your is equal to:

(~)(~) (Rs)
Your = Z

R7

Input voltages above the supply voltage are allowed be-
cause of the summing mode of operation. Several inputs
may be summed at "X", "Y," or "Z."
Proper scaling will improve accuracy by preventing large
current imbalances in Ql and Q2' and by creating the larg-
est possible output swing. Keep in mind that any multiplier
scheme must have a reference and this circuit is no differ-
ent. For a simple (X) • (Y) or (X)/Z function, the unused
input must be tied to a reference voltage. Perturbations in
this reference will be seen at the output as scale factor
changes, so a stable reference is necessary for precision
work. For less critical applications, the unused input may be
tied to the positive supply voltage, with R = V+ /200 J.LA.

SQUARE ROOT

The circuit in Figure 14 will generate the square root func-
tion at low cost and good accuracy. The output is a current
which may be used to drive a meter directly or be converted
to a voltage with a summing junction current-to-voltage con-
verter. The -15V supply is used as a reference, so it must
be stable. A 1% change in the -15V supply will give a Yz %
shift in output reading. No positive supply is required when
an LM301A is used because its inputs may be used at the
same voltage as the positive supply (ground). The two
1N457 diodes and the 300 kO resistor are used to tempera-
ture compensate the current through the diode-connected
Yz LM394.

SQUARING FUNCTION
The circuit in Figure 15will square the input signal and deliv-
er the result as an output current. Full scale input is 10V, but
this may be changed simply by changing the value of the
100 kO input resistor. As in the square root circuit, the
-15V supply is used as the reference. In this case, howev-
er, a 1% shift in supply voltage gives a 1% shift in output
signal. The 150 kO resistor across the base-emitter of Yz
LM394 provides slight temperature compensation of the ref-
erence current from the -15V supply. For improved accura-
cy at low input signal levels, the offset voltage of the
LM301A should be zeroed out, and a 100 kO resistor should
be inserted in the positive input to provide optimum DC bal-
ance.
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INTRODUCTION
Due to their low cost and ease of use, thermocouples are
still a popular means for making temperature measurements
up to several thousand degrees centigrade. A thermocouple
is made by joining wires of two different metals as shown in
Figure 1.The output voltage is approximately proportional to
the temperature difference between the measuring junction
and the reference junction. This constant of proportionality
is known as the Seebeck coefficient and ranges from
5 p'vre to 50 p'vre for commonly used thermocouples.

MATERIAL A r-, Cu

I I
TREFI I VOUT

MATERIAL B I I
MEASURING L JCu
JUNCTION REFERENCE

JUNCTION

VOUT '" oo(T M - T REF)

FIGURE 1.Thermocouple
Because a thermocouple is sensitive to a temperature dif-
ference, the temperature at the reference junction must be
known in order to make a temperature measurement. One
way to do this is to keep the reference junction in an ice
bath. This has the advantage of zero output voltage at o·e,
making thermocouple tables usable. A more convenient ap-
proach, known as cold-junction compensation, is to add a
compensating voltage to the thermocouple output so that
the reference junction appears to be at o·e independent of
the actual temperature. If this voltage is made proportional
to temperature with the same constant of proportionality as
the thermocouple, changes in ambient temperature will
have no effect on output voltage.
An Ie temperature sensor such as the LM135/LM235/
LM335, which has a very linear voltage vs. temperature
characteristic, is a natural choice to use in this compensa-
tion circuit. The LM135 operates by sensing the difference
of base-emitter voltage of two transistors running at differ-
ent current levels and acts like a zener diode with a break-
down voltage proportional to absolute temperature at
10 mVrK. Furthermore, because the LM135 extrapolates to
zero output at OOK,the temperature coefficient of the com-
pensation circuit can be adjusted at room temperature with-
out requiring any temperature cycling.

SOURCES OF ERROR
There will be several sources of error involved when mea-
suring temperature with thermocouples. The most basic of

these is the tolerance of the thermocouple itself, due to
varying composition of the wire material. Note that this toler-
ance states how much the voltage vs. temperature charac-
teristic differs from that of an ideal thermocouple and has
nothing to do with nonlinearity. Tolerance is typically ± 0/.%
of reading for J, K, and T types or ± %% for Sand R types,
so that a measurement of 1000·e may be off by as much as
7.5·e. Special wire is available with half this error guaran-
teed.
Additional error can be introduced by the compensation cir-
cuitry. For perfect compensation, the compensation circuit
must match the output of an ice-point-referenced thermo-
couple at ambient. It is difficult to match the thermocouple's
nonlinear voltage vs. temperature characteristic with a linear
absolute temperature sensor, so a "best fit" linear approxi-
mation must be made. In Figure 2 this nonlinearity is plotted
as a function of temperature for several thermocouple
types. The K type is the most linear, while the S type is one
of the least linear. When using an absolute temperature
sensor for cold-junction compensation, compensation error
is a function of both thermocouple nonlinearity and also the
variation in ambient temperature, since the straight-line ap-
proximation to the thermocouple characteristic is more valid
for small deviations.
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FIGURE 2. Thermocouple Nonlinearity
Of course, increased error results if, due to component inac-
curacies, the compensation circuit does not produce the
ideal output. The LM335 is very linear with respect to abso-
lute temperature and introduces little error. However, the
complete circuit must contain resistors and a voltage refer-
ence in order to obtain the proper offset and scaling. Initial
tolerances can be trimmed out, but the temperature coeffi-
cient of these external components is usually the limiting
factor (unless this drift is measured and trimmed out).



CIRCUIT DESCRIPTION
A single-supply circuit is shown in Figure 3. R3 and R4 di-
vide down the 10 mV/'K output of the LM335 to match the
Seebeck coefficient of the thermocouple. The LM329B and
its associated voltage divider provide a voltage to buck out
the O'C output of the LM335. To calibrate, adjust R1 so that
V1 = oc T, where oc is the Seebeck coefficient" and T is
the ambient temperature in degrees Kelvin. Then, adjust R2
so that V1 - V2 is equal to the thermocouple output voltage
at the known ambient temperature.
To achieve maximum performance from this circuit the re-
sistors must be carefully chosen. R3 through R6 should be
precision wirewounds, Vishay bulk metal or precision metal
film types with a 1% tolerance and a temperature coefficient
of ± 5 ppm/'C or better. In addition to having a low TCR,
these resistors exhibit low thermal emf when the leads are
at different temperatures, ranging from 3 IJ-V/'C for the
TRW MAR to only 0.3 IJ-V/,C for the Vishay types. This is
especially important when using S or R type thermocouples
that output only 6 IJ-V/'C. R7 should have a temperature
coefficient of ± 25 ppm/'C or better and a 1% tolerance.
Note that the potentiometers are placed where their abso-
lute resistance is not important so that their TCR is not crit-
ical. However, the trim pots should be of a stable cermet
type. While multi-turn pots are usually considered to have
the best resolution, many modern single-turn pots are just
as easy to set to within ± 0.1% of the desired value as the
multi-turn pots.
Also single-turn pots usually have superior stability of set-
ting, versus shock or vibration. Thus, good single-turn cer-
met pots (such as Allen Bradley type E, Weston series
'See Appendix A for calculetion of Seebeck coefficient.

840, or CTS series 360) should be considered as good can-
didates for high-resolution trim applications, competing with
the more obvious (but slightly more expensive) multi-turn
trim pots such as Allen Bradley type RT or MT, Weston type
850, or similar.
With a room temperature adjustment, drift error will be only
± %'C at 70'C and ± %'C at O'C. Thermocouple nonlineari-
ty results in additional compensation error. The chromel/
alumel (type K) thermocouple is the most linear. With this
type, a compensation accuracy of ±%'C can be obtained
over a O'C-70'C range. Performance with an iron-constan-
tan thermocouple is almost as good. To keep the error small
for the less linear Sand T type thermocouples, the ambient
temperature must be kept within a more limited range, such
as 15'C to 50'C. Of course, more accurate compensation
over a narrower temperature range can be obtained with
any thermocouple type by the proper adjustment of voltage
TC and offset.
Standard metal-film resistors cost substantially less than
precision typ'es and may be substituted with a reduction in
accuracy or temperature range. Using 50 ppm/'C resistors,
the circuit can achieve %'C error over a 1O'C range. Switch-
ing to 25 ppm resistors will halve this error. Tin oxide resis-
tors should be avoided since they generate a thermal emf of
20 IJ-V for 1'C temperature difference in lead temperature as
opposed to 2 IJ-V/,C for nichrome or 4.3 IJ-V/,C for cermet
types. Resistor networks exhibit good tracking, with
50 ppm/'C obtainable for thick film and 5 ppm/'C for thin
film. In order to obtain the large resistor ratios needed, one
can use series and parallel connections of resistors on one
or more substrates.

10k
R3*
200k

Rl ~ THERMOCOUPLE10k VI R4*
LM335

TCAOJ ~ + seebeck
Thermocouple

Coefficient
R4 RS

':" ':" ':"
:} OUTPUT

Type
(",VI'C)

(0) (0)
15V

J 52.3 1050 385
T 42.8 8S6 31S
K 40.8 818 300

R5* S 6.4 128 46.3
200k 'R3 thru R6 are 1%, 5 ppml'C. (10 ppml'C trackJng.)

Rlt
tR7 Is 1%, 25 ppm/'C.

1M choose R4 = __ a_" R3
10 mVl'C

R2 r10k -T .a
ZERO AOJ V2 R6* choose R6 ~ ~. (0.9RS)

':" ':"
\.:

choose R7 = S' RS

':" where To is absolute zero (- 273.16'C)
TLlH17471 -3 Vz is the reference voltage (6.9SV for LM329S)



A circuit for use with grounded thermocouples is shown in
Figure 4. If dual supplies are available, this circuit is prefer-
able to that of Figure 3 since it achieves similar performance
with fewer low TC resistors. To trim, short out the LM329B
and adjust R5 so that Vo = cc T, where cc is the Seebeck
coefficient of the thermocouple and T is the absolute tem-
perature. Remove the short and adjust R4 so that Vo equals
the thermocouple output voltage at ambient. A good
grounding system is essential here, for any ground differen-
tial will appear in series with the thermocouple output.

An electronic thermometer with a 10 mV JOCoutput from O·C
to 1300·C is seen in Figure 5. The trimming procedure is as

4.7k
R3*
200k

R6t
1M

R4
10k
ZERO AOJ

R5

~~kAOJ R2*
71.5k

10k
~

Rlt YO./

follows: first short out the LM329B, the LM335 and the ther-
mocouple. Measure the output voltage (equal to the input
offset voltage times the voltage gain). Then apply a 50 mV
input voltage and adjust the GAIN ADJUST pot until the
output voltage is 12.25V above the previously measured
value. Next, short out the thermocouple again and remove
the short across the LM335. Adjust the TC ADJUST pot so
that the output voltage equals 10 mV JOKtimes the absolute
temperature. Finally, remove the short across the LM329B
and adjust the ZERO ADJUST pot so that the output volt-
age equals 10 mV JOCtimes the ambient temperature in ·C.

Thermocouple Rl
seebeck

Type (ll)
Coefflclenl

(f'VrC)
J 377 52.3
T 308 42.8
K 293 40.8
S 45.8 6.4

'R2 and R3 are 1%. 10 ppm/'C. (20 ppml'C tracking.)

tRl and R6 are 1%. 50 ppm/'C.

10k
ZERO AOJ 422

10k
TC
AOJ lOOk

GAIN AOJ

15Y

All fixed resistors ± 1%, 25 ppmrc
unless otherwise indicated.

Al should be a low drift type such
as LM308A or LHOO44C. see text.



lure. I nlS error IS unaer '-\.; TorU-\.;to 300·1.,; Out is as high
as 17"C over the entire range. This may be corrected with a
nonlinear shaping network. If the output is digitized. correc-
tion factors can be stored in a ROM and added in via hard-
ware or software.
The major cause of temperature drift will be the input offset
voltage drift of the op amp. The LM30SA has a specified
maximum offset voltage drift of 5 ,...VI'C which will result in a
l'C error for every S'C change in ambient. Substitution of an
LH0044C with its 1 ,...VI'C maximum offset voltage drift will
reduce this error to l'C per 40'C. If desired. this tempera-
ture drift can be trimmed out with only one temperature cy-
cle by following the procedure detailed in Appendix B.

CONSTRUCTION HINTS
The LM335 must be held isothermal with the thermocouple
reference junction for proper compensation. Either of the
techniques of Figures 68 or 6b may be used.
Hermetic ICs use Kovar leads which output 35 ,...VI'C refer-
enced to copper. In the circuit of Figure 5, the low level
thermocouple output is connected directly to the op amp
input. To avoid this causing a problem, both input leads of
the op amp must be maintained at the same temperature.
This is easily achieved by terminating both leads to identi-
cally sized copper pads and keeping them away from ther-
mal gradients caused by components that generate signifi-
cant heat.
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TREF
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-Has no effect on measurement.

FIGURE6b
FIGURE 6. Methods for Sensing Temperature of

Reference Junction

TABLE I. Nonlinearity Error of Thermometer Using
Type K Thermocouple (Scale Factor 25,47"C/,...V)

'c Error ('C) 'c Error ('C)

10 -0.3 200 -0.1
20 -0.4 210 -0.2
30 -0.4 220 -0.4
40 -0.4 240 -0.6
50 -0.3 260 -0.5
60 -0.2 2S0 -0.4
70 0 300 -0.1
SO 0.2 350 1.2
90 0.4 400 2.S

100 0.6 500 7.1
110 O.S 600 11.S
120 0.9 700 15.7
130 0.9 SOO 17.6
140 0.9 900 17.1
150 O.S 1000 14.0
160 0.7 1100 S.3
170 0.5 1200 -0.3
lS0 0.3 1300 -13
190 0.1



Before trimming, all components should be stabilized. A 24-
hour bake at 85'C is usually sufficient. Care should be taken
when trimming to maintain the temperature of the LM335
constant, as body heat nearby can introduce significant er-
rors. One should either keep the circuit in moving air or
house it in a box, leaving holes for the trimpots.

CONCLUSION
Two circuits using the LM335 for thermocouple cold-junc-
tion compensation have been described. With a single room
temperature calibration, these circuits are accurate to
± %'C over a O'C to 70'C temperature range using J or K
type thermocouples. In addition, a thermocouple amplifier
using an LM335 for cold-junction compensation has been
described for which worst case error can be as low as 1'C
per 40'C change in ambient.

APPENDIX A
DETERMINATION OF SEEBECK COEFFICIENT
Because of the nonlinear relation of output voltage vs. tem-
perature for a thermocouple, there is no unique value of its
Seebeck coefficient ce. Instead, one must approximate the
thermocouple function with a straight line and determine ce

from the line's slope for the temperature range of interest.

On a graph, the error of the line approximation is easily
visible as the vertical distance between the line and the
nonlinear function. Thermocouple nonlinearity is not so
gross, so that a numerical error calculation is better than the
graphical approach.
Most thermocouple functions have positive curvature, so
that a linear approximation with minimum mean-square error
will intersect the function at two points. As a first cut, one
can pick these points at the % and % points across the
ambient temperature range. Then calculate the difference
between the linear approximation and the thermocouple.t
This error will usually then be a maximum at the midpoint
and endpoints of the temperature range. If the error be-
comes too large at either temperature extreme, one can
modify the slope or the intercept of the line. Once the linear
approximation is found that minimizes error over the tem-
perature range, use its slope as the Seebeck coefficient val-
ue when designing a cold-junction compensator.
An example of this procedure for a type S thermocouple is
shown in Table II. Note that picking the two intercepts (zero
error points) close together results in less error over a nar-
rower temperature range.

tA collection of thermocouple tables useful for this purpose is found in the
Omega Temperature Measurement Handbook published by Omega Engi-
neering, Stamford, Connecticut.

TABLE II. Linear Approximations to Type S Thermocouple

Approximation # 1 Approximation #2

Centigrade
TypeS Zero Error Zero Error

Temperature
Thermocouple at 25'C and 60'C at 30'C and 50'C

Output(/L V) Linear Error Linear Error
Approx. /LV 'C Approx. /LV 'C

0' 0 -17 -17 -2.7' -16 -16 -2.8'
5' 27 15 -12 -1.9' 16 -11 -1.7'

10' 55 46 -9 -1.4' 47 -8 -1.3'
15' 84 78 -6 -0.9' 78 -6 -0.9'
20' 113 110 -3 -0.5' 110 -3 -0.5'
25' 142 142 0 0 142 -1 -0.2'
30' 173 174 1 0.2' 173 0 0
35' 203 206 3 0.5' 204 1 0.2'
40' 235 238 3 0.5' 236 1 0.2'
45' 266 270 4 0.6' 268 2 0.3'
50' 299 301 2 0.3' 299 0 0
55' 331 333 2 0.3' 330 -1 -0.2'
60' 365 365 0 0 362 -3 -0.5'
65' 398 397 -1 -0.2' 394 -4 -0.6'
70' 432 429 -3 -0.5' 425 -7 -1.1'

ce = 6.4/LV/,C ce = 6.3/LV/,C

0.6'C error for 0.3'C error for
20'C < T < 70'C 25'C < T < 50'C



APPENDIXB
TECHNIQUE FOR TRIMMING OUT OFFSET DRIFT
Short out the thermocouple input and measure the circuit
output voltage at 2SoC and at 70°C. Calculate the output
voltage temperature coefficient, fJ as shown.

fJ = Your (?O"CI - VOUT(2soCI in mV I"K
4soK

Next, short out the LM329B and adjust the TC ADJ pot so
that Your = (20 mVI"K - fJ) x 29soK at 2SoC. Now re-
move the short across the LM329B and adjust the ZERO
ADJUST pot so that Your = 246 mV at 2SoC (246 times the
2SoC output of an ice-point-referenced thermocouple).

This procedure compensates for all sources of drift, includ-
ing resistor TC, reference drift (± 20 ppml"C maximum for
the LM329B) and op amp offset drift. Performance will be
limited only by TC nonlinearities and measurement accura-
cy.
REFERENCES
R. C. Dobkin, "Low Drift Amplifiers," National Semiconduc-
tor LB-22, June 1973.

Carl T. Nelson, "Super Matched Bipolar Transistor Pair Sets
New Standards for Drift and Noise," National Semiconduc-
tor AN-222, February 1979.



Applications of Wide-Band
Buffer Amplifiers

INTRODUCTION

The LH0002. LH0033 and LH0063 are wide-band, high cur-
rent, unity gain buffer amplifiers. They are intended for use
alone or in closed-loop combination with op amps to drive
co-axial cables and capacitive or other high-current loads.
Features and characteristics of these buffers are summa-
rized in Table I. All are active trimmed for low unadjusted
output offset voltage and uniform performance. Good ther-
mal coupling between dice is achieved by hybrid thick-film
construction on ceramic substrates.

Part I analyzes the AC and DC equivalent circuits.

Part II is a comprehensive guide to applications techniques
and shows how to get optimum performance under a variety
of circumstances.

Finally, Part III illustrates these techniques in some specific
applications including drivers, sample-and-hold amplifiers
and active filters.

General
The three buffer amplifiers share a similar class AB emitter-
follower output stage as shown in Figure 1. The symmetrical
class AB amplifier output provides current sourcing or sink-
ing and relatively constant low impedance to the load during
positive and negative output swing. The input stage of the
LH0002 consists of a complementary bipolar emitter-follow-
er. The LH0033 and LH0063 employ junction FETs config-
ured as source-followers, thereby achieving several orders
of magnitude improvement in DC input resistance over the
LH0002. In each case, the output stage collectors are un-
committed to allow the use of current limiting resistors in
series with either or both output collectors.

LHOOO2 Low Frequency Operation

The LH0002 circuit shown in Figure 2 is a compound emit-
ter-follower with small-signal current gain of approximately
40,000 (product of first and second stage betas).

National Semiconductor
Application Note 227
Jim Sherwin

FIGURE 2. LH0002 Schematic Diagram

TABLE I. Buffer Amplifier Typical Characteristics

Parameter Conditions LHOOO2 LH0033 LHOO63 Units

DC Output Current Continuous ±100 ±100 ±2S0 mA

Peak Output Current ±200 ±2S0 ±SOO mA

Slew Rate RL = 1 kn, Rs = son 200 lS00 6000 V/p.s

Bandwidth, 3 dB so 100 180 MHz

Voltage Gain VIN = 1V @ 1 kHz, RL = 1k 0.97 0.98 0.98 VIV

Output Offset Voltage Tc = 2S"C, Rs = 100 kn
±10 ±S ±10 mV

(Rs = 300n for LHOO02)

Input Bias Current Tc = 2S"C 6 p.A SOpA 100 pA

Output Resistance 6 6 1 n



"\I"'" rur vlN = v ana vs = I ,:>V, Tlrststage qUiescent
current is typically:

= Vs - VSE - VIN = 15 - 0.63 - 0 = 2.88 mA (1)
Ie R1 5000n
The normal production variation of Ie is ±5%.
The emitter-base junction of the first and second stages
appear in series between input and output terminals, there-
fore the output offset voltage for VIN = 0 is the difference in
base-emitter junction voltages of a PNP and an NPN tran-
sistor. This is true for both upper and lower halves of the
circuit, so there is no conflict between the two circuit halves.
Output stage quiescent current will equal that of the input
stage if the transistors are matched and at equal tempera-
tures. This establishes a class AB bias in the output stage
so there is no class B crossover distortion in the output.
Resistors R3 and R4 inserted in the output emitter circuits
minimize the effect of unmatched upper and lower circuit
halves and limit the potential for thermal runaway due to
input and output stage temperature differences. There is no
thermal runaway if operation is confined within data sheet
limits.
Maximum output current is dependent on the supply volt-
age, R1, 03 current gain, and the output voltage. Maximum
current is available when VIN rises sufficiently above Your
that 01 is cut off. Under this condition, the 5k resistor sup-
plies base current to 03, and the maximum output current
is:

Vs - VSE3- loR3 - Vo
IO(MAX)= R1/133

Vs - VSE3 "" Vs - 0.7 (2)
R1/133+ R3 + RL 30 + RL

where 133 "" 200.

oUlI. l;urrent limiting may oe employed for short circuit pro-
tection (see section on Current Limiting).
The voltage gain of the LH0002 is slightly less than unity
and is a function of load as with any emitter-follower. It is
dominated by the finite output resistance of the output
stage. Hence, the gain analysis for all three buffers can uti-
lize the hybrid 1T model as shown in Figure 4. Note that re3
is the emitter dynamic resistance of 03 and is load-current
dependent. The gain expression written as a function of
load resistance and input voltage is:

RL
Av"'------

RL + R3 + re3
RL

(
0.026)

R3 + RL 1 + Vo + 0.003RL

(3)

RL I0.026
R3 +RL 1 +--

( VIN ) VIN> O.1V

Voltage gain could range from 0.996 for RL = 1 kn to 0.978
for RL = 100n at 10V input. In contrast, the same loads
would yield gains of 0.973 to 0.956, respectively, for an in-
put of 1V because re3would be somewhat larger.
Because of the inherent current-mode feedback, initial off-
set error is typically 10 mV with a finite (300n) series input
resistance. Even with unsymmetrical supplies, Vos increas-
es only an additional 3 mV per volt of supply differential.
Usually this error component may be ignored as it is rela-
tively small compared to the large-signal error predicted by
equation (3) when driving heavy loads.

Where: r03 - 0.026/10

FIGURE 4. Equivalent Model of LH0002



Since the base-emitter Junction capacitances OTemmer-TOI-
lowers see little effective junction voltage change, they may
be neglected in the following first-order analysis. For the
transistors used we may also assume that the transistor de-
lay and transit time effects are over-shadowed by the RC
effect. We can then simplify the half-circuit to that of Figure
6: a single transistor emitter-follower plus an equivalent load
reflected from the output stage.

Evaluation of the transfer function of equation (4) as derived
from Figure 6b indicates that the input pole dominates for
finite source resistance.

(1 + s RsCCB1) (1 + S reI CCB3)
To illustrate, for Rs = 3000., the primary pole is predicted to
occur at about 60 MHz, a close correlation to the real value,
while the output pole is well beyond 1 GHz. The implication
of this analysis is quite significant-the fundamental band-
width of the LH0002 is a function of the input source resist-
ance within a reasonable range of son to 3000.. For the
case of Rs = son, the resulting bandwidth is well above
100 MHz.

I

l~~
C'CB1 C'CS, = GeS1 + GeS2 •• 9 pF

GeS3 •• 6 pF

TL/H/8725-6

FIGURE 6a. LH0002 Simplified Mirror-Half Input Stage

.IN~.

ceBTIIR2
- -- -
Where: 'OUT" (r., + ~) IIAI

A2 ~ p, (r., + Al II P3 All

FIGURE 6b. Hybrid 1T Model
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LH0002 Large Signal Pulse Response
Figure 7 shows the typical large signal pulse response of
the LH0002.

c. Negative Pulse Response d. Positive Pulse Response
FIGURE 7. LHOOO2Pulse Response

is drawn from the output, 01 and 02 will drift at slightly
different rates as 101 will no longer equal 102 by the differ-
ence in output stage base current. Resistor R2 is trimmed to
establish the drain current of current-source transistor 02 at
10 mA, and R1 is trimmed for zero offset.LH0033 Low Frequency Operation

The LH0033 circuit can be described in simplified form, Fig-
ure 8, as a source-follower plus a balanced emitter-follower.
The complete circuit is shown in Figure 9.

0{'

FIGURE 8. LH0033 Simplified Circuit
When 01 and 02 are well matched, offset voltage and drift
will be low because the gate-source voltage of 02, VGS2. is
set "2 VSE, thus forcing VGS1 = VGS2 due to the matching
when operating at equal currents. However, as load current

R3
2

~OUTPUT

R4
2

TlIH18725-13
FIGURE 9. Complete LH0033 Schematic Diagram



The same current flowing through Q2 also flows through Q1
and R1, causing a gate-source voltage of approximately
1.6V. The 10 mA flowing through R1 plus Q3's VSE of 0.6V
causes VOUT = 0 for VIN = O. The output stage current is
established to be approximately equal to that of the input
stage by Q3 and Q4.

Voltage gain of the LH0033 is the product of the 1st and
2nd stage gains taken independently. The analysis of each
is shown in Figure 10. We can write the total amplifier gain
expression as:

1
Av = ------------

1 + 2/RL + 167//:lsRL + 0.26/VIN

where /:ls "" 200.

Voltage gain is predicted to be 0.995 for a 1 ko. load, and
0.95 for a 500. load at 10V output.

LH0033 High Frequency Operation
Low frequency performance is modified at high frequencies
by the increasing effect of transistor junction capacitance.
Transistors Q3, Q4 and the output emitter-follower pair con-
tribute only minor incremental effect on the first-order high
frequency equivalent circuit so they may be omitted to yield
the simplified model appearing in Figure 11. Modeling of
transistor Q1 reduces the circuit to that of Figure 12.

1/"" +100

fl"}"
TUH/872S-1S

ROlills RL 1
Avl - RollllsRL + 1I9f.l + Rl 1 + 167/RO + 167/llsRL

for: 9'51 liIII 0.015 mho

1
RO '" -(1 + 9fo2R2) - 12S kO

9002

TL/H/872S-16

Av2 _ RL 1
RL + Re + r.s 1 + Re/RL + O.026IVI

b. Output Stage Gain with the Effect
of Emitter Dynamic Resistance

TLiH/872S-17
FIGURE 11. LH0033 Simplified Circuit

Where: R,. ~ Rl + 1/9fel
RL ~ RollllsRL
CL ~ GGD2 + Cess + Ccee

FIGURE 12. LH0033 HIgh Frequency Circuit Model
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eO(s) AL/(AL + A1)
ein(s) = [1 + s AsCGD11[1 + s(AI£IIALlCLl

Notice that unlike the LH0002, the output pole (s
1/AI£CLl dominates the primary frequency response roll-off
occurring at about 100 MHz with an input source resistance
As = son. The user is cautioned that as As increases, the
secondary (input) pole will begin to take effect. To illustrate,
for As = 300n, the secondary pole will have moved from
900 MHz at As = son to about 150 MHz.

LHOO33 Slew Rate

The slew rate of the buffer is predicted by equation (7),
dv I

dt CL

,L 2V tTA=25OC

I
Rs=RL=50A
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f
J \
I \

J \
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I

r 2V IOns

OUTPUT ,
ox

man the negative slew. The pulse response in Figure 13
illustrates this. The reason is that during positive slew, the
peak charging current is limited by the value of A1 plus As
when the FET gate-source junction is forward biased. This
could be 30 mA-40 mA peak, allowing a typical slew rate of
3,000 V/j.Ls.

The LH0033 negative-going slew is limited by its input stage
quiescent current of 10 mA established by the FET current
source. As the input transistor tends to shut off. the circuit
capacitance discharges into the current source (sink) at a
rate of 10 mA. Therefore, the slew rate is computed to be:

dv 10mA
- = -- = 1050V/j.Ls
dt 9.5 pF '

,L 2V I TA=i5OC

I
Rs=RL=50A

90···· .... .... .... .... .... .;.;.:. .... .... ....

\ I
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\ I
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I

r 2V IOns

C. ± 10V Pulse Response

FIGURE 13. LHOO33 Large Signal Pulse Response



LH0063 Low Frequency Operation
The LH0063 exhibits several times the slew rate and band-
width of the LH0033 due to a higher input stage operating
current. The push-pull design of the first stage also allows
the input FETs to be forward biased for either positive or
negative-going input signals. The schematic diagram of Fig-
ure 14 shows a pair of complementary FETs at the input
stage. Transistor Q1 is biased by the current source Q4.
Resistor R1 is trimmed for a 30 mA input stage operating
current. Similarly, Q2 is biased to 30 mA by the current
source Q3 and R2. Transistor Q5 and resistors R3 and R4
establish a 2VSE forward diode equivalent between the Q6
and Q7 bases. These resistors are trimmed such that the
output stage operates at a quiescent current of about 1 mA.
Each FET gate-source voltage cancels each output transis-
tor VSE drop. Hence, the output of the buffer sits at OV for
an input OV. The zero-offset voltage-follower action holds
for any input voltage within the buffer operating voltage
range.

Because of the high current drive capability, multiple output
transistors are employed to limit output transistor current
density. Four output degeneration resistors of 1n each help
to prevent thermal runaway.

The DC voltage gain equation is similar to that of the
LH0033. Equation (5) may be used without introducing sig-
nificant error. It needs modification only because of the mul-
tiple transistor output stage. Therefore, the LH0063 voltage
gain equation is approximately:

1
Av •• ------------- (8)

1 + 0.5/RL + 19ls1J36RL + 0.026/2VIN

where: 136"" 200, 91s1J30.010 mho.

R'
• '00

INPUT

TUH/8725-22
FIGURE 14. Complete LH0063 Schematic Diagram

LH0063 High Frequency Operation
The high frequency equivalent circuit may omit the output
stage, including only its load effect. The two mirrored half-
circuits, consisting of a pair of complementary junction FETs
and their respective current sources, can be reduced to a
single half-circuit with the combined effect of both as shown
in Figure 15.

The frequency-dependent transfer function of the LH0063
as derived from Figure 15b is:

eo(s) = RL/(RL + 1/291s1)

eIN(s) ( 2 II )[1 + s2Rg CGD1) [1 + s -- RL Cd
2gls1

Av (low freq.)

[1 + s2Rg CGD1) [1 + s (_1_) Cd
2gls1

Similar to the LH0033, equation (9) indicates that the device
output pole (s = - 29fs1/CLl dominates for small value
input source resistance (R9 = 100n). Using the parameter
values given in Figure 15b, equation (9) predicts the primary
pole to occur at about 190 MHz, and the secondary (input)
pole at beyond 300 MHz.

TL/H/8725-23

a. Lumping the Combined Effects of Two
Complementary Input Stages

"N~1-f1f" 112,&, '0
eG01 ""\,.. ., RlTel

"=" -= ':"
91., •• 0.010 mho, Rl ~ RollPsRL
CL = 2(Ccss + GeS7) + CGOS

Gess •• GeS7 = 3pF

CGOl •• CGos ~ 3.5 pF

b. Hybrid "TT Model of the Source Follower
Substituted In the Composite Model

FIGURE 15. LH0063 Simplified
High Frequency Circuit Model
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FIGURE 16. LH0063 Large Signal Pulse Response

LH0063 Large Signal Pulse Response feedback point and from feedback summing junction to
Figure 16 demonstrates the large signal pulse response ca- ground. Supply and output signal traces should be as wide
pability of the LH0063 under different load conditions. Note as practical for these high-current devices.
the higher positive as well as negative-going slew rate Power Supply Decoupllng
achieved with the complementary FET input stage operating
at higher current, a response superior to that of the LH0033. The positive and negative power supply terminals of the de-

vices must be bypassed to ground with one or two 0.1 ",F
monolithic ceramic capacitors. They should be placed no
more than 1/4 to 1/2 inch from the device pins. In difficult
cases with the LHOO33and in all cases with the LH0063, a
4.7 ",F solid tantalum bypass should also be added at both
the plus and minus supplies. The circuit board trace be-
tween capacitor ground points should be short and of low
inductance.

Circuit Layout Considerations
Circuit layout is one of the most important areas of high
frequency circuit design. A sound design may yield only
marginal performance when insufficient attention is given to
circuit layout. This will be particularly important when the
buffers are used with an op amp in a closed loop or when
using very high frequency devices. The full performance ca-
pability of this family of buffers may be realized by following
a few basic rules on circuit layout.
Good high frequency layout practice requires use of a
ground plane wherever possible. A ground plane provides
shielding (isolation) as well as a low-resistance, low-induc-
tance circuit path to reduce undesirable high frequency cou-
pling. In some cases, signal paths should be shielded by a
surrounding ground plane to minimize stray signal pick-up;
however, this shielding can cause increased stray capaci-
tance which may be harmful at high impedance points in the
circuit. Some care and judgement must be exercised in the
amount and spacing of shielding ground plane areas. IC
sockets should be avoided if possible because the in-
creased inter-lead capacitance may degrade bandwidth or
increase feedback capacitance in gain stages. Input and
output connections should be kept short for compact physi-
cal layout and minimum coupling. When used with an op
amp, layout should minimize capacitance from output to

Compensation
The three buffer amplifiers are inherently stable in applica-
tions with resistive loads and adequate supply bypassing.
However, oscillation may occur in cases where a capacitive
load of 100 pF or more is present. A series input resistance
of 500-3000 will prevent this oscillation by compensating
the negative input-resistance seen as a result of the reflect-
ed capacitive load. All source, cathode, or emitter-followers
are subject to this phenomenon which is a result of transit
time through the active region of the devices.
When these buffer amplifiers are placed within the feedback
loop of a high-gain op amp, the phase margin of the opera-
tional amplifier is reduced by an additional amount equal to
the phase lag of the buffer. Readjustment of circuit compen-
sation may be required to insure stability. For additional in-
formation see the section on Closed-Loop Feedback Appli-
cations.



Power Dlsspatlon and Device Rating
Each data sheet specifies the conditions for safe operating
power dissipation. These limits must be observed for both
continuous and pulsed conditions. Figure 17 shows the
power dissipation limits versus temperature for each device,
both with and without heat sinks. To compute total power
dissipation, the standby power must be added to the load-
related power.
The standby power drain is computed from the device DC
operating current and its operating voltage:

Pstandby = (Vs+ - Vs-)Is (10)

LHOOO2 Maximum Power
Dissipation
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The load-related power is the average power dissipated in
the output stage. It may be estimated as the product of
average current delivered to the load and the average volt-
age across the output stage. Because of the high-current
capability of the buffers, it is essential to observe the device
dissipation limits. Safe operating areas for each buffer are
presented in Figure 18. A note of caution: these plots are
valid only for 2SoC ambient. Additional power derating
based on the power derating curves of Figure 17 is manda-
tory for operation at higher ambient temperature.
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FIGURE 17. Device Power Dissipation
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FIGURE 18. Safe Operating Areas at 2SoC and Vs = ± 1SV



device transistor charges the capacitor at its li;'itlng cur~~nt.
The charging waveform is not linear, in fact it approaches a
logarithmic curve because the resistor R1 //33 appears as
the principal value of charging resistance [see equation (2)].
The instantaneous power dissipation is simply the product
of V+ and 10(MAX), or 6W, with occurrences at the positive
and negative leading edges. Once the load capacitor is
charged, the negative leading edge instantaneous peak
power is somewhat greater because the power dissipated in
the lower output transistor is (VO - V-) 10 = 2510. The
PNP pull-down transistor has slightly lower /3, limiting peak
current to less than 400 mA, therefore the peak negative
edge power is just under 10W in this instance.

Figure 19 indicates the output voltage and current relation-
ships as well as the power dissipation versus time for the
pulse waveform into a capacitive load.

Obviously, the average power dissipation under peak cur-
rent drive conditions is dependent upon the pulse repetition
frequency, and becomes increasingly dominant as the PRF
increases.

limiting factor is, of course, a reduced output voltage swing.

Current Limiting

Current limiting may be provided in either of two ways: by
adding series resistors at the collectors of the output stage,
or by a single series resistor at the buffer output. The first
method (Figure 20) is preferred as there is little effect on
output resistance and peak current drive. However, the out-
put voltage swing is reduced by the voltage drop across
these resistors. Their value is determined as follows:

V+ V-
RUM = -- -- (11)

ISC+ ' IsC-

where Isc = 100 mA for LH0002 and LH0033, and 250 mA
for LH0063.

'~t " c
1. ~ ~

U.4:

':~l l VIN

~
to .,

PEAK POWER

Pto ~ (15V - OV) (0.4A)

= 6 WPEAK

Pt, ~ [10V - (-15V)] (O.4A)

~ 10 WPEAK

FIGURE 19. Peak Power Dissipation
Into Pure Capacitive Load

• LHOO33 and LHOO63 only

FIGURE 20. Current Limiting using Collector Resistors



The output collectors should be bypassed with 0.01 ,...Fca-
pacitors in addition to the normal supply bypassing, as
shown in Figure 20. The 0.01 ,...Fcapacitors will allow full
output voltage and current on an instantaneous basis for
transient pulses yet at the same time prevent output stage
resonant oscillation.
Alternate active current limit techniques that retain almost
the full DC output swing are shown in Figure 21. In these
circuits, the current sources are saturated during normal op-
eration and thus apply nearly full supply voltage to the load.
Under fault conditions, the voltage decreases as deter-
mined by the overload.
For Figure 21a, the limit-set resistor is set for 60 mA.

RUM = VBE/lsc = 0.6V/0.06A = 100
In Figure 21b, the current limit has been set to 200 mA.

VBE 0.6V
RUM- = -- = 3.00

Isc 0.2A

-IIiV

TUH/8725-32

For applications where the buffers are inside the feedback
loop of an op amp such as LH0032, LH0024, LH0062 or
LM118, a single current limiting resistor may be placed in-
side the feedback loop at the buffer output as shown in
Figure 22. Its value is also computed as RUM = V+ IISC'

Heat Sinking
In order to utilize the full drive capabilities of these devices,
low thermal resistance heat sinks should be used. The cas-
es of all three devices are isolated from the circuit and may
be connected to system ground or to the buffer output as
desired. The following list gives thermal reistance of various
heat sinks available for the buffers.

TABLE II. Heat Sinks For LH0033 and LH0063
LHOO33 LH0063

Thermalloy 2240A, 33'C/W
Wakefield 215CB, 30'C/W
IERC UP-T08-48CB,

15'C/W

Thermalloy 6002B-19, 6'C/W
IERC LAIC3V4BC
IERC HP1-T03-33CB

7'C/W

-15V

TLlH/8725-33



Capacitive Loads
All three devices are capable of driving relatively high ca-
pacitive loads. Because capacitive loads on emitter-follow-
ers are reflected to the input as negative resistances, it is
necessary to add some series compensating positive real
resistance; SOn-300n is usually sufficient. An alternative is
to insert the current limiting resistor at the output as shown
in Figure 22. This will isolate the capacitive load from the
buffer.
Any of the buffers can drive twisted pair, shielded or coaxial
cables, or other reactive loads. For all practical purposes,
an unterminated coaxial cable presents a capacitive load to
the driver. On the other hand, terminated coaxial cables ap-
pear as resistive loads, and therefore may not require the
compensation for capacitive loads. Don't forget considera-
tion of peak power dissipation when driving cable loads,
since they may represent capacitive loads (see section on
Peak Power Dissipation).

Offset Voltage and Adjustment
Offset voltage is measured with VIN = O.As VIN and IL are
increased, the apparent offset voltage will change. This is
due primarily to a gain which is less than unity (inherent in
an emitter-follower). The effect of this is discussed in detail
in the section on Circuit Description. Both the LH0033 and
LH0063 have provisions for offset voltage adjustment.
When not required, the OFFSET ADJUST pins of these two
devices should be shorted. When adjustment is desired,
they should be open-circuited, and the external adjustment

is accomplished with a 200n variable resistor inserted be-
tween V- and pin 7 of the LH0033 or pin 6 of the LH0063. It
is good practice to insert a 20n resistor in series with the
variable resistor to limit excessive power dissipation at the
input stage when the pot is at minimum value. The offset
adjustment range is typically ±400 mY.
When a buffer amplifier is used as a current booster in con-
junction with an operational amplifier, as in Figure 22, there
is usually no need for output offset adjustment, since the
offset is reduced by the open-loop to closed-loop gain ratio.
The total offset of the closed-loop circuit is:

AcL
VOS(TOTALj= VIOS ± VOOSAoL (12)

where: VIOS= input offset voltage.
VOOS= buffer offset voltage.

Slew Rate
Slew rate is the rate of change of output voltage for large-
signal step input changes. For resistive load, slew rate is
limited by internal circuit capacitance and operating current.
Figure 23 shows the slew capabilities of the buffers under
large-signal input conditions.
However, when driving capacitive load, the slew rate may
be limited by available peak output current according to the
following expression.

,L Sy l .I TA=2S"C

I
Rs=50.n, RL=1 K.n
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a. LH0033Slew Response b. LH0063Slew Response

FIGURE23. Positive and Negative Slew of Each Buffer



Note that the peak current available to the load decreases
as CL changes [see equation (2)]. Figure 24 illustrates the
effect of the load capacitance on slew rate for the three
buffers. Slew rate tests are secified for resistance and/or
very small capacitance load, otherwise the slew rate test
would be a measure of the available output current. For
highest slew rate, it is obvious that stray load capacitance
should be minimized.

1000

100
~~
w~ 10<
II:~~
'"

distortion. The LH0063 may exhibit a small amount of cross-
over distortion in some circumstances due to the relatively
low 1 mA output stage bias. The heavy local feedback inher-
ent in emitter-follower or source-follower operation provides
a very low distortion output. The remaining distortion
(< 0.1%) is primarily due to the modulation effect of non-
constant VCEas the output voltage changes.

Closed-Loop Feedback Operation
Any of the buffer amplifiers may be used inside an op amp
feedback loop. When this is done, the additional phase lag
introduced by the buffer must be included in loop stability
consideration. With most op amps, the bandwidth of these
buffers is so great that the op amp totally controls the loop
stability. However, when using very wide-band op amps
such as the LH0024, LH0032, and LH0062, the small addi-
tional phase lag of the buffers should be taken into consid-
eration. Figure 25 presents the Bode plots of gain and
phase for the three buffers. The phase margin and open
loop frequency response is altered by the additional pole(s)
contributed by the buffer. The buffer phase shift is algebrai-
cally summed with the op amp phase shift, and may cause a
stable op amp loop to become marginally stable depending
upon the relative positions of the op amp and buffer poles.
In general, the buffer bandwidth should significantly exceed
that of the op amp, so that the loop performance will be
determined solely by the op amp.

LH0033 Frequency Response
40

35

30

TLIHIB725-37

FIGURE 24. Slew Rate vs Load Capacitance

Distortion
The output stage of the three buffer amplifiers are biased at
1 mA to 10 mA to remove any possibility of crossover
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rent or reactive loads. Current limiting resistors should be
used to protect the device from excessive peak load cur-
rents or accidental short circuit. There is no current limiting
built into the devices other than that imposed by the limited
beta of the output transistors. Figure 26 shows a coaxial
cable drive circuit. The 430. resistor matches the driving
source to the cable; however, its inclusion will rarely result in
visible improvement in pulse response into a terminated ca-
ble. If the 430. resistor is included, the output voltage to the

••.•••~- ••••••••••••••• .., .••••t;An •••.••••"g"""VI """""un.> Ull::" ••ClU~ClI VI 1I1t'1I vtny 'llyll

speed and low-bias-current FET input stages. The high
speed peak detector circuit shown in Figure 27 could be
changed to a sample-and-hold circuit simply by removing
the detector diode and the reset circuitry. For best accuracy,
the circuit offset may be trimmed with the 10 ko. offset ad-
justment pot shown. The circuit has a typical acquisition
time of 900 ns, to 0.1% of final value for 10V input step
signal, and a droop rate of 100 ".V/ms. Even faster acquisi-
tion time can be achieved by reducing the hold capacitor
value.

'For: LH0002, RUM ~ 1oon, 1W

LH0033, RUM ~ 100n, 1W

LHOO63, RUM ~ 5On, 5W

"Jumper for LH0033 and LHOO63 only.



The LH0033 may be used as a cable-shield driver as shown
in Figure 28. The advantage is that the source driver is not
required to charge the line capacitance of the unterminated
coaxial cable, and indeed does not need to match its line
impedance; therefore. high speed data transmission is per-
mitted.

The buffers may be used with a single supply without spe-
cial considerations. A typical application is shown in Figure
29. The input is DC biased to mid-operating point and is AC
coupled. Its input impedance is approximately 500 kO at low
frequencies. Note that for DC loads referenced to ground,
the quiescent current is increased by the load current set at
the input DC bias voltage.

y+

0.1~Fr c

~

&1
100 pF

INPUT 0-1

The high input impedance of the LH0033 and LH0063 are
suitable for active filter applications. A basic two pole, high
pass filter is diagrammed in Figure 30 using the LH0033.
The circuit provides a 10 MHz cutoff frequency. One consid-
eration of the filter is its apparent gain change due to the
finite output impedance of the amplifier, which affects the
overall gain and the damping factor of the filter stage. Resis-
tor R3 ensures that the input capacitance of the amplifier
does not interact with the filter response at the frequency of
interest.

An equivalent low pass filter is similarly obtained by capaci-
tance and resistance transformation.

D.DDl ~F

INPUT 0--1

TL/H/8725-44

FIGURE 29. Single Supply
AC Buffer Amplifier
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~ Another filter application is that of a high frequency notchZ: filter, as shown in Figure 31. It takes advantage of the buff-
<C er's very high slewing capability. Component value sensitivi-

ty is extremely critical, as are temperature coefficients and
matching of the components. Best performance is attained
with perfectly matched components and when the gain of
the amplifier is unity. To illustrate, the quality factor Q is very
high as amplifier gain approaches 1 with all components
matched (in fact, theoretically it approaches 00) but de-
creases to about 12.5 with the amplifier gain at 0.98.

The most common use of the buffers is inside an op amp
feedback loop as shown in Figure 32. The chart in the

figure shows the ideal match of the buffer family to most
popular operational amplifiers.
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FIGURE 32. Using Voltage Follower as Output Buffer



The AID Easily Allows
Many Unusual Applications

Accommodation of Arbitrary Analog Inputs
Two design features of the ADC0801 series of AID convert-
ers provide for easy solutions to many system design prob-
lems. The combination of differential analog voltage inputs
and a voltage reference input which can range from near
zero to 5Voc are key to these application advantages.
In many systems the analog signal which has to be convert-
ed does not range clear to ground (0.00 Vocl nor does it
reach up to the full supply or reference voltage value. This
presents two problems: 1) a "zero-offset" provision is need-
ed-and this may be volts, instead of the few millivolts
which are usually provided; and 2) the "full scale" needs to
be adjusted to accommodate this reduced span. ("Span" is
the actual range of the analog input signal, from VIN MINto
VINMAX.)This is easily handled with the converter as shown
in Figure 1.

"SPAN"-2-

SPAN. VMAX - VMIN

TL/H/5619-1

FIGURE 1. Providing Arbitrary Zero
and Span Accommodation

National Semiconductor
Application Note 233

Note that when the input signal, VIN, equals VIN MIN the
"differential input" to the AID is zero volts and therefore a
digital output code of zero is obtained. When VIN equals
VIN MAX,the "differential input" to the AID is equal to the
"span" (for reference applications convenience, there is an
internal gain of two to the voltage which is applied to pin 9,
the VREF/2 input), therefore the AID will provide a digital
full scale. In this way a wide range of analog input voltages
can be easily accommodated.
An example of the usefulness of this feature is when operat-
ing with ratiometric transducers which do not output the
complete supply voltage range. Some, for example, may
output 15% of the supply voltage for a zero reading and
85% of the supply for a full scale reading. For this case,
15% of the supply should be applied to the VIN(-) pin and
the VREF/2 pin should be biased at one-half of the span,
which is % (85%-15%) or 35% of the supply. This properly
shifts the zero and adjusts the full scale for this application.
The VIN(-) input can be provided by a resistive divider
which is driven by the power supply voltage and the VREF/2
pin should be driven by an op amp. This op amp can be a
unity-gain voltage follower which also obtains an input volt-
age from a resistive divider. These can be combined as
shown in Figure 2.

This application can allow obtaining the resolution of a
greater than 8-bit AID. For example, 9-bit performance with
the 8-bit converter is possible if the span of the analog input
voltage should only use one-half of the available OVto 5V
span. This would be a span of approximately 2.5V which
could start anywhere over the range of OVto 2.5Voc.
The RC network on the output of the op amp of Figure 2 is
used to isolate the transient displacement current demands
of the VREF/2 input from the op amp.

15% OF vee
750Q

TL/H/5619-2
FIGURE 2. Operating with a Ratlometrlc Transducer which Outputs 15% to 85% of Vcc



Limits of VREF/2 Voltage Magnitude

A question arises as to how small in value the span can be
made. An ADC0801 part is shown in Figure 3 where the
VREF/2 voltage is reduced in steps: from A), 2.5V (for a full
scale reading of 5V); to B), 0.625V (for a full scale reading of
1.25V-this corresponds to the resolution of a 10-bit con-
verter over this restricted range); to C), 0.15625V (for a full
scale reading of 0.3125V-which corresponds to the resolu-
tion of a 12-bit converter). Note that at 12 bits the linearity
error has increased to Yo LSB.

For these reduced reference applications the offset voltage
of the AID has to be adjusted as the voltage value of the
LSB changes from 20 mV to 5 mV and finally to 1.25 mV as
we go from A) to B) to C). This offset adjustment is easily
combined with the setting of the VIN MIN value at the VIN( _)
pin.

Operation with reduced VREF/2 voltages increases the re-
quirement for good initial tolerance of the reference voltage
(or requires an adjustment) and also the allowed changes in
the VREF/2 voltage over temperature are reduced.

An interesting application of this reduced reference feature
is to directly digitize the forward voltage drop of a silicon
diode as a simple digital temperature sensor.

A 10-Blt Application

This analog flexibility can be used to increase the resolution
of the 8-bit converter to 10 bits. The heart of the idea is
shown in Figure 4. The two extra bits are provided by the 2-
bit external DAC (resistor string) and the analog switch, SW1.

Note that the VREF/2 pin of the converter is supplied with
118 VREF so each of the four spans which are encoded will
be:

In actual implementation of this circuit, the switch would be
replaced by an analog multiplexer (such as the CD4066
quad bilateral switch) and a microprocessor would be pro-
grammed to do a binary search for the two MS bits. These
two bits plus the 8 LSBs provided by the AID give the 10-bit
data. For a particular application, this basic idea can be sim-
plified to a 1-bit ladder to cover a particular range of analog
input voltages with increased resolution. Further, there may
exit a priori knowledge by the CPU which could locate the
analog signal to within the 1 or 2 MSBs without requiring a
search algorithm.

A Microprocessor Controlled Voltage Comparator

In applications where set points (or "pick points") are set up
by analog voltages, the AID can be used as a comparator
to determine whether an analog input is greater than or less
than a reference DC value. This is accomplished by simply
grounding the VREF/2 pin (to provide maximum resolution)
and applying the reference DC value to the VIN(-) input.
Now with the analog signal applied to the VIN(+) input, an
all zeros code will be output for VIN( +) less than the refer-
ence voltage and an all ones code for VIN( +) greater

+ILSBf A) FULLSCALE;5V11lSB; 20 MV)

••• I ••• I •••• 1 ••• I

-llSB B) FULL SCALE; 1.25 V
+ llSB [ I (llSB ; 5 MV)

[ . I.... 1 1-I _ I 1 ';.,. T =r;

-llSB C) FULL SCALE=0.3125V
+ 1 LSBt (1 LSB = 1.22 mY)

~~~

-llSB

ANALOGINPUT

FIGURE 3. Linearity Error for Reduced Analog Input Spans



DACs Multiply and AIDs Divide
Computation can be directly done with converter compo-
nents to either increase the speed or reduce the loading on
a CPU. It is rather well known that DACs multiply-and for
this reason many are actually called "MDACs" to signify
"multiplying DAC." An analog product voltage is provided as
an output signal from a DAC for a hybrid pair of input sig-
nals-one is analog (the VREF input) and the other is digital.

The AID provides a digital quotient output for two analog
input signals. The numerator or the dividend is the normal
analog input voltage to the AID and the denominator or the
divisor is the VREF input voltage.

High speed computation can be provided external to the
CPU by either or both of these converter products. DACs
are available which provide 4-quadrant multiplications (the
MDACs and MICRO-DACsTM), but AIDs are usually limited
to only one quadrant.

and other set point values in the system. This is a major
application area for the new generation converter products.

Control Temperature Coefficients with Converters
The performance of many systems can be improved if volt-
ages within the system can be caused to change properly
with changes in ambient temperature. This can be accom-
plished by making use of low cost 8-bit digital to analog
converters (DACs) which are used to introduce a "dither" or
small change about the normal operating values of DC pow-
er supplies or other voltages within the system. Now, a sin-
gle measurement of the ambient temperature and one AID
converter with a MUX can be used by the microprocessor to
establish proper voltage values for a given ambient temper-
ature. This approach easily provides non-linear temperature
compensation and generally reduces the cost and improves
the performance of the complete system.



o DC 0 e conve er. n alternative circuit ap-
proach is shown in Figure 5. Here we, instead, attenuate the
magnitude of the reference voltage by 10:1 and apply the 0
to 500 mV signal directly to the AID converter. The VIN(-j
input is now used for a Vas adjust, and due to the "sam-
pled-data" operation of the AID there is essentially no Vas
drift with temperature changes.

vos
ADJ .•.•

p;;

Digitizing a Current Flow
In system applications there are many requirements to mon-
itor the current drawn by a PC card or a high current load
device. This typically is done by sampling the load current
flow with a small valued resistor. Unfortunately, it is usually
desired that this resistor be placed in series with the Vcc
line. The problem is to remove the large common-mode DC
voltage, amplify the differential signal, and then present the
ground referenced voltage to an AID converter.



All of these functions can be handled by the AID using the
circuit shown in Figure 6. Here we are making use of the
differential input feature and the common-mode rejection of
the AID to directly encode the voltage drop across the load
current sampling resistor. An offset voltage adjustment is
provided and the VREF/2 voltage is reduced to 50 mV to
accommodate the input voltage span of 100 mY. If desired,
a multiplexer can be used to allow sWitching the VIN(-) in-
put among many loads.

Conclusions
At first glance it may appear that the AID converters were
mainly designed for an easy digital interlace to the micro-
processor. This is true, but the analog interlace has also
been given attention in the design and a very useful con-
verter product has resulted from this combination of fea-
tures.
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An Introduction to the
Sampling Theorem

An Introduction to the Sampling Theorem
With rapid advancement in data acquistion technology (i.e.
analog-to-digital and digital-to-analog converters) and the
explosive introduction of micro-computers, selected com-
plex linear and nonlinear functions currently implemented
with analog circuitry are being alternately implemented with
sample data systems.
Though more costly than their analog counterpart, these
sampled data systems feature programmability. Additionally,
many of the algorithms employed are a result of develop-
ments made in the area of signal processing and are in
some cases capable of functions unrealizable by current
analog techniques.
With increased usage a proportional demand has evolved to
understand the theoretical basis required in interfacing
these sampled data-systems to the analog world.
This article attempts to address the demand by presenting
the concepts of aliasing and the sampling theorem in a
manner, hopefully, easily understood by those making their
first attempt at signal processing. Additionally discussed are
some of the unobvious hardware effects that one might en-
counter when applying the sampled theorem.
With this ... let us begin.

I. An Intuitive Development
The sampling theorem by C.E. Shannon in 1949 places re-
strictions on the frequency content of the time function sig-
nal, f(t), and can be simply stated as follows:

In order to recover the signal function f(t) exactly, it is
necessary to sample f(t) at a rate greater than twice
its highest frequency component.

Practically speaking for example, to sample an analog sig-
nal having a maximum frequency of 2Kc requires sampling
at greater than 4Kc to preserve and recover the waveform
exactly.
The consequences of sampling a signal at a rate below its
highest frequency component results in a phenomenon
known as aliasing. This concept results in a frequency mis-
takenly taking on the identity of an entirely different frequen-
cy when recovered. In an attempt to clarify this, envision the
ideal sampler of Figure 1(a), with a sample period of T
shown in (b), sampling the waveform f(t) as pictured in (c).
The sampled data points of f'(t) are shown in (d) and can be
defined as the sample set of the continuous function f(t).
Note in Figure 1(e) that another frequency component, a'(t),
can be found that has the same sample set of data points
as f'(t) in (d). Because of this it is difficult to determine which
frequency a'(t), is truly being observed. This effect is similar
to that observed in western movies when watching the
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FIGURE 1. When sampling, many signals may be found
to have the same set of data points. These are called

aliases of each other.

spoked wheels of a rapidly moving stagecoach rotate back-
wards at a slow rate. The effect is a result of each individual
frame of film resembling a discrete strobed sampling opera-
tion flashing at a rate slightly faster than that of the rotating
wheel. Each observed sample point or frame catches the
spoked wheel slightly displaced from its previous position
giving the effective appearance of a wheel rotating back-
wards. Again, aliasing is evidenced and in this example it
becomes difficult to determine which is the true rotational
frequency being observed.
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FIGURE 2. Shown In the shaded area Is an ideal, low pass, anti-aliasing filter response.
Signals passed through the filter are bandlimi!ed to frequencies no greater than the

cutoff frequency, fc. In accordance with the sampling theorem, to recover the
bandlimited signal exactly the sampling rate must be chosen to be greater than 2fc.

On the surface it is easily said that anti-aliasing designs can
be achieved by sampling at a rate greater than twice the
maximum frequency found within the signal to be sampled.
In the real world, however, most signals contain the entire
spectrum of frequency components; from the desired to
those present in white noise. To recover such information
accurately the system would require an unrealizably high
sample rate.
This difficulty can be easily overcome by preconditioning the
input signal, the means of which would be a band-limiting or
frequency filtering function performed prior to the sample
data input. The prefilter, typically called anti-aliasing filter
guarantees, for example in the low pass filter case, that the
sampled data system receives analog signals having a
spectral content no greater than those frequencies allowed
by the lilter. As illustrated in Figure 2, it thus becomes a
simple matter to sample at greater than twice the maximum
Irequency content 01a given signal.
A parallel analog 01band-limiting can be made to the world
of perception when considering the spectrum 01white light.
It can be realized that the study of violet light wavelengths
generated Irom a white light source would be vastly simpli-
lied il initial band-limiting were performed through the use of
a prism or white light filter.

II. The sampling Theorem
To solidify some 01 the intuitive thoughts presented in the
previous section, the sampling theorem will be presented
applying the rigor of mathematics supported by an illustra-
tive proof. This should hopefUlly leave the reader with a
comfortable understanding of the sampling theorem.

Theorem: If the Fourier translorm F(w) 01a signal lunction
I(t) is zero lor all frequencies above Iwl ~ We,
then I(t) can be uniquely determined lrom its
sampled values
'n = l(nT) (1)
These values are a sequence 01equidistant sam-

. 1 Tc
pie pOintsspaced 21c = "2 = T apart. I(t) is thus

given by

sin we (t - nT)
l(nT}-----

we(t-nT}

1 Joo .I(t) = - F(w).Jwt dw
277' -00

1 Jwe . tI(t) = - F(w). JW dw
277' -We

fn = I( n :J is then given as

1 JCt>c iW~In = - F(w). We dw
277' -We

See Figure 3c and e.

Expressing F(w) as a Fourier series in the interval -We :s;w
:s;We we have
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en can be written as

~=~~ ~
we

Substituting eq. (9) into eq. (6) gives the periodic Fourier
Transform

00

Fp(w) = ~ ~ fnE -jw ::
~ we

n = -00

of Figure 31. Using Poisson's sum formula1 F(w) can be
stated more clearly as

00

F(w) = L F(w - 2nwe) (11)

n=-oo

Interestingly for the interval - we s: w s: We the periodic
function Fp(w) and Figure 31. equals F(w) and Figure 3b.
respectively. Analogously if Fp(w) were multiplied by a rec-
tangular pulse defined,

Jl
I

••••-ll-~ t

(e)

Jl
I

........
'''', I
I I
I I
I I
I \

" '"

00

L 1T -j.,!!!
F(w) = H(w) • Fp(w) = H(w) - fnE "e

we
n =-00

Solving for f(t) the inverse Fourier transform eq (3) is applied
to eq (14)

f(t) = ...!-. Jwe F(W)Ejwt dw (3)

= 2~ J~:e [H(W) ~ ~fnE -jw ::] jwt
21T -We ~ we E d

n = -00 w

Lo

o

1 Jwe jw(t -~)fn- E 01 dw
2we -We

n = -00

~L F(w - nws) =

n =-00

-jOInTL f(nT)E

1
where T = ~ and fs is the sampling frequency
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FIGURE 4. Recovery of a signal f(t) from sampled data Information.

Iwi ~ We, are non-overlapping. On the other hand Figure 5
illustrates spectral folding, overlapping or aliasing of the
spectrum images into the original signal spectrum. This ali-
asing effect is, in fact, a result of undersampling and further
causes the information of the original signal to be indistin-
guishable from its images (i.e. Figure 1e).From Figure 6 one
can readily see that the signal is thus considered non-recov-
erable.

The frequency Ifcl of Figure 3( and 4b is exactly one half the
sampling frequency, fc=fs/2, and is defined as the Nyquist
frequency (after Harry Nyquist of Bell Laboratories). It is
also often called the aliasing frequency or folding frequency
for the reasons discussed above. From this we can say that
in order to prevent aliasing in a sampled-data system the
sampling frequency should be chosen to be greater than
twice the highest frequency component fe of the signal be-
ing sampled.

By definition

fs ~ 2fe (16)

Note, however, that no mention has been made to sample
at precisely the Nyquist rate since in actual practice it is
2 The convolution theorem allows one to mathematically convolve in the
time domain by simply multiplying in the frequency domain. That is, if l(t) has
the Fourier Iransform F(",). and x(l) has Ihe Fourier Iransform X("'). Ihen Ihe
oonvolulion f(t)'x(l) has Ihe Fourier Iransform F(",)'X(",).

fIt) • x(t) .....-. F(w). X(w)

fIt) • x(t) .....-. F(w)' X(w)

L1\h(\).

sin x... -
./'""'\. /'""'0..

7~ V"'"".
(el

JfL
•

. ( n'lT)
Sin We t - We

fn------

We (t - ::)
Eq (15) is equivalent to eq (2) as is illustrated in Figure 4e
and Figure 38 respectively.

As observed in Figures 3 and 4, each step of the sampling
theorem proof was also illustrated with its Fourier transform
pair. This was done to present alternate illustrative proofs.

Recalling the convolution2 theorem, the convolution of
F(w), Figure 3b, with a set of equidistant impulses, Figure
3d, yields the same periodic frequency function Fp(w), Fig-
ure 3f, as did the Fourier transform of fn, Figure 3e, the
product of f(t), Figure 38, and its equidistant sample impul-
ses, Figure 3c.
In the same light the original time function f(t), Figure 4e,
could have been recovered from its sampled waveform by
convolving fn, Figure 48, with h(t), Figure 4c, rather than
multiplying Fp(w), Figure 4b, by the rectangular function
H(w), Figure 4d, to get F(w), Figure 4f, and finally inverse
transforming to achieve f(t), Figure 4e, as done in the math-
ematic proof.

III. Some Observations and Definitions

If Figures 3( or 4b are re-examined it can be noted that the
original spectrum Fp(w), Iwl ,;; we, and its images Fp(w),

_rn_
-fe Ie

(dl

L
-Ie Ie
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FIGURE 5. Spectral folding or aliasing caused by:
(a) under sampling
(b) exaggerated under sampling.
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FIGURE 6. Allased spectral envelope (a) and (b) of
Figures 5a and 5b respectively.

impossible to sample at fs = 2fe unless one can guarantee
there are absolutely no signal components above fe. This
can only be achieved by filtering the signal prior to sampling
with a filter having infinite rolloff ... a physical impossibility,
see Figure 2.

IV. The Sampling Theorem and Its Hardware
Implications

Though there are numerous sophisticated techniques of im-
plementation, it is appropriate to re-emphasize that the in-
tent of this article is to give the first time user a basic and
fundamental approach toward the design of a sampled-data
system. The method with which to achieve this goal will be
to introduce a few of the common perils encountered when
implementing such a system. We begin by considering the
generalized block diagram of Figure 7.

As shown in Figure 7, prior to any signal processing manipu-
lation the analog input signal must be preconditioned to pre-
vent aliasing and thereafter digitized to logic signals usable
by the logic function block. The antialiasing and digitizing
functions are performed by an input filter and analog-to-digi-
tal converter respectively. Once digitized the signal can then
be altered or processed and upon completion, reconstruct-
ed back to a continuous analog signal via a digital-to-analog
converter followed by a smoothing filter.

To this point no mention has been made concerning the
sample and hold circuit block depicted in Figure 7. In gener-
al the analog-to-digital converter can operate as a stand
alone unit. In many high speed operations however, the
converter speed is insufficient and thus requires the assist-
ance of a sample and hold circuit. This will be discussed in
detail further in the article.

A. The Antialiaslng Input Filter
As indicated earlier in the text, the antialiasing filter should
band-limit the input signal's spectrum to frequencies no
greater than the Nyquist frequency. In the real world howev-
er, filters are non-ideal and have typical attenuation or band-
limiting and phase characteristics as shown in Figure 8.3 It
must also be realized that true band-limiting of a specific
frequency spectrum is not possible. In the sample data sys-
tem band-limiting is achieved by attenuating those frequen-
cies greater than the Nyquist frequency to a level undetect-
able or invisible to the system analog-to-digital (AID) con-
verter. This level would typically be less than the rms
quantization4 noise level defined by the specific converter
being used.

3ln order not to disrupt the flow of the discussion a list of filter terms has
been presented in Appendix A.

4For an explanation of quantization refer to section IV. B. of this article.



As an example of how an antialiasing filter would be applied,
assume a sample data system having within it an B-bit AID
converter. Eight bits translates to 2" =28=256 levels of
resolution. If a 2.56 volt reference were used each quantiza-
tion level, q, would represent the equivalent of 2.56 voltsl
256 = 10 millivolts. Realizing this the antialiasing filter would
be designed such that frequencies in the stopband were
attenuated to less than the rms quantization noise level of
q/2J3 and thus appearing invisible to the system. More spe-
cifically

V full scale
-2010g10----'" -59dB = AMIN

Vql2V3
It can be seen, for example in the Butterworth filter case
(characterized as having a maximally flat pass-band) of Fig-
ure 98 that any order of filter may be used to achieve the
- 59 dB attenuation level, however, the higher the order,
the faster the roll off rate and the closer the filter magnitude
response will approach the ideal.
Referring back to Figure 8 it is observed that those frequen-
cies greater than wa are not recognized by the AID convert-
er and thus the sampling frequency of the sample data sys-
tem would be defined as Ws ~ 2wa. Additionally, the fre-
quencies present within the filtered input signal would be
those less than Wa' Note however, that the portion of the
signal frequencies least distorted are those between W =0
and wp and those within the transition band are distorted to
a substantial degree, though it was originally desired to limit
the signal to frequencies less than the cutoff wp, because of
the non-ideal frequency response the true Nyquist frequen-
cy occurred at Wa. We see then that the sampled-data sys-
tem could at most be accurate for those frequencies wi1hin
the antialiasing filter passband.
From the above example, the design of an antialiasing filter
appears to be quite straight forward. Recall however. that all
waveforms are composed of the sums and differences of
various frequency components and as a result, if the re-
sponse of the filter passband were not flat for the desired
signal frequency spectrum, the recovered signal would be
an inaccurate summation of all frequency components al-
tered by their relative attenuations in the pass-band.
Additionally the antialiasing filter design should not neglect
the effects of delay. As illustrated in Figure 8and 9b, delay
time corresponds to a specific phase shift at a particular

frequency. Similar to the flat pass-band consideration, if the
phase shift of the filter is not exactly proportional to the
frequency, the output of the filter will be a waveform in
which the summation of all frequency components has been
altered by shifts in their relative phase. Figure 9b further
indicates that contrary to the roll off rate, the higher the filter
order the more non-ideal the delay becomes (increased de-
lay) and the result is a distorted output signal.
A final and complex consideration to understand is the ef-
fects of sampling. When a signal is sampled the end effect
is the multiplication of the signal by a unit sampling pulse
train as recalled from Figure 3a, c and e. The resultant
waveform has a spectrum that is the convolution of the sig-
nal spectrum and the spectrum of the unit sample pulse
train, i.e. Figure 3b. d, and f. If the unit sample pulse has the
classical sin XIX spectrumS of a rectangular pulse, see Fig-
ure 13, then the convolution of the pulse spectrum with the
signal spectrum would produce the non-ideal sampled sig-
nal spectrum shown in Figure 10a, b. and c.

It should be realized that because of the band-limiting or
filtering and delay response of the Sin XIX function com-
bined with the effects of the non-ideal antialiasing filter (i.e.
non-flat pass-band and phase shift) certain of the sum and
difference frequency components may fall within the de-
sired signal spectrum thereby creating aliasing errors, Fig-
ure 1oc.

When designing antialiasing filters it will be found that the
closer the filter response approaches the ideal the more
complex the filter becomes. Along with this an increase in
delay and pass-band ripple combine to distort and alias the
input signal. In the final analysis the design will involve trade
offs made between filter complexity, sampling speed and
thus system bandwidth.

B. The Analog-to-Dlgltal Converter
Following the antialiasing filter is the AID converter which
performs the operations of quantizing and coding the input
signal in some finite amount of time. Figure 11 shows the
quantization process of converting a continuous analog in-
put signal into a set of discrete output levels. A quantization,
q, is thus defined as the smallest step used in the digital
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FIGURE 10. (c) equals the convolution of (a) with (b).

representation of fq(n) where fen) is the sample set of an
input signal f(t) and is expressed by a finite number of bits
giving the sequence fq(n). Digitally speaking q is the value of
the least significant code bit. The difference signal E(n)
shown in Figure 11 is called quantization noise or error and
can be defined as E(n) = fen) - fq(n). This error is an irredu-
cible one and is a function of the quantizing process. Its
error amplitude is dependent on the number of quantization
levels or quantizer resolution and as shown, the maximum
quantization error is Iq/21.

Generally E(n) is treated as a random error when described
in terms of its probability density function, that is, all values
of E(n) between q/2 and -q/2 are equally probable, then
for the average value E(n)avg = 0 and for the rms value
E(n)rms = q/2J3.

As a side note it is appropriate at this point to emphasize
that all analog signals have some form of noise corruption.
If for example an input signal has a finite signal-to-noise
ratio of 40dB it would be superfluous to select an AID con-
verter with a high number of bits. It may be realized that the
use of a large number of bits does not give the digitized
signal a higher signal-to-noise ratio than that of the original
analog input signal. As a supportive argument one may say
that though the quantization steps q are very small with re-
spect to the peak input signal the lower order bits of the
AID converter merely provide a more accurate representa-
tion of the noise inherent in the analog input signal.

,..,..,..,.......•.........

Returning to our discussion, we define the conversion time
as the time taken by the AID converter to convert the ana-
log input signal to its equivalent quantization or digital code.
The conversion speed required in any particular application
depends upon the time variation of the signal to be convert-
ed and the amount of resolution or bits, n, required. Though
the antialiasing filter helps to control the input signal time
rate of change by band-limiting its frequency spectrum, a
finite amount of time is still required to make a measure-
ment or conversion. This time is generally called the aper-
ture time and as illustrated in Figure 12 produces amplitude
measurement uncertainty errors. The maximum rate of
change detectable by an AI D converter can simply be stat-
ed as

dvl
dt maximum resolvable 2nT conversion time

rate of change

If for example V full scale = 10.24 volts, T conversion time
= 10 ms, and n = 10 or 1024 bits of resolution then the
maximum rate of change resolvable. by the AID converter
would be 1 volt/sec. If the input signal has a faster rate of
change than 1 volt/ sec, 1 LSB changes cannot be resolved
within the sampling period.

In many instances a sample-and-hold circuit may be used to
reduce the amplitude uncertainty error by measuring the in-
put signal with a smaller aperture time than the conversion
time aperture of the AID converter. In this case the
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FIGURE 12. Amplitude uncertainty as a function of
(a) a nonvarying aperture and
(b) aperture time uncertainty.

maximum rate of change resolvable by the sample-and-hold
would be

V full scale
t aperture

maximum resolvable
rale 01 change

Note also that the actual calculated rate of change may be
limited by the slew rate specification fo the sample-and-hold
in the track mode. Additionally it is very important to clarity
that this does not imply violating the sampling theorem in
lieu of the increased ability to more accurately sample sig-
nals having a fast time rate of change.
An ideal sample-and-hold effectively takes a sample in zero
time and with perfect accuracy holds the value of the sam-
ple indefinitely. This type of sampler is also known as a zero
order hold circuit and its effect on a sample data system
warrants some discussion.

It is appropriate to recall the earlier discussion that the
spectrum of a sampled signal is one in which the resultant
spectrum is the product obtain by convolving the input sig-
nal spectrum with the sin XIX spectrum of the sampling
waveform. Figure 13 illustrates the frequency spectrum plot-
ted from the Fourier transform

. wT
Sln-

F(w) = AT __ 2_
wT
2

of a rectangular pulse. The sin XIX form occurs frequently in
modern communication theory and is commonly called the
sampling function.
The magnitude and phase of a typical zero order hold sam-
pler spectrum

[
sin WT . 1 ]H(w) = A T-- + J-(cosw-1)

WT W
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FIGURE 13. The Fourier transform of the rectangular
pulse (a) is shown in (b).

is shown in Figure 14and Figure 15illustrates the spectra of
various sampler pulse-widths. The purpose of presenting
this illustrative information is to give insight at to what ef-
fects cause the aliasing described in Figure 10. From Figure
15 it is realized that the main lobe of the sin XIX function
varies inversely proportional with the sampler pulse-width.
In other words a wide pulse-width, or in this case the aper-
ture window, acts as a low pass filtering function and

CillL
t

(e) TL/H/5620-15

FIGURE 14. Sampling Pulse (a), its Magnitude (b) and
Phase Response (c).

limits the amount of information resolvable by the sample
data system. On the other hand a narrow sampler pulse-
width or aperture window has a broader main lobe or band-
width and thus when convolved with the analog input signal
produces the least amount of distortion. Understandably
then the effect of the sampler's spectral phase and main
lobe width must be considered when developing a sampling
system so that no unexpected aliasing occurs from its con-
volution with the input signal spectrum.

m
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t
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FIGURE 15. Pulse width and how It effects the sin XIX
envelop spectrum (normalized amplitudes).

C. The Dlgital-to-Analog Converter and
Smoothing Filter

After a signal has been digitally conditioned by the signal
processing unit of Figure 7, a 01 A converter is used to con-
vert the sampled binary information back in to an analog
signal. The conversion is called a zero order hold type
where each output sample level is a function of its binary
weight value and is held until the next sample arrives, see
Figure 16. As a result of the 01 A converter step function
response it is apparent that a large amount of undesirable
high frequency energy is present. To eliminate this the OIA
converter is usually followed by a smoothing filter, having a
cutoff frequency no greater than half the sampling frequen-
cy. As its name suggests the filter output produces a
smoothed version of the 01A converter output which in fact
is a convolved function. More simply said, the spectrum of
the resulting signal is the product of a step function sin XIX
spectrum and the band-limited analog filter spectrum. Anal-
ogous to the input sampling problem, the smoothed output
may have aliasing effects resulting from the phase and at-
tenuation relations of the signal recovery system (defined as



the Of A converter and smoothing filter combination).

As a final note, the attenuation due to the Of A converter sin
x/x spectrum shape may in some cases be compensated
for in the signal processing unit by pre-processing using a
digital filter with an inverse response Xfsin X prior to Of A
conversion. This allows an overall flat magnitude signal re-
sponse to be smoothed by the final filter.

TLiH/5620-17
FIGURE 16. (a) Processed signal data points

(b) output of Of A converter
(c) output of smoothing filter.

V. A Final Note

This article began by presenting an intuitive development of
the sampling theorem supported by a mathematical and il-
lustrative proof. Following the theoretical development were
a few of the unobvious and troublesome results that devel-
op when trying to put the sampling theorem into practice.
The purpose of presenting these thought provoking perils
was to perhaps give the beginning designer some insight or
guidelines for consideration when developing a sample data
system's interface.
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Basic Filter Concepts

A filter is a network used for separating signal waves on
the basis of their frequency and is usually composed of

passive, reactive and active elements such as resistors, ca-
pacitors, inductors, and amplifiers, or combinations thereof.

There are basically five types of filters used to pass or reject
such signals and they are defined as follows:

1. A low-pass filter passes a band of frequencies called the
passband, ranging from zero frequency or OC to a certain
cutoff frequency, we', and in addition has a maximum
attenuation or ripple level of AMAX within the passband.
See Figure 1.

-Recall that the radian frequency w = 27Tf.

TLiH/5620-18

FIGURE 1. Common Low Pass Filter Response

Frequencies beyond the we may have an attenuation
greater than AMAX but beyond a specific frequency Ws

defined as the stopband frequency, a minimum attenua-
tion of AMIN must prevail. The band of frequencies higher
than Ws and maintaining attenuation greater than or equal
to AMIN is called the stopband. The transition region or
transition band is that band of frequencies between We
and ws.

2. A high-pass filter allows frequencies above the passband
frequency, We, to pass and rejects frequencies below this
point. AMAX must be maintained in the passband and fre-
quencies equal to and below the stopband frequency, ws,
must have a minimum attenuation of AMIN. See Figure 2.

TL/H/5620-19

FIGURE 2. Common High Pass Filter Response



3. A bandpass filter performs the function of passing a spe-
cific band of frequencies while rejecting those frequen-
cies above and below Wc2 and lower, Wc1 cutoff frequen-
cy limits. See Figure 3.

TL/H/5620-20

Figure 3. Common Band-pass Filter Response

As in the previous two cases the passband is required to
sustain an attenuation of AMAX. and the stopband of fre-
quencies above and below Ws2 and Ws2 respectively.
must have a minimum attenuation of AMIN.
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Figure 4. Common Band-Reject Filter Response

4. A band-reject filter or notch filter allows all but a specific
band of frequencies to pass. As shown in Figure 4. those
frequencies between Ws1 and Ws2 are filtered out and
those frequencies above and below wc2 and wc1 respec-
tively are passed. The attenuation requirements of the
stopband AMIN and passband AMAX must still hold.

5. An all-pass or phase shift filter allows all frequencies to
pass without any appreciable attenuation. It further intro-
duces a predictable phase shift to all frequencies passed.
though not restricting the entire range of frequencies to a
specific phase shift (i.e .• a phase shift may be imposed
upon a selected band of frequencies and appear invisible
to all others).
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Introduction
As digital signal processing continues to emerge as a major
discipline in the field of electrical engineering, an even
greater demand has evolved to understand the basic theo-
retical concepts involved in the development of varied and
diverse signal processing systems. The most fundamental
concepts employed are (not necessarily listed in the order
of importance) the sampling theorem[1], Fourier transforms
[2J [3], convolution, covariance, etc.
The intent of this article will be to address the concept of
convolution and to present it in an introductory manner
hopefully easily understood by those entering the field of
digital signal processing.
It may be appropriate to note that this article is Part II (Part I
is titled "An Introduction to the Sampling Theorem") of a
series of articles to be written that deal with the fundamental
concepts of digital signal processing.
Let us proceed ....

Part II Convolution

Perhaps the easiest way to understand the concept of con-
volution would be an approach that initially clarifies a sub-
ject relating to the frequency spectrum of linear networks.
Determining the frequency spectrum or frequency transfer
function of a linear network provides one with the knowl-
edge of how a network will respond to or alter an input
signal. Conventional methods used to determine this entail
the use of spectrum analyzers which use either sweep gen-
erators or variable-frequency oscillators to impress upon a
network all possible frequencies of equal amplitUde and
equal phase.
The response of a network to all frequencies can thus be
determined. Any amplitude and phase variations at the out-
put of a network are due to the network itself and as a result
define the frequency transfer function.
Another means of obtaining this same information would be
to apply an impulse function to the input of a network and
then analyze the network impulse-response for its spectual-
frequency content. Comparison of the network-frequency
transfer function obtained by the two techniques would yield
the same information.
This is found to be easily understood (without elaborate ex-
perimentation) if the implications of the impulse function are
initially clarified.
If the pulse of Figure 1a is examined, using the Fourier inte-
gral, its frequency spectrum is found to be

F(w) = f: 00 fIt) E -jOlI dt

CONVOLUTION: Digital
Signal Processing

f/2
= AE -jOlldt

-T/2
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Decreasing the pulse width while increasing the pulse
height to allow the area under the pulse to remain constant,
Figure 1e, shows from eq(1) and eq(2) the bandwidth or
spectral-frequency content of the pulse to have increased,
Figure 1d.

Further altering the pulse to that of Figure 1e provides for an
even broader bandwidth, Figure 1f. If the pulse is finally al-
tered to the limit, i.e., the pulsewidth being infinitely narrow
and its amplitude adjusted to still maintain an area of unity
under the pulse, it is found in 1g and 1h the unit impulse
produces a constant, or "flat" spectrum equal to 1 at all
frequencies. Note that if AT = 1 (unit area), we get, by defini-
tion, the unit impulse function in time.
Since this time function contains equal frequency compo-
nents at all frequencies, applying it or a good approximation
of it to the input of a linear network would be the equivalent
of simultaneously impressing upon the system an array of
oscillators inclusive of all possible frequencies, all of equal
amplitude and phase. The frequencies could thus be deter-
mined from this one input lime function. Again, variations in
amplitude and phase at the system output would be due to
the system itself.
Empirically speaking the frequency spectrum or the network
frequency transfer function can thus be determined by ap-
plying an impulse at the input and using, for example, a
spectrum analyzer at the network output. At this point, it is
important to emphasize that the above discussion holds
true for only linear networks or systems since the superposi-
tion principle (The response to a sum of excitations is equal
to the sum of the responses to the excitations acting sepa-
rately), and its analytical techniques break down in non-lin-
ear networks.
Since an impulse response provides information of a net·
work frequency spectrum or transfer function, it additionally
provides a means of determining the network response to
any other time function input. This will become evident in
the following development.
If the input to a network, Figure 2, having a transfer function
H(w) is an impulse function 8(t) at t= 0, its Fourier transform
using eq(1) can be found to be F(w) = 1.
The output of the network G(w) is therefore

G(w) = H(w) • F(w)
G(w) = H(w)

The inverse transform is
g(t) = hIt)
and hIT) is defined as the impulse response of the network
as a result of being excited by a unit impulse time function at
t=O.
Extending this train of thought further, the response of a
network to any input excitation can be determined using the
same technique.
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Hence, finding the Fourier transform of the input excitation,
F(w), multiplying it by the transfer function transform H(w)
(or the transform of time domain network impulse response)
and inverse transforming to find the output g(t) as a function
of time.
By definition the convolution integral1

fIt) • hIt) = I: fIT) hIt - T) dT

(where • denotes the convolution operation, hIt) denotes
the impulse response function described above and both fIt)
and hIt) are zero for t<o. Note that the meaning of the
variables t and T will be clarified, later in the article) makes
the same claim but in the realm of the time domain alone.
If this is true then the Fourier transform of the convolution
integral eq(3) should have the following equivalence -

F [ I: fIT) hIt - T) dT ] = F(w)· H(w)

As a proof using eq(1) let

F [f(t) • h(t)] = I; E -jwt [ I: fIT) hIt - T) dT] dt(5)

Defined by the shifted step function

u(t - T) = 1 for T S; t

and

u(t - T) = 0 for T > t

Footnote:
1. It is important to note that the convolution integral is com-
mutative. This implies the reversability of the fIt) and hIt)
terms in the definition.

g(t) = I:00 fIT) hIt - T) dT = F-1 [F(w) • H(w)]

I:00 fIt - T) hIT) dT = F-1 [H(w)· F(w)]



H(w) ~ Ha(w) ° Hb(W)

G(w) ~ H(w)
F(w)

the following identity can be made

tf(T) hIt - T) dT = J;fIT) hIt - T) u(t - T) dT (7)

Rewriting eq(5) as

FU(t) ° hIt)) = J;E-jwl J;fIT) hIt - T) u(t - T) dTdt (8)

eq(8) finally becomes

FU(t) ° hIt)) = J; J; fIT) h(x) u(x) cjw1cjwx dTdx

= J;h(x) u(x) °E-jwx dxJ;fIT) E-jWTdT

which is the equivalent of eq(4).
In essence the above proof describes one of the most im-
portant and powerful tools used in signal processing ....
the convolution theorm. In words,

Convolution Theorem:
The convolution theorem allows one to mathemati-
cally convolve in the time domain by simply multi-
plying in the frequency domain. That is, if fIt) has
the Fourier transform F(w) and x(t) has the Fourier
transform X(w), then the convolution fIt) ° x(t) has
the Fourier transform F(w) • X(w).

For the time convolution
fIt) ° x(t) - F(w). X(w) (11)

and the dual frequency convolution is
f(t). x(t) - F(w) ° X(w) (12)

Convolutions are fundamental to time series sampled data
analysis. First of all, as described earlier all linear networks
can be completely characterized by their impulse response
functions and furthermore the response to any input is given
by its (the input function) convolution with the network im-
pulse response function. Digit filters being linear systems
accomplish the filtering task using convolutions. A network
or filter transfer function for example can be represented by
its inpulse response in the form of a Fourier series. A filtered
input excitation response can then be found by convolving
the input time function with the network Fourier series or
impulse response. With the aid of a high speed computer
the same result could be obtained by storing the FFT (Fast
Fourier Transform) of the network impulse response into
memory, performing an FFT on the sampled continuous in-

tionally be implemented using convolution. The above are
just a few of the many operations convolution performs and
the remainder of this discussion will focus on how convolu-
tion is realized.
To start with, an illustrative analysis will be performed as-
suming continuous functions followed by one performed in
discrete form similar to that realized in computer aided sam-
pled-data systems techniques.
As an example, if it were desired to determine the response
of a network to the excitation pulse fIt) shown in Figure 38,
knowing the network impulse ha(t), Figure 3b, the impulse
response of an RC network, would allow one to determine
the output g(t) using the convolution integral, eq(3).
The convolution of fIt) and halt)

fIt) = 1Olu(t)- (u(t - To))
ha(t)=cal

could be obtained by first substituting the dummy variable
t - T for t in halt) so that

By definition g(t) = fIt) ° halt) thus becomes

J:f(T)ha(t- T)dT = J:10[u(t) - u(t - To)]c a(l- T) dT

fIt) ~ 1O[u(!) - u(t - Toll
(a)

1- hd(tl

*
h8(1)~.-at

(b)

FIGURE 3. (a) rectangular pulse excitation
(b) Impulse response of a single RC network



(c)

FIGURE 3. (c) output or convolution of the network (b) excited by (a)

Since the piecewise nature of the excitation makes it conve-
nient to calculate the response in corresponding pieces the
output is found to be

defines the graphical procedure. Using the same example
depicted in Figure 3 the excitation and impulse response
functions replaced with the dummy variable is defined as
past data or historical information to be used in a convolu-
tion process. Thus

O<t,,;To

g(t) = f(t) holt) = f: 10ca(t - r) dr

= 10(1- cat)

g(t) = f(t)*ho(t) = J:0 10ca(t - r) dr

are shown in Figure 4a and b. Figure 4c, hot-r), represents
the impulse response folded over [mirror image of ho(r)]
about the ordinate and Figure 4d, ho(t-r), is simply the
function hot- r) time shifted by the quantity t.
Evaluation of the convolution integral is performed by multi-
plying f(r) by each incremental shift in ho(t-r). It is under-
stood in Figure 4e that a negative value of -t produces no
output. For t > 0 however as the present time t varies, the
impulse response ho(t-r) scans the excitation function f(r),
always producing a weighted sum of past inputs and weigh-
ing most heavily those values of f(r) closet to the present.
As seen in Figures 4e through 4n, the response or output of
the network at anytime t is the integral of the functions or
calculated shaded area under the curves. In terms of the
superposition principle the filter response g(t) may be inter-
preted as being the weighted superposition of past input f(r)
values weighted or multiplied by ho(t-r).
An extension of the continuous convolution to its numerical
discrete form is made and shown in Figure 5. Again the
excitation and impulse response of Figure 3 are used and
are further represented as two finite duration sequences f(n)

The output response g(t) is plotted in Figure 3c and is clear-
ly what might be expected from a simple RC network excit·
ed by a rectangular pulse.
Though simplistic in its nature, the analysis of the above
example quickly becomes unrealistically cumbersome when
complex excitation and impulse response functions are
used. Turning to a numerical evaluation of the convolution
integral may perhaps be the most desirable method of real-
ization. Prior to a numerical development however, an intui-
tive graphical illustration of convolution will be presented
which should make discrete numeric convolution easily un-
derstood.
The convolution integral -

f: f(r) holt - r) dr

FIGURE 4. a) ha(r): network Impulse response
b) f(r): excitation function
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and ha(n) respectively, Figures 5a and b.

It is observed additionally that the duration of fIn) is Na =7
samples [fIn) is nonzero for the interval 0 :s; n :s; Na - 1 and
the duration of ha(n) is Nb =8 samples [ha(n) is nonzero for
the interval 0 :s; n :s; Nb -1]. The sequence g(n), a discrete
convolution, can thus be defined as

n

gIn) = I fIx) ha(n - x) (21)

x~o
having a finite duration sequence of Na + Nb -1 samples,
Figure 5h. The convolution using numerical integration (area
under the curve) can be defined as

n

g(n)T = T I fIx) ha(n - x) (22)

x=o
where T is the sampling interval used to obtain the sampled
data sequences.

If fIn) and ha(n) were next considered to be periodic se-
quences and a convolution was desired using either shifting
techniques or performing an FFT on the excitation and im-
pulse response sequences and finally inverse FFT trans-
forming to achieve the output response, some care must be
taken when preparing the convolving sequences. From Fig-
ure 5h it is observed that the convolution is completed in a
Na + Nb -1 point sequence. To acquire the nonoverlap ping
or nondistorted periodic sequence of Figure 6e the convolu-
tion thus requires fIn) and ha(n) to be Na + Nb -1 point se-
quences. This is achieved by appending the appropriate
number of zero valued samples, also known as zero filling,
to fIn) and ha(n) to make them both Na + Nb - 1 point se-
quences. The undistorted and correct convolution can now
be performed using the zero filled sequences Figure 6a and
6b to achieve 6e.
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FIGURE 6. Linear periodic discrete convolution of f(n) and ha(n). f(n)*ha(n).

A Final Note
This article attempted to simplify the not-so-obvious con-
cept of convolution by first developing the readers knowl-
edge and feel for the implications of the impulse function
and its effect upon linear networks. This was followed by a
short discussion of network transfer functions and their rela-
tive spectrum. Having set the stage, the convolution integral
and therorem were introduced and supported with an ana-
lytical and illustrative example. This example showed how
the response of a simple RC network excited by a rectangu-
lar pulse could be determined using the convolution integral.

Finally, two examples of discrete convolution were present-
ed. The first example dealt with finite duration sequences
and the second dealt with periodic sequences. Additionally,
precautions in the selection on n-point sequences was dis-
cussed in the second example to alleviate distorting or
spectually overlapping the excitation and impulse response
functions during the convolution process.
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Wide-Range Current-to-
Frequency Converters

Does an analog-to-digital converter cost you a lot if you
need many bits of accuracy and dynamic range? Absolute
accuracy better than 0.1% is likely to be expensive. But a
capability for wide dynamic range can be quite inexpensive.
Voltage-to-frequency (V-to-F) converters are becoming pop-
ular as a low-cost form of A-to-D conversion because they
can handle a wide dynamic range of signals with good accu-
racy.
Most vOltage-to-frequency (V-to-F) converters actually oper-
ate with an input current which is proportional to the voltage
input:

(Figure 1). This current is integrated by an op amp, and a
charge dispenser acts as the feedback path, to balance out
the average input current. When an amount of charge
Q = leT (or Q = CeV) per cycle is dispensed by the circuit,
then the frequency will be:

f = (VIN - Vas + I ) x 2-
RIN b Q'

National Semiconductor
Application Note 240
Robert A. Pease

When VIN covers a wide dynamic range, the Vas and Ib of
the op amp must be considered, as they greatly affect the
usable accuracy when the input signal is very small. For
example, when the full-scale input is 10V, a signal which is
100 dB below full-scale will be only 100 ).LV.If the op amp
has an offset drift of ± 100).LV, (whether caused by time or
temperature), that would cause a ± 100% error at this sig-
nal level. However, a current-to-frequency converter can
easily cover a 120 dB range because the voltage offset
problem is not significant when the input signal is actually a
current source. Let's study the architecture and design of a
current-to-frequency converter, to see where we can take
advantage of this.

-VIN
-IOV

FULL·
SCALE



When the input signal is a current, the use of a low-voltage-
drift op amp becomes of no advantage, and low bias current
is the prime specification. A low-cost BI-FETTMop amp such
as the LF351A has Ib < 100 pA, and temperature coefficient
of Ib less than 10 pArC, at room temperature. In a typical
circuit such as Figure 2, the leakage of the charge dispenser
is important, too. The LM331 is only specified at 10 nA max
at room temperature, because that is the smallest current
which can be measured economically on high-speed test
equipment. The leakage of the LM331's current-source out-
put at pin 1 is usually 2 pA to 4 pA, and is always less than
the 100 pA mentioned above, at 25·C.
The feedback capacitor CF should be of a low-leakage type,
such as polypropylene or polystyrene. (At any temperature
above 35·C, mylar's leakage may be excessive.) Also, low-
leakage diodes are recommended to protect the circuit's

input from any possible fault conditions at the input. (A
lN914 may leak 100 pA even with only 1 millivolt across it,
and is unsuitable.)
After trimming this circuit for a low offset when IIN is 1 nA,
the circuit will operate with an input range of 120 dB, from
200 IJ-Ato 100 pA, and an accuracy or linearity error well
below (0.02% of the signal plus 0.0001% of fUll-scale).
The zero-offset drift will be below 5 or 10 pArC, so when
the input is 100 dB down from full-scale, the zero drift will be
less than 2% of signal, for a ± 5·C temperature range. An-
other way of indicating this performance is to realize that
when the input is 1/1000 of full-scale, zero drift will be less
than 1% of that small signal, for a O·Cto lO·C temperature
range.

CURRENT
OFFSET
ADJUST v'

1M
y' y-

2k
GAIN

ADJUST

FREQUENCY
OUTPUT
10 kHz
FULL·SCALE

IIN
200~A
FULL·
SCALE-



What if this isn't good enough? You could get a better op
amp. For example, an LH0022C has 10 pA max lb. But it is
silly to pay for such a good op amp, with low V offset errors,
when only a low input current specification is needed. The
circuit of Figure 3a shows the simple scheme of using FET
followers ahead of a conventional op amp. An LF351 type is
suitable because it is a cheap, quick amplifier, well suited for
this work. The 2N5909s have a maximum Ib of 1.0 pA, and
at room temperature it will drift only 0.1 pArCo Typical drift
is 0.02 pArco
The voltage offset adjust pot is used to ring the summing
point within a millivolt of ground. With an input signal big
enough to cause fOUT= 1 second per cycle, trim the V off-
set adjust pot so that closing the test switch makes no

effect on the output frequency (or, output period). Then ad·
just the input current offset pot, to get fOUT= 1/1000 of full·
scale when IIN is 1/1000 of full-scale. When IIN covers the
140 dB range, from 200 /LA to 20 pA, the output will be
stable, with very good zero offset stability, for a limited tem·
perature range around room temperature. Note these pre·
cautions and special procedures:
1. Run the LM331 on 5V to 6V to keep leakage down and

to cut the dissipation and temperature rise, too.
2. Run the FETs with a 6V drain supply.
3. Guard all summing point wiring away from all other

voltages.
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An alternate approach, shown in Figure 3b, uses an LM11e
as the input pre-amplifier. The LM11e has much better volt-
age drift than any of the other amplifiers shown here (nor-
mally less than 2 p.vrC) and excellent current drift, less
than 1 pAre by itself, and typically 0.2 pAre when
trimmed with the 2N3904 bias current compensation circuit
as shown. Of course, the LM331's leakage of 1 pArC will
still double every 10·C, so that having an amplifier with ex-
cellent Ib characteristics does not solve the whole problem,
when trying to get good accuracy with a 100 pA signal. For
that job, even the leakage of the LM331 must be guarded
out!
What if even lower ranges of input current must be accept-
ed? While it might be possible to use a current-to-voltage
converter ahead of a V-to-F converter, offset voltage drifts
would hurt dynamic range badly. Response and zero-drift of
such an I-V will be disappointing. Also, it is not feasible to
starve the LM331 to an arbitrary extent.
For example, while its lOUT(full-scale) of 280 p.A DC can be
cut to 10 p.A or 28 p.A, it cannot be cut to 1 p.A or 2.8 p.A
with good accuracy at 10kHz, because the internal
switches in the integrated circuit will not operate with best
speed and precision at such low currents.

lOOk ,

CURRENT
OFFSET ADJUST

IOO-IOk
112W

Instead, the output current from pin 1 of the LM331 can be
fed through a current attenuator circuit, as shown in Figure
4. The LM334 (temperature-to-current converter 1C)causes
- 120 mV bias to appear at the base of 02. When a current
flows out of pin 1 of the LM331, 1/100 of the current will
flow out of 01's collector, and the rest will go out of 02's
collector. As the LM334's current is linearly proportional to
Kelvin temperature, the -120 mV at 02's base will change
linearly with temperature so that the 01/02 current divider
stays at 1:100, invariant of temperature, according to the
equation:

. r q(Vb1 - Vb2)
11 12 = e kT

This current attenuator will work stably and accurately, even
at high speeds, such as for 4 p.S current pulses. Thus, the
output of 01 is a charge pump which puts out only 10 pico-
coulombs per pulse, with surprisingly good accuracy. Note
also that the LM331's leakage is substantially attenuated
also, by a factor of 100 or more, so that source of error

D.D1IAF
POL Y$TYRENE

~

01, 2N3904 or any silicon NPN

02, 2N930 or 2N3565

or
FIGURE 3b. Very-Wide-Range I·to-F Converter with Low Voltage Drift



virtually disappears. When 01 is off, it is really OFF, and its
leakage is typically 0.01 pA if the summing point is within a
millivolt or two of ground.
To do justice to this low leakage of the VFC, the op amp
should be made with MOSFETs for 03 and 04, such as the
Intersil3N165 or 3N190 dual MOSFET (with no gate-protec-
tion dodes). When MOSFETs have relatively poor offset
voltage, offset voltage drift, and voltage noise, this circuit
does not care much about these characteristics, but instead
takes advantage of the MOSFET's superior current leakage
and current drift.

Now, with an input current of 1 ",A, the full-scale output
frequency will be 100 kHz. At a 1 nA input, the output fre-
quency will be 100 Hz. And, when the input current is 1 pA,
the output frequency will drop to 1 cycle per 10 seconds or
100 mHz. When the input current drops to zero, frequencies
as small as 500 ",Hz have been observed, at 25·C and also
as warm as 35·C. Here is a wide-range data converter
whose zero drift is well below 1 ppm per 10·C! (Rather more
like 0.001 ppm per"C.) The usable dynamic range is better
than 140 dB, with excellent accuracy at inputs between
100% and 1% and 0.01% and 0.0001% of full-scale.
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01, 02, 05 - 2N3906, 2N4250 or similar

03, Q4 - 3N165, 3N190 or similar. See text

Keep 01, 02 and LM334 at the same temperature



If a positive signal is of interest, the LM331 can be applied
with a current reflector as in Figure 5. This current reflector
has high output impedance, and low leakage. Its output can
go directly to the summing point, or via a current attenuator
made with NPN transistors, similar to the PNP circuit of Fig-
ure 4. This circuit has been observed to cover a wide (130
dB) range, with 0.1% of signal accuracy.
What is the significance of this wide-range current-to-fre-
quency converter? In many industrial systems the question
of using an inexpensive B-bit converter instead of an expen-
sive 12-bit data converter is a battle which is decided every
day. But if the signal source is actually a current source,
then you can use a V-to-F converter to make a cheap 14-bit
converter or an inexpensive converter with 1B bits of dy-
namic range. The choice is yours.
Why use an I-to-F converter?
• It is a natural form of A-to-D conversion.
• It naturally facilitates integration, as well.
• There are many signals in the world, such as photospec-

trometer currents, which like to be digitized and integrated
as a standard part of the analysis of the data.
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• Similarly: photocurrents, dosimeters, ionization currents,
are examples of currents which beg to be integrated in a
current-to-frequency meter.

• Other signal sources which provide output currents are:
-Phototransistors
-Photo diodes
-Photo resistors (with a fixed voltage bias)
-Photomultiplier tubes
-Some temperature sensors
-Some Ie signal conditioners

Why have a fast frequency out?
• A 100 kHz output full-scale frequency instead of 10kHz

means that you have 10 times the resolution of the signal.
For example, when I'N is 0.01% of full-scale, the f will be
10Hz. If you integrate or count that frequency for just 10
seconds, you can resolve the signal to within 1% - a
factor of 10 better than if the full-scale frequency were
slower.
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Abstract. New developments have dramatically reduced
the error currents of Ie op amps, especially at high tempera-
tures. The basic techniques used to obtain this peformance
are briefly described Some of the problems associated with
working at the high impedance levels that take advantage of
these low error currents are discussed along with their solu-
tions. The areas involved are printed-circuit board leakage,
cable leakage and noise generation, semiconductor-switch
leakages, large-value resistors and capacitor limitations.

Introduction
A new, low cost op amp reduces dc error terms to where the
amplifier may no longer be the limiting factor in many practi-
cal circuits. FET bias currents are equalled at room temper-
ature; but unlike FETs, the bias current is relatively stable
even over a - 55'C to 125'C temperature range. Offset volt-
age and drift are low because bipolar inputs and on-wafer
trimming are used. The 100 ".V offset voltage and 25 pA
bias current are expected to advance the state of the art for
high impedance sensors and signal conditioners.

bias currents
There has been a continual effort to reduce the bias current
of IC op amps ever since the ".A709 was introduced in
1965. The LM101A, announced in 1968, dropped this cur-
rent by an order of magnitude through improved processing
that gave better transistor current gain at low operating cur-

..
z...
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a: 1nA::>...
~
CD100 pA..
~
i!i

10 pA

o 50 100

TEMPERATURE rc)
TL/HI7478-1

Figure 1. Comparison of typical bias currents for vari-
ous types of IC op amps. New bipolar device
not only has lower bias current over practical
temperature ranges but also lower drift. Offset
current Is unusually low with the new design.

rents. In 1969, super-gain transistors (see appendix) were
applied in the LM108 to beat FET performance when tem-
peratures above 85'C were involved.
In 1974 FETs were integrated with bipolar devices to give
the first FET op amp produced in volume, the LF155. These
devices were faster than general purpose bipolar op amps
and had lower bias current below 70·C. But FETs exhibit
higher offset voltage and drift than bipolars. Long-term sta-
bility is also about an order of magnitude worse. Typically,
this drift is 100 ".V/year, but a small percentage could be as
bad as 1 mY. Laser trimming and other process improve-
ments have lowered initial offset but have not eliminated the
drift problem.
The new IC is an extension of super-gain bipolar tech-
niques. As can be seen from Figure 1, it provides low bias
currents over a - 55'C to 125'C temperature range. The
offset current is so low as to be lost in the noise. This level
of performance has previously been unavailable for either
low-cost industrial designs or high reliability military/space
applications.
This low bias current has not been obtained at the expense
of offset voltage or drift. Typical offset voltage is under a
millivolt and provision is made for on-water trimming to get it
below 100 ".V. The low drift exhibited in Figure 2 indicates
that the circuit is inherently balanced for exceptionally low
drift, typically 1 ".vrc below 100·C.
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Figure 2. Bipolar transistors have Inherently low offset
voltage and drift. The low drift of the LM11
over a wide temperature range shows that
there are no design problems degrading per-
formance.



the new op amp
The LM11 is, in essence, a refinement of the LM108. A
modified Darlington input stage has been added to reduce
bias currents. With a standard Darlington, one transistor is
biased with the base current of the other. This degrades dc
amplifier performance because base current is noisy, sub-
ject to wide variation and generally unpredictable.
Supplying a bleed current greater than the base current, as
shown in Figure 3, removes this objection. The 60 nA pro-
vided is considerably in excess of the 1 nA base current.
The bleed current is made to vary as absolute temperature
to maintain constant impedance at the emitters of 01 and
02. This stabilizes frequency response and also reduces
the thermal variation of bias current. Parasitic capacitances
of the current generator have been bootstrapped so that the
0.3 V/p.s slew rate of the basic amplifier is unaffected.

18pA

,-"{~
-18 pA

TL/H/7478-3

Figure 3. Modifying Darlington with bleed current re-
duces offset voltage, drift and noise. Unique
circuitry provides well-controlled current with
minimal stray capacitance so that speed of the
basic amplifier Is unaffected.

Results to date suggest that the base currents of this modi-
fied Darlington input are better matched than the simple
differential amplifier. In fact, offset current is so low as to be
unmeasurable on production test systems. Therefore, guar-
anteed limits are determined by the test equipment rather
than the IC.

noise
Operating transistors at very low currents does increase
noise. Thus, the LM11 is about a factor of four noisier than
the LM108. But the low frequency noise, plotted in Figure 4,
is still slightly less than that of FET amplifiers. Long-term
measurements indicate that the offset voltage shift is under
10 p.V.
In contrast to the noise voltage, low frequency noise current
is subject to greater unit-to-unit variation. Generally, it is be-
low 1 pA, peak-to-peak, about the same magnitude as the
offset current.

With the LM11, both voltage and current related dc errors
have been reduced to the point where overall circuit per-
formance could well be noise limited, partiCUlarlyin limited
temperature range applications.
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Figure 4. Lower operating currents Increase noise, but
low frequency noise Is stili slightly lower than
Ie FET amplifiers. Long-term stability Is much
Improved.

reliability
The reliability of the LM11 is not expected to be substantial-
ly different than the LM108, which has been used extensive-
ly in military and space applications. The only significant
difference is the input stage. The low current nodes intro-
duced here might possibly be a problem were they not boot-
strapped, biased and guarded to be virtually unaffected by
both bulk and surface leakages. This opinion is substantiat-
ed by preliminary life-test data.
This IC could, in fact, be expected to improve reliability
when used to replace discrete or hybrid amplifiers that use
selected components and have been trimmed and tweaked
to give the required performance.
From an equipment standpoint, reliability analysis of insulat-
ing materials, surface contamination, cleaning procedures,
surface coating and potting are at least as important as the
IC and other components. These factors become more im-
portant as impedance levels are raised. But this should not
discourage designers. If poor insulation and contamination
cause a problem when impedance levels are raised by an
order of magnitude, it is best found out and fixed.
Even so, it may not be advisable to take advantage of the
full potential of the LM11 in all cases, especially when hos-
tile environments are involved. For example, there should
be no great difficulty in finding an LM11 with offset current
less than 5 pA over a -55°C to 125°C temperature range.
But anyone designing high-reliability equipment that is going
to be in trouble if combined leakages are greater than 10 pA
at 125°C had best know what he is about.

electrical guarding
The effects of board leakage can be minimized using an old
trick known as guarding. Here the input circuitry is surround-
ed by a conductive trace that is connected to a low imped-
ance point at the same potential as the inputs. The electri-
cal connection of the guard for the basic op amp configura-
tions is shown in Figure 5. The guard absorbs the leakage
from other points on the board, drastically reducing that
reaching the input circuitry.



To be completely effective, there should be a guard ring on
both sides of the printed-circuit board. It is still recommend-
ed for single-sided boards, but what happens on the un-
guarded side is difficult to analyze unless Teflon inserts are
used on the input leads. Further, although surface leakage
can be virtually eliminated, the reduction in bulk leakage is
much less. The reduction in bulk leakage for double-sided
guarding is about an order of magnitude, but this depends
on board thickness and the width of the guard ring. If there
are bulk leakage problems, Teflon inserts on the through
holes and Teflon or kel-F standoffs for terminations can be
used. These two materials have excellent surface properties
without surface treatment even in high-humidity environ-
ments.

b. follower
R2

c. non-inverting amplifier

Figure 5. Input guarding for various op amp connec-
tions. The guard should be connected to a
point at the same potential as the Inputs with a
low enough impedance to absorb board leak-
age without introducing excessive offset.

An example of a guarded layout for the metal-can package
is shown in Figure 6. Ceramic and plastic dual-in-Iine pack-
ages are available for critical applications with guard pins
adjacent to the inputs both to facilitate board layout and to
reduce package leakage. These guard pins are not internal-
ly connected.

Bottom View
Figure 6. Input guarding can drastically reduce surface

leakage. Layout for metal can Is shown here.
Guarding both sides of board is required. Bulk
leakage reduction Is less and depends on
guard ring width.

signal cables
It is advisable to locate high impedance amplifiers as close
as possible to the signal source. But sometimes connecting
lines cannot be avoided. Coaxially shielded cables with
good insulation are recommended. Polyethelene or virgin
(not reconstituted) Teflon is best for critical applications.
In addition to potential insulation problems, even short cable
runs can reduce bandwidth unacceptably with high source
resistances. These problems can be largely avoided by
bootstrapping the cable shield. This is shown for the follow-
er connection in Figure 7. In a way, bootstrapping is positive
feedback; but instability can be avoided with a small capaci-
tor on the input.

TL/H/7478-9

Figure 7. Bootstrapping input shield for a follower re-
duces cable capacitance, leakage and spuri-
ous voltages from cable flexing. Instability can
be avoided with small capacitor on Input.

With the summing amplifier, the cable shield is simply
grounded, with the summing node at virtual ground. A small
feedback capacitor may be required to insure stability with
the added cable capacitance. This is shown in Figure 8.
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Figure 8. With summing amplifier, summing node Is at
virtual ground so Input shield Is best ground-
ed. Small feedback capacitor Insures stability.

An inverting amplifier with gain may require a separate fol-
lower to drive the cable shield if the influence of the capaci-
tance, between shield and ground, on the feedback network
cannot be accounted for.
High impedance circuits are also prone to mechanical noise
(microphonics) generated by variable stray capacitances. A
capacitance variation will generate a noise voltage given by

dC
en = CV,

where V is the'dc bias on the capacitor. Therefore, the wir-
ing and components connected to sensitive nodes should
be mechanically rigid.
This is also a problem with flexible cables, in that bending
the cable can cause a capacitance change. Bootstrapping
the shield nearly eliminates dc bias on the cable, minimizing
the voltage generated. Another problem is electrostatic
charge created by friction. Graphite lubricated Teflon cable
will reduce this.

switch leakage
Semiconductor switches with leakage currents as low as the
bias current of the LM11 are not generally available when
operation much above 50'C is involved. The sample-and-
hold circuit in Figure 9 shows a way around this problem. It
is arranged so that switch leakage does not reach the stor-
age capacitor.

SAMPLEl..r

Isolating leakage current requires that two switches be con-
nected in series. The leakage of the first, 01, is absorbed by
R1 so that the second, 02, only has the offset voltage of the
op amp across its junctions. This can be expected to reduce
leakage by at least two orders of magnitude. Adjusting the
op amp offset to zero at the maximum operating tempera-
ture will give the ultimate leakage reduction, but this is not
usually required with the LM11.
MOS switches with gate-protection diodes are preferred in
production situations as they are less sensitive to damage
from static charges in handling. If used, D1 and R2 should
be included to remove bias from the protection diode during
hold. This may not be required in all cases but is advised
since leakage from the protection diode depends on the
internal geometry of the switch, something the designer
does not normally control.
A junction FET could be used for 01 but not 02 because
there is no equivalent to the enhancement mode MOSFET.
The gate of a JFET must be reverse biased to turn it off, and
leakage on its output cannot be avoided.

high-value resistors
Using op amps at very high impedance levels can require
unusually large resistor values. Standard precision resistors
are available up to 10 MO. Resistors up to 1 GO can be
obtained at a significant cost premium. Larger values are
quite expensive, physically large and require careful han-
dling to avoid contamination. Accuracy is also a problem.
There are techniques for raising effective resistor values in
op amp circuits. In theory, performance is degraded; in prac-
tice, this may not be the case.
With a buffer amplifier, it is sometimes desirable to put a
resistor to ground on the input to keep the output under
control when the signal source is disconnected. Otherwise it
will saturate. Since this resistor should not load the source,
very large values can be required in high-impedance cir-
cuits.
Figure 10 shows a voltage follower with a 1 GO input resist-
ance built using standard resistor values. With the input dis-
connected, the input offset voltage is multiplied by the same
factor as R2; but the added error is small because the offset
voltage of the LM11 is so low. When the input is connected
to a source less than 1 GO, this error is reduced. For an ac-
coupled input, a second 10 MO resistor could be connected
in series with the inverting input to virtually eliminate bias
current error; bypassing it would give minimal noise.

Cl*

T
• polystyrene or Tetlan

t required if protected-gate switch is used

Figure 9. Switch leakage In this sample and hold does not reach storage capacitor. If Q2 has an Internal gate-pro-
tection diode, 01 and R2 must be Included to remove bias from Its Junction during hold.
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Figure 10. Follower input resistance is 1 GO. With the
input open, offset voltage is multiplied by
100, but the added error is not great because
the op amp offset is low.

The voltage-to-current converter in Figure 11 uses a similar
method to obtain the equivalent of a 10 GO feedback resis-
tor. Output offset is reduced because the error can be made
dependent on offset current rather than bias current. This
would not be practical with large value resistors because of
cost, particularly for matctied resistors, and because the
summing node would be offset several hundred millivolts
from ground. In Figure 11, this offset is limited to several
millivolts. In addition, the output can be nulled with the usual
balance potentiometer. Further, gain trimming is easily
done.

R2 R4*
100M 9.9k

'" 1%

R3 ':"
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1M
'11
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t NUll
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Figure 11. Equivalent feedback resistance Is 10 GO, but
only standard resistors are used. Even
though the offset voltage is multiplied by
100, output offset is actually reduced be-
cause error is dependent on offset current
rather than bias current. Voltage on summing
junction Is less than 5 mV.

This circuit would benefit from lower offset current than can
be tested and guaranteed with automatic test equipment.
But there should be no problem in selecting a device for
critical applications.

capacitors
Op amp circuits impose added requirements on capacitors,
and this is compounded with high-impedance circuitry. Fre-

quency shaping and charge measuring circuits require con-
trol of the capacitor tolerance, temperature drift and stability
with temperature cycling. For smaller values, NPO ceramic
is best while a polystyrene-polycarbonate combination gives
good results for larger values over a -10'C to 8S'C range.
Dielectric absorption can also be a problem. It causes a
capacitor that has been quick-charged to drift back toward
its previous state over many milliseconds. The effect is most
noticeable in sample-and-hold circuits. Polystyrene, Teflon
and NPO ceramic capacitors are most satisfactory in this
regard. Choice depends mainly on capacitance and temper-
ature range.
Insulation resistance can clearly become a problem with
high-impedance circuitry. Best performer is Teflon, with
polystyrene being a good substitute below 8S'C. Mylar ca-
pacitors should be avoided, especially where higher temper-
atures are involved.
Temperature changes can also alter the terminal voltage of
a capacitor. Because thermal time constants are long, this
is only a problem when holding intervals are several minutes
or so. The effect is reported to be as high as 10 mVrc, but
Teflon capacitors that hold it to 0.5 mVrC are available'.
An op amp with lower bias current can ease capacitor prob-
lems, primarily by reducing size. This is obvious with a sam-
ple-and-hold because the capacitor value is determined by
the hold interval and the amplifier bias current. The circuit in
Figure 12 is another example. An RC time constant of more
than a quarter hour is obtained with standard component
values. Even when such long time constants are not re-
quired, reducing capacitor size to where NPO ceramics can
be used is a great aid in precision work.

T ~ R1 C (R2 + R3)
Cl R3

T1"F R1 +R3
lI.VOUT ~ --- (Is R2 + ves)'=' R3

Tl/H/7478-14

Figure 12. This circuit multiplies RC time constant to
1000 seconds and provides low output im-
pedance. Cost Is lowered because of re-
duced resistor and capacitor values.

conclusions
A low cost IC op amp has been described that not only has
low offset voltage but also advances the state of the art in
reducing input current error, particularly at elevated temper-
atures. Designers of industrial as well as military/space
equipment can now work more freely at high impedance
levels.
Although high-impedance circuitry is more sensitive to
board leakages, wiring capacitances, stray pick-up and leak-
age in other components, it has been shown how input
guarding, bootstrapping, shielding and leakage isolation can
largely eliminate these problems.
·Component Research Co., Inc., Santa Monica. California.
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appendix
super-gain techniques
Super-gain transistors are not new, having been developed
for the LM102/LM110 voltage followers in 1967 and later
used on the LM108 general-purpose op amp. They are simi-
lar to regular transistors, except that they are diffused for
high current gains (2,000-10,000) at the expense of break-
down voltage. A curve-tracer display of a typical device is
shown in Figure A 1. In an IC, super-gain transistors can be
made simultaneously with standard transistors by including
a second, light base predeposition that is diffused less
deeply.
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Figure A 1. curve tracer display of a super-gain transis-
tor

Super-gain transistors can be connected in cascode with
regular transistors to form a composite device with both
high gain and high breakdown. The simplified schematic of
the LM108 input stage in Figure A2 shows how it is done. A
common base pair, 03 and 04, is bootstrapped to the input
transistors, 01 and 02, so that the latter are operated at
nearly zero collector-base voltage, no matter what the input
common-mode. The regular NPN transistors are distin-
guished by drawing them with wider base regions.
Operating the input transistors at very low collector-base
voltage has the added advantage of drastically reducing col-
lector-base leakage. In this configuration bipolar transistors
are affected little by the leakage currents that limit perform-
ance of FET amplifiers.

INPUTS{

TL/H/7478-18

Figure A2. A bootstrapped Input stage

*See Addendum to this Application Note
at the End of Application Note 242.
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Abstract: A new bipolar op amp design has advanced the
state of the art by reducing offset voltage and bias CUffent
errors. Its characteristics are described here, indicating an
ultimate input resolution of 10 ,...Vand 1pA under laboratory
conditions. Practical circuits for making voltmeters, amme-
ters, differential instrumentation amplifiers and a variety of
other designs that can benefit from the improved perform-
ance are covered in detail. Methods of coupling the new
device to existing fast amplifiers to take advantage of the
best characteristics of both, even in follower applications,
are explored.

Introduction
A low cost, mass-produced op amp with electrometer-type
input currents combined with low offset voltage and drift is
now available. Designated the LM11, this IC can minimize
production problems by providing accuracy without adjust-
ments, even in high-impedance circuitry. On the other hand,
if pushed to its full potential, what has been impossible in
the past becomes entirely practical.
Significantly, the LM11 is not restricted to commercial and
industrial use. Devices can be completely specified over a
- 55·C to + 125·C range. Preliminary data indicates that
reliability is the same as standard ICs qualified for military
and space applications.
The essential details of the design along with an introduc-
tion to the peculiarities of high-impedance circuits have
been presented elsewhere.' This will be expanded here.
Practical circuitry that reduces effective bias current for
those applications where performance cannot be made de-
pendent on offset current are described. In addition, circuits
combining the DC characteristics of the new part with the
AC performance of existing fast amplifiers will be shown.
This will be capped with a number of practical designs to
provide some perspective into what might be done.

dc errors
Barring the use of chopper or reset stabilization, the best
offset voltage, drift and long-term stability are obtained us-
ing bipolar transistors for the op amp input stage. This has
been done with the LM11. On-wafer trimming further im-
proves performance. Typically, a 100 ,...V offset with
1 ,...VfOCdrift results.

Transistors with typical current gains of 5000 have been
used in the manufacture of the LM11. The input stage em-
ploys a Darlington connection that has been modified so
that offset voltage and drift are not degraded. The typical
input currents, plotted in Figure 1,demonstrate the value of
the approach.
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Figure 1. Below 100·C, bias current varies almost linear-
ly with temperature. This means that simple
circuitry can be used for compensation. Offset
current Is unusually low.

The offset current of this op amp is so low that it cannot be
measured on existing production test equipment. Therefore,
it probably cannot be specified tighter than 10 pA. For crit-
ical applications, the user should have little difficulty in se-
lecting to a tighter limit.
The bias current of the LM11 equals that of monolithic FET
amplifier at 25·C. Unlike FETs, it does not double every
10·C. In fact, the drift over a - 55·C to + 125·C temperature
range is about the same as that of a FET op amp during
normal warm up.
Other characteristics are summarized in Table I. It can be
seen that the common-mode rejection, supply-voltage re-
jection and voltage gain are high enough to take full advan-
tage of the low offset voltage. The unspectacular 0.3V/,...s
slew rate is balanced by the 300 ,...Acurrent drain.



Table I. Typical characteristics of the
LM11 for TJ= 2S·Cand Vs = ± lSV. Operation Is

specified down to Vs = ±2.SV.
Parameter Conditions

Input Offset Voltage
Input Offset Current
Input Bias Current
Input Noise Voltage
Input Noise Current
Long Term Stability
Offset Voltage Drift
Offset Current Drift
Bias Current Drift
Voltage Gain

Common-Mode
Rejection
Supply-Voltage
Rejection
Slew Rate
Supply Current

0.01 Hz ,;; f ,;; 10Hz
0.01 Hz ,;; f ,;; 10 Hz
Tj = 2S·C
-SS·C ,;; Tj ,;; 12S·C
-SS·C ,;; Tj ,;; 12S·C
-SS·C ,;; Tj ,;; 12S·C
VOUT= ±12V,
lOUT= ± O.SmA
VOUT= ±12V,
lOUT= ±2mA
-12.SV ,;; VCM,;; 14V

Value
100,.V
SOOfA
2SpA

8,.Vpp
1 pApp
10 ,.V

1,.VrC
20fArC
SOOfArC

1,200V/mV

0.3V/,.s
300,.A

As might be expected, the low bias currents were obtained
with some sacrifice in noise. But the low frequency noise
voltage is still a bit less than a FET amplifier and probably
more predictable. The latter is important because this noise
cannot be tested in production. Long term measurements
have not indicated any drift in excess of the noise. This is
not the case for FETs.
It is worthwhile noting that the drift of offset voltage and
current is low enough that DC accuracy is noise limited in
room-temperature applications.

bias current compensation
The LM11 can operate from MO source resistances with
little increase in the equivalent offset voltage, as can be
seen in Figure 2. This is impressive considering the low ini-
tial offset voltage. The situation is much improved if the de-
sign can be configured so that the op amp sees equal resist-
ance on the two inputs. However, this cannot be done with

all circuits. Examples are integrators, sample and holds, log-
arithmic converters and signal-eonditioning amplifiers. And
even though the LM11 bias current is low, there will be
those applications where it needs to be lower.
Referring back to Figure 1, it can be seen that the bias
current drift is essentially linear over a - SO·Cto + 100·C
range. This is a deliberate consequence of the input stage
design. Because of it, relatively simple circuitry can be used
to develop a compensating current.

0.2

0.1
106 107 108 109 1010

SOURCE RESISTANCE (!ll
Tl/H/7479-2

Figure 2. The LM11 operates from MO source resistanc-
es with little DC error. With equal source re-
sistances, accuracy Is essentially limited by
low frequency current noise.

Bias current compensation is not new, but making it effec-
tive with even limited temperature excursions has been a
problem. An early circuit suggested for bipolar ICs is shown
in Figure 3a. The compensating current is determined by the
diode voltage. This does not vary as rapidly with tempera-
ture as bias current nor does it match the usual non-lineari-
ties.
With the improved circuit in Figure 3b, the temperature coef-
ficient can be increased by using a transistor and including
R2. The drop across R2 is nearly constant with temperature.
The voltage delivered to the potentiometer has a 2.2 mVrc
drift while its magnitude is determined by R2. Thus, as long
as the bias current varies linearly with temperature, a value
for R2 can be found to effect compensation.

a. original circuit b. Improved version
Figure 3. Bias-current compensation. With the Improved version, the temperature coefficient of the compensating

current can be varied with R2. It Is effective only If bias current has linear, negative temperature coefficient.



In production, altering resistors based on temperature test-
ing is to be avoided if at all possible. Therefore, the results
that can be obtained with simple nulling at room tempera-
ture and a fixed value for R2 are of interest. Figure 4 gives
this data for a range of parts with different initial bias cur-
rents. This was obtained from pre-production and initial-pro-
duction runs. The bias current variations were the result of
both hFE variations and changes in internal operating cur-
rents and represent the worst as well as best obtained.
They are therefore considered a realistic estimate of what
would be encountered among various production lots.
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Figure 4. Compensated bias current for five representa-
tive units with a range of Initial bias currents.
The circuit In FIgure 3b was used with balanc-
Ing at 25"C. High drift devices could be Im-
proved further by altering R2.

Rl
10k R2 R3

68k 30k

01
LM385
1.2V

Little comment need be made on these results, except that
the method is sufficiently predictable that another factor of
five reduction in worst case bias current could be made by
altering R2 based on the results of a single temperature run.

One disadvantage of the new circuit is that it is more sensi-
tive to supply variations than the old. This is no problem if
the supplies are regulated to 1%. But with worst regulation it
suffers because, with R2, the transistor no longer functions
as a regulator and because much tighter compensation is
obtained.

The circuit in Figure 5 uses pre-regulation to solve this prob-
lem. The added reference diode has a low breakdown so
that the minimum operating voltage of the op amp is unre-
stricted. Because of the low breakdown, the drop across R3
can no longer be considered constant. But it will vary linear-
ly with temperature, so this is of no consequence. The fact
that this reference can be used for other functions should
not be overlooked because a regulated voltage is frequently
required in designs using op amps.

In Figure S. a divider is used so that the resistor feeding the
compensating current to the op amp can be reduced. There
will be an error current developed for any offset voltage
change across R6. This should not be a problem with the
LM11 because of its low offset voltage. But for tight com-
pensation, mismatch in the temperature characteristics of
R4 and R5 must be considered.

Figure 5. Bias current compensation for use with unregulated supplies.
Reference voltage Is available for other circuitry.



Bias current compensation is more difficult for non-inverting
amplifiers because the common-mode voltage varies. With
a voltage follower, everything can be bootstrapped to the
output and powered by a regulated current source, as
shown in Figure 6. The LM334 is a temperature sensor. It
regulates against voltage changes and its output varies lin-
early with temperature, so it fits the bill.
Although the LM334 can accommodate voltage changes
fast enough to work with the LM11, it is not fast enough for
the high-speed circuits to be described. But compensation
can still be obtained by using the zener diode pre-regulator
bootstrapped to the output and powered by either a resistor
or FET current source. The LM385 fits well here because
both the breakdown voltage and minimum operating current
are low.
With ordinary op amps, the collector base voltage of the
input transistors varies with the common-mode voltage. A
50% change in bias current over the common-mode range
is not unusual, so compensating the bias current of a follow-
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Figure 6. This circuit shows how bias current compen-
sation can be used on a voltage follower.

er has limited value. However, the bootstrapped input stage
of the LM11 reduces this to about 2 pA for a ± 20V com-
mon-mode swing, giving a 2 x 10130 common-mode input
resistance.

fast amplifiers
A precision DC amplifier, although slow, can be used to sta-
bilize the offset voltage of a less precise fast amplifier. As
shown in Figure 7, the slow amplifier senses the voltage
across the input terminals and supplies a correction signal
to the balance terminals of the fast amplifier. The LM11 is
particularly interesting in this respect as it does not degrade
the input bias current of the composite even when the fast
amplifier has a FET input.
Surprisingly, with the LM11, this will work for both inverting
and non-inverting connections because its common-mode
slew recovery is a lot faster than that of the main loop. This
was accomplished, even with circuitry running under
100 nA, by proper clamping and by bootstrapping of internal
stray capacitances.

Figure 7. A slow amplifier can be used to null the offset
of a fast amplifier.



I nls Isolates FET leakage from the input circuitry.
As can be seen, the method of coupling into the balance
terminals will vary depending on the internal configuration of
the fast amplifier. If the quiescent voltage on the balance
terminals is beyond the output swing of the LM11, a differ-
ential coupling must be used, as in Figure 8a. A lead capaci-
tor, C2, reduces the AC swing required at the LM11 output.
The clamp diode, 01, insures that the LM11 does not over-
drive the fast amplifier in slew.
If the quiescent voltage on the balance terminals is such
that the LM11 can drive directly, the circuit in Figure 8b can
be used. A clamp diode from the other balance terminal to
internal circuitry of the LM11 keeps the output from swing-
ing too far from the null value, and a resi~or may be re-
quired in series with its output to insure stability.

delay because the coupling capacitor to the fast amplifier
takes on a charge with the summing node off ground.
Therefore, C1 should be made as small as possible. But
going below the values given may introduce gain error.
If the bias current of the fast amplifier meets circuit require-
ments, it can be direct-coupled to the input. In this case,
offset voltage is improved, not bias current. But overload
recovery can be reduced. The AC coupling to the fast-ampli-
fier input might best be eliminated for limited-temperature-
range operation.
This connection also increases the open-loop gain beyond
that of the LM11, particularly since two-pole compensation
can be effected to reduce AC gain error at moderate fre-
quencies. The DC gains measured showed something in
excess of 140 dB.

R1 RS
10k lOll

INPUT

R2
24k

Cl
500 pF

Figure 8. These Inverters have bias current and offset voltage of LM11 along with speed of the FET op amps. Open
loop gain Is about 140 dB and settling time to 1 mV about 8 /Ls. Excess overload-recovery delay can be
eliminated by directly coupling the FET amplifier to summing node.



A voltage-follower connection is given in Figure 9. The cou-
pling circuitry is similar, except that RS was added to elimi-
nate glitches in slew. Overload involves driving the fast am-
plifier outside its common-mode range and should be avoid-
ed by limiting the input. Thus, AC coupling the fast amplifier
is less a problem. But the repetition frequency of the input
signal must also be limited to 10kHz for ± 10V swing. High-
er frequencies produce a DC error, believed to result from
rectification of the input signal by the voltage sensitive input
capacitance of the FET amplifier used. A fast bipolar ampli-
fer like the LM118 should work out better in this respect. To
avoid confusion, it should be emphasized that this problem
is related to repetition frequency rather than rise time.

TL/HI7479-11

Figure 9. Follower has 10 /Ls settling to 1 mV, but signal
repetition frequency should not exceed 10
kHz If the FET amplifier Is AC coupled to Input.
The circuit does not behave well If common-
mode range Is exceeded.

A precision DC amplifier with a 100 MHz gain-bandwidth
product is shown in Figure 10. It has reasonable recovery
( - 7 /Ls) from a 100% overload; but beyond that, AC cou-
pling to the fast amplifier causes problems. Alone, the gain
error and thermal feedback of the LH0032 are about 20 mV,
input referred, for ± 10V output swing. Adding the LM11 re-
duces this to microvolts.

plcoammeter
Ideally, an ammeter should read zero with no input current
and have no voltage drop across its inputs even with full-
scale deflection. Neither should spurious indications nor in-
accuracy result from connecting it to a low impedance.
Meeting all these requirements calls for a DC amplifier, and
one in which both bias current and offset voltage are con-
trolled.
The summing amplifier connection is best for measuring
current, because it minimizes the voltage drop across the

input terminals. However, when the inputs are shorted, the
output state is indeterminate because of offset voltage.
Adding degeneration as shown in Figure 11 takes care of
this problem. Here, R2 is the feedback resistor for the most
sensitive range, while R1 is chosen to get the meter deflec-
tion out of the noise with a shorted input. Adding the range
resistor, as shown, does not affect the degeneration, so that
there is minimal drop across the input for full-scale on all
ranges.
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Figure 10. This 100X amplifier has small and large signal
bandwidth of 1 MHz. The LM11 greatly reduc-
es offset voltage, bias current and gain error.
Eliminating long recovery delay for greater
than 100% overload requires direct coupling
of A2 to Input.
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Figure 11. An ammeter that has constant voltage drop
across Its input at full-scale, no matter what
the range. It can have a reasonably-behaved
output even with shorted Inputs, yet a maxi-
mum drop of ten times the op amp noise volt·
age.



The complete meter circuit in Figure 12 uses a different
scheme. A floating supply is available so that the power
ground and the signal ground can be separated with R12. At
full-scale, the meter current plus the measured current flow
through this resistor, establishing the degeneration. This
method has the advantage of allowing even-value range re-
sistors on the lower ranges but increases degeneration as
the measured current approaches the meter current.

Bias-current compensation is used to increase the meter
sensitivity so there are two zeroing adjustments; current bal-
ancing, that is best done on the most sensitive range where
it is needed, and voltage balancing that should be done with
the inputs shorted on a range below 100 /J-A, where the
degeneration is minimal.

With separate grounds, error could be made dependent on
offset current. This would eliminate bias-current compensa-
tion at the expense of more complicated range sWitching.

The op amp input has internal, back-to-back diodes across
it, so R6 is added to limit current with overloads. This type of
protection does not affect operation and is recommended
whenever more than 10 mA is available to the inputs. The
output buffers are added so that input overloads cannot
drag down the op amp output on the least-sensitive range,
giving a false meter indication. These would not be required
if the maximum input current did not approach the output
current limit of the op amp.

v· 332'

01 RANGE 2.32'
20'

1M

Dl 02 10M
lM3I5

88'1.2V
100M

03 lG

3l1l<

0' "
lG v·
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Figure 12. Current meter ranges from 100 pA to 3 mA, full-scale. Voltage across Input Is 100 /J-Vat lower ranges rising
to 3 mV at 3 mA. Buffers on op amp are to remove ambiguity with high-current overload. Output can also
drive DVM or DPM.



mllllvoltmeter
An ideal voltmeter has requirements analogous to those dis-
cussed for the ammeter, and Figure 13 shows a circuit that
will satisfy them. In the most-sensitive position, the range
resistor is zero and the input resistance equals R1. As volt-
age measurement is desensitized by increasing the range
resistor, the input resistance is also increased, giving the
maximum input resistance consistent with zero stability with
the input open. Thus, at full-scale, the source will be loaded
by whatever multiple of the noise current is required to give
the desired open-input zero stability.
This technique is incorporated into the voltmeter circuit in
Figure 14 to give a 100 MO input resistance on the 1 mV
scale rising to 300 GO on the 3V scale. The separation of
power and signal grounds has been used here to simplify
bias-current compensation. Otherwise, a separate op amp
would be required to bootstrap the compensation to the in-
put.
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Figure 13. This voltmeter has constant full-scale load-
ing Independent of range. This can be only
ten times the noise current, yet the output
will be reasonably behaved for open Input.
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Figure 14. High Input Impedance mllllvoltmeter. Input current Is proportional to Input voltage, about 10 pA at full-scale.
Reference could be used to make direct reading linear ohmmeter.



The input resistor, R6, serves two functions. First, it protects
the op amp input in the event of overload. Second, it insures
that an overload will not give a false meter indication until it
exceeds a couple hundred volts.
Since the reference is bootstrapped to the input, this circuit
is easily converted into a linear, direct-reading ohmmeter. A
resistor from the top of D1 to the input establishes the mea-
surement current so that the voltage drop is proportional to
the resistance connected across the input.

Rt = R3; R2 = R4

R2VIN
lOUT = Rt RS

TUHI7479-17

Figure 15. Output resistance of this voltage/current
converter depends both on high value feed-
back resistors and their matching.
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current sources
The classical op amp circuit for vOltage-to-current conver-
sion is shown in Figure 15. It is presented here because the
output resistance is determined by both the matching and
the value of the feedback resistors. With the LM11, these
resistors can be raised while preserving DC stability.
While the circuit in Figure 15 can provide bipolar operation,
better performance can be obtained with fewer problems if
a unipolar output is acceptable. A complete, battery-pow-
ered current source suitable for laboratory use is given in
Figure 16 to illustrate this approach. The op amp regulates
the voltage across the range resistors at a level determined
by the voltage on the arm of the calibrated potentiometer,
R3. The voltage on the range resistors is established by the
current through 02 and 03, which is delivered to the output.
The reference diode, D1, determines basic accuracy. 01 is
included to insure that the LM11 inputs are kept within the
common-mode range with diminishing battery voltage. A
light-emitting diode, D2, is used to indicate output satura-
tion. However, this indication cannot be relied upon for out-
put-current settings below about 20 nA unless the value of
R6 is increased. The reason is that very low currents can be
supplied to the range resistors through R6 without develop-
ing enough voltage drop to turn on the diode.
If the LED illuminates with the output open, there is suffi-
cient battery voltage to operate the circuit. But a battery-test
switch is also provided. It is connected to the base of the op
amp output stage and forces the output toward V+.

LBATTERYrTEST

R14
100M
1"~

·calibrate range

tselect for ICBO " tOO pA

TL/H17479-18

Figure 16. Precision current source has 10 nA to 10 mA ranges with output compliance of 30V to -5V. Output current
Is fully adjustable on each range with a calibrated, ten-turn potentiometer. Error light Indicates output
saturation.



Bias current compensation is not used because low-range
accuracy is limited by the leakage currents of Q2 and Q3.
As it is, these parts must be selected for low leakage. This
should not be difficult because the leakage specified is de-
termined by test equipment rather than device characteris-
tics. It should be noted in making substitutions that Q2 was
selected for low pinch-off voltage and that Q3 may have to
dissipate 300 mW on the high-current range. Heating Q3 on
the high range could increase leakage to where the circuit
will not function for a while when switched to the low range.

logarithmic converter
A logarithmic amplifier that can operate over an eight-dec-
ade range is shown in Figure 17. Naturally, bias current
compensation must be used to pick up the low end of this
range. Leakage of the logging transistors is not a problem
as long as Q1A is operated at zero collector-base voltage.
In the worst case, this may require balancing the offset volt-
age of A1. Non-standard frequency compensation is used
on A1 to obtain fairly uniform response time, at least at the
high end of the range. The low end might be improved by
optimizing C1. Otherwise, the circuit is standard.

IIN-10 pA-l mA

330 ppm/"C. Type 0209
available from Tel Labs, Inc.,
Manchester, N.H.

light meter
This logging circuit is adapted to a battery-powered light
meter in Figure 18. An LM10, combined op amp and refer-
ence, is used for the second amplifier and to provide the
regulated voltage for offsetting the logging circuit and pow-
ering the bias current compensation. Since a meter is the
output indicator, there is no need to optimize frequency
compensation. Low-cost single transistors are used for log-
ging since the temperature range is limited. The meter is
protected from overloads by clamp diodes 02 and 03.
Silicon photodiodes are more sensitive to infrared than visi-
ble light, so an appropriate filter must be used for photogra-
phy. Alternately, gallium-arsenide-phosphide diodes with
suppressed IR response are becoming available.

differential amplifiers
Many instrumentation applications require the measure-
ments of low-level signals in the presence of considerable
ground noise. This can be accomplished with a differential
amplifier because it responds to the voltage between the
inputs and rejects signals between the inputs and ground.

C3TO.Ol~F

Rl1
RIO 5.11k

5.11M 1%
1%

-15V
1%

R13
1401<
1%

a. set Rll for Vour - 0 atllN = 100 nA

b. set RS for VOUT = 3Vat IIN = 100 p.A

c. set R3 for VOUT = 4V atllN = 10 pA
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Figure 17. Unusual frequency compensation gives this logarithmic converter a 100 I'-s time constant from 1 mA down
to 100 nA, Increasing from 200 I'-s to 200 ms from 10 nA to 10 pA. Optional bias current compensation can
give 10 pA resolution from -SS'C to + 1000C.Scale factor Is 1V/decade and temperature compensated.
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Figure 18. Light meter has eight-decade range. Bias current compensation can give Input current resolution of better
than ±2 pA over 15·C to 55·C.

Figure 19 shows the classic op amp differential amplifier
connection. It is not widely used because the input resist-
ance is much lower than alternate methods. But when the
input common-mode voltage exceeds the supply voltage for
the op amp, this cannot be avoided. At least with the LM11,
large feedback resistors can be used to reduce loading
without affecting DC accuracy. The impedances looking into
the two inputs are not always the same. The values given
equalize them for common-mode signals because they are
usually larger. With single-ended inputs, the input resistance
on the inverting input is R1, while that on the non-inverting
input is the sum of R2, R4 and RS.

Provision is made to trim the circuit for maximum DC and AC
common-mode rejection. This is advised because well
matched high-value resistors are hard to come by and be-
cause unbalanced stray capacitances can cause severe de-
terioration of AC rejection with such large values. Particular
attention should be paid to resistor tracking over tempera-
ture as this is more of a problem with high-value resistors. If
higher gain or gain trim is required, R6 and R7 can be add-
ed.

1
-

INPUTS
t210VMAX +

R1
VCM(MAX) ~ R3 VOUT(MAX)

Av=~(R6+R7)
R1 R6

ttrim for DC CMRR

.trim for AC CMRR

Figure 19. This differential amplifier handles high Input
voltages. Resistor mismatches and stray ca-
pacitances should be balanced out for best
common-mode rejection.



The simplest connection for making a high-input-impedance
differential amplifier using op amps is shown in Figure 20. Its
main disadvantage is that the common-mode signal on the
inverting input is delayed by the response of A1 before be-
ing delivered to A2 for cancellation. A selected capacitor
across R1 will compensate for this, but AC common-mode
rejection will deteriorate as the characteristics of A1 vary
with temperature.

f2'" 10 Hz

-gain set

ttrim for OG CMRR
TVH/7479-22

Figure 20. Two-op-amp Instrumentation amplifier has
poor AC common-mode reJection. This can
be Improved at the expense of differential
bandwidth with C2.

When slowly varying differential signals are of interest, the
response of A2 can be rolled off with C2 to reduce the sen-
sitivity of the circuit to high frequency common-mode sig-
nals. If single-resistor gain setting is desired, R5 can be add-
ed. Otherwise, it is unnecessary.
A full-blown differential amplifier with extremely high input
impedance is shown in Figure 21. Gain is fixed at 1000, but
it can be varied with R10. Differential offset balancing is
provided on both input amplifiers by R1B.
The AC common-mode rejection is dependent on how well
the frequency characteristics of A2 and A3 match. This is a
far better situation than encountered with the previous cir-
cuit. When AC rejection must be optimized, amplifier differ-
ences as well as the effects of unbalanced stray capaci-
tances can be compensated for with a capacitor across R13
or R14, depending on which side is slower. Alternately, C1
can be added to control the differential bandwidth and make
AC common-mode rejection less dependent on amplifier
matching. The value shown gives approximately 100 Hz dif-
ferential bandwidth, although it will vary with gain setting.
A separate amplifier is used to drive the shields of the input
cables. This reduces cable leakage currents and spurious
signals generated from cable flexing. It may also be required
to neutralize cable capacitance. Even short cables can at-
tenuate low-frequency signals with high enough source re-
sistance. Another balance potentiometer, RB, is included so
that resistor mismatches in the drive to the bootstrapping
amplifier can be neutralized. Adding the bootstrapping am-
plifier also provides a connection point, as shown, for bias-
current compensation if the ultimate in performance is re-
quired.

~voltage balance

-gain

tOG CMRR

"AC CMRR
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Figure 21. High gain differential Instrumentation amplifier Includes Input guarding, cable bootstrapping and bias cur-
rent compensation. Differential bandwidth Is reduced by C1 which also makes common-mode rejection len
dependent on matching of Input amplifiers.



As can be seen in Figure 22, connecting the input amplifiers
as followers simplifies the circuit considerably. But single
resistor gain control is no longer available and maximum
bandwidth is less with all the gain developed by A3. Resistor
matching is more critical for a given common-mode rejec-
tion, but AC matching of the input amplifier is less a prob-
lem. Another method of trimming AC common-mode rejec-
tion is shown here.

Integrator reset
When pursuing the ultimate in performance with the LM11, it
becomes evident that components other than the op amp
can limit performance. This can be the case when semicon-
ductor switches are used. Their leakage easily exceeds the
bias current when elevated temperatures are involved.
The integrator with electrical reset in Figure 23 gives a solu-
tion to this problem. Two switches in series are used to
shunt the integrating capacitor. In the off state, one switch,
02, disconnects the output while the other, 01, isolates the
leakage of the first. This leakage is absorbed by R3. Only
the op amp offset appears across the junctions of 01, so its
leakage is reduced by two orders of magnitude.
A junction FET could be used for 01 but not for 02 because
there is no equivalent to the enhancement mode MOSFET.
The gate of a JFET must be reverse biased to turn it off and
leakage on its output cannot be avoided.
MOS switches with gate-protection diodes are preferred in
production situations as they are less sensitive to damage
from static charges in handling. If used, D1 and R2 should
be inlcuded to remove bias from the internal protection di-
ode when the switch is off.

RJ
10k

v+

-polystyrene recommended

trequired if protected·
gate switch is used

TL/H/7479-25

Figure 23. Reset Is provided for this Inegrator and
switch leakage is isolated from the summing
junction. Greater precision can be provided If
bias-current compensation is included.

Rl R2
1~ 1M
1% 1%

ttrim for DC CMRR

het for AC CMRR

TL/H/7479-24

Figure 22. For moderate-galn instrumentation amplifiers, input amplifiers can be connected as followers. This simpli-
fies circuitry, but A3 must also have low drift.



peak detector
The peak detector in Figure 24 expands upon this idea. Iso-
lation is used on both the peak·detecting diode and the re-
set switch. This particular circuit is designed for a long hold
interval so acquisition is not quick. As might be expected
from an examination of the figure, frequency compensation
of an op amp peak detector is not exactly straightforward.

oven controller
The LM11 is quite useful with slow servo systems because
impedance levels can be raised to where reasonable capac·
itor values can be used to effect loop stabilization without
affecting accuracty. An example of this is shown in Figure
25. This is a true proportional controller for a crystal oven.

300 ,..,s min single pulse

200 #Jos min repetitive pulse

300 Hz max sine wave error < 5 mV

trequired if 01 has gate-
protection diode

'polystyrene or Teflon

TLlH17479-26

Figure 24. A peak detector designed for extended hold. Leakage currents of peak-detecting diodes and reset switch
are absorbed before reaching storage capacitor.

R6
4.7k Rl

lI2k
1%

R&
R2 22M

120k
1%

Dl
LM336
2.5V

·solid tantalum

tmylar

tclose thermal coupling between sensor and oven shell is recommended.

FIGURE25. Proportional control crystal oven heater uses lead/lag compensation for fast settling. Time constant Is
changed with R4 and compensating resistor R5. If Q2 Is Inside oven, a regulated supply Is recommended
for O.1°Ccontrol.



Temperature sensing is done with a bridge, one leg of which
is formed by an IC temperature sensor, 51, and a reference
diode, D1. Frequency stabilization is done with C2 providing
a lag that is finally broken out by C1. If the control transistor,
02, is put inside the oven for maximum heating efficiency,
some level of regulation is suggested for the heater supply
when precise control is required. With 02 in the oven, ab-
rupt supply changes will alter heating, which must be com-
pensated for by the loop. This takes time, causing a small
temperature transient.

Because the input bias current of the LM11 does not in-
crease with temperature, it can be installed inside the oven
for best performance. In fact, when an oven is available in a
piece of equipment, it would be a good idea to put all critical
LM11 s inside the oven if the temperature is less than 100'C.

acampllfler
Figure 26 shows an op amp used as an AC amplifier. It is
unusual in that DC bootstrapping is used to obtain high input
resistance without requiring high-value resistors. In theory,

Xl~

J

this increases the ouput offset because the op amp offset
voltage is multiplied by the resistance boost.

But when conventional resistor values are used, it is practi-
cal to include R5 to eliminate bias-current error. This gives
less output offset than if a single, large resistor were used.
C1 is included to reduce noise.

standard cell buffer
The accuracy and lifetime of a standard cell deteriorate with
loading. Further, with even a moderate load transient, re-
covery is measured in minutes, hours or even days. The
circuit in Figure 27 not only buffers the standard cell but also
disconnects it in the event of malfunction.

The fault threshold is determined by the gate turn-on volt-
age of 01. As the voltage on the gate approaches the
threshold either because of low battery voltage or excessive
output loading, the M05 switch will begin to turn off. At the
turn off threshold, the output voltage can rise because of
amplifier bias current flowing through the increasing switch
resistance. Therefore, a LED indicator is included that extin-

RJ

(
511R2)1+-

R3

R4
R2 + R3 + R4) 182k

Av ~ R2 + R3 1%

Tl/H/7479-28

Figure 26. A high Input Impedance AC amplifier for a piezoelectric transducer. Input resistance of 880 Ml1 and gain of
10 is obtained.

T 81
I 9V

_1-

·cannot have gate protection diode; VTH > VOUT

Figure 27. Battery powered buffer amplifier for standard cell has negligible loading and disconnects cell for low
supply voltage or overload on output. Indicator diode extinguishes as disconnect circuitry Is activated.
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guishes as the fault condition is approached. The MOS
threshold should be higher than the buffer output so that he
disconnect and error indicator operates before the output
saturates.

conclusions
Although the LM11 does not provide the ultimate in per-
formance in either offset voltage or bias current for nominal
room temperature applications, the combination offered is
truly noteworthy. With significant temperature excursions,
the results presented here are much more impressive. With
full-temperature-range operation, this device does represent
the state of the art when high-impedance circuitry is in-
volved.
Combining this new amplifier with fast op amps to obtain the
best features of both is also interesting, particularly since
the composite works well in both the inverting and non-in-
verting modes. However. making high-impedance circuits
fast is no simple task. If higher temperatures are not in-
volved, using the LM11 to reduce the offset voltage of a
FET op amp without significantly increasing bias current
may be all that is required.

An assortment of measurement and computational circuits
making use of the unique capabilities of this Ie were pre-
sented. These circuits have been checked out and the re-
sults should be of some value to those working with high
impedances. These applications are by no means ail-inclu-
sive. but they do show that an amplifier with low input cur-
rent can be used in a wide variety of circuits.
Although emphasis was on high-performance circuits requir-
ing adjustments, the LM11 will see widest usage in less de-
manding applications where its low initial offset votlage and
bias current can eliminate adjustments.
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Abstract. An IC op amp design that reduces bias currents
below 100pA over a -55°C to + 125°C temperature range
is discussed. Super-gain bipolar transistors with on-wafer
lrimming are used, providing low offset voltage and drift.
The key 10 low bias CUffentis the control of high tempera-
ture leakage currents along with the development of rea-
sonably accurate nanoampere current sources with low par-
asitic capacitance.

Introduction
A bipolar replacement for the LM108 [1] drastically reduces
offset voltage, bias current and temperature drift. This de-
sign, the LM11, does not depend on new technology. In-
stead. the improvements result from a better understanding
of transistor behavior, new circuit techniques and the appli-
cation of proven offset trimming methods. Table I summa-
rizes the results obtained. The combination of low offset
voltage and low bias current is unique to IC op amps, while
the performance at elevated temperatures represents an
advance in the state of the art.

TABLE I. Input error terms of the LM11 show an Im-
provement over FET op amps even at room tempera-
ture. There Is little degradation In performance from
-55°C to 125°C. Other Important specifications are
somewhat better than LM108A.

TJ = 25°C
-55°C';; TJ

Parameter ,;;+ 125°C Units
Typ Max Max

Input Offset Voltage 0.1 0.3 0.6 mV
Input Offset Current 0.5 10 30 pA
Input Bias Current 25 50 150 pA
Offset Voltage Drift 1 3 p'vrc
Offset Current Drift 20 fArC
Bias Current Drift 0.5 0.5 pArC

Junction FETs
At first glance, field.effect transistors seem to be the ideal
input stage for an op amp, mainly because they have a low
gate current, independent of their operating current. Practi-
cally, they do provide an attractive combination of perform-
ance characteristics in a relatively simple design. But there
are serious shortcomings.
For one, FETs do not match as well as bipolar devices: the
offset voltage is at least an order of magnitude worse. Laser
trimming can compensate for this to some extent. But with
FETs. low offset voltage does not guarantee low drift, as it

does with bipolars. FETs are also sensitive to mechanical
strains and SUbjectto offset shifts during assembly or with
temperature cycling.
Typically, long term stability is about 100 p.V/year, although
this can go to 1 mV/year with no prior warning in early life.
This contrasts to a 10 P.V/year long term stability for bipolar
pairs.
Lastly, although the input current of FETs is low at room
temperature, it doubles for every 10°C increase. This, cou-
pled with high offset voltage drift, makes FETs much less
attractive as operating temperature is increased.

MOSFETs
Field effect transistors, with a metal gate and oxide insula-
tion, give the ultimate in low input current. Practically, this
advantage disappears when diodes are included to protect
the gate from static charges encountered in normal han-
dling. Further, the offset voltage problems of JFETs go dou-
ble for MOS FETs. They are also subject to offset shifts due
to contamination.
Interesting designs are on the horizon for various chopper-
stabilized complementary MOS ICs. These solve most off-
set voltage problems, but not that of input leakage current.
Even at moderate temperatures, this input current will seri-
ously degrade the low offset voltage and drift even with rela-
tively low source resistances. Chopper-stabilized amplifiers
have added problems with overload recovery and noise, es-
pecially with high source impedances. These problems have
limited solutions, but chopper stabilization is not usually suit-
able for general purpose applications.

bipolar op amps
Offset voltage, its drift or long term stability has not been a
serious problem with bipOlar-input op amps. Such tech-
niques as cross-coupling or zener-zap trimming have re-
duced offset voltage to 25 p.V in production. The real prob-
lem has been bias current. The LM108, introduced in 1968,
has represented the state of the art in low bias currents for
standard bipolar devices. At 3 nA, maximum over tempera-
ture, the bias current is lower than FETs above 85°C.
A Darlington version of the LM108, the LM216, provided
bias currents in the 50 pA range; but this design was seri-
ously marred by high offset voltage, drift, excessive low fre-
quency noise and anomalous leakage currents at higher
temperatures.
Improvements in this design were thwarted by the inability
to provide nanoampere bleed currents to stabilize the Dar-
lington input and the erroneous belief that uncontrollable
surface states created the anomalous leakage.



a new design

With bipolar transistors, there is a tradeoff between current
gain and breakdown voltage. Super-gain transistors are de-
vices that have been diffused for maximum current gain at
the expense of breakdown voltage (which is typically a cou-
ple volts for a current gain of 5000). These low voltage tran-
sistors can be operated in a cascode connection with stan-
dard transistors to give a composite device with both high
gain and breakdown voltage.

Figure 1 shows a modified Darlington input stage for a su-
per-gain op amp. Common base standard transistors (05
and 06, drawn with a wider base) are bootstrapped to the
super-gain input transistors so that the latter are operated at
near zero collector base voltage. In addition to permitting
the use of super-gain inputs, this connection also isolates
the input transistors from common-mode variations, in-
creasing common-mode rejection.

Rl R2
25k 25k

10~A~
} OUTPUT

05 06

20 pA

INPUT{-

20 pA-

Tl/H/8722-1

Figure 1. Bootstrapped Input stage using super-gain
transistors In modified-Darlington connection.
The objectionable characteristics of the Dar-
lington are virtually eliminated by operating
the Input transistors at a much larger current
than the base current of the transistors they
are driving.

The usual problems with the Darlington connection are
avoided by providing a bleed current that operates the input
transistors, 01 and 02, at a current much higher than the
base current of the transistors they are driving, 03 and 04.
This is necessary because the base currents are not that
well matched, especially over temperature, and have ex-
cess low frequency noise.

a nanoampere current source

A circuit that generates the 50 nA bleed current is shown in
Figure 2. A super-gain transistor operated in the forward
mode is used to bias a standard transistor in the reverse
mode. The reverse connection is used because the capaci-
tance of an ordinary collector tub would reduce the com-
mon-mode slew rate from 2 V/p.s to 0.02 V/p.s.

II,+ 10~A

Tl/H/8722-2

Figure 2. Forming a nanoampere current source with
low parasitic capacitance. Design takes ad·
vantage of predictable VBE difference be-
tween standard and super-gain transistors
and fact that VBE of a transistor Is the same
when operated In forward or reverse mode.

At first look, this biasing scheme would seem to be subject
to a number of process variations. This is not so. For one,
the VSE of a transistor depends on the base Gummel num-
ber (Os/iLs), the number of majority carriers per unit area
divided by their effective mobility. Since the Gummel num-
ber and the effective area are unchanged when the collec-
tor and emitter are interchanged, the VSE will be the same in
either connection, provided that base recombination is not
excessive. In standard IC transistors, reverse hIe is about
30, indicating that recombination is not a significant factor.
Measured reverse hIe is much lower, but this is the result of
a parasitic PNP that does not affect VSE or aE, the common
base current gain.

The bleed current depends also on the ratio of super-gain to
standard transistor hIe, as indicated by the equation in Fig-
ure 2. Intuition suggests that super-gain hIe will increase
much faster than standard transistor h'e with increasing
emitter diffusion time, giving lower bleed current with higher
super-gain hIe. However, measurements with variances of
standard LM 108 processing indicate that the bleed current
remains within 25% of design center.

As shown in Figure 2, higher current ratios can be obtained
by increasing the area of 01 relative to 02 or by including
R1. The equation in Figure 2 assumes that 11 varies as ab-
solute temperature. If the voltage drop across R1 is equal to
kT Iq, changes in the VSE of 01 with small changes in 11 will
be cancelled by changes in the voltage drop across R1.
This makes input bias current essentially unaffected by vari-
ations in supply or common-mode voltage as long as 11 is
reasonably well controlled.
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Figure 3. Voltage sensitivity of collector base leakage
Indicates that generation In the depletion zone
dominates even at 125°C.

When more than one junction is involved, minimum leakage
is not necessarily obtained for zero bias. This is illustrated in
Figure 4, a plot of ICBO for a junction isolated NPN transis-
tor. A parasitic PNP is formed between the base and the
isolation as diagrammed in the inset. Zero leakage is ob-
tained when VCB is set so that the PNP diffusion current
equals ICBO of the NPN.
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Figure 4. Plot above explains "anomalous" leakage of
NPN transistors In ICs. As collector base bias
Is reduced, base current reverses then in-
creases exponentially. This excess current Is
the forward diffusion current of parasitic PNP
to substrate (see Inset).

Input protection
The input clamps perform a dual function. Most important,
they protect the emitter base junction of the input transistors
from damage by in-circuit overloads or static charges in
handling. Secondly, they limit the voltage change across

junction capacitances on low current nodes under transient
conditions. This minimizes recovery delays.
The clamp circuitry is shown in Figure 5. Emitters are added
on the input transistors and cross-coupled to limit the differ-
ential input voltage. Another transistor, 05, has been added
to limit voltage on the input transistors if the inputs are driv-
en below V-.

TlIHI8722-5

Figure 5. Separate clamps are used for differential and
common-mode overloads. Leakage currents,
ICESof forward and reverse connected tran-
sistors, cancel.

The differential clamp transitors do contribute to input cur-
rent because VCB > 0, so collector current is not zero for
VBE "" 0 (ICES"" 100 pA at 125°C). The common-mode
input clamp, 05, is also operated at VBE = 0 and VCB > 0,
although in the inverted mode. The resulting error is diffu-
sion current, dependent only on the characteristic VBE of
the transistors. Thus, the current contributed by the differen-
tial clamp transistors is cancelled, within a couple percent,
by that from the common-mode clamp.

bias current
Figure 6 shows some results of the design approach de-
scribed here. A room temperature bias current of 25 pA is
obtained, and this his held to 60 pA over a - 55°C to 125°C
temperature range. The figure also shows the results of
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leakage currents
The input leakage currents of bipolar op amps can be kept
under control because small geometry devices are satisfac-
tory and because the collector-base junction can be operat-
ed at an arbitrarily low voltage if bootstrapping is used.
Simple theory predicts that bulk leakage saturates for re-
verse biases above 2kT/q. But generation in the depletion
zone dominates below 125°C. Because the depletion width
varies with reverse bias, so does leakage. The characteris-
tics of a high quality junction plotted in Figure 3 show that
leakage current can be reduced with lower bias.
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Figure 6. Input bias current of the LM11 remains low
over military temperature range. Improve-
ments In development give even better results
(0748). Offset current Is usually below 1 pA.



some improvements in development that have reduced bias
current to 20 pA over the full operating temperature range.
Figure 6 shows that bias current is very nearly a linear func-
tion of temperature, at least from - 55°e to + 1000e. This,
coupled with the fact that bias current is virtually unaffected
by changes in common-mode or supply voltage, suggests
that bias current compensation can be provided for critical
applications. An appropriate circuit is shown in Figure 7. De-
tails are given in reference [2], but properly set up it should
be possible to hold bias currents to less than 20 pA over a
-55°e to + 1000e temperature range or 5 pA over a 15°e
to 55°e range with a simple room temperature adjustment.

15V

TUH/8722-7

Figure 7. Bias current of LM11 varies linearly with tem-
perature so It can be effectively compensated
with this circuit. Bias currents lesa than 5 pA
over 15°C to 5SOCrange or 20 pA over - 5SOC
to + 1000Care practical.

noise
The broadband noise of a bipolar transistor is given by

en = kT~2af/qlc' (1)
Therefore. operating the input transistors at low collector
current does increase noise. Because the noise of most op
amps is greater than the theoretical noise voltage of the
input transistors, the noise increase from low current input
buffers is not as great as might be expected. In addition,
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Figure 8. Increased noise of LM11 Is consequence of
low collector current In Input transistors. But
In high Impedance applications, op amp noise
Is masked by the thermal noise of source re-
sistance given above.

when operating from higher source resistances. op amp
noise is obscured by resistor noise, as shown in Figure 8.

Low frequency noise is not as easily accounted for as
broadband noise, but lower operating currents increase
noise in much the same fashion. The low frequency noise of
the LM11, shown in Figure 9, is a bit less than FETs but
greater than that of the LM108 when it is operated from
source resistances less than 500 kO.
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Figure 9. Low frequency noise of LM11 Is high com-
pared to other bipolar devices but somewhat
less than FETs. It Is equal to LM108 operating
from 500 kO source resistances.

complete circuit
A schematic diagram of an Ie op amp using the techniques
described is shown in Figure 10. Other than the input stage,
the circuitry is much like the LM112, a compensated version
of the LM108 that includes offset balancing.
One significant change has been the inclusion of wafer level
trimming for offset voltage. This is done using zener-zap
trimming across portions of the input stage collector load
resistors, R4 and R5. This kind of zener is simply the emitter
base junction of an NPN transistor. When pulsed with a
large reverse current at wafer sort, the junction is destroyed
by the formation of a low resistance filament between the
emitter and base contact beneath the protective oxide. This
shorts out a portion of the collector load resistor. The proc-
ess is repeated on binary weighted segments until the offset
voltage has been minimized.
Offset voltage of the LM11 is conservatively specified at
300 ",V. Although low enough for most applications, offset
voltage trimming is provided for fine adjustment. Balance
range is determined by the resistance of the balance poten-
tiometer, varying from ±5 mV at 100 kO to ±400 ",Vat
1 kO. Incidentally, when nulling offset voltages of 300 ",V,
the thermal matching of balance-pot resistance to the inter-
nal resistors is not a significant factor.
The actual balancing is done on the emitters of lateral PNP
transistors, 09 and 010, that imbalance the collector loads
of the input stage. This particular arrangement was used so
that no damage would result from accidental connection of
the balance pins to voltages outside either supply. Not obvi-
ous is that a balance pin voltage 15V more negative than
V+ can effectively short these PNP transistors with a paral-
lel P-channel MaS transistor. forcing the output to one limit
or another.
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Figure 10. Complete schematic of the LM11. Except for the input stage, circuit Is much like the LM112, a compen-
sated version of the LM108 that includes offset balancing.

Although the LM11 is specified to a lower voltage than the
LM108, the minimum common-mode voltage is a diode drop
further from V- because the bleed current generator, 012
and 013, has been added.
Proceeding from the input stage, the second stage amplifier
is a differential pair of lateral PNPs, 07 and 08. These feed
a current mirror, 025 and 026, which drive a super-gain
follower, 027. The collector base voltage of 026 is kept
near zero by including 028. The current mirror is boot-
strapped to the output so that second stage gain error de-
pends only on how well 07 and 08 match with changes in
output voltage. This gives a gain of 120 dB in a two stage
amplifier. Frequency compensation is provided by MOS ca-
pacitor C1.

The output stage is a complementary class-B design with
current limiting. Biasing has been altered so that the guaran-
teed output current is twice the LM108. A zener diode, D1,
limits output voltage swing to prevent stressing the MOS
capacitor to the point of catastrophic failure in the event of
gross supply transients.
The main bias current generator design (020-023) is due
to Dobkin [31. It is powered by 019, a collector FET. The
circuit is auto-compensated so that output current of 014
and 021 varies as absolute temperature and changes by
less than 1% for a 100:1 shift in 019 current.



speed
With a unity gain bandwidth of 500 kHz and a 0.3 V/".s slew
rate the LM11 is not fast. But it is no slower than might be
expected for a supply current of only 300 ".A.
If the precision of the LM11 is required along with greater
speed, the circuit in Figure 11 might be used. Here, the
LM11 senses input voltage and makes appropriate adjust-
ments to the balance terminals of a fast FET amplifier. The
main signal path is through the fast amplifier.

TL/H/8722-11

Figure 11. The LM11 can zero offset of fast FET op amp
In either Inverting or non-Inverting configura-
tions. Speed Is that of fast amplifier. FET am-
plifier can be capacltlvely coupled to critical
Input to eliminate Its leakage current.

Surprisingly, this connection will work even as a voltage fol-
lower. The common-mode slew recovery of the LM11 is
about 10 ".s to 1 mY, even for 30V excursions. This was
accomplished by minimizing or bootstrapping stray capaci-
tances and providing clamping to limit the voltage excursion
across the strays.
When bias current is an important consideration, it will be
advisable to ac couple the FET op amp to the critical input.
Reference [2] discusses this and other practical aspects of
fast operation with the LM11.

conclusions
A new IC op amp has been described that can not only
increase the performance of existing equipment but also
creates new design possibilities. Op amp error has been
reduced to the point where other problems can dominate.
Many of the practical difficulties encountered in high imped-
ance circuitry are discussed in reference [4] along with solu-
tions. A number of tested designs using these techniques
are given in reference [2].
The LMll is not the result of any breakthrough in process-
ing technology. It is simply a modification of ICs that have
been in volume production for over 10 years. The improve-
ments have resulted primarily from an understanding of
strange behavior observed on the earlier ICs and taking ad-
vantage of certain inherent characteristics of bipolar transis-
tors that were not fully appreciated.
As users of the LMll may have discovered, the offset volt-
age and bias current specifications are quite conservative. It
seems possible to offer 50 ".V offset voltage and perhaps
1 ".V/'C drift even on low cost parts. Taking full advantage
of 5 pA bias current would require guarded 10-pin TO-5
packages or 14-pin DIP packages. Further, the feasibility of
reducing low frequency noise to 2 ".V and 0.1 pA, peak to
peak, has been demonstrated on prototype parts.
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INTRODUCTION
We have all heard a great deal about fiber optics in the past
number of years. Unfortunately, most of the discussion is
about very high performance communications links. 200
Mbit, 20 Kilometer repeater-less links, jeweled connectors,
solid state cooled lasers for transmission, and avalanche
photodiodes for reception seem to be the rule. There is an-
other side to fiber optics which is usually neglected, and that
is the under-a-kilometer, less-than-50-Mbit fiber optic links.

-It is the purpose of this application note to de-mystify fiber
optics in general, and to bring it into the designer's arsenal
of problem-solving tools. We will primarily discuss fiber optic
communications from a digital standpoint, but touch on a
few analog applications. Fiber optic cable and connectors
will be presented, followed by output transducers and trans-
mitter circuitry, and finally input transducers and receiver
circuitry.
First, however, we should review the fundamental advan-
tages that fiber optics can bring. Superb electrical isolation
can be obtained which also eliminates many grounding and
safety-related problems. Fiber optic cable at this time is cost
competitive with coax, and prices will drop dramatically as
volume increases due to improved production techniques
and abundant raw material (sand), its small size, light
weight, and ruggedness surpass copper wire in every re-
spect. Compared to coaxial cable, fiber optic cable signifi-
cantly reduces signal attenuation while providing a much
wider bandwidth. Crosstalk between adjacent pairs of opti-
cal fibers is eliminated by simply inserting each fiber in an
opaque sheath. Fiber optic cable is EMI and RFI immune;
neither is it susceptible to nor does it emit electromagnetic
radiation.

Figure 1 shows a simplified diagram of a fiber optic link. An
analog or digital input is conditioned by the transmitter cir-
cuitry and drives either an LED or semiconductor laser di-
ode. This modulated light is launched into a fiber optic ca-
ble, terminated with the desired connectors on both ends.
At the receiving end, a PIN photodiode or avalanche photo-
diode converts the incident light to a low level current which
is processed by the receiver circuitry to provide a useful
analog or digital output. Full duplex operation would require
two such links.

ANALOG OR DIGITAL
INPUT



FIBER OPTIC CABLE
An end view and a cutaway view of a single stepped index
optical fiber is shown in Figure 2. A stepped index fiber re-
fers to the abrupt change in the index of refraction between
the core and the cladding. All transmission of light occurs
within the core. Given a core index of refraction nl and a
cladding index of refraction of n2, there will be a critical
angle such that any light ray entering the core at less than
that critical angle will be totally reflected. It is in this manner
that light will propagate down the length of the optical fiber.
This mechanism also gives rise to the term numerical aper-
ture. The numerical aperture is defined as the Sine of the
aforementioned critical angle. as shown in Figure 3. The
numerical aperture defines a cone in which incident light
may be launched into the cable, and in which light will
emerge from the cable. The smaller the given numerical
aperture, the more difficult it is to launch light into the fiber.

fX-CDREV CLADDING

TL/H/8748-2

FIGURE 2. Stepped Index Fiber Cross Section

NUMERICAL APERTURE (N.A.) = SIN (eAl
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Fiber Attenuation
The most important fiber specification is usually its attenua-
tion characteristics. Specified at a given wavelength, the at-
tenuation is measured in decibels per kilometer. Optical fi-
bers are available whose attenuation can range from
0.2 dB/km to 10,000 dB/km. Figure 4 shows a simple ex-
ample. We will suppose that we have an optical fiber whose
attenuation at the wavelength of interest is 10 dB/km •. Light
levels are measured in terms of power, and often expressed
as dBm, I.e., referenced to 1 mW. Therefore, if we launch
100 ",W of light into the cable (-10 dBm) and the cable is
1 km long, the light power at the receiving end will be 10 ",W
or - 20 dBm. As previously mentioned, we must know the
wavelength at which we are going to operate. Most red
LED's emit light at 660 nM, yellow at 585 nM, green at
565 nM and infrared (IR) at 900 nM. Figure 5 shows a typi-
cal fiber's attenuation versus wavelength characteristics.
Note that the attenuation can vary widely depending upon
the chosen wavelength,. A green LED would be attenuated
by 18 dB/km, a red LED 11 dB/km. An IR LED would be
significantly attenuated by 90 dB/km. Figure 6 shows a
somewhat better behaved wavelength-attenuation graph.
This happens to be for a graded index fiber. Graded index
refers to the index of refraction gradually decreasing as the
distance away from the center of the cable. Note that there
is no single wavelength that is optimum for all fibers. Careful
consideration must be given to selecting the appropriate ca-
ble for use with the chosen emitter wavelength.

FIBER ATIENUATlDN dB/KM

DdBm=lmW

~I I~
l00"w ---------- lD~W

t t
o lKM

POWER (dBm) = 10 LOG P(w)
lmW

TL/H/8748-4

FIGURE 4. Fiber Attenuation (dB/km)
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FIGURE 5. Typical Fiber Attenuation versus Wavelength
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Numerical Aperture
Each fiber has a characteristic numerical aperture which is
usually between 0.2 and 0.4. This corresponds to light entry
half angles of 11 to 24 degrees respectively. Large band-
width low attenuation cables typically exhibit smaller numeri-
cal apertures. The core index of refraction is usually given in
a data sheet; we can then calculate the propagation delay
down a given length of cable. The propagation speed is
simply the speed of light divided by the core index of refrac-
tion. For example, if a fiber's core index of refraction is 1.5,
then the speed at which light will travel down the fiber is
2 x 108 meters per second. Thus it will take 500 ns for light
to travel to the end of a 100 meter cable.

Bandwidth
We also need to know the bandwidth of the cable chosen.
This specification may be given as MHz/km or as a more
obtuse spec; -3 dB intermodal dispersal expressed in
ns/km. A 200 MHz/km cable will exhibit an attenuation of
-3 dB at 200 MHz at the end of a 1-km long cable. To
calculate the bandwidth constraint from the intermodal dis-
persion expressed in ns/km, simply divide 0.35 by the given
specification. Thus, if a fiber is characterized by a 3 ns/km
- 3 dB intermodal dispersion, this is equivalent to
116 MHz/km. In simpler terms, when the dispersion is given
in ns/km, this indicates the increase in signal rise time per a
given length of fiber.
Fiber core diameter can vary from less than 10 ",M to more
than 1500 ",M. In general. high bandwidth, low attenuation
fibers are available in small diameter fiber cores and small
numerical apertures. Figure 7 gives a list of a few cable and
fiber manufacturers. Cables are available with one fiber per
cable to upwards of twenty.
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FIGURE 6. Typical Fiber Attenuation versus Wavelength
(Graded Index)

EXAMPLES OF CABLE AND FIBER MANUFACTURERS
BELDEN
CANSTAR
CORNING
DUPONT
GALILEO
ITT
OPTELCOM
QUARTZ PRODUCTS
SIECOR
TIMES WIRE AND CABLE
VALTEC

FIGURE 7. Cable and Fiber Manufacturers

Connectors
Although there is no standard cable connector, the AMP
and SMA type connectors are the most popular. Figure 8
gives a representative list of connector manufacturers. In
general, inexpensive plastic type connectors are capable of
less than 3 dB of insertion loss on fibers as small as
125 ",M. Smaller fibers, or lower insertion loss. require the
use of metal connectors at increased cost. Connectors are
available in single or multiple fiber versions. and one can
obtain connectors where the user may mix conventional
wire conductors with optical fibers in the same connector.



PARTIAL LIST OF CONNECTOR MANUFACTURERS
AMP
AMPHENOL
AUGAT
BELDEN
BENDIX
DEUTCH
ITTCANNON
3M
PLESSEY
THOMAS & BETTS
TRW

FIGURE 8. Connector Manufacturers

OPTICAL EMITTERS
The two most practical methods of converting electrical sig-
nals to light for fiber optics are via the light emitting diode or
laser diode. Typical LED's used as panel lights can produce
15 to 30 ,..W of optical power. LED's that are designed for
fiber optic use can produce up to 10 mW. An electrical
equivalent circuit for a typical LED is shown in Figure 9.
Typical operating currents are in the range of 50 to 100 mA
peak with a forward voltage of 1.6 to 2.0V.

Light Emitting Diodes
LED's are normally broken down into three categories, sur-
face, edge and Burrus. Surface emitters emit light over the
entire surface of the die whereas edge emitters produce
maximum light power along the edge of the die. The Burrus
LED emits light from an etched well in the surface of the
LED; this permits tailoring the size of the well to the diame-
ter of the optical fiber being used.
Speed of response can vary from a few ns to 500 ns. Note
that even if we are able to impress the proper voltage
across an LED, and the proper current through it, this does
not mean that we have optical power output. Consult the
manufacturer or the data sheet to ascertain if the chosen
LED will support the bandwidth or data rate for which the
link is designed.
LED's are obtainable with wavelengths from green (565 nM)
to infrared (1300 nM). Conventional red (660 nM) is the
most popular and the least expensive. Figure 9 also lists a
number of manufacturers of LED's and laser diodes.

5Q

REPRESENTATIVE MANUFACTURERS OF EMITTERS-
LASER AND LED

ABORN
FAIRCHILD
GENERAL OPTRONICS
HP
ITT
LASER DIODE LABS
MATH ASSOCIATES
MERET
MONSANTO
MOTOROLA
NATIONAL SEMICONDUCTOR
PLESSEY
RCA
SPECTRONIC
TI

FIGURE 9. Emmltters-Laser and LED Manufacturers

Laser Diodes
There are two popular kinds of laser diodes, single and dou-
ble heterostructure. The single heterostructure laser diode
is not capable of producing continuous optical power. It
must be used in a small duty cycle mode with typical pulse
widths of 100 ns. Output power is high (1OW),although the
drive requirements are severe, 6 to 30A peak. The double
heterostructure laser diode is similar to an LED in ease of
use. It exhibits no duty cycle limitations, and requires about
100 to 400 mA peak current for typical operation. Output
power is 10-20 mW, wavelength is near 900 nM, and opti-
cal rise-time is less than a nanosecond. Unfortunately, the
price of these lasers at the time of this writing is still high,
approximately $1000 each, although the price is expected
to drop dramatically over the next few years.

TRANSMITTER CIRCUITRY
Figure 10 shows three methods of modulating LED's. In Fig-
ure 10a., an open collector TTL gate drives a transistor
which shunts current away from the LED in the off state.
When the input to the gate is low, the transistor is turned off
and resistor R2 supplies the desired on current. This meth-
od is good for data rates to 20 megabits.
Figures 10b and 10e show how to modulate an LED linearly.
U1 is any general purpose op amp and operates as a volt-
age controlled current source with the LED as the load. 01
is a general purpose NPN (2N2222), which is capable of
supplying up to 100 mA necessary for driving the LED. Note
that the circuit works for positive input voltages only. High
speed operation may be obtained by using wide bandwidth



op amps such as the LH0032. Figure fOe illustrates an alter-
native method of analog modulation. An LH0002 unity gain
buffer is used, with the LED in the positive supply of the
buffer. An input voltage is converted to a drive current for
the LED by means of driving load resistor R1. The 6 to 10
mA of LH0002 quiescent supply current also flows thru the
LED. A shunt resistor in parallel with the LED can divert the
bulk of this current, if desired.

Yee

The transmitter circuitry remains fairly simple for data rates
to 50 Mbps. Temperature compensation of optical output
power can be easily accomplished if necessary with the ad-
dition of a small amount of circuitry as shown in Figure fOd
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FIGURE 10c. Fast Analog TransmItter
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OPTICAL SENSORS
The receiver circuitry for fiber optic transmission is slightly
more difficult. First, we will discuss the basic characteristics
of the most commonly used photodetectors. The four most
popular photosensors are shown in Figure 11.The photodi-
ode, phototransistor, PIN photodiode and avalanche photo-
diode all operate on the same basic principle. An incident
photon creates a hole-electron pair near or within the deple-
tion region. The electrical field separates the pair and caus-
es current to flow in an external circuit. Figure 11 also
shows an equivalent circuit for photodiode. Rs is usually on
the order of 10 to 100n, Rp is 109 to 1010n typically, and
Cp is the photodiode's capacitance, dependent upon proc-
essing and area. Note the direction of photo-induced cur-
rent flow, as conventional current is sourced by the anode.
This is not the same mode typically used for solar cell oper-
ation-the photovoltaic mode. In this mode, a portion of the
photocurrent flows thru the photodiode itself, producing a
voltage from anode to cathode. The photocurrent mode,
however, is superior to the photovoltaic mode in linearity,
speed of response, stability and temperature coefficient.
Thus, we will limit our circuitry discussion to using the photo-
diode in the photocurrent mode alone.

"If-IUI

G_tJ ffi_[j
AVALANCHE PHOTOOIOOE

TL/H/8748-12
FIGURE 11. Photodetectors

Phototranslstor
The phototransistor can be modeled by a photo-induced
current source between the collector and the base. Beta
multiplication produces a much larger photocurrent at the
emitter or collector; however, this is at the expense of
speed of response. The small photocurrent must charge the
base-emitter capacitance, producing slow rise and fall
times. Gain-bandwidth is typically 200 MHz. The uncertainty
in sensitivity due to beta variations, and the slow response
relegate the phototransistor to relatively low performance
fiber optic receivers.

PIN Photodlode
The PIN photodiode enhances the conventional photodi-
ode's utility by producing the same amount of photocurrent
from a lower capacitance source, thus giving higher speed
operation. In normal operation, the entire intrinsic region is
depleted, thus spreading apart the "plates" of the capacitor.
Frequency response is typically to 1 GHz.

Avalanche Photodlode
The avalanche photodiode requires 150V to 300V of re-
verse bias to operate. Photo induced carriers are swept into
a high field region where avalanche multiplication takes
place. This produces front-end signal gain (50-500) without
paying a speed penalty. Gain-bandwidth product of an ava-
lanche photodiode is in the neighborhood of 100 GHz. The
drawbacks to avalanche photodiodes are the high bias volt-
age needed, and the temperature compensation necessary
for stable operation.

Responslvlty
A photodiode's most fundamental characteristic is its re-
sponsivity, i.e., the amount of current it will produce in re-
sponse to the incident light power. Responsivity is given in
amperes per watt. Figure 12 illustrates a typical responsivity
versus wavelength for a silicon photodiode. The responsivi-
ty drops below 900 nM due to absorption, and above
900 nM due to the band gap of silicon (1.2 eV). A similar
graph could be shown for a phototransistor or an avalanche
photodiode. The y-axis would simply be multiplied by beta or
the avalanche gain respectively. Note that when the inci-
dent light is measured in watts, the area of the detector
does not playa part in the quantity of current produced. A
photodiode whose responsivity at a given wavelength is 0.5
will produce 1 ,...Ain response to an incident light power of 2
,...Waslong as all of the light falls on the photodiode's sensi-
tive area. Figure 13 gives a list of some of the manufactur-
ers of photodiodes, phototransistors, and avalanche photo-
diodes.

400 500 600 700 800 900 1000

TYPICAL PHOTO DIODE RESPONSIVITY

TL/H/8748-13

FIGURE 12. Typical Photodlode Responslvlty
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HP
MATH ASSOCIATES

MERET
MOTOROLA

RCA
SPECTRONICS

TI
UNITED DETECTOR TECHNOLOGY

VALTEC
FIGURE 13. Detector Manufacturers

RECEIVER CIRCUITRY
The most challenging aspect of many fiber optic links is the
design of the receiver. The receiver must convert the low
level current output of a photodiode to a high level analog or
digital signal with accuracy and speed.
Figure 14 illustrates the simplest of fiber optic receivers.
The photodiode is back biased with a resistor to convert the
photo-induced current to a voltage. Let us assume that we
want to convert an input light power of 300 nW to a 15 mV
signal. If the photodiode's responsivity is 0.5 AlW, then the
photodiode will produce 150 nA, and for a 15 mV signal
level, the resistor must be 100k. If the capacitance of the
photodiode is 10 pF, then the rise time of the voltage output
in response to a step light input will be approximately 2.2
J.Ls.This also implies that our analog bandwidth is limited to
a -3 dB frequency of 159 kHz.
How is it possible to obtain higher frequency performance at
the same sensitivity without sacrificing signal-to-noise ratio?
Decreasing the size of the resistor and using voltage amplifi-
ers can achieve the same responsivity at a higher speed but
it will sacrifice signal to noise ratio since a resistor's noise
current contribution increases as the value of the resistor
decreases. As we will see later, signal-to-noise is not only
important for analog communication, but also sets the limit-
ing bit error rate for digital signaling.

+v
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C=10pF T
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function of the amplifier is to chase the voltage developed
by the photocurrent flowing thru the resistor, and to apply
this voltage to the opposite end of the photodiode. By keep-
ing the voltage change across the photodiode's capaci-
tance small, the effect of this reactance is reduced, and the
circuit will respond faster. By rearranging the general topolo-
gy once again, we arrive at the second implementation,
known as the transimpedance approach as shown in Figure
16.Since the negative input of the amplifier can be consid-
ered a virtual ground, the voltage change across the photo-
diode's capacitance is kept small and thus its effect is re-
duced. The choice between either of the two approaches is
left to the designer; however, the constraints placed on ei-
ther of the amplifiers are the same when speed of response
is used as the criterion.

GENERAL TOPOLOGY

TUH/8748-15

FIGURE 15. General Topology, Bootstrap Configuration

TL/H/8748-16

FIGURE 16. General Topology, Translmpedance
Configuration
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capacitance, amplifier input capacitance and photodiode
capacitance. The only other parameter to define is tA, the
inverse of the gain-bandwidth product of the amplifier.
When we solve this simple circuit analysis problem, we find
that the rise time of Your is:

tR = -rrh x tA
1

t = RC, tA = 2-rr(GBW)

Rise time is chosen as the prime indicator of circuit speed
performance as it allows us to make rapid calculations of
the maximum bit rate for a digital communications link. The
equation given above is an approximation as it assumes
that the open loop gain of the amplifier is greater than 10
and t < 2 ActA, where Ac is the open loop gain of the
amplifier.
Returning to our original problem, how fast must our amplifi-
er be to produce the desired overall fiber optic receiver
speed? Let us use a specific example to determine the re-
quired amplifier speed. Suppose that we want to receive a
5 Mbit NRZ signal, our feedback resistor is 100k, and the
circuit capacitance is 5.5 pF. From the data rate, we know
that the rise time of the receiver must be 100 ns or less.
Rearranging the above equation, we obtain:

1 -rr2t
~=t;2

Semiconductor contains a preamp with a gain-bandwidth
product of nearly 2 GHz. The LH0082 will provide the sensi-
tivity and speed necessary for the example application, and
it also includes a comparator for providing a TILlDTL/
CMOS compatible output. Figure 18 is a block diagram of
the LH0082. Two internal feedback resistors are included
for use with the preamp to set sensitivity. External resistors
can also be used. The output of the preamp is AC coupled
to a comparator that can be connected as an edge triggered
flip-flop. In this mode, the bit error rate can be set by the
amount of hysteresis applied to the comparator. Using the
internal hysteresis resistor, the bit error rate is better than
10-1°. The entire circuit operates from a single 4.5 to 5.5V
power supply, although the preamp can be operated to 10V,
and the comparator to 15V.
Figure 19 shows how to use the LH0082 as a 5 Mbit,
300 nW sensitivity fiber optic receiver. The only external
components needed are the photodiode, a power supply
decoupling resistor and two bypass capacitor~.

TL/H/8748-17

FIGURE 17. Equivalent Circuit and Amplifier Characteristic
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FIGURE 18. LH0082 Circuit Diagram



Bit Error Rate
The bit error rate (SER) is a very important consideration in
any digital communications system; fiber optic data links are
no exception. A SER of 10-10 means that one bit of 10
billion will be a bad bit. Obviously, the smaller the SER, the
better off we are. There is a very simple relationship be-
tween the signal-to-noise ratio and the bit error rate. Given Il
as the RMS noise voltage, A as the peak-to-peak signal
level, and we determine the presence of one or a zero with
a threshold of Al2, then the SER is:

SER = % (1 - erf~)2.J21l

2 fXerf (x) = - e-y2 dy
.fiT 0

Figure 20 is a plot of this somewhat obtuse function. Note
that we are guaranteed a SER of 10-10 with only 22 dS of
signal-to-noise ratio. Thus, if we have a comparator thresh-
old of 10 mY, a peak signal level of 20 mV, then the RMS
noise must be less than 1.6 mV to give us 10-10 SEA.

Stray Signal Pickup Problems
Although communication via fiber optic cable provides free-
dom from the effects of radio frequency interference, the
circuitry at the receiver is not so fortunate. Let's take the
example of the basic LH0082 300 nW sensitivity receiver.
Assuming a 0.5 AlW photodiode, the LH0082 requires only
150 nA at its input to cause the comparator to switch states.
Suppose that the output of a TIL gate is nearby and at that
point the voltage can traverse 3V in as little as 5 ns. How
much stray capacitance from this TIL output to the input of
the LH0082 is needed to equal the signal level generated by
the photodiode?

Since I = C~
dt

Then C = C~
dv

C = C (150 nA)(5 ns)
3V

Thus C = 2.5 x 10 -16F or 0.00025 pFII!

Although this may seem like an impossibly small amount of
capacitance to live without, straightforward printed circuit
board layout techniques can provide trouble-free operation.



A COMPLETE LINK
Putting together a total link is not so difficult as the "ex-
perts" would have you believe. We can be almost sloppy in
our handling of the transmitter circuitry, light coupling to
transducers, and connecting the cable. The expense is a
little care at the receiver end.
Figure 21 gives a sample application ideally suited to fiber
optics. A data entry room is located 300 meters from a com-
puter facility, separated by a manufacturing area containing
arc welders, punch presses and the like. One-way communi-
cation from the three data entry terminals to the computer is
required at 19.2 kbits. Let us assume that we will multiplex
the three data channels with one sync. channel and send
the signal through one fiber optic cable, and demultiplex the
signal at the computer end. We will sample each of the
three data channels and the sync. channel at 5 times the
data rate or 4 X 19,200 X 5 = 384 kbit data rate. We will
select an inexpensive red indicator LED whose total output
power is only 30 ,.,.Wor -15 dBm. We must now account
for all of the losses involved in transferring this light to the
photodiode at the receiving end:

LED-transmitter connector: -10 dB
receiver connector: - 3 dB

40 dB
300M X 1000M (cable): -12 dB

Safety Factor: -3 dB
Total loss = -28 dB

Thus, the power at the receiver is:
-15dBm -28dB = -43 dBm (50 nW)

The LH0082 in the high sensitivity mode (RF= 1M) has a
30 nW sensitivity with a 0.3 AlW photodiode and can pro-
vide a maximum data rate of 650 kbit. The use of inexpen-
sive connectors, poor coupling of light to the fiber at the
transmitter end, and cheap, moderate loss cable
(40 dB/km) does not prohibit a high performance data link
when used with a versatile receiver such as the LH0082.

CONCLUSION
Many such applications can be implemented by using cost
effective, moderate performance LEOs, connectors and fi-
ber optic cable by taking a little extra care with the receiver
circuitry. The National Semiconductor LH0082 provides a
versatile solution to such fiber optic receiver needs.

DATA 0

DATA 0

DATA 0

SYNC0

COMPUTER ROOM
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Application of the ADC1210
CMOS AID Converter

INTRODUCTION
The ADC1210 is the answer to a need for analog to digital
conversion in applications requiring low power, medium
speed, or medium to high accuracy for low cost. The versa-
tile input configurations allow many different input scale
ranges and output logic formats.

The wide supply voltage range of SV to lSV readily adapts
the device to many applications. The very low power dissi-
pation yields remarkable conversion linearity over the full
operating temperature range. Table I below summarizes the
typical performance of the ADC1210.

TABLE I. ADC1210 Performance Characteristics

Resolution 12 bits

Linearity Error, TA = 2S'C ± 0.0183% FS MAX

Over Temperature ±0.0366 % FS MAX

Full Scale Error, TA = 2S'C 0.2% FS MAX

Zero Scale Error, TA = 2S'C 0.2% FS MAX

Quantization Error ± % LSB MAX

Conversion Time 200 J.l.sMAX

This note expands the scope of application configurations
and techniques beyond those shown in the data sheet. The
first section discusses the theory of operation. The remain-
ing sections are devoted to applications that extract the op-
timum potential from the ADC1210.

"CLOCK

START

CONVERSION 14
COMPLETE

National Semiconductor
Application Note 245

THEORY OF OPERATION
Like most successive approximation A to D's, the ADC1210
consists of a successive approximation register (SAR), a D
to A converter, and a comparator to test the SAR's output
against the unknown analog input. In the case of the
ADC1210, these elements are connected to allow unusual
versatility in matching performance to the user's applica-
tions.

The SAR is a specialized shift register programmed such
that a start pulse applies a logical low to the most significant
bit (MSB) and logical highs to all other bits, thus applying a
half scale digital signal to the DAC. If the comparator finds
that the unknown analog input is below half scale, the low is
shifted to the second bit to test for quarter scale. If, on the
other hand, the comparator finds that the analog input is
above half scale, the "low" state is not only shifted to the
second bit, but also retained in the MSB, thus forming the
digital code for three quarters scale. Upon completing the
quarter (or three-quarter) sacle test, the next clock pulse
sets the SAR to test either 'Is, %, %, or 7/8 full scale, de-
pending on the input and the previous decisions. This suc-
cessive half-the-previous-scale approximation sequence
continues for the remaining lower order bits. The thirteenth
clock pulse shifts the test bit off the end of the working
register and into the conversion complete output. Figure 1
shows the schematic diagram of the device.

OPERATING CONFIGURATIONS
Figures 2 through 5 show four operating configurations in
addition to those presented in the data sheet.
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DESIGN CONSIDERATIONS

To Complement, or Not to Complement
Of the two recommended logic configurations, the comple-
mentary version is preferred. It provides greater accuracy
than the straight binary version. The reason for that is that
with the complementary logic configuration, a reference
voltage is fixed at the non-inverting input of the comparator.
Consequently, the comparator operates at this fixed thresh-
old independent of the input voltage. For the straight binary
configuration, the analog input drives the non-inverting input
of the comparator so that the common mode voltage on the
comparator input varies with the analog input. This adds a
non-linear offset voltage of less than % LSB.
Regardless which configuration is used, the comparator in-
put common mode range must not be exceeded. In fact, the
voltage at either comparator input must be no less than 0.5
volts from the negative supply and 2.0 volts from the posi-
tive supply. Therefore, for applications requiring common
mode range to ground, simply connect a negative supply
(-2V to -15V) to pin 20.

Layout Considerations
High resolution 0/A and AID converter circuits may have
their entire error budget blown if any digital noise is allowed
to enter the analog circuit.
Exercising care in the layout is certain to minimize frustra-
tions. Single point analog grounding is a good place to start.
All analog ground connections and supply bypassing should
be returned to this point. In fact, in critical applications, the
ADC1210 GND pin should be made "the" reference node.
Furthermore, one should separate the analog ground from
the digital ground. Any excursion of switching spikes gener-
ated in the digital circuit is, to some degree, decoupled from
the analog circuitry. Figure 6 illustrates this. Of course,
these two points are eventually tied together at the power
supply/chassis common.
In addition to a good ground system, it is a good idea to
keep digital signal traces as far apart from the analog input
as is practical in order to avoid signal cross coupling.
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Power Supply Bypassing
The supply input only provides power to the digital logic, it is
also a reference voltage to the resistor ladder network of
the ADC121O. This voltage must be a very stable source. A
precision reference device such as the LH0070 or LH0071
is ideal for the ADC121O. However, the internal CMOS Suc-
cessive Approximation Register (SAR) invariably generates
current spikes (10-20 mA peak) in the supply pin as the
logic circuit switches past the linear region. Consequently, if
~ reference device such as the LH0070 is used, the current
spike tends to cause excursions in the reference voltage,
thus threatening conversion accuracy. To preserve the 12-
bit accuracy, bypass the supply pin with a 4.7 ,...Ftantalum
capacitor. In high noise environments, a 22 ,...Fcapacitor
shunted by a 0.1 ,...Fceramic disc capacitor is desirable.
If pin 20 is connected to a negative supply, it too should be
bypassed to prevent voltage fluctuations from affecting the
comparator operation.

Output Drive Capability
The digital outputs of the ADC1210 and the outputs of the
SAR, through which the resistor ladder is referenced, are
one and the same. Any excessive load current on the digital
output lines will degrade conversion accuracy. For this rea-
son, the ADC1210 must interface with CMOS logic. Howev-
er, the three most significant bits (pins 10, 11, and 12) are
buffered from the R-2R ladder and are capable of driving
light loads without degrading linearity. This could prove use-
ful in 2's complement applications where an inverter is nec-
essary in the MSB; one might construct this inverter with a
discrete NPN transistor and two resistors. The bit most sen-
sitive to output loading is the fourth most significant (pin 9).
An error voltage at this pin gets divided down by a factor of
16 before being applied to the comparator, so if we wish to
limit the error due to output loading to say, % LSB, or
1.25 mV at the comparator, we can tolerate 20 mV at pin 9.
If all lower bits will have the same output load, the error
must be limited to 10 mY. Since all of the digital outputs
have a maximum ON resistance of 3500. at 10V VREF in
both high and low states, the maximum allowable load cur-
rent is 10 mV/3500. = 29 ,...A.This current requirement is
easily satisfied with an MM74C914 or MM74C901 thru
MM74C902 level translators for interface with logic levels
different than VREF.

Comparator Hysteresis
Even an ideal comparator can be expected to oscillate due
to stray capacitive feedback if biased in the linear region. It
is the normal operation of the SAR feedback loop to do just
that ... at least at or toward the end of the conversion cy-
cle. For most applications, this oscillation is only a minor
bother, as the SAR register would have locked out the con-
verted data from further changes at the end of conversion. If
that is still undesirable, the Conversion Complete (CC) Sig-
nal may be used to drive an open-collector gate (such as
the MM74C906) with the output wire-ORed to the compara-
tor output. In this way, the comparator is always clamped to
the low state at the end of conversion. Normal operation
resumes upon restart of a new conversion cycle.
In normal operation, however, if we want to preserve 12-bit
accuracy, the comparator oscillation should be suppressed.

The recommended technique is to apply a slight amount of
AC hysteresis (50 mY) at the beginning of the decision cy-
cle, but let it decay away to an acceptable accuracy before
the decision is actually recorded in the SAR. The approxi-
mate decay time is (5) x (10k + 1k) x (100 pF), or 5.5 ,...S
(see Figure 2).

For those applications using supply voltage other than 10V,
say 5V, and if 50 mV initial hysteresis is to be maintained,
the 200 ko. (RA! resistor in Figure 2 should be changed to
100 ko. based on the relationship:

RB
-R R VREF= 50mV

A + B
Where: RB = 1 ko.

High Speed Conversion Technique
By using one IC, one discrete NPN transistor, and a resistor,
the ADC1210 can be made to run at up to 500 kHz clock
frequency, or 12-bit conversion time of 26 ,...s.The circuit is
shown in Figure 7. The idea is to clamp the comparator
output low until the SAR is ready to strobe in the data at the
rising edge of the conversion clock. Comparator oscillation
is suppressed and kept from influencing the conversion de-
cisions. This technique eliminates the need for the AC hys-
teresis circuit.
To implement the idea, a complementary phased clock is
required. The positive phase is used to clock the converter
SAR as is normally the case. The inverted clock, generated
from the same clock signal, is inverted by the transistor. The
open collector is wire-ORed to the output of the comparator.
During the first half of the clock cycle (50% duty cycle), the
comparator output is clamped and disabled, though its inter-
nal operation is still in working order. During the last half
cycle, the comparator output is unclamped. Thus, the output
is permitted to slew to the final logic state just before the
decision is logged into the SAR. The MM74C906 buffer (or
with two inverting buffers) provides adequate propagation
delay such that the comparator output data is held long
enough to resolve any internal logic set-up time require-
ments.
The 500 kHz clock implies that the absolute minimum
amount of time required for the comparator output to be
unclamped is 1 ,...s.Therefore, for applications with clock
signal other than 50% duty cycle, this 1 ,...S period must be
observed.

TLIH/7185-7

FIGURE 7. High Speed Conversion Circuit



Testing has demonstrated reliable performance from this
circuit beyond the recommended device operating frequen-
cy of 65 kHz. However, the AC hysteresis circuit is still a
very reliable technique below this clock frequency and,
therefore, should be used. Only in applications where the
required clock frequency is above 65 kHz should the above-
mentioned technique be adopted.

Synchronizing Conversion Start Signal
It is recommended that the START CONVERT input be syn-
chronized to the CLOCK input. This avoids the possibility of
the comparator making an error on the first (MSB) decision
when the analog input is near '12 scale. There is a chance
that energy can be coupled to the comparator from the ris-
ing edge of the START signal. If this occurs just before the
rising edge of the clock, a wrong MSB decision can be
made if time is not allowed for the charge to dissipate. The
synchronization circuit in Figure 8 effectively prevents this
from occurring.

TL/H/7185-8

FIGURE 8. Synchronizing START CONVERT Signal
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The circuit operates as follows: initially the latch is in the
RESET state and the converter is in the end-of-conversion
state (CC output at logic low). The START signal sets the
latch and, on the next positive clock transition, initializes all
internal registers in the converter. The CC output is set to
logic high, presetting the external latch. The latch is held in
the "RESET" state during the entire conversion period, ef-
fectively preventing a new START signal from interrupting
the conversion.

Serial Output

The comparator output does contain the stream of serially
converted data with the most significant bit first. However,
recognizing the danger of comparator oscillation, there is a
potential for the external serial data register to latch a data
bit different from that recorded in the SAR due to different
logic set-up time requirements. If the ADC1210 accepts an
error in anyone data bit, the subsequent lower order bits
tend to correct for it. On the other hand, an external serial
register has no provision for error correction. All subsequent
bits following a bit in error will not be valid data.
The 12 bits of information can be shifted out serially by us-
ing an MM74C150 digital multiplexer. The circuit is shown in
Figure 9. This scheme permits valid data to be available at
the serial output port as fast as half a clock cycle after the
most current decision. The data are thus synchronized to
the converter clock (here the serial data are synchronized at
the falling edge of the system CLOCK, to avoid clock skew).
Obviously, a number of variations can be made to this basic
circuit for use with different handshake protocols.



cost analog sample-and-hold amplifiers to complete the cir-
cuit.
The idea is to utilize the digital-loop feedback mechanism of
the ADC1210 which, in the normal conversion mode, repli-
cates the analog input voltage at the output of the SAR/D-
to-A converter.
The operation of the circuit may be described as follows:
During the normal "hold" mode, the replicated analog volt-
age is buffered straight through the S/H amplifier to the
output. Upon an issuance of a SAMPLE signal, this S/H
amplifier is placed in the hold mode, holding the voltage
until the new analog voltage is valid. The same SAMPLE
signal triggers an update to the input sample-and-hold am-
plifier. The most current analog voltage is captured and held
for conversion. This way, the previously determined voltage
is held stable at the output during the conversion cycle while
the SAR/D-to-A continuously adjust to replicate the new in-
put voltage. At the end of the conversion, the output sam-
ple-and-hold amplifier is once again placed in the track
mode. The new analog voltage is then regenerated.
An Auto-Ranging Gain-Programmed AID Converter

The circuit in Figure 11 shows one possible circuit of an
auto-ranging AID converter. The circuit has a total of 8 gain
ranges, with the ranging done in the LH0086 Programmable
Gain Amplifier (for differential input, use the LH0084 with
ranges of 1, 2, 5,10 digitally programmed, or pin strap pro-
grammed for multiplying factors of 1, 4, and 10). The gain
ranges are: 1, 2, 5, 10, 20, 50, 100, and 200. It effectively
improves the AID resolution from 12 bits to an equivalent of
19 bits, a dynamic range of better than 100 dB.
The circuit has relatively high speed ranging due to the very
fast settling time of the LH0086, typically 5 fLs for 10V

the system are identical to those of an ADC1210 operating
alone. The only exception is that the system requires one
and one-half clock cycle (mandatory auto range cycle), plus
however many ranges it has to scale to (each scale requires
one clock period, 7 possible range switching in all) in addi-
tion to the basic 13 conversion cycle required by the
ADC1210. Therefore, in the best case where no ranging is
necessary, the circuit adds 22.5 fLs to the conversion time;
and in the worst case, an additional 128 fLs.

In the quiescent state where the ADC1210 is in the non-
conversion mode, the auto-ranging circuit is free to function
normally. Upon an issuance of a START signal, the next
clock rising edge puts the circuit in the final auto range cycle
before conversion begins. If the need for up-range or down-
range is detected, the circuit remains in the auto range
mode until all necessary scaling is completed. The control
circuit then issues a start conversion signal to the ADC121O.
Half a clock cycle later, the ADC1210 begins conversion
and suspends the auto-ranging operation until the conver-
sion is completed. At which time the 12-bit converter data
plus the 3-bit range data are valid for further processing.
This design is suitable for applications in data-acquisition
systems or portable instruments, particularly where low
power is an important consideration. Other variations from
this basic scheme can be realized depending on the user's
requirements.

SUMMARY
The ADC1210 is a low-cost, medium-speed CMOS analog-
to-digital converter with 12-bit resolution and linearity. It has
wide supply range and flexible configuration to allow varied
applications such as field instruments and sampled data
systems.
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Using the ADC08081
ADC0809 8-Bit JLP
Compatible AID Converters
with 8-Channel Analog
Multiplexer

INTRODUCTION
The ADC08081 ADC0809 Data Acquisition Devices (DAD)
implement on a single chip most the elements of the stan-
dard data acquisition system. They contain an 8-bit AID
converter, 8-channel multiplexer with an address input latch,
and associated control logic. These devices provide most of
the logic to interface to a variety of microprocessors with
the addition of a minimum number of parts.

These circuits are implemented using a standard metal-gate
CMOS process. This process is particularly suitable to appli-
cations where both analog and digital functions must be im-
plemented on the same chip.

These two converters, the ADC0808 and ADC0809, are
functionally identical except that the ADC0808 has a total
unadjusted error of ± % LSB and the ADC0809 has an
unadjusted error of ± 1 LSB. They are also related to their
big brothers, the ADC0816 and ADC0817 expandable 16
channel converters. All four converters will typically do a
conversion in - 100 !'-S when using a 640 kHz clock, but
can convert a single input in as little as - 50 !'-S.

1.0 FUNCTIONAL DESCRIPTION
The ADC0808/ADC0809, shown in Figure 1, can be func-
tionally divided into 2 basic subcircuits. These two subcir-
cuits are an analog multiplexer and an AID converter. The
multiplexer uses 8 standard CMOS analog switches to pro-
vide for up to 8 analog inputs. The switches are selectively
turned on, depending on the data latched into a 3-bit multi-
plexer address register.

National Semiconductor
Application Note 247
Larry Wakeman

The second function block, the successive approximation
AID converter, transforms the analog output of the multi-
plexer to an 8-bit digital word. The output of the multiplexer
goes to one of two comparator inputs. The other input is
derived from a 256R resistor ladder, which is tapped by a
MOSFET transistor switch tree. The converter control logic
controls the switch tree, funneling a particular tap voltage to
the comparator. Based on the result of this comparison, the
control logic and the successive approximation register
(SAR) will decide whether the next tap to be selected
should be higher or lower than the present tap on the resis-
tor ladder. This algorithm is executed 8 times per conver-
sion, once every 8 clock periods, yielding a total conversion
time of 64 clock periods.

When the conversion cycle is complete the resulting data is
loaded into the TRI-STATE~ output latch. The data in the
output latch can then be read by the host system any time
before the end of the next conversion. The TRI-STATE ca-
pability of the latch allows easy interface to bus oriented
systems.

The operation of these converters by a microprocessor or
some control logic is very simple. The controlling device first
selects the desired input channel. To do this, a 3-bit channel
address is placed on the A, B, C input pins; and the ALE
input is pulsed positively, clocking the address into the mul-
tiplexer address register. To begin the conversion, the
START pin is pulsed. On the rising edge of this pulse the
internal registers are cleared and on the falling edge the
start conversion is initiated.

START
EDe
(INTERRUPT)
OUTPUT ENABLE
IDE}

TRI·STATE®
OUTPUT
LATCH



As mentioned earlier, there are 8 clock periods per approxi-
mation. Even though there is no conversion in progress the
ADG08081 ADC0809 is still internally cycling through these
8 clock periods. A start pulse can occur any time during this
cycle but the conversion will not actually begin until the con-
verter internally cycles to the beginning of the next 8 clock
period sequence. As long as the start pin is held high no
conversion begins, but when the start pin is taken low the
conversion will start within 8 clock periods.

The EOC output is triggered on the rising edge of the start
pulse. It, too, is controlled by the 8 clock period cycle, so it
will go low within 8 clock periods of the rising edge of the
start pulse. One can see that it is entirely possible for EOG
to go low before the conversion starts internally, but this is
not important, since the positive transition of EOG, which
occurs at the end of a conversion, is what the control logic
is looking for.

Once EOC does go high this signals the interface logic that
the data resulting from the conversion is ready to be read.
The output enable (OE) is then raised high. This enables the
TAl-STATE outputs, allowing the data to be read. Figure 2
shows the timing diagram.

2.0 ANALOG INPUTS

2.1 Ratlometrlc Inputs

The arrangement of the AEF( +) and AEF( -) inputs is in-
tended to enable easy design of ratiometric converter sys-
tems. The REF inputs are located at either end of the 256A
resistor ladder and by proper choice of the input voltages
several applications can be easily implemented.

Figure 3 shows a typical input connection for ratiometric
transducers. A ratio metric transducer is a conversion device
whose output is proportional to some arbitrary full-scale val-
ue. In other words, the transducer's absolute output value is
of no particular concern but the ratio of the output to the

full-scale is of great importance. For example, the poten-
tiometric displacement transducers of Figure 3 have this
feature. When the wiper is at midscale, the output voltage is
Vo = VF x (Wiper Displacement) = VF x 0.5. This en-
ables the use of much less accurate and less expensive
references. The important consideration for this reference is
noise. The reference must be "glitch free" because a volt-
age spike during a conversion cycle could cause conversion
inaccuracies.
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Since highly accurate references aren't required it is possi-
ble to use the system power supply as a reference, as
shown in Figure 4. If the power supply is to be used in this
manner supply noise must be kept to a minimum to pre-
serve conversion accuracy. If possible the supply should be
well bypassed and separate reference and supply PC board
traces, originating as close as possible to the power supply
or regulator, should be used. This is illustrated in Agure 4.
External accessibility of both ends of the resistor ladder en-
ables several variations on these basic connections, and

FROM IANALOG
TRANSDUCERS

are shown in Figures 5 and 6. The magnitude of the refer-
ence voltage, VREF = REF(+) - REF(-), can be varied
from about - 0.5V to Vcc, but the center voltage must be
maintained within ± 0.1V of Vcc/2. This constraint is due to
the design of the transistor switch tree, which could mal-
function if the offset from center scale becomes excessive.
Variation of the reference voltage can sometimes eliminate
the need for external gain blocks to scale the input voltage
to a full-scale range of 5V.
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Figure 5 shows a center referencing technique, using two
equal resistors to symmetrically offset an LM336 2.5V refer-
ence, from both supplies. The offset from either supply is:

VOFF = Vcc - VREF = 1 25V2 .

These resistors should be chosen so that they limit current
through the LM336 to a reasonable value, say 5 mA. The
total resistor current is:

IR = IREF + ILADDER + ITRAN
where ILADDER is the 256R ladder current, ITRAN is the cur-
rent through all the transducers, and IREF is the current
through the reference. R1 and R2 should be well matched
and track each other over temperature.

For odd values of reference voltage, the reference could be
replaced by a resistor, but due to loading and temperature
problems, these resistors should be buffered to the REF( +)
and REF( -) inputs, Figure 6. The power supply must be
well bypassed as supply glitches would otherwise be
passed to the reference inputs. The reference voltage mag-
nitude is:

VREF = VDD CR1 R: RJ For R3 = R1

There are several op amps that can be used for buffering
this ladder. Without adding another supply, an LM358 could
be used if the REF( +) input is not to be set above 3.5V. The
LM10 can swing closer to the positive supply and can be
used if a higher VREF(+) voltage is needed.

As the REF( +) to REF( -) voltage decreases the incremen-
tal voltage step size decreases. At 5V one LSB represents
-20 mY, but at 1V, one LSB represents -4 mY.

As the reference voltage decreases, system noise will be-
come more significant so greater precaution should be en-
forced at lower voltages to compensate for system noise;
i.e., adequate supply and reference bypassing, and physical
as well as electrical isolation of the inputs.

2.2 Absolute Analog Inputs
The ADC08081 ADC0809 may have been designed to easily
utilize ratiometric transducers, but this does not preclude
the use of non-ratiometric inputs. A second type of input is
the absolute input. This is one which is independent of the
reference. This implies that its absolute numerical voltage
value is very critical. and to accurately measure this voltage
the accuracy of the reference voltage becomes equally crit-
ical. The previous designs can be modified to accommodate
absolute input signals by using a more accurate reference.
In Figure 4 the power supply reference could be replaced by
LM336-5.0 reference. R1 and R2 of Figure 6, and R1 and
R3 of Figure 7 may have to be made more accurately equal.

In some small systems it is possible to use the precision
reference as the power supply as shown in Figure 7. An
unregulated supply voltage > 5V is required, but the LM336-
5.0 functions as both a regulator and reference. The drop-
ping resistor R must be chosen so that, for the whole range
of supply currents needed by the system, the LM336-5.0 will
stay in regulation. As in Figure 4 separate supply and refer-
ence traces should be used to maintain a noiseless supply.

If the system requires more power, an op amp can be used
as shown in Figure 8 to isolate the reference and boost the
supply current capabilities. Here again. a single unregulated
supply is required.
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A second method is to use two chips to convert a differen-
tial channel, Figure 10. Typically each channel 1 would be
connected to opposite sides of the differential input. Both
converters are started simultaneously. When both convert-
ers' EOGoutputs go high the output of the AND gate will go
high indicating that the data is ready to be read.
The circuit in Figure 10 can be slightly modified to provide
increased data throughput by using two converters in a

parallel data acquisition scheme. Figure 11 shows this cir-
cuit in which all the input channels are connected in pairs
through LF398 monolithic sample/holds. Under normal op-
eration a sample/hold is accessed through an MM74G42
which will pulse an MM74G221, generating a sample pulse.
After a sample/hold is done sampling the signal, the appro-
priate channel is started. If this process is alternated be-
tween two converters the sample rate can be doubled.
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2.4 Analog Input Considerations
Analog inputs into the ADC08081 ADC0809 can handle any
input signal that is maintained within the supply limits, but
some careful consideration must be given to the output im-

pedance of the transducer or buffer. Using transducers with
large source impedances can cause errors due to compara-
tor input currents.
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To understand the nature of these currents a short discus-
sion of comparator operation is required. Figure 12 shows a
simplified model of the comparator and multiplexer. This
comparator alternately samples the input voltage and the
ladder voltage. As it samples the input, Cc and Cp are
charged up to the input voltage. It then samples the ladder
and discharges the capacitor. The net charge difference is
determined by a modified inverter chain and results in a 1 or
o state at the output.

Eight samples are made per conversion, resulting in eight
spikes of varying magnitude on the input.

If the source resistance is large, it adds to the RC time con-
stant of the switched capacitor which will inhibit the input
from settling properly, causing errors. As one might expect,
the maximum source resistance allowable for accurate con-
versions is inversely proportional to clock frequency. This
resistance should be S;;1 kD. at 1.2 MHz and S;;2 kD. at 640
kHz. If a potentiometer-type ratiometric transducer is used it
should be S;;5 kD. at 1.2 MHz and S;;10 kD. at 640 kHz.

If large source impedances are unavoidable (;;, 2 kD. at 640
kHz), the transient errors can be reduced by placing a by-
pass capacitor;;' 0.1 IJoFfrom the analog inputs to ground.
This will reduce the spikes to a small average current which
will cause some error as well, but this can be much less
than the error otherwise incurred. The maximum voltage er-
ror for a potentiometer input with a bypass capacitor added
is:

[
RPOT Ck]

VERR:::: -5- (IIN) 640 kHz V

where RpOT = total potentiometer resistance; IIN = maxi-
mum input current at 640 kHz, 2 IJoA;and Ck =clock fre-
quency.

For standard buffer source impedance the maximum error
is:

where Rs = buffer source resistance; IIN = the maximum
input current at 640 kHz, 2 IJoA;and Ck = clock frequency.

3.0 MICROPROCESSOR INTERFACING

The ADCOSOSI ADCOS09 converters were designed to inter-
face to most standard microprocessors with very little exter-
nal logic, but there are a few general requirements which
must be considered to ensure proper converter operation.
Most microprocessors are designed to be TTL compatible
and, due to speed and drive requirements, incorporate
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I I
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many TTL circuits. The data outputs of the ADCOSOSI
ADCOS09 are capable of driving one standard TTL load
which is adequate for most small systems, but for larger
systems extra buffering may be necessary. The EOC output
is not quite as powerful as the data outputs, but normally it is
not bussed like the data outputs.

The converter inputs are standard CMOS compatible inputs.
When TTL outputs are connected to any of the digital inputs
a pull-up resistor should be tied from the TTL output to Vcc,
- 5 kD.. This will ensure that the TTL will pull-up above
3.5V.

Usually the converter clock will be derived from the micro-
processor system clock. Some slower microprocessor
clocks can be used directly, but at worst a few divider
stages may be necessary to divide microprocessor clock
frequencies above 1.2 MHz to a usable value.

The timing of the START and ALE pulses relative to channel
selection and signal stability can be critical. The simplest
approach to microprocessor interfaces usually ties START
and ALE together. When these lines are strobed the ad-
dress is strobed into the address register and the conver-
sion is started. The propagation delay from ALE to compar-
ator input of the selected input signal is about - 3.0 IJos
(input source resistance < < 1 kD.). If the start pulse is very
short the comparator can sample the analog input before it
is stable. When using a slow clock S;;500 kHz the sample
period of the comparator input is long enough to allow this
delay to settle out.

If the ADCOSOSI ADCOS09 clock is >500 kHz, a delay be-
tween the START and ALE pulses is required. There are
three basic methods to accomplish this. The first pcssibility
is to design the microprocessor interface so that the START
and ALE inputs are separately accessible. This is simple if
some extra address decoding is available. Separate acces-
sibility of the START and ALE pins allows the microproces-
sor, via software, to set the delay time between the START
and ALE pulses.

If extra decoding is not available, then START and ALE
could be tied together. To obtain the proper delay, the mi-
croprocessor would cause START IALE to be strobed twice
by executing the load and start instruction twice. The first
time this instruction is executed, the new channel address is
loaded and the conversion is started. The second execution
of this instruction will reload the same channel address and
restart the conversion. But since the multiplexer address
register contents are unchanged the selected analog input
will have already settled by the time the second instruction
is issued. Actual implementations of these ideas are shown
in following sections.
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A third possibility when ALE and START are tied together is
to stretch the microprocessor derived ALEISTART pulse by
inserting a one-shot at these inputs and creating a positive
pulse > 3 p.s. Since ALE loads the multiplexer register on
the positive going edge of the pulse and START begins the
conversion on the falling edge, the width of the pulse sets
the ALE to START delay time.

Most microprocessor interfaces would be designed such
that a START pulse is issued by a memory or liD write
instruction, although a memory or liD read can be used.
The ALE strobe on the other hand, requires a write by the
CPU when A, B, and C are connected to the data bus, and
could use a read instruction if A, B, and C are connected to
the address bus, but the software could get confusing. The
logic to derive the DE strobe must be connected to the
microprocessor so that a memory or liD read instruction will
cause DE to be pulsed. A read is required since the

FROM!TRANSDUCERS

AOCOBOBI AOCOB09 data must be read.

3.1 Interfacing to the 8080

The simplest interface would contain no address decoding,
which may seem unreasonable; but if the system ports are
liD mapped, up to 8 of them can be connected to the CPU
with no decoding. Each of the B I/O address lines would
serve as a simple port enable line which would be gated
with read and write strobes to select a particular port. This
scheme is shown in Figure 13. A7 is the address line used
and, whenever it is zero and an liD read or write is low, the
port is accessed. This implementation shows A, B, C con-
nected to DO, 01, 02 causing the information on the data
bus to select the channel, but A, B, and C could be connect-
ed to the address bus, with a loss of only 3 ports. Both
decoding schemes are tabulated in Figure 14. (Remember
A, B, C inputs are only valid when selecting a channel to
convert, and are not used to read data.)

A7 A6 AS A4 A3 A2 A1 AD D2 D1 DO Output Port
Description

1 1 1 1 1 1 1 0 X X X Spare Port
1 1 1 1 1 1 0 1 X X X Spare Port
1 1 1 1 1 0 1 1 X X X Spare Port
1 1 1 1 0 1 1 1 X X X Spare Port
1 1 1 0 1 1 1 1 X X X Spare Port
1 1 0 1 1 1 1 1 X X X Spare Port
1 0 1 1 1 1 1 1 X X X Spare Port
0 1 1 1 1 1 1 1 0 0 0 Channel 0 Port
0 1 1 1 1 1 1 1 0 0 1 Channel 1 Port
0 1 1 1 1 1 1 1 0 1 0 Channel 2 Port
0 1 1 1 1 1 1 1 0 1 1 Channel 3 Port
0 1 1 1 1 1 1 1 1 0 0 Channel 4 Port
0 1 1 1 1 1 1 1 1 0 1 Channel 5 Port
0 1 1 1 1 1 1 1 1 1 0 Channel 6 Port
0 1 1 1 1 1 1 1 1 1 1 Channel 7 Port

FIGURE 14a. Write Address Decoding for 8080 Output
Ports (A, B, C Connected to DO, D1, D2)

A7 A6 AS A4 A3 A2 A 1 AD
Output Port
Description

0 1 1 1 1 0 0 0 Channel 0 Port
0 1 1 1 1 0 0 1 Channell Port
0 1 1 1 1 0 1 0 Channel 2 Port
0 1 1 1 1 0 1 1 Channel 3 Port
0 1 1 1 1 1 0 0 Channel 4 Port
0 1 1 1 1 1 0 1 Channel 5 Port
0 1 1 1 1 1 1 0 Channel 6 Port
0 1 1 1 1 1 1 1 Channel 7 Port
1 1 1 1 0 X X X Spare Port
1 1 1 0 1 X X X Spare Port
1 1 0 1 1 X X X Spare Port
1 0 1 1 1 X X X Spare Port

x = don't care

FIGURE 14b. Modified Write Address Decoding for 8080
Output Ports (A, B, C Connected to AD, A 1, A2)



Two LSTTL NOR gates are used to generate the ADC0808/
ADC0809 read/write strobes. When the 8080 writes to the
ADC08081 ADC0809 the ALE and START inputs are
strobed, loading and starting the conversion. When the CPU
reads the ADC0808/ ADC0809 the OE input is taken high,
and the data outputs are enabled.

Figure 13 impll;lments a simple interrupt concept where
EOC is tied directly to the 8080 interrupt input. When the
INS8228 is used and the INTA pin is tied high through a 1
kn resistor, the interrupt will cause a restart, RST, instruc-
tion to be executed, which will then cause a jump to a re-
start vector and execution of the interrupt routine. If a very
simple multi-interrupt system is desired, a wire OR'ed con-
figuration employing resettable latches as shown in Figure
13'5 inset can be used. In this simple design the MM74C74
is reset when the ADC0808/ ADC0809 data is read. If more
complicated interrupt structures are required, then an inter-
rupt controller is usually the best solution.
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REF f+) 01

06'#'1' 0'
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OJ
RAllOMETRIC I,
TRANSOUCER INO

(JOYSTICK 01
FOR EXAMPLE) 00

IN'

IN2

IN3

FROM IN'

TRANS-
DUCERS

IN'

IN6

INI

Address A7-AO Description

o 0 X X X X X X Write-Start Conv.
o 0 X X X X X X Read-Input Data
o 1 X X X 0 0 0 Channel 1 Select
o 1 X X X 0 0 1 Channel 2 Select
o 1 X X X 0 1 0 Channel 3 Select
o 1 X X X 0 1 1 Channel 4 Select
o 1 X X X 1 0 0 Channel 5 Select
o 1 X X X 1 0 1 Channel 6 Select
o 1 X X X 1 1 0 Channel 7 Select
o 1 X X X 1 1 1 Channel 8 Select
o 1 X X X X X X Read-Input EOC

The I/O port address structure for Figure 13'5 implementa-
tion is shown in Figure 14a. If the A, B, C inputs are tied to
AO, A1, A2 inputs the port structure is as shown in Figure
14b. The later method makes each channel look like a sep-
arate port address, whereas if A, B, C are tied to the data
bus the ADC0808/ ADC0809 looks like one start conversion
port address whose channel is selected by the 3-bit status
word written to it on the data bus.

Figure 15 shows a slightly more complex interface, where
the address is partially decoded by a DM74LS139, dual 2-4
line decoder which creates the read and write strobes to
operate the converter. This design in:erfaces to the proces-
sor in a polled type of interface. An MM80C97 TRI-STATE
buffer is used to buffer the EOC line to the data bus, as well
as provide the correct level for the START, ALE, and OE
pulses. The converter c1oc.k is a divided 8080 system clock.



Typically, the software to use Figure 15 would first select
the desired channel by writing the channel address to the
ALE port address, 01XXXCBA, where X=don't care, and
CBA is the channel address. Next the conversion is started
by writing to the START address, OOXXXXXX. Now the proc-
essor must wait a few instruction cycles to allow EOC to fall.
Once EOC falls, its status can be checked by reading the
EOC line, address 01XXXXXX. When the EOC line is detect-
ed high again (a low on DO), the data can be read by ac-
cessing the OE port, address OOXXXXXX. As in the previous
example the A, B, C inputs can be tied to DO, 01, 02 rather

than AO, A 1, A2, so that the information on the data bus
selects the channel to be converted. Figure 15 can be con-
nected in an interrupt mode by incorporating the interrupt
flip-flop of Figure 13.

A few typical utility routines to operate the ADC06061
ADC0609 application in Figure 13 are shown in Figure 16a.
These routines assume that the resettable interrupt flip-flop
is used. Figure 16b illustrates some typical polled 1/0 rou-
tines for Figure 15. Notice that in Figure 16a the OUT
ST ART1 instruction is executed twice to allow the analog
input signal to settle as discussed earlier.

; LOAD CHANNEL ADDRESS INTO ACE
; STORE IT TO ADC06061 ADC0609 AND START
; RESTART ADC06061 ADC0609 TO ACCOUNT FOR
; MULTIPLEXER DELAY
; ENABLE INTERRUPTS IF NOT ALREADY
; PROCESS PROGRAM

; READ DATA AND RESET INTERRUPT
; PROCESS DATA
; ENABLE INTERRUPTS IF DESIRED
; RETURN TO MAIN PROGRAM

EQU
EQU
EQU
EQU
OUT
OUT
NOP
NOP
NOP
NOP
NOP

40H
OOH
40H
OOH
SELECT
START

; START CONVERSION (A, B, C CONNECTED TO AO, A2, A3) AND POLL EOC
; (FIGURE 15)
SELECT
START
EOCIN
DATA
START:

; SELECT CHANNEL 0
; START CONVERTER
; READEOC
; READ DATA
; SELECT CHANNEL
; START CONVERSION
; INSERT INSTRUCTIONS TO WAIT 0-6
; CLOCK PERIODS OF ADC06061 ADC0609 CLOCK
; FOR EOC TO DROP (6NOPs MINIMUM)

; INPUT EOC BIT
; MASK OUT OTHER BITS
; IF INPUT BIT IS ZERO JUMP READY
; ELSE CONTINUE EXECUTING PROGRAM

;OR
; CONTINUOUS POLLING ROUTINE

STAT 2: EOCIN
01H
STAT 2
DATA

; INPUT EOC STATUS BIT
; MASK OUT ALL BITS BUT DO
; JUMP TO TRY AGAIN IF NOT READY
; IF READY INPUT DATA
; CONTINUE EXECUTING PROGRAM

FIGURE 16b. TypIcal Polled 1/0 Routines for ADC08081 ADC0809

; START CONVERSION (A, B, C CONNECTED TO DO, 01, 02)

CHANN1
START1
DATA

START:

EQU 7
EQU 7FH
EQU 7FH

LOA CHANN1
OUT START1
OUT START1

EI

; INTERRUPT HANDLER ROUTINE

INTRP: IN

EI
RET

; READ AND TEST EOC

STATUS: EOCIN
01H
READY



The application in Figure 17 uses a 6-bit bus comparator
and a few gates to decode a read and write strobe. Viewed
from the CPU this interface looks like a bidirectional data
port whose address is set by the logic levels on the Tn in-
puts of the DM8131 comparator. When data is written to the
ADC0808/ ADC0809 the 3 least significant bits on the ad-
dress bus define the channel to be converted. The rest of
the bits are decoded to provide the 5TART and ALE
strobes. When the conversion is completed EOC sets the
interrupt flip-flop, and when the data is read the interrupt is
reset.
Both the decoder and the bus comparator methods of ad-
dress decoding have their own advantages. Bus compara-
tors will more completely decode addresses but are capable
of only a limited number of port strobes. Decoders, on the
other hand, provide less decoding but more port strobes.
There is a trade off for minimum parts systems as far as
which route to go, and it will depend on the CPU and type of
system.

3.2 Interfacing to the 6800

The ADC0808/ ADC0809 easily interface to more than one
microprocessor. The 6800 can also be used to control the
converter. The 6800 has no separate I/O address space so
all I/O transfers must be memory mapped. In general more
address decoding logic is required to ensure that the I/O
ports don't overlap existing memory. For small systems a
partial address decoding scheme is shown in Figure 18.
Generally, if several ports are desired, a small block of

TO REF (t)REFERENCE

0'

START

INO ALE

INI

IN2

fROM INJ AOCOSDS/
TRANSDUCERS AOC0809

IN'

IN'

IN6

INI 'OC

memory would be set aside, as is accomplished by the
DM8131. Figure 18 also illustrates a typical 6800 interrupt
scheme using a flip-flop and open collector transistor. The
interrupt is reset when the data is read. If more ports are
needed, a decoder could be added as shown in Figure 19.
Figure 19 also illustrates a polled I/O mode using TRI-
5TATE buffer to gate EOC onto the data bus. As with the
IN58080 the A, B, C inputs of the ADC0808/ ADC0809 can
be connected to the address bus or the data bus.
The 6800 differs from the IN58080 in that the 6800 has a
single read/write (R/W) strobe and a valid memory address
(VMA), whereas the IN58080 has separate read and write
strobes (I/OR and I/OW). Normally, to obtain a read pulse,
VMA, R/W and </>2 are gated together and, for a write R/W
is inverted. </>2 is the 6800 phase 2 system clock. Also no-
tice that the 6800 INT interrupt input is active low. This en-
ables a standard wired-OR open collector design to be im-
plemented.
Figure 20 illustrates some typical 6800 software utility rou-
tines for either polled or interrupt interfaces. Again notice
double start instructions.

3.3 Z80 Interface

Interfacing the Z80 to the ADC0808 is much the same as
interfacing to an 8080/8224/8228 CPU group. CPU instruc-
tion timing is very similar, except the read/write control sig-
nals are slightly different. Instead of the I/OW write strobe
there is the 10REQ and WR and instead of I/OR, 10REQ
and RD are supplied.
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STATUS
DATA

EQU
EQU

$0800
$0800

START ADDRESS FOR CHANNEL 0
CONVERTER DATA ADDRESS

STATUS
STATUS
"'VECTOR
$FFF8

SELECT CHANNEL 0 AND START
DO AGAIN TO LET INPUTS SETILE
LOAD INTERRUPT VECTOR ADDRESS
STORE IT
EXECUTE MISC PROGRAM

ENABLE INTERRUPT IF NOT ALREADY
EXECUTE MISC PROGRAM
WAIT FOR INTERRUPT

LDAA
CLI

LOAD DATA RESET INTERRUPT
ENABLE INTERRUPTS (OPTION)
EXECUTE PROGRAM
RETURN TO MAIN PROGRAM

DATA2 EQU $F800 CONVERTER DATA ADDRESS
CHANN2 EQU 02 CHANNEL 2 ADDRESS
EOCIN EQU $F900 EOC INPUT PORT
START2 LDAA CHANN2 LOAD A ACCUMULATOR

STAA STATUS LOAD ADDRESS AND START
NOP WAIT
STAA STATUS RESTART TO LET MUX SETILE
NOP 8 NOPS TO WAIT FOR EOC

TOGO LOW
LDAA EOCIN LOAD EOC STATUS BIT
ANDA 01 MASK BITS 1- 7
BEQ READY IF A = 0 THEN CONVERTER DONE

EXECUTE MISC PROGRAM

'CONTINUOUS POLLING OF EOC (FIGURE 19)

POLLIT LDAA EOCIN LOAD EOC STATUS
ANDA CHANN2 MASK MSBs
BNE POLL IT IT ACC*O NOT READY, LOOP

READYLDAA DATA ELSE READ DATA
CONTINUE PROGRAM



Figure 21 shows a very simple Z80 interface, which is simi-
lar to the INS8080 interface of Figure 13, except that the
interrupt flip-flop design is closer to the 6800 designs. This
is because the Z80 INT is active low as is the 6800, but the
INS8080 INT is active high.
Figure 22 shows a fully decoded bus comparator design
where the DM8131 decodes 5 address bits and the 10REQ
1/0 request strobe. Two NOR gates gate the RD and WR
strobes for ALE, START and OE inputs.

4.0 CONCLUSION
Both the ADC0808 and the ADC0809 can be easily used in
microprocessor controlled environments. Many sophisticat-
ed medium throughput applications can be handled with a
minimum of extra hardware, but additional hardware can in-
crease flexibility and simplify software. Putting both the mul-
tiplexer and AID on the same chip frees the designer from
matching multiplexers and AIDs to implement a 7 or 8·bit
accurate system. Design time and overall system cost can
be reduced by using these low cost converters.
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INTRODUCTION
Electronic speech circuits offer a new dimension of sophisti-
cation to many modern machines. As annunciators in trains,
elevators, office buildings, autos, airplanes, terminals, toys
and games, etc., electronic speech circuits provide a more
direct and natural announcement than bells, buzzers or
lights. With electronic voice signals, complex directions can
be clearly given in any language and with a minimum of
effort.
In the past, electronic announcement systems required
elaborate tape mechanisms. These systems were expen-
sive and troublesome, so their use was limited to the small
number of applications that required speech announce-
ments (e.g., telephone announcement systems). The first
all-electronic systems used analog to digital conversion
techniques to convert actual voice into digital signals. These
digital speech signals were then stored as PCM or delta
modulation signals in semiconductor memories. The major
problem with this arrangement was the massive memory
required for a moderate amount of announcement time.
One second of digital speech, in this configuration, required
from 16k to 100k bits of memory.
The latest solution to electronic speech is known as speech
synthesis. This technique provides a dramatic reduction in
the memory required for one second of speech. Memory
requirements range from 400 bits to 2000 bits per second
depending on the desired speech attributes and overall
quality. The synthesizer techniques takes advantage of the
fact that speech signals are highly redundant and predict-
able. By coding only the slowly varing coefficients of speech
or by dramatic compression of digitized speech, significant
bandwidth reductions in the digitized signal can be realized.
These techniques, coupled with LSI semiconductor technol-
ogy, make true voice synthesis practical.
The National Semiconductor speech processor chip (SPC)
provides the complete speech synthesis reproduction cir-
cuitry needed to generate high quality and natural speech
(male, female or a child's voice), eletronic tones or music. A
complete chip set is called the Digitalkerlll>.It consists of the
speech processor chip and a speech ROM. The applica-
tions for this chip set are endless, but to name a few:

Voice interactive computer terminals
Automotive, nautical and aeronautical instrumentation an-

nunciators
Voice-back units for banking, weather and time an-

nouncements, answering machines, etc.
Elevators, trains, subway systems, etc.
Consumer appliances, toys and games
Warning systems for fire and police emergency

All of these applications benefit from the lower overall
costs, high reliability, excellent performance and fast con-
trol response afforded by the National Semiconductor
Digitalker system. The remainder of this note will be

devoted to a description of the MM54104 SPC, the tech-
nique used to synthesize speech and finally a review of the
major Digitalker applications.

SPEECH SYNTHESIS
The basic phonological element of speech is the phoneme.
The phoneme represents a simple sound that by itself can-
not distinguish different words. Phonemes, together with
speaker inflection, volume, emphasis, etc. are the funda-
mental building blocks of speech. The overall quality of any
speech synthesizer, therefore, is directly controlled by its
ability to faithfully reproduce all of the necessary speech
attributes and not just phoneme reproduction.
The common American English language consists of ap-
proximately 38 to 40 phonemes-14-16 vowel sounds and
24 consonant sounds. Each phoneme is generated with ei-
ther a voiced sound, as in "eye", or an unvoiced sound like
the sh in "shy". This difference between a voiced and un-
voiced sound is very important because the unvoiced
sounds are generally fewer in number and less dependent
upon the physiological characteristics of the speaker. A
speech synthesizer. it turns out, can exploit this important
difference. Finally, normal speech rates are approximately
10 to 15 phonemes per second (including silence intervals).
Since 38-40 phonemes can be coded using 6 bits, the nor-
mal bit rate for phoneme reproduction is approximately 60
to 90 bits per second. This bit rate, however, contains only
phoneme information which is only one of the many impor-
tant speech attributes.
Since phoneme reproduction is a basic element in any
speech synthesizer, an understanding of phoneme con-
struction would be useful. Speech synthesis models use two
driving functions, an impulse source for voiced sounds and
a noise source (hiss noise) for unvoiced sounds. Each of
these driving signals are filtered into specific frequency
bands or formants by time-varying filters. The net result, for
any particular set of valid filter coefficients, is a formant
sound. In the human vocal tract system, the driving function
consists of the lungs as the energy source, and the vocal
cords for generating a voiced sound. The driving function for
an unvoiced sound relies on the noise generated as air
rushes through the vocal chambers and not on vocal cord
vibrations. The formants are then generated by the resonant
chambers of the throat, mouth and nasal cavities. By con-
trolling the physical nature of these chambers with mouth
position, tonque position and throat orifice size, a speaker
can control the formants to generate a phoneme. It should
be noted, however, that formants are identified by distinc-
tive frequency bands. The unvoiced sounds do not generate
these distinctive bands and therefore do not necessarily re-
quire the "norma'" formants for a faithful reproduction.
These sounds are characterized by a noise or hiss with very
little resonance. This unvoiced resonance is normally identi-
fied as a fricative formant (e.g., the "sh" sound) and is char-
acterized by an unusually large content of high frequencies.



ad with the nasal resonator. For the synthesis of a normal
English vowel using a male voice, the three basic formants
would fall into the approximate frequency bands of 200 Hz
to 800 Hz, 900 Hz to 2300 Hz and 2400 Hz to 3000 Hz. The
fricative formant is typically a pulse of high frequency noise
in the band from approximately 2500 Hz to 8000 Hz, with
the higher frequency fricatives like "th" usually much lower
in relative amplitude when compared to the "sh" fricative
sound.

The basic formant synthesizer requires formant filter coeffi-
cient data, amplitude control data and driving function con-
trol data. This minimum system could synthesize speech,
but would not control inflection or emphasis. Its quality,
therefore, can be very disappointing. Normal memory re-
quirements for a minimal system are approximately 400 bits
for one second of speech.

A second approach to speech synthesis does not automati-
cally break speech into its minimum phonological elements.
Instead, the speech waveform is sampled, digitized and
compressed by the elimination of symmetrical redundancy
and silent intervals, the use of adaptive delta modulation,
and the adjustment of phase information in the digitized
speech. In this way, speech elements can be synthesized
as phonemes, phoneme groups, words or even whole
phrases. Also, the attributes of the original speaker can be
maintained if the synthesized elements are not broken down
incorrectly (i.e., inflection can modify the sound of a pho-
neme if it occurs at the end of a word or phrase rather than
at the beginning).

This approach is successful because unvoiced sounds have
very few speaker defined characteristics. As a result, a rela-
tively small set of unvoiced sounds can be used repeatedly.

This speech compression technique offers excellent quality
at a low data rate. The synthesis of a male VOice, using
English, will usually require an average of 1000 bits per
word. Because the technique can be applied to any voice
frequency signal, it is also capable of synthesizing women's
and children's voices, music and tones. This fleXibility, plus
the realistic quality of the synthesized speech, make this
technique very attractive.

THE NSC SPEECH PROCESSOR CHIP (SPC)

The National Semiconductor speech synthesis system con-
sists cf the SPC device plus the speech memory (ROM)
required to assemble a complete Digitalker kit. To this kit a
customer must add a clock input signal or the necessary
oscillator components, an audio filter and amplifier and the
control circuit function. This would represent the minimum
configuration shown in Figure 1. The maximum amount of
directly addressable speech memory accessible by the SPC
is 128k bits, but external page addressing by the control
circuit function can increase this ROM field as required.

The SPC utilizes the speech compression synthesis tech-
nique. As mentioned earlier, this technique reduces the
amount of memory needed to store electronic speech by
removing the excess or redundant data from the speech
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shown in Figure 3c. Synthesis of the waveform starts with a
period of silence (no speech data required), a quarter period
of adaptive delta modulation-generated speech followed by

signal. The four main techniques to perform that task are:
1. Elimination of redundant pitch periods
2. Adaptive delta modulation coding to minimize band-

width and memory requirements
3. Phase angle adjustments to create mirror image sym-

metry
4. Replacing the low level portion of a pitch period with

silence (half-period zeroing)
National Semiconductor uses an elaborate computer pro-
gram to analyze a high fidelity tape recording and generate
a ROM pattern that will faithfully synthesize the original
voice message.
Figure 2 contains a block diagram of the MM54104 SPC.
The eight-bit start address bus allows up to 256 separately
defined sounds or expressions to be stored in the speech
ROM. The control interface to the start address port can
take the form of decoding logic, a MICROBUSTMport or
mechanical switches.
When the WR goes high, the start address code is loaded
into the control word address register. The SPC uses this
control address to fetch the control word from ROM for the
first block of speech data. The control word contains wave-
form information, repeat information and the address of the
speech data. This address is loaded into the phoneme ad-
dress register and is used to fetch the speech data used to
recreate the speech waveform. Before the synthesis takes
place, the waveform data must be decoded to provide infor-
mation such as male or female, voiced or unvoiced, half-pe-
riod zeroed or not half-period zeroed and silence.
The unsynthesized waveform for a typical voiced pitch peri-
od might look like the signal shown in Figure 3a. In the
process of converting this signal to a synthetic form, several
operations are performed. First, the phase delay of the sig-
nal can be adjusted to create a symmetrical waveform
about the center of the pitch period as shown in Figure 3b.
The next step will replace the low level beginning and end-
ing quarters of the waveform with silence (Figure 3c). The
result is a compression factor of 4 to 1 on the original voice
data. Now, delta modulation is applied and the results are

(a) Original Speech Waveform
(b) Phase Angle Adjusted to Create Mirror Symmetry
(c) Half-Period Zeroed and Delta Modulated

FIGURE 3. SPC Waveforms (After Mozer [2])
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the same speech data fetched in reverse. Finally, the SPC
will finish the last quarter cycle of the speech block period
with silence. This phase modified speech data sounds the
same as the original speech.

At the end of a waveform or speech block, the SPC makes a
decision about repeating the sequence. Each waveform of a
typical voiced signal may be repeated an average of 3 to 4
times. The typical unvoiced waveform may be repeated ap-
proximately 7 to 8 times. Once the proper number of re-
peats has been generated, the SPC will begin a new speech
block sequence. This operation continues until the SPC has
executed all control words associated with the original
eight-bit start address code.

SPC speech signals are stored as adaptive delta modulation
data. This encoding technique exploits the relatively predic-
tible and slowly changing characteristic of voiced speech.
Because of the small differential between successive
speech samples, a delta value rather than an absolute value
can be used to determine the actual speech signal. Addition
of the delta value to previously accumulated values will re-
sult in a new output waveform signal level. An adaptive
technique is used so that the delta step size can change in
response to slope variations. This technique uses multiple
delta modulation step sizes to obtain a more accurate reso-
lution and yet, the required amount of stored data remains
lower than the information required for a more conventional
encoding scheme.

The internal SPC clock is derived from a programmable fre-
quency generator. Variations in the frequency of this clock,
through the control word, allow the SPC to add a rising and
falling pitch to speech sounds and syllables. This derived
pitch variation adds a natural inflection to the synthetic
speech.

Just as pitch variations are used to increase realism, so
must the SPC use gain variations. Both techniques are con-
trolled by data stored at the beginning of a speech block
and the programmable oscillator and output amplifier circuit
blocks of the SPC.

Use of the Digitalker is quite straightforward and will be out-
lined in the next section. However, a point on application
that must be covered in this note concerns the frequency
response of the output speech. The ultimate quality of the
Digitalker will strongly depend upon the filter, amplifier and
speaker choices made by the user. For that reason, it is
important to understand the output characteristics of the
device.

Because the synthesized speech data is derived from a dif-
ferentiated and sampled input signal, it is necessary to pass
the output waveform of the MM54104 through a low-pass
filter with a cutoff frequency of approximately 200 Hz and an
attenuation characteristic of 20 dB/decade. This compen-
sates for the high frequency pre-emphasis used in the syn-
thesis technique. If the system of interest has a natural roll-
off near 200 Hz, this low-pass filter can be eliminated. The
important item is that the entire audio system should have a
cutoff frequency of approximately 200 Hz. The placement of
the cutoff frequency may be adjusted for the particular type
of voice being synthesized. A low pitched man's voice might
sound better with a 100 Hz cutoff point while women's and
children's voices may show improvements with a 300 Hz
cutoff. Figure 4a shows a filter and amplifier circuit for this
minimum frequency response characteristic.

As an example of how the overall frequency response of a
particular application can minimize the need for extra filter-
ing, consider the Digitalker as a voice announcement circuit
in a telephone system.

In this case, the telephone network provides a natural atten-
uation to high frequencies that balances the SPC high fre-
quency pre-emphasis. As a result, the low-pass filter previ-
ously mentioned can be eliminated. However, because sig-
nal frequencies above 3 kHz must be attenuated before
they are allowed to pass into the telephone network, a cut-
off filter of 3400 Hz may be required in place of the previ-
ously mentioned 200 Hz low-pass filter. A good filter for this
application is the National Semiconductor AF133 active fil-
ter.

In addition to the 200 Hz to 3400 Hz low-pass filter, an extra
stage of filtering can be used for frequencies above 7 kHz.
This filter is optional and is normally only used to further
reduce sampling noise. Most systems can omit this filter,
especially if the overall system bandwidth is not very wide. A
second optional filter can be included to limit the overall low
frequency response of the system. This high-pass filter
would normally cutoff below 200 Hz (adjusted to match the
200 Hz low-pass if provided). This high-pass filter limits low
frequency noise, and can usually be omitted if system char-
acteristics do not require this function. A circuit having the
full frequency response characteristic is shown in Figure 4b.
Figure 5 shows the recommended overall speech synthesis
system frequency response.

APPLICATIONS
While the variety of synthetic speech applications are nu-
merous, the actual implementation in any single application
is usually limited to one of the following three techniques.

(a) Single channel, hardware control logic

(b) Single channel, software control logic

(c) Multichannel, hardware or software control logic

Each of these circuit approaches for the SPC will be dis-
cussed in this section. Particular emphasis will be placed on
items (b) and (c), however, because of the broad application
possibilities for these two techniques.

Certain applications require a relatively small number of
sentences or announcements with very little similarity be-
tween the different sentences. An example of this applica-
tion might be a talking elevator controller where the mes-
sages are brief and non-redundant (e.g., "going up, first
floor, second floor", etc.). In this application, certain words
are used repeatedly but the number of messages is limited
and the length of each message is short. This application
and others just like it, do not require the assembly of short
phrases into complete sentences, nor do they require a dy-
namic message structure as would be required with an auto-
matic bank teller (e.g., "your change is ten dollars") where a
monetary amount may change from message to message.
This fixed message application, therefore, may only require
the minimum control circuit as shown in Figure 6.

In Figure 6, the SPC receives a separate coded input for
each complete sentence or message that is synthesized.
This input code is received by the SPC through the SW 1-8
port.

The circuit shown in Figure 6 uses a mechanical switch
group to interface the SPC while the Figure 7 circuit uses a
hardware logic controller to input the coded message con-
trol data.
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After the proper message address is established on the SW
1-8 port, a momentary pulse must be applied to the WR
line. If this signal is applied with a momentary action switch,
as shown in Figure 6, then an external pull-up resistor
should be used to pull the WR line up to logic high and
complete the on-chip switch debounce circuitry. The sug-
gested value of this resistance is one megohm. The WR
input signal will latch the coded message address into the
SPC on the rising edge of WR and initiate the synthetic
speech message. Since each complete message uses a
unique address code of the SW 1-8 port, no further control
action is required after this point. The SPC will synthesize
the requested message and return to the idle state. If a new
input command signal is received, either during or after a
message is synthesized, the SPC will immediately abort the
current message and begin the new one. The circuit in Fig-
ure 7 shows a lock-out circuit to prevent the aborting of a
current message so that messages must be completed be-
fore a new message can be initiated.
In Figure 7, a message is initiated whenever a valid code
word is applied to the eight-bit SW 1-8 port of the SPC.The
valid code is detected by the combinational logic decoder
and timed to insure all transitions have died. Once the valid
code is timed, an S-R latch is set and a WR rising

edge is generated to start the SPC. This latch circuit also
prevents retriggering of the SPC until after the present
speech message is completed. Once the synthesized mes-
sage has ended, the SPC will set the INTR line to the logic
one state and a reset pulse will be generated to reset the
lock-out latch. A new speech message can now be started
by momentarily applying an idle address code followed by a
valid code on the SW 1-8 input port.
The SPC will directly address up to 128k bits of speech
memory. Figure 8a shows a typical speech ROM configura-
tion of 128k using two 64k ROMs. The types of ROMs used
have mask programmable chip selects, therefore, no extra
decode logic is required for memory requirements of less
than 128k. Although this memory size is usually sufficient for
most applications, certain systems may require added
speech ROM addressing. The circuit in Figure 8b shows
how the speech ROM of an SPC kit can be expanded in
128k bit pages or modules. Each page is arranged to con-
tain a complete portion of the entire speech library for a
particular system. Each single speech data block, as ad-
dressed via the start address port of the SPC, must be con-
tained within one ROM page. No page boundaries can be
crossed during the synthesis of a speech expression.

SPC ADR 0-12

MM54104 ADR 13

SPEECH {
ROM

PAGE
SELECT

1 OF n
BINARY

C DECODER

} ADDITIONAL ROM PAGE SELECTS



While the simple control schemes discussed so far can be
used in many applications, a far more important group of
applications will take advantage of the SPC's ability to con-
struct sentences from a group of words, sounds and phras-
es. This type of application uses an intelligent controller or a
microprocessor to string together a group of synthesized
phrases to form a complete sentence. The electronic bank
teller, previously mentioned, is a good example of this appli-
cation. The microprocessor controls the stringing of SPC
code addresses and applies them, one at a time, to the SW
1-8 port of the SPC. Handshake timing between the micro-
processor and the SPC is provided with the INTR line. This
microprocessor interface arrangement is known as Micro-
bus and the configuration is shown in Figure 9.

The use of a microprocessor controller expands the versatil-
ity of the SPC tremendously. Messages that are composed
of numerical responses or fixed phrases in random se-
quence can be easily constructed from a library speech
memory. In addition, various tones or warnings can be syn-
thesized and added before, during, or after an announce-
ment to identify the urgency of each message. For example,
an automobile message may state that "oil pressure is low".
Alone, that message may only mean that pressure has
dropped but no immediate hazard exists. If, however, pres-
sure has dropped below a critical value, the message could

be compounded to say "warning, oil pressure is low, pUll
over and stop the engine". In this latter case, phrases of
high urgency are added to the initial message to increase its
level of importance. Of course, the second message is not
completely separate from the first but is, instead, an expan-
sion of the first. This technique allows fewer input address
codes to initiate a larger number of messages without as-
signing a separate address code for each message and for
each of its derivatives. This would be particularly important
to an electronic bank teller since a large number of mone-
tary amounts must be synthesized for a relatively small
number of finished sentences.
When preparing a speech ROM for an SPC that will synthe-
size whole sentences from groups of phrases, it is important
to note the desired inflections. The SPC has the ability to
synthesize all of the important speech attributes including
pitch and gain variations, emphasis, inflection, etc. This
leads to very high quality life-like synthetic speech if the
stringing of phrases does not result in an artificial emphasis
or inflection. It is important to choose phrases carefully and
to record them with the attribute required for a realistic sen-
tence string. The stringing of phonemes should be avoided
whenever possible because the natural inflection is usually
lost in such an arrangement.
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A low cost intelligent controller for the SPC is one of the
COP400 series of microcontrollers. Figure 10 shows one
possible arrangement of an SPC system and a COP420.
The COP provides all of the advantages associated with a
Microbus interlace at a relatively low cost. Because of its
limited 1/0 structure, the COP's serial 1/0 port is expanded
as required to obtain the desired number of input lines.
The final application technique to be covered is the multi-
channel configuration. The previous arrangements used an
SPC and a dedicated set of speech ROMs to provide a
single channel of synthetic speech. Appliances, autos, toys
and games, terminals, etc. would probably use a single

channel SPC arrangement. But an entirely different group of
products could take advantage of a multiple channel ap-
proach to reduce the ROM requirements. This group of
products includes multiple elevator controllers, electronic
bank tellers, multiple pupil leaming centers, voice response
telephone answering equipment, telephone switching sys-
tem call announcement centers, etc. In this application,
each channel would use a separate SPC and amplifier cir-
cuit, but several channels would share a common controller
and speech library ROM. A typical configuration is shown in
Figure 11.

The library ROM of Figure 11 is shared over eight SPC
channels. Each SPC channel is scanned once in 16 "'S as
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shown in Fl{}ure 12. During each channel period of 2 "'S, an
SPC output address is presented to the ROM address input
port via a pair of octal TRI-STATEiIl bus drivers. After one
"'S, the data from the ROM is clocked into the channel's
octal data latch, the output of which is connected to the
SPC ROM data input port. The remaining 1 "'S of each
channel cycle is provided for bus settling time.
When the speech library ROM is shared over many chan-
nels, the actual number of shared channels is controlled by
the MM54104 SPC memory cycle timing. Because the chan-
nel scanning is asynchronous to the SPC cycle timing, it is
necessary for each channel to be scanned at least once
during the high interval of the ROMEN signal. As shown in
Figure 13,this signal is high for at least 20 "'S of each mem-
ory fetch cycle. Thus, a scanning rate of one channel every
16 "'S will insure that each channel is scanned at least once
while the ROMEN signal is high.
One final note is necessary about the configuration in Figure
11.Simple modifications to the counter and decoder circuit-
ry would allow this circuit to handle sixteen channels. A four-
line to sixteen-line decoder would replace the three to eight
decoder and the clock would directly enable the decoder
during the logic low clock period. All sixteen channels would
be scanned every 16 "'S and the scan interval for each

channel would be one ",s--one-half "'S of memory access
time and one-half "'S of bus guard time.
The last multichannel circuit is shown in Figure 14. This
scheme reduces the number of wires needed between the
speech ROM and each SPC channel. By multiplexing ad-
dress and data over the same parallel bus, fewer wires are
needed. This approach is particularly attractive when each
SPC channel is located on an individual circuit card. A tele-
phone central office or PABX announcement system is a
typical example of a channel per card arrangement. Figure
14 represents that type of system.
As shown in Figure 15, each channel of the unifi8d bus
approach is scanned for one ",s. As many as sixteen chan-
nels, therefore, can be scanned during the ROMEiii high
cycle of any SPC. During each channel scan, the bus is
gated to transmit the ROM address to latches on the ROM
circuit board. The address is sent in two bytes. After a brief
delay of one-half "'S, the bus is gated to return the request·
ed ROM data to the same SPC channel. This data is then
latched on the SPC channel card. This scheme is very
straightforward. It exchanges reduced interconnect wiring
for additional logic circuits.
To minimize interconnect wiring when using a unified bus
structure, the SPC control logic would probably be config·
ured on a per channel basis. The COP microcontroller,
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number. The COP controller reads a group of program
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SUMMARY
This application note describes some of the versatility and
flexibility of the National Semiconductor Digitalker System.
This system provides low cost speech and tone synthesis
for products ranging from consumer items to computers. It
provides a reliable altemative to mechanical systems (i.e .•
tape decks) without sacrificing voice quality. Also described
in this note are a few of the most popular circuit arrange-
ments possible with the Digitalker. Of particular interest are
the methods outlined to assemble whole messages from
phrase groups and the schemes used for multichannel syn-
thesizer systems. This latter application is particularly inter-
esting because of the memory savings for the multichannel
user.
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LH0024 and LH0032 High
SpeedOpAmp
Applications

INTRODUCTION

The LH0024 and LH0032 are very high speed general pur-
pose operational amplifiers exhibiting 70 MHz bandwidths,
500 V Ip's slew rates and 100 to 300 ns settling time to
0.1 'lb. The LH0032 has the added advantage of FET input
characteristics. Both, however, can drive loads with peak
currents of 100 milliamperes (mAl. The op amps are stable
without external compensation when operating at closed-
loop gains of more than 100. Both are constructed with thick
film hybrid technology and are actively trimmed for consis-
tent device performance. Table I summarizes the typical
performance data for these op amps. Additional information
may be obtained from the respective data sheets.

This note is divided into three parts, with the first giving a
general description of the circuit topology of each op amp.
In the following section, several high performance applica-
tions are discussed. Finally, the last section consolidates all
application techniques into an integral design approach,
much of which is applicable to any high frequency circuit.

LHOO24 CIRCUIT DESCRIPTION

The LH0024 contains two gain stages: One is a differential
NPN pair and the other is a single-ended PNP stage. The
complete schematic is shown in F/{Jure 1.
The input stage differential pair, 08 and 09, is biased at
6 mA by a current source made up of 01, 02, R3, and R5.
First stage differential voltage gain is typically 2. Its output is
applied differentially from base to emitter of the second
stage transistor 03 which has a gain of about 1,700. This
stage also converts the differential signal to a single-ended
output.

Current source 05 and R4 provide 5 mA of DC bias current
and a high impedance load to 03. Overall amplifier gain is
the product of the gains of the two stages-2 x 1700
3,400, or 71 dB.

National Semiconductor
Application Note 253

The output complementary pair with class B bias provides a
low impedance sourcing and sinking output drive. Although
the class B bias contributes a small amount of cross-over
distortion, it is barely detectable in closed loop operation.

LH0032 CIRCUIT DESCRIPTION

The LH0032 is a general purpose operational amplifier simi-
lar to the LH0024, but with JFET input devices instead of
bipolar. As a result, the LH0032 DC input bias and offset
currents are three orders of magnitude lower than the
LH0024. Its output drive capability is improved due to the
use of a larger package with lower thermal resistance, and
its class AB output, which is normally biased on, virtually
eliminates cross-over distortion.

The improved DC performance is due, in part, to the incor-
poration of monolithic dual junction FETs in the input stage
of the LH0032, providing matched DC tracking and good

4 y_

TUH17313-1

FIGURE 1. Complete LHOO24 Schematic Diagram

Parameter (T A = 2soCl

Input Offset Voltage
Input Bias Current
Large Signal Voltage Gain

TABLE I. Typical Performance Characteristics

Conditions LHOO24

2
15p.A

71

Units

mV

LH0032

2
10pA

70

Slew Rate
Small Signal Rise Time
Settling TIme to 1.0% of Final Value
Settling TIme to 0.1 % of Final Value
Unity Gain Bandwidth

VOUT = ±10V
f = 1 kHz, RL = 1 kfi

Ay = +1,~VIN = 20V
Ay = +1, ~VIN = 1V

Ay = -1, ~VIN = 20V

V/p.s
ns
ns
ns

Mhz



common-mode input characteristics. First stage operating
current is set at 6 mA by the current source made up of
transistors Q8 and Q9 and resistors R4 and R9, as shown in
Figure 2. The first stage voltage gain is:

Av (1st stage) = gm RL = 1.4 (1)

Where: gm = 3.5 mmho

RL = R1 II (fl3 + 1) (re3 + 2R3)

The second stage consists of two identical pairs of differen-
tial PNP transistors in a cascode configuration. Each side
operates at 5 mA set by the emitter resistor R3 and the bias
of the first stage. The differential amplifier Q3 and Q4 feeds
the common-base pair Q5 and Q6 with the base voltage
fixed at V+ - 1.9 volts by the diode string Q13-A15. Thus
the collectors of the differential pair Q3 and Q4 are held at
one VBe drop more positive than the reference voltage. Any
signal amplified by the differential stage produces only a
very small change in Q3 nd Q4 collector voltage. Conse-
quently, the Miller effect on Q3 and Q4 (base-ta-collector
capacitances) is virtually eliminated. Using hybrid 'TT model
of the transistor, the voltage gain of the cascode stage may
be approximated as:

Av (2nd stage) = gm4 x Req •• 1,400 (2)

5mA
Where: gm4 = 0.026V

1 1
Req = -h -II-h-II (fl11 + 1)(RLl

ob6 oe10
Notice that the full differential gain is realized with the use of
the current mirror Q10 and Q16, which also provides high
active load resistance to the PNP cascoded pair, resulting in
high amplifier gain.

The collector output of the cascode stage is buffered by a
pair of complementary emitter follower transistors, Q11 and
Q12. This class AS output stage is normally biased at 1 mA
by the 1.B VBe voltage produced by Q7, R5, and R6. The
emitter degeneration resistors provide protection from ther-
mal runaway.

APPLICATIONS OF THE LHOO24/LHOO32
Applications of the high speed LH0024 and LH0032 range
from video amplifiers to sampling circuits. The applications
described below include high speed sample and hold cir-
cuits, photo-detector amplifiers, fast settling digital to analog
converters and buffered amplifiers.

BALANCE [ 3
CDMPENSATIDN 4



A High Speed S/H Circuit
High Speed sample-and-hold circuits require high slew rate
and fast settling amplifiers. The LH0032 is ideal for these
applications. An example is shown in Figure 3.

The complementary emitter-follower Q3 and Q4 sources or
sinks large peak current to rapidly charge or discharge the
hold capacitor during step changes, thus effectively buffer-
ing the FET switch, Q1, whose rO(ON)would otherwise slow
the charge time. The LH0033 FET-input amplifier buffers the
output signal, providing 100 mA drive capability.
The circuit exhibits a 10V acquisition time of 900 ns to 0.1%
accuracy and a droop rate of only 100 ",V/ms at 2S"Cambi-
ent condition. An even faster acquisition time can be ob-
tained using a smaller value hold-capacitor. By decreasing
the value from 1000 pF to 220 pF, the acquisition time im-
proves to SOOns for a 10V step. However, droop rate in-
creases to SOO",V/ms.

Fiber Optic Transmitter-Receiver Applications
Many fiber optic applications require analog drivers and re-
ceivers operating in the megahertz region where many so-
called wide-band op amps simply run out of steam. Packed
with 70 MHz gain-bandwidth product (unity gain compensat-
ed), the LH0032 is quite suitable for optical communication
applications up to 3.S MHz. Figure 4 demonstrates a com-
plete analog transmission system using this device.
The transmitter incorporates the LF3S6 to drive the light
emitter. The LED is normally biased at SO mA operating
current. The input is capacitively coupled and ranges from
OV to SV, modulating the LED current from 0 mA to

100 mA. The circuit can be easily modified to operate from a
single + 1SVpower supply. The only requirement is that the
amplifier must be biased within the input common mode
range.
The receiver circuit uses an LH0032 configured as a trans-
impedance amplifier. A photodiode with O.Samp per watt
responsivity such as the Hewlett-Packard type HPS082-
4220, generates SO mV signal at the receiver output for
1 ",W of light input.
Expectedly, the bandwidth of the entire optical link rests on
the receiver circuit. Therefore, if the response time is to be
optimized, one should reverse bias the photodiode to mini-
mize junction capacitance. As a result, rise time improves
more than 2 orders of magnitude. Next, the feedback resis-
tor value should be chosen to be as large as possible in
order to maximize sensitivity within the limits of allowable
bandwidth degradation. Using 100 kO feedback resistor, the
maximum system bandwidth is 3.S MHz.

Fast settling 12-81T01A Converter
A high resolution, fast-settling DAC can be constructed us-
ing the LH0032. Its low input bias current causes no signifi-
cant DC error in conversion accuracy. Great care must be
exercised in circuit layout to assure highest performance. A
single point analog ground should be used with the digital
ground separated. A complete circuit with 12-bit resolution
is shown in Figure 5. The converter typically settles to
Yo LSB in 800 ns for a 10V full-scale swing. Similarly, 10-bit
or 8-bit resolution DACs may be constructed using the
DAC1020 or DAC0808, respectively.

OPTICAl OPTICAL 100 kll
PORT PORT

1 FIBER lP5012-
OPTIC 4220
CABLE

"V a::::IC) ~T T -15V
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Buffered Amplifier
Whenever higher output current is required, a buffer amplifi-
er may be added to the loop as shown in Figure 6. The
LHOO33 boosts the output drive capability to ± 100 mA con-
tinuous and ±400 mA peak.

FIGURE 6. Wide Band Amplifier
with 100 mA Output Capability

Despite its 100 MHz bandwidth, the LH0033 introduces
about 15 degrees of phase lag at the LH0032 unity-gain
frequency of 70 MHz. As a result, phase margin is degraded
by the same amount. Slight overcompensation may be re-
quired in order to restore adequate phase margin. One way
is to increase the feedback capacitor from 5 pF to a slightly
larger value, 6 to 8 pF should be sufficient. If the load is
predominantly capacitive, the total phase shift of the buffer
stage may exceed 180" and appear as negative impedance
seen looking into the input of the buffer. The 510 resistor
restores some real resistance to alleviate this condition and
prevents potential oscillation. In cases where the load ca-
pacitance is relatively large, up to 1000 may be necessary
to compensate for it.

DESIGN CONSIDERATIONS

Optimizing LH0024/32 Performance
The LH0024 and LH0032 allow considerable flexibility in de-
signing high performance circuits if care is taken in the way
they are used and implemented. Indeed, the printed circuit
board layout in high frequency circuits is as important as the
design of the hybrid devices themselves.

It is good practice to use ground plane PC board design. It
provides a low resistance, low inductance path, and reduc-
es stray signal coupling to sensitive circuitry. A double-sided
ground plane is usually better and should be considered.

In addition, signal trace connections should be kept as short
and wide as possible. Avoid closely-spaced parallel signal
traces as signal cross-coupling may occur. Circuit elements
should be placed close to the amplifier, particularly critical
components that directly affect the amplifier's frequency re-
sponse, such as compensation capacitors. If at all possible,
one should maintain single point ground throughout the cir-
cuit to minimize signal phase delay.

Examples of single-sided PC layouts for the LH0024 and
LH0032 are shown in Figure 7 and Figure 8, respectively.
The layouts include a settling time test circuit, optional in-
verting or noninverting mode. Note that the summing junc-
tion side of the feedback resistor is kept very close to the
device pin, thus minimizing lead capacitance. The power
supply decoupling capacitors should also be kept close to
the device pins, preferably % of an inch.

Input Guarding and Bootstrapping
In applications where input leakage currents are important,
trace guarding, such as used in sample and hold circuits,
can improve performance at no additional cost.



The guard conductor serves to intercept leakage currents
from inputs to the surrounding circuit. It is most effective
when it is driven to the same potential as the guarded cir-
cuit. Figures 9 and 10 show how the technique is imple-
mented in inverting and non-inverting configurations, re-
spectively.
One other benefit of input guarding is the reduction of input
stray capacitance effects. A comprehensive discussion of
this technique is described in Application Note AN-53.

TUH/7313-10
FIGURE 9. Guarding Inverting Figure Amplifier

TUH/7313-11

FIGURE 10. Guarding Non-Inverting
Unity Gain Amplifier

Input Capacitance Cancellation
The intrinsic input capacitance of the amplifier cannot be
totally eliminated by the input guarding technique. This input
capacitance introduces a pole in the amplifier response at
the frequency given by:

1
fp = 21TRSGIN (3)

This pole may become extremely important as, for example,
a GINof 5 pF (typical input capacitance of the LH0024 and
LH0032) with a 500n effective source resistance creates a
pole at about 64 MHz-well before the amplifier's natural
frequency response rolls off to unity gain at 70 MHz. If
closed-loop gain is unity, more than 1350 total phase lag is
introduced even before the crossover frequency is reached
and will destroy phase margin. Oscillation is certain to oc-
cur. The solution is to cancel its effect. As shown in Figure
11, the lead capacitor G1 across the feedback resistor is
used to introduce a zero in the loop response such that it
exactly cancels the pole caused by the input RG network.

TLIH/7313-13

FIGURE 11. Compensating Amplifier Input Capacitance



Ideally, the ratio of input capacitance CIN to lead capacitor
C1 should equal the closed·loop gain of the amplifier. Under
this condition, exact pole·zero cancellation is realized.

Note that Equation (3) dictates the use of source resistance
values less than 1 kO in circuits operating at or near unity
gain to keep fp greater than 70 MHz.

Frequency Compensation

High·performance wideband op amps such as the LH0024
and LH0032 require external frequency compensation, de-
pending on the closed· loop gain. Optimum AC performance
will be affected by a given circuit and its layout. Several
compensation techniques are recommended and the best
should be selected according to the particular application.
Each is discussed in the following sections.

Compensating the LH0024

Table II provides a guide to compensate the LH0024 at sev·
eral values of closed·loop gain. Figure 12 shows the basic
scheme.

INPUT I

TL/H/7313-14

FIGURE 12. LHOO24 Frequency Compensation Circuit

When operating with closed·loop gain of -1, C3 is required
and may need slight adjustment to completely cancel the
input capacitance of the device, typically 5 pF.

TABLE II

Closed-Loop Gain C1 C2 C3

100 0 0 0

20 0 0 0

10 0 20pF 1 pF

1 30pF 30pF 5pF

An alternate technique for compensation at a closed·loop
gain of 1 is to use an input RC lag compensation network as
shown in Figure 13.

With 1 kO resistor values in the circuit, Rc and Cc should be
820 and 0.047 ",F, respectively. The difficulty in using this
compensation is its involved calculation and experimenting
required in order to find the optimum Rc and Cc values if
resistors other than 1 kO are used when the above Rc and
Cc values are no longer valid and must be redetermined.
For this reason, optimum compensation is almost always
determined empirically, as were the values given.

TUH/7313-15

FIGURE 13. Input RC Lag Compensation Circuit

Compensating the LHOO32

With the LH0032, two compensation schemes may be used,
depending on the designer's specific needs.

The first technique is shown in Figure 14. It offers the best
0.1 % settling time for a ± 1OV square wave input. The com·
pensation capacitors Cc and CA should be selected from
Figure 15 for various closed·loop gains. Figure 16 shows
how the LH0032 frequency response is modified for differ·
ent value compensation capacitors.

Although this approach offers the shortest settling time, the
falling edge exhibits overshoot up to 30% lasting 200 to
300 ns. Figure 17 shows the typical pulse response.

INPUT I

TL/HI7313-18

FIGURE 14. LHOO32 Frequency Compensation Circuit
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FIGURE 15. Recommended Value of
Compensation Capacitor vs. Closed-Loop

Gain for Optimum settling Time
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FIGURE 16. The Effect of Various
Compensation Capacitors on LHOO32
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TUH17313-19

FIGURE 17. LHOO32 Unity Gain Non-Inverting
Large Signal Pulse Response:

TA = 25'C,Cc = 10pF,CA = 100pF

If obtaining minimum ringing at the falling edge is the pri-
mary objective, a slight modification to the above is recom-
mended. It is based on the same circuit as that of Figure 14.

The values of the unity gain compensation capacitors Cc
and CA should be modified to 5 pF and 1000 pF, respective-
ly. Figure 18 shows the suitable capacitance to use for vari-
ous closed-loop gains. The resulting unity gain pulse re-
sponse waveform is shown in Figure 19. The settling time to
1% final value is actually superior to the first method of
compensation. However, the LH0032 suffers slow settling
thereafter to 0.1 % accuracy at the falling edge, and nearly
four times as much at the rising edge, compared to the pre-
vious scheme. Note, however, that the falling edge ringing is
considerably reduced. Furthermore, the slew rate is consis-
tently superior using this compensation because of the
smaller value of Miller capacitance Cc required. Typical im-
provement is as much as 50%. A more detailed discussion
of this effect is provided in the Slew Response section of
this Application Note.

The second compensation scheme works well with both in-
verting or non-inverting modes. Figure 20 shows the circuit

TUHI7313-20

FIGURE 18. Recommended Value of
Compensation Capacitor vs. Closed-Loop

Gain for Optimum Slew Rate
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FIGURE 19. LHOO32 Unity Gain Non-Inverting
Large Signal Pulse Response:

Cc = 5pF,CA = 1000pF

schematic, in which a 2700 resistor and a 0.01 ,..F capacitor
are shunted across the inputs of the device. This lag com-
pensation introduces a zero in the loop modifying the re-
sponse such that adequate phase margin is preserved at
unity gain crossover frequency. Note that the circuit requires
no additional compensation.

TUH/7313-22
FIGURE 20. LHOO32 Non-Compensated

Unity Gain Compensation



Output Drive Capability

The LH0024 and LH0032 op amps are designed to deliver.
but not to exceed, ± 100 mA peak output current for dura-
tions under 1 ,..s at duty cycles under 1%.

The output drive capability of these op amps is limited pri-
marily by device power dissipation. Figure 21 shows the
maximum drive capabilities under various conditions. These
limits should be observed. Furthermore, the open loop gain
decreases slightly as a result of increased output loading.
For this reason. continuous output current should be kept
under 50 mA.
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FIGURE 21. Continuous Output Drive Capability

Capacitive Load Compensation

Capacitive loads cause increased phase shifts in such a
way that phase margin decreases toward an unstable state
and oscillating may result. The cure is to overcompensate
the op amp and to isolate the load with a series resistor
(100 to 2000) as shown in Agure 22. For example. an un-
terminated coaxial cable presents a capacitive load. Slight
overcompensation may be required to maintain stability.
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INPUT .

V+

100.. ~0.01,d'I~' HSC

~

OPAMPI ' •. ±,OUTPUT

+ *CL
..,..0.01,d'

V- *
FIGURE 22. Output Protection
when Driving Capacitive Load

Power Dissipation

A simple design rule that is often bent, if not broken, is that
relating to power dissipation. The limits for the LH0024 and
LH0032 are shown in Figure 23. Under no circumstances
should these guidelines be exceeded within the temperature
range specified. The total power dissipation can be easily
calculated from the following equation:

PTOlal = Po + POut (4)
Where: Po = the quiescent power at a given supply

voltage and current as specified by the data
sheet, and.

POut = the drive power dissipated in the device
output stage, computed as the net rms collec-
tor-emitter voltage of the output transistor times
the load current.

Determining power dissipation when driving a capacitive
load is more involved. The peak power required to charge or
discharge the load capacitor is:

P _ CLlA V)2 (5)
Peak - --t--

Where: AV = the change in voltage across CL.

t = Ipeak charging time into CL.

Over a full charge and discharge cycle, the power is directly
roportional to the frequency of the input pulse waveform. As
the pulse repetition frequency increases, so does power dis-
sipation.
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FIGURE 23. Maximum Power Dissipation



Short Circuit Protection

Since the LHOO24 and LHOO32 have no internal short circuit
protection, their relatively high drive capability can sustain
current levels sufficient to destroy the devices if high fre-
quency oscillation is induced. This can occur with a large
capacitance load. To design in protection, a current limiting
resistor Rsc should be inserted at the output of the amplifier
inside the feedback loop as shown in Figure 22. The value
of Rsc can be determined from the following equation:

V+
Rsc = - (6)

Isc
Where: V + is the power supply voltage.

Heat Sinking Considerations

Under severe environmental and electrical operating condi-
tions, a low thermal resistance heat sink should be used to
assure safe operation. The following is a list of heat sinks
from various sources recommended for the To-8 case style:

Thermalloy 2240A, 33"C/W

Wakefield 215CB, 3rrC/W

IERC, UP-TO 848CB, 15'C/W

Heat sinks for the To-5 case style are readily available from
many manufacturers. A reasonably priced clip-on unit from
Thermalloy, Model 2228B, offers modest thermal resistance
of 35'C/W.

case Grounding

Grounding the case of the device offers improved immunity
from circuit cross-talk, but it compromises additional stray
capacitance to every device pin (usually 1-2 pF). In the rare
situation where case grounding is required, slight recompen-
sation may be necessary. However, most applications are
not demanding enough to warrant its use.

There are several ways to strap, or ground the case. For the
LHOO32, the best approach is to solder a small metal wash-
er or a small piece of wire between the base of the device
metal can and the base of an unassigned lead post. Dedi-
cating pin 7 of the LH0032 for this purpose is recommend-
ed, although any other "no connection" pin is acceptable.
High temperature solder should be used to avoid solder re-
flow dUring normal assembly operations.

The LHOO24 has no unused pins available, and thus is not
readily adaptable to case strapping. An alternative approach
is to use an electrically conductive heatsink with a PC
board-mountable option, such as Thermalloy type 2230C-5.

In all usea of case grounding, be on the lookout for ground-
induced noise into the signal path. In short, be sure the
ground is a quiet ground.

Power Supply Bypasa

Power supply pins must be bypassed in all cases to prevent
oscillation. A 0.01 ILF to 0.1 ILF disc or monolithic ceramic
capacitor at each supply pin to ground is adequate. The
capacitors should be piaced no more than % inch from the
device pins.

Adjustment of Offset Voltages

When required, the offset voltage of the operational amplifi-
ers may be nulled using a balance potentiometer as shown
in Figure 24. The 1000 series resistors prevent any adverse
oscillation or malfunction when the pot is shorted to either
end of the adjustment range.

INPUT I
TUH/7313-28

FIGURE 24. Offset Voltage Adjustment

Slew Response Improvement

Slew rate is the internally limited maximum rate of rise, or
fall, at maximum amplifier output swing when driven by a
large signal step input. It is primarily limited by the operating
current of the input stage. When overdriven by a step fuc-
tion, the input stage operating current charges or discharg-
es the effective circuit capacitance of the second stage.
The rate of charge is:

dV = Iinput Stage
dt CNode

In the case of the LH0032, where Miller Compensation is
used, the external capacitance adds to the internal circuit
capacitance, resulting in reduced slew rate. Figure 25 illus-
trates this effect as a function of the capacitance value.
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FIGURE 25. LHOO32 Slew Rate vs. Frequency
Compensation Capacitance
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The LHOO24does not use Miller Compensation, so slew
rate is not compromised. Consequently, large signal fre-
quency response is significantly higher than that of the
LHOO32.
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FIGURE 26. LH0024 Slew Re.pon •• ,
Unity Gain Inverting Mode

TUH/7313-31
FIGURE 27. LH0032 Slew Response,

Unity Gain Inverting Mode, Standard Compen •• tton
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Settling TIme
Settling time is the time between the start of a step input to
the time it takes the output to settle to within a specified
error band of the final voltage. This parameter is heavily
influenced by the frequency compensation of the amplifier
(degree of damping). Undercompensation results in exces·
sive phase shift, overshoot and ringing, and therefore, a
long settling time. Equally poor performance results from
overcompensation, which yields an overdamped system,
slow decay and, again, a long settling time.
Expectedly, settling time is affected by the loop gain of the
amplifier. Figure 30 illustrates this effect for these two devic·
es.
One of the most demanding applications is driving a capaci·
tive load in a circuit such as a high speed sample-and·hold,
where accuracy and fast settling time are both important.
Because of the additional phase shift introduced by driving
the sampling capacitor, the LHOO32must be recompensat·
ed. Figure 31 presents the optimum compensation to obtain
fastest settling time under these conditions.

CONCLUSION
At first glance, the LH0024 and LH0032 seem harmless
enough. A more in·depth look reveals the challenges in ap-
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FIGURE 30. Settling Time va. Closed-Loop Gain

plying these high performance op amps. The ultimate capa-
bilities that can be extracted are a direct function of careful
engineering. With prudence, these devices are harmless in·
deed.
Application of these high performance amplifiers requires an
understanding of compensation and layout technique. With
the information presented in this note, the designer should
be able to enjoy the benefits of their superior capabilities.
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1.0 INTRODUCTION
Perhaps one of the more important application areas of digi-
tal signal processing (DSP) is the power spectral estimation
of periodic and random signals. Speech recognition prob-
lems use spectrum analysis as a preliminary measurement
to perform speech bandwidth reduction and further acoustic
processing. Sonar systems use sophisticated spectrum
analysis to locate submarines and surface vessels. Spectral
measurements in radar are used to obtain target location
and velocity information. The vast variety of measurements
spectrum analysis encompasses is perhaps limitless and it
will thus be the intent of this article to provide a brief and
fundamental introduction to the concepts of power spectral
estimation.

Since the estimation of power spectra is statistically based
and covers a variety of digital signal processing concepts,
this article attempts to provide sufficient background
through its contents and appendices to allow the discussion
to flow void of discontinuities. For those familiar with the
preliminary background and seeking a quick introduction
into spectral estimation, skipping to Sections 6.0 through
11.0 should suffice to fill their need. Finally, engineers seek-
ing a more rigorous development and newer techniques of
measuring power spectra should consult the excellent refer-
ences listed in Appendix D and current technical society
publications.
As a brief summary and quick lookup, refer to the Table of
Contents of this article.

Section Description
1.0 Introduction
2.0 What is a Spectrum?
3.0 Energy and Power
4.0 Random Signals
5.0 Fundamental Principles of Estimation Theory
6.0 The Periodogram
7.0 Spectral Estimation by Averaging Periodograms
8.0 Windows
9.0 Spectral Estimation by Using Windows to

Smooth a Single Periodogram
10.0 Spectral Estimation by Averaging

Modified Periodograms
11.0 Procedures for Power Spectral Density Estimates
12.0 Resolution
13.0 Chi-Square Distributions
14.0 Conclusion
15.0 Acknowledgements

AppendixA Description
A.O Concepts of Probability, Random Variables and

Stochastic Processes
A.1 Definitions of Probability
A.2 Joint Probability
A.3 Conditional Probability
A.4 Probability Density Function (pdt)
A.5 Cumulative Distribution Function (cdt)
A.6 Mean Values, Variances and Standard Deviation
A.7 Functions of Two Jointly Distributed Random

Variables
A.8 Joint Cumulative Distribution Function
A.9 Joint Probability Density Function

A.10 Statistical Independence
A.11 Marginal Distribution and Marginal Density Functions
A.12 Terminology: Deterministic, Stationary, Ergodic
A.13 Joint Moments
A.14 Correlation Functions
Appendices

B. Interchanging Time Integration and Expectations
C. Convolution
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any other system, has a unique spectrum associated with it.

In electronics, the phenomena are dealt with in terms of
signals, represented as fixed or varying electrical quantities
of voltage, current and power. These quantities are typically
described in the time domain and for every function of time,
f(t), an equivalent frequency domain function F(Cd) can ~
found that specifically describes the frequency-component
content (frequency spectrum) required to generate f(t). A
study of relationships between the time domain and its cor-
responding frequency domain representation is the subject
of Fourier analysis and Fourier transforms.

The forward Fourier transform, time to frequency domain, of
the function x(t) is defined

F[x(t)) = f~oo x(t)ciOltdt = X(Cd) (1)

(For an in-depth study of the Fourier integral see reference
19.) Though these expressions are in themselves self-ex-
planatory, a short illustrative example will be presented to
aid in relating the two domains.

If an arbitrary time function representation of a periodic
electrical signal, f(t), were plotted versus time as shown in
Figure 1, its Fourier transform would indicate a spectral con-
tent consisting of a DC component, a fundamental frequen-
cy component Cdo,a fifth harmonic component 5Cdo and a
ninth harmonic component 9Cdo (see Figure 2). It is illustra-
tively seen in Figure 3 that the superposition of these fre-
quency components, in fact, yields the original time function
f(t).
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FIGURE 2. Spectral Composition or
Spectrum F( Cd) or f(t)



3.0 ENERGY AND POWER
In the previous section, time and frequency domain signal
functions were related through the use of Fourier trans-
forms. Again, the same relationship will be made in this sec-
tion but the emphasis will pertain to signal power and ener-
gy.
Parseval's theorem relates the representation of energy,
w(t), in the time domain to the frequency domain by the
statement

w(t) = f:""f1(t)f2(t)dt = f:""Fl(f)F2(f)df (3)

where f(t) is an arbitrary signal varying as a function of time
and F(t) its equivalent Fourier transform representation in
the frequency domain.
The proof of this is simply

f:"" fl(t)f2(t)dt = f:"" fl(t)f2(t)dt (4a)

Letting Fl(f) be the Fourier transform of fl(t)

f:"" fl(t)f2(t)dt = f:"" [f:"" Fl(f)£i21Tfldf]f2(t)dt (4b)

= f:"" [Fl(f) f:"" Ei21Tfldf]f2(t)dt (4c)

Rearranging the integrand gives

f:""f1(t)f2(t)dt = f:""Fl(f)[f:""f2(t)£i21Tfldt] df (4d)

and the factor in the brackets is seen to be F2(- f) (where
F2(-f) = F2' (f) the conjugate of F2(f) so that

f:""f1(t)f2(t) dt = f:"" Fl(f)F2(-f) df (4e)

A corollary to this theorem is the condition fl (t) = f2(t) then
F(-f) = F'(f), the complex conjugate of F(f), and

w(t) = f: ""f2(t) dt = f: ""F(f)F'(f) df (Sa)

= f:"" IF(f)12df (5b)
This simply says that the total energyt in a signal f(t) is
equa! to the area under the square of the magnitude of its
Fourier transform. IF(f)12is typically called the energy densi-
ty, spectral density, or power spectral density function and
IF(f)12dfdescribes the density of signal energy contained in
the differential frequency band from f to f + dF.
In many electrical engineering applications, the instanta-
neous signal power is desired and is generally assumed to
be equal to the square of the signal amplitudes i.e., f2(t).
tRecall the energy storage elemenls

d;
Inductor v - L di

o>(t)= (T vidl- IT L~idt - II Lid! - !U2Jo 0 dt 0 2

capacitor i = c ~
dt

0>(1)- (T vidl = IT vc~dt = IV cvdv - !cv2Jo 0 dt 0 2

This is only true, however, assuming that the signal in the
system is impressed across a 1n resistor. It is realized, for
example, that if f(t) is a voltage (current) signal applied
across a system resistance R, its true instantaneous power
would be expressed as [f(t)]2/R (or for current (f(t)]2R)
thus, (f(t)]2 is the true power only if R = 1n.
So for the general case, power is always proportional to the
square of the signal amplitude varied by a proportionality
constant R, the impedance level in a circuit. In practice,
however, it is undesirable to carry extra constants in the
computation and customarily for signal analysis, one as-
sumes signal measurement across a 1n resistor. This al-
lows units of power to be expressed as the square of the
signal amplitudes and the units of energy measured as
volts2-second (amperes2-second).
For periodic signals, equation (5) can be used to define the
average power, Pavg,over a time interval t2 to tl by integrat-
ing [f(t)]2 from tl to t2 and then obtaining the average after
diVidingthe result by t2 - tl or

1 fl
2Pavg= -- f2(t) dt

t2 - tl I,

= .!. (' f2(t) dt (6b)
TJo

where T is the period of the signal.
Having established the definitions of this section, energy
can now be expressed in terms of power, P(t),

w(t) = f: ""(f(t)]2 dt (7a)

= f: ""P(t) dt (7b)

with power being the time rate of change of energy

P(t) = dw(t) (8)
dt

As a final clarifying note, again, IF(f)12and P(t), as used in
equations (7b) and (8), are commonly called throughout the
technical literature, energy density, spectral density, or pow-
er spectral density functions, PSD. Further, PSD may be
interpreted as the average power associated with a band-
width of one hertz centered at f hertz.

4.0 RANDOM SIGNALS
It was made apparent in previous sections that the use of
Fourier transforms for analysis of linear systems is wide-
spread and frequently leads to a saving in labor.
In view of using frequency domain methods for system anal-
ysis, it is natural to ask if the same methods are still applica-
ble when considering a random signal system input. As will
be seen shortly, with some modification, they will still be
useful and the modified methods offer essentially the same
advantages in dealing with random signals as with nonran-
dom signals.
It is appropriate to ask if the Fourier transform may be used
for the analysis of any random sample function. Without
proof, two reasons can be discussed which make the trans-
form equations (1) and (2) invalid.



Firstly, X(w) is a random variable since, for any fixed w,
each sample would be represented by a different value of
the ensemble of possible sample functions. Hence, it is not
a frequency representation of the process but only of one
member of the process. It might still be possible, however,
to use this function by finding its mean or expected value
over the ensemble except that the second reason netages
this approach. The second reason for not using the X(w) of
equations (1) and (2) is that, for stationary processes, it al-
most never exists. As a matter of fact, one of the conditions
for a time function to be Fourier transformable is that it be
integrable so that,

J: 00 Ix(t)1dt < 00 (9)

A sample from a stationary random process can never satis-
fy this condition (with the exception of generalized functions
inclusive of impulses and so forth) by the argument that if a
signal has nonzero power, then it has infinite energy and if it
has finite energy then it has zero power (average power).
Shortly, it will be seen that the class of functions having no
Fourier integral, due to equation (9), but whose average
power is finite can be described by statistical means.
Assuming x(t) to be a sample function from a stochastic
process, a truncated version of the function XT(t)is defined
as

{
X(t)

XT(t) = 0
It I :s: T
It I> T

This truncated function is defined so that the Fourier trans-
form of XT(t) can be taken. If x(t) is a power signal, then
recall that the transform of such a signal is not defined

J: 00 Ix(t)1dt notless than 00 (12)

J:OO/xT(t)/ dt < 00 (13)

The Fourier transform pair of the truncated function XT(t)
can thus be taken using equations (1) and (2). Since x(t) is a
power signal, there must be a power spectral density func-
tion associated with it and the total area under this density
must be the average power despite the fact that x(t) is non-
Fourier transformable.
Restating equation (5) using the truncated function XT(t)

J: 00 x~(t) dt = J: 00 IXT(t)!2df (14)

and dividing both sides by 2T

2~ J: 00 x~(t) dt = 2~ J: )XT(t)12 df (15)

gives the left side of equation (15) the physical significance
of being proportional to the average power of the sample
function in the time interval - T to T. This assumes XT(t)is a
voltage (current) associated with a resistance. More pre-
cisely, it is the square of the effective value of xT(t)

and for an ergodic process approaches the mean-square
value of the process as T approaches infinity.
At this particular point, however, the limit as T approaches
infinity cannot be taken since XT(t) is non-existent in the
limit. Recall, though, that XT(t) is a random variable with
respect to the ensemble of sample functions from which x(t)
was taken. The limit of the expected value of

1
2TIXT(t)12

can be reasonably assumed to exist since its integral, equa-
tion (15), is always positive and certainly does exist. If the
expectations E( l. of both sides of equation (15) are taken

E L~J:oo x~(t) dt} = E L~J:oo IXT(t)12df} (16)

then interchanging the integration and expectation and at
the same time taking the limit as T -+ 00

lim -2...Joo ;2 (t) dt =lim (17)
T-+ 00 2T -00 T-+ 00

-2...Joo EllxT(t)12Jdf
2T -00

< ;2(t) > = Joo lim EllxT(t)12j df (18)
-00 T-+ 00 2T

where x2 (t) is defined as the mean-square value ( de-
notes ensemble averaging and < > denotes time averag-
ing).
For stationary processes, the time average of the mean-
square value is equal to the mean-square value so that
equation (18) can be restated as

2(t)=Joo lim EIIXT(t)12Idf (19)
x -00 T-+ 00 2T

The integrand of the right side of equation (19), similar to
equation (5b), is called the energy density spectrum or pow-
er spectral density function of a random process and will be
designated by S(t) where

S(t) = lim E(XT(t)12j
T-+ 00 2T

Recall that letting T -+ 00 is not possible before taking the
expectation.
Similar to the argument in Section III, the physical interpre-
tation of power spectral density can be thought of in terms
of average power. If x(t) is a voltage (current) associated
with a 1!l resistance, )(2(t) is just the average power dissi-
pated in that resistor and S(t) can be interpreted as the
average power associated with a bandwidth of one hertz
centered at f hertz.
S(t) has the units volts2-second and its integral, equation
(19), leads to the mean square value hence,

;2 (t) = J:oo S(t) df (21)



Having made the tie between the power spectral density
function S(t) and statistics, an important theorem in power
spectral estimation can now be developed.

Using equation (20) and recalling that XT(t) is the Fourier
transform of XT(t), assuming a nonstationary process.

S(t) = Iim E[IXT(t)121
T-+ 00 2T

S(t) = ~m-+ 00 2~E {f:oo XT(t1)E
j
"'11 dt1

f: 00 XT(t2)E
j
"'12 dt2 }

Note that IXT(t)12 = XT(t)XT( -t) and that in order to distin-
guish the variables of integration when equation (23) is re-
manipulated the subscripts of t1 and t2 have been intro-
duced. So, (see Appendix B)

lim {1S(t) =T -+ 00 2T (24)

E [f:00 d12f: 00 E-j",(12-t1)XT(t1)XT(t2) dt1 ]}

r { 1 foo foo= Tlm~ 00 - dt2 E[XT(t1)XT(t2)) (25)~ 2T -00 -00

E-j",(t2-t1) dt1}

Finally, the expectation E[XT(t1)XT(t2l! is recognized as the
autocorrelation. Rxx(t1, t2l (Appendix A.14) function of the
truncated process where

E[XT(t1)XT(t2)! = Rxx(t1. t2)

=0
I t1 1.1t21 s: T
everywhere else.

SUbstituting

t2 - t1 = T

d12 = dT
equation (25) next becomes

I, 1 fooS(t)= 1m - dT
T-+ 00 2T -00

(T Rxx(t1,t1+T)cj"'TdtJ -T
or

{ [fOO r 1
S(t) = -00 +m-+ 00 2T

fT Rxx(t1.t1 +T) dt1 ]E-j"'t}dT

We see then that the special density is the Fourier transform
of the time average of the autocorrelation function, The rela-
tionship of equation (29) is valid for a nonstationary process.

For the stationary process, the autocorrelation function is
independent of time and therefore

<Rxx(t1.t1,+T» = Rxx(T) (30)

From this it follows that the spectral density of a stationary
random process is just the Fourier transform of the auto-
correlation function where

S(t) = f: 00 Rxx(T)Cj",t dT (31)

Rxx(T) = f: 00 S(t)d",t df (32)

are described as the Wiener-Khintchine theorem.

The Wiener-Khintchine relation is of fundamental impor-
tance in analyzing random signals since it provides a link
between the time domain [correlation function, Rxx(T)) and
the frequency domain [spectral density, S(f)]. Note that the
uniqueness is in fact the Fourier transformability. It follows,
then, for a stationary random process that the autocorrela-
tion function is the inverse transform of the spectral density
function. For the nonstationary process. however, the auto-
correlation function cannot be recovered from the spectral
density. Only the time average of the correlation is recover-
able, equation (29).

Having completed this section, the path has now been
paved for a discussion on the techniques used in power
spectral estimation.

5.0 FUNDAMENTAL PRINCIPLES OF
ESTIMATION THEORY

When characterizing or modeling a random variable, esti-
mates of its statistical parameters must be made since the
data taken is a finite sample sequence of the random proc-
ess.

Assume a random sequence x(n) from the set of random
variables IxnJ to be a realization of an ergodic random
process (random for which ensemble or probability aver-
ages, E[ J. are equivalent to time averages, < » where for
all n.

m = E [xn! = f: 00 xlx(x) dx (33)

Assuming further that the estimate of the desired averages
of the random variables [xnl from a finite segment of the
sequence, x(n) for 0 s: n s: N - 1, to be

N
lim 1 ~

m = <xn> = N -+ 00 2N + 1 £J xn
n ~ -N

N

m = <x(n» = ~m-+ 00 2N ~ 1 L x(n)

n = -N
Since equation (35) is a precise representation of the mean
value in the limit as N approaches infinity then

N-1
• 1 ~
m= N £J x(n)

n = 0



penalns to me al:love situations IS called estimation rneory.

Having discussed an elementary statistical estimate, a few
common properties used to characterize the estimator will
next be defined. These properties are bias. variance and
consistency.

Bias
The difference between the mean or expected value E[~) of
an estimate ~ and its true value '1'/is called the bias.

bias=B.;, ='I'/-E[~) (37)

Thus, if the mean of an estimate is equal to the true value, it
is considered to be unbiased and having a bias value equal
to zero.

Variance
The variance of an estimator effectively measures the width
of the probability density (Appendix A.4) and is defined as

O'~E= [(~ - E[~))2] (38)

A good estimator should have a small variance in addition to
having a small bias suggesting that the probability density
function is concentrated about its mean value. The mean
square error associated with this estimator is defined as

mean square error = E[ (~ - '1'/)2]= O'~ + B~ (39)

Consistency
If the bias and variance both tend to zero as the limit tends
to infinity or the number of observations become large, the
estimator is said to be consistent. Thus,

lim 0'2 = 0 (40)N-+oo .;,

~m-+00 B.;, = 0 (41)

This implies that the estimator converges in probability to
the true value of the quantity being estimated as N becomes
infinite.
In using estimates the mean value estimate of mx, for a
Gaussian random process is the sample mean defined as

N-1

A 1"mX=N~Xj
i ~ 0

the mean square value is computed as
N-1 N-l

E[m~) = ~2 L L E[XiXj)
j ~O j ~ 0

N-l ]
j~ E[xj)eE[xj) (44)

I~J

1 2 N - 1
= NE[xn)+ (mxl2 -N-

thus allowing the variance to be stated as
2 A AO'rh = E[(mx)2)- (E[mxJl2

x

1 2 2 N-1 A

= N E[xn) + (mx)-N- - (E[mxJl2

1 2 2 N-1 2
= N E[xn) + (mx) -N- -mx

2
= O"x

N
This says that as the number of observations N increase,
the variance of the sample mean decreases, and since the
bias is zero, the sample mean is a consistent estimator.
If the variance is to '>e estimated and the mean value is a
known then

A 2 1
O'x = N

N-1L (Xi - m,J2
i = 0

this estimator is consistent.
If, further, the mean and the variance are to be estimated
then the sample variance is defined as

N-1

A2 1" AO'x = N ~ (Xi - m,J2
i = 0

again mx is the sample mean.
The only difference between the two cases is that equation
(52) uses the true value of the mean, whereas equation (53)
uses the estimate of the mean. Since equation (53) uses an
estimator the bias can be examined by computing the ex-
pected value of ~~ therefore,

N-1

A2 1" AE[O'xl = N ~ (E[Xi) - E[mx))2
i ~ 0



~Z E[x~]- ~2 (~E[X~] +

I; ~ WJo,O/ ) + ~,(~

i"'j

N-1 N-1 )

E[x~] + ~ j~ E[Xi]eE[xj]

1 ( 2) 2 [2 2]= N NeE[xd - N2 NeE[xd + N(N - 1)mx

+ ~2 [NeE[X~] + N(N - 1)m~]

= ~ (NeE[X~]) - ~~ (E[X~]) - 2N(~2- 1) m~

N 2 N(N - 1) 2
+ N2E[xi] +~mx

1 ( 2) 2 2 2(N - 1) 2
= N NeE [Xi ] - N (E[Xi]) - --N- mx

+ .!.E[x2] + (N -1)m2
N I N x

1 2 1 2 (N - 1) 2
= N (N - E[xd) - N (E[xd) - --N- mx

= (N ~ 1) (E[x~]) _ (N ~ 1) m~

(N - 1) 2
=--N-crx

It is apparent from equation (63) that the mean value of the
sample variance does not equal the variance and is thus
biased. Note, however, for large N the mean of the sample
variance asymptotically approaches the variance and the
estimate virtually becomes unbiased. Next, to check for
consistency, we will proceed to determine the variance of
the estimate sample variance. For ease of understanding,
assume that the process is zero mean, then letting

N-1
'2 1 ~ 2

ljI = crx = N £.J Xi

i ~ 0

N N
E[ljI2] = ~2 L L E[x~x~] (65)

j ~ 1 k ~ 1

= ~2 [NE[X~] + N(N - 1) (E[X~])2] (66)

= ~ [ E[x~] + (N - 1)(E[x~])2 ]

so finally

var[~~] = E[ljI2] - (E[ljI])2 (69)

= ~ [ E[x~] - (E[x~]2 ] (70)

Re-examining equations (63) and (70) as N becomes large
clearly indicates that the sample variance is a consistent
estimate. Qualitatively speaking, the accuracy of this esti-
mate depends upon the number of samples considered in
the estimate. Note also that the procedures employed
above typify the style of analysis used to characterize esti-
mators.

6.0 THE PERIODOGRAM
The first method defines the sampled version of the Wiener-
Khintchine relation, equations (31) and (32), where the pow-
er spectral density estimate SNxx(f) is the discrete Fourier
transform of the autocorre~tion estimate RNxx(k) or

SNxx(f) = L RNxx(k) cjwkT (71)

k~-oo
This assumes that x(n) is a discrete time random process
with an autocorrelation function RNxx(k).

For a finite sequence of data

{
xn for n = 0, 1, ... , N-1

x(n) = 0 elsewhere

called a rectangular data window, the sample autocorrela-
tion function (sampled form of equation A.14-9)

RNxx(k) = ~ L x(n)x(n + k)

n=-oo
can be substituted into equation (71) to give the spectral
density estimate

called the periodogram.

(
Note.IXN(f)12 = XN(f)XN'(f) ~ XN2(f),eal + XN2(f)imag

. N N N

= F [ RNxx(k)] = F [E[X(n)X(n + k)]]).

SNxx(f) = L RNxx(k) ciwkT

k = - co

k% 00 [~ n % 00 x(n)X(n+k)] .-jwkT



so letting 1 = Ej",nT E-j",nT

SNXX(I) = ~ C too x(n)Ei",nT (77)

k too x(n + k) el",(n + k)T)

and allowing the variable m = n + k

in which the Fourier transform of the signal is
00

XN(I) = L x(n) ej",nT

n=-oo
The current discussion leads one to believe that the perio-
dogram is an excellent estimator of the true power spectral
density S(I) as N becomes large. This conclusion is false
and shortly it will be verified that the periodogram is, in fact,
a poor estimate of S(I). To do this, both the expected value
and variance of SNxx(1) will be checked for consistency as N
becomes large. As a side comment it is generally faster to
determine the power spectral density, SNXl\(I), of the ran-
dom process using equation (74) and then Inverse Fourier
transforming to find RNx.x(k) than to obtain RNxx(k) directly.
Further, since the perioClogram is seen to be the magnitude
squared of the Fourier transformed data divided by N, the
power spectral density of the random process is unrelated
to the angle of the complex Fourier transform XN(I) of a
typical realization.

Prior to checking for the consistency of SNx.x(I), the sample
autocorrelation must initially be found consistent. Proceed-
ing, since the sample autocorrelation estimate

RNxx(k) = (80)

x(0)x(k)+x(1)x(lkl + 1)+ ... +x(N-1-lkl)x(N-1)

N

N-l-Ikl

=~ L x(n)x(n+lkl) (81)

n=O

k = 0, ± 1, ± 2, ... , ± N - 1
which averages together all possible products of samples
separated by a lag of k, then, the mean value of the esti-
mate is related to the true autocorrelation function by

(

N-l-Ikl )

E[RNxx(k») = ~ 6 E[x(n)x(n+ Ikl»)

= N -lkIR(k)
N

where the true autocorrelation function R(k) is defined as
(the sample equivalent of equation A.14-8)

R(k) = E[x(n)x(n + k») (83)

From equation (82) it is observed that RNxx(k) is a biased
estimator. It is also considered to be asymptotically unbi-
ased since the term

N -Ikl
N

approaches 1 as N becomes large. From these observa-
tions RNxx(k) can be classified as a good estimator of R(k).

In addition to having a small bias, a good estimator should
also have a small variance. The variance of the sample au-
tocorrelation function can thus be computed as

var[RNxx(k») = E[R~",(k») - E2[RNxx(k») (84)

Examining the E[RNlQ\(kll term of equation (84), substituting
the estimate of equation (81) and replacing n with m, it fol-

:~:.)] ~ E {[ ~ NI'"~o), Co+ ",)]

[(t'~m",m+ ,.,)]} (85)

1 (N - 1 - Ikl N - 1 - Ikl

=N2 L L (86)
n=O m=O

E[x(n)x(n + Ikl)x(m)x(m + Iklll )

If the statistical assumption that x(n) is a zero-mean Gauss-
ian process, then the zero-mean, jointly Gaussian, random
variables symbolized as Xl, X2, Xa and X4 of equation (86)
can be described as [Ref. (30»).

E[X1X2XaX4) = E[X1X2) E[XaX4) + E[X1Xa] E[X2X4)
+ E[X1X41 E[X2Xa) (87)

= [ E[x(n) x(n + Iklll E[x(m) x(m + Ikl»)

+ E[x(n)x(m»)E[x(n + Ikl)x(m + Ikl) ] (88)

+ E[x(n) x(m + Ikl») E[x(n + Ikl) x(mll

Using equation (88), equation (84) becomes

{

N - 1 - Ikl N - 1 - Ikl

Var[RNxx(k») = ~2 n~ .&0
RNxx(k)RNxx(k) + RNxx (n - m) RNxx(n - m)

+ RNxx (n - m - Ikl) RNxx (n - m + Ikl) }

-[~6RNxx(k)]2

N - 1 - Ikl N - 1 - Ikl {

Var[RNxx(kll = ~2 L L R~",(n - m)

n = 0 m = 0 (90)

+ RNxx(n - m- k)RNxx (n - m + Ikl)}



where the lag term n - m was obtained from the lag differ-
ence between T = n - m = (n + k) - (m + k) in the
second term of equation (88). The lag term n - k + m and
n - k - m was obtained by referencing the third term in
equation (88) to n, therefore for

E[x(n) x(m + Ikl») (91)
the lag term T = n - (m + Ikl) so

E[x(n) x(m + Ikl») ,;, RNxx(n- m + Ikl) (92)

E[x(n + Ikl) x(m») (93)
first let n - m then add Ikl so T = n - m + Ikl and

E[x(n + Ikl) x(m») = RNxx(n- m + Ikl) (94)
Recall that a sufficient condition for an estimator to be con-
sistent is that its bias and variance both converge to zero as
N becomes infinite. This essentially says that an estimator is
consistent if it converges in probability to the true value of
the quantity being estimated as N approaches infinity.
Re-examining equation (90), the variance of RN (k), and
equation (82), the expected value of RNxx(k),it is round that
both equations tend toward zero for large N and therefore
RNxx(k)is considered as a consistent estimator of R(k) for
fixed finite k in practical applications.
Having established that the autocorrelation estimate is con-
sistent, we return to the question of the periodogram con-
sistency.
At first glance, it might seem obvious that 5Nxx(f) should
inherit the asymptotically unbiased and consistent proper-
ties of RNxx(k),of which it is a Fourier transform. Unfortu-
nately, however, it will be shown that 5Nxx(f) does not pos-
sess these nice statistical properites.
Going back to the power spectral density of equation (71).

5Nxx(f) = L RNxx(k)ci",kT
k = -00

and determining its expected value

E[5Nxx(f)) = L E[RNxx(k»)ci",kT (95)
k=-oo

the substitution of equation (82) into equation (95) yields the
mean value estimate

N

E[5Nxx(f)) = L R(k) (1 - I~I) d",kT (96)
K=-N

the (1 - I~I )

term of equation (96) can be interpreted as a(k), the triangu-
lar window resulting from the autocorrelation of finite-se-
quence rectangular-data window w(k) of equation (72).
Thus,

a(k) = { 1 -0 I~I Ikl < N - 1 (97a)
elsewhere (97b)

and the expected value of the periodogram can be written
as the finite sum

E[5Nxx(f)) = L RNxx(k)a(k) ci",kT (98)
k=-oo

Note from equation (98) that the periodogram mean is the
discrete Fourier transform of a product of the true auto-
correlation function and a triangular window function. This
frequency function can be expressed entirely in the frequen-
cy domain by the convolution integral. From equation (98),
then, the convolution expression for the mean power spec-
tral density is thus,

E[5Nxx(f)) = J 'I. 5(1) A(f - 1) d1)-Yz
where the general frequency expression for the transformed
triangular window function A(f) is

[

sin (21Tf)!::!]2

A(f) - ~ . (21Tf)2 (100)
slO-2-

Re-examining equation (98) or (96) it can be said that equa-
tion (71) or (74) gives an asymptotically unbiased estimate
of 5(f) with the distorting effects of a(k) vanishing as N
tends toward infinity. At this point equation (98) still appears
as a good estimate of the power spectral density function.
For the variance var [5Nxx(f)) however, it can be shown
[Ref. (10») that if the data sequence x(n) comes from a
Gaussian process then the variance of 5Nxx(f) approaches
the square of the true spectrum, 52(f), at each frequency f.
Hence, the variance is not small for increasing N,

~m_ 00 var[5Nxx(f)) = 52(f) (101)

More clearly, if the ratio of mean to standard deviation is
used as a kind of signal-to-noise ratio, i.e.

E[5Nxx(f)) 5(f)
----- e<- = 1 (102)
(var[5Nxx(f))) Yz 5(f)

it can be seen that the true signal spectrum is only as large
as the noise or uncertainty in 5Nxx(f) for increasing N. In
addition, the variance of equation (101), which also is ap-
proximately applicable for non-Gaussian sequences, indi-
cates that calculations using different sets of N samples
from the same x(n) process will yield vastly different values
of 5NXl\(f)even when N becomes large. Unfortunately, since
the vanance of 5Nxx(f) does not decrease to zero as N ap-
proaches infinity, the periodogram is thus an inconsistent
estimate of the power spectral density and cannot be used
for spectrum analysis in its present form.

7.0 SPECTRAL ESTIMATION BY
AVERAGING PERIODOGRAMS
It was shown in the last section that the periodogram was
not a consistent estimate of the power spectral density



eSllmales oy averaging lDgeIner several Inaepenaent peno-
dagrams. If, for example X" X2, X3, ... , XLare uncorrelated
random variables having an expected value E[x) and a vari-
ance (T2, then the arithmetic mean

X, + X2 + X3 + ... + XL
L (103)

has the expected value E[x) and a variance of (T21 L. This
fact suggests that a spectral estimator can have its variance
reduced by a factor of L over the periodogram. The proce-
dure requires the observed process, an N point data se-
quence, to be split up into L nonoverlapping M point sec-
tions and then averaging the periodagrams of each individu-
al section.
To be more specific, dividing an N point data sequence x(n),
o ,;; n ,;; N - 1, into L segments of M samples each the
segments X~ (n) are formed. Thus,

x~(f) = x(n + ! M _ M) {o,;; n ,;; M - 1 (104)
1 ,;; ! ,;;L

where the superscript ! specifies the segment or interval of
data being observed, the subscript M represents the num-
ber of data points or samples per segment and depending
upon the choice of Land M, we have N ;;, LM. For the
computation of L periodograms

S~(f) = I~~~x~(n) ciwn+ 1,;;!,;;L (105)

If the autocorrelation function RNxx(m)becomes negligible
for m large relative to M, m > M, then it can be said that the
periodograms of the separate sections are virtually indepen-
dent of one another. The corresponding averaged periodo-

gram estimator S~(f) computed from L individual periodo-
grams of length M is thus defined

L
'I 1 ~ 1SM(f) = i: £J SM(f) (106)

I = 1
Since the L subsidiary estimates are identically distributed
periodograms, the averaged spectral estimate will have the
same mean or expected value as any of the subsidiary esti-
mates so

L

'I 1 ~ 1E[SM(f)) = i: £J E[SM(f))
I = 1

= E[S~(f))

From this, the expected value of the Bartlett estimate can
be said to be the convolution of the true spectral density
with the Fourier transform of the triangular window function
corresponding to the M sample periodogram where M,;;NIL
equations (98) or (99) we see that

'I 1 1f%E[SM(f») = E[SM(f») = - S('l'/)A(f - 'l'/)d'l'/
M -%

penaent random vanabies IS 1/ L ot the indiVidualvariances,
equation (51). Thus, for L statistically independent periodo-
grams, the variance of the averaged estimate is

, 1 1 1
var[SM(f)) = i:var[SNxx(f)) "" i: [S(I)]2 (110)

So, again, the averaging of L periodagrams results in ap-
proximately a factor of L reduction in power spectral density
estimation variance. Since the variance of equation (110)
tends to zero as L approaches infinity and through equation
(98) and (99) S~(f) is asymptotically unbiased, S~(I) can be
said to be a consistent estimate of the true spectrum.
A few notes are next in order. First, the L fold variance
reduction or (L)% signal-to-noise ratio improvement of equa-
tion (102) is not precisely accurate since there is some de-
pendence between the subsidiary periodograms. The adja-
cent samples will correlated unless the process being ana-
lyzed is white.
However, as indicated in equation (110), such a depen-
dence will be small when there are many sample intervals
per periodagram so that the reduced variance is still a good
approximation. Secondly, the bias of S~(f), equation (106),
is greater than S~(I), equation (105), since the main lobe of
the spectral window is larger for the former. For this situa-
tion, then, the bias can be thought of as effecting spectral
resolution. It is seen that increasing the number of periodo-
grams for a fixed record length N decreases not only the
variance but, the samples per periodograms M decrease
also. This decreases the spectral resolution. Thus when us-
ing the Bartlett procedure the actual choice of M and N will
typically be selected from prior knowledge of a signal or
data sequence under consideration. The tradeoff, however,
will be between the spectral resolution of bias and the vari-
ance of the estimate.

8.0 WINDOWS

Prior to looking at other techniques of spectrum estimation,
we find that to this point the subject of spectral windows has
been brought up several times during the course of our dis-
cussion. No elaboration, however, has been spent explain-
ing their spectral effects and meaning. It is thus appropriate
at this juncture to diverge for a short while to develop a
fundamental understanding of windows and their spectral
implications prior to the discussion of Sections 9 and 10 (for
an in depth study of windows see Windows, Harmonic Anal-
ysis and the Discrete Fourier Transform; Frederic J. Harris;
submitted to IEEE Proceedings, August 1976).
In most applications it is desirable to taper a finite length
data sequence at each end to enhance certain characteris-
tics of the spectral estimate. The process of terminating a
sequence after a finite number of terms can be thought of
as multiplying an infinite length, i.e., impulse response se-
quence by a finite width window function. In other words, the
window function determines how much of the original im-
pulse sequence can be observed through this window,



see Fl{}ures 48. 4b. and 4c. This tapering by mulitiplying the
sequence by a data window is thus analogous to multiplying
the correlation function by a lag window. In addition, since
mUltiplication in the time domain is equivalent to convolution
in the frequency domain then it is also analogous to con·
volving the Fourier transform of a finite-length-sequence
with the Fourier transform of the window function, Figures
4d, 4e. and 4f. Note also that the Fourier transform of the
rectangular window function exhibits significant oscillations
and poor high frequency convergence, Agure 4e. Thus,
when convolving this spectrum with a desired amplitude
function, poor convergence of the resulting amplitude re-
sponse may occur. This calls for investigating the use of
other possible window functions that minimize some of the
difficulties encountered with rectangular function..,---ili-,

FIGURE 4
In order for the spectrum of a window function to have mini-
mal effects upon the desired amplitude response, resulting
from convolving two functions, it is necessary that the win·
dow spectrum approximate an impulse function. This im-
plies that as much of its energy as possible should be con-
centrated at the center of the spectrum. Clearly, an ideal
impulse spectrum is not feasible since this requires an infi-
nitely long window.

In general terms, the spectrum of a window function typical-
ly consists of a main lobe, representing the center of the
spectrum. and various side lobes, located on either side of
the main lobe (see Figures 6 thru !l). It is desired that the
window function satisfy two criteria; (1) that the main lobe
should be as narrow as possible and (2) relative to the

main lobe, the maximum side lobe level should be as small
as possible. Unfortunately, however, both conditions cannot
be simultaneously optimized so that, in practice, usable win-
dow functions represent a suitable compromise between
the two criteria. A window function in which minimization of
the main lobe width is the primary objective, fields a finer
frequency resolution but suffers from some oscillations, i.e.,
the spectrum passband and substantial ripple in the spec-
trum stopband. Coversely, a window function in which mini-
mization of the side lobe level is of primary concern tends to
have a smoother amplitude response and very low ripple in
the stopband but, yields a much poorer frequency resolu-
tion. Examining Figure 5 assume a hypothetical impulse reo
sponse, Figure 5a, whose spectrum is Figure 5b. Multiplying
the impulse response by the rectangular window, Figure 4b,
yields the windowed impulse response, Figure 5c, implying
the convolution of the window spectrum, Figure 4e, with the
impulse response spectrum, Figure 5b. The result of this
convolution is seen in Figure 5d and is a distorted version of
the ideal spectrum, Figure 5b, having passband oscillations
and stopband ripple. Selecting another window, i.e., Figure
9 with more desirable spectral characteristics, we see the
appropriately modified windowed data, Figure 5e, results in
a very good approximation of Figure 5b.

This characteristically provides a smoother passband and
lower stopband ripple level but sacrifices the sharpness of
the roll-off rate inherent in the use of a rectangular window
(compare Figures 5d and 5f). Concluding this brief discus-
sion. a few common window functions will next be consid-
ered.

TLiH/8712-4
FIGURE 5. (a)(b) Unmodified Data Sequence

(c)(d) Rectangular Windowed Data sequence
(e)(1) Hamming Windowed Data Sequence



Rectangular window: Figure 6

N-1
w(n) = 1 Inl < -2-

= 0 otherwise
Bartlett or triangular window: Figure 7

w(n) = 1 _ 21nl Inl < N - 1
N 2

= 0 otherwise
Hann window: Figure 8

w(n) = 0.5 + 0.5 cos (2~n)

=0

N - 1Inl<--
2

Hamming window: Figure 9

(
211"n)w(n) = 0.54 + 0.46 cos N

=0

Inl < N - 1
2

otherwise

FIGURE 6. Rectangular Window
wIn)

~

TLiH/8712-7
FIGURE 7. Bartlett or Triangular Window

Again the reference previously cited should provide a more
detailed window selection. Nevertheless. the final window
choice will be a compromise between spectral resolution
and passband (stopband) distortion.

9.0 SPECTRAL ESTIMATION BY USING WINDOWS TO
SMOOTH A SINGLE PERIODOGRAM
It was seen in a previous section that the variance of a
power spectral density estimate based on an N point data
sequence could be reduced by chopping the data into short-
er segments and then averaging the periodograms of the
individual segments. This reduced variance was acquired at
the expense of increased bias and decreased spectral reso-
lution. We will cover in this section an alternate way of com-
puting a reduced variance estimate using a smoothing oper-
ation on the single periodogram obtained from the entire N
point data sequence. In effect. the periodogram is
smoothed by convolving it with an appropriate spectral win-
dow. Hence if Sxx(f) denotes the smooth periodogram then,

Swxx(f) = IV. SNXX('I/)W(f-'l/) d'l/=SNXX('I/)'W('I/) (115)-v.

wIn)

A



where W(f - 7) is the spectral window and • denotes con-
volution. Since the periodogram is equivalent to the Fourier
transform of the autocorrelation function RN (k) then, using
the frequency convolution theorem xx

Flx(t) y(t)l = X(I)· Y(7) - I) (116)
where F I J denotes a Fourier transform, Sxx(1)is the Fouri-
er transform of the product of RNxx(k)and the inverse Fouri-
er transform of W(I). Therefore for a finite duration window
sequence of length 2K - 1,

K-1
Swxx(1)= L RNxx(k)w(k) ciO'kT (117)

k = -(K - 1)

w(k) =i W(I) EiO'kTdf

-Yz
References (10)(16)(21) proceed further with a develop-
ment to show that the smoothed single windowed periodo-
gram is a consistent estimate of the power spectral density
function. The highlights of the development, however, show
that a smoothed or windowed spectral estimate, Sw (I),
can be made to have a smaller variance than that ofthe
straight periodogram, SNxx(l), by {J the variance ratio rela-
tionship

M-1

N L w2(m)
m = -(M -1)

var [Swxx(l)]
{J=----

var [SNxx(l)]

= .!.JYz W2(1)df
N -Yz

where N is the record length and 2M - 1 is the total window
width. Note that the energy of the window function can be
found in equation (119) as

M-1

EO'= '" w2(m) = JYz W2(1)df (120)~ -Yz
m = -(M -1)

Continuing from equation (119), it is seen that a setisfactory
estimate of the periodogram requires the variance of
Swxx(1)to be small compared to S~xxso that

f3 < 1 (121)
Therefore, it is the adjusting of the length and shape of the
window that allows the variance of Sw (I) to be reduced
over the periodogram. xx
Smoothing is like a low pass filtering effect, and so, causes
a reduction in frequency resolution. Further, the width of the
window main lobe, defined as the symmetric interval be-
tween the first positive and negative frequencies at which
W(I) = 0, in effect determines the bandwidth of the
smoothed spectrum. Examining Table I for the following de-
fined windows;
Rectangular window

w(m) = 1

=0
Iml,;; M-1
otherwise

Bartlett or triangular window
Imlw(m) = 1 - Mimi';; M - 1

= 0 otherwise
Hann window

w(m) = 0.5 + 0.5 cos (M1T~1) Iml ,;; M - 1 (124)

= 0 otherwise
Hamming window

w(m) = 0.54 + 0.46cos (~) Iml,;; M - 1 (125)
M - 1

= 0 otherwise
We see once again, as in the averaging technique of spec-
tral estimation (Section 7), the smoothed periodogram tech-
nique of this discussion also makes a trade-off between var-
iance and resolution for a fixed N. A small variance requires
a small M while high resolution requires a large M.

TABLE I

Window
Width of Variance Ratio·

Function
Main Lobe· (approximate)

(approximate)

Rectangular
21T 2M
M N

Bartlett
41T 2M- -
M 3N

Hann
31T 2M[ (0.5)2 ~ (0.5)2]
M

Hamming
31T 2M[ (0.54)2 ~ (0.46)2]
M

10.0 SPECTRAL ESTIMATION BY AVERAGING
MODIFIED PERIODOGRAMS

Welch [Ref. (36)(37)] suggests a method for measuring
power spectra which is effectively a modified form of Bart-
lett's method covered in Section 7. This method, however,
applies the window wIn) directly to the data segments be-
fore computing their individual periodograms. If the data se-
quence is sectioned into

segments of M samples each as defined in equation (104),
the L modified or windowed periodogram can be defined as

1~(1)= u~ I~~ x~(n) wIn) ciO'nTI2 1 ,;; t ,;;L (126)
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where U, the energy in the window is

M = 1

U =~ I w2(n)

n=O

B. 1. Compute the Fourier transform of the data sequence
x(n)

x(n) +-+ X(f)

2. Multiply X(f) by its conjugate to obtain the power spec-
tral density SNxx(f)

1
SNxx(f) = N IX(f)12 (74)

3. Convolve SNxx(f) with an appropriate window funC1ion
W(f)

Swxx(f) = SNxx(f) • W(f) (115)

C. 1. Compute the Fourier transform of the data sequence
x(n)

x(n) +-+ X(f)

2. Multiply X(f) by its conjugate to obtain the power spec-
tral density SNxx(f)

1
SNxx(f) = N IX(f)!2 (74)

3. Inverse Fourier transform SNxx(f) to get RNxx(k)

4. Multiply RNxx(k) by an appropriate window function
w(n)

5. Compute the Fourier transform of the produC1 to obtain
Swxx(f)

Swxx(f) +-+ RNxx(k). w(n) (117)
Averaging periodograms [Ref. (32)(37)(38))

A. 1. Divide the data sequence x(n) into L :s; N/M segments,
x~(n)

2. Multiply a segment by an appropriate window

3. Take the Fourier transform of the product

4. Multiply procedure 3 by its conjugate to obtain the
spectral density of the segment

5. Repeat procedures 2 through 4 for each segment so
that the average of these periodogram estimates pro-
duce the power spectral density estimate, equation
(128)

12.0 RESOLUTION
In analog bandpass filters, resolution is defined by the filter
bandwidth, AfBW, measured at the passband half power
points. Similarly, in the measurement of power spectral den-
sity functions it is important to be aware of the resolution
capabilities of the sampled data system. For such a system
resolution is defined as

1
~fBW = NT

Note the similarity between equations (126) and (105) and
that equation (126) is equal to equation (105) modified by
functions of the data window w(n).

The spectral estimate ; ~ is defined as

L
" 1 ~ ,
IM(f)=L£.J IM(f)

/ = 1

1

M ~ 1 I
W(f) = U~ ~O w(n) cjo>nT 2

and for;

Correlation resolution

~fBW =_1_
Tmax

Tmax = mT, where m (133)
is the maximum value
allowed to produce
Tmax, the maximum lag
term in the correlation
computation

The norrl\alizing factor U is required so that ,the spectral
estimate I ~ (f), of the modified periodogram, I ~ (f), will be
asymptotically unbiased [Ref. (34)). If the intervals of x(n)
were to be nonoverlapping, then Welch [Ref. (37)) indicates
that

',1 1
var lim(f)) "" Lvar [SNxx(f)) "" L [S(f))2 (131)

which is similar to that of equation (110). Also considered is
a case where the data segments overlap. As the overlap
increases the correlation between the individual periodo-
grams also increase. We see further that the number of M
point data segments that can be formed increases. These
two effects counteract each other when considering the var-
iance I~(f). With a good data window, however, the in-
creased number of segments has the stronger effect until
the overlap becomes too large. Welch has suggested that a
50 percent overlap is a reasonable choice for reducing the
variance when N if fixed and cannot be made arbitrarily
large. Thus, along with windowing the data segments prior
to computing their periodograms, achieves a variance re-
duction over the Bartlett technique and at the same time
smooths the spectrum at the cost of reducing its resolution.
This trade-off between variance and spectral resolution or
bias is an inherent property of spectrum estimators.

11.0 PROCEDURES FOR POWER SPECTRAL
DENSITY ESTIMATES
Smoothed single periodograms [Ref. (21)(27)(32))

A. 1. Determine the sample autocorrelation RNxx(k) of the
data sequence x(n)

2. Multiply RNxx(k) by an appropriate window function
w(n)

3. Compute the Fourier transform of the product

RNxx(k) w(n) +-+ Swxx(f) (71)



Fourier transform (FFT) resolution

1 m 1 where P is the record length,
t.fsw = PL = NT = LT N, the number of data points

and m, the samples within
each L segment,

N
L = M' (134)

Note that the above t.fsw's can be SUbstantially poorer de-
pending upon the choice of the data window. A loss in de-
grees of freedom (Section 13) and statistical accuracy oc-
curs when a data sequence is windowed. That is, data at
each end of a record length are given less weight than the
data at the middle for anything other than the rectangular
window. This loss in degrees of freedom shows up as a loss
in resolution because the main lobe of the spectral window
is widened in the frequency domain.

Finally, the limits of a sampled data system can be de-
scribed in terms of the maximum frequency range and mini-
mum frequency resolution. The maximum frequency range
is the Nyquist or folding frequency, fe,

fs 1
fe = - = - (135)

2 2Ts
where fs is the sampling frequency and Ts the sampling
period. And, secondly, the resolution limit can be described
in terms of a (t.fsw) NT product where

1
t.fsw " NT (136)

(t.fsw) NT " 1 (137)

13.0 CHI·SQUARE DISTRIBUTIONS
Statistical error is the uncertainty in power spectral density
measurements due to the amount of data gathered, the pro-
babilistic nature of the data and the method used in deriving
the desired parameter. Under reasonable conditions the
spectral density estimates approximately follow a chi-
square, X~, distribution. X~ is defined as the sum of the
squares of Xn, 1 :s; n :s; N, independent Gaussian variables
each with a zero mean and unit variance such that

2 f 2 (138)
XN = ~ Xn

n = 1
The number n is called the degrees of freedom and the X~
probability density function is

f( X~) = 1 (n) [<x~n;2]E -:~
2n/2r 2 (139)

where r(n is the statistical gamma function (Ref. (14)].

Figure 10 shows the probability density function for several
n values and it is important to note that as n becomes large
the Chi-square distribution approximates a Gaussian distri-
bution. We use this X~ distribution in our analysis to discuss
the variability of power spectral densities. If xn has a zero
mean and N samples of it are used to compute the power
spectral density estimate S(I) then, the probability that the
true spectral density, S(I), lies between the limits

A :s; S(f) :s; B (140)

FIGURE 10
The lower A and upper B limits are defined as

A=~
Xn;~ (142)

B = ~S(I)

Xn:1 - ~

respectively. X~;a is defined by

X~: a = [v so that J~ f(X~ dX~] = a

see Figure 11 and the interval A to B is referred to as a
confidence interval. From Otnes and Enrochson [Ref. (35)
pg. 217] the degrees of freedom can pe described as

n = 2(t.fsw) NT = 2(t.fsw) PL (145)

I(x~)



and that for large n Le., n ~ 30 the X~ distribution ap-
proaches a Gaussian distribution so that the standard devia-
tion or standard error, EO' can be given by

1
EO = ~llfBW NT (146)

The degrees of freedom and associated standard error for
the correlation and Fourier transform are as follows:

I . 2N rm
corre alion: n = m EO = "Vr:i

FFT: n = 2M EO = ~

where M is the number of IX(f)12 values

M = NT (llfBW)desired
and m is the maximum lag value.

An example will perhaps clarify the usage of this informa-
tion.

Choosing T = 100 ms, N = 8000 samples and n = 20
degrees of freedom then

1
fe = 2T = 5 Hz

n = 2(NT) (llfBW)

n
IlfBW = 2NT = 0.0125 Hz

If it is so desired to have a 95% confidence level of the
spectral density estimate then

P = (1 - a)

0.95 = 1 - a

a = 1 - 0.95 = 0.05

the limits

B
_ n5(f) _ 205(f)
- --.---- -r-

X n; 1 - a/2 X 20; 0.975

A
_ n5(f) _ 205(f)- --r-- --r-

X n; a/2 X 20; 0.025
yield from Table II

X~; 0.975 = 9.59

X~O;0.025 = 34.17

205(1) ,;; S(f) ,;; 205(f)
34.17 9.59

0.5853 5(f) ,;; S(f) ,;; 2.08 5(f)

There is thus a 95 % confidence level that the true sP.9ctral
density func~on S(f) lies within the interval 0.5853 S(f) ,;;
S(f) ,;; 2.08 S(f).

As a second example using equation (148) let T = 1 ms,
N = 4000 and it is desired to have (llfBW) desired = 10Hz.

Then,

NT = 4

1
fe = 2T = 500 Hz

Eo = ~ = ~ NT (!lfB~)desired = 0.158

N = 2M = 2NT (llfBW)desired = 80
If it is again desired to have a 95% confidence level of the
spectral density estimate then

a = 1 - P = 0.05

X~o;0.975 = 5.75

X~o;0.025 = 106.63
and we thus have a 95% confidence level that the true
spectral density S(f) lies within the limits

0.75 5(f) ,;; S(f) ,;; 1.39 5(f)

It is important to note that the above examples assume
Gaussian and white data. In practical situations the data is
typically colored or correlated and effectively results in re-
ducing number of degrees of freedom. It is best, then, to use
the white noise confidence levels as guidelines when plan-
ning power spectral density estimates.

14.0 CONCLUSION

This article attempted to introduce to the reader a conceptu-
al overview of power spectral estimation. In doing so a wide
variety of subjects were covered and it is hoped that this
approach left the reader with a sufficient base of "tools" to
indulge in the mounds of technical literature available on the
subject.
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a
n

0.995 0.990 0.975 0.950 0.050 0.025 0.010 0.005

1 0.000039 0.00016 0.00098 0.0039 3.84 5.02 6.63 7.88
2 0.0100 0.0201 0.0506 0.1030 5.99 7.38 9.21 10.60
3 0.0717 0.115 0.216 0.352 7.81 9.35 11.34 12.84
4 0.207 0.297 0.484 0.711 9.49 11.14 13.28 14.86
5 0.412 0.554 0.831 1.150 11.07 12.83 15.09 16.75

6 0.68 0.87 1.24 1.64 12.59 14.45 16.81 18.55
7 0.99 1.24 1.69 2.17 14.07 16.01 18.48 20.28
8 1.34 1.65 2.18 2.73 15.51 17.53 20.09 21.96
9 1.73 2.09 2.70 3.33 16.92 19.02 21.67 23.59

10 2.16 2.56 3.25 3.94 18.31 20.48 23.21 25.19

11 2.60 3.05 3.82 4.57 19.68 21.92 24.72 26.76
12 3.07 3.57 4.40 5.23 21.03 23.34 26.22 28.30
13 3.57 4.11 5.01 5.89 22.36 24.74 27.69 29.82
14 4.07 4.66 5.63 6.57 23.68 26.12 29.14 31.32
15 4.60 5.23 6.26 7.26 25.00 27.49 30.58 32.80

16 5.14 5.81 6.91 7.96 26.30 28.85 32.00 34.27
17 5.70 6.41 7.56 8.67 27.59 30.19 33.41 35.72
18 6.26 7.01 8.23 9.39 28.87 31.53 34.81 37.16
19 6.84 7.63 8.91 10.12 30.14 32.85 36.19 38.58
20 7.43 8.26 9.59 10.85 31.41 34.17 37.57 40.00

21 8.03 8.90 10.28 11.59 32.67 35.48 38.93 41.40
22 8.64 9.54 10.98 12.34 33.92 36.78 40.29 42.80
23 9.26 10.20 11.69 13.09 35.17 38.08 41.64 44.18
24 9.89 10.86 12.40 13.85 36.42 39.36 42.98 45.56
25 10.52 11.52 13.12 14.61 37.65 40.65 44.31 46.93

26 11.16 12.20 13.84 15.38 38.89 41.92 45.64 48.29
27 11.81 12.88 14.57 16.15 40.11 43.19 46.96 49.64
28 12.46 13.56 15.31 16.93 41.34 44.46 48.28 50.99
29 13.12 14.26 16.05 17.71 42.56 45.72 49.59 52.34
30 13.79 14.95 16.79 18.49 43.77 46.98 50.89 53.67

40 20.71 22.16 24.43 26.51 55.76 59.34 63.69 66.77
50 27.99 29.71 32.36 34.76 67.50 71.42 76.15 79.49
60 35.53 37.48 40.48 43.19 79.08 83.80 88.38 91.95
70 43.28 45.44 48.76 51.74 90.53 95.02 100.43 104.22
80 51.17 53.54 57.15 60.39 101.88 106.63 112.33 116.32

90 59.20 61.75 65.65 69.13 113.14 118.14 124.12 128.30
100 67.33 70.06 74.22 77.93 124.34 129.56 135.81 140.17



APPENDIX A

A.a CONCEPTS OF PROBABILITY, RANDOM
VARIABLES AND STOCHASTIC PROCESSES
In many physical phenomena the outcome of an experiment
may result in fluctuations that are random and cannot be
precisely predicted. It is impossible, for example, to deter-
mine whether a coin tossed into the air will land with its
head side or tail side up. Performing the same experiment
over a long period of time would yield data sufficient to indi-
cate that on the average it is equally likely that a head or tail
will turn up. Studying this average behavior of events allows
one to determine the frequency of occurrence of the out-
come (i.e., heads or tails) and is defined as the notion of
probability.

Associated with the concept of probability are probability
density functions and cumulative distribution functions
which find their use in determining the outcome of a large
number of events. A result of analyzing and studying these
functions may indicate regularities enabling certain laws to
be determined relating to the experiment and its outcomes;
this is essentially known as statistics.

A.1 DEFINITIONS OF PROBABILITY
If nA is the number of times that an event A occurs in N
performances of an experiment, the frequency of occur-
rence of event A is thus the ratio nA/N. Formally, the proba-
bility, P(A), of event A occurring is defined as

P(A) = lim [nA] (A1-1)N-+oo N

Where it is seen that the ratio nA/N (or fraction of times that
an event occurs) asymptotically approaches some mean
value (or will show little deviation from the exact probability)
as the number of experiments performed, N, increases
(more data).
Assigning a number,

to an event is a measure of how likely or probable the event.
Since nA and N are both positive and real numbers and 0 ,;;
nA ,;; N; it follows that the probability of a given event can-
not be less than zero or greater than unity. Furthermore, if
the occurrence of anyone event excludes the occurrence of
any others (i.e., a head excludes the occurrence of a tail in a
coin toss experiment), the possible events are said to be
mutually exclusive. If a complete set of possible events A1
to An are included then

nA1 nA2 nAs-+-+-+
N N N

nAn+-=1
N

Similarly, an event that is absolutely certain to occur has a
probability of one and an impossible event has a probability
of zero.
In summary:

1.0';; P(A)';; 1
2. P(A1) + P(A2) + P(As) +...+ PlAn) = 1, for an

entire set of events that are mutually exclusive
3. P(A) = 0 represents an impossible event
4. P(A) = 1 represents an absolutely certain event

A.2 JOINT PROBABIL TY

If more than one event at a time occurs (i.e., events A and B
are not mutually excusive) the frequency of occurrence of
the two or more events at the same time is called the joint
probability, P(AB). If nABis the number of times that event A
and B occur together in N performances of an experiment,
then

P(A B) = lim [nAB], N-+oo N

A.3 CONDITIONAL PROBABILITY

The probability of event B occurring given that another
event A has already occurred is called conditional probabili-
ty. The dependence of the second, B, of the two events on
the first, A, will be designated by the symbol p(B)IA) or

p(BIA) = nAB (A.3-1)
nA

where nAB is the number of joint occurrences of A and B
and NA represents the number of occurrences of A with or
without B. By dividing both the numerator and denominator
of equation (A.3-1) by N, conditional probability p(BIA) can
be related to joint probability, equation (A2-1), and the prob-
ability of a single event, equation (A1-1)

p(BIA) = (nAB) (~) = P(A,B)
nA ~ P(A)

N

p(AIB) = P(A,B)
P(A)

and combining equations (A6) and (Al)
p(AIB) P(B) = P(A, B) = p(BIA) P(A)

results in Bayes' theorem

p(AIB) = P(A) p(BIA)
P(B)



Using Bayes' theorem, it is realized that if P(A) and P(B) are
statistically independent events, implying that the probability
of event A does not depend upon whether or not event B
has occurred, then p(AIB) = P(A), p(BIA) = P(B) and
hence the joint probability of events A and B is the product
of their individual probabilities or

P(A,B) = P(A) P(B) (A.3-G)
More precisely, two random events are statistically indepen-
dent only if equation (A.3-G)is true.

A.4 PROBABILITY DENSITY FUNCTIONS
A formula, table, histogram, or graphical representation of
the probability or possible frequency of occurrence of an
event associated with variable X, is defined as fx(x), the
probability density function (pdf) or probability distribution
function. As an example, a function corresponding to height
histograms of men might have the probability distribution
function depicted in Figure A.4. t.

'xix)

FIGURE A.4.1
The probability element, fx(x) dx, describes the probability
of the event that the random variable X lies within a range of
possible values between

(x - ~x) and (x + ~x)

i.e., the area between the two points 5'5" and 5'7" shown
in Figure A. 4.2 represents the probability that a man's height
will be found in that range. More clearly,

axx+-

Prob [ (x - ~x) ~ X ~ (x + ~x) ] = I :x fx(x) dx
x--

2

15'7"
Prob [5'5" ~ X ~ 5'7"] = fx(x) dx

5'5"

~
TOTAL AREA' J 'X(x)dx = 1

JX2
AREA' 'X(x)dx

Xl
• PROBABILITY OF OCCURRENCE

IN THE INTERVAL Xl TO x2

FIGURE A.4.2
Continuing, since the total of all probabilities of the random
variable X must equal unity and fx(x) dx is the probability
that X lies within a specified interval

(x - ~x) and (x - ~) ,

1:00 fx(x) dx = 1

It is important to point out that the density function fX(x) is in
fact a mathematical description of a curve and is not a prob-
ability; it is therefore not restricted to values less than unity
but can have any non-negative value. Note however, that in
practical application, the integral is normalized such that the
entire area under the probability density curve equates to
unity.
To summarize, a few properties of fx(x) are listed below.

1. fx(x) ;;, 0 for all values of x or - 00 < x < 00

2. 1:00 fx(x) dx = 1

3. Prob [ (x - ~x) ~ X ~ (x + ~x) ]

axx+-
= I 2 fx(x)dXaxx--

2

A.5 CUMULATIVE DISTRIBUTION FUNCTION
If the entire set of probabilities for a random variable event
X are known, then since the probability element, fx(x) dx,
describes the probability that event X will occur, the accu-
mulation of these probabilities from x = - 00 to x = 00 is
unity or an absolutely certain event. Hence,

Fx(x)I :00 fx(x) dx = 1 (A.S-1)
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(b) Cumulative Distribution Function

FIGURE A.5.1

In many texts the notation used in describing the cdf is
Fx(x) = Prob[X ~ xl (A.5-2)

and is defined to be the probability of the event that the
observed random variable X is less than or equal to the
allowed or conditional value x. This implies

Fx(x) = Prob[X ~ x] = J ~00 fx(x) dx (A.5-3)

It can be further noted that

Prob[x, ~X~X2] = JX\(X)dX= FX(X2)-Fx(x,)
Xl

(A.5-4)
and that from equation (A.5-1) the pdf can be related to the
cdf by the derivative

fX(x) = d[Fx(x)]
dx

2. Fx( - 00) = 0 Fx( + 00) = 1
3. Fx(x) the probability of occurrence increases as x in-

creases
4. Fx(x) = f fx(x) dx
5. Prob (x, ~ x ~ X2) = FX(X2)- Fx(x,)

A.6 MEAN VALUES, VARIANCES AND
STANDARD DEVIATION

The procedure of determining the average weight of a group
of objects by summing their individual weights and dividing
by the total number of objects gives the average value of x.
Mathematically the discrete sample mean can be described

_ 1~
x=;:;L"lG

i-I
for the continuous case that mean value of the random vari-
able X is defined as

x = E[X] = J: 00 xfx(x) dx

where E[X] is read "the expected value of X".
Other names for the same mean value x or the expected
value E[X] are average value and statistical average.
It is seen from equation (A.6-2) that E[X] essentially repre-
sents the sum of all possible values of x with each value
being weighted by a corresponding value of the probability
density function of fx(x).
Extending this definition to any function of X for example
h(x), equation (A.6-2) becomes

E[h(x)] = J: 00 h(x) fx(x) dx

An example at this point may help to clarify matters. As-
sume a uniformly dense random variable of density 1/4 be-
tween the values 2 and 6, see Figure A.6.1. The use of
equation (A.6-2) yields the expected value

- J6 x216x=E[X)= x1,4dx=- =4
282

II MEAN VALUE
I OR CENTER OF GRAVITY
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which can also be interpreted as the first moment or center
of gravity of the density function fx(x). The above operation
is analogous to the techniques in electrical engineering
where the DC component of a time function is found by first
integrating and then dividing the resultant area by the inter-
val over which the integration was performed.

Generally speaking, the time averages of random variable
functions of time are extremely important since essentially
no statistical meaning can be drawn from a single random
variable (defined as the value of a time function at a given
single instant of time). Thus, the operation of finding the
mean value by integrating over a specified range of possible
values that a random variable may assume is referred to as
ensemble averaging.
In the above example, x was described as the first moment
m1 or DC value. The mean-square value X2 or E[X2] is the
second moment m2 or the total average power, AC plus DC
and in general the nth moment can be written

mn = E[xn] = J: 00 [h(x))2 fx(x) dx

Note that the first moment squared mt x2 or E[X]2 is equiv-
alent to the DC power through a 1n resistor and is not the
same as the second moment m2, X2 or E[X]2 which, again,
implies the total average power.

A discussion of central moments is next in store and is sim-
ply defined as the moments of the difference (deviation)
between a random variable and its mean value. Letting
[h(x))n = (X - x)n, mathematically

(X - x)n = E[(X - x)n] = J 00 (X - x)n fx(x) dx
- 00 (A.6-S)

For n = 1, the first central moment equals zero Le., the AC
voltage (current) minus the mean, average or DC voltage
(current) equals zero. This essentially yields little informa-
tion. The second central moment, however, is so important
that it has been named the variance and is symbolized by
(7"2.Hence,

(7"2= E[(X - x)2] = J: 00 (X - x)2 fx(x) dx

Note that because of the squared term, values of X to either
side of the mean x are equally significant in measuring varia-
tions or deviations away from x Le., if x = 10, X1 = 12 and
X2 = 8 then (12 - 10)2 = 4 and (8 - 10)2 = 4 respective-
ly. The variance therefore is the measure of the variability of
[h(x))2 about its mean value x or the expected square devia-
tion of X from its mean value. Since,

(7"2= E[(X - x)2] = E [ X2 - 2XX + x~ ] (A.6-7a)

= E[X2] - 2x E[X] + x~ (A.6-7b)

m2 - m~ (A.6-7e)

The analogy can be made that variance is essentially the
average AC power of a function hex), hence, the total aver-
age power, second moment m2, minus the DC power, first
moment squared m~. The positive square root of the vari-
ance.

.J(i'E = (7"

is defined as the standard deviation. The mean indicates
where a density is centered but gives no information about
how spread out it is. This spread is measured by the stan-
dard deviation (7" and is a measure of the spread of the
density function about x, Le., the smaller (7" the closer the
values of X to the mean. In relation to electrical engineering
the standard deviation is equal to the root-mean-square
(rms) value of an AC voltage (current) in circuit.

A summary of the concepts covered in this section are listed
in Table A.6.1.

A.7 FUNCTIONS OF TWO JOINTLY DISTRIBUTED
RANDOM VARIABLES
The study of jointly distributed random variables can per-
haps be clarified by considering the response of linear sys-
tems to random inputs. Relating the output of a system to its
input is an example of analyzing two random variables from
different random processes. If on the other hand an attempt
is made to relate present or future values to its past values,
this, in effect, is the study of random variables coming from
the same process at different instances of time. In either
case, specifying the relationship between the two random
variables is established by initially developing a probability
model for the joint occurrence of two random events. The
following sections will be concerned with the development
of these models.

A.8 JOINT CUMULATIVE DISTRIBUTION FUNCTION

The joint cumulative distribution function (cdf) is similar to
the cdf of Section A.S except now two random variables are
considered.

Fxy(x,y) = Prob [X :s; x, Y :s;y] (A.8-1)

defines the joint cdf, Fxy(x,y), of random variables X and Y.
Equation (A.8-1) states that FXY(x, y) is the probability asso-
ciated with the joint occurrence of the event that X is less
than or equal to an allowed or conditional value x and the
event that Y is less than or equal to an allowed or condition-
al value y.



TABLE A.&-1

Symbol Name Physical Interpretation

X, E[X], m1: f:oo xfx(x) dx
Expected Value, • Finding the mean value of a random voltage (current) is
Mean Value, equivalent to finding its DC component.
Statistical Average • First moment; e.g., the first moment of a group of masses is just
Value the average location of the masses or their center of gravity.

• The range of the most probable values of x.

E[X]2, X2, m~ • DC power

X2, E[X2I, m2: f :00 x2fX(x) dx
Mean Square Value • Interpreted as being equal to the time average of the square of a

random voltage (current). In such cases the mean-square value
is proportional to the total average power (AC plus DC) through a
1n resistor and its square root is equal to the rms or effective
value of the random voltage (current).

• Second moment; e.g., the moment of inertia of a mass or the
turning moment of torque about the origin.

• The mean-square value represents the spread of the curve about
x=O

var[ I. (7"2,(X - x)2, E[(X - x)21, Variance • Related to the average power (in a 1n resistor) of the AC
) components of a voltage (current) in power units. The square

m2; f :00 (X - x)2 fx(x) dx
root of the variances is the rms voltage (current) again not
reflecting the DC component.

• Second movement; for example the moment of inertia of a mass
or the turning moment of torque about the value X.

• Represents the spread of the curve about the value X.
~(7"2,(7" Standard Deviation • Effective rms AC voltage (current) in a circuit.

• A measure of the spread of a distribution corresponding to the
amount of uncertainty or error in a physical measurement or
experiment.

• Standard measure of deviation of X from its mean value X.
(xl" is a resu" of smoothing the data and then squaring ~ and (X2) resu"s from squaring the data and then smoothing it.
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A few properties of the joint cumulative distribution function
are listed below.

1. 0 ,,; FXY(x,y) ,,; 1 - 00 < x < 00

-oo<y<oo

(since Fxv(x,y) = Prob[X ,,; x, Y ,,; y] is a probability)

2. Fxv(-oo,y) = 0

FXY(x,-oo) = 0

FXY(-oo,-oo) = 0

3. FXY(+ 00,+ 00) = 0

4. Fxv(x,y) The probability of occurrence
increases as either x or y, or
both increase

A.9 JOINT PROBABILITY DENSITY FUNCTION
Similar to the single random variable probability density
function (pdt) of sections A.4 and A.S, the joint probability
density function fXY(x, y) is defined as the partial derivative
of the joint cumulative distribution function Fxv(x, y). More
clearly,

d2
fXY(x,y) = dx d/XY(X,y) (A.9-1)

Recall that the pdf is a density function and must be inte-
grated to find a probability. As an example, to find the prob-
ability that (X, Y) is within a rectangle of dimension (Xl ,,; X
,,; Xv and (Yl ,,; Y ,,; Y2), the pdf of the joint or two-dimen-
sional random variable must be integrated over both ranges
as follows,

Prob[xl ,,; X ,,; x2, Yl ,,; Y ,,; Y2] =

fX2fY2 fXY(x,y) dydx = 1
X, Y1

It is noted that the double integral of the joint pdf is in fact
the cumulative distribution function

FXY(x, y) = f f: 00 fXY(x, y) dxdy = 1 (A.9-3)

analogous to Section A.S. Again fxv(x, y) dxdy represents
the probability that X and Y will jointly be found in the ranges

dx dy
x ± 2 and y ± 2'

respectively, where the joint density function fXY(x, y) has
been normalized so that the volume under the curve is unity.

A few properties of the joint probability density functions are
listed below.

1. fXY(x,y) > 0 For all values of x and y or - 00 < x <
00 and - 00 < y < 00, respectively

2. f f: 00 fXY(x,y) dxdy = 1

3. Fxy(x,y) = f ~00 f ~00 fXY(x,y) dxdy

A.10 STATISTICAL INDEPENDENCE
If the knowledge of one variable gives no information about
the value of the other, the two random variables are said to
be statistically independent. In terms of the joint pdf

fXY(x,y) = fx(x) fy(y) (A. 10-1 )

fX(x) fy(y) = fXY(x,y) (A. 10-2)

imply statistical independence of the random variables X
and Y. In the same respect the joint cdf

FXY(x, y) = Fx(x)Fy(y) (A.10-3)

FX(x)Fy(y) = FXY(x, y) (A. 10-4)

again implies this independence.

It is important to note that for the case of the expected
value E[XYl. statistical independence of random variables X
and Y implies

E[XY] = E[X] E[Y] (A.10-S)

but, the converse is not true since random variables can be
uncorrelated but not necessarily independent.

In summary

1. FXY(x,y) = Fx(x) Fy(y) reversible

2. fXY(x,y) = fx(x) fy(y) reversible

3. E[XY] = E[X] E[Y] non-reversible

A.11 MARGINAL DISTRIBUTION AND MARGINAL DEN-
SITY FUNCTIONS
When dealing with two or more random variables that are
jointly distributed, the distribution of each random variable is
called the marginal distribution. It can be shown that the
marginal distribution defined in terms of a joint distribution
can be manipulated to yield the distribution of each random
variable considered by itself. Hence, the marginal distribu-
tion functions Fx(x) and Fy(y) in terms of FXY(x, y) are

Fx(x) = FXY(x, 00) (A.11-1)



The marginal density functions fx(x) and fy(x) in relation to
the joint density fXY(x,y) is represented as

fx(x) = f: 00 fXY(x,y)dy (A.11-3)

fy(x) = f: 00 fxv(x,y) dx

respectively.

A.12 TERMINOLOGY
Before continuing into the following sections it is appropri-
ate to provide a few definitions of the terminology used
hereafter. Admittedly, the definitions presented are by no
means complete but are adequate and essential to the con-
tinuity of the discussion.
Deterministic and Nondeterministic Random Process-
es: A random process for which its future values cannot be
exactly predicted from the observed past values is said to
be nondeterministic. A random process for which the future
values of any sample function can be exactly predicted from
a knowledge of all past values, however, is said to be a
deterministic process.
Stationary and Nonstatlonary Random Processes: If the
marginal and joint density functions of an event do not de-
pend upon the choice of i.e., time origin, the process is said
to be stationaf}'. This implies that the mean values and mo-
ments of the process are constants and are not dependent
upon the absolute value of time. If on the other hand the
probability density functions do change with the choice of
time origin, the process is defined nonstationaf}'. For this
case one or more of the mean values or moments are also
time dependent. In the strictest sense, the stochastic proc-
ess x(f) is stationary if its statistics are not affected by the
shift in time origin i.e., the process x(f) and x(t + T) have the
same statistics for any T.

Ergodic and Nonergodlc Random Processes: If every
member of the ensemble in a stationary random process
exhibits the same statistical behavior that the entire ensem-
ble has, it is possible to determine the process statistical
behavior by examining only one typical sample function.
This is defined as an ergodic process and its mean value
and moments can be determined by time averages as well
as by ensemble averages. Further ergodicity implies a sta-
tionary process and any process not possessing this prop-
erty is nonergodic.

Mathematically speaking, any random process or, i.e., wave
shape x(t) for which

I, I' 1fT/21m x(t) = 1m - x(t) dt = E[x(t)]T-+ 00 T-+ 00 T -T/2

holds true is said to be an ergodic process. This simply says
that as the averaging time, T, is increased to the limit
T -+ 00, time averages equal ensemble averages (the ex-
pected value of the function).

A.13 JOINT MOMENTS
In this section, the concept of joint statistics of two continu-
ous dependent variables and a particular measure of this
dependency will be discussed.
The joint moments mij of the two random variables X and Y
are defined as

mij = E[Xiyj) = f: 00 f : 00 xiyj fXY(x,y)dx dy (A.13.1)

where i + j is the order of the moment.
The second moment represented as "'11 or (Txv serves as
a measure of the dependence of two random variables and
is given a special name called the covariance of X and Y.
Thus

"'11 = (TXY= E[(X - x) (Y - y)] =

f f: 00 (X - xHY- y) fXY(x,y)dx dy

= E[XY) - E[X) E[Y) (A.13-3)

= m11 - xy (A.13-4)
If the two random variables are independent, their covari-
ance function "'11 is equal to zero and m11, the average of
the product, becomes the product of the individual averages
hence.

"'11 = 0 (A.13-5)
implies
m11 = E[(X - xHY - y)) = E[X - x) E[Y - y) (A.13-6)
Note, however, the converse of this statement in general is
not true but does have validity for two random variables
possessing a joint (two dimensional) Gaussian distribution.
In some texts the name cross-covariance is used instead of
covariance, regardless of the name used they both describe
processes of two random variables each of which comes
from a separate random source. If, however, the two ran-
dom variables come from the same source it is instead
called the autovariance or auto-covariance.
It is now appropriate to define a normalized quantity called
the coffelation coefficient, p, which serves as a numerical
measure of the dependence between two random variables.
This coefficient is the covariance normalized, namely

p = covar[X,Y] = E{[X - E[Xll [Y - E[Ylll(A.13_7)
Nar[X) var[YJ ~(T~ (T~

= 2:1L
(TX (Ty
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where p is a dimensionless quantity

-1s:pS:1
Values close to 1 show high correlation of i.e., two random
waveforms and those close to -1 show high correlation of
the same waveform except with opposite sign. Values near
zero indicate low correlation.

A.14 CORRELATION FUNCTIONS
If x(t) is a sample function from a random process and the
random variables

X1 = X(t1)

x2 = x(t2)

are from this process, then, the autocorrelation function
R(t1, t2) is the joint moment of the two random variables;

Rxx(t 1,t2) = E [x(t 1)X(t2)) (A.14-1 )

= J J: 00 x1x2 fX1X2(X1,X2)dX1 dX2

where the autocorrelation is a function of t1 and t2.

The auto-covariance of the process x(t) is the covariance of
the random variables x(t 1) X(t2)

Cxx(t1.l2) = E([X(t1) - X(t1)] [X(t2) - X(t2)l1 (A.14-2)

or rearranging equation (A.14-1)

C(t1.l2) = E{[X(t1) - X(t1)] [X(t2) - X(t2)]]

= E{X(t1) X(t2) - X(t1) X(t2) - X(t1) X(t2)

+ x(t 1)X(t2) J

= E{X(t1) X(t2) - X(t1) E[X(t2)) - E[X(t1)) X(t2)

+ E[X(t1)) E[x(t2)]I

= E[X(t1) X(t2)) - E[X(t1)) E[X(t2)]

- E [x(t 1)) E [X(t2)1 + E [x(t 1)) E [X(t2))

= E[X(t1) X(t2)) - E[X(t1)) E[X(t2)) (A.14-3)

= R(t1, tv - E[X(t1)) E[X(t2)] (A.14-4)

The autocorrelation function as defined in equation (A.14-1)
is valid for both stationary and nonstationary processes. If
x(t) is stationary then all its ensemble averages are indepen-
dent of the time origin and accordingly

Rxx(t1,t2) = Rxx(t1 +T, t2 + n
= E[X(t1 + n,X(t2 + n]

(A.14-5a)

(A.14-5b)

Due to this time origin independence, T can be set equal to
-t1, T = -t1, and substitution into equations (A.14·5a, b)

Rxx(t1,t2) = Rxx(O,t2 - t1) (A.14-6a)

= E[x(O) X(t2 - t1)) (A.14·6b)

imply that the expression is only dependent upon the time
difference t2 - t1. Replacing the difference with T = t2 - t1
and suppressing the zero in the argument Rxx(O, t2 - t1)
yields

Rxx(T) = E[X(t1) X(t1 - T)) (A.14-7)

Again since this is a stationary process it depends only on T.

The lack of dependence on the particular time, t1, at which
the ensemble was taken allows equation (A.14-7) to be writ-
ten without the subscript, i.e.,

Rxx(T) = E[x(t) x(t + T)) (A.14-8)

as it is found in many texts. This is the expression for the
autocorrelation function of a stationary random process.

For the autocorrelation function of a nonstationary process
where there is a dependence upon the particular time at
which the ensemble average was taken as well as on the
time difference between samples, the expression must be
written with identifying subscripts, i.e., Rxx(t1, t2) or
Rxx(t1. T).

The time autocorrelation function can be defined next and
has the form

Iim 1 JT/2
Rxx(T) = t -+ 00 T -T/2 x(t) x(t + T) dt (A.14-9)

For the special case of an ergodic process (Ref. Appendix
A.12) the two functions, equations (A.14-8) and (A.14-9), are
equal

Rxx(T) = Rxx(T) (A.14-10)

It is important to point out that if T = 0 in equation (A.14-7)
the autocorrelation function

Rxx(O) = E[x(t1) X(t1)) (A.14-11)

would equal the mean square value or total power (AC plus
DC) of the process. Further, for values other than T = O.
RX(T) represents a measure of the similarity between its
waveforms x(t) and x(t + T).



X1= X(t1)
Y2= y(t1 + r)

the crosscorrelation function

Rxy(r) = E(x(t1) y(t1+r)l (A.14-12)

= J J: 00 x1Y2fX1Y2(X1.Y2)dX1dY2

The crosscorrelation function is simply a measure of how
much these two variables depend upon one another.
Since it was assumed that both random processes were
jointly stationary. the crosscorrelation is thus only depen-
dent upon the time difference r and, therefore

Rxy(r) = Ryx(r) (A.14-13)

Y1 = y(t1)
x2 = X(t1 + r)

Ryx(r) = E(y(t1) X(t1+r)l

= J J:ooY1X2fY1X2(Y1,X2)dY1dX2

The time crosscorrelation functions are defined as before by

I'm 1JT/2
Rxy(r) = tl-+ 00 - x(t) y(t + r) dt (A.14-15)

T -T/2

and
lim 1JT/2

Ryx(r) = t -+ 00 - y(t) x(t + r) dt
T -T/2

and finally
Rxy(r) = Rxy(r) (A.14-17)
Ryx(r) = Ryx(r) (A.14-18)

for the case of jointly ergodic random processes.

If fIt) is a nonrandom time function and a(t) a sample func-
tion from a random process then.

[]

(B.0-1)
E J:: a(t) fIt) dt = J:: E[a(t)l fIt) dt

This is true under the condition

a) J 12E[la(t)lllf(t)1 dt < 00 (B.0-2)
11

b) a(t) is bounded by the interval t1 to t2. [t1and t2 may be
infinite and a(t) may be either stationary or nonstation-
aryl

C.O CONVOLUTION
This appendix defines convolution and presents a short
proof without elaborate explanation. For complete definition
of convolution refer to National Semiconductor Application
Note AN-237.
For the time convolution if

f(t)-F(w)
x(t)-X(w)

(C.0-1)
(C.0-2)

(C.0-3)

y(t) = J: 00 x(r) fIt - r) dr - Y(w) = X(w) • F(w)

y(t) = x(t) • fIt) - Y(w) = X(w) • F(w) (C.0-4)
proof:
Taking the Fourier transform, F[ I. of y(t)

[ ]

(C.0-5)

F[y(t)] = Y(w) = J: 00 J: 00 x(r) fIt - r) dr Ciwi dt

Y(w) = J:oo x(r) [ J:oo fIt - r)-iw1dt] dr (C.0-6)

and letting k = t - r, then. dk = dt and t = k + r.



Thus,

Y{w) = f: 00 X{T) [J :00 f{k) ciw(k + T) dk] dT (C.0-7)

= f 00 X{T) E-jWT dT
-00

f : 00 f{k) ciwk dk

Y{w) = X{w) • F{w)

For the frequency convolution of

f{t)~F{w)

x(t)~X(w)

(C.0-10)

(C.0-11)

then

1 f 00H(w) = - F(v) X(w - v) dv ~ hIt) = fIt) • x{t)
21T -00

(C.0-12)

H(w) = .2... F(w) • X(w) ~ h{t) = fIt) • x(t)
21T

proof:

Taking the inverse Fourier transform F-1 [ 1
(C.0-13)

h{t) = F-1 [X(W)2:(W)]

= 2~ f:oo
[.2... f 00 F{v)(w - v) dV] Eiwt dw

21T - 00

= (.2...)2 f 00 F(v) f 00 X(w - v) Eiwt dw dv
21T - co -00

(C.0-15)

and letting g = w - v, then dg = dw and w = g + v.

Thus,

F-1 X(w)· F(w)
21T

(C.0-16)

hIt) = (.2...)2 f 00 F(v) f 00 X(g) Ei(g + v)t dg dv
21T - 00 -00

1 foo foohIt) = - F(v) Eivt dv. X(g) Eigt dg
2'7T -00 - 00

hIt) = fIt) • x(1)

(C.O·H)

(C.0-18)
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Circuitry for Inexpensive
Relative Humidity
Measurement

01 all common environmental parameters, humidity is per-
haps the least understood and most difficult to measure.
The most common electronic humidity detection methods,
albeit highly accurate, are not obvious and tend to be ex-
pensive and complex (See Box). Accurate humidity mea-
surement is vital to a number of diverse areas, including
food processing, paper and lumber production, pollution
monitoring and chemical manufacturing. Despite these and
other applications, little design oriented material has ap-
peared on circuitry to measure humidity. This is primarily
due to the small number of transducers available and a gen-
erally accepted notion that they are difficult and expensive
to signal condition.
Although not as accurate as other methods, the sensor de-
scribed by the response curve (Figure 1) is inexpensive and
provides a direct readout of relative humidity. The curve
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FIGURE 1.Phys-Chemlcal Research Corp.
Model PCRC-55 Humidity sensor
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reveals a close exponential relationship between the sensor
and relative humidity spanning almost 4 decades of resist-
ance. Linearization of this curve may be accomplished by
taking the logarithm of the resistance value and utilizing
breakpoint approximation techniques to minimize the residu-
al non-linearities. A further consideration in signal condition-
ing is that the manufacturer specifies that no significant DC
current component may pass through the sensor. This de-
vice must be excited with an unbiased AC waveform to pre-
clude detrimental electrochemical migration. In addition, it
has a 0.36 RH unitl"C positive temperature coefficient. The
sensor is a chemically treated styrene copolymer which has
a surface layer whose resistivity varies with relative humidi-
ty. Because the humidity sensitive portion of the sensor is at
its surface, time response is reasonably rapid and is on the
order of seconds.
A block diagram of the concept chosen to instrument the
sensor appears in Figure 2. An amplitude stabilized square
wave which is symmetrical about zero volts is used to pro-
vide a precision alternating current throu1h the sensor, sat-
isfying the requirement for a zero DC component drive. The
current through the sensor is fed into a current sensitive
(e.g. the input is at virtual ground) logarithmic amplifier,
which linearizes sensor response. The output of the loga-
rithmic amplifier is scaled, rectified and filtered to provide a
DC output which represents relative humidity. Residual non-
linearity due to the sensors non-logarithmic response below
RH = 40% is compensated by breakpoint techniques in
this final stage.

SCALING
RECTIFIER

AND FILTER



The detailed circuitry appears in Figure 3. It is worth noting
that the entire funtion described in Figure 2 requires a small
number of inexpensive ICs. This is accomplished by novel
circuitry approaches, especially in the design of the logarith-
mic amplifier. The stabilized symmetrical square wave is
generated by A1, '14 of an LF347 quad amplifier. A1 is set up
in a positive feedback configuration, causing it to oscillate.
The output of A1 is current limited and clamped to ground
for either polarity output by the LM334 current source diode
bridge combination. The LM334 is programmed by the 150
resistor to current limit at about 5 mA. This forces the volt-
age across the 1200-1.5 kO resistor string to stabilize at
about ± av. Each time A1's output changes state the charg-
ing current into the 0.002 ".F capacitor reverses, causing
the amplifier to switch again when the capacitor reaches a
threshold established by the 1200-1.5 kO divider (wave-
forms, Figure 4). This circuit's output is buffered by the A1
follower. The amplitude stability of the waveform is depen-
dent upon the +0.33%rC temperature coefficient of the
LM334. This T.C. has been intentionally designed into the
LM334 so that it may be used in temperature sensing and
compensation applications. Here, the negative 0.3%rC
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lF347 and LF353 run on ± 15V supply.
01,02, Q3 are on LM389 chip.

= 1% Metal Film
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temperature dependence of the humidity sensor is reduced
by more than an order of magnitude by the LM334's T.C.
and thermally induced inaccuracy in the humidity sensor's
response drops out as an error term. In practice, the LM334
should be mounted in proximity to the humidity sensor. The
residual -0.03%rC temperature coefficient is negligibly
small compared to the sensors ± 1% accuracy specifica-
tion.
The output square wave is used to drive current through the
sensor and into the summing junction of another % of A1,
which is connected as a logarithmic amplifier. On negative
cycles of the input waveform the transistor (Q1) in the feed-
back loop provides logarithmic response, due to the well
known relationship between VSE and collector current in
transistors. During positive excursions of the input waveform
the diode provides feedback to the amplifier's summing
junction. In this manner the summing junction always re-
mains at virtual ground while the input current is expressed
in logarithmic form by the negative going square wave at the
transistor emitter. Since the summing junction is always at
ground potential the sensor sees the required symmetrical
drive (waveforms, Figure 5).

OUTPUT
OV-10Y-
0%-100'Jf,
RH TRIM

Sensor = PCAC-55 - Phys·Chemical Research Corporation
A1 = LF347
A2= LF353



The output of this stage is fed to another % of A1. This
amplifier is used to sum in the 40% RH trim and provide
adjustable gain to set the 100% RH trim. The output is fil-
tered to DC and routed to one half of A2, an LF353, which
unloads the filter and provides additional gain and the final
output.
The other V. of A2 is used to compensate the sensor depar-
ture from logarithmic conformity below 40% RH (Figure 1).
This is accomplished by changing the gain of the output
amplifier for RH readings below 40%. The input to the out-
put amplifier is sensed by the breakpoint amplifier. When
this input goes below RH = 40% (about 0.36V at the output
amplifiers "+" terminal) the breakpoint amplifier swings
positive. This turns on the 2N2222A, causing the required
gain change to occur at the output amplifier. For RH values
above 40% the transistor is off and the circuits linearizing
function is determined solely by the logarithmic amplifier.
In logarithmic configurations such as this, 01's DC operat-
ing point will vary wildly with temperature and the circuit
normally requires careful attention to temperature compen-
sation, resulting in the expense associated with logarithmic
amplifiers. Here, A3, an LM389 audio amplifier IC which also
contains three discrete transistors, is used in an unorthodox
configuration to eliminate all temperature compensation re-
quirements. In addition, the cost of the log function is re-
duced by an order of magnitude compared to available ICs
and modules. 03 functions as a chip temperature sensor
while 02 serves as a heater. The amplifier senses the tem-
perature dependent VBe of 03 and drives 02 to servo the
chip temperature to the set-point established by the 10 kO-
1 kO divider string. The LM329 reference ensures power
supply independence of the temperature control. 01 oper-
ates in this tightly controlled thermal environment (typically
50·C) and is immune to ambient temperature shifts. The
LM340L 12V regulator ensures safe operation of the
LM389, a 12V device. The zener at the base of 02 prevents
servo lock-up during circuit start-up. Because of the small
size of the chip, warm-up is quick and power consumption
low. Figure 6 shows the thermal servo's performance for a
step function of rc change in set-point. The step is shown
in trace A while the LM389 output appears in trace B. The
output responds almost instantaneously and complete set-
tling to the new set-point occurs within 100 ms.
To adjust this circuit, ground the base of 02, apply circuit
power and measure the collector potential of 03, at known
room temperature. Next, calculate what 03's collector po-
tential will be at 50·C, allowing - 2.2 mVrc. Select the 1k
value to yield a voltage close to the calculated 50·C poten-
tial at the LM389's negative input. This can be a fairly loose
trim, as the exact chip temperature is unimportant so long
as it is stable. Finally, unground 02's base and the circuit
will servo. This may be functionally checked by reading 03's
collector voltage and noting stability within 100 ",V (O.05·C)
while blowing on A3.
To calibrate the circuit for RH, place a 35 kO resistor in the
sensor position and trim the 150 kO pot for an output of
10V. Next, substitute an 8 MO resistor for the sensor and
trim the 10k potentiometer for an output of 4V. Repeat this
procedure until the adjustments do not interfere with each
other. Finally, substitute a 60 MO resistor for the sensor and
select the nominal 40 kO value in the breakpoint amplifier
for a reading of RH = 24%. It may be necessary to select
the 1.5 MO value to minimize "hop" at the circuit output
when the breakpoint is activated. The circuit is now calibrat-
ed and will read ambient relative humidity when the PCRC-
55 sensor is connected.
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HUMIDITY
Humidity is simply water gas. In air the humidity may vary
from zero percent for 90'F dry air to as much as 4.5 percent
for heavily water laden air at 90'F. The amount of water air
will hold is dependent upon temperature. Relative humidity
is an expression denoting the ratio of water vapor in the air
to the amount possible in saturated air at the same temper-
ature.

Some of the more common ways of expressing humidity
related information include wet bulb temperature, dew point
and frost point. Wet bulb temperature refers to the minimum
temperature reached by a wetted thermometer bulb in a
stream of air. The dew point is the point at which water
saturation occurs in air. It is evidenced by water condensa-
tion. When temperatures below O'C are required to produce
this phenomenon it is called the frost point.

Other measurements and ways of expressing humidity exist
and are useful in a variety of applications. For additional
information consult the bibliography.
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Data Acquisition Using the
ADC0816 and ADC0817
8-Bit AID Converter
with On-Chip 16 Channel
Multiplexer

I. Introduction
The ADC0816 and ADC0817, CMOS 16-Channel Data Ac-
quisition devices are selectable multi-input 8-bit AID con-
verters. In addition to a standard 8-bit successive approxi-
mation type AID converter, these devices contain a 16
channel analog multiplexer with 4-bit latched address in-
puts. They include much of the circuitry required to build an
8-bit accurate, medium through-put data acquisition system.
These two converters are similar to the ADC0808/ ADC0809
AID converters except that the ADC0816/ADC0817 have
16 analog inputs instead of 8, and the multiplexer output
and the AID comparator input are externally available. (The
ADC0808/ ADC0809 connect these internally.) This feature
is useful when connecting signal processing circuitry to the
AID. Also the ADC0816/ ADC0817 have an expansion con-
trol pin to allow addition of more mUltiplexers, hence more
input channels.

COMMIlATOR IN (1')
MULTIPlfXER (15)

OUT

16
CHANNEL

MULTIPLEXER

MUX
AOORESS
REGISTER

National Semiconductor
Application Note 258
Larry Wakeman

The ADC0816 is identical to the ADC0817 except for accu-
racy. The ADC0816 is the more accurate part, having a total
unadjusted error of ± % LSB. The ADC0817 has a total
unadjusted error ± 1 LSB. In many applications where a
slightly lower accuracy is tolerable, the ADC0817 repre-
sents a more economical solution.

II. Functional Description
The ADC0816/ADC0817 can be subdivided into two major
functional blocks; a multiplexer/latch and an AID converter,
Figure 1.The multiplexer/latch is composed of a 16 channel
multiplexer, a 4 bit channel select register, and some chan-
nel select decoding circuitry.
The channel select address is loaded on the"positive tran-
sition of the Address Latch Enable (ALE) input. Figure 2

START
ENO OF CONVERSION (EOC)
CLOCK

OUTPUT
ENAILE
(OE)

2-1(07)
2-2(01)
2-3(05)
2-4(04)
2-5(03)
2-6(02)
2-7(01)
2-ljoo)



shows this addressing scheme. A mUltiplexer enable pin
called Expansion Control (EC) is also provided. Taking this
pin low will disable the on chip multiplexer, allowing other
multiplexers to be used, thus expanding the number of in-
puts.

Under normal operation the control logic of the AID will first
detect a positive going pulse on the START input. On the
rising edge of this pulse the internal registers are cleared,
and will remain clear as long as START is high. When the
START input goes low, the conversion is initiated. The con-
trol logic will cycle to the beginning of the next approxima-
tion cycle at which time End of Conversion goes low and the
conversion is started. During a conversion, the control logic
will select a tap on the resistor ladder, and route the signal
through a transist<;Jrswitch tree to the input of the compara-
tor. The comparator will decide whether this tap voltage is
higher or lower than the input signal and indicate this to the
control logic. The control logic then decides which tap is to
be selected next. Meanwhile, the SAR maintains a record of
the conversion's progress. This algorithm takes 8 clock peri·
ods per approximation and requires 8 approximations to
convert 8 bits. Thus 64 clock periods are required for a com·
plete conversion.
Once the entire conversion is completed the data in the
SAR is loaded into the output register. This is a TRI-
STATE'" register which requires that its outputs be enabled
by rising the Output Enable (OE or TRI-STATE) input. The
data can then be read by the controlling logic.
During operation, the EOC output must be monitored to de-
termine whether the device is actively converting or is ready
to output data. Once the channel address is loaded, a posi-
tive going pulse on START will start the conversion and
cause EOC to fall. ''''hen EOC goes high again the data is
ready to be read, which, as was previously stated, is accom·
plished by raising the OE input. The data can be read any
time prior to one clock period before the completion of the
next conversion. The ADC0816/ADC0817 timing is shown
in Figure 3. (See data sheet for exact specifications.)

Address Expansion selected
o C B A Control Channel

0 0 0 0 1 INO
0 0 0 1 1 IN1
0 0 1 0 1 IN2
0 0 1 1 1 IN3
0 1 0 0 1 IN4
0 1 0 1 1 INS
0 1 1 0 1 IN6
0 1 1 1 1 IN7
1 0 0 0 1 IN8
1 0 0 1 1 IN9
1 0 1 0 1 IN10
1 0 1 1 1 IN11
1 1 0 0 1 IN12
1 1 0 1 1 IN13
1 1 1 0 1 IN14
1 1 1 1 1 IN1S
X X X X 0 NONE

FIGURE 2. Analog Input Selection Table
The output of the multiplexer usually feeds the input of the
second major functional block, the AID converter. This con-
verter is a successive approximation type converter that is
composed of a comparator, 2S6R type resistor ladder, suc-
cessive approximation register (SAR), control logic, and out-
put data latch.
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A. Ratlometrlc Conversion
The external availability of both ends of the 256R resistor
ladder makes this converter ideally suited to use with ratio-
metric transducers. A ratiometric transducer is a conversion
device whose output is proportional to some arbitrary full
scale value. In other words, the actual value of the transduc-
ers output is of no great importance, but the ratio of this
output to the full scale reference is valuable. For example,
the potentiometric transducers of Figure 4 have this feature.
The prime advantage of these transducers is that an accu-
rate reference is not required. However, the reference
should be noise free because voltage spikes during a con-
version could cause inaccurate results.
Perhaps the simplest method to obtain a reference would
be to use a voltage already present in the system, the power
supply. As shown in Figure 4 the 5V supply can be easily
connected as the reference, but care must be taken to re-
duce power supply noise. The supply lines should be well
bypassed with filter capacitors and it is recommended that

REGULATOR
OR POWER

SUPPlY

TO OTHER
RATIOMETRIC

TRANSOUCERS

IlE8ULATOR OR
POWER SUrPlY

&ROUNO

separate PC board traces be used to route the 5V and
ground to the reference inputs and to the supply pins.

B. Absolute Conversion
Absolute conversion refers to the use of transducers whose
output value is not related to some other voltage. The "ab-
solute" value of the transducer's output voltage is very im-
portant. This implies that the reference must be very accu-
rately known to be able to accurately determine the value of
the transducers output. Figure 5 shows a typical grounded
reference connection using the LM336-5, 5V reference.
Note that ratiometric transducers can also be used in this
application along with absolute transducers.
In most of the following applications either absolute or ratio-
metric transducers can be used. The only difference being
that when absolute transducers are employed, more accu-
rate references should be used.
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C. Reference Manipulation
In some small systems (particularly CMOS systems) where
a reference is required, one can use the reference as a
supply as shown in Figure 6. In this case the LM336-5 is
used to generate the 5V reference and also the 5V supply.
An unregulated supply greater than 5V is required to allow
the reference to operate. The series resistor, R, is chosen
such that the maximum current needed by the system is
supplied while keeping the LM336-5 in regulation. The value
of this resistor is simply:

R = Vs - VREF
ILAO+ ITR + Ip + IR

where Vs=unregulated supply voltage; VREF=reference
voltage; ILAo=VREF/l kO, resistor ladder current;
ITR= transducer currents; Ip= system power supply require-
ments; and IR= minimum reference current.
Figure 7 shows a simple method of buffering the references
to provide higher current capabilities. This eliminates the Ip
term in the above equation. In Figures S. 6, and 7, it is advis-
able to add some supply bypass capacitors to reduce noise,
typically 0.1 /l-F.

D. Reference Voltage Variation
In some cases it is possible to eliminate the need for gain
adjustments on the analog input signals by varying the
Ref(+) and Ref( -) voltages to achieve various full scale
ranges. The reference voltage can be varied from 5V to
about 0.5 volts with the one restriction that
[VRef(+)-VRef(-j)/2=(Vcc-GNO)/2±0.1 volts. In other
words, the center of the reference voltage must be within
±0.1V of mid-supply. The reason for this is that the refer-
ence ladder is taped by an n or p-channel MOSFET switch
tree. Offsetting the voltage at the center of the switch tree
from VCC/2 will cause the transistors to incorrectly turn off,
resulting in inaccurate and erratic conversions. However, if

properly applied, this method can reduce parts counts as
well as eliminate extra power supplies for the input buffers.
Figure 8 shows a simple supply centered reference where
Rl and R2 offset Ref(+) and Ref(-) from Vcc and Ground.
An LM336, 2.5V reference is shown here, but any reference
between 0.5V and 5V can be used. For odd reference val-
ues the simple op amp scheme shown in Figure 9 can be
used. Single power supply op amps such as the LM324's or
LM10's would work well. Rl, R2, and R3 form a resistor
divider in which Rl and R3 center the reference at Vcc/2
and R2 can be varied to obtain the proper reference magni-
tude.

E. Analog Channel Expansion
The ADC0816/ADC0817 have an expansion control (EG)
pin which is actually a multiplexer enable. When this signal
is low, all the switches are inhibited so that another signal
can be applied to the comparator input. Additional channels
can be implemented very simply, as shown in Figure 10.
This design has expanded the number of channels from 16
to 32. To address the channels, 5 address lines are re-
quired. The lower 4 bits are directly applied to the AID's A,
B, C, and 0 inputs. All 5 bits are also applied to an
MM74C174 Hex "0" flip-flop which is used as an address
latch for the two C04051's. The 10, 20, and 30 outputs of
the MM74C174 feed the C04051 address inputs 40 and 50
are gated to form enable signals for each C04051. 50 is
also routed to the EC input to properly enable the AID's
multiplexer.
The C04051s are used with a 5V supply, so their specifica-
tions are very similar to the AOC0816/AOC0817 multiplexer.
Thus, anything that can be done with the ADC0816/
ADC0817 multiplexer can be done with the C04051's. This
includes making use of the previously discussed input de-
signs as well as others.
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F. Differential Analog Inputs

An easy, and sometimes overlooked method for implement-
ing a differential input scheme is shown in Figure 11. This
approach actually implements the differential in software. All
16 channels are paired into positive and negative inputs.
Then the controlling logic or microprocessor will convert
each channel of a differential pair, load each result, and
then subtract the two results. This method requires two sin-
gle ended conversions to do one differential conversion,
hence the effective differential conversion time is twice that
of a single channel or a little over 200 fLs (Ck=640 kHz).
The differential inputs should be stable throughout both of
the conversions to produce accurate results.
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FIGURE 11. Simple a-Differential Channel Converter

A 16 channel differential system can be realized by modify-
ing Figure 10. This is accomplished by changing the
CD4051's addressing and adding a differential amplifier in
between the multiplexer outputs and the comparator input.
The select logic for the CD4051's has been modified to en-
able the switches to be selected in parallel with the
ADC0816/ADC0817. The outputs of the three multiplexers
are connected to a differential amplifier, composed of 2 in-
verting amplifiers with gain and offset trimmers. A dual op
amp configuration of inverting amplifiers can more easily be
trimmed and has less stringent feed-back resistor matching
requirements, as compared to a single op amp design. The
transfer equation for the dual op amp amplifier shown in
Figure 12 is:

Propagation delay through the op amps should be consid-
ered to provide sufficient time between the analog switch
selection and start conversion to allow the analog signal at

the comparator input to settle. Using the LF353 op amp, this
delay should be about 5 fLs.

G. Input Signal Buffering

There are three basic ranges of input signal levels that can
occur when interfacing the ADC0816/ADC0817 to the "real
world". These are: a) signals which exceed Vcc and/or go
below ground; b) signals whose input ranges are less than
Vcc and Ground, but are different than the reference range;
c) and signals that have an input range that is equal to the
reference range. Each of these situations require different
bUffering.

The last situation, case "c" is usually trivial. No buffering is
required unless the source impedance of the input signal is
very high. If this is the case a buffer may be added between
the multiplexer output and comparator input pins. If a high
input impedance op amp is used, the input leakage looking
from the multiplexer input can be greatly reduced. This cir-
cuit is shown in Figure 13. Using a buffer like this eliminates
the necessity for large capacitors on the multiplexer inputs
(explained later), but these buffers usually require two sup-
plies and can contribute their own conversion errors.

If the input signal is within the supply, but the reference
cannot be manipulated to conform to the full input range,
the unity gain buffer of Figure 13 can be replaced by anoth-
er op amp as shown in the Figure 13 inset. This type of
amplifier will provide gain and/or offset control to create a
full scale range equal to the reference.

The third case, c, where the input range exceeds Vcc and/
or goes below ground, the input signals must be level shift-
ed before they can go to the multiplexer with the only ex-
ception being when the magnitude of the input voltage
range is within 5V, but outside the 0-5V supply range. In this
case the supply for the entire chip could be shifted to the
analog input range, and the digital signals level shifted to
the system's 5V supply.

A typical example would be bipolar inputs from - 2.5V to
+2.5. If the ADC0816/ADC0817 have their supply and ref-
erence derived as shown in Figure 14, then the ±2.5V logic
outputs need only to be level shifted to 0 and 5V logic lev-
els, Figure 15.

H. Digital Data Acquisition

The ADC0816/ADC0817 make good analog data acquisi-
tion subsystems, but there are many instances where these
converters are good digital data acquisition systems as well.
If a system has unused channels, digital inputs can be con-
nected to these channels instead of being separately buff-
ered into the system. In the case of a microprocessor sys-
tem this could eliminate an I/O port and associated logic.
The speed at which this input is accessed is one conversion
cycle, but many times this will be fast enough. These inputs
can be used as input switches, power supply indicator de-
vices, or other system status flags. The microprocessor
converts the digital input channel and reads it. Software
then decides whether the input is high enough or low
enough to cause a particular action.
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I. Input Considerations
In most instances interfacing analog circuitry is very
straightforward, but there are some constraints that should
be observed if a reliable accurate system design is to result.
One major consideration, input source impedance is actual-
ly more complicated than it appears. One would expect that
the input current would be a small D.C. current, but due to
the nature of the comparator, it is not. The AID's compara-
tor is a capacitor sampling comparator whose input current
is a series of spikes. Figure 16 shows a simplified model of
the comparator input.
When determining a single bit value during a conversion, S1
will close causing Cc and Cp to charge to the input voltage.
Then S1 is opened and S2 is closed sampling the ladder.
The input current is an RC transient charging current whose
magnitude and duration is dependent on the values of Ce,
Cp, Rs, Rm and RL. The duration of the transient must be
shorter than the input sample period, and the sample pe-
riod is dependent on the converter's clock frequency. Thus
the maximum source impedance is dependent on the clock
period. At a clock frequency of 1 MHz, Rs ,;; 1k; and at
640 kHz, Rs ,;; 2k. The source impedance of potentiometric
transducers vary as a function of wiper position. Thus trans-
ducers with a value of ,;; 10k at a frequency of 640 kHz and
,;; 5k at 1 MHz are suitable.
When a sample-and-hold or some other active device is in-
serted between the multiplexer and comparator pins, the
output impedance of the transducers are no longer as re-
stricted and depend more on the particular Sample/Hold or
op amp chosen. The critical parameter now is the source

impedance of the buffer which should be ,;; 3k at a clock
frequency of 1 MHz and ,;; 5 kO with the clock equal to 640
kHz.
If higher impedances are unavoidable, RC charging errors
can be reduced to an average current error by placing a
capacitor = 1 I£F, from the multiplexer input to ground. Add-
ing this capacitor will average the transient current spikes
and cause a small DC current error which for a potentiomet-
ric transducer is:

Rp Ck
VERR= 8 (IIN)640 kHz Volts

where Rp= total potentiometer resistance; IIN=2I£A (maxi-
mum input current at 640 kHz); and Ck=clock frequency.
For a standard buffer source impedance the voltage error is:

where Rs=buffer source impedance; IIN=2 I£A (maximum
average input current at 640 kHz); and Ck= clock frequen-
cy.
In addition, whenever analog signals are present in a digital
system, several precautions should be exercised to reduce
noise on the analog inputs. The analog input signals and the
reference input should be kept physically isolated from the
digital signals and a single point analog ground should be
employed.



J. Protecting the Analog Inputs Against Over Voltages
During normal operation, it is important to keep the analog
input voltages to the multiplexer or comparator between
Vcc and Ground to ensure proper operation. There may be
some occasions where over or under voltages cannot be
avoided. Protecting the analog inputs, due to their unique
nature, can be more difficult than digital inputs. The most
effective method is to use external Schottky diodes as
shown in Figure 178.Since the Schottky knee voltage is 0.4
volts the IN5166 diodes of Figure 178 will safely shunt cur-
rents up to several milliamps. To shunt possible currents
larger than several milliamps some series resistance may

be added to limit these currents as shown in Figure 17b, but
this value resistor must be no greater than the values speci-
fied in the previous section.
A less expensive solution would be to replace the Schottky
diode with some standard switching diodes, Figure 17b, but
since these diodes could only partially shunt the input cur-
rent from the internal clamp diodes, some series resistor
should be used as in Figure 17c. If the external diode must
shunt a large amount of current the two series resistors of
Figure 17d should be used. If the input design is such that
the input can exceed only one supply the diode going to the
other supply can be omitted.
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FIGURE 17. Analog Input Protection Circuitry



IV. Signal Conditioning
There are many applications where it is desirable to add
some signal processing circuitry to improve circuit perform-
ance. Typical additions would be filter circuits, sample/
holds, gain controlled amplifiers, and others. Here again the
external accessibility of the multiplexer output and compara-
tor input pins can greatly reduce the amount of circuitry re-
quired by enabling the use of only one circuit required by all
16 outputs instead of 1 for each input.

A. Gain Control
Previous examples of gain manipulation have dealt with one
fixed gain for all 16 channels, but there are occasions where
variable gain or selectable gain may improve accuracy and
simplify hardware and/or software.
Figure 18 shows a typical method for gain control. The
CD4051, analog multiplexer, is placed in the feedback loop
of a simple non-inverting op amp. The gain of this op amp is
controlled by selecting one of the CD4051's analog
switches.

This will switch a resistor in and out of the feedback loop. If
these resistors, R2N' are of different values, different gains
are realized. These gains are given by:

A microprocessor or some control logic would select a gain
by latching the channel address into a MM74C173. It is im-
portant to ensure the output of the LF356B does not exceed
the power supply, so before a new channel is selected the
gain of the op amp should be reduced to a safe value. The
1k resistor on the output of the LF356 is to help protect the
comparator inputs from accidental over or under voltages.
Two back biased diodes placed from the input to Vcc and
Ground (IN914 or Schottky) will offer further protection.
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B. Sample/Holds

The only major data acquisition element not included on the
ADC0816 is a sample/hold circuit. If the input signals are
fast moving then a S/H should be used to quickly acquire
the signal and then hold it while the ADC0816/ADC0817
converts it. This circuit can be easily implemented by insert-
ing it between the multiplexer output and the comparator
input.

The simplest solution is to tie a capacitor on the multiplexer
output and then tie this pin to the comparator input pin. The
expansion control pin is used as a sample control. When
this pin is high one switch is on and the capacitor voltage
will follow the input. However, when the expansion control
pin is pulled low, all switches are turned off and the capaci-
tor holds its last value, almost. The input bias to the compar-
ator is about 2 p.A (worst case with Ck = 640 kHz). Thus the
droop rate for a 1000 pF is approximately 2000 V /S or
about 0.2 V/conversion. This is totally impractical. If a 0.01
JLF capacitor is used instead then the droop rate is 20 mV,
which may be satisfactory. Unfortunately, the acquisition
time is on the order 100 JLS, or about the length of a conver-
sion.

The problem is that the comparator input leakage is too high
for this sample and hold. To eliminate this, the input can be
buffered by using an LM356B. Figure 19. The leakage, now
due mostly to mUltiplexer leakages, is reduced to approxi-
mately 100 nA. The droop per conversion is typically less
than 1.0 mV per conversion when using a 1000 pF capacitor
and the acquisition time is approximately 20 JLS,

A more accurate solution would be to isolate the capacitor
from both the multiplexer comparator pins of the ADC0816/

ADC0817. This is easily accomplished by using the LF398
monolithic sample/hold, as shown in Figure 20. The acquisi-
tion time for this part is typically 4 JLS to 0.1 %, and the
droop rate is 20 JLV/ converson. This circuit has its own hold
control thus the expansion control is free to be used normally.

The choice of the hold capacitor is critical to the perform-
ance of the sample/hold circuit. Some capacitors are com-
posed of dielectrics that will have an initial droop after the
hold is strobed. This is due to dielectric absorption. Polypro-
pylene and polystyrene dielectrics have very little dielectric
absorption and thus make excellent sample/hold capaci-
tors. Such materials as mylar polyethylene have higher ab-
sorption properties and should not be used.

C. Filtering Analog Inputs

Under some conditions the analog input may have come
from a noisy environment and to recapture the original sig-
nal some filtering may be required. Typically high frequency
noise must be filtered. The ADC0816/ADC0817 can easily
accommodate the addition of many standard low pass fil-
ters. Another useful filter is a 50 Hz or 60 Hz notch filter to
eliminate the noise contributed to the circuit by A.G. power
lines.

It is particularly easy to place a single passive filter between
the multiplexer output and comparator input pins, but pas-
sive filters must be carefully designed to reduce input load-
ing. The filter capacitor will tend to average the comparator
sampling current as mentioned in the Input Considerations
section. To eliminate this, the passive filter can be buffered
by an op amp or an active filter could be used.
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V. Microprocessor Interface
The interface requirements for the ADC0816/ADC0817 in-
terconnection to various microprocessors are essentially
the same as the ADC0808/ ADC0809 requirements. The de-
vices can be connected to the CPU so that it looks either
like a memory location or I/O port. The data transfers can
be initiated by either an interrupt to the CPU or the CPU can
periodically interrogate the AID. When trying to implement
an absolute minimum components count system, the I/O
port (as opposed to memory) addressing will usually require
fewer components.
There are several design considerations that apply to most
microprocessor systems when interfacing the ADC0816/
ADC0817. Even though the actual timing of CPU read and
write cycles vary, in general, a microprocessor will output
the address and data (if write operation) onto its busses. A
certain time later the Read or Write strobes will go active for
a specified time. The interface logic must detect the state of
the address and data busses and initiate the specified ac-
tion. For the ADC0816/ADC0817 these actions are: 1) load
channel address, 2) start conversion, 3) detect end of con-
version and 4) read resultant data. These actions are per-
formed by decoding the read/write strobes, address, and
data information to form the and ALE and START pulses,
then detect EOC, and finally read the data.
For the most part the decoding and strobe generation is
straight forward. The START, ALE, and OE strobes will gen-
erally be of the same duration as the CPU read/write
strobes and positive going (ALE can be negative going).
One subtle choice is where to derive the A, B, C, and D
channel select address. These lines can be connected to
either the address bus or the data bus. The advantage of
connecting them to the data bus is that in minimum sys-
tems, more I/O address lines are available for simple de-
coding. When the A, B, C, and D inputs are connected to the
address bus each analog channel becomes a separate I/O
port.

In most designs it is very tempting to tie START and ALE
together, enabling one pulse to both write the channel ad-
dress and then start the conversion. However, it is very im-
portant that the signal on the comparator input be stable
before the conversion starts, otherwise the first and most
important successive approximation could be in error. Usu-
ally the START and ALE pulses are the same length as the
CPU read and write strobes which are normally between 0.2
to 1.IJoSlong. Thus the conversion may start within 1 IJoSof
the address select latching. (Remember the channel is se-
lected on the rising edge of ALE and the conversion begins
within 8 clock periods of the falling edge of START.) For
converter clocks greater than 500 kHz, 1 IJoSmay not be
enough time to allow the analog input signal to propagate
through the multiplexer and any additional signal condition-
ing circuitry such as buffers, S/H's, etc. There are, however,
a couple of easy fixes that can correct this possible prob-
lem. First, the START/ALE pulse could be stretched to the
proper length by using a one-shot (MM74C221 or similar) to
generate a pulse as long as the total delay from multiplexer
input to comparator input. Secondly, the problem can be
circumvented by "double pulsing" the converter. This can
be easily accomplished in software by writing to the
START/ALE address twice. The first pulse latches the de-
sired channel address and starts the conversion. The sec-
ond pulse must again load the same channel address,
which will not change the multiplexer's state, and will then
restart the conversion. Of course, the second pulse must
occur after the comparator input has settled.
Even though the hardware to interface the ADC0816/
ADC0817 to various microprocessors will differ and the sys-
tem software will vary, the basic routines to operate the
ADC0816/ADC0817 are usually similar. There are many
variations, but Figures 21 & 22 illustrate flow charts that
typify these routines. The ADC0816/ ADC0817 is tied directly



to the address and data bus (as opposed to using a periph.
eral controller). Generally, the hardware to create START
and ALE pulses. This does not necessarily have to be true,
but write instructions are conceptually easier and little is
gained by designing the logic such that read instructions
intiate these pulses. The OE pulse must be created by an
1/0 or memory read as the converter's data must be read.

The major design consideration is whether EOC should be
polled by the microprocessor or whether EOC should cause
an interrupt. This decision is system dependent, however
the following applications illustrate both methods.
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FIGURE 21. Flow Chart for Interrupt Control
of ADC0816/ADC0817

A. Interfacing to INSS080
Interfacing the ADC0816/ADC0817 to an INS8080 system
is extremely simple, because the INS8080/1NS82241
INS8228 CPU group have separate 1/0 read (VOR) and 1/0
write (l/OW) strobes which imply that the INS8080 has sep-
arate 1/0 addressing. In small systems this means that very
little or no address decoding is necessary. Figure 23 shows
a very simple interface which uses two NOR gates to gate
the 1/0 strobes with the most significant address bit A7. The
INS8080 has 8 bits of port address which will yield a maxi-
mum of 4 1/0 ports if inputs A, B, C, and D are connected to
the address bus. A MM74C74 flip-flop is used as a divide-
by-2 to generate a converter clock of 1 MHz. If the INS8080
system clock is :s; 1 MHz this flip·flop is unnecessary.
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FIGURE 22. Flow Chart to Control ADC0816/ADC0817
In a Polled I/O Mode
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Typical software would first write the channel address to the
converter and start it. As mentioned before, two start pulses
should be sent to the ADC0816/ADC0817 to allow the com-
parator input to settle. After the second start pulse the CPU
could execute other program segments until it is interrupted
by EOC going high. Depending on the interrupt structure,
program control would then be given to the interrupt handler
which reads the converter's data.
The second interface circuit, Figure 24 utilizesa DM74LS139
dual 2-4 decoder in which one-half of the chip is used to
create read pulses and the other half write pulses. The
START and OE inputs are inverted to provide the correct
pulse polarity. This interface partially decodes A6 and A7 to
provide more I/O capabilities than before. This circuit also
implements a simple oolled 1/0 structure. The EOC output
is placed on the data .:Jusby a TRI-STATE inverter when the
inverter is enabled by an INS8080 read.

B. Interfacing to the Z80@
The Z80, even though architecturally similar to the INS8080,
uses slightly different control lines to perform 1/0 reads and
writes. In Figure 25 a NOR gate approach similar to Figure
22 is shown to interface the Z80 to the ADC08161
ADC0817. Instead of IIOR and IIOW strobes the Z80 has
RD (read) and WR (write) strobes which are gated with
10REQ (1/0 request). In the Z80 interface, to show a slight
variation, START is connected to OE instead of ALE. This
will cause a new conversion to be started whenever the

data is read which may seem unusual, but can actually be
useful if the converter is to be continually restarted upon
completion of the previous conversion. Address bit A6 is
used to derive a strobe which will place EOC on the data
bus to be read by the CPU.
Figure 26 uses a 6 bit comparator to decode A4-A7 and
10REQ. Two NOR gates are used to gate the ALE/START
and OE pulses. This design functions the same as Figure 23
except that the DM8131 provides much more decoding.

C. Interfacing to the NSC800
The NSC800 interface is actually very similar to the
INS8080 1/0 interface, even though their timing is very dif-
ferent. The NSC800 multiplexes the lower 8 address bits on
the data bus at the beginning of each cycle. When access-
ing memory, AO-A7must be latched out at the beginning of
a read or write cycle, but for 1/0 accessing; the NSC800
duplicates the 8 bit 1/0 addresses on A8-A15 address lines
and latches are not necessary since these lines aren't multi-
plexed. The 1/0 read and write strobes are derived from a
RD (read) and WR (write) line and the 101M signal.
Figure 27 shows a design using a dual 2-4 line decoder
which decodes A15, and A14 and is enabled by the readl
write strobes. TRI-STATE inverters are used to implement a
scheme similar to Figure 24. This scheme has START and
ALE accessed separately so that "double pulsing" isn't re-
quired.
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will reset. If more than one interrupt can occur simulta-
neously either INTA should be gated with EOC, or some
other signal instead of INTA must be used. This is required
since it is possible for the NSC800 to detect another inter-
rupt and clear the ADC0816/ADC0817 interrupt before it's
detected.

D. Interfacing to the 6800
The 6800 has no separate I/O addressing capabilities, so
the system I/O must be addressed as though it is memory.
As mentioned before, memory mapping can require more
address decoding in order to separate memory from I/O.
but in small systems very minimal parts count is still attain-
able.
Figure 29 illustrates an interface which uses a DM8131
comparator to partially decode the A12, A13, A14, and A15
address lines with the <1>2 clock and Valid Memory Address
(VMA), to provide an address decode pulse for the two NOR
gates which in turn generate the START/ALE Pulse and the
output enable signal. This design will locate the AID in one
4k byte block.
This design tied EOC to IREO interrupt through an inverter.
This is only usable in single interrupt systems since
the 6800 has no way of resetting this interrupt except by
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tion is a read or write, R/W instead of separate read/write
outputs on the INS8080/Z80/NSC800. This signal along
with VMA indicates a valid read/write operation.
Figure 30 is slightly more complex, but provides more I/O
port strobes. A NAND gate and inverter are used to decode
the addresses, VMA and <1>2 clock. The I/O addresses are
located at 1111OXXXXXAABBBB(Binary); where X= don't
care; A = 00 (Binary) for ALE write or IREO resetlEOC read
and A=01 for START write or Data read; and B=channel
select address if A, B, C and 0 are connected to the ad-
dress bus and ALE is accessed. A dual 2-4 line decoder is
used to generate these strobes and inverters are used to
create the correct logic levels.
The 6800 supports only a wired-OR interrupt structure. In a
multi-interrupt environment only one interrupt is received
and the interrupt handler routine must determine which de-
vice has caused the interrupt and service that device. (Al-
though the INS8080/Z80/NScaOO can implement a similar
structure, hardware interrupt controllers can also be used
which will automatically vector the ,..Pto the correct service
routine.) To do this EOC is brought out to the data bus so
the CPU can check it.
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co
:.Q F. Parallel Interface Circuits•Z 10 some cases ",P support chips can be used to interface
c:e the ADC0816/ADC0817 to microprocessors. Most parallel

I/O chips can be used, and provide enough flexibility to en-
able all functions to be under software control. Typical par-
allel I/O chips that could be used are INS8255, 6820, Z80-
PIO and others. Typically these support IC's would be con-
nected directly to the data and control pins and the software
would manipulate the START and ALE pins via the interface
chip. In some cases the chips provide handshaking and/or
interrupt capabilities which can ease the converter interface.
In some cases, the interface circuits will not provide a clock,
and therefore must be provided externally.

While use of parallel I/O circuits simplify designs and in-
crease versatility, they are more expensive than the 1 or 2

SSI or MSI circuits that they would replace, and thus not
always the best choice.

VI. Conclusion
The ADC0816/ADC0817 are easy to use general purpose
AID converters with the additional benefit of a 16 channel
analog multiplexer. The IC's can become a simple standard
8-bit data acquisition circuit or the basis of a more powerful
data acquisition system. Both integrated circuits provide
features to enable easy microprocessor interface, yet also
allow hardwired control logic to be used. In those applica-
tions which require less accuracy, the less expensive
ADC0817 can be used to reduce overall system cost.



A 20-Bit (1 ppm) Linear
Slope-Integrating AID
Converter

By combining an "inferior", 20 year old AID conversion
technique with a microprocessor, a developmental AID
converter achieves 1 part-per-million (20-bit) linearity. The
absolute accuracy of the converter is primarily limited by the
voltage reference available. The precision achieved by the
unlikely combination of technologies surpasses convention-
al approaches by more than an order of magnitude. The
approach used points the way towards a generation of
"smart" converters, which would feature medium to high
resolution (12 bits and above) with high accuracy over ex-
tended temperature range. The conversion technique em-
ployed, while slow speed, suits transducer based measure-
ment systems which require high resolution over widely
varying conditions of time and temperature. In addition, ex-
tensions of the basic converter have achieved 15-bit digiti-
zation of signal inputs of only 30 mV full-scale with no sacri-
fice in linearity or stability. This offers the prospect of an
"instrumentation converter" which could interface directly
with low level analog signals.
One of the many AID techniques utilized in the late 50's and
early 60's was the single-slope-integrating converter. One
form of this circuit compares a linear reference ramp to the
unknown voltage input (see About Integrating Converters
and Capacitors). When the ramp potential crosses the un-
known input voltage a comparator changes state. The
length of time between the start of the ramp and the com-
parator changing state is proportional to the input voltage.
This length of time is measured digitally and presented as
the converter output. The inherent strengths of this type of
converter are simplicity and high linearity. Although single-
slope-integrators were used in early AIDs and voltmeters
their dependence on an integrating capacitor for stability
was considered an intolerable weakness. The advent of the
dual-slope converter (see About Integrating Converters and
Capacitors) solved the problem of integrating capacitor drift
with time and temperature by error cancellation techniques.
In a dual-slope converter the output represents the ratio of
the time required to integrate the unknown voltage for a
fixed time and then, using a reference voltage of opposing
polarity, measures the amount of time required to get back
to the original starting point (see Abou1 Integrating Convert-
ers and Capacitors). The technique eliminates capacitor
drift as an error term.

Limitations of Dual-Slope Converters
The dual-slope converter, and variants on it, have been re-
fined to a point where 16 and H-bit resolution units are
available. A primary detriment to linearity in these convert-
ers is a parasitic effect in capacitors called dielectric ab-
sorption. Dielectric absorption can be conceptualized as a
slight hysteresis of response by the capacitor to charging
and discharging. It is influenced by the recent history of cur-
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rent flow in the capacitor, including the magnitude, duration
and direction of current flow (see About Integrating Convert-
ers and Capacitors).
The nature of operation of dual-slope and related convert-
ers requires the instantaneous reversal of current in the in-
tegrating capacitor. This puts a substantial burden on the
dielectric absorption characteristics of the capacitor. Al-
though dual-slope and related techniques go far to cancel
zero and full-scale drifts, residual non-linearity exists due to
the effects of dielectric absorption. In addition to non-lineari-
ty, dielectric absorption can also cause the converter to give
different outputs with a fixed input as the conversion rate is
varied over any significant range. Various compensation ar-
rangements are employed to partially offset these effects in
present converters. What is really needed for high precision,
however, is a conversion scheme which inherently acts to
cancel the effects of dielectric absorption, while simulta-
neously correcting for zero and full-scale drifts.

Overcoming Dual-Slope Limitations
Figure 1diagrams a converter which meets the requirement
noted previously. In this arrangement a microprocessor is
used to sequentially switch zero, full-scale reference and EX
signals into one input of a comparator. The other compara-
tor input is driven from the ramp output of an operational
amplifier integrator. With no convert command applied to
the microprocessor, the circuit is at quiescence. In this state
the microprocessor sends a continuous, regularly spaced
signal to the integrator reset switch. This results in a rela-
tively fixed frequency, period and height ramp at the amplifi-
er's output. This relationship never changes, regardless of
the converter's operating state. In addition, the time be-
tween ramps is lengthy, resulting in an effective and repeat-
able reset for the capacitor. When a convert command is
applied, the microprocessor switches the comparator input
to the zero position, waits for the next available ramp and
then measures the amount of time required for the ramp to
cross zero volts. This information is stored in memory. The
microprocessor then repeats this procedure for the full-
scale reference and EX switch positions. With all this infor-
mation, and the assumption that the integrator ramps are
highly linear, the absolute value of EX is determined by the
processor according to the following equation.

EX = [CEX - CZERO] x K ",V
[CFULL-SCALE - CZERO]

where C = count obtained
and K = a constant, typically 107

After this equation is solved and the answer presented as
the converter's output, the conversion is complete and the
microprocessor is ready to receive the next convert com-
mand.



The converter arrangement shares many of the characteris-
tics of a dual-slope type and also provides some significant
advantages. The key operating features are as follows:

1. It continuously corrects for zero and full-scale drift in all
components in the AID circuit, regardless of changes in
time or temperature. The primary limitation on accuracy is
the stability of the full-scale reference. The zero signal is
derived through conventional high quality grounding tech-
nique. These features are similar to a dual-slope convert-
er.

2. Because the integrating capacitor is always charged in a
continuous pattern and in the same direction, the dielec-
tric absorption induced error will be relatively small, con-
stant, and will appear as an offset term. This offset term
will be removed during the microprocessor's calibration
cycle. This feature is unique to this converter and is the
key to high linearity.

3. The comparator always sees the ramp voltage approach-
ing the trip point from the same direction and at the same
slew rate, regardless of operating conditions. This helps
maintain repeatability at the trip point in the face of noise
and gain-bandwidth limitations in the comparator.

3. Unlike a dual-slope, this converter has no inherent noise
rejection capability. The EX input signal is directly cou-
pled to the comparator input with no filtering. This is a
decided disadvantage because most "real world" signals
require some smoothing. If a filter was placed at the input
substantial time lag due to settling requirements would
occur. This is unacceptable because the converter relies
on short time intervals between multiplexer states to ef-
fectively cancel drift. The solution is to use the microproc-
essor to filter the signal digitally, using averaging tech-
niques.
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Filling Out the Blocks
The detailed schematic diagram of the prototype 20-bit lin-
ear AID conveter is shown in Figure 2. For clarity, the de-
tails of the INS8070 microprocessor and its associated logic
are shown in block from. Note that the entire analog section
of the converter is fully floating from the digital section to
eliminate noise due to digital current spiking and clock
noise. The analog and digital circuits communicate via opto-
isolators. The full-scale reference for the converter is pro-
vided by the LM199A-20-LM108A combination. This circuit,
using the components specified, will typically deliver 0.25
ppml"C performance with drift of several ppm per year. The
accuracy to which this reference can be maintained is the
primary limitation on absolute accuracy in this converter.
The output of this reference is fed to an FET-switched multi-
plexer which also receives the EX and zero signals. Be-
cause all these sources are at low impedance, and only one
is switched on at a time, the leakage and ON resistances do
not contribute significant error. The A4 combination pro-
vides a low bias current unity gain follower with greater than
1,000,00:1 (120 dB) of CMRR, preserving converter lineari-
ty. Drifts in this follower are not significant because they will
be cancelled out by the microprocessor's calibration cycle.
The microprocessor's digital commands to the FET
switches are received by the 4N28 opta-isolators. The
LM148 quad op-amp (AS) is used to generate the voltage
swing necessary to control the FET switches. The discrete
components at each amplifier output are used to generate
one-way time delays to give the FET switches break-before-
make action. This prevents cross talk between the zero, full-
scale reference and EX sources.
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Another FET is used to reset the integrator and is biased by
a "brute-force" level shifting-edge speed-up network
formed by the 2N2222-2N2369 pair. A 4N28 opto-isolator
biases this network when it receives the reset signal
from the INS8070 processor. A1. an LF356. has its "+"
input biased at about negative 1V. ensuring that
the ramp will start far enough below ground to determine a
true zero signal.

The requirement for a comparator with 1 ppm (1 LSB at 20
bits= 1 ppm) of trip point noise cannot be met by any stan-
dard device. At 10V full-scale this is only a 10 I'-V LSB. The
50 ms-10V ramp's relatively slow slew rate means that the
gain-bandwidth and noise characteristics of a standard dif-
ferential input comparator will cause considerable un-
certainty at the trip point. Also. as the common-mode volt-
age at which the ramp vs EX crossing occurs changes.
the trip point of the comparator will shift. introducing
overall non-linearity.



These problems are addressed by the A2-A3 configuration,
which forms a high precision comparator. A4's negative out-
put is resistively summed with the positive output of the A1
ramp at A2. A2 normally operates at a low gain due to the
diode bounding in its feedback loop. When the currents pro-
duced by the ramp potential and A4's output very nearly
balance the potential at A2's summing junction will go low
enough so that A2 comes out of bound and operates at a
gain determined by the 499k feedback resistor (about 100).
A2 remains in this high-gain state as long as the ramp and
A4 output caused currents are nearly equal. As the ramp
continues in its positive going direction the current into A2's
summing junction will go to zero and then move positive
until the A2 output bounds negative. The output of A2 drives
A3, an LM311 comparator which is set up as a zero crossing
detector. The components in the positive feedback path at
A3 insure a sharp transition. Figure 3 shows the waveforms
of operation. The ramp (a) is shown in highly expanded
form. The A2 output (b) can be seen to come cleanly out of
diode-bound just before the ramp balances A4's output and
then return to bound after the crossing occurs. Waveform
(c) is A3's output. The A2 pre-amplifier makes the A3 com-
parator's job much easier in a number of ways. It amplifies
the voltage difference of the two signals to be compared by
a factor of 100. This knocks down the effect of A3's input
uncertainties. It also produces an apparent 100 fold in-
crease in the ramp slew rate at the trip point. This means A3
spends that much less time with its inputs nearly balanced
in an uncertain and noise sensitive condition. Finally, A2
presents the difference signal as a single ended zero cross-
ing signal. This eliminates errors due to changing common-
mode voltages that a differential comparator's input would
face. Such errors would manifest themselves as overall
converter non-linearity.

FIGURE 3

The output of the A3 comparator feeds a 2N2369 transistor,
which functions as a level shifter-gate. This transistor gates
out that portion of the width output pulse which would be
due to the length of the integrator reset pulse. The 2N2369,
a low storage capacitance device, provides high speed,
even in the relatively slow common emitter configuration.
The HP-2602 high speed opto-coupler transmits the width
information to the digital circuitry.

Converter Performance and Testing
Figure 4 shows the convert at work. A complete conversion
cycle is captured in the photograph. Waveform (a) is the
integrator reset out of the INS8070. (b) is the ramp at A1's
output. Waveform (c) is the mUltiplexer output at A4, show-
ing the zero, full-scale reference and EX states. For each
state ample time is allowed before the ramp begins. The
width output is shown in waveform (d).
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FIGURE 4

The converter was tested with the arrangement shown in
Figure S. The Kelvin-Varley voltage divider, a primary stan-
dard type, has a guaranteed linearity of within 1 ppm. The
LM11 op amp provides a low bias current, low drift follower
to unload the Kelvin divider's output impedance. Because
the LM11 gives greater than 120 dB common-mode rejec-
tion, its voltage output should track the linearity of the Kelvin
divider. To test this the LM11 was adjusted for offset null
and a battery-powered p.V meter connected between its in-
puts. 20-bit linear (1 ppm) transfer characteristics were veri-
fied by running the Kelvin divider through its range and not-
ing less than 10 p.V (1 LSB at 10V full-scale) shift under all
conditions. Then, the converter reference was used to drive
the Kelvin divider input and the LM11 output to the EX input
of the AID converter.
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A typical output on the Hewlett-Packard 2644A CRT termi-
nal display is shown in Figure 6. For each convert command
to the INS8070 the number of counts of zero, full-scale ref-
erence and EX are shown along with the final computed
answer. Note that the final count is computed to one part in
ten million and the last digit is insignificant. Note also that
the 4 final counts are all within ± 1 ppm ... despite the fact
that they were individually spaced almost 1 hour apart in a
varying thermal environment. linearity of the converter over
a 10V range was verified at 10 points by varying the MSB of
the Kelvin divider. Although the prototype converter takes
300 ms to complete a cycle, faster speed is attainable by
increasing the 20 MHz clock rate. Perhaps more practically,
higher conversion speeds at lower resolutions are easily at-
tainable by simply shortening the ramp time. The converter
output word length and conversion time may be varied over
a wide dynamic range by juggling clock speed and ramp
time.
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FIGURE 6

Although demonstrating a 20-bit converter is useful, there
are other applications which do not require this degree of
precision. The basic technique is readily adaptable to the
practical solution of common transducer and other low-level
interface problems. Figure 7 shows the block diagram of the
converter used to generate a 15-bit output directly from a 30
mV full-scale input. In this application the converter input is
a differential input amplifier with a nominal gain of 300. Note
that the amplifier's offset and gain drift will be cancelled by
the microprocessor's calibration loop. The EX signal is the
output of the transducer bridge. The full-scale reference sig-
nal is derived by measuring across the middle resistor of a
string which has the same voltage across it as the nominal

bridge output for a given bridge drive level. In this manner,
even if the bridge drive varies, the gain of the system re-
mains calibrated by ratiometric error cancellation. The zero
signal is derived by shorting both amplifier inputs to the
common-mode voltage at the bridge output. This system
has been built and has maintained 15-bit accuracy over a
75°F temperature range.

Prospective constructors of this converter are advised that
construction technique is extremely critical. In order for the
converter to operate properly, the greatest care must be
taken in grounding, guarding and shielding techniques. Use-
ful sources of information are listed in the References
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About Integrating Converters and Capacitors

The simplest form of integrating converter is the single-
slope type (Figure A). In the single-slope unit shown, a linear
reference ramp is compared against the unknown input, EX.
When the switch across the integrator capacitor is opened,
the ramp begins. The time interval between the opening of
the integrator reset switch and the comparator changing
state (when ERAMP=EX) is directly proportional to the val-
ue of EX. This converter requires that the integrating capaci-
tor and the clock used to measure the time interval be sta-
ble over time and temperature ... a significant drawback
under normal circumstances.

The dual-slope integrator (Figure 8) overcomes these prob-
lems by effectively normalizing the capacitor value and
clock rate each time a conversion is made. It does this by
integrating the EX input for a pre-determined time. Then, the
voltage reference is switched to the integrator input which
proceeds to integrate in a negative going direction from the
EX slope. The length of time the reference slope requires to
get back to zero is proportionate to the EX signal value.
These slopes are both established with the same integrating
capacitor and measured with the same clock, so both pa-
rameters need only be stable over one conversion cycle.
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Both of these converters are dependent to varying degrees
on capacitor characteristics. The single-slope type requires
stability in the capacitor over time and temperature while the
dual-slope gets around this limitation. The effects of a phe-
nomenon in capacitors called dielectric absorption, howev-
er, have direct impact on dual-slope performance. Dielectric
absorption is due to the capacitor dielectric's unwillingness
to accept or give up charge instantaneously. It is commonly
and simply modeled as a parasitic series RC (Figure C)
across the terminals of the main capacitor.

If a charged capacitor is discharged, even through a dead
short, some degree of time will be required to remove all of
the charge in the parasitic capacitance due to the parasitic
series resistance. Conversely, some amount of charge will
be absorbed by the parasitic capacitor after a charging of
the main capacitor has ceased unless the charge source is
maintained for many parasitic RC time constants. Various
dielectrics offer differing performance with respect to dielec-
tric absorption. Teflon, polystyrene and polypropylene are
quite good, while paper, mylar and glass are relatively poor.
Electrolytics are by far the worst offenders. Anyone who has
received a shock after discharging a high voltage electrolyt-
ic in a television set has experienced the effect of dielectric
absorption.



Low Distortion Wide band
PowerOpAmp

The LH0101 is a new power operational amplifier capable of
delivering a high-current low-distortion output. The device is
conservatively rated at 2 amps continuous current. A novel
design technique is used to eliminate the crossover distor-
tion often plaguing power op amps. Additional features in-
clude a frequency response from DC to greater than 4 MHz.
Excellent DC performance is attained by using FET input
devices, and the unity gain frequency compensation has
been performed internally. Finally, the device is hermetically
sealed in a standard 8-pin TO-3 power package.
The initial LH0101 design goal was to develop an easy to
use wideband operational amplifier capable of driving a vari-
ety of loads. This requirement focused a major portion of
the design effort in the power output stage where consider-
able emphasis was placed on eliminating crossover distor-
tion. Another consideration was to remove the ground con-
nection typically associated with power amplifiers in order to
ease the usage with single or dual power supply configura-
tions.
Our discussion is sectioned into three subtopics where the
first details the LH0101 internal circuitry, the second pre-
sents a variety of user product developmentl design precau-
tions, and the third presents typical applications for the
LH0101, supported by circuit diagrams.

TABLE I. LH0101 Typical Performance
Characteristics at 25°C Ambient, ± 15V Supply

Parameter Conditions Value

Output Current 2A
Input Offset Voltage 5mV
Input Bias Current 50pA
Input Offset Current 25pA
Input Resistance 1012n
Large Signal Voltage Gain 200V/mV
Output Voltage Swing RL = 100n ±12.5V

RL = 10n ±11.6V
RL = 5n ±11V

Slew Rate Av = +1 101 V",s
Full Power Bandwidth Av = + 1, RL = 10n 300 kHz
Small Signal Rise Time Av= +1,RL=10n 10 ns
Small Signal Settling
Time to 0.01% VIN = 10V,Av = +1 2 "'S

Gain Bandwidth 4MHz
Harmonic Distortion f = 1 kHz, Po = 1W 0.005%

RL = 1on, Av = + 1
f = 20 kHz, Po = 1W 0.05%
RL = 10n, Av = + 1
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CIRCUIT TOPOLOGY
The LH0101 consists of 3 essential stages, an operational
amplifier, a buffer, and a power output stage.
Selection of a BI-FET operational amplifier was prompted by
a balance between the desired AC and DC performance.
This decision was made in order to take advantage of the
high performance BI-FET series' slew rate, settling time,
and low bias current characteristics. The added feature of
internal frequency compensation aided in making it an ideal
amplifier upon which to build.
The zero-crossing distortion associated with high current
and high frequency conditions is an age-old problem of
class B and class AB power amplifiers. In order to minimize
the distortion at crossover, the amplifier must maintain a low
output impedance throughout zero crossing. This requires
the push-pull output transistors to smoothly alternate cur-
rent sourcing and sinking duty during the crossover.
To obtain a low output resistance the output stage must
constantly remain in the active region. The usual approach
is to incorporate a class AB output stage similar to that
shown in Figure 1. During no load conditions, both output
transistors are biased ON thus providing a low output resist-
ance and hence eliminating crossover distortion. Under rat-
ed current load conditions, however, a potential source of
distortion can develop. Take the case of an output at a posi-
tive voltage delivering the rated current to a load. The in-
creased base-to-emitter voltage of the drive transistor tends
to bias the bottom transistor OFF.

TLiH/6865-1

FIGURE 1.Class AB Output Stage as a Possible
Solution to Minimize Distortion



condition becomes more acute at higher frequencies.
Of even greater concern is the risk of thermal runaway. An
internal rise in temperature decreases transistor junction
voltages which in turn increase the collector operating cur-
rent. Typically emitter degeneration resistors can be used to
compensate for this effect, but prove themselves inade-
quate under rated current load conditions. In order to mini-
mize the junction voltage temperature effect a large resistor
value must be selected. At the same time this limits the
output drive current and, hence, the output voltage swing.
On the other hand, if a small resistor value is selected, the
output drive current is maintained but the voltage drop
across this small resistance is inadequate to compensate
for a decrease in junction voltage. This result brings the
problem back to one of thermal runaway and clarifies the
shortcomings of Figure 1.

Another commonly used technique is a pseudo-class Bout-
put stage found in many integrated power op amps, (see
Figure 2). In this configuration, the limited output swing
problem of class AB amplifiers is eliminated. The output
swings to within one or two volts of either supply.
The obvious problem with this type of circuit is that it has
significant crossover distortion. Distortion occurs when both
output transistors are biased completely OFF during zero
crossing, thus exhibiting relatively high resistance at the am-
plifier output. In addition, the minor loop feedback between
the base drive of the transistors and the output almost al-
ways induces an abrupt change in the response. This fur-
ther aggravates the amplifier distortion.

shown in Figure 3.

The buffer stage, which consists of transistors 03, 05, 010,
and 011 is a current amplifier with unity voltage gain. Con-
nected as a class AB amplifier, its function is to provide
distortion-free drive during zero crossing. Bandwidth is in
excess of 50 MHz to ensure no bandwidth-induced distor-
tion.
The buffer stage output is current limited by transistors 07
and 08 to no more than 50 mA. However, the power stage
transistors 01 and 02 are designed to turn ON as the load
current reaches about 25 mA. Any additional current de-
manded is sustained by these two output transistors right up
to the rated output limit. Thus, the reserve drive of the buffer
stage is used only to "smooth" the turn-on delay of the
output Darlington transistors.
06 and 09 base-to-emitter junctions are used as current
limit sense to protect the output stage. Current sense resis-
tors connected between the supply pins and the SC pins
program the limit threshold. In operation, an approximate
0.6V differential turns ON either transistor 06 or 09, which
in turn drives 012 and 04 respectively, starving any excess
base current from driving the output beyond the preset limit.

TL/H/6865-3

FIGURE 3. LH0101 Complete Schematic



RESULT
The performance of the LH0101 is best demonstrated in the
following photographs. Figure 4 shows the large signal slew
response of the LH0101 into a 100 load. No crossover dis-
tortion is evident.

TL/H/6865-4

FIGURE 4. Large Signal Pulse Response, 100 Load
Generally, crossover distortion occurs within a small region
near zero crossing. In order to amplify its effect, a signal of
small amplitude is used. Figures 5 and 6 show a signal am-
plitude of 2 volts peak, and loads of 100 and 10 respective-
ly. Notice that a slight distortion is observed in Figure 6. but
only under the extreme condition imposed by the 10 load!

TLIH/6865-5

FIGURE 5. Small Signal Response, 100 Load

FIGURE 6. Small Signal Triangular
Wave Response, 10 Load

DESIGN PRECAUTIONS

Circuit Layout Considerations
In high power applications, one must pay close attention to
the trace connections in which high current is carried. Crit-
ical connections should be short to minimize line drop. For
example. a 10 mO PC trace carrying 2 amps develops
20 mV of error voltage. It is important to be aware of where
this error is generated and how it impacts accuracy.
Ground connections are probably the most important, if not
the most troublesome. Not only can they contribute to cir-
cuit error, but in many situations the circuit can become un-
stable if the layout induces excessive phase error. Figure 7
shows one correct technique for circuit grounding. The
heavy lines represent high current paths. The analog signal
ground is returned to the supply common.

Output Current Limit
As described in the previous section, current sense resis-
tors may be inserted between the supply pins and the SC
pins to limit excessive load currents. A voltage of 0.6V de-
veloped across the sense resistor triggers the limiting cir-
cuit. Figure 8 illustrates the usage.
In cases where the chosen Rse is small « 1OJ,the contact
resistances from solder connections and socket ohmic con-
tacts become important and must not be overlooked. A
good solder joint typically exhibits 5 mO of resistance and
socket contacts have about 10 mO. Even interconnecting
traces will become significant if they are long.
Consider the circuit in Figure 8; a pair of good solder joints
on the 0.30 current sense resistors contribute more than
3% error. Also, one can expect the current sense transistor
threshold to vary as much as 10% from device to device.
Furthermore, this threshold has a temperature coefficient of
-2. mV/'C. In summary, the expected accuracy is on the
order of 20% to 25% under all operating conditions.
When designing the current limit, the threshold should not
be set too close to the worst case peak current under any
normal operating conditions. Signal distortion will occur
even if the threshold is intermittently exceeded for a very
short duration. In the worst instance, the circuit can trigger
spurious oscillation, such as in the case of driving a capaci-
tive load during transient conditions. These occurrences are
very real in nearly all op amps having similar current sense
circuits. Although the current limit circuit has high enough
gain to produce a sharp response, it is a good idea to allow
a 20% margin above the worst case operating condition.

Safe Operating Conditions
In order to preserve the reliable performance of the
LH0101, the device must not operate beyond the boundary
defined in the Safe Operating Area curve in the data sheet.
Because of its importance, it has been reproduced in Figure
9.



Power Dissipation Considerations
Probably the single most important gauge of reliability is the
operating temperature of this device. The derating curve,
which has again been reproduced in Figure 10, must be
followed faithfully. Similar to the Safe Operating Area curve,
under no circumstances should the boundary be exceeded.
The curves relate operating and junction temperature, pow-
er dissipation and thermal resistance. The general relation-
ship is expresed as follows.

P TJ(MAX)- TA(MAX) (1)
DISS= ReJC+ Recs + ReSA

where: PDISS= the power dissipated by the device in
watts.

TJ(MAX)= the maximum junction temperature al-
lowed, for the LH0101, TJ(MAX)
lS0'C.

TA(MAX)= the maximum ambient temperature in 'C
under which the device must operate.

ReJC= thermal resistance from the junction to
case in 'C/W, for the LH0101, ReJC =
2.S'C/W.

Recs = thermal resistance from case to surface
of heat sink in 'C/W.

ReSA= thermal resistance from heat sink to free
air ambient in 'C/W.

In simple terms, the expression is a measure of how well the
internally generated heat is removed such that the power
dissipated will not give rise to a maximum permissible junc-
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FIGURE 7. Proper Supply Connection
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tion temperature of lS0'C. Thus, the sum of all the thermal
resistance represents the thermal efficiency of the mechani-
cal design. The lower the sum, the more efficient the ther-
mal conductivity.
In a typical design, first and foremost is to calculate the
maximum power dissipation that the device is designed to
handle. There are two components, which are related by the
following equation:

PDISS= Po + Po (2)
The first part of the equation is the quiescent power at
which the device operates under no load. The second term
is the power dissipated by the output transistors due to the
load. This is calculated as the average voltage difference
between the supply voltage and the output voltage multi-
plied by the maximum rms load current the amplifier is re-
quired to deliver.
Once the power dissipation is calculated, the next step is to
determine the maximum ambient temperature in which the
device must operate.
To complete the thermal design, all contributions of thermal
resistances must be summed per equation (1) above. First,
the junction-to-case thermal resistance for the LH0101 is
given in the data sheet; it is typically 2.S'C/W.
The metal case of the LH0101 is electrically connected to
the output of the amplifier. Unless the application permits
direct mounting to a heat sink, a sheet of insulation should
be sandwiched between the case and the mounting surface
for isolation purposes. Many types of insulators are avail-
able. The most popular of these is mica film. Its thermal
resistance is listed in Table II along with other types.
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FIGURE 10. Power Derating Curve



Insulator W/OThermal W/Thermal
Material Joint Joint Sources

Type Compound Compound

Mica 1.3"C/W@ 0.2S"C/W Thermalloy Inc.
0.003" thick
1.2"C/W@ 0.33"C/W Keystone
0.002" thick Electronics

Mod. #46S8
Thermalfilm 12 1.SoC/W@ O.S2"C/W Thermalloy Inc.

0.002" thick
Aluminum 1.0"C/W@ 0.3"C/W
Oxide2 0.062"C
Beryllium 0.6"C/W@ O.lS"C/W
Oxide2-3 0.062" thick
Insul-Cote2 O.S"C/W@ Thermalloy Inc.

0.002" thick

Note 1: Mounting bolts torqued to 6 OZ.·in.

Note 2: Consult manufacturer on availability for 8-lead TO-a package style.

Note 3: Particle, dust, or fumes present health hazards when inhaled. Grind-
ing, sanding, and pulverizing the material should be avoided.

In critical applications, thermal-joint compound should be
used to maximize heat transfer across the case to the heat
sink. With air being a poor heat conduction medium, the use
of thermal joint compound eliminates air gaps between
mounting surfaces, thus providing more than 3 times im-
provement in thermal efficiency over those cases without.

The remaining unknown, ReSA, can now be determined
from the proper selection of the heat sink. By itself, that is,
with no heat sink, the TO-3 case has a junction-to-ambient
thermal resistance (ReJA or IIJA) of about 2S"C/W. Conse-
quently, a heat sink is almost always required in applications
involving significant power. Most heat sink manufacturers
specify the mounting-surface to ambient thermal resistance
ReSA. In a nutshell, the heat sink is selected such that the
right hand side of equation (1) is equal to or greater than the
left hand side, or total power dissipation. It is good engineer-
ing practice to allow at least a 10% safety margin.

Design Consideration Driving Inductive Load
The LH0101 is suitable for driving most inductive loads in-
cluding voice-coils and motors. However, in many situations
the device should be protected from the harmful effects of
energy stored in the inductor. Such a condition exists when
power is removed from the circuit at an instant when a high
current is flowing through the inductor. A back-emf may
have energy high enough to forward bias internal junctions
at a current density level sufficient to destroy the device.
Figure 11 illustrates a simple way to prevent this.

Theoretically, an inductive load does not cause amplifier
loop instability. However, if the circuit Q is high enough and
stray capacitances are within a critical range, the load circuit
can break out into oscillation. A series RC damping circuit of
100. and a 0.01 fLF capacitor across the inductor as shown
in Figure 12 usually alleviates the problem.

TL/H/6865-11

FIGURE 11. Back EMF Suppression Technique

TL/H/6865-12

FIGURE 12. RC Damping to Compensate Inductor Load

In some applications where it is desirable to prevent power-
on surges from actuating the load, for example a motor
valve actuator or a disk drive read/write head servo loop,
the same RC damping circuit provides an alternate conduc-
tive path to suppress surge current.

Design Considerations Driving Capacitor Load
Capacitive loads tend to create an unwanted pole at the tail
end of the frequency response where the open loop gain
approaches unity gain frequency. The effect is a net reduc-
tion of phase margin. For example, a SOOpF load capacitor
reduces the phase margin of the amplifier from a no load of
S8" to 4S". A 1000 pF capacitor pushes it down to 40". With
a large 0.01 fLF capacitor, the amplifier has a mere 22"
phase margin. The latter cases are susceptible to oscilla-
tion. Figure 13 shows a compensation technique to restore
stability. The value of the lead capacitor C1 should be such
that the capacitive reactance is one-fifth the resistance of
R2 at the unity-gain crossover frequency of the amplifier, or
4 MHz.

It is interesting to note that there is a critical value for the
load capacitor above which oscillation cannot occur. That
value is approximately 0.1 fLF. Under such a condition, the
time constant is so large that the heavy damping effectively
suppresses any chance for the circuit to oscillate.
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FIGURE 13. Compensation for Capacitance Load

TYPICAL APPLICATIONS

CRT Yoke Driver
One of the most natural applications for the LH0101 op amp
is the deflection yoke driver for high resolution CRTs. The
low distortion characteristics allow virtually unrestricted use
in any circuit configuration. A typical design is shown in Fig-
ure 14.

·Coil Current IL Measured with

Tektronix Current Probe Model P6042.

FIGURE 14. CRT Yoke Driver Circuit
A 500 mV peak-to-peak triangular waveform about ground is
input to the amplifier, giving rise to a 100 mA peak current to
the inductor. As shown in Figures 15 and 16,the responses
were recorded at 60 Hz and 20 kHz respectively. At higher
frequencies, ROAMPbecomes important. The value should
be selected to yield the cleanest waveform.

IL_
50m¥/cm =' lUOmA/em

TLiH/6865-15

FIGURE 15.60 Hz Current Drive Waveform of
CRT Deflection Coil

TLiH/6865-16

FIGURE 16.20 kHz Current Drive Waveform of
CRT Deflection Coli

Servo Motor Amplifier
A typical motor driver circuit is shown in Figure 17.The am-
plifier will deliver the rated current into the motor. Again,
care should be taken to keep power dissipation within the
permitted level.
A variation of the same servo design is shown in Figure 18.
This precision speed regulation circuit employs rate feed-
back for constant motor current at a given input voltage.

TLiH/6865-17

FIGURE 17. Servo Motor Amplifier



Digitally Programmable Power Source
Designing precision voltage and current sources is made
simple using the LH0101. Adding a digital-to-analog con-
verter provides a tremendous amount of flexibility in speed
and control. Applications range from DC precision power
supplies to sophisticated programmable waveform genera-
tors. The design of the voltage source is relatively straight-
forward, whereas the programmable current source is a bit
more involved. Such a circuit is shown in Figure 19. The
DAC is configured to operate in a bipolar mode with an out-
put range of ± 10.000V. With 12 bits, the DAC outputs an
equivalent of 4.88 mV per bit-weight. Consequently, the res-
olution at the current source is 0.488 J.'Albit.
The output sources and sinks current only to ground refer-
enced loads. A negative full-scale code (all digital inputs
low) effects a negative (source) 1 amp current output. A
zero scale (MSB low and all other bits high) gives zero cur-
rent. And a positive full scale code (all digital inputs high)
forces a positive (sink) 1 amp current at the output.
The versatility of this circuit configuration is not without limi-
tation. Because the output voltage is dependent upon the
ground referred load, one must be aware of the potentially
destructive power dissipation level the LH0101 must sus-
tain. For example, 1A current into a 50 grounded load gen-
erates lOW of power in the amplifier. This level is high
enough to destroy the device unless an appropriate heat
sink is used to keep the device junction temperature from
exceeding the 150'C limit.

Coaxial Cable Driver
The LH010l makes an ideal cable driver of any type. It has
adequate bandwidth for most audio and sub-video applica-
tions. The high current, distortion free output can easily in-
terface any termination required. Large line capacitance
does not present a problem for the LHOl01. It has adequate
reserve current capability to charge the capacitance without
seriously degrading bandwidth. However, current limit pro-
tection against cable shorts is recommended. A typical in-
terface circuit is shown in Figure 20. The op amp can drive
up to 6 coaxial lines without the use of a heat sink.

Low Distortion Audio Amplifier
At this juncture, it would be of great interest to see how well
the LH010l performs in the audio high fidelity arena. The
intent here is not to set a new standard but merely to use
the stringent requirements of the audio specifications as an
ideal yardstick for comparison.
The complete design is illustrated in Figure 21. The circuit is
configured as a bridge amplifier to maximize available out-
put power for a given set of supply voltages.

The result is an impressive set of specifications summarized
in Table III. Although not earth-shaking, 0.14% total har-
monic distortion at the rated 40W output, within the full au-
dio frequency spectrum, is very respectable.
Transient slew rate of greater than 1OVIJ.'sextends the full
power bandwidth to beyond 200 kHz, and the distortion re-
sponse is plotted over the entire audio spectrum in Figure
22. This would satisfy all but a handful of audio purists.
About the only diffiCUltyencountered was finding a heat sink
that was good enough for convection cooling. By following
the previous section on Power Dissipation Considerations,
the heat sink thermal resistance required is a maximum of
3.5'C/W at an ambient temperature of 25'C. The calcula-
tion included the use of mica insulator and liberal use of
thermal-coat compound. As it turned out, a large extruded
heat sink with fins similar to the Thermalloy type 6141 did an
excellent job of keeping the junctions cool.

TABLE III. Bridge Audio Amplifier Specifications

Av (Voltage Gain) 3
ZrN (Input Impedance) 10 kO
Iq (QUiescentCurrent) 60 mA
Po (Output Power) 40 Watts into 80

-RMS Continuous 20 Hz-20 kHz 28 Watts into 160
Full Power Bandwidth DC to > 100 kHz
THO (Total Harmonic Distortion)

1W 20-20,000 Hz
40W 20-20,000 Hz

IMD (Intermodulation Distortion)
lW 60 Hz/l00 kHz 4:1
40W 60 Hz/l00 kHz 4:1

Peak Output Current
Supply Voltage
Maximum Output Voltage SWing

<0.8%
<0.15%

<0.01%
<0.002%
3.125A into 80
±18V
21.2Vrms
30V Peak

REFERENCES
1. National Semiconductor, Special Functions Databook.

2. National Semiconductor, Linear Applica1ions Handbook.

3. J. Wong, J. Sherwin, "Applications of Wide-Band Buffer
Amplifier", National Semiconductor AN-227, October
1979.

4. National Semiconductor "LH0101 Power Operational
Amplifier" data sheet.



~F

3.9M IBM ":"

1 ~F ":" +15 V..JViI"Ir--15 V

+15V ••••••••••••••• -15V F.~O~DJ.
20k

OFFSETADJ.

R6
lQ,O.ll1
2W

1k

+15V 50Q RG-58i="mrr,
50Q

':"

50Q RG-58

1k i="mrr,
5DQ

":"

50Q RG-58 ':"i='"'~"-15V 5DQ

':"

TL/H/6865-2Q

FIGURE 20. Multl·Llne Coaxial Cable Driver



R1-R4
R5
R6
R7-R10
Cl-C4
C5-C8
C9-C12

Current Umit Resistor
Feedback Resistor
Feedback Resistor
Input Resistors
Bypass Capacitors
Bypass Capacitors
Bypass Capacitors

0.15U.2W
5kU
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FIGURE 22. Total Harmonic Distortion vs Frequency
of Bridge Power Amplifier



Applying Dual and Quad
FET Op Amps

The availability of dual and quad packaged FET op amps
offers the designer all the traditional capabilities of FET op
amps, including low bias current and speed, and some addi-
tional advantages. The cost-per-amplifier is lower because
of reduced package costs. This means that more amplifiers
are available to implement a function at a given cost, mak-
ing design easier. At the same time, the availability of more
amplifiers-per-dollar means that relatively self contained
and sophisticated functions can be designed around a sin-
gle FET dual or quad package. In addition, duals and quads
require less board space, fewer bypass capacitors and less
power supply bussing. An inventive designer can capitalize
on all of these advantages to produce complex circuit func-
tions at low cost. An example is shown in Figure 1.

HIGH EFFICIENCY PRECISION OVEN TEMPERATURE
CONTROLLER
In this circuit, a complete, high efficiency pulse width modu-
lating temperature controller is built around a single LFS47
package. In Figure 1, A1 functions as an oscillator whose
output (Trace A, Figure 2) periodically resets the A2 integra-
tor output (Trace B, Figure 2) back to zero volts. Each time
A 1's output goes high, a large positive current is forced into
A2's summing junction, overcoming the negative current
that flows through the 100 kO resistor into the LM129 refer-
ence. This forces A2's output to head in a negative-going

'SV

-15V

SERVO
CONTROL
SETl'OINT

21.6.·

National Semiconductor
Application Note 262

direction ultimately limited by the diode feedback-bound.
Another diode provides bias at A2's "+ ..input to compen-
sate the bound diode and A2's output settles very near zero
volts. When the positive output pulse from A 1 ends, the
positive current into A2's summing junction ceases and A2's
output ramps linearly until the next reset pulse.

AS functions as a current summing servo-amplifier which
compares the currents derived from the LM1S5 temperature
sensor and the LM129 reference. In this example AS oper-
ates at a gain of 1000 with a 1 ,..F capacitor providing 0.1 Hz
servo response. AS's output represents the amplified differ-
ence between the LM1S5's temperature and the desired
control setpeint, which may be varied by altering the 21.6k
value. In this circuit the 21.6k resistor provides a setpoint of
49°C. AS's output is compared to the ramp output of A2 and
A4, which is set up as a comparator. A4's output will only be
high during the time AS's output is greater than the ramp
voltage. The ramp reset pulse is diode-summed with the
ramp output (Trace C, Figure 2) at A4 to prevent A4's output
from going high during the period of the reset pulse. A4's
output biases the LMS95 power transistor which switches
power to the heater (Trace D, Figure 2). If the LM1S5 sensor
is tightly coupled to the heater and the oven is well insulat-
ed, this controller will easily hold 0.05°C over wide excur-
sions of ambient temperature.

All diodes ~ 1N4148

• ~ Low rc, metal-film types

A l-A4 ~ LF347 quad

TlIH/6932-1
FIGURE 1. Connecting appropriate components to an LF347 quad FET op amp IC produces

a high efficiency precision oven temperature controller. This design can hold
a temperature within O.05°C despite wide ambient temperature fluctuations.



Trace Vertical Horizontal

A 20V/Div
B 10V/Div 50/Ls/Div
C 10V/Div
D 20V/Div

FIGURE 2. Oven-controller waveforms from Figure f's
circuit show A1's oscillator output (Trace A) and A2's

Integrator output (8) as the lat1er resets periodically to
OV.Trace C displays A4's ramp Input, and (D) Indicates

the LM39S's power Input to the oven heater.
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PLATINUM RTD HIGH TEMPERATURE THERMOMETER
WITH ANALOG AND DIGITAL OUTPUTS
Another temperature related circuit appears in Figure 3. In
this circuit an LF347 is used to signal condition a Platinum
RTD and provide simultaneous analog and frequency out·
puts. These outputs are accurate to ± 1'C over a range of
300'C-600'C (572"F-1112"F). Although the circuit main·
tains linearity over a much wider range the non-linear re-
sponse of the RTD over wide range is the limitation to accu-
rate, wide range operation (see graph, Figure 4).

A1 functions as a negative gain inverter to drive a constant
current through the platinum sensor. The LM129 and the
5.1k resistor provide the current reference. Because A1 op-
erates at negative gain the voltage across the sensor is
extremely low and self-heating induced errors are eliminat-
ed. A1's output potential, which varies with the platinum
sensor's temperature, is fed to A2. A2 provides scaled gain
and offsetting so that its output will swing from 3.00V to
6.00V for a 300'C to 600'C temperature swing at the plati-
num sensor.
A3 and A4 form a vOltage-to-frequency converter which
generates a 300 Hz to 600 Hz output from A2's 3V to 6V
analog output. A3 integrates in a negative-going direction at
a slope which is linearly dependent upon A2's output volt-
age. A4 compares A3's negative ramp to the LM129's posi-
tive reference voltage by current summing in the 10 kO re-
sistors. When the negative value of the ramp just exceeds
the LM129 voltage A4's output goes positive, turning on the
2N4393 FET and resetting the A3 integrator. AC feedback
at A4 causes it to "hang up" in the positive state long
enough to completely discharge the integrator capacitor.

ANALOG
OUTPUT
ClV-J;V -lOIl"C-J;OO'CI

RPLATINUM ~ Rosemount 118 MG

~ 214.20 at 300"C (572"F)

~ 318.20 at 600"C (1112"F)

All diodes ~ 1N4148

A 1-A4 ~ LF347 quad

• ~ Low TC, metal-film types

FREQUENCY
OUT1'UT
(300 Hz :: 300°C,
600 Hz- 6DD"CI

TlIH/6932-3
FIGURE 3. Generate simultaneous analog level and frequency outputs using one LF347 package

by signal-conditioning a platinum RTD sensor. You can calibrate this high temperature (300'C to 600'C)
measuring circuit to ± 1'C by using three trimming pots.
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ters TOrme resistance values noted in Figure 4 until A2's
output is calibrated. Next, adjust the 200 kfi frequency out-
put trim so the frequency output corresponds to the analog
value at A2's output.

VOLTAGE CONTROLLED SINE WAVE OSCILLATOR
Figure 5 diagrams a very high performance voltage con-
trolled sine wave oscillator which uses a single LF347 pack-
age. For a OV-l0V input the circuit produces sine wave
outputs of 1 Hz to 20 kHz with better than 0.2% linearity. In
addition, distortion is about 0.4% and the sine wave output
frequency and amplitude settle instantaneously to a step
input change. The circuit's sine wave output is achieved by
non-linearly shaping the triangle wave output of a voltage-
to-frequency converter.
Assume the 2N4393 FET is on and Al's output has just
gone low. With the FET on, Al's ••+ ..input is grounded and
A1 functions as a unity gain inverter. In this state its output
will be equal to - EIN (Trace A, Figure 6). This negative
voltage is applied to the A2 integrator which responds by
ramping in a positive direction (Trade B, Figure 6). This posi-
tive-going ramp is compared by A3 to the LM329 7V refer-
ence which is contained within its symmetrically bounded
positive feedback loop. The paralleled diodes compensate
the diodes in the bridge. When the positive-going ramp volt-
age just nulls out the - 7V produced by the LM329, diode

TL/H/6932-5

FIGURE 5. An LF347-based voltage-controlled sine wave oscillator combines high performance with versatility. For OV
to 10V Inputs, this circuit generates 1 Hz to 20 kHz outputs with better than 0.2% linearity and only 0.4% distortion.



bound A3's output goes positive (Trace D, Figure 6). The
100 pF capacitor provides a frequency adaptive trim to A3's
trip point, aiding V IF linearity at high frequencies by com-
pensating A3's relatively slow response time when used as
a comparator. The 10 pF capacitor provides AC positive
feedback to A3's positive input (Trace C, Figure 6). The pos-
itive output of A3 is inverted by the 2N2369 transistor which
also has the effect of further shortening A3's response time.
It does this by using a heavy feed-forward capacitor in its
base drive line. This allows the transistor to complete
switching just barely after the A3 output has begun to mover
(Trace E, Figure 6). The 2N2369's negative output turns off
the 2N4393 FET. This lifts A l's ••+ .. input from ground and
causes Alto become a unity gain follower. This forces A l's
output to immediately slew to the value of EIN. This causes
the A2 integrator to reverse in direction, forming a triangle
wave. When A2 ramps far enough negative A3 will again
switch and the entire cycle will repeat. The triangle output at
A2 is fed to the discrete transistors which form a sine shap-
er. This configuration uses the logarithmic relationship be-
tween collector current and VSE in transistors to smooth the
triangle wave. The last amplifier in the quad package pro-
vides gain and buffering and furnishes the sine wave output
(Trace F, Figure 6).

Trace Vertical Horizontal

A 20V/Div
B 20V/Div
C 10V/Div
D 20V/Div 20 ILs/Div
E 50V/Div
F 2V/Div
G 0.2VDiv

FIGURE 6. Waveforms from the oscillator shown In
Figure 5 show that upon receiving A l's negative

voltage (Trace A), A2 ramps In a positive direction (8).
This ramp joins the AC feedback delivered to A3's

positive Input (C); Trace 0 depicts A3's posltlve-golng
output. This output In turn Is Inverted by the 2N2369
transistor (E), which turns off the 2N4393 and drives

A l's positive Input above ground. A2's triangle output
also connects to four slne-shaper transistors and A4

and finally emerges as the circuit's sine wave output (F).
A distortion analyzer's output (G) shows the circuit's

minimum distortion products after trimming.

To calibrate the circuit apply 1OV to the input and adjust the
wave shape trim and symmetry trim for minimum distortion
on a distortion analyzer. Next, adjust the input voltage for an
output frequency of 10Hz and trim the low frequency distor-
tion potentiometer for minimum indication on the distortion
analyzer. Finally, alternately adjust the zero and full-scale
potentiometers so that inputs of 500 IL V and 10V yield re-
spective outputs of 1 Hz and 20 kHz. Distortion products are
shown in Trace G, Figure 6.

This circuit provides an unusually clean and wide ranging
response to rapidly changing inputs, something most sine
wave oscillators cannot do. Figure 7 shows the circuit's re-
sponse to a 10V ramp applied to the input. The output is
singularly clean, with no untoward dynamics, even during or
following the high speed reset of the ramp.

TL/H/6932-7

FIGURE 7. Applying a 10V ramp Input (top trace) to the
Figure 5 circuit's Input produces an extremely clean

output (bottom trace) with no glitches, ringing or
overshoot, even during or after the ramp's

high speed reset.

SINE WAVE VOLTAGE REFERENCE

Figure 8 depicts a simple and economical sine wave circuit
which provides a fixed 1 kHz output with a precise 2.50
Vrms amplitude. The circuit may be used as inexpensive AC
calibration source or anywhere an amplitude stabilized AC
source is required. 01 is set up in a phase shift oscillator
configuration and oscillates at 1 kHz. The sine wave at 01's
collector is AC coupled to A 1, which has a closed loop gain
of about 5. A l's output, which is the circuit's output, is half-
wave rectified by the diode and a DC potential appears
across the 1 ILF capacitor.

This positive voltage is compared by A2 to a voltage derived
from the LM329 reference. The diode in the potentiometer
wiper arm compensates the rectifying diode. The diode in
A2's feedback loop prevents negative voltages from being
applied to 01 (and the feedback capacitor, an electrolytic)
on start-up. A2 amplifies the difference of the reference and
output signals at a gain of 10. The output of A2 is used to
provide collector bias for 01, completing an amplitude stabi-
lizing feedback loop around the oscillator. The 2 ILF electro-
lytic provides stable loop compensation. The 5 kO potenti-
ometer is adjusted so that the circuit output is exactly 2.50V.
This output will show less than 1 mV shift for ± 5V variation
in either supply. Drift is typically 250 IL Vrc and distortion is
inside 1%.
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FIGURE 8, Reduce parts count and save money by basing this precision sine wave voltage reference on an LF353 dual
FET op amp IC. This circuit generates a 1 kHz sine wave at 2.50 Vrms. The 2N2222A transistor functions as a phase-

shift oscillator. The A 1, A2 combination amplifies and amplitude stabilizes the circuit's sine wave output.

ANALOG-TO-DIGITAL CONVERTER
An extremely versatile integrating analog-to-digital convert-
er appears in Figure 9. A single LF347 quad implements the
AID converter which can be either internally or externally
triggered. As shown, the converter provides a 10-bit serial
output word with a 10 ms full-scale conversion time.
To understand this circuit assume the mode select switch is
in the "free run with delay" position and the 2N4393 FET
has just been turned off. The A2 integrator, biased from the
LM129 reference, begins to ramp in a negative-going direc-
tion (Trace B, Figure 1(J).The 2N2222A transistor provides
a -0.6V or a + 7V feedback output bound for A4, keeping
its output from saturating and aiding high speed response.
AC positive feedback assures clean transitions. A3 is set up
as a 100 kHz oscillator. The LM329 and the diodes provide
a temperature compensated bipolar switching threshold ref-
erence for the oscillator. During the time A4 is low the puls-
es from A3's output are passed by the 2N3904 transistor.
When A4 goes high the 2N3904 is biased on and no more
pulses appear (Trace D, Figure 1(J).Since A2's output ramp
is linear the length of time A4 spends low is directly propor-
tional to the value of EIN. The number of pulses at the
2N3904 output provides a digital indication of this informa-
tion. A2's ramp continues to run after A4 goes high and the
actual conversion ends. When the time constant associated
with the "free run with delay" mode charges to 2V A1's
output goes high (Trace A, Figure 1(J), turning on the
2N4393 FET, which resets the integrator. A1 stays high until
the AC feedback provided by the 150 pF capacitor decays
below 2V. At this point A1 goes low, A2 begins to ramp

and a new conversion cycle starts. False data at the con-
verter output is prevented during the time A1 is high by re-
sistor diode gating at the 2N3904 base.
Normally, a ± 1 count uncertainty at the output will be intro-
duced because the 100 kHz clock runs asynchronously with
the conversion cycle. This problem is eliminated by the di-
ode and 4.7k resistor which run between A1's output and
the A3 negative input. These components force the oscilla-
tor to synchronize to the conversion cycle at each falling
edge of A1's output. The length of time between conver-
sions in the "free run with delay" mode is adjustable by
varying the RC combination associated with this switch po-
sition. The converter may be triggered externally by any
source with a greater than 2V amplitude. In the "free run"
mode the converter self triggers immediately after A4 goes
high. Thus, the conversion time will vary with the input volt-
age.
This is graphically illustrated in the photo of Figure 11. Here,
a positive biased sine wave (Trace B, Figure 11) is fed into
the AID input. Because the AID resets and self triggers
immediately after converting, the A2 ramp output shapes a
ramp constructed envelope of the input signal (Trace C, Fig-
ure 11). Trace A shows this in time expanded form. Note
that the -120 ppm/"C temperature coefficients of the Poly-
styrene capacitors in the integrator and oscillator will tend to
track, aiding drift performance in this circuit. From 15'C to
35'C this circuit achieves 10-bit absolute accuracy. To cali-
brate this circuit apply 10.00V to the input and adjust the FS
trim for 1000 pulses out per conversion. Next, apply 0.05V
and adjust zero trim for 5 pulses out per conversion. Repeat
this procedure until the adjustments converge.
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All diodes - 1N4148
••• ~ 2 kn 10 20 Mn typ for delays up to 20 see

•• - Polystyrene types

• = Metal-film types

A1-A4 = LF347 quad...
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FIGURE 9. Three mode select switch positions offer a choice of internal or external trigger
conditions for this integrating A/D converter. Over fSoCto 35°C, this trimmable converter

provides a fO-blt serial output, converts in fO ms and accepts OVto fOV inputs.

Trace Vertical Horizontal

A 5V/Div
B fOV/Div f ms/Div
C fOV/Div
D 5V/Div

FIGURE fO. Depicting the operation of F/gure g's AID
circuit In "free run with delay" mode, Trace A shows
Af's output low. In this state,lntegrator A2 starts to

ramp in a negative-going direction (Trace B). When A2's
ramp potential barely exceeds the input voltage's

negative value, A4's output goes high (C). This
transition turns on the 2N3904 transistor, which shuts

off the TTL output pulse train (D).

Trace Vertical Horizontal

A W/Div 2 ms/Div
B 5V/Div 20 ms/Div
C 5V/Div 20 ms/Div

FIGURE ff. Illustrating the A/D converter's operation in
the "free run" mode, Trace B shows a positively biased
sine wave input. Because reset and self trigger occur

instantly after conversion. A2's output produces a
ramp-constructed envelope of the input (Trace C).

Trace A shows a time expanded form of the envelope
waveform.



current is plus. minus or zero. A single LF347 can be used
to drive a 6000 load to ± 11V in this fashion. Two LF347

load. This circuit will easily drive a 20000 floating load to
±20V.

f
TO ADDITIONAL

41 LF3411 FOR
MORE POWtR

TL/H/6932-12

FIGURE 12. Utilizing current-amplifying capabilities, one LF347 can drive a 6000 load to ± 11V.
For additional power, two LF347's can supply an output current of ± 40 mA•

• ~ 1% types

A1-A4 ~ LF347 quad

FIGURE 13. Configured as a high output current amplifier with a gain
of 10, this LF347 circuit can drive a 2000 floating load to ± 20V.



Sine Wave Generation
Techniques

Producing and manipulating the sine wave function is a
common problem encountered by circuit designers. Sine
wave circuits pose a significant design challenge because
they represent a constantly controlled linear oscillator. Sine
wave circuitry is required in a number of diverse areas, in-
cluding audio testing, calibration equipment, transducer
drives, power conditioning and automatic test equipment
(ATE). Control of frequency, amplitude or distortion level is
often required and all three parameters must be simulta-
neously controlled in many applications.
A number of techniques utilizing both analog and digital ap-
proaches are available for a variety of applications. Each
individual circuit approach has inherent strengths and weak-
nesses which must be matched against any given applica-
tion (see table).

PHASE SHIFT OSCILLATOR
A simple inexpensive amplitude stabilized phase shift sine
wave oscillator which requires only one IC package and
runs off a single supply appears in Figure 1. The LM389
audio power amplifier package contains three discrete NPN
transistors in addition to the amplifier. 02, in combination

,
I, '0;-- ,,'

National Semiconductor
Application Note 263

with the RC network comprises a phase shift configuration
and oscillates at about 12 kHz. The remaining circuitry pro-
vides amplitude stability. The high impedance output at 02's
collector is fed to the input of the LM389 via the 10 /'oF-1M
series network. The 1M resistor in combination with the in-
ternal 50 kO unit in the LM389 divides 02's output by 20.
This is necessary because the LM389 has a fixed gain of
20. In this manner the amplifier functions as a unity gain
current buffer which will drive an 80 load. The positive
peaks at the amplifier output are rectified and stored in the 5
/'oFcapacitor. This potential is fed to the base of 03. 03's
collector current will vary with the difference between its
base and emitter voltages. Since the emitter voltage is fixed
by the LM313 1.2V reference, 03 performs a comparison
function and its collector current modulates 01 's base volt-
age. 01, an emitter follower, provides servo controlled drive
to the 02 oscillator. If the emitter of 02 is opened up and
driven by a control voltage, the amplitude of the circuit out-
put may be varied. The LM389 output will drive 5V (1.75
Vrms) peak-te-peak into 80 with about 2% distortion. A
± 3V power supply variation causes less than ± 0.1 dB am-
plitude shift at the output.

TL/HI7483-1
FIGURE 1. Phase-shift sine wave oscillators combine simplicity with versatility.
This 12 kHz design can deliver 5 Vp-p to the SO load with about 2% distortion.



Sine-Wave-Generation Techniques

Typical Typical
Typical

Amplitude
Type Frequency Distortion

Stability
Comments

Range (%)
(%)

Phase Shift 10 Hz-1 MHz 1-3 3 (Tighter Simple, inexpensive technique. Easily amplitude servo
with Servo controlled. Resistively tunable over 2:1 range with

Control) little trouble. Good choice for cost-sensitive, moderate-
performance applications. Quick starting and settling.

Weln Bridge 1 Hz-1 MHz 0.01 1 Extremely low distortion. Excellent for high-grade
instrumentation and audio applications. Relatively
difficult to tune-requires dual variable resistor with
good tracking. Take considerable time to settle after
a step change in frequency or amplitude.

LC 1 kHz-10 MHz 1-3 3 Difficult to tune over wide ranges. Higher Q than RC
Negative types. Quick starting and easy to operate in high
Resistance frequency ranges.

Tuning Fork 60 Hz-3 kHz 0.25 0.01 Frequency-stable over wide ranges of temperature and
supply voltage. Relatively unaffected by severe shock
or vibration. Basically untunable.

Crystal 30 kHz-200 MHz 0.1 1 Highest frequency stability. Only slight (ppm) tuning
possible. Fragile.

Triangle- < 1 Hz-500 kHz 1-2 1 Wide tuning range possible with quick settling to new
Driven Break- frequency or amplitude.
Point Shaper

Triangle- < 1 Hz-500 kHz 0.3 0.25 Wide tuning range possible with quick settling to new
Driven frequency or amplitude. Triangle and square wave also
Logarithmic available. Excellent choice for general-purpose
Shaper requirements needing frequency-sweep capability with

low-distortion output.

DAC-Drlven <1 Hz-500 kHz 0.3 0.25 Similar to above but DAC-generated triangle wave
Logarithmic generally easier to amplitude-stabilize or vary. Also,
Shaper DAC can be addressed by counters synchronized to a

master system clock.

ROM-Driven 1 Hz-20 MHz 0.1 0.01 Powerful digital technique that yields fast amplitude
DAC and frequency slewing with little dynamic error. Chief

detriments are requirements for high-speed clock (e.g.,
B-bit DAC requires a clock that is 256 x output sine
wave frequency) and DAC glitching and settling, which
will introduce significant distortion as output
frequency increases.

LOW DISTORTION OSCILLATION iting action of the positive temperature coefficient bulb in
In many applications the distortion levels of a phase shift combination with the near ideal characteristics of the Wein
oscillator are unacceptable. Very low distortion levels are network allow very high performance. The photo of Figure 3
provided by Wein bridge techniques. In a Wein bridge stable shows the output of the circuit of Figure 28. The upper trace
oscillation can only occur if the loop gain is maintained at is the oscillator output. The middle trace is the downward
unity at the oscillation frequency. In Figure 28 this is slope of the waveform shown greatly expanded. The slight
achieved by using the positive temperature coefficient of a aberration is due to crossover distortion in the FET -input
small lamp to regulate gain as the output attempts to vary. LF155. This crossover distortion is almost totally responsi-

This is a classic technique and has been used by numerous ble for the sum of the measured 0.01 % distortion in this
circuit designers' to achieve low distortion. The smooth Iim-

-Including WilHam Hewlett and David Packard who built a few of these type circuits in a Palo Alto garage about forty years ago.



oscillator. The output of the distortion analyzer is shown in
the bottom trace. In the circuit of Figure 2b, an electronic
equivalent of the light bulb is used to control loop gain. The
zener diode determines the output amplitude and the loop
time constant is set by the 1M-2.2 ",F combination.
The 2N3819 FET, biased by the voltage across the 2.2 ",F
capacitor, is used to control the AC loop gain by shunting
the feedback path. This circuit is more complex than Figure
2a but offers a way to control the loop time constant while
maintaining distortion performance almost as good as in
Figure2a.

HIGH VOLTAGE AC CALIBRATOR
Another dimension in sine wave oscillator design is stable
control of amplitude. In this circuit, not only is the amplitude
stabilized by servo control but voltage gain is included within
the servo loop.
A 100 Vrms output stabilized to 0.025% is achieved by the
circuit of Figure 4. Although complex in appearance this cir-
cuit requires just 3 IC packages. Here, a transformer is used
to provide voltage gain within a tightly controlled servo

TYPE
327

LAMP

SINE·WAVE
OUTPUT

0.01 "F

lOOk

0.01 "F

loop. The LM3900 Norton amplifiers comprise a 1 kHz am-
plitude controllable oscillator. The LH0002 buffer provides
low impedance drive to the LS-52 audio transformer. A volt-
age gain of 100 is achieved by driving the secondary of the
transformer and taking the output from the primary. A cur-
rent-sensitive negative absolute value amplifier composed
of two amplifiers of an LF347 quad generates a negative
rectified feedback signal. This is compared to the LM329
DC reference at the third LF347 which amplifies the differ-
ence at a gain of 100. The 10 ",F feedback capacitor is used
to set the frequency response of the loop. The output of this
amplifier controls the amplitude of the LM3900 oscillator
thereby closing the loop. As shown the circuit oscillates at 1
kHz with under 0.1% distortion for a 100 Vrms (285 Vp-p)
output. If the summing resistors from the LM329 are re-
placed with a potentiometer the loop is stable for output
settings ranging from 3 Vrms to 190 Vrms (542 Vp-p!) with
no change in frequency. If the DAC1280 D/ A converter
shown in dashed lines replaces the LM329 reference, the
AC output voltage can be controlled by the digital code input
with 3 digit calibrated accuracy.

0.068"F

1N457

1N755
(7.SV)

FIGURE 2. A basic Weln bridge design (a) employs a lamp's positive temperature coefficient
to achieve amplitude stability. A more complex version (b) provides

the same feature with the additional advantage of loop time-constant control.

Trace Vertical Horizontal

Top 10V/DIV 10 ms/DIV
Middle W/DIV 500 ns/DIV
Bottom 0.5V/DIV 500 ns/DIV

FIGURE 3. Low-distortion output (top trace) is a Wein bridge oscillator feature. The very
low crossover distortion level (middle) results from the LF155's output stage. A distortion

analyzer's output signal (bottom) Indicates this design's 0.01% distortion level.
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DIGITAL
CONTROL

15k·

A1-A3 ~ y'LM3900

A4 ~ LH0002

A5-A7 ~ 'I.LF347

T1 ~ UTC LS-52

All diodes ~ 1N914

• ~ low-TC, metal-film types

TLlH/7483-S

FIGURE 4. Generate high-voltage sine waves using IC-based circuits by driving a transformer in a step-up mode. You
can realize digital amplitude control by replacing the LM329 voltage reference with the DAC1287.

NEGATIVE RESISTANCE OSCILLATOR
All of the preceding circuits rely on RC time constants to
achieve resonance. lC combinations can also be used and
offer good frAquency stability, high 0 and fast starting.
In Figure 5 a negative resistance configuration is used to
generate the sine wave. The 01-02 pair provides a 15 ",A
current source. 02's collector current sets 03's peak collec-
tor current. The 300 kO resistor and the 04-05 lM394

matched pair accomplish a vOltage-to-current conversion
that decreases 03's base current when its collector voltage
rises. This negative resistance characteristic permits oscilla·
tion. The frequency of operation is determined by the lC in
the 03-05 collector line. The lF353 FET amplifier provides
gain and buffering. Power supply dependence is eliminated
by the zener diode and the lF353 unity gain follower. This
circuit starts quickly and distortion is inside 1.5%.

SINE·
WAVE
OUTPUT

FIGURE 5. LC sine wave sources offer high stability and reasonable distortion levels. Transistors Q1 through Q5
Implement a negative-resistance amplifier. The LM329, LF353 combination eliminates power-supply dependence.



RESONANT ELEMENT OSCILLATOR-TUNING FORK
All of the above oscillators rely on combinations of passive
components to achieve resonance at the oscillation fre-
quency. Some circuits utilize inherently resonant elements
to achieve very high frequency stability. In Figure 6 a tuning
fork is used in a feedback loop to achieve a stable 1 kHz
output. Tuning fork oscillators will generate stable low fre-
quency sine outputs under high mechanical shock condi-
tions which would fracture a quartz crystal.
Because of their excellent frequency stability, small size and
low power requirements, they have been used in airborne
applications, remote instrumentation and even watches.
The low frequencies achievable with tuning forks are not

available from crystals. In Figure 6, a 1 kHz fork is used in a
feedback configuration with 02, one transistor of an
LM3045 array. 01 provides zener drive to the oscillator cir-
cuit. The need for amplitude stabilization is eliminated by
allowing the oscillator to go into limit. This is a conventional
technique in fork oscillator design. 03 and 04 provide edge
speed-up and a 5V output for TIL compatibility. Emitter fol-
lower 05 is used to drive an LC filter which provides a sine
wave output. Figure 68, trace A shows the square wave
output while trace B depicts the sine wave output. The 0.7%
distortion in the sine wave output is shown in trace C, which
is the output of a distortion analyzer.

01-05 - LM3045 array

Yl - 1 kHz tuning fork,
Fork Standards Inc.

All capacitors in J-LF

SINE·
WAVE
OUTPUT

FIGURE 6. Tuning fork based oscillators don't Inherently produce sinusoidal outputs. But when you do use
them for this purpose, you achieve maximum stability when the oscillator stage (01, 02) limits.

03 and 04 provide a TTL compatible signal, which 05 then converts to a sine wave.

Trace Vertical Horizontal

Top 5V/DIV
Middle 50V/DIV 500/Ls/DIV
Bottom 0.2V/DIV

FIGURE 6a. Various output levels are provided by the tuning fork oscillator shown In Figure 6.
This design easily produces a TTL compatible signal (top trace) because the oscillator Is allowed

to limit. Low-pass filtering this square wave generates a sine wave (middle). The oscillator's
0.7% distortion level Is Indicated (bottom) by an analyzer's output.



cnangmg power supply ami temperature parameters. Figure
7a shows a simple 100 kHz crystal oscillator. This Colpitts
class circuit uses a JFET for low loading of the crystal, aid-
ing stability. Regulation will eliminate the small effects (- 5
ppm for 20% shift) that supply variation has on this circuit.
Shunting the crystal with a small amount of capacitance al-
lows very fine trimming of frequency. Crystals typically drift
less than 1 ppm/'C and temperature controlled ovens can
be used to eliminate this term (Figure 7b). The RC feedback
values will depend upon the thermal time constants of the
oven used. The values shown are typical. The temperature
of the oven should be set so that it coincides with the crys-
tal's zero temperature coefficient or "turning point" temper-
ature which is manufacturer specified. An alternative to tem-
perature control uses a varactor diode placed across the

15V

OPTIONAL o(.~
VARACTOR =

CONTROL V,

0.001

fi
O.OOlIJoFE---o

vanes me CirCUitcnanges the VOltageacross the varactor,
which in turn changes its capacitance. This shift in capaci-
tance trims the oscillator frequency.

APPROXIMATION METHODS

All of the preceding circuits are inherent sine wave genera-
tors. Their normal mode of operation supports and main-
tains a sinusoidal characteristic. Another class of oscillator
is made up of circuits which approximate the sine function
through a variety of techniques. This approach is usually
more complex but offers increased flexibility in controlling
amplitude and frequency of oscillation. The capability of this
type of circuit for a digitally controlled interface has marked-
ly increased the popularity of the approach.

LM335.-.
I
I
I
II _

L ~ ~~~~~~~~~~~~

3k

lM32B

ICONTROL
OUTPUT
TO
CRYSTAL

(c)

FIGURE 7. Stable quartz-crystal oscillators can operate with a single active device (a). You can achieve
maximum frequency stability by mounting the oscillator In an oven and using a temperature-controlling

circuit (b). A varactor network (c) can also accomplish crystal fine tuning. Here, the varactor replaces the
oven and retunes the crystal by changing Its load capacitances.



SINE APPROXIMATION-BREAKPOINT SHAPER

Figure 8 diagrams a circuit which will "shape" a 20 Vp-p
wave input into a sine wave output. The amplifiers serve to
establish stable bias potentials for the diode shaping net-
work. The shaper operates by having individual diodes turn
on or off depending upon the amplitude of the input triangle.
This changes the gain of the output amplifier and gives the
circuit its characteristic non-linear, shaped output response.
The values of the resistors associated with the diodes deter-
mine the shaped waveform's appearance. Individual diodes
in the DC bias circuitry provide first order temperature com-
pensation for the shaper diodes. Figure 9 shows the circuit's

33k
lM313

6.34k

-15V 6.81k
1M

':' ~N:ci'J~ 7.87k

1M DAC 10_F 7.32k

performance. Trace A is the filtered output (note 1000 pF
capacitor across the output amplifier). Trace B shows the
waveform with no filtering (1000 pF capacitor removed) and
trace C is the output of a distortion analyzer. In trace B the
breakpoint action is just detectable at the top and bottom of
the waveform, but all the breakpoints are clearly identifiable
in the distortion analyzer output of trace C. In this circuit, if
the amplitude or symmetry of the input triangle wave shifts,
the output waveform will degrade badly. Typically, a D/ A
converter will be used to provide input drive. Distortion in
this circuit is less than 1.5% for a filtered output. If no filter is
used, this figure rises to about 2.7%.

SINE·
WAVE
OUTPUT

4.02k

15k

All diodes ~ 1N4148

All op amps ~ V. lF347

TlIH17483-12

FIGURE 8. Breakpoint shaping networks employ diodes that conduct In direct proportion to an Input triangle wave's
amplitude. This action changes the output amplifier's gain to produce the sine function.

Trace Vertical Horizontal

A 5V/DIV
B 5V/DIV 20 )Jos/DIV
C O.5V/DIV

FIGURE 9. A clean sine wave results (trace A) when Figure 8's circuit's output Includes a 1000 pF capacitor.
When the capacitor Isn't used, the diode network's breakpoint action becomes apparent (trace B).

The distortion analyzer'S output (trace C) clearly shows all the breakpoints.



SINE APPROXIMATION-LOGARITHMIC SHAPING
Figure 10 shows a complete sine wave oscillator which may
be tuned from 1 Hz to 10kHz with a single variable resistor.
Amplitude stability is inside 0.02%I'C and distortion is
0.35%. In addition, desired frequency shifts occur instanta-
neously because no control loop time constants are em-
ployed. The circuit works by placing an integrator inside the
positive feedback loop of a comparator. The lM311 drives
symmetrical, temperature-compensated clamp arrange-
ment. The output of the clamp biases the lF356 integrator.
The lF356 integrates this current into a linear ramp at its

15vl
25k

SYMMETRY
ADJUST 75k

-15V

All diodes - 1N4148

Adjust symmetry and wave-

shape controls for minimum distortion

output. This ramp is summed with the clamp output at the
lM311 input. When the ramp voltage nulls out the bound
voltage, the comparator changes state and the integrator
output reverses. The resultant, repetitive triangle waveform
is applied to the sine shaper configuration. The sine shaper
utilizes the non-linear, logarithmic relationship between Vbe
and collector current in transistors to smooth the triangle
wave. The lM394 dual transistor is used to generate the
actual shaping while the 2N3810 provides current drive. The
lF351 allows adjustable, low impedance, output amplitude
control. Waveforms of operation are shown in Figure 11.

LM329

':' ':'

AMPLITUDE

10k

100

':'
':' ':'

47
15k

-15V

SINE·
WAVE
OUTPUT

FIGURE 10a. Logarithmic shaping schemes produce a sine wave oscillator that you can
tune from 1 Hz to 10 kHz with a single control. Additionally. you can shift frequencies rapidly

because the circuit contains no control-loop time constants.



SINE APPROXIMATION-VOLTAGE CONTROLLED
SINE OSCILLATOR

Figure tOb details a modified but extremely powerful version
of Figure to. Here, the input voltage to the LF356 integrator
is furnished from a control voltage input instead of the zener
diode bridge. The control input is inverted by the LF351. The
two complementary voltages are each gated by the 2N4393
FET switches, which are controlled by the LM311 output.
The frequency of oscillation will now vary in direct propor-

tion to the control input. In addition, because the amplitude
of this circuit is controlled by limiting, rather than a servo
loop, response to a control step or ramp input is almost
instantaneous. For a OV-1 OV input the output will run over 1
Hz to 30 kHz .with less than 0.4% distortion. In addition,
linearity of control voltage vs output frequency will be within
0.25%. Figure tOe shows the response of this circuit (wave-
form B) to a 10V ramp (waveform A).

CONTROL·
VOLTAGf

INPUT
(O·10V)

OUTPUT TO
LOG·SHAPER
STAGES

-j15V
10k DISTORTION

TRIM

-15V

Adjust distortion for
minimum at 1 Hz to 10Hz

Adjust full·scale for 30 kHz
at 10V input

All diodes = 1N4148

·Match to 0.1%

FIGURE 10b. A voltage-tunable oscillator results when Figure toa's design Is modified to Include signal-level-
controlled feedback. Here, FETs switch the Integrator's Input so that the resulting summing-Junction current Is a

function of the Input control voltage. This scheme realizes a frequency range of 1 Hz to 30 kHz for a OV to 10V Input.

TlIH/7483-16
FIGURE 10c. Rapid frequency sweeping Is an Inherent
feature of Figure tob's voltage-controlled sine wave

oscillator. You can sweep this VCO from 1 Hz to 30 kHz
with a 10V Input signal; the output settles quickly.
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triangle current into the LF357 FET amplifier. The LF357 is
used to drive a shaper circuit of the type shown in Figure 10.
The output amplitude of the sine wave is stable and the
frequency is solely dependent on the clock used to drive the
counters. If the clock is crystal controlled, the output sine
wave will reflect the high frequency stability of the crystal. In
this example, 10 binary bits are used to drive the DAC so
the output frequency will be 1/1024 of the clock frequency.
If a sine. coded read-only·memory is placed between the
counter outputs and the DAC, the sine shaper may be elimi-

. #... -- -" .--- _.__ .. -,...--- .
and both may be varied at high rates of speed without intro-
ducing significant lag or distortion. Distortion is low and is
related to the number of bits of resolution used. At the 8-bit
level only 0.5% distortion is seen (waveforms, Figure 13;
graph, Figure 14) and filtering will drop this below 0.1 %. In
the photo of Figure 13 the ROM directed steps are clearly
visible in the sine waveform and the DAC levels and glitch·
ing show up in the distortion analyzer output. Filtering at the
output amplifier does an effective job of reducing distortion
by taking out these high frequency components.

Trace Vertical Horizontal

A 20V/DIV
B 20V/DIV 20 )Jos/DIV
C 10V/DIV
D 10V/DIV
E 0.5V/DIV

FIGURE 11. Logarithmic shapers can utilize a variety of circuit waveforms. The input to the LF356 Integrator (Figure tU)
appears here as trace A. The LM311's input (trace B) is the summed result of the integrator's triangle output (e) and the

LM329's clamped waveform. After passing through the 2N3810/LM394 shaper stage, the resulting sine wave Is
amplified by the LF351 (0). A distortion analyzer's output (E) represents a 0.35% total harmonic distortion.
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WAVE·SHAPE
TRIM

15V
DACo1020 '"!75k

SYMMETRY
TRIM

':" ':" ':"200
47 47

-15V ':"

15k

-15V

MM74COO ~ NAND

MM74C32 ~ OR

MM74C74 ~ D flip-flop

MM74193 = counters

FIGURE 12. Digital techniques produce triangular waveforms that methods employed In Figure 108can then
easily convert to sine waves. This digital approach divides the Input clock frequency by 1024 and uses the

resultant 10 bits to drive a DAC. The DAC's triangular output-amplified by the LF357-drlves the log shaper
stage. You could also eliminate the log shaper and place a sine-coded ROM between the counters' outputs

and the DAC, then recover the sine wave at point A.
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Trace Vertical Horizontal

Sine Wave 1V/DIV
200/Ls/DIV

Analyzer 0.2V/DIV

FIGURE 13. An a·blt sine coded ROM version of Figure 12'8 circuit produces a distortion level less than 0.5%. Filtering
the sine output-shown here with a distortion analyzer's trace-can reduce the distortion to below 0.1 %.
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FIGURE 14. Distortion levels decrease with Increasing
digital word length. Although additional filtering can

considerably Improve the distortion levels (to 0.1% from
0.5% for the 8-bit case), you're better off using a long digital word.



Applications of Audio
Amplifier- Transistor
Array ICs
The availability of extremely low cost audio amplifier ICs
with on-chip transistor arrays allows designers a great deal
of flexibility in designing audio circuits. The availability of the
uncommitted transistors on the chip makes it easier and
more economical to implement audio functions. One chip.
the LM389. features a 250 mW audio amplifier and a 3 NPN
transistor array (see "The LM389 Audio Amplifier- Transis-
tor Array IC" drawing). The amplifier has differential inputs,
separate pins for setting the gain via a resistor and runs
from a single supply which may range from 4V to 15V. The 3
transistors have good beta over a wide range of collector
currents and current handling capability of 25 mA. This com-
bination of devices and features on a single. low priced chip

National Semiconductor
Application Note 264

suggests that application areas unrelated to audio can be
served. A good example appears in Figure 1.

DC-DC CONVERTER

The circuit in Figure 1 uses the LM389 to provide a fUlly
isolated ± 15V supply from a 5V line. This is useful in power-
ing op amps and related circuitry in a primarily digital sys-
tem. This circuit is intended for use in a digital system where
it is necessary to supply ± 15V power to a small. low power
load. Although units are available which will do this. they are
designed to supply much more power than is required for
many applications and are quite expensive. In this circuit.
the LM389 amplifier is set up to oscillate at 20 kHz (Trace

5V

RESISTOR PROGRAMMAllE
GAIN PINS. GAINS Of 20-200

, +SUPPLY

17 18 1. 15 10

8YPASS CNO OUTPUT OUT , E _ 8
GROUNO . OzIII

• The gain pins allow resistive programming of
galns from 20 to 200.

• The bypass pin may be connected 10 ground
through 8 10 p.FQ8pll<:iIorfor increased supply
relection.

• The three transIStors have a minimum beta of
100 over a wide range of collector current. Vce
- 12V mlnlmum.

• Output (high current} ground should be I'e-
lur!'led directly to power supply ground.

8

__ ••.• __ '-_.._- ••.•• -..- •• E...."
113 Tl/H17484C2
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crosses the voltage at the positive input, the output again
changes state. The 20 kHz square wave output is fed to 01
and 03. The series diodes insure clean turn-off for 01 and
03. 01's inverted output drives 02 while 03 is used to drive
half the transformer primary (Trace C, Figure 2). 02 drives
the other half of the transformer primary out of phase be-
cause of 01's inversion (Trace 0, Figure 2). The saturated
switching of 03 and 02 is fast and clean (02 = Trace E,
Figure 2; 03 = Trace F, Figure 2; note horizontal sweep
speed change) and results in an efficient voltage step-up
across the transformer. The transformer output is rectified
and filtered to produce complementary voltages which may
be used to power the required linear components. This cir-
cuit will deliver ± 1.5 mA, enough to power an op amp or
instrumentation amplifier in a signal conditioning application.

ole ana cnanges state eacn time tne plate is touched. In
operation, each time the touch plate is contacted the 01
emitter follower conducts and its output is amplified by the
LM389's amplifier, whose normally positive output (note the
10 MO bias resistor to ••+ .. input) becomes a 60 Hz square
wave. This causes the potential at the output of the 10 kO-
4.7 JLF filter to jump sharply negative and remain there as
long as the plate is touched. This negative step triggers a
toggling flip-flop comprised of the remaining 02 and 03
LM389 transistors. In this manner, each time the touch plate
is contacted the output of the flip-flop changes state. The
flip-flop output is used to control a Triac or SCR which
switches AC power to the load.

0= lOV/DIV

E = 5V/D1V

2.2k

22k

AC

lOOk: )
I LOAD
L _

AC



PORTABLE OSCillOSCOPE CALIBRATOR
The circuit shown in Figure 4 allows a quick check of an
oscilloscope's time base and vertical calibration. It may be
built into a small hand-held box and powered by a 12.5V
battery, such as an Eveready type E-289. In this circuit the
amplifier oscillates at 1 kHz. The 30 kfi value should be
trimmed for a precise (± 5 Hz) 1 kHz output. The amplifier
output drives 01 which provides very fast edges at 02's
base. 02, an emitter follower, is used to drive 03, which is
connected in inverse mode and functions as a zener diode.
03's breakdown potential is scaled by the 2k potentiometer
to provide a 5.00V high square wave at the 5V output tap.
The remaining resistors in the string furnish the 1V and 0.1V
outputs. The 1 Mfi oscilloscope impedance does not intro-
duce any appreciable loading error.

0.1MYLARJ

JOk"
TRIM FOR

1 kHz OUTPUT

• = 1% film resistor

Battery ~ Eveready E-289, 12.5V

TUNING FORK STABILIZED FREQUENCY STANDARD
Figure 5 shows a circuit which provides a low frequency
tuning fork stabilized output. Both sine wave and TIL com-
patible outputs are available. The circuit runs from 5V, which
could be battery derived, due to the low power consump-
tion. The tuning fork provides a direct low frequency output
with very high stability (typically 5 ppml'C) with an initial
accuracy of 0.01%. It will withstand vibration and shock
which would fracture a quartz crystal. 03 is set up in a feed-
back configuration which forces the tuning fork to oscillate
at its resonant frequency. The signal at 03's collector is
squared up by 01 and 02, which provide a TIL compatible
square wave at 02's collector (Trace A, Figure 6). This
square wave is also used to drive an LC filter whose output
is a sine wave. The filter's output is unity gain amplified

02 4.7k 0.05

1M I390mH

':' 0.041

':' q
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~ by the amplifier to provide a low impedance output (Trace B,
:Z Figure 6). The amplifier, which has a minimum gain of 20, is
c( made to achieve apparent unity gain by the voltage divider

created between the internal 50 kO resistor and the 1 MO
unit in series with the positive input. The circuit's sine wave
output, which will drive an ao load, has less than 1% distor-
tion. Trace C, Figure 6 shows the output of a distortion ana-
lyzer connected to the sine wave output.

LOW DISTORTION OSCILLATOR
In Figure 7, the LM3aS is used to produce a low distortion
sine wave and a synchronous in-phase wave output is also
provided. The circuit's 114W output drive capability allows it

to drive loads such as transducer bridges. In such applica-
tions, the in-phase square wave output can be used to drive
synchronous demodulation switches. The oscillator's low
distortion (0.2%) is directly traceable to the use of a light
bulb which provides smooth amplitude limiting for the Wein
bridge network at the amplifier. In this example, oscillation
frequency is 1 kHz. The in-phase square wave output is
provided by the three transistors. 01, operating in the com-
mon base configuration, is based by the diode drop and the
1000 potentiometer. The resultant square wave at 01's col-
lector is used to drive the 02-03 common emitter stages
which provide edge speed-up. The potentiometer is adjust-
ed so that the edges of the output square wave precisely
line up with the zero crossings of the sine wave.



LOGARITHMIC AMPLIFIER
In Figure 8, the LM389 is used in an unorthodox fashion to
build a logarithmic amplifier which eliminates the usual com-
plex and expensive temperature compensation associated
with such circuits. This allows the cost of the logarithmic
amplifier function to be reduced by an order of magnitude
compared to conventional approaches. 03 functions as a
chip temperature sensor while 02 serves as a heater. The
amplifier senses the temperature dependent VSEof 03 and
drives 02 to servo the chip temperature to the set point
established by the 10 kfi-1 kfi divider string. The LM329
reference insures power supply independence of the tem-
perature control. 01, the logging transistor, operates in this
tightly controlled thermal environment (typically 50'C) and is
immune to ambient temperature shifts. The LM340L 12V
regulator insures safe operation of the LM389, a 12V de-
vice. When the circuit is first turn ON, the voltage 02's emit-
ter is about 3.3V resulting in a current flow of 120 mA. This
forces 02 to dissipate about 1.5W which raises the chip to
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operating temperature very rapidly. At this point the thermal
servo takes control and backs the power down. The
LM340L regulator has only 3V across it, so dissipation never
exceeds more than about 0.3W. The zener at the base of
02 prevents servo lock-up during circuit start-up. Because
of the small size of the chip, warmup is quick and power
consumption low.
To adjust this circuit, ground the base of 02, apply circuit
power and measure the collector potential of 03 at known
room temperature. Next, calculate what 03's collector po-
tential will be at 50'C, allowing - 2.2 mVI'C. Select the 1k
value to yield a voltage close to the calculated 50'C poten-
tial at the LM389's negative input. This can be a fairly loose
trim, as the exact chip temperature is unimportant, so long
as it is stable. Finally, unground 02's base and the circuit
will servo. This may be functionally checked by reading 03's
collector voltage and noting stability within 100 ",V (0.05'C)
while blowing on A3.

OUTPUT OV-l0V
(FOR INPUTS OF
10nATOlmAl



The continued emphasis on energy conservation has forced
designers to consider the power consumption and efficiency
of their products. While equipment for the industrial market
must be designed with attention towards these factors, the
consumer area i" even more critical. The high cost of elec-
lricity has promoted a great deal of interest in the expense
of powering various appliances. The watt-watt-hour meter
outlined in Figure 1 allows the designer to easily determine
power consumption of any 115V AC powered device. The
extremely wide dynamic range of the design allows mea-
surement of loads ranging from O.1Wto 2000W.
Conceptually, the instrument is quite straightforward (Figure
1). The device to be monitored is plugged into a standard
110V AC outlet which is mounted on the front panel of the
instrument. The AC line voltage across the monitored load
is divided down and fed via an op amp to one input of a 4-
quadrant analog multiplier. The current through the load is
determined by the voltage across a low resistance shunt.
Even at 20A the shunt "steals" only 133 mV, eliminating the
inaccuracies a high resistance current shunt would contrib-
ute. This single shunt is used for all ranges, eliminating the
need to switch in high impedance shunts to obtain adequate
signal levels on the high sensitivity scales.
This provision is made possible by low uncertainty in the
current amplifier, whose output feeds the other multiplier

DIGITAL
WAn AND POWER

DISPLAY

input. Switchable gain at the current amplifier allows decade
setting of instrument sensitivity. The instantaneous power
product (Ex I) drawn by the load is represented by the multi-
plier output. Because the multiplier is a 4-quadrant type, its
output will be a true reflection of load power consumption,
regardless of the phase relationship between voltage and
current in the load. Because the multiplier and its associated
amplifiers are connected directly to the AC line, they must
be driven from a floating power supply. In addition, their
outputs cannot be safely monitored with grounded test
equipment, such as strip chart recorders. For this reason,
the mUltiplieroutput drives an isolation amplifier which oper-
ates at unity gain but has no galvanic connection between
its input and output terminals.
This feature is accomplished through pulse amplitude mod-
ulation techniques in conjunction with a small transformer,
which provides isolation. The isolated amplifier output is
ground referenced and may safely be connected to any
piece of test equipment. This output is filtered to provide a
strip chart output and drive the readout meter, both of which
indicate load power consumption. The isolation amplifier
output also biases a vOltage-to-frequency converter which
combines with digital counters to form a digital integrator.
This allows power over time (watt-hours) to be integrated
and displayed. Varying the divide ratio of the counters pro-
duces ranging of the watt-hour function.



Note 1: All diodes 1N4148.

Note 2: ,/, floating ground connected to neutral side of 110 VAC line.

Note 3: R# = G.E. current shunt 50 - 140034NDAA.

Note 4: Circuit power from ± 15V floating supply shown in schematic.

Note 5: -Resistors are 1% metal film types.

·B
STANCOR

PI394
(ZIVi' 100 mA}

200

'IV

i'ow'.
OUTPUT
TRIM(PZI
10'

-15V

D.Ol pF,p TRW TC-SSO·32
PRIMARY SHOWN
(SEE fiGURE Zb FOR
SECONDARY CONNECTIONS)
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TRIM (PJ)
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CHART
ADJUST ~(DY·5YI1.

CHART
_ OUTPUT

INSTANT
ANALOG
DUTPUT

LMJJ1
VlF

CDNYERTER
*,D.DD'"F"

DIGITAL·
DIYIDER

CHAIN
6. MM14C80

2W·HR
2DW·HR

2DGW·HR
HW·HR

Note 1: •Resistors are 1% metal film types.

Note 2: "Potystyrene capacitor.

Note 3: DO NOT connect (+l ground of this half of circuit to (A.) ground of Figure 28.
Note 4: ± 15V power must come from 8 source other than floating supply of A'gufe 2a.

Note 5: Figure 28 and Figure 2b must be electrically isolated from each other.

FIGURE 2b. Grounded Side of Circuit. This Circuit Can Safely Be Connected to a Chart
Recorder or Computer Due to Isolation Provided by TRW Transformer.

Figures 28 and 2b show the detailed schematic. with Figure
3 giving the waveforms of operation. The AC line is divided
down by the 100 kG - 4.4 kG resistor string. Y2 of A2 (ampli-
fier A) serves as a buffer and feeds one input of an analog
multiplier configuration. A 1 monitors the voltage across the
current shunt at a fixed gain of 100. The other half of A2 (B)
provides additional gain and calibrated switching of wattage
sensitivities from 2W to 2000W full-scale over four decade

ranges. The 1N1195 diodes and the 20A fuses protect A 1
and the shunt in the event a short appears across the load
test socket. The voltage and current signals are mUltiplied
by a multiplier configuration comprised of amplifiers A3. C
and D. and the LM394 dual transistors. The multiplier is of
the variable transconductance type and works by using one
input to vary the gain of an amplifier whose output is the
other input of the multiplier.



The output of the multiplier (Figure 3, Trace A) represents
the instantaneous power consumed by the load. This infor-
mation is used to bias a pulse amplitude modulating isola-
tion amplifier. The isolation amplifier is made up of A3 (A
and 8) and the discrete transistors. The A3 (A) oscillator
output (Figure 3, Trace 8) biases the 01-02 switch, which
drives a pulse transformer. A3 (8) measures the amplitude
of the pulses at the transformer and servo controls them to
be the same amplitude as its "+" input, which is biased
from the multiplier output. 03 provides current drive capabil-
ity and completes the feedback path for A3 (8). Figure 3,
Trace D shows the pulses applied to the transformer. Note
that the amplitude of the pulses applied to the transformer
forms an envelope whose amplitude equals the multiplier
output. Figure 3, Trace C shows 03's emitter voltage chang-
ing to meet the requirements of the servo loop.
The amplitude modulated pulses appear at the transform-
er's secondary, which is referenced to instrument ground.
The amplitude of each pulse is sampled by A5, a sample-
hold amplifier. The sample command is generated by A4.
The output of A5 is lightly filtered by the 15 kfl-0.02 JJoF
combination and represents a sampled version of the in-
stantaneous power consumed in the load (Figure 3, Trace
E). Heavy filtering by the 1 Mfl -1 JJoFtime constant produc-
es a smoothed version of the power signal, which drives the
watts meter and the strip chart output via the A6 (A) buffer.
The watt-hour time integration function is provided by an
LM331 voltage-to-frequency converter and a digital divider
chain which form a digital integrator. The lightly filtered A5
output is fed to A6 (8) which is used to bias the VIF convert-
er. The V/F output drives a divider chain. The ratio of the
divider chain sets the time constant of the integrator and is
used to switch the scale factor of the watt-hours display.
The additional counters and display provide the digital read-
out in watt-hours. A zero reset button allows display reset.

INSTRUMENT CALIBRATION
To calibrate the instrument, pull the 20A fuses from their
holders. Next, adjust P1 for O.OOVout at A2 (8) with the
watts range switch in the 2 watt position. Then, disconnect
both multiplier input lines and connect them to floating
("m") instrument ground. Adjust P2 for OV out at A6 (A).
Next, apply a 10 Vp-p 60 Hz waveform to the current input
of the mUltiplier (leave the voltage input grounded) and ad-
just P3 for zero volts out at A6 (A). Then, reverse the state
of the multiplier inputs and adjust P4 for zero volts out at A6
(A). Reconnect the mUltiplier input into the circuit. Read the
AC line voltage with a digital voltmeter. Plug in a known load
(e.g., 1% power resistor) to the test socket and adjust P5
until the meter reads what the wattage should be (wattage
= line voltage2/resistance of load). Finally, lift A6's (8's)
"+" input line, apply 5.00V to it, and adjust P6 until the
LM331V/F output (pin 3) runs at 27.77 kHz. Reconnect A6's
(8's) input. This completes the calibration.

APPLICATIONS
Once calibrated, the watt-watt-hour meter provides a power-
ful measurement capability. A few simple tests provide
some surprising and enlightening results. The strip chart of
Figure 4a shows the measured power a home refrigerator
draws over 3% hours at a temperature set-point of rc.
Each time the compressor comes on, the unit draws about
260W. Actually, the strip chart clearly shows that as the
compressor warms up over time, the amount of power
drawn drops off a bit. The watt-hour display was used to
record the total watt-hours consumed during this 3% hour
period. The data is summarized in the table provided. With
the temperature control in the refrigerator set to maintain
5"C, just 2"C colder, it can be seen that the compressor duty
cycle shifts appreciably (Figure 4b), over 6%! This factor is
directly reflected in the kW-HI cycle and yearly operating
cost columns. If you want your milk 2"C colder you will have
to pay for itl



520
table it can be seen that various facial areas cost more to

~ shave than others. The high power drawn by the side burn

'" attachment on the razor is somewhat compensated for by

~ 260
•... the relatively short period of time it is in use. A complete

I I shave, including the 4 areas listed, costs 0.00692 cents/day

I I or 8.68 cents per year. If this is too high, you can economize
0 by growing a beard.

0 1 2 3

TIME (HOURS) 10
TLiH/5626-5 SIOEBURN ATTACHMENT OH-

I
"..

Temperature Watts
Kilowatt-

Cost/Day Cost/Year ~ 6
Hours/Cycle '" I---A B-

5'C 260 0.119 $0.1147 $41.89 ~ •
rc 260 0.104 $0.0998 $36.44 - C f---

2 - 01-
FIGURE 4a. Temperature=7.0'C 0
Compressor Duty Cycle = 40% 0 0.5 1.0 1.5 2.0

TIME (MINUTES)

TLiH/5626-7

Cost (at 4¢
520 Facial Area Power(W) Watt-Hours Kilowatt-Hours)

~ Per Shave
'"~ 260 Cheeks~ -- ....•• ~

("A") 5.8 0.173 0.00692¢

0
Upper/Lower Lip

- - ("S") 5.4 0.123 0.00492¢

0 1 2 3 • 5
Right Sideburn

TIME (HOURS) ("C") 8.4 0.063 0.00252¢

TL/H/5626-6 Left Sideburn
FIGURE 4b. Temperature = S.O'C ("D") 8.4 0.061 0.00244¢
Compressor Duty Cycle = 46% FIGURES



Circuit Applications of
Sample-Hold Amplifiers

National Semiconductor
Application Note 266

Most designers are familiar with the sample-hold amplifier
as a system component which is utilized in high speed data
acquisition work. In these applications, the sample-hold am-
plifier is used to store analog data which is then digitized by
a relatively slow AID converter. In this fashion, high speed
or multiplexed analog data can be digitized without resorting
to complex and expensive ultra-high speed AID converters.

Fiber Optic Data Link Intrusion Alarm
The circuit of Figure t will detect an attempt to tap a fiber
optic data link. It may be used with any fiber optic communi-
cation system which transmits data in pulse coded form.
The circuit works by detecting any short-term change in the
loss characteristics of the fiber optic line. Long term chang-
es due to temperature and component aging do not affect
the circuit. The amplitude of the pulses at the LH0082 fiber
optic receiver Ie (AS) will depend upon the characteristics of
the photocomponents and the losses in the optical line. Any
attempt to tap the fiber optic will necessitate removal of
some amount of light energy. This will cause an instanta-
neous drop in the pulse amplitude at AS's output. The ampli-
tude of each of AS's output pulses is sampled by the LF398
sample-hold amplifier (A3) , A1 and A2 provide (\ delayed

The use of sample-hold amplifiers as circuit oriented com-
ponents is not as common as the class of application de-
scribed above. This is unfortunate, because sampling tech-
niques allow circuit functions which are sophisticated, low
cost and not easily achieved with other approaches. An ex-
cellent example is furnished by the fiber optic data link intru-
sion alarm of Figure 1.

LED
MODULATION

SOURCE

LATCHED
ALARM
OUTPUT

TL/H/5627-1

FIGURE 1. Fiber optic link eavesdropping attempts are Immediately detected by this design. Working on a pulse-by-
pulse comparison basis, A3 samples each Input pulse and holds Its output amplitude value at a DC level. Anything
that disturbs the next Input's amplitude causes a Jump In this level; because A4 Is an AC-coupled amplifier, the
comparator and latch then activate.



sample-hold control pulse to A3, which insures that A6's
output is sampled well after its output has settled. Under
normal conditions, the pulse-to-pulse amplitude variations at
A6's output will be negligible, and the output of A3 will be at
a DC level. A4 is AC coupled and its output will be zero.
During an intrusion attempt, energy will be removed from
the line and A6's output will shift, causing A3 to jump to a
new DC level. This shift will be AC amplified by A4 and the
A5 comparator will trip, activating the latch circuitry.
Note that the circuit is not affected by slow drifts in circuit
components over time and temperature because it is only
sensitive to AC disturbances on the line. In addition, the
frequency and pulse widths of the data may vary over wide
ranges. The photo of Figure 2 shows the circuit in operation.
Trace A is A6's output. Trace B is the sample-hold control
pin at A3 and Trace C is the latch-alarm output. In this fig-
ure, a disturbance on the fiber optic line has occurred just
past the midpoint of the photo. This is reflected by the re-
duced amplitude of A6's output at this point. The latch-
alarm output goes high just after the sample command ris-
es, due to the sample-hold amplifier jumping to the new
value at A6's output. In the photo, the disturbance has been
made large ( •• 10%) for viewing purposes. In practice, the
circuit will detect an energy removal as small as 0.1% from
the line.

Proportional Pulse Stretcher
The circuit of Figure 3 allows high accuracy measurement of
short width pulse durations. The pulses may be either

SCALE
FACTOR
ADJUST

1.2" 100k

-«- ~ 1N4148
-+f- ~ Photodiode, RCA type C·30708
NPN ~2N2369
PNP ~ 2N2907A

LF347 ~ Quad op amp

TRACE VERTICAL HORIZONTAL

A 10V/DIV 1 mSEC/DIV
8 10V/DIV 1 mSEC/DIV
C 10V/DIV 1 mSEC/DIV

FIGURE 2. An Intrusion attempt occurring Just past the
midpoint of Trace A Is Immediately detected by Figure
1's circuit. The photodetector's amplifier output (A)
shows a slight amplitude drop. The next time the 5-H
amplifier samples this signal (8), the alarm latch sets
(C).

O.O'·'T

TL/H/5627-3
FIGURE 3. Pulse width measurement accuracy Is enhanced by this pulse stretching circuit. A short Input pulse triggers
the 74121 one-shot and (via Q1) discharges the 100 pF capacitor while concurrently turning on the recharging current
source, Q3. So long as the Input pulse Is present, the capacitor charges; when the pulse ends, the capacitor's voltage Is
proportional to the pulse's width. 5-H amplifier A2 samples this voltage, and the resultant DC level controls the ON
duration of the A4/A5 pulse width modulator.



repetitive or single-shot events. Using digital techniques, a
1% width measurement of a 1 ,..S event requires a 100 MHz
clock. This circuit gets around this requirement by linearly
amplifying the width of the input pulse with a time multiplying
factor of 1000 or more. Thus, a 1 ,..S input event will yield a
1 ms output pulse which is easy to measure to 1%. This
measurement capability is useful in high energy physics and
nuclear instrumentation work, where short pulse width sig-
nals are common.
Figure 4, Trace A shows a 350 ns input pulse applied to the
circuit of Figure 3. The A1 comparator output goes low (Fig-
ure 4, Trace B), triggering the DM74121 one shot, which
resets the 100 pF capacitor to OVvia 01 with a 50 ns pulse
(Trace C). Concurrently, 02 is turned off, allowing the A3
current source to charge the 100 pF capacitor in a linear
fashion (Figure 4, Trace C). This charging continues until the
circuit input pulse ends, causing Al's output to return high
and cutting off the current source. The voltage across the
100 pF capacitor at this point in time is directly proportional
to the width of the circuit input pulse. This voltage is sam-
pled by the LF398 sample-hold amplifier (A2) which re-

ceives its sample-hold command from A3 (Figure 4, Trace
E-note horizontal scale change at this point). A3 is fed
from a delay network which is driven by Al's inverting out-
put. The output of A2 is a DC voltage, which represents the
width of the most recently applied pulse to the circuit's in-
put. This DC potential is applied to A4, which along with A5
comprises a voltage controlled pulse width modulator. A5
ramps positive (Figure 4, Trace G) until it is reset by a pulse
from A6, which goes high for a short period (Figure 4, Trace
F) each time A3's output (Figure 4, Trace E) goes low. The
ramps at A6's output are compared to A2's output voltage
by A4, which goes high for a period linearly dependent on
A2's output value (Figure 4, Trace H). This pulse is the cir-
cuit's output.
In this particular circuit, the time amplification factor is about
2000 with a 1 ,..S full-scale width giving a 1.4 ms output
pulse. Absolute accuracy of the time expansion is 1% (10
ns) referred to input with resolution down to 2 ns. The 50 ns
DM74121 reset pulse limits the minimum pulse width the
circuit can measure.

TRACE VERTICAL HORIZONTAL

A 10V/DIV 100 nSEC/DIV
B 5V/DIV 100 nSEC/DIV
C 5V/DIV 100 nSEC/DIV
0 5V/DIV 100 nSEC/DIV
E 50V/DIV 500 ,..SEC/DIV
F 50V/DIV 500 ,..SEC/DIV
G 20V/DIV 500 ,..SEC/DIV
H 100V/DIV 500,..SEC/DIV

FIGURE 4. A sequence of events In Figure 3's circuit
stretches a 350 ns Input pulse (A) by a factor of 2000.
When triggered, comparator A1 goes low (B). This action
starts the recharging of a capacitor (C) after Its previous-
ly stored charge has been dumped (D). When the Input
pulse ends, the capacitor's voltage Is sampled under con-
trol of a delayed pulse (E) derived from the Input amplifi-
er's Inverting output (F). The sampled and held voltage
then turns off a voltage controlled pulse width modulator
(G), and a stretched output pulse results (H).



Controlled Amplitude Pulser
Figure 5 depicts a circuit which converts an input pulse train
into an amplitude stabilized pulse output which will drive a
20n load. The output pulse amplitude is adjustable from OV
to 1OVand is stable over time, temperature and load chang-
es. This circuit function is useful in automatic test equipment
and general laboratory applications.
The circuit works by storing the sampled amplitude of the
output pulse as a DC level, and supplying this information to
a feedback loop which controls the voltage applied to the
output switch. Each time a pulse is applied at the circuit in-
;Jut, the 02-03 combination turns on and drives the load.

Simultaneously, the Al sample-hold amplifier is placed in
the sample mode. When the pulse ends, Al's output is at a
DC level equal to the amplitude of the output pulse. This
level is compared to the amplitude set DC reference by A2,
whose output drives 01. 01's emitter provides the DC sup-
ply level to the 02-03 switch. This servo action forces the
amplitude of the output pulse to be the same as the DC
potential at the amplitude set potentiometer wiper, regard-
less of 03 switch losses or loading. In Figure 6, Trace A is
the circuit output. Traces Band C detail the rising and falling
edges of the output (note horizontal sweep time change for
B and C) with clean 50 ns transitions into the 20n load.

CONTROLLED
AMPLITUDE
OUTPUT

+ tOk

5 AMPLITUDE
Ie SET

15V~

Tl/H/5627-5

FIGURE 5. Pulse amplitude control results when this circuit samples an output pulse's amplitude and compares It with a
preset reference level. When the output exceeds this reference, A2 readjusts switching transistor Q3's supply voltage
to the correct level.

TRACE VERTICAL HORIZONTAL

A 10V/DIV 1 mSEC/DIV
8 10V/DIV 100 nSEC/DIV
C 10V/DIV 100 nSEC/DIV

TL/H/5627-6

FIGURE 6. A 10V, 0.5A pulse (A) Is amplitude stabilized by the 5-H technique depleted In Figure 5. Note the clean 50 ns
rise (8) and fall (C) times.



Isolated Input Signal Conditioning Amplifier
Figure 7 is a logical and very powerful extension of the con-
trolled amplitude pulser shown in Figure 5. This circuit per-
mits measurement of a small amplitude signal, e.g., thermo-
couples, in the presence of common-mode noise or volt-
ages as high as 500V. This is a common requirement in
industrial control systems. Despite the fact that the input
terminals are fully galvanically isolated from the output, a
transfer accuracy of 0.1% may be expected. With the op-
tional low-level pre-amplifier shown, inputs as low as 10 mV
full-scale may be measured.
The circuit works by converting the input signal into a pulse
train whose amplitude is linearly dependent on the input

Unless noted, all capacitors in ~F
• = 1% RN60C film resistor

~=1N4148

~ = Circuit and system ground
,)., = Floating ground

T1 = TRW TC·SSO-32

CA = O.33I'F typical

signal value. This pulse train drives a transformer which pro-
vides total galvanic isolation of the input circuitry from
ground. The transformer output is then demodulated back
to a DC level to provide the circuit's system ground refer-
enced output. The amplitude of the pulse train which drives
the transformer is controlled by a loop very similar to the
one described in Figure 5. The amplitude set potentiometer
has been deleted, and the servo amplifier's" +.. input be-
comes the circuit input. A1, a low drift X1000 amplifier, may
be employed for boosting low-level inputs. The pulse train is
supplied by A2, which is set up as an oscillator (A2 output
shown in Figure 8. Trace A). The feedback to the pulse
amplitude stabilizing loop is taken from an isolated

TUH/5627-7
FIGURE 7. Obtain Input signal isolation using this circuit's dual 5-H scheme. Analog Input signals amplitude modulate a
pulse train using a technique similar to that employed in Figure 5's design. This modulated data Is transformer coupled,
and thereby isolated, to a DC filter stage, where It is resampled and reconstructed.

TRACE VERTICAL HORIZONTAL

A 50V/DIV 100,..SEC/DIV
B W/DIV 100,..SEC/DIV
C 50V/DIV 100,..SEC/DIV
0 10V/DIV 100,..SEC/DIV
E 5V/DIV 100 ,..SEC/DIV

TL/H/5627-8

FIGURE 8. Figure 7'5 in-circuit oscillator (A2) generates both the sampling pulse (A) and the switching transistor's
drive. Modulated by the analog input signal, Q2's (and therefore T1's) output (B) Is demodulated by SoHamplifier A7.
AS's output (C) and A6's input (D) and output (E) provide a delayed sample command.



secondary of the transformer, which insures high accuracy
amplitude information transfer. The amplitude coded infor-
mation at the transformer's secondary (Figure 8, Trace B) is
demodulated back to a DC level by sample-hold amplifier,
A7. A5 (output, Figure 8, Trace C) and A6 ("+" input, Fig-
ure 8, Trace D; output, Figure 8, Trace E) provide a delayed
sample command to A7, ensuring accurate acquisition of
the transformer's output pulse amplitude. A8 provides gain
trimming and filtering capability.
Figure 9 provides very graphic evidence of the circuit at
work. Here, a DC biased sine wave (Figure 9, Trace A) is fed
into the circuit input. Trace B is the clock from A2's output.
Trace C is the transformer secondary (input of A7 sample-

hold amplifier) and Trace D is ATs output. Trace E shows
the filter's output at A8.

Precision, High Efficiency Temperature Controller
The sample-hold amplifier in Figure 10 is used to provide
very high stability in an oven temperature control circuit. In
this circuit, the output signal of the pulse driven thermistor-
bridge is ten times greater than the usual DC driven bridge.
In thermistor-bridges, power dissipation in the resistors and
thermistor is the limiting factor in how much DC bridge drive
may be used. However, if the bridge drive is applied in the
form of high voltage pulses at very low duty cycle, average
power dissipation will be low and a high bridge output signal
will result.

TRACE VERTICAL HORIZONTAL

A 5V/DIV 100 mSEC/DIV
B 100V/DIV
C 5V/DIV
0 5V/DIV
E 5V/DIV

TL/H/5627-9

FIGURE 9. Completely Input-to-output Isolated, Figure 7'5 circuit's analog Input signal (A) Is sampled by a clock pulse
(B) and converted to a pulse amplitude modulated format (C). After filtering and resampllng, the reconstructed signal
(0) Is available smoothed (E).

01,02 = LM395
• = TAW 1% MAR-6 resistor

Transformer = P8394 (Slancor)
-i>f- = 1N4148

R Thermlster = Yellow Springs
Inst. Co .• 44014
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TL/H/5627-10

FIGURE 10. Tight temperature control results when high voltage pulses synchronously drive a thermlstor-brldge-a
trick that Increases signal level-and are then sampled and used to control a pulse width modulated heater driver.



In Figure 10, this operation is implemented by having the A1
oscillator drive 01 to energize a common 24V transformer
used "backwards". The transformer's floated output is a
100V pulse which is applied directly across the thermistor-
bridge. With one side of the bridge output grounded, the
bridge drive with respect to ground appears as complemen-
tary 50V pulses (Figure 11, Traces A and B). A2 provides
amplification of the bridge's pulsed output (Figure 11,Trace
C). A3, a sample-hold amplifier, samples the middle of A2's
output pulses and has a DC output equal to the amplitude of
these pulses. Proper timing for A3's sample command (Fig-
ure 11, Trace D) is provided by the A4-A5 pair and their
associated RC networks. The DC output of A3 is low-pass
filtered and fed to A6, which combines with A7 to form a
simple pulse width modulator. The output of A7 is a ramp
(Figure 11,Trace F-note horizontal scale change) which is
periodically reset by A5's output (Figure 11, Trace E). This
ramp is compared at A6 to A3's output, and the resultant
pulse at A6's output (Figure 11,Trace G) is used to drive the

02 heater control switch. In this fashion, the ON time of the
pulse applied to the heater will be proportional to the
sensed offset at the thermistor-bridge. Thermal feedback
from the heater to the thermistor completes a loop around
the circuit. The 5 Mo. potentiometer is used to adjust the
time constant of this loop, and the 2.5k potentiometer at A2
sets the gain.
In operation, with the thermistor and heater tightly coupled,
the time constant of the loop is adjusted by applying small
step changes in the temperature setpoint. This is done by
alternately opening and closing a switch across a 1000. re-
sistor in series with one of the bridge resistors. For the ther-
mistor shown, this represents a O.02"Cstep. The response
of the loop to these steps can be monitored at A3's output.
With the loop time constant and gain properly adjusted, A3's
output will settle in a minimum amount of time in response
to the steps. Figure 12 shows settling for both "+" and
"-" steps, with settling inside 2 seconds for either polarity
step.

TRACE VERTICAL HORIZONTAL

A 100V/DIV 200 ",SEC/DIV
B 100V/DIV 200 ",SEC/DIV
C 5V/DIV 200 ",SEC/DIV
0 10V/DIV 200 ",SEC/DIV
E 5V/DIV 1 mSEC/DIV
F 10V/DIV 1 mSEC/DIV
G 50V/DIV 1 mSEC/DIV

TLIH/5627-11

FIGURE 11. Driving a thermistor-bridge with complementary high voltage pulses (A and B) permits high gain amplifica-
tion without drift problems (C). Driven by a delayed sample command (D), a 5-H amplifier converts the bridge's error
signal to a DC level (E) that controls a pulse width modulated heater driver (F and G).

FIGURE 12. Tight heater to thermistor coupling and care-
ful calibration can provide rapid temperature restablllza-
tlon. Here the controlled oven recovers within 2 seconds
after ± O.002'C steps.



Sample-Hold Amplifier Terms
Acquisition Time: The time required to acquire a new ana-
log input voltage with an output step of 10V. Note that ac-
quisition time is not just the time required for the output to
settle, but also includes the time required for all internal
nodes to settle so that the output assumes the proper value
when switched to the hold mode.
Aperture Time: The delay required between hold command
and an input analog transition, so that the transition does
not affect the held output.

Gain Error: The ratio of output voltage swing to input volt-
age swing in the sample mode expressed as a percent dif-
ference.
Hold Settling Time: The time required for the output to
settle within 1 mV of final value after the hold logic com-
mand.
Hold Step: The voltage step at the output of the sample-
hold when switching from sample mode to hold mode with a
steady (DC) analog input voltage. Logic swing is specified,
usually 5V.

DIFfERENTIAL
LOGIC PINS

(PIN 7 TYPICALLY GROUNDED)

FIGURE 13. Typical Sample-Hold Ie Amplifier



Circuit Applications of
Multiplying CMOS D to A
Converters

The 4-quadrant multiplying CMOS D to A converter (DAC) is
among the most useful components available to the circuit
designer. Because CMOS DACs allow a digital word to op-
erate on an analog input, or vice versa, the output can rep-
resent a sophisticated function. Unlike most DAC units,
CMOS types permit true bipolar analog signals to be applied
to the reference input of the DAC (see shaded area for
CMOS DAC details).
This feature is one of the keys to the CMOS DAC's versatili-
ty. Although D to A converters are usually thought of as
system data converters, they can also be used as circuit
elements to achieve complex functions. Some CMOS

REFERENCE
INPUT

(ANALOGI
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DACs contain internal logic which makes interface with mi-
croprocessors and digital systems easy. In circuit oriented
applications, however, the "bare bones" DACs will usually
suffice. As an example, Figure 1 shows a 0 kHz-30 kHz
variable frequency sine wave generator which has essen-
tially instantaneous response to digital commands to
change frequency. This capability is valuable in automatic
test equipment and instrumentation applications and is not
readily achievable with normal sine wave generation tech-
niques. The linearity of output frequency to digital code input
is within 0.1% for each of the 1024 discrete output frequen-
cies the 10-bit DAC can generate.
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To understand this circuit, assume A2's output is negative.
This means that its zener bounded output applies - 7V to
the DAC's reference input. Under these conditions, the DAC
pulls a current from A1's summing junction which is directly
proportional to the digital code applied to the DAC. A1, an
integrator, responds by ramping in the positive direction.
When A1 ramps far enough so that the potential at A2's
..+ .. input just goes positive, A2's output changes state and
the potential at the DAC's reference input becomes +7V.
The DAC output current reverses and the A1 integrator is
forced to move in the negative direction. When the nega-
tive-going output of A1 becomes large enough to pull A2's
..+ .. input slightly, negative A2's output changes state and
the process repeats. The resultant amplitude stabilized tri-
angle wave at A1's output will have a frequency which is
dependent on the digital word at the DAC.The 20 pF capac-
itor provides a slight leading response at high operating fre-
quencies to offset the 80 ns response time of A2, aiding
overall circuit linearity. The triangle wave is applied to the
01-02 shaper "network, which furnishes a sine wave out-
put. The shaper works by utilizing the well known logarith-
mic relationship between V8Eand collector current in a tran-
sistor to smooth the triangle wave.
To adjust this circuit, set all DAC digital inputs high and trim
the 25k pot for 30 kHz output. Next, connect a distortion
analyzer to the circuit output and adjust the 5k and 75k
potentiometers associated with the shaper network for mini-
mum distortion. The output amplifier may be adjusted with
its potentiometer to provide the desired output amplitude.

This circuit permits rapid switching of output frequency
which is not possible with other methods. Figure 2 shows
the clean, almost instantaneous response when the digital
word is changed. Note that the output frequency shifts im-
mediately by more than an order of magnitude with no un-
toward dynamics or delays. If operation over temperature is
required, the absolute change in resistance in the DAC's
internal ladder network may cause unacceptable errors.
This can be corrected by reversing A2's inputs and inserting
an amplifier (dashed lines in schematic) between the DAC
and A1. Because this amplifier uses the DAC's internal
feedback resistor, the temperature error in the ladder is can-
celled and more stable operation results.

2oor1ll'V
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Digitally Programmable Pulse Width Modulator

The circuit of Figure 3 allows the DAC inputs to control a
pulse width. This capability has been used in automatic test-
ing of secondary breakdown limits in switching transistors.
The high resolution of control the DAC exercises over the
pulse width is useful anywhere wide range, precision pulse
width modulation is necessary. In this circuit, the length of
time the A 1 integrator requires to charge to a reference lev-
el is determined by the current coming out of the DAC. The
DAC output current is directly proportional to the digital in-
put code. Both the DAC analog input and the reference trip
point are derived from the LM329 voltage reference. During
the time the integrator output (Figure 4, Trace A) is below
the trip point, the A2 comparator output remains high (Fig.
ure 4, Trace B). When the trip point is exceeded, A2's out-
put goes low. In this fashion, the DAC input code can vary
the output pulse width over a range determined by the DAC
resolution. Traces C, D and E show the fine detail of the
resetting sequence (note expanded horizontal scale for
these traces). Trace C is the 5 ,...s clock pulse. When this
pulse rises, the A 1 integrator output (Trace D) is forced neg-

TRACES A AND 8' 5DD"siDIV
TRACES C. D AND E • 1 "siDIV

ative until it bounds against the diode in its feedback loop.
During the time the clock pulse is high, the current through
the 2.7k diode path forces A2's output low. When the clock
pulse goes low, A2's output goes high and remains high
until the A 1 integrator output amplitude exceeds the trip
point. To calibrate this circuit set all DAC bits high and ad-
just the "full-scale calibrate" potentiometer for the desired
full-scale pulse width. Next, set only the DAC LSB high and
adjust the A 1 offset potentiometer for the appropriate length
pulse, e.g., 1/1024 of the full-scale value for a 10-bit DAC. If
the 2.2mV I'C drift of the clamp diode in A l's feedback loop
is objectionable it can be replaced with an FET switch.

Digitally Controlled Scale Factor Logarithmic Amplifier

Wide dynamic measurement range is required in many ap-
plications, such as photometry. Logarithmic amplifiers are
commonly employed in these applications to achieve wide
measurement range. In such applications it is often required
to be able to set the scale factor of the logarithmic amplifier.
A DAC controlled circuit permits this to be done under digital
control. Figure 5 shows a typical logarithmic amplifier circuit.
01 is the actual logarithmic converter transistor, while 02
and the 1 kO resistor provide temperature compensation.
The logarithmic amplifier output is taken at A3. The digital
code applied to the DAC will determine the overall scale
factor of the input voltage (or current) to output voltage ratio.

Digitally Programmable Gain Amplifier

Figure 6 shows how a CMOS DAC can be used to form a
digitally programmable amplifier which will handle bipolar in-
put signals. In this circuit, the input is applied to the amplifier
via the DAC's feedback resistor. The digital code selected
at the DAC determines the ratio between the fixed DAC
feedback resistor and the impedance the DAC ladder pres-
ents to the op amp feedback path. If no digital code (all
zeros) is applied to the DAC, there will be no feedback and
the amplifier output will saturate. If this condition is objec-
tionable, a large value (e.g. 22 MO) resistor can be shunted
across the DAC feedback path with minimal effect at lower
gains. It is worth noting that the gain accuracy of this circuit
is directly dependent on the open loop gain of the amplifier
employed.
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Digitally Controlled Filter
In Figure 7 the DAC is used to control the cutoff frequency
of a filter. The equation given in the figure governs the cutoff
frequency of the circuit. In this circuit, the DAC allows high
resolution digital control of frequency response by effective-
ly varying the time constant of the A3 integrator. Figure 8
dramatically demonstrates this. Here, the circuit is driven
from the test circuit shown in Figure 7.

As each input square wave is presented to the filter the one-
of-ten decoder sequentially shifts a "one" to the next DAC
digital input line. Trace A is the input waveform, while Trace
B is the waveform at A1's output (the reference input of the
DAC). The circuit output at A3 appears as Trace C. It is
clearly evident that as the decoder shifts the "one" towards
the lower order DAC inputs the circuit's cutoff frequency
decays rapidily.
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Applying the New CMOS
MICRO-DACTM

Most microprocessor based systems designers will find that
the new CMOS MICRO-DAC are among the most interest-
ing and versatile devices they will include in their system.
The availability of these devices opens a vast new area of
applications where the microprocessor can provide an intel-
ligent controlling function in the analog world. Traditional
analog control devices, primarily potentiometers and
switches which require a time-consuming and often errone-
ous human interface, can often be replaced by a processor
and DACs to perform precise and automatic controls. A little
creative thinking can easily generate several functions that
could be better performed automatically. The purpose of
this note is to stimulate this thought and to illustrate the
versatility of CMOS DACs to achieve results.
The use of CMOS processing in the fabrication of the MI-
CRO-DAC offers several important features. The primary
advantage is that the current switching R-2R ladder net-
work, used for the actual D to A conversion, can conduct
current in both directions (sourcing or sinking current at its
analog output) to control either a positive or negative fixed
voltage reference or an AC signal. In addition, all of the
necessary digital input conditioning circuitry to permit a di-
rect microprocessor interface with no additional logic devic-
es needed is included with minimal device power require-
ments. All of the MICRO-DAC can be controlled from an B-
bit data bus regardless of the number of digital inputs for a
particular device. The operation of the R-2R ladder and the
digital interface signal requirements are explained in detail
on the actual device data sheets.
Resolution and linearity are the most important characteris-
tics of the analog output of any D to A. Linearity is important
to insure that each and every analog output quantity is pre-
dictable within a given tolerance (specified as a percent of
the full-scale range) for any applied digital word. Resolution
defines the number of possible analog output quantities
available within a given range. Higher resolution in a DAC
serves to minimize the gaps in the analog output inherent in
digitally-based controls. The new line of MICRO-DAC offers
a wide variety of converters to fit the accuracy and resolu-
tion requirements of a great number of applications. The
device part numbers are summarized in Figure 1.

National Semiconductor
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In the application circuits that follow, the connections for the
control pins for the actual digital interface are omitted for
simplicity. Several methods of configuring the DAC to ac-
cept its inputs from a processor exist and are described on
the data sheets. The actual method used depends on the
overall system provisions and requirements. The digital in-
put code is referred to as D and represents the decimal
equivalent of the binary input. For example, D would range
from 0 to 4095 in steps of 1 to describe the full range of
digital inputs for a 12-bil MICRO-DAC. Any of the MICRO-
DAC can be used in any of the circuits shown, depending on
accuracy and/or resolution requirements.

THE DIGITAL POTENTIOMETER
The most common and basic application of a DAC is gener-
ating discrete voltage output levels within a given span, and
serving in essence as an attenuator (Figure 2). The applied
digital input word multiplies the applied reference voltage,
and the output voltage is this product normalized to the
DAC's resolution. The op amp shown is used to convert the
output current from the DAC to a voltage via a feedback
resistor included in the DAC (RIs), This output current
ranges from a near zero output leakage (on the order of 10
nA) for an applied code of all zeros (D = 0), to a full-scale
value (D = 2n-1, where n is the DAC's bits of resolution) of
VREF divided by the R value of the internal R-2R ladder
network (nominally 15 kO). The current at lOUT2 is equal to
that caused by the one's complement of the applied digital
input, so while lOUT1 is at full-scale, lOUT2 will be zero.
Note that the output voltage is the opposite polarity of the
applied reference voltage, but since CMOS DACs can ac-
cept bipolar reference voltages, if a positive output is need-
ed, a negative reference can be applied. To preserve the
linearity of the output, the two current output pins of the
DAC must be as close to OVas possible, which requires the
input offset voltage of the op amp to be nulled. The amount
of linearity error degradation is apprOXimatelyVas + VREF.
For AC signal attenuation, in audio applications for example,
the DAC's linearity over the full range of the applied refer-
ence voltage, even as it passes through zero, is sufficiently
good enough to distort a 10V peak sine wave by only
0.004%.

Resolution
Linearity Error 8 Bits 10 Bits 12 Bits

(% of Full-Scale) 256 Output 1024 Output 40960utpu
Steps Steps Steps

±O.012% DAC120B,
DAC1230

±0.024% DAC1209,
DAC1231

±0.O5% DACOB30 DAC1000, DAC1210,
DAC1006 DAC1232

±0.1% DACOB31 DAC1001,
DAC1007

±0.2% DACOB32 DAC1002,
DAC100B

FIGURE 1. The MICRO-DAC Family
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The feedback capacitor shown in Figure 2 is added to im-
prove the settling time of the output as the input code is
changed. With no compensation, a fair amount of overshoot
and ringing appears at the output due to a feedback pole
formed by the feedback resistor, and the output capaci-
tance of the DAC, which appears from the (-) input of the
op amp ground.
It is most desirable to select an op amp for use with the
MICRO-DAC which combines good DC characteristics, pri-
marily low Vas and low Vas drift, with fast AC characteris-
tics such as slew rate, settling time and bandwidth. Such a
combination is difficult to find in a single op amp for use with
the higher accuracy 12-bit DACs.Figure 3 shows an op amp
configuration which combines the excellent DC input char-
acteristics of the LM11 with the fast response of an LF351
BI-FETTMop amp.

Settling time:::: 81A'S

for a zero to full-

scale transition

The low cost, high resolution, and stability with time and
temperature of the MICRO-DAC allow precise output levels
that rival the capability of the best multiple turn potentiome-
ters, and can automatically be adjusted, as required, by a
controlling microprocessor.

LEVEL SHIFTING THE OUTPUT RANGE

As shown in Figure 4, the zero code output of the DAC can
be shifted, if desired, to any level by summing a fixed cur-
rent to the DAC's current output terminal, offsetting the out-
put voltage of the op amp. The applied reference voltage
now serves as the output span controller and is fractionally
added to the output as a function of the applied code.

-VREFD
VOUT~~

10rO,;;D,;;255

TLIH/5629-1

[RIB D]VOUT - -VREF - +-
R1 256
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proportion to the applied code, and output to the VREFter-
minal with no phase inversion. To insure linear operation in
this mode, the applied reference voltage must be kept less
than 3V for the 1a-bit DACs or less than 5V for the 8-bit
DACs. The applied supply voltage to the DAC must be at
least 1av more positive than the reference voltage to insure
that the CMOS ladder switches have enough voltage over-
drive to fully turn on. An external op amp can be added to
provide gain to the DAC output voltage for a wide overall
output span.
The zero code output voltage is limited by the low level
output saturation voltage of the op amp. The 2 kO load
resistor helps to minimize this voltage. Specified DAC

BIPOLAR OUTPUT FROM A FIXED REFERENCE
VOLTAGE
The use of a second op amp in the analog output circuitry
can provide a bipolar output swing from a fixed reference
voltage. This, in effect, gives sign significance to the MSB of
the digital input word to allow 2-quadrant multiplication of
the reference voltage. The polarity of the reference can still
be reversed or be an AC signal to realize full 4-quadrant
multiplication. This circuit is shown in Figure 6.

Only the input offset voltage of amplifier OA 1 needs to be
nulled to preserve the linearity of the DAC. The offset of OA
2 will affect only absolute accuracy of the output voltage.

VOUT ~ +VREF [~]
1024

·These resistors are available from
Beckman Instruments, Inc. as their
part no. 694-3-R10K-Q

1 LSB ~ IVREFI
128

Input Code IdealVOUT

MSB ••. LSB +VREF -VREF

1 1 1 1 1 1 1 1 VREF- 1 LSB -IVREFI + 1 LSB
1 1 a a a a a a VREF/2 -IVREFI/2
1 a a a a a a a a a
a 1 1 1 1 1 1 1 -1 LSB +1 LSB

a a 1 1 1 1 1 1 _IVREFI _ 1 LSB IVREFI+ 1 LSB
2 2

a a a a a a a a -IVREFI +!VREFI



DAC CONTROLLED AMPLIFIER
In the circuit of Figure 7, the OAC is used as the feedback
element for an inverting amplifier configuration. The R-2R
ladder digitally adjusts the amount of output signal fed back
to the amplifier'summing junction. The feedback resistance
can be thought of as varying from '" 15 kO to 00 as the
input code changes from full-scale to zero. The internal RIB
is used as the amplifier's input resistor. It is important to
note that when the input code is all zeros the feedback loop
is opened and the op amp output will saturate.

CAPACITANCE MULTIPLIER
The OAC controlled amplifier can be used in a capacitance
multiplier circuit to give a processor control of a system's
time or frequency domain response. The circuit in Figure 8
uses the OAC to adjust the gain of a stage with a fixed
capacitive feedback, creating a Miller equivalent input ca-
pacitance of the fixed capacitance times 1 + the amplifier's
gain. The voltage across the equivalent input capacitance to
ground is limited to the maximum output voltage of op amp
A1, divided by 1 + 2"/0, where n is the OAC's bits of
resolution.



HIGH VOLTAGE OUTPUT
Many DAC applications involve the generation of high volt-
age levels to be used for deflection plate driving, high volt-
age motor speed, or position control. All of the MICRO-DAC
can control as much as ± 25V applied to the reference ter-
minal, but guaranteed performance is specified at no more
than ± 10V. Since the output amplifier serves as a current-
to-voltage converter, increasing the effective feedback re-
sistance directly increases the amplifier's output voltage for
a given DAC output current. Use of a high voltage op amp,
the LM143 with 80V supply capability for example, can ac-
commodate this increased gain and allow the use of refer-
ence voltage within the DAC's specified limits. Figure 9 illus-
trates how higher voltage outputs can be obtained for both
unipolar and bipolar requirements.

The output current of these circuits is limited to that of the
LM143, typically 20 mA. If higher voltage and/or higher out-
put current is needed, a discrete power stage can be used,
as shown in Figure 10.

To insure accuracy with these high voltage circuits, concern
for the power dissipation and temperature coefficients of
the resistors used to increase the output voltage is neces-
sary. The T -network configuration shown in Figure 10 reduc-
es the dependence of the output voltage to temperature
changes by reducing the significance of the tracking require-
ments of the external resistors to the internal RIB resistor.
Using two resistors with similar temperature coefficients for
R1 and R2, and making their ratio dominant in setting the
overall gain provide the most stable results.

-VRD
Vour - 1024 (AIB+ All

0,;; VOUT';; SOV

~:t30V
OUTPUT
SWING
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HIGH CURRENT CONTROLLER
The MICAO-DAC can also be used to linearly control cur-
rent flow useful in applications such as automatic test sys-
tems, stepper-motor torque compensation, and heater con-
trols. Figure 11 illustrates the use of a DAC1230 controlling
a OAto 1A current sink. The largest source of nonlinearity in
this circuit is the stability of the current sensing resistance
with changes in its power dissipation. To minimize this ef-
fect, the sensing resistance should be kept as low as possi-
ble. To maintain the output current range, the reference
voltage to the DAC must be reduced. The flexible reference
requirements of the MICAO-DAC permit the application of a
lower reference with no degradation in linearity. A triple Dar-
lington is used to minimize the base current term flowing
through the sense resistor, but not into the collector termi-
nal.

4 ma to 20 mA CURRENT LOOP CONTROLLER
The standard 4 mA- 20 mA industrial process current loop
controller is an application where automatic, microproces-
sor directed operation is often required, and is a natural
application for D to A converters. The low power require-
ments of the CMOS MICAO-DAC allow the design of a con-
troller that is powered directly from the loop it is controlling.
Figure 12 illustrates a 2-terminal floating 4 mA to 20 mA
controller.
In this circuit, the output transistor will conduct whatever
current is necessary to keep the voltage across A3 equal to
the voltage across A2. This voltage, and therefore the total
loop current, is directly proportional to the output current
from the DAC. the net resistance of A1 is used to set the
zero code loop current to 4 mA, and A2 is adjusted to pro-
vide the 16 mA output span with a full-scale DAC code.

The entire circuit "floats" by operating at whatever ground
reference potential is required by the total loop resistance
and loop current. To insure proper operation, the voltage
differential between the input and output terminals must be
kept in the range of 16V to 55V, and the digital inputs to the
DAC must be electrically isolated from the ground potential
of the controlling processor. This isolation can best be
achieved with opto-isolators switching the digital inputs to
the ground potential of the DAC for a logic low level.
In a non-microprocessor based system where the loop con-
trolling information comes from thumbwheel switches, the
digital input data for the DAC can be derived from BCD to
binary CMOS logic circuitry, which is ground referenced to
the ground potential of the DAC. The total supply current
requirements of all circuits used must, of course, be less
than 4 mA, and the value of A1 could be adjusted accord-
ingly.

TARE COMPENSATION IAUTO-ZEROING
Probably the most popular application of D to A converters
is in auto-zeroing or auto-referencing. In these systems the
DAC is called upon to hold an output voltage used to offset
the analog input range of an A to D converter. This is done
to reserve the full input range of the A to D for analog volt-
ages starting from reference potential to a full-scale value
relative to that reference voltage. A common example of
this is Tare Compensation in a weighing system where the
weight of the scale platform, and possibly a container, is
subtracted automatically from the total weight being mea-
sured. This, in effect, expands the range of weight that
could be measured by preventing a premature full-scale
reading, and allows an automatic indication of the actual
unknown quantity.
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cooe WOUIO oe appliea to the DAC. The output of the DAC
will be equal to and of the opposite polarity as the input
voltage to force the amplifier's output, and therefore the

- . .
DAC output voltage, the two devices should be driven from
the same reference voltage.

R3
10!4mA~IOUT~20mA

GR2~

lOUT = VAEF [...!... +__D_] [1 +~]
R1 256 R'B R3

FIGURE 12.Two·Termlnal4 mA-20 mA Current Loop Controller
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For differential input signals, an instrumentation amplifier
s.uchas the LM363 can be used. The output reference pin
of this amplifier can be driven directly by the DAC's output
amplifier to offset the A to D input.
Auto-zeroing is the unique case of auto-referencing where
the reference input is the zero or null condition. This tech-
nique essentially shorts out or electrically simulates a bal-
ance of the system's input device, and uses a DAC to cor-
rect for offset errors contributed by the signal conditioning
amplification stage. Since amplifier errors are generally
much lower in magnitude than the signal after being ampli-
fied, and can be of either polarity when applied to the AID, a
bipolar output configuration utilizing a CMOS DAC (Figure 6)
driven from a reduced reference voltage can null the offset
errors to within microvolts of zero. This is illustrated in Fig-
ure 14 for an LM363 differential amplification stage.
The auto-zeroing routine performed by the processor is es-
sentially a successive approximation routine which utilizes
the A/D converter as a high resolution comparator, a fea-
ture unique to the ADCOa01AID shown. When the routine

is completed, the voltage at the reference pin of the instru-
mentation amplifier will be equal to and of the opposite po-
larity of the amplifier's offset voltage, multiplied by the gain.
Details of the AID's operation in this mode and an example
of a microprocessor successive approximation routine can
be found on the ADCOa01data sheet.

D TO A CONVERTER WITH A VERNIER ADJUSTMENT
In many systems it is required that an analog voltage be
generated as a controlling function by a processor, when
only an approximate value is known, with the exact value
dependent on feedback from the controlled device. In this
case, the processor could output an a-bit "coarse" word to
the a MSBs of a 12-bit DAC. Then the 4 LSBs could be
incremented or decremented by an up/down counter to
serve as a 16 LSB dither or vernier, which would stop when
external sensing circuitry detected the actual desired value.
The DAC120a can be used in just such a system, as shown
in Figure 15. The digital input circuitry of this device

SW2 and SW4 closed for auto-zeroing

SW1 and SW3 closed for signal measurement
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provides all 12 input lines with separate registers for the 8
MSBs and the 4 LSBs. The register for the 4 LSBs can be
configured to flow through so that the output will always
reflect the state of the counter's output.

DAC CONTROLLED FUNCTION GENERATOR
CMOS DACs find wide use in the synthesis of periodic
waveforms from digital information primarily for their preci-
sion and flexibility in controlling magnitude and timing pa-
rameters. If the signal generated is used as an excitation for
a system, the data is readily available for a processor to
know precisely where the input is to enable it to interpret the
output response of the system. Typically, the data required
to generate the amplitude information resides in the system
ROM and the frequency is controlled by the rate at which
the DAC is updated. Some of the more typical waveforms
include sin, square, saw100thramps or staircases. and trian-
gles.
Figure 16 shows the implementation of a MICRO-DAC pro-
viding frequency control of a sine, square and triangle func-
tion generator. The DAC is used as a digitally programmable
input resistor for an integrator. The bipolar nature of the
reference input is important to the generation of a symmetri-
cal triangle wave and a symmetrically clamped square
wave. This allows the integrating capacitor to be ground
referenced with equal charging and discharging currents.

• C1 controls maximum frequency

• < 0.5% sine wave THO over range
• Range 30 kHz maximum
• Unearity-DAC limit

• f = 0
4096 (4/3 RIB C)

15V

! 75k

m
OFFSET
ADJ

-15V

Linearity of the output frequency versus the applied digital
input code is as good as the DAC up to 30 kHz, where the
propagation delay through the LM319 comparator starts
adding non-linearity.
Integrating capacitor. C1, is selected for the maximum out-
put frequency which occurs with a full-scale input code
when the DAC provides its maximum output current. A prob-
lem in selecting this capacitor is that the R value of the
internal R-2R ladder can vary over the range of 10 kfi to 20
kfi. This can be accommodated by adjusting the amount of
positive feedback around the comparator to provide the de-
sired maximum frequency for a given capacitor. This adjust-
ment also alters the amplitude of the triangle wave, but this
can be attenuated or amplified as required to achieve any
desired amplitude.
The sine wave output is derived from the triangle wave by
virtue of the non-linear conduction characteristics of the
transistors used in the shaper circuit. The wave-shape ad-
justment is used to obtain minimum distortion of the sine
wave output and should be adjusted after the triangle wave
output is established.
The square wave output is a 50% duty cycle, symmetrical
± 7V signal. Since only % of the LM319 dual comparator is
used, the other side can be used to provide TTL or CMOS
logic compatible output if needed.

rv
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For DAC controlled amplitude versatility, the basic unipolar
configuration (Figure 2) can be used at any or all of the
outputs.

LOGARITHMIC AMPLIFIER WITH A PROGRAMMABLE
SCALE FACTOR
Sensors that operate over a wide dynamic range, such as
photomultiplier tubes, often require signal compression via
logarithmic amplifiers. Figure 17 shows a logging amplifier
with a digitally programmable output scale factor from 10
mY/decade to 10V/decade over an input voltage range of
100 /JoVto 10V, or an input current range of 10 nA to 1 mA.
The DAC1006 is used as the scaling element to attenuate
or amplify the logarithmic output.

SUMMARY
The circuits described in this note illustrate only a very small
percentage of possible MICRO-DAC applications. The key
points to remember when considering the use of one of
these devices are summarized below.

1. The reference voltage can be a bipolar AC or DC signal
within the range of 25V with specified linearity guaranteed
at ± 10V and ± W.

2. Low power consumption CMOS circuitry (20 mW typ).

3. Direct microprocessor interface with the necessary con-
trolling logic designed in. All parts are 8-bit bus compati-
ble.

4. TIL compatible digital input thresholds independent of
the DAC's Vcc supply.

5. Linearity is guaranteed over temperature following a sim-
ple zero and full-scale adjustment procedure.

6. The current outputs, lOUT 1 and lOUT 2, want to be at
ground potential.

7. lOUT 1 should always be used in conjunction with the in-
ternally provided feedback resistor, as this resistor
matches and tracks with temperature the resistors used
in the R-2R ladder network.

8. The internal R value can vary over a 10 kl1 to 20 kl1
range.

9. The 12-bit MICRO-DAC are not recommended for use in
the voltage switching mode.

TL/H/5629-9
'Tel Labs 081 C+0.3%1'C)

•• Adjust for 1OV Idee output sensitivity
at full-scale input code

10D VrN
VOUT- -Iog--

1024 VREF
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~ Op Amp Booster Designs
c(

Although modern integrated circuit operational amplifiers
ease linear circuit design, IC processing limits amplifier out-
put power. Many applications, however, require substantially
greater output voltage swing or current (or both) than IC
amplifiers can deliver. In these situations an output "boost-
er," or post amplifier, is required to achieve the needed volt-
age or current gain. Normally, this stage is placed within the
feedback loop of the operational amplifier so that the low
drift and stable gain characteristics of the amplifier are re-
tained. Because the booster is a gain stage with its own
inherent AC characteristics, the issues of phase shift, oscil-
lation, and frequency response cannot be ignored if the
booster and amplifier are to work well together. The design
of booster stages which achieve power gain while maintain-
ing good dynamic performance is a difficult challenge. The
circuitry for boosters will change with the application's re-
quirements, which can be very diverse. A typical current
gain stage is shown in Figure 1.

••. = lN4148
Use T0-5 heat sinks
on transistors

All capacitor values in
IJ-F unless otherwise noted

National Semiconductor
Application Note 272

200 mA CURRENT BOOSTER
The circuit of Figure 1 boosts the LF356 unity gain inverter
amplifier's output current to a ± 200 mA level while main-
taining a full ± 12V output swing. The LM334 current sourc-
es are used to bias complementary emitter-followers. The
2000 resistors and 01-04 diodes associated with the
LM334s provide temperature compensation for the current
sources, while the 200 resistor sets the current value at 3.5
mA. 01 provides drive for positive LF356 output swings,
while 02 sinks current for negative amplifier outputs. Cross-
over distortion is avoided by the 02-03 diodes which com-
pensate the VSESof 01 and 02. For best results, 02 and
03 would be thermally coupled to the TO-5 type heat sinks
used for 01 and 02. Amplifier feedback is taken from the
booster output and returned to the LF356 summing junction.
05 and 06 achieve short circuit protection for the output by
shunting drive from 01 or 02 when output current exceeds

2.5

D5

TYPICAL
lOAD

D6 -n..,
2.5

n
4.7 SOLID TANTALUM



about 275 mA. This value is derived from the output 2.5n
resistors value divided by the 0.7V drop across the diodes.
The 15 pF-l0k feedback values provide a roll-off above 2
MHz. Figure 2 shows the circuit at work driving a 100 kHz 20
Vp-p sine wave into a 50n load paralleled by 10,000 pF/
Trace A is the input, while Trace B is the output. Despite the
heavy load, response is clean below and quick with overall
circuit distortion 0.05% (Trace C).

ULTRA HIGH SPEED FED·FORWARD
CURRENT BOOSTER
The schematic of Figure 3 features the same output specifi-
cations as the previous current booster, but provides much
greater speed. The speed of the booster in Figure 1 is limit-
ed by the response of the op amp which drives it. Because
that booster resides in the op amp's feedback loop, it can-
not go any faster than the op amp, even though it has inher-
ently greater bandwidth. In Figure 3 we employ a feed-for-
ward network which allows AC signals to bypass the LM308
op amp and directly drive a very high bandwidth current
boost stage. At DC and low frequencies the LM308 provides
the signal path to the booster. In this fashion, a very high
speed, high current output is achieved without sacrificing
the DC stability of the op amp. The output stage is made up
of the 01 and 02 current sources which bias complementa-
ry emitter-followers, 03-06 and 04-07. Because the stage
inverts, feedback is returned to the non-inverting input of
the LM308. The actual summing junction for the circuit is the
meeting point of the 1k resistors and the 10k unit at the
LM308. The 10k-15 pF combination prevents the LM308
from seeing high frequency inputs. Instead, these inputs are
source-followed by the 08 FET and fed directly to the out-
put stage via the two 0.01 ",F capacitors. The LM308, there-
fore, is used to maintain loop stability only at DC and low
frequencies. Although this arrangement is substantially
more complex than Figure 1, the result is a breathtaking

1k
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'5P~

30k
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INPUT 1k 10k
'0

15pF 0.001 410

'0
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30k
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PNP~2N2905 -15V

NPN ~ 2N2219 unless noted TL/H/5630-3

TO·5 heat sinks for 06·07 FIGURE 3
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increase in speed. This boosted amplifier features a slew
rate of 750V per microsecond, a full power bandwidth over 6
MHz and a 3 dB point beyond 11 MHz while retaining a
± 12V. 200 mA output. Figure 4 shows the amplifier-booster
at work. Trace A is the input, while Trace B is the output.
The booster drives a 10V pulse into 500, with rise and fall
times inside 15 ns and clean settling characteristics.

FIGURE 4

VOLTAGE-CURRENT BOOSTER

In many applications it is desirable to obtain voltage gain
from a booster stage. Most monolithic amplifiers will only
swing ± 12V, although some types, such as the LM143, can
swing ± 35V. The circuit of Figure 5 shows a simple way to
effectively double the voltage swing across a load by stack-
ing or "bridging" amplifier outputs. In the circuit shown,
LF0002 current amplifiers are included in each LF412 out-
put to provide current drive capability. Because one amplifi-
er inverts and the other does not, the load sees 24V across

Al ~ LF357

PNP ~ 2N5415

NPN = 2N3440

it for ± 12V swings from each amplifier. With the LH0002
current buffers. 24V can be placed across a 2500 load.
Although this circuit is simple and no high voltage supplies
are needed, it requires that the load float with respect to
ground.

± 120V SWING BOOSTER

In Figure 6 the load does not have to float from ground to be
driven at high voltage. This booster will drive a 20000 load
to ± 100V with good speed. In this circuit, voltage gain is



obtained from the complementary common base stage, 01-
02.03 and 04 provide additional gain to the 07-0B com-
plementary emitter-follower output stage. 05 and 06 pro·
vide bias, and crossover distortion is minimized by the di-
odes in 05's collector line. For ± 10V input signals, A1 must
operate at a minimum gain of 10 to achieve a ± 100V swing
at the output. In this case, 10k-1QOkfeedback values are
used for a gain of ten, and the 20 pF capacitor provides loop
roll-off. Because the booster contains an inverting stage
(03-04), overall feedback is returned to A1's positive input.
Local AC feedback at A1's negative input provides circuit
dynamic stability. With its ± 50 mA output, this booster
yields currents as well as voltage gain. In many applications,
such as CRT deflection plate driving, this current capability
is not required. If this is the case, 05 through OB and their
associated components can be eliminated and the output
and feedback taken directly from the 03-04 collector line.
Under these conditions, resistive output loading should not
exceed 1 MO or significant crossover distortion will appear.
Since deflection plates are a pure capacitive load, this is
usually not a problem. Figure 7 shows the boosted amplifier
driving a ± 100V square wave into a 20000 load at 30 kHz.

HIGH CURRENT BOOSTER

High current loads are well served by the booster circuit of
Figure 8. While this circuit does provide voltage gain, its
ability to drive 3A of current into an BO load at 25V peak

makes it useful as a current booster. In this circuit, the
LM391-BOdriver chip and its associated power transistors
are placed inside the LF411's feedback loop. The 5 pF ca·
pacitor at pin 3 of the LM391·BOsets the booster bandwidth
well past 250 kHz. The 100k-1Ok feedback resistors set a
gain of ten, and the 100 pF feedback capacitor rolls off the
loop gain at 100 kHz to insure stability for the amplifier-
booster combination. The 2.70-0.1 fLFdamper network and
the 4 fLH inductor prevent oscillations. The zero signal cur-
rent of the output stage is set with the 10k potentiometer
(pins 6-7 at the LM391) while a DVM is monitored for 10 mV
across the 0.220 output resistors.
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Amplifier Specifications

Phase Shift-Less than ±8' 20·20 kHz

Power Output-75 watts RMS 16 Hz·60 kHz

Output Impedance-Less than 10% of rated output load Z.

Frequency Response-l0 Hz·100 kHz·l dB.

16 Hz-40 kHz-O.1 dB.

16 Hz·60 kHz·0.5 dB.

INDESTRUCTIBLE, FLOATING OUTPUT BOOSTER

Figure 9 shows how a high quality audio amplifier can be
used as a current-voltage booster for AC signals. The audio
amplifier, specified as the booster, is a venerable favorite in
research labs, due to its transformer isolated output and
clean response. The LF356 op amp's loop is closed locally
at a DC gain of 100, and rolled off at 50 kHz by the 200 pF
capacitor. The audio amplfier booster's output is fed back
via .the 100k resistor for an overall AC gain of 100 with re-
spect to the booster amplifier output. The arrangement is
ideal for laboratory use because the vacuum tube driven
transformer isolated output is extremely forgiving and al-

T1 ~ Triad TV·85

01, 03 ~ 2N3468

02, 04 ~ 2N4399

05 = 2N2907

CAUTION:
LETHAL OUTPUT POTENTIALS

most indestructible. AC variable frequency power supplies,
shaker table drives, motors and gyro drives, as well as other
difficult inductive and active loads, can be powered by this
booster. Power output is 75W into 40,-160" although loads
of 10, can be driven at reduced power output.

1000V-300 mA BOOSTER

Figure 10 diagrams a very high voltage, high current booster
which will allow an op amp to control up to 300W for posi-
tive outputs up to a staggering 1OOOV.This performance is
achieved without sacrificing efficiency because this booster
in contrast to all the others shown, operates in a SWitchin~

-15V

041
100



mode. In addition, this booster runs off ± 15V supplies and
has the highly desirable property of not requiring a high volt-
age power supply to achieve its high potential outputs. The
high voltage required for the output is directly generated by
a switching DC-DC converter which forms an integral part of
the booster. The LM3524 switching regulator chip is used to
pulse width modulate the transistors which provide switched
20 kHz drive to the TV-85 step-up transformer. The trans-
former's rectified and filtered output is fed back to the
LF411, which controls the input to the LM3524 switching
regulator. In this manner, the high voltage booster, although
operating switched mode, is controlled by the op amp's
feedback action in a similar fashion to all the other designs.
05 and the diode act as clamps to prevent the LF411's
output swing from damaging the LM3524's 4V input on
start-up. The diode at the LF411 swing junction prevents
high voltage transients coupled through the feedback ca-
pacitor from destroying the amplifier. The 1 Mfi-10k feed-
back resistors set the gain of the amplifier at 100 so that a
10V input will give a 1000V output. Although the 20 kHz
torroid switching rate places an upper limit on how fast infor-
mation can be transmitted around the loop, the 1 JLFfilter
capacitor at the circuit output restricts the bandwidth. For
the design shown, full power sine wave output frequency is
55H. Figure 11 shows the response of the boosted LF411
when a 10V pulse (Trace A) is applied to the circuit input.
The output (Trace B) goes to 1000V in about 1 ms, while fall
time is about 10 ms because of capacitor discharge

V1 = 12AU7A
V2= 12BH7A

*=IN4148

time. During the output pulse's rise time the booster is slew
rate limited and the switching action of the torroid is just
visible in the leading edge of the pulse.
The reader is advised that the construction, testing and use
of this circuit must be approached with the greatest care.
The output potentials produced are many times above the
level which will kill. Repeating, the output of this circuit is
lethal.

300V OUTPUT BOOSTER

The circuit of Figure 12 is another high voltage booster, but
will only provide 10 mA of output current. This positive-out-
put-only circuit will drive 350V into a 30k load, and is almost

I
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immune to load shorts and reverse voltages. A solid state
output requires substantial protection against these condi-
tions. Although the circuit shown has a 350V limit, tubes
(remember them?) with higher plate voltage ratings can ex-
tend the output capacity to several kilovolts. In this circuit,
our thermionic friends are arranged in a common cathode
(V2B) loaded-cathode-follower (V2A) output, driven from a
common cathode gain stage (V1). The booster output is fed
back to the LF357 via the 1 Mfi resistor. Local feedback is
used to stabilize the LF357, while the pF-1 Mfi pair rolls off
the loop at 1 MHz. Because the V1 stage inverts, the feed-
back summing junction is placed at the LF357 positive input.
The parallel diodes at the summing junction prevent high
voltage from destroying the amplifier during circuit start-up
and slew rate limiting. Tubes are inherently much more tol-
erant of load shorts and reverse voltages than transistors,
and are much easier to protect. In this circuit, an LM335
temperature sensor is in contact with V2. This

sensor's output is compared with another LM335 which
senses ambient temperature. Under normal operating con-
ditions, V2 operates about 45°C above ambient and the
"+" input of the LF311 is about -100 mV, causing its out-
put to be low. When a load fault occurs, V2's plate dissipa-
tion increases, causing its associated LM335's output to rise
with respect to ambient temperature. This forces the
LF311's output high, which makes the LF357 output go low,
shutting down the output stage. Adequate hysteresis is pro-
vided by the thermal time constant of V2 and the 10 Mfi-1
I£F delay in the LF311 input line. Figure 13 shows the re-
sponse of this amplifier booster at a gain of about 25. With a
15V input pulse (Trace A), the output (Trace B) goes to
350V in 1 I£s,and settles within 5 I£s.The falling edge slews
equally fast and settling occurs within 4 I£s.
Figure 14 is a table which summarizes the information in this
article and will help you to pick the right booster for your
particular application.

Figure Voltage Gain Current Gain Bandwidth Comments

1 No Yes-200mA Depends on Full" + .. and" -" output swing. Stable into
op amp. Typi- 50fi-1 0,000 pF load. Inverting or non-inverting
cal1 MHz operation. Simple.

3 No Yes-200mA Full output to Ultra fast. 750V/ I£s.Full bipolar output. Inverting
5 MHz-3dB. operation only.
Point at
11 MHz.

5 Yes-24V swing No Depends on Requires that load float from ground.
opamp.

6 Yes-±100V Yes-50mA 50 kHz typical. Full" + " and" - ••output swing. Allows inverting
or non-inverting operation. Simplified version
ideal for CRT deflection plate driving. More com-
plex version drives full 200V swing into 2 kfi and
1000 pF.

8 Yes-±30V Yes-3A 50 kHz Full ••+ ..and" -" output swing. Allows inverting
or non-inverting operation.

9 Yes-70V swing Yes-3A 100 kHz Output extremely rugged. Well suited for driving
difficult loads in lab. Set-ups. Full bipolar output.
AConly.

10 Yes-1000V Yes-300mA 50 Hz High voltage at high current. Switched mode
operation allows operation from ± 15V supplies
with good efficiency. Limited bandwidth with
asymmetrical slewing. Positive outputs only.

12 Yes-350V No 500 kHz Output very rugged. Good speed. Positive out-
puts only.



CMOS AID Converter
Interfaces Easily with
Many Microprocessors

With a span accommodation down to 180 mil, this 8-bit unit
can also replace a 12-bit analog-to-digital device in some
applications.

To help meet the rising demand for easier interfacing be-
tween analog-to-digital converters and microprocessors, the
complementary MOS, 8-bit ADC0801-05 has been designed
to accommodate almost all of today's popular microproces-
sors. It requires only a single 5V supply and is low power to
boot.
Housed in a 20-pin dual-in-Iine package, the successive ap-
proximation device includes a Schmitt trigger circuit that al-
lows it to be driven from a system clock, as well as an exter-
nal RC network. At a clock frequency of 640 kHz, conver-
sion time is 100 ,...s.What's more, its guaranteed linearity
error of ± V. least significant bit (typically ± '/,6 LSB) can
encode an analog signal span as small as 180 mV-a per-
formance that allows it to replace 9, 10, and even 12-bit
converters in many applications.
Constantly decreasing converter prices raise the compara-
tive cost of the interface electronics and increase the de-
mand for simplicity of interfacing. The growing emphasis on
simpler systems for higher levels of reliability has also
pushed this demand, as has a trend toward lower levels of
power dissipation. And with the success of the 5V power
supply standard of logic circuits, linear circuits have been
pressed for 5V operation. Supporting the ADC0801-05 AID
converter are such special operational amplifiers as the
LM358 dual and the LM324 and LM3900 quad op amps that
run off 5V supplies; also useful are voltage comparators
such as the LM393 dual and LM339 quad devices. Perhaps
the most versatile of such 5V linear devices is the LM392,
comprising an op amp and a comparator.

MORE COMPLICATIONS
Complicating the interfacing are the ever higher levels of
resolution in monolithic converters, with 8 and 10-bit types
readily available and 12-bit devices ready to emerge soon.
Yet, despite their greater resolution, 10 and 12-bit monolith·
ic AID converters are not only more expensive than 8-bit
designs, but also require more careful attention to system
noise problems and management of grounding.
For simple interfacing, an AID converter must operate di-
rectly with the signals available on a microprocessor control
bus. The converter is generally given an address that can
be mapped into memory or input/output space, depending
on the type of microprocessor employed. On 6800 micro-
processors and their derivatives, no special input/ output ad-
dressing or strobes are available, so the converter must ap-
pear as a memory location to these processors. Z804D mi-
croprocessors, on the other hand, not only provide special
1/0 interfacing, but also automatically insert a wait state dur-
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ing 1/0 selection to increase the width of the read and write
strobe signals. This eases interface requirements consider-
ably, since slower 1/0 devices can operate with much faster
microprocessor units. The automatic wait state for I/O de-
vices will loom larger in importance as the next generation
of higher speed microprocessors evolves.

COMPATIBILITY CRITERIA DIFFER
Microprocessor compatibility has a wide range of mean-
ings-at least according to the various converter data
sheets. True compatibility, however, involves meeting elec-
trical specifications like proper logic voltage levels with ade-
quate loading capability. For example, true TIL compatibility
means the ability to maintain a O.4Vlow potential (or less) at
the AID converter logic outputs while sinking 1.6 mA of cur-
rent. And the high state must be maintained at a minimum of
2.4V while supplying at least 360 ,...A.
Furthermore, all interface protocols must be met. This not
only means operating with the proper signals, but also
meeting all necessary timing requirements, so the converter
must have valid data on the microprocessor bus within the
access time of the memory system with which it happens to
be working.
The protocols for interfacing are not at all standardized.
Some AID converters make use of the standard chip select
signal (CS) to start a conversion. But decoding voltage
glitches can cause an AID converter to begin conversion
when it is not desirable. Both the standard CS signal and a
write strobe signal (WR) must therefore be used, so that the
former signal qualifies the latter and prevents unwanted
conversions due to address decoding glitches. Care must
also be taken when using some AID converters that are
designed to act as bus controllers; problems can arise when
the central processor is not in control of the bus.

DIFFERENT STANDARDS
The 8080 and 6800 microprocessors (and their derivatives)
use different control bus standards. Microprocessors based
on the 8080, for example, make use of read and write strobe
signals to specify the operation (read or write) requested.
Working with these microprocessors, AID converters start
the conversion cycle upon the microprocessor's issuance of
a chip select signal (decoded from the address bus) and a
write strobe signal. At the end of conversion (EOC), the con-
verter issues an EOC signal. When dealing with older AID
converters where the EOC signal is typically low during the
conversion process and high at the end of it, microproces-
sors have difficulty because the EOC signal is not available
on the data bus. Furthermore, the EOC signal does not re-
set when the converter is serviced by the central processing
unit (that is, when data has been read).



Complications can also occur when microprocessors inter·
face with older AID devices during read operations. For
proper interfacing, such converters must have valid data on
the bus within the memory access time.
Interfacing requirements differ for 6800·type microproces·
sors, like the 6502 and 68000, which use readlwrite (R/W)
control lines instead of read and write strobe signals and
obtain timing information from the system clock signal. In
addition, they include a valid memory address signal to qual·
ify the address that is placed on the bus. Such features
make interfacing for these microprocessors different from
that for earlier 8080 types.
For an AID converter to be most useful in a microproces·
sor·based system, it must have such desirable analog fea·
tures as differential inputs, and it should adjust to accommo·
date various analog input signal ranges. The ADC0801-05
offers differential analog inputs, but it is the converter's
span accommodation that allows many unusual and useful
analog applications.
The availability of differential analog voltage inputs elimi·
nates the problem of poor analog grounds, since both inputs
can be connected directly across the analog signal source.
The negative (normally grounded) analog input lead can be
referenced to any desired DC offset voltage to accommo·
date an input signal range that does not swing down to
ground. A DC offset can thus be used at this input to cause
a digital output of all Osat any desired input voltage.

FLEXIBLE SPAN
Finally, the ability to accommodate an arbitrary span or input
dynamic voltage range is desirable in an AID converter.
This can easily be achieved in the ADC0801-05 by selecting
the magnitude of the converter's reference input.
An example might be to permit an analog input voltagA
range of 0.5V to 3.5V. This is accomplished by tying the

converter's negative input lead to a 0.5 Voc offset voltage
and supplying a reference voltage that is equal to half the
3V span. This application provides the 00 output code for
VIN = 0.5 VDCand the FF output code for VIN = 3.5 Voc.
In many applications (such as weighing cans on a produc-
tion line), 14, or even 16-bit converters are often called
upon for the needed high levels of resolution. For those
reduced·span applications, an 8-bit AID converter can be
used instead-at considerble savings.

A SAMPLED-DATA INPUT
The ADC0801-05 makes use of a sampled-data compara-
tor. Sampled-data circuits cancel the offset voltage, prOVide
essentially temperature-independent performance, and can·
eel low frequency MOS 1If noise. They do, however, pro-
vide some differences in application, since there is an input
stray capacitance to ground, as shown in Figure 1.

When switch S1 is closed, stray input capacitance, CIN, is
charged to the input analog potential, VANALOG.Note that
with a stray capacitance of approximately 12 pF and a 5 kG
MOS switch resistance, the time constant, 7', is only 60 ns.
Thus, CINbecomes charged to the necessary accuracy lev·
el (within ± '14 LSS) in 6.97',or about 0.4 Jl.s.Since the input
switches are operating at one eighth the input clock fre-
quency of 640 kHz, there is ample time for CIN to settle, as
comparisons are made only at the end of the clock period.
Note that the switch at the (-) analog input discharges the
stray capacitance; this event causes input displacement
currents to flow.
Input bypass capacitors, when placed directly at the analog
inputs, cause full-scale errors, since they average the cur-
rent which will flow through the source resistance of the
analog input signal generator. Input capacitors are not re-
quired; but if they are used, a full-scale adjustment will elimi-
nate any system errors.
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FIGURE 1. Equivalent. Because It has a sampled-data comparator input, the 8-blt ADC0801-GS

monolithic analog-to-dlgltal converter looks capacitive to an Input signal source.
The sampling switches operate at one eighth the rate of the clock frequency.
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The ADC0801-05 monolithic 8-bit CMOS AID converter can
be operated with a wide range of VREF/2 voltages that facil-
itates its use in many different circuit applications. Inexpen-
sive ratiometric transducers, such as potentiometers, can
be tied across the converter's 5V supply voltage with the
wiper fed directly to the converter's VIN+ input pin. The
VREF/2 pin, which will now bias at 2.5V, can be tied to a
second potentiometer that is also hooked across the supply
voltage to provide a full-scale adjustment.
When the VREF/2 is grounded, the converter then functions
as a comparator, yielding a digital output of all 1s when
VIN+ is greater than VIN-, and of all Oswhen VIN+ is less
than VIN-. The VREF/2 feature is also useful for low level
analog voltage systems where an operational amplifier is
normally used to boost the input signal prior to digitization.
In a circuit with an analog input voltage of 250 mV maxi-
mum, for example, the signal can be fed directly to the AID
device, saving the cost of the amplifier. The VREF/2 pin
would thus be biased at 125 mY.

CAREFUL GROUNDING
A minor drawback is that this extra analog resolution leaves
the circuit more susceptible to noise, and the VREF/2 volt-
age requires a low initial tolerance and must be stable

over temperature changes. Grounding problems become
more critical and careful grounding is a must.
The ADC0801-05 can also be used as a logarithmic con-
verter to extend the input voltage dynamic range to cover
three decades. Three input logging circuits (Figure 2) are
provided by the NPN transistors in the feedback loops of
operational amplifiers. With these at the same temperature
(all three on a common chip), there are no thermal problems
with this circuit. To keep costs at their lowest, the three
transistors in the LM389 audio amplifier IC can be used.
The fourth operational amplifier in Figure 2 is used to supply
the proper VREF/2 voltage to the AID converter. Its DC
output voltage is half that of the logarithmically compressed
analog input voltage span.

OFFSET ADJUSTING
Yet another application for the ADC0801·05 is in automati-
cally adjusting the offset voltage of an op amp under micro-
processor control. This is useful in transducer bridge net-
works where a pair of amplifiers is normally used to amplify
the differential signal. Such an output signal can be fed di-
rectly to the AID converter's inputs without requiring a more
costly instrumentation amplifier. The bridge network's arms
will thus be biased at approximately VCC/2.

FIGURE 2. Logarithmic. The ADC0801-05 monolithic AID converter's VREF/2 pin allows
its use as a three-decade logarithmic circuit. The three NPN transistors In the feedback loops of the operational

amplifiers give better accuracy with changing temperature than the diodes normally used.
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~ Figure 3 shows such a circuit, where the microprocessor
:Z takes the digital output of the AID device and automatically
ce adjusts the output voltage of operational amplifier 2. This

amplifier is used to isolate the bridge network from the off-
set adjustment circuit. The INS8255 programmable periph-
eral interface controls the offset voltage adjustment and an-
alog switches 1 and 2. The CMOS buffer provides ideal ana-
log level swings of either OV or 5V to the binary resistor
network. The binary resistor network extracts and injects a
current from and into op amp 3, causing a small voltage
drop across Rs. This corrects for offset voltage that is intro-
duced anywhere in the system.

AUTO ADJUSTMENT
Electrically actuated switches 1 and 2 allow the automatic
adjustment of the offset voltage. It should be noted that op

amp 1 is referenced to one side of the bridge network in
order to cancel any common-mode offset voltage effects.

The AID converter acts as a high gain comparator because
a OV VREF/2 is provided by the voltage follower (amplifier 4)
and switch 1 circuits. This allows the microprocessor to per-
form a successive approximation routine to null the offset
voltage of the system. Resolution is thus considerably bet-
ter than the normal + 1LSB obtainable with a conventional
AID converter.

The ADC0801-05 combines linear and digital features in an
AID converter that is flexible and easy to tie to microproces-
sor-based systems. The benefits of a sampled-data com-
parator and an unusual ladder now make an AID converter
actually easier to fabricate than a digital-to-analog convert-
er.

WRITE.WIi
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FIGURE 3. Automatic. Adjusting the offset voltage of a differential amplifier pair In a transcript
bridge network can be done automatically. A microprocessor provides this adjustment through a

programmable peripheral Interface and a buffer Integrated circuit.



CMOS 01A Converters
Match Most
Microprocessors

With double buffering, 8, 9, and to-bit multiplying units are
useful for microprocessor control of gain and attenuation.

A new family of complementary MOS multiplying digital-to-
analog converters has arrived on the scene and promises to
make microprocessor interfacing truly universal. The dou-
ble-buffered MICRO-DACTMunits eliminate many common
problems, bridging the way to a host of new applications
that include microprocessor-controlled gain, attenuation,
and multiplication.
The proliferation of the microprocessor in electronic circuits
has brought with it an equal proliferation of microprocessor-
compatible Df A converters. Many of these converters, how-
ever, have shortcomings in that they often require additional
external components to be truly microprocessor-compati-
ble. Furthermore, depending on a converter's resolution and
data format, a designer is sometimes forced to adopt addi-
tional interfacing circuitry for total microprocessor compati-
bility. Transient output voltage errors can occur during the
updating of a 10-bit Df A converter from an 8-bit microproc-
essor bus, when the two words are transferred to the con-
verter. Left-justified (fractional binary) and right-justified (po-
sitionally weighted binary) Df A converter data formats re-
quire different interfacing schemes. All of these problems
must be considered in interfacing a microprocessor and a
DfA unit.

TWO LEVELS OF BUFFERING
The MICRO-DAC family of multiplying Df A converters con-
sists of 8, 9, and 10-bit accurate units designed to interface
directly with the 8080, 8048, 8085, Z-80, and other popular
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microprocessors. The converters appear to the microproc-
essor as a memory location or as an input! output port and
require no interfacing logic. Each has two levels of input
buffers-an input latch and a register (Figure t).

The converter's register holds the digital data undergoing
conversion, while the input latch is kept busy acquiring new
input data. The digital input data is used to update the Df A
converter. The double buffering feature allows 10 bits of
microprocessor data to be assembled from 2 data bytes. It
also prevents the analog output from changing while the
digital input word is updated.
Even when used with 16-bit microprocessors, the double
buffering feature is necessary for the simultaneous updating
of many Df A converters. Double buffering establishes the
proper conditions for the next test or lets new system pa-
rameters be set up at the same time.
Two groups of MICRO-DAC converters are available. The
DAC1000, DAC1001, and DAC1002 are 24-pin units with
10,9, and 8-bit accuracy levels, respectively. Each contains
all of the necessary logic functions for interfacing with right-
justified and left-justified microprocessor data. The
DAC1006, DAC1007, and DAC1008 20-pin units are de-
signed for left-justified data at accuracy levels of 10, 9, and
8 bits, respectively.
All the members of this family of multiplying Df A converters
feature standard chip select (CS) and write (WR) microproc-
essor control signals. Data on the microprocessor bus can
be written into the Df A converter in a standard write cycle.

IO-BIT
oIGITAL-

TO-ANALOG
CONVERTER

REGISTER

TO
CURRENT
SWITCHES

TLIH/8715-1
FIGURE 1. Double buffered. The MICRo-DAC family of 8, 9, and 1D-blt dlgltal-ta-analog converters

has two levels of Input buffers-an Input latch and a register. They are designed to Interface
with 808D-,8048, 8085, Z·80, and other popular microprocessors, with no Interfacing logic.



HANDLING THE DIFFERENT DATA FORMATS
Different data formats exist for many Df A converter prod-
ucts, all of which must be readily handled when interfacing
with a microprocessor. Left-justified (fractional number x
VREF)and right-justified (positional number x VREFf1.024)
are the main ones. Initially, converter manufacturers favored
a left-justified approach in which the most significant bit was
labeled bit 1. Newer converters have changed to the right-
justified approach to match the data format of microproces-
sor data buses. Nevertheless, the left-justified approach is
still widely used. As previously mentioned, the MICRO-DAC
family can readily handle left- and right-justified data formats
with no additional interfacing circuitry.
When a MICRO-DAC converter uses either an B-bit (two
write cycles) or a 16-bit (one write cycle) data bus, all 10
locations of the converter's input latch are enabled on the
first write cycle from the microprocessor. Depending on the
data format, the next write cycle, if used, overwrites 2 of the
10 locations at the proper data rate.
Digital data is transferred from the input latch to the register
internally in one of three ways: automatically when the sec-
ond write byte occurs; through microprocessor control,
which allows the updating of several Df A converters if this
is necessary; and through the use of an external strobe.
The converter's CMOS logic levels are made compatible
with those of TIL by a special biasing circuit that uses the
parasitic NPN bipolar transistor available on a CMOS chip.
The bipolar transistor supplies a base-emitter voltage (YSE)
that acts as a reference for the converter's digital inputs. It
supplies an input threshold voltage of 2 VSE that has the
same amplitude as that of TIL devices.
Details of the biasing circuit are shown in Figure 2. Note that
the reference N-channel field-effect transistor, Q1. is tied in
a feedback loop so as to have its gate voltage biased at a
level of VTHN,causing it to conduct the 60 I-'A shown in its
drain circuit. The three NPN transistors in the loop add a
voltage of 3 VSEto VTHN.The output emitter-follower, Q2,
causes a loss of VSE, thus producing a voltage reference

of 2 VSE + VTHNfor use by all of the logic input circuits.
Each of the input stages has FETs like Q3, whose source
has the digital input applied to it and whose geometry is the
same as that of FET Q1. Like Q1, Q3 also has 60 I-'A of
current feeding its drain. When the logic input voltage
equals 2 VSE, Q3 conducts, thereby pulling the input of a
standard CMOS inverter to a low level. This 2 VSEthreshold
continues to be independent of the Df A converter's supply
voltage. 2 VSEis the logic threshold voltage of standard TIL
gates.

ACHIEVING HIGH ACCURACY
The design of the MICRO-DAC's resistor network is simple,
even though it provides high levels of converter accuracy.
Figure 3 shows the current switching inverted R-2R ladder
used, which consists of passive components.
The operation of the ladder network requires that all of the
2R legs connect to a OV,or ground, level. This means that
the external operational amplifier shown must have a mini-
mal offset voltage. Only 1 mV of offset voltage can intro-
duce a 0.01% linearity error into the converter's operation.
Operational amplifiers like National's LM30BA series are
available with low offset voltages. and they require no zero
adjustments.
When zero adjustment of the operational amplifier's offset
voltage is required, a 1 kO resistor can be temporarily
switched in between the converter's lOUT1 terminal (which
is tied to the amplifier's negative input terminal) and ground.
No DC balancing resistance should be used in the opera-
tional amplifier's grounded positive input terminal, since it
may create errors. The operational amplifier, a BI-FETTM
LF356 (made with bipolar and field-effect transistors), has a
low input bias current which makes it an ideal choice for use
as a current-to-voltage converter. The amplifier's offset volt-
age should be adjusted with a digital input of all zeros to
force lOUT1 of the converter to a zero current level. The
manually switched-in resistor provides a DC gain of about
15 to the offset voltage and makes the zeroing easier to
sense. The converter chip provides the feedback resistor
for good initial matching as well as for tracking over temper-
ature.

VBIAS
(TO OTHER
INPUTS)

VCC

CMOS
LOGIC--~

TL/H/8715-2

FIGURE 2. Threshold. This basic logic threshold loop provides the biasing for the MICRO·DAC
family of MOS Of A converters to Interlace with TTL voltage levels. This circuit uses the

parasitic bipolar structure, which delivers an Input threshold of 2 VBEto the biasing circuit.
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supply, a 15V level reduces the FETs' on-resistances and
thereby improves the converter's performance.
MICRO-DAC converters are relatively stable in gain and lin-
earity during variations in the 15V supply voltage. For exam-
ple, a drop in supply voltage all the way down to 5V results
in a gain error of only -0.1%. Even smaller is the change in
linearity error for the same supply voltage swing-just
-0.005%.
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ers, reducing the reference voltage from 10V to 1V results in
a worst-case linearity error change of approximately
0.005%.
Figure 4 shows a typical application of a MICRO-DAC as a
unipolar voltage output device. This circuit inverts the nega-
tive reference voltage to a positive output, with a maximum
value of 1,023/1,024 of the reference voltage multiplied by
VREF.The BI-FET operational amplifier used is an LF356
that slews and settles within 3 J.Ls.

VREFl2n-Z LVREFl2n-l

ZR

FIGURE 3. Ladder. The current-switching, current-mode R-2R resistor ladder of the MICRo-OAC
family of 01A converters Is simple, yet provides high levels of converter accuracy. The external
operational amplifier Is chosen for minimal offset voltage for the least converter linearity error.
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FIGURE 4. Unipolar. In a typical unipolar application, a MICRO-OAC 01A converter Inverts the
negative reference voltage to a positive one. The positive output Is 1,023/1,024 of the negative reference

voltage multiplied by 9.990 Voc. The output amplifier slews within 3 J.Ls.
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l;:j Operating the MICRO-OAC's R-2R resistor ladder in a volt-
Z: age sWitching mode as shown in Figure 5 gives a faster« slewing and settling time-1.6 ,...S. The ladder is being used

backwards. The reference voltage that is derived from the
LM336 reference diode is applied to the lOUT1 pin. An out-
put voltage is produced at the converter's pin 15 where the
reference voltage was previously located in Figure 4. This
output voltage ranges from 0 to (1,023/1,024) (2.49 Voc).
The LF356 operational amplifier used supplies a gain of a
little more than 4 for an overall output voltage ranging from
o to 1 LSB less than 10V (or 9.990 Vocl. The two compen-
sating diodes at the ends of the full-scale adjustment poten-
tiometer on the LM336 reference improve the temperature
stability of the reference voltage.
For a bipolar output voltage, the circuit in Figure 6 may be
used. The bipolar output voltage results from adding or sub-
tracting the reference voltage from the converter's output
voltage.

lM336
10k 2.!iV

REFERENCE

The output of operational amplifier 1 ranges from 0 to
-1,023/1,024 X VREF (or -9.990 Voc). This voltage is
then applied to operational amplifier 2, where a gain of - 2
doubles the voltage range. A -10 Voc offset voltage at the
output of operational amplifier 2 is provided by adding the
converter's reference voltage to the amplifier's input. Resis-
tors R1, R2, and R3 in the circuit of operational amplifier 2
must stay matched even during temperature changes for
the circuit of Figure 6 in order to work properly.
The bipolar converter of Figure 6 is adjusted by first entering
a digital code composed of all zeros into the 0/ A converter.
Next, the offset potentiometer of operational amplifier 1 is
adjusted for a zero amplifier output voltage and then the
offset potentiometer of operational amplifier 2 is adjusted
for an amplifier output voltage of -10,000 Voc. Finally, a
digital code of all 1s is applied, and the 500n potentiometer,
in series with RIB of the 0/ A converter, is adjusted for an
output voltage of 9.96 Voc. This voltage is VREF - 1 LSB,
where 1 LSB = VREF/512.
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FIGURE 5. Voltage mode. Operating the MICRO·OAC O/A converter's resistor ladder
in a voltage-switching mode provides a faster slewing and settling time (1.8 ,...s)than that

of Figure 4. Note that the 0/ A converter's R-2R ladder Is being used backwards.
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FIGURE 6. Bipolar. By adding and SUbtracting the MICRO-OAC 01A converter's reference voltage
from Its output voltage, a bipolar output results. For this circuit to work properly, however,

resistors Rl, R2, and R31n the circuit of op amp 2 must stay matched during temperature changes.
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Where M = digital input
(expressed as a fractional binary number) 0 < M < 1

Tl/H/8715-7

FIGURE 7. Control. A MICRO-DAC 01A converter can be used for microprocessor control of an
amplifier circuit. Since the converter has 4-quadrant multiplication capability, AC and DC signals

can be handler. The feedback resistors referred to but not shown is in the converter.

USING THE MICROPROCESSOR FOR CONTROL
The MICRO-OAC multiplying 0/ A converter can be used in
a microprocessor-controlled amplifier circuit as the feed-
back element for the amplifier (Figure 7). Since the convert-
er has 4-quadrant mUltiplication capability, both AC and DC
signals can be handled. The feedback resistor (not shown)
is the internal one on the 0/ A converter's chip.
The 0/ A converter in Figure 7 automatically provides an
output voltage that causes the current from the converter's
lOUT1 terminal to the VREFterminal to equal the input cur-
rent, VINRfB. Note that when the microprocessor provides
data to the 0/ A converter with the LSB set to a 1, a relative-
ly large value of the reference voltage is needed to balance
the input current. This value corresponds to the maximum
gain of -1,024. The minimum gain of -1,024/1,023 is ob-
tained for a 0/ A converter digital input of all 1s. In all, 1,023
gain steps are provided.
The addition of another amplifier in the converter's lOUT2
leg produces a microprocessor-controlled amplifier and at-
tenuator. Compared with the gain of the circuit that appears
in Figure 7, the gain here is noninverted and ranges from 0
to 1,022.

END POINT VS BEST-STRAIGHT-L1NE
To maximize their product yields, manufacturers of digital-
to-analog converters like to use a best-straight-line linearity
guarantee. Unfortunately, this method is based on iteration
of the zero and full-scale converter adjustments, so that er-
rors are optimally split and equidistant from a straight line.
To the converter user, a best-straight-line specification
means that the 0/ A converter must undergo a sophisticated
adjustment procedure for its linearity to be proven. Further-
more, each 0/ A converter has a different best-straight-line
fit, making it necessary to adjust every one of them individu-
ally.

Another way to specify converter linearity is by an end-point
method. For a current output converter, the offset voltage of
the current-to-voltage output amplifier is first adjusted for OV
output. Then the converter is adjusted with a full-scale input
digital code to produce a full-scale output voltage. This sim-
ple technique ensures that each of the 10-bit unit's 1,024
steps are within the stated linearity specification. Further, a
pretrimmed output amplifier can be used to eliminate the
zero offset adjustment, leaving only the full-scale adjust-
ment.
The differences between the best-straight-Iine and end-
point specification techniques are shown in the illustration
(below), where a 0/ A converter with an error of 1 least sig-
nificant bit is shown failing the end-point linearity test. Note
that by readjusting the converter's full-scale output, the 0/ A
converter's error is optimally split on either side of the ideal
line in a best-straight-line fit, which is a time-consuming pro-
cedure, particularly when done on a large number of individ-
ual converters. For many an application where the 0/ A con-
verter is already mounted on a printed circuit board, the
end-point adjustment of zero and full-scale is much less
time-consuming. Furthermore, this end-point procedure is a
more stringent guarantee of converter linearity than the
best-straight-Iine approach. The end-point method is used
for 0/ A converters in the MICROOAC family.



A New, Low-Cost,
Sampled-Data, 10-Bit
CMOS AID Converter

"IF IT'S NOT LOW COST, IT'S NOT CREATIVE"
Cost is the single most important factor in the success of
any new product. The current emphasis on digital ap-
proaches to build electronic systems and the success of
microprocessors have created new, high-volume markets
for low cost AID converters. Without this stimulation in the
marketplace, converter products would not have been se-
lected as monolithic components, due to the relatively low
volume usage of the traditional products. The challenge to-
day, therefore, is to find new design solutions which will
reduce costs of AIDs without sacrificing the performance
specifications.

HOW MANY BITS ARE NEEDED?
The question of how many bits are needed in the AID con-
verter for a particular system is not always easy to answer.
This is further complicated because of the distinction which
must first be made between resolution and accuracy. For
example, your digital bathroom scale may have graduations
which indicate each pound over a range which extends from
zero to 300 pounds maximum. This means you are capable
of "resolving" one pound over this complete dynamic range
or "span." The next question is, "What do I really weigh,
say, on my doctor's scale?" You may find that his scale
indicates you are actually three pounds heavier than your
scale indicates: this is the accuracy problem.
A 10-bit AID is capable of resolving 210, or 1024, minimum
voltage levels over the range from 0 to VREFvolts. To put
this into the physical world we live in, this degree of resolu-
tion is capable of differentiating each single sheet of paper,
which is only 0.004 inches (4 mils) thick in a stack of paper 4
inches high. In any stack of paper up to this maximum limit,
a 10-bit AID could be used in an electronic system which
would sound an alarm if a sheet was added to or removed
from the stack. (For simplicity, this assumes we have a per-
fect height transducer and perfect analog signal condition-
ing circuitry between this transducer and the input to the
AID.)
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If the AID converter has an accuracy of ± 1 least significant
bit (LSB), this could be expressed as ± 1/1024 or ± 0.1% of
full-scale.

10 BITS PRESENTS DESIGN PROBLEM
An AID converter which provides every possible analog
voltage as a tap on a resistor ladder would require 210, or
1024 resistors. A ladder expansion technique has been pre-
viously developed which has greatly reduced the number of
resistors. This technique has been used to provide an 8-bit
AID (the ADC0804 family) which uses a theoretical mini-
mum of only 7 resistors. (In practice, extra resistors are typi-
cally used to improve matching by making use of unit resis-
tors.)
This 8-bit AID design was the starting point for developing
this 10-bit converter. A new idea, which is key to the 10-bit
design, is a novel way to, in effect, use the previous 8-bit
circuit four times to increase the resolution to 10 bitst. This
was achieved by adding 2 MSBs to the 8-bit design. We will
first review the 8-bit AID operation as a basis for under-
standing the new 10-bit design.

THE BASIC 8-BIT DESIGN
The essential part of the ADC0804 8-bit AID family is a
novel, multiple input, voltage comparator. This circuit allows
a new feature for a comparator: multiple, differential volt-
ages can be accepted as simultaneous inputs to the com-
parator, and each differential input can be weighted by scal-
ing the size of the associated input capacitor. The traditional
op amp summing circuit, Figure 1, is similar, but accepts
single-ended voltage inputs, and first converts each input
voltage to an input current by making use of a scaled or
weighted input resistor. These input currents are then alge-
braically summed at the "virtual ground" or summing junc-
tion (the (-) input of an op amp which has the (+) input
grounded). The current surplus (or deficiency) is supplied
through the feedback resistor to produce the output voltage.



A more useful voltage comparator results from a sampled-
data approach, which involves switches and capacitors.
Now, input voltages are converted to input charges by the
use of input capacitors, and the resulting charges are then
algebraically added at a "charge summing" node.
A multiple, differential input, sampled-data comparator is
shown in Figure 2 with the switches in the zeroing cycle.
The input-output short, which is accomplished with SW5
around the inverting gain block (provided by a logic invert-
er), causes this stage to bias at a fixed DC voltage. For
example, a standard CMOS inverter will bias at approxi-
mately one half of the power supply voltage. Notice that at
this time the input switches, SW2 and SW4, are precharging
the input capacitors with the (-) input voltages of the differ-
ential inputs. These input capacitors will serve as storage
elements to remember both of the (-) input voltages and
the biasing voltage of the gain stage.
These zeroing switches are then opened. The gain stage is
now active and will respond to any deviations in the input
voltage. An input voltage results when the switches SW1
and SW3 are subsequently both closed. As shown in the
figure, I!.V1 is positive, which inputs a charge, 01, propor-
tional to the value of C1, (01 = I!.V1C1). If I!.V2 is negative,
a charge, 02, will be removed from the charge summing
node. If the charges 01 and 02 are balanced, there is no
net change in the input voltage of the inverting gain block.
These switches are dynamically cycled by a clock and the
system is zeroed prior to each measuring interval. This is
the same operating mode as has been used years ago by
the auto-zeroed or chopper-stabilized op amps. A sufficient
number of these stages are capacitor-coupled to provide an
adequate overall gain for the comparator.

MAKING AN 8-BIT AID
This sampled-data comparator was made the heart of an B-
bit AID converter, as shown in Figure 3. The comparator
now has four differential voltage inputs; one for the analog
inputs and three for the DAC. The first 4 MSBs of the B-bit
AID are supplied by the DAC switches, 51 and S2. As
shown, the positions of S1 and S2 correspond to the digital
code, "10 00," for the first 4 bits of the B-bit word. This
should input VREF/2 from the DAC. Note that S1 is select-
ing 3/. VREFand 52 is selecting % VREF,and these voltages
are the first differential pair which is sampled by 5W1 and
SW2 at the start of a successive approximation search. This
provides (% VREF-% VREF)or Y. VREFas required from
the DAC.
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The differential input feature of this comparator has allowed
an unusual resistor ladder to be used for the DAC. Notice
that the top three resistors (each labeled "R") have % VREF
across them and the lower resistors (each labeled "R/4")
have '116 VREFacross them. The comparator, therefore, al-
lows the increased resolution of the S2 selected voltages to
be "fitted into" each section of the upper or S1 selected
voltages. In this way, the first 4 bits of this differential DAC,
or "DDAC," are realized.
This same 4-bit trick is used again via the left side decoding
switches, S3 and S4. These same voltage values provide
charge which is reduced in significance by 16:1, making the
input capacitor for this section a factor of 16 smaller. This
now provides the least significant 4-bit group. The additional
capacitor, C, and the lowermost two resistors (labeled
"RIB") supply a y. L5B overall DAC offset voltage. This is
used in AIDs to center the natural ± y. LSB quantization
uncertainty of the AID about the integer LSB values of ana-
log input voltage. (This is y. LSB voltage is added to the
analog input to cause the OOHEXto 01HEXcode change of
the AID to occur at any analog input voltage value of only
y. L5B.)
If we are to use this baSicB-bit design for a 1O-bitconverter,
we must make these B bits the least significant of the 10-bit
data word. This can easily be done by again scaling the
capacitor sizes. Further, 2 additional MSBs must be added:
here is where another trick comes in.

A NOVEL WAY OF ADDING 2 MSBs
The 2 MSBs of the DAC will control 22, or 4, voltages. If
these are chosen as VREF,ground, % VREFand % VREF
we have an unusually beneficial situation. Notice that the
differential voltage input feature of the sampled-data com-
parator allows picking up the two intermediate voltages (%
and % VREF)from a resistor divider with only one tap, as
shown in Figure 4. These odd voltage values (% and %
VREF) from this 2 MSB DAC are "cleaned up" simply by
scaling the size of the input capacitor which is used for this
DAC section by a factor of 0/•. This will, therefore, provide
the 'I.VREFincrements 0, % VREF,% VREFand % VREF,
which are necessary for the 2 MSBs. Now the basic B-bit
circuit can be used a total of 4 times, with each referenced
to one of these % VREFvalues. This will cover the analog
input voltage range of 0 to VREFwith 10 bits of resolution,
as shown in Figure 5.
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This 2 resistor ladder will produce linearity errors in only 2 of
the segments of the overall AID transfer characteristic, be-
cause there will be no errors in the first segment (2 MSBs =
0), because VOAC for this code is OV. Similarly, if we assume
that the input capacitors ratio properly, there will be no lin-
earity errors in the last segment, because the full VREF is
sampled (then is weighed to produce % VREF as compared
to the analog input voltage, via GIN). Any mismatch between
the GIN of the analog differential input voltage and the GIN
of the DAGs will cause a full-scale error, not a linearity error.

The two end segments are therefore both free of linearity
errors and an additional benefit is that any error in the exact
value of the tap voltage on a 2 resistor divider has the natu-
ral characteristic that the error is the same magnitude on
the % VREF and % VREF voltages, and is simply of opposite
sign. Thus, a linearity trim must provide a single magnitude
of correcting charge, then this same charge is introduced
into the comparator summing mode in one polarity for the
"01" 2 MSB code, and then the opposite polarity for the
"10" code (a correcting charge is not used for the "00" or
"11" codes).

THE ADC1001, A 10-BIT AID

In keeping with the similarity to the previous B-bit AID, a 10-
bit product was designed to fit in the same 20 pin (0.3"
wide) package and to use the same pinouts. Now a custom-
er can easily interchange from an B to a 10-bit AID. This
allows for a range of performance variation in his end prod-
ucts while using the same PG board.

The problem of getting the 10-bit output of the AID onto an
B-bit data bus is handled by reading two B-bit bytes. The

data is left-justified and transferred, most significant byte
first. This allows a single read cycle to pick up a valid B-bit
representation (the B MSBs) and can save time if this is all
the resolution that is required on a particular analog chan-
nel. A second read cycle will pick up the 2 LSBs of the 10-bit
data word. The 6 LSB positions are set to zero in this sec-
ond byte. An internal byte counter keeps track of the byte
sequencing so multiple, double-read cycles can be made, if
desired.

The problem of properly biasing a 5 Voc reference circuit
when operating from only a single 5 VOC power supply volt-
age was handled on the B-bit part by reducing the operating
reference voltage for the internal DAG to only 2.5 Voc. This
can be designed to still provide a 5V full-scale for the AID
by simply doubling the sizes of all of the DAG input capaci-
tors to the comparator. This technique was also used for
this 10-bit product. The reference voltage can also be fur-
ther reduced in magnitude to increase the analog resolution
over a reduced analog input voltage span, if desired.

A basic diagram of the DAG and the comparator input sec-
tion of the 10-bit AID are shown in Figure 6. A simplified
schematic representation has been used for the B LSB sec-
tion. This has been shown in more detail in Figure 3 without
the VREF reduction to VREF/2.

To understand the scaling shown for the input capacitors,
keep in mind that it is the input charge which is balanced.
This means that a maximum differential analog input voltage
of 5V would produce an input charge of 5 x 32G or 160G
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coulombs. If the DAC were forced to a "11 0000 0000" or
300HEXcode, the voltage, which is output from the 2 MSB
section, would be VREF/2. This is converted to an input
charge via the 4BC capacitor, so this charge, Q300HEX,be-
comes:

and as
then

VREFQ300HEX= -2- x 4BC

VREF/2 = 2.5V

Q300HEX= 120C
which ratios to the analog full-scale charge, QAFSas

Q300HEX= 120C = % FS
QAFS 160C

which is the proper weight for the 300HEXcode.
Similarly, the "00 1000 0000" or OBOHEXcode should re-
quire 'fa (VREF)at the analog input (neglecting the effects of
the Yo LSB offset voltage shift) to balance. This is the output
of the 8 LSB section with a binary code of "1000 0000"
input to this DAC section. The charge from the analog input,
QA, which corresponds to an analog input voltage of 'fa
VREF,is given by:

QA = 'fa(VREF)(32C)
The output voltage of the B-bit DAC section for OBOHEX
code is Yo (VREF)/2,so the charge input by this DAC, QOAC,
is given by

(VREF)QOAC= Yo-
2

-(16C),

and this ratios to the analog input change. QA1,as
QOAC= Yo (VREF/2) (16C) - 1

QA 'fa (VREF)(32C)
as expected. The 4 LSB grouping of this B-bit DAC uses an

input capacitor 'A. smaller in value to properly reduce the
significance of the last 4 bits.

FULL-SCALE TRIM
Full-scale (or "gain") errors are trimmed by introducing an
additional correcting charge into the summing node of the
comparator. This is done in steps; for example, no full-scale
correction is used on the first % of the analog input voltage
range (near zero). The next range receives % of the total
FS correcting charge, then %, and finally the full charge is
introduced in the last section. This sequencing of the FS
trim is achieved by dynamically altering the input capaci-
tance from no capacitance to C/2, to C/4. and finally to
3C/4. This is the reason for the extra input capacitor and
the added switches, which are shown in the FS trim section
of Figure 6.

APPLICATIONS
The standard applications of the B-bit ADCOB04series· can
now easily be extended to 10 bits by simply plugging in the
new ADC1001 10-bit part. In addition, a 24 pin product
(ADC1021) is also available, which brings all 10 bits out for
a 16-bit data bus application.
The zero offsetting (by introducing a DC shifting voltage into
the VIN(-) pin) can be used to accommodate analog input
voltages which do not swing to ground. The VREF/2 input
voltage can also be reduced to accommodate a reduced
span of analog input voltages. Finally, system designers can
use the same PC board for either an B-bit or a 10-bit product
to take advantage of the standard pinouts used for these
AID converters.

CONCLUSIONS
The multiple, input, sampled-data voltage comparator al-
lows many benefits in both the design and application flexi-
bility of monolithic AID converters. This revolutionary con-
cept has reduced the die size of AIDs, allows many product
benefits, and appears to be the optimum solution for the
realization of a low cost, high performance, monolithic AID
converter line.
-For further details see data sheet.



The New MICRO-DAC™
Product Line for
Microprocessor Systems

A second generation of the popular MDAC (or multiplying
DAC) is now available which has been designed to provide
an easy interface to microprocessor systems. These new
MICRO-DAC products are low power drain CMOS convert-
ers, which typically require only 0.5 mA supply current (2 mA
max) and draw only approximately 600 p.A from a 10 VDC
reference supply.

The basic problems which are inherent in bipolar designs
are not present in this CMOS product. CMOS devices have
nearly infinite current gain, therefore there are no /3 or a
errors in the design. Also, there is no analogous term to
offset voltage in these products, rather, an ON CMOS
switch is nothing more than a small resistor which can be
controlled by device geometry. To avoid the temperature
coefficient and piezoresistive problems of diffused resistors,
silicon chromium thin-film resistors are used.

These resistors track within 1 ppml'C, which insures excel-
lent temperature tracking characteristics. Also, the feed-
back resistor, which is needed with an external op amp, is
provided on the chip, which insures a low temperature coef-
ficient of the gain or full-scale reading of the DAC.

Bipolar designs in the 10-bit region can have a power dissi-
pation of 300 mW. Unless extreme care is taken to insure
an almost perfect thermal die layout, it is very possible to
have a 1"C temperature gradient on the die. If a diffused
resistor ladder were to be used in the presence of this grad i-
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ent, it will cause a 0.15% error. This means that all of the
allowable error in a 10-bit DAC will be used up due to this
thermal gradient. From this, it is obvious that the CMOS
DAC, with its combination of a low temperature coefficient
thin-film resistor ladder and an on-chip power dissipation of
30 mW max, will overcome one of the major problems in
bipolar designs.

DATA FORMATS AND DATA BUFFERS
From the digital viewpoint, a DAC seems little more than a
write only memory where the information in the memory is
made available as the analog output voltage. Problems
arise concerning data formatting. Is the data to be left-justi-
fied (fractional binary) or right-justified (positionally weighted
binary)? Also, updating a 10-bit DAC from an 8-bit bus can
cause transient output voltage errors until the complete new
word has been transferred.

The data format options are shown in Figure 1. Early con-
verter manufacturers favored fractional binary, and this has
caused the MSB to be labeled as "Bit 1" on DAC products.
As may be expected, this convention has been changed in
the new converter products to match the notation of the bits
on the data bus of p.Ps. People supplying converter prod-
ucts still favor the fractional binary format, but it appears
that the user groups are approximately split on the question
of which to use.

MSB
1 0 1

2-1 2-2 2-3

1/2 1/4 1/8

o
2-4
1/16

1
2-5
1/32

o
2-6
1/64

LSB
o

2-10

1/1024

1
2-7

1/128

o
2-8

1/256

2
2-9

1/512

MSB
1

29
512

VOUT = (positionally weighted binary number) x VlSB

where VLSB ~ VREF/1024

LSB
o

2°
1

b) Right-Justified Data

FIGURE 1. Data Formats for a 10-Blt Converter



Both of these problems go away with the addition of flexible
input digital data buffers (latches) which allow complete ap-
plications flexibility (Figure 2). For example, with two levels
of input buffers (double buffering), the DAC Register has the
job of holding the current digital data which is being convert-
ed, and the other, the Input Latch, is then available to ac-
quire new digital data which will eventually be used to up-
date the DAC. This allows 10 bits to be assembled with two
data bytes from the ,.P and prevents the transient output
error at updating time. Further, even with 16-bit ,.Ps, double
buffering is necessary to allow many DACs to be updated
simultaneously. This is useful to establish the proper condi-
tions for a neX1test, or to allow new system parameters to
be set up at the same time.
Data formatting is handled by providing flexibility in the way
the digital data is entered into the Input Latch. To allow
operation with either an 6-bit (two write cycles) or a 16-bit
(one write cycle) data bus, all 10 locations of the Input Latch
are enabled on the first write cycle from the ,.P. Then, de-
pending on the data format, the neX1write cycle, if used, will
overwrite two of these locations with the proper data.

Two product options are offered, as shown in the matrix of
Figure 3. Each of the 2 functional options is offered in accu-
racies of 6, 9 or 10 bits. The 20 pin 0.3" wide packages are
used for fixed left-justified data format. The 24 pin part is pin
programmable for either right- or left-justified data.
All of these options make use of the standard ,.P control
signals, such as CS and WR, and the data on the bus can
be read by the converter in a standard write cycle. As ex-
pected, the internal CMOS logic is faster for higher supply
voltages, and this effect on the write strobe width is shown
in Figure 4.

The internal transfer of the digital data from the Input Latch
to the DAC Register can be controlled in three ways: 1) au-
tomatic transfer when the second byte occurs, 2) use the
,.P to control the transfer-this signal can update several
DACs, if desired, or 3) use an eX1ernalstrobe to cause the
transfer.
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"BIT
INPUT
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MSB
0

Q

Q

1Q.BIT Q TO
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Q
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Part #
Accuracy

Pin Description(Bits)
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DAC1002 6
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FIGURE 4. Write Strobe as a Function
of the Vcc Supply Voltage and Temperature



MEETING T2L INPUT VOLTAGE SPECS WITH CMOS
Logic compatibility is aided by having the CMOS logic inputs
meet T2L voltage level specs. A special biasing circuit
makes use of the parasitic NPN bipolar transistors which
are available on the CMOS chip (Figure 5). These bipolar
devices will supply base-emitter voltage, VBE,references for
the digital inputs. By using this circuit, these CMOS
MICRO-DAC products have the same input voltage thresh-
old, 2 VBE,as exists with standard T2L1
The details of this bias referencing circuit are shown in Fig-
ure 6. Notice that the reference N-channel transistor, 01, is
tied in a feedback loop, which forces it to conduct the 60 ,..A
which is supplied to its drain. The gate voltage of the tran-
sistor thus biases at VN, the voltage which is necessary for
01 to conduct the 60 ,..A. The three NPN transistors add
3 VBEto this voltage. The output emitter-follower, 02, caus-
es a loss of 1 VBE and produces a voltage reference of

2 VBE + VN to be used by all of the logic input circuits. One
of these input stages, 03, is also shown on this figure. Note
that the digital input is applied to the source of 03. This
transistor has the same geometry as 01, and also has a
60 ,..A current source feeding its drain. Due to device
matching, 03 will therefore conduct when the logic input
voltage is equal to 2 VBE, and this is the logic threshold
voltage of standard T2L logic gates. The variation of this
logic threshold with supply voltage and temperature is
shown in Figure 7. This input circuitry may surprise a new
user because here is a CMOS part which outputs 60 ,..A of
current at the digital input leads when pulled to the low volt-
age statel

ON THE ANALOG SIDE
Conceptually, it is easiest to think of DACs which use binary
weighted resistors. Unfortunately, the large resistance ratios
which result have limited this design approach to 4-bit con-
verters where the ratio is 16 to 1.

FIGURE 5. A Simplified Wafer Cross Section Showing the
CMOS FETs and the NPN Bipolar Transistor

TUH/8717-4
FIGURE 6. Basic Logic Threshold Loop
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~ The R-2R resistor ladder is an old trick to keep the resistors
Z always in a 2:1 ratio, independent of the resolution of the
C converter. Three variations on the use of these ladders exist

which depend on whether voltages or currents are being
switched. and whether the output from the ladder is a cur-
rent or a voltage. The current-switching. current-mode.
R-2R ladder is used in the MICRO-DAC products and is
shown in Rgure 8. This is the heart of the analog section of
the DAC and. as can be seen, it consists of all passive
components. This inherent simplicity is the strong point of
this design approach. The main DAC design problem is to
provide a relatively straightforward function-but to do it
with a very high accuracy!
Proper operation of the ladder requires that all of the 2R
legs always go to exactly 0 Voc (ground). Therefore. offset
voltage, Ves. of the external op amp cannot be tolerated. as
every millivolt of Ves will introduce 0.01% of added linearity
error. At first this seems unusually sensitive. until it becomes
clear that 1 mV is 0.01% of the 10V reference!

High resolution converters of high accuracy require atten-
tion to every detail in an application to achieve the available
performance which is inherent in the part.
Also note that no "DC balancing" resistance should be
used in the grounded positive input lead of the op amp,
Figure 9. This resistance and the input current of the op
amp can also create errors. The low input biasing current of
the BI-FETTMop amps makes these ideal for use in DAC
current-to-voltage applications. The Ves of the op amp
should be adjusted with a digital input of all zeros to force
laun = 0 mA. A 1 kll resistor can be temporarily connect-
ed from the inverting input to ground (Figure 9) to provide a
DC gain of approximately 15 to the Ves of the op amp and
make the zeroing easier to sense. Note also that the feed-
back resistor for the op amp is provided on the chip and
should always be used. This guarantees both a good initial
matching and this resistor will match the R-2R ladder over
temperature changes.

VREFl2n-Z LVREF/zn-l

ZR

FIGURE 8. The Current Switchlng-Current Mode R·2R
Ladder of the MICRO·DAC Products



The internal details of the SPDT current-mode switches are
shown in Figure 10. The N-ehannel transistors are driven by
the Vcc supply voltage which is used for the part. Operation
at 15 Voc reduces the switch ON resistance as compared
to the use of a 5 Voc supply and, therefore, improves the
performance of the DAC. The change in gain and linearity
errors as a function of the supply voltage are shown in Fig-
ure 11. These curves are normalized to the performance
with a 15 Voc power supply and show the degradation as
the supply voltage is reduced.

The usefulness of a DAC can be determined by noting the
linearity errors which result as the magnitude of the refer-
ence voltage is reduced. This is important for multiplication
applications and other uses which require small values of
reference voltage. In the case of the MICRO-DAC convert-
ers, reducing the reference voltage from 10V to 1V results in
a linearity error change of approximately 0.005%.

END POINT GUARANTEE VS BEST-STRAIGHT-L1NE

Suppliers of DACs like to use a Best-Fit Straight-Line lineari-
ty guarantee to increase yields. Unfortunately, this tech-
nique is based upon iterating the zero and the full-scale
adjustments to optimumly split the errors to be equidistant
from a straight line. To the user, this means that each DAC
has to go through a rather sophisticated adjustment proce-
dure to home in on this best approximation-which is differ-
ent for each part.

The alternative specification is called an End Point Spec.
This means that after a standard zeroing of the Vas of the
op amp (the DAC itself doesn't require a zero adjustment,
so a pre-trimmed low Vas op amp can eliminate this adjust-
ment) and a standard full-scale adjustment, the linearity of
each of the 1024 steps is within specl This is a large benefit
to the DAC user.
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:>traignt-Line. This search for the optimum end point read-
justments has to be done by the user for each individual
DAC. The end point spec allows standard zero and full-
scale adjustment procedures to be used in PC board as-
sembly, and no time-consuming searching or special read-
justing techniques need to be used. Further, it can be seen
that the end point spec is a more stringent requirement on
the linearity of the DAC.

t
1 LSB ERROR

I.

-- ----- ._- _.-- ..- .._ ...._-- ....- ..__ .
possibility of ,..P controlled gain, attenuators and multipli-
ers-all of which easily interface to a ,..Psystem. These new
low cost monolithic DACs will open up many new applica-
tions in the modem electronic systems.



Designing with a New Super
Fast Dual Norton Amplifier

WHY ANOTHER NORTON AMPLIFIER?

The current differencing Norton amplifier has been widely
applied over the last 5 years because of the versatility and
availability of quad Norton amplifiers (the LM3900). These
low cost quads are found today in a wide variety of analog
systems, but primarily in medium frequency and single sup-
ply AC applications. Today, a brand new dual current differ-
encing amplifier, the LM359, offers spectacular speed im-
provements which can be used in circuits operating well
beyond the video frequencies.

How the speed Is Improved: The speed improvement of
the new Norton amplifier is due to the cascode circuit (Fig-
ure 1). Cascode circuits are used in high frequency single-
ended amplifier designs because there is no Miller effect on
the collector-to-base capacitance of the input transistor.
Also, there is no collector-to-emitter parasitic feedback in
the common base configured transistor, 02, so the high fre-
quency signal appearing at the output of the cascode does
not reflect back into the input. Furthermore, note that band-
limiting PNP transistors are eliminated from the signal path;
here PNPs are used only for collector loads, so not only is
high speed maintained, but high gain is also obtained with-
out additional amplification stages.

FIGURE 1. Basic Cascode Circuit

Adding a mirror to get differential Inputs: To make the
high frequency single-ended amplifier more versatile differ-
ential inputs should be provided. An easy way is to add a
current mirror across the negative (inverting) input terminal
(Figure 2). This method provides current differencing, as the
current entering the non-inverting input is extracted from the
inverting input current. The LM359 is then a current differ-
encing, as opposed to a voltage differencing, op amp.

The programmable features extend versatility: An addi-
tional feature of the LM359 is the programmability of its
speed, its input impedance, and its output current sinking
capability for line driver applications and for control of ove-
rall power consumption (Figure 3). An internal compensa-
tion capacitor is adequate compensation for all inverting ap-
plications where the gain is 10 or higher. An additional com-
pensation capacitor can be added externally to reduce un-
desired bandwidth or to fit any particular application, as will
be discussed later. The following sections illustrate some
new design ideas using this fast Norton amplifier.

National Semiconductor
Application Note 278
Timothy T. Regan

A NEW HIGH FREQUENCY ACTIVE FILTER
STRUCTURE

Multiple op amp active filter building blocks are very popular
because of their low sensitivities and their tunability. The
basic element of such a filter is the inverting integrator. Usu-
ally two inverting integrators are cascaded and a third in-
verter allows closing the overall loop with the proper phase.
This is the idea behind the state variable and bi-quad filter
structures which today are fully available in low cost hybrid
forms.

H -=- VilAS

(., 1~
':' ':' ':'

TUH/7490-2

FIGURE 2. Adding a Current Mirror to
Provide Current Differencing Inputs

EXTEANALL Y
'ROGRAMAILE
(ISH OUT)

TUHI7490-3

FIGURE 3. A Simplified SChematic of the LM359,
a High Speed, Current Differencing Amplifier.

The Input, Output and Speed Characteristics are
Externally Programmable.



The op amp count in these filters could be reduced by one
(allowing use of a dual op amp instead of 3 op amps or a
quad) if a true non-inverting integrator could be built with a
single op amp. Unfortunately, this cannot be done with stan-
dard op amps but is a trivial task with current differencing
amplifiers (Figure 4). Combining a non-inverting integrator
with an inverting one, a new high frequency and low sensi-
tivity active filter building block can be made (Figure 5). Ta-
ble I shows the 3 particular filter structures, together with

their design equations, which are derived from Figure 5. The
frequency compensation for the 2 amplifiers is asymmetric
to optimize performance. Also, since the LM359 is a wide
bandwidth amplifier, high frequency circuit layout is strongly
recommended. The circuit works with a single supply, and
the output DC biasing of each filter type Is provided with 2
resistors, R1 and Rb' which should be chosen according to
Table II.

Type Y01 Y02 C, RI2 RI1 fo 00 fz (Notch) Ho{LP) Ho{BP) Ho{HP)

I BP LP 0 Rj2
1 Ra R Ra

00 - -2'11'RC R Ri2 Ri2

II HP BP Cj
1 Ra RaCj 900 00 - -

2'11'RC R RC C

C·
Notch 1 Ra 1 iasf

-
00

or
III - Cj 00 Ri1 2'11'RC R 2'11'RRjCe; - - R

Band- ~Sf - 0
Reject

TABLE II. DC Bluing Equation. for
Y01{DC) "" Y02{DC) "Y+/2

Type I
2 VIN(DC) 1 1 2
V+ (Rj2} + R + Ra = Rb; R1 = 2R

Type II
.!. + ...!... = ..!..; R1 = 2R
R Ra Rb

Type III
.!. + ...!... = ..!... ...!... = VIN(DC) + ...!...
R Ra Rb'R1 V+ (R j1) 2R

Cc (EXTERNAL COMPENSATIONT REQUIRED)

TUHI7490-4

FIGURE 4. A True Non-Inverting Integrator
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FIGURE 5. High Performance 2 Amplifier BI-QuIId Filter. Half of the LM359 Acts ••• Non-Inverting Integrator.nd the
Other H.1f Acts ••• n Inverting One. No Extra Inversion I. Neceaaary to Provide Proper Ph••••



The operating range of an active filter can be estimated by
comparing its 00, center frequency product (fo x 00), with
the gain bandwidth product (GBW) of its active elements.
The fo x 00 should be less than the active element GBW
by a factor of at least 20; a higher factor will yield less sensi-
tive filters. For instance, with a 5 MHz op amp. the fo x 00
product of the filter should not exceed 250 kHz, and in reali-
ty should be even less. The filters tested with the LM359
could extend their fo x 00 product up to 2 MHz.

VOLTAGE-CONTROLLED LOW PASS FILTER

A most unique feature of the LM359 is that it provides the
user with complete control of its frequency response over a
very wide range. The combination of both programmable
input stage current and external compensation capability is
the key to this flexibility.

One of the most simple, yet illustrative. examples of the
usefulness of this capability is the voltage-controlled low
pass filter shown in Figure 6. The corner frequency of this
filter is determined by the closed loop corner frequency of
the inverting, gain of 100 amplifier. This frequency is directly
controlled by the frequency of the dominant pole of the am-
plifier's open loop response, which can be approximated by
the expression:

f "" 31SETIN
P 2 'Tr CCOMP AVOL VT

where AVOL is the amplifier's DC open loop gain. VT is equal
to KT/q or 0.026V at room temperature, ISET IN is the input
stage programming current, and CCOMP is the total com-
pensation capacitance.

el
'IN 0---1

eeOMP

T
FIGURE 6. Voltage-Controlled Low Pass Filter. Minimum

Input Frequency Is Determined by C1 and R1.

The closed loop corner frequency, which, as stated is also
the corner frequency of the filter, is:

fe = /3 • GBW = /3 • AVOL • fp

where /3 is the feedback factor, R1/(R1 +R2), and a single
pole open loop frequency response is assumed. Combining
these two expressions, the corner frequency is:

f
e

= 3 ISET IN • /3 .
2'TrCCOMPVT

The simplest method to dynamically control fe is to vary
ISET IN through a control VOltage, Vc. where:

Vc - VSE
ISETIN = RSETIN+5000'

In this manner, CcoMP should be chosen for the highest
desired corner frequency at maximum ISET IN. Two curves
illustrating the dependence of the corner frequency on
ISET IN for two different compensation capacitors are shown
in Figure 7.

1000

liD

i~.. 10...~..J

ee~~~' 110 pF

eeOMP - 0.00411'F

0.1
0.01 0.1 1 2 10 100

ISET IN (mAl

TUH/1490-7

FIGURE 7. Amplifier Closed Loop Comer
Frequency vs ISET IN

It should be noted that as the compensation capacitor is
increased, or ISET IN is decreased, the maximum slew rate
of the amplifier is decreased. To prevent slew rate induced
distortion of sinusoidal input signals, the following restriction
applies:

Slew rate max = 3
C

ISETIN ;;, w Vo peak.
COMP

where Vo peak is the peak output voltage of the filter and w
is 2 'Tr fiN, where fiN is the signal frequency. The output
voltage for signal frequencies less than the corner frequen-
cy of the filter (within the passband) should then be restrict-
ed to:

VIDEO AMPLIFIERS

The basic principle behind the design of the LM359 is to
provide amplification of high frequency signals with the ease
of using standard operational amplifiers. The most obvious
application area for this amplifier is in the video area where
a fair amount of gain is required at frequencies much higher
than monolithic op amps can provide.

A specific application is the amplification or buffering of a
composite video signal for a distributed monitor system.



drive a terminated 750 cable to 4 Vp-p for use as a video
line driver. For color signals, the differential phase error and
differential gain error at 3.58 MHz are desirably low. as not-
ed in Table III.

TABLE III. Typical Video Amplifier Performance

Av = 20 dB

-3 dB Bandwidth -+ 2.5 Hz to 25 MHz

Differential Phase Error < l' } at 3.58 MHz
Differential Gain Error < 2%

Amplifier Output Swing = 4 Vp-p Max

For general purpose wideband amplifiers, the availability of
two amplifiers in a single package allows cascading two
gain stages to achieve very high gain bandwidth products as
shown in Figure 9.

DISC AND MAGNETIC TAPE MEMORY SENSING

In digital data recovery from a magnetic storage medium,
such as a disc or magnetic tape, there exists a need for high
gain bandwidth amplifiers to convert the low level voltage
transients from the output of the playback head (caused by
a magnetic flux reversal on the tape or disc) to digital

a) For very high bit rates and low level signals they can be
cascaded to optimize overall gain bandwidth product. as
already shown in Figure 9.

b) For single-ended playback signals (non center-tapped
head), one amplifier can be used as a gain stage and the
other as a differentiating stage to convert recovered sig-
nal peaks into bi-directional zero crossing signals. and
then properly drive a comparator with regard to direction
of flux changes on the disc or tape; this simplifies decod-
ing of phase-encoded data.

c) For differential playback signals (center-tapped head).
one amplifier can be used to provide gain for each output
signal individually to retain the differential signal, or a sin-
gle amplifier difference amp can perform a differential to
single-ended conversion and the other amplifier can per-
form differentiation of the single-ended signal. For multi-
channel, parallel recorded data, the overall component
count of the playback system can be minimized by using
one amplifier of the LM359 per channel.

Combining gain with constant delay filtering: Another
important application of the LM359 in data recovery sys-
tems is that of filtering. It is most desirable to prevent high
frequency noise spikes from being coupled through the
sensing stage causing erroneous readings, but the low

TLlH/7490-8

FIGURE 8. A Typical Application of this Fast Norton Amplifier as a High Perfomance Video Amplifier Driving a 750 Line
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Circuit BW Ql 8 MHz

FIGURE 9. General Purpose, High Gain, Wldeband Amplifiers Can Be Obtained by
Cascading the 2 Norton Amplifiers Available on a Single Chip



pass filter used must not induce time delays to valid data
signals which will be decoded by their time relationship to
each other. This immediately implies a constant group delay
low pass filter or a Bessel filter approximation which, if im-
plemented with active components, can also provide signal
gain. Figure 10 shows a fourth order, 250 kHz, gain of 100
Bessel filter. Here, because of the low 00 requirements of
the Bessel filter, a simple (Sallen-Key) filter structure has
been chosen over the previously discussed higher perform-
ance structures. Note, however, that constant group delay
filtering and amplification are performed with a single
package.

A HANDLE ON INPUT NOISE
The programmability of the amplifier's input stage current
and the ability to "shut off" the non-inverting input current

0.1

'IN<>-1

"OUT ~ 100
e,N

fo = 250 kHz

Time delay = 636 ns

for f ,;; 250 kHz

mirror allows significant improvements of the noise charac-
teristics. For an inverting application where the non-invert-
ing input would only be used for DC biasing purposes, an
alternate biasing scheme, the nVSEbiasing, can be used, as
shown in Figure 11.This allows "shutting off" the input cur-
rent mirror which, in itself, will reduce the input noise by a
factor of two.
In addition, the input stage programming current can be in-
creased to further reduce the noise voltage at the expense
of an increase in input noise current and low frequency llf
noise, which are not a problem in low input impedance,
wideband amplifiers. The typical effect on noise vs input
stage current is illustrated in Figure 12.

FIGURE 10. A Fourth Order, 250 kHz Bessel Filter for Data Recovery Systems.
The Filtering Function Is Done with a SIngle Package.
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a) Effect of "Shutting Off" the Input Mirror b) Noise Performance of Figure 11

FIGURE 12. Programmability Provides a Handle on Input Noise



MAKING A FAST JFET INPUT OP AMP
The current mirror input stage of the LM359 can be used as
an active load for a differential JFET stage to form a super
fast op amp (Figure 13). This circuit combines the high fre-
quency performance and programmability of the LM359 with
the high input impedance and low bias currents of a discrete
JFET input stage. External compensation of the LM359 is
generally required to accommodate any additional phase
shift of the input stage, and the "pole-splitting" configura-
tion shown works quite well. The speed performance is
shown in Table IV. Note that this op amp should be mainly
used for very high speed, single supply AC coupled circuits.
This is because the op amp DC input offset voltage de-
pends mainly on the matching of 2 discrete JFETs.

TABLE IV. Typical Amplifier Performance

Ay BW Sr Cc

1 40 MHz 60 V/p.s 51 pF

10 24 MHz 130 V/p.s 5pF

100 4.5 MHz 150 V/p.s 2pF

'ves null (VOS is typically < 25 mY)

ISlAS < 50 pA

A HIGH COMMON-MODE INPUT VOLTAGE
DIFFERENCE AMPLIFIER
An inherent feature of a current differencing input stage is
that the voltages from which the input currents are derived
are limited only by the maximum input current (or mirror cur-
rent) of the amplifier and the size of the input resistors. An
application that takes advantage of this is a high common-
mode voltage difference amplifier ( Figure 14). In this circuit,
the LM359 will amplify the difference in voltage between
inputs V1 and V2, but both inputs can be riding on a com-
mon-mode level as high as approximately 250 Voc without
exceeding the maximum mirror current of 10 mA.
The addition of resistor R1 in Figure 14allows an adjustment
of the common-mode rejection ratio by adjusting the invert-
ing input bias current, via the programmable input stage cur-
rent, ISETIN. This bias current error is most significant at
lower common-mode input voltage levels. By making the
bias current directly proportional to the input level, a 20 dB
CMRR improvement is possible by adjusting R1 for maxi-
mum CMRR at the maximum input common-mode voltage.

FIGURE 13. Combining the Norton Amplifier with Discrete
P-Channel JFETs to Make a Fast Voltage Mode Op Amp
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TL/H/7490-14
FIGURE 14. A High Input Common-Mode

Voltage Difference Amplifier
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FIGURE 15. Using a Fast PLL to Make a

High Frequency, Ultra Linear VIF



All diodes 1N914

'Metal film, 1%

"Polypropylene

"'Mylar
Ql-> 2N5038

Ful~scale edjus1 made with VIN = -10V

Z"", edjus1 made with VIN = -O.W

BUILDING A FAST AND ULTRA LINEAR V/F
CONVERTER

Unear and fast vOltage-to-frequency IY IF) converters are
very difficult to build, especially when standard V IF design
techniques are used. A solution to this problem is the use of
a fast phase locked loop (PLL) which is driven by a medium
frequency and ultra linear V/F IC (the LM331), Figure 15.
This high frequency operation is obtained via a frequency
divider inserted into the loop, and the linearity of the overall
circuit closely approximates the linearity of the medium fre-
quency input V IF. The high frequency, quasi linear VCO,
and the error amplifier of the PLL are designed by using the
2 sections of the LM359. The output frequency of the VCO,
which is also the output of the system, is divided by 100 and
is compared with the output of the driving V IF via a digital
phase detector. The overall circuit is shown in Figure 16.
Following a zero and a full-scale adjust, the V IF works well
over 2 decades of frequency and its non-linearity is below
0.03%, as shown in Figure 17.
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include an 8- or 16-channel mUltiplexer with latched control
logic.

The ADC0831 series, on the other hand, are CMOS 8-bit
successive approximation AID converters with serial I/O. In
addition to the single analog input ADC0831 in an 8-pin
miniDIP, they offer 8, 4, or 2-channel analog multiplexed
inputs. Serial output data can be selected as either MSB or
LSB first. The channel assignment of the multiplexers is ac-
complished with a 4-bit serial input word preceded by a
leading "1" start bit.

The ADC0801, ADC0802, ADC0803, ADC0804 parallel I/O
AIDs and the ADC0833 serial I/O AID are designed to
work with a 2.5V fixed reference for a OV to 5V analog input
range. The full 8 bits of resolution can be encoded over any
smaller analog voltage range by applying one half of the
desired full-scale analog input voltage value to the VREF/2
pin.

The ADC0805, ADC0808, ADC0809, ADC0816, ADC0817
parallel I/O AID converters and the ADC0831, ADC0832,
ADC0834, and ADC0838 serial I/O AID converters are de-
signed to operate ratiometrically with the system transducers.
A ratiometric transducer is a conversion device whose out-
put is proportional to some arbitrary full-scale value. The actual
value of the transducer's output is not important, but the
ratio of this output to the full-scale reference is important.
Also, these parts are designed to use a 5V fixed reference.

I
I
I

RESET I IRTR
L ...I TL/H/5631-1

FIGURE 1. ADC0804lntemal Block Diagram



ADC08041MPLEMENTATION EXAMPLE
Theory of Operation
The converter is started by forcing ~ and WFl simulta-
neously low. This sets the start flip-flop (F/F) (see Figure 1)
which resets the 8-bit shift register, resets the INTR F/F and
sets F/F1, which is at the input end of the 8-bit shift register.
When the set signal of the start F/F goes low (either WR or
~ is high), the 8-bit shift register then shifts in a "1" from
F/F1, which starts the conversion process. After the "1" is
clocked through the 8-blt shift register, it appears as the
Input to Latch 1. The "1" output from the shift register caus-
es the 8-bit output of the SAR latch to transfer to the TRI-
STATE output latches. When Latch 1 is subsequently en-
abled, the Q output makes a hlgh-ta-Iow transition which
sets the INTR F/F. An inverting buffer then supplies the
JRm output signal. When data is to be read, the combina-
tion of both ~ and AD being low will reset the INTR F/F
and will enable the TRI-STATE buffer latch output onto the
8-blt data bus.

1k-byte of external RAM is provided in the INS8073 system,
in which the first 256 bytes are used to store the microinter-
preter's variables, stacks and buffers. The remainder of the
RAM is used to store data and the interface program. The
AID is mapped into the memory space of the INS8073 sys-
tem at address 3000 HEX. External RAMs are located from
1000 HEX to 13FF HEX. A DM74LS138 address decoder is
used to generate the chip select signals for the AID and the
RAM. It also provides a signal to enable a DM74LS368 TRI-
STATE HEX buffer which provides the baud rate setting at

TINY BASIC INTERFACE SUBROUTINE

100 REM SUBROUTINE TO START AID AND STORE DATA INTO MEMORY
110 REM C IS THE COUNTER FOR THE NUMBER OF DATA BYTES STORED
120REM o POINTS TO THE 1ST DATA ADDRESS
130C=16
1400= #1300
150 @ #3OO0=A
160 A= STAT AND #20
170 IF A< >0 THEN GO TO 160
180@D=@#3000
1900=0+1
2OOC=C-1
210 IF C>O THEN GO TO 150
220 RETURN

INS8072 ASSEMBLY CODE INTERFACE SUBROUTINE

; THIS SUBROUTINE IS TO BE CALLED BY TINY BASIC THROUGH A "LINK" STATEMENT
BEGIN: PLI P2, = 13DOH ;P2 POINTS TO A 1ST BYTE ADDRESS

PLI P3,=3000H ;P3 POINTS TO AID
LD A, = OFH ;SET CONVERSION COUNTER TO 15
ST A, COUNT ;COUNTER ADDRESS
ST A, 0, P3 ;START AID
LD A, S ;WAIT FOR SENSE B INPUT TO GO LOW
AND A, = 20H ;(CONVERSION COMPLETED)
BNZ WAIT
NOP
LD
ST
OLD
BP
POP
POP
RET

All of these AID converters operate from a standard 5V
power supply, and are available in accuracies over the tem-
perature range of ± 'Iz LSB or ± 1 LSB including full-scale,
zero scale, and non-linearity errors.

START:
WAIT:

A,0,P3
@ 1, P2
A,COUNT
START
P3
P2

location FOOO HEX. The read and write strobe signals of the
AID and the processor are tied together, and the INTR sig-
nal of the AID is tied to the SENSE B input of the INS8073.

The microinterpreter has built-in I/O routines to serially in-
terface with an RS-232 terminal. The INS8073 F1 flag
should be inverted and buffered to provide an RS-232 level.
Similarly, the INS8073 will accept serial input data, buffered
to TIL level without inversion, on its SA input. DS1488/
DS1489 quad line driver/receiver chips are used for TIll
R5-232 buffering. Baud rate can be selected by matching
the two jumpers, J1 and J2, (see Figure 2), with the table
below. A "0" signifies that the jumper is missing, and a "1"
means that it is installed.

J1 J2 Baud Rate

0 0 4800

0 1 1200

1 0 300

1 1 110

Details of both hardware and software interface are given
below and in Figure 2. A Tiny Basic subroutine, along with
an Assembly Language subroutine, are illustrated. The mi-
croprocessor starts the A/D, reads, and stores the results
of 16 successive conversions. The 16 data bytes are stored
at location 1300 HEX to 13DF HEX. The Assembly lan-
guage subroutine can be called by issuing a "LINK" state-
ment in TIny Basic. It performs the same function as the
TIny Basic subroutine, except it will execute faster. The Tiny
Basic subroutine takes about 60 ms to execute; the Assem-
bly Language subroutine takes only 96 ,...S (plus conversion
time).

:REM
:REM
:REM
:REM
:REM
:REM
:REM

START AID
LOOP UNTIL SENSE B GOES LOW
(CONVERSION COMPLETED)
INPUT CONVERTED DATA
INCREMENT DT ADDRESS
CHECK WHETHER 16 CONVERSIONS
ARE DONE OR NOT

;INPUT CONVERTED DATA
;STORE DATA IN MEMORY
;DECREMENT COUNTER. IF NOT DONE,
;DO ANOTHER CONVERSION
;RESTORE P2 AND P3 FOR TINY BASIC
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ADC0833 IMPLEMENTATION EXAMPLE

Theory of Operation
The three flag outputs (F1, F2, F3) and a sense input (SA or
S8) are all that is required to interface the ADC0833 and the
70 series family microprocessor (see Figure 3). The AND S,
= XX and the OR S, = XX instructions set up the status
register to produce the proper output signals (01, CLK, CS).
The input is derived by loading the status register into the
accumulator and masking all but the necessary bit.

The ADC0833 is selected by setting CS, CLK, and 01 low.
After setting a counter to account for the 4-bit MUX address
and the start bit, the data is shifted out, serially. This is

Xl.

lOOk Fl

INSB072F2
F3

lk SA

T
27PF

10k
5V NHOLO

GNOVee
20 40

":" 5V

accomplished by testing the carry bit after each shift and
modifying FI accordingly (see Tables I and II and Figure 4).
Once the leading sentinel bit and all four MUX address bits
are clocked in, the AID input is disabled and 00 is enabled.
One clock pulse is required to sync the output with the fail-
ing clock edge; the falling clock edge is used to clock data
out. Each of eight successive input loops load the status
register into the accumulator and the masks to determine
whether the input was a "1" or "0". After ascertaining
which, the result is loaded into the accumulator and the
program successively shifts left (for a "0"), or shifts left and
adds a "1" (for a "1"). A digitized by1e is formed represent-
ing the analog input (see Figures 5 and 6').

T33
"F

34 13

35 12
36 2
38 10

CH 0
CH 1
CH 2

01 CH 3

CLKAOC0833
Cs
00

USELM33li-2.5
V'" OR
SPANADJUST

DI~l!l~
SENTINELSINGLEt========::r-------------------------

IDIFF MUXADDR

~
lSB

DO--------H-'.Z-S-T-AT-E------- ••I _0 _

LEADZEROFOR MSB
MUXSETTLING

CS l... _
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1 0 0 1 1 + 13

1 1 0 1 1 + 18

1 0 1 1 1 + 17

1 1 1 1 1 + IF

LSB MSB SID Start Differential HEX
0 1 2 3 Code

1 0 0 0 1 + - 11

1 1 0 0 1 + - 19

1 0 1 0 1 - + 15

1 1 1 0 1 - + 10



»
START: AND S,=OFOH ;SET CS=O, CLK=O Z.

LD A,=5
Nc»

ST A,CNTRADDR ;SET UP MUX ADDR COUNTER 0

LD A,=O
ST A, RESL T ADDR ;CLEARS RESULT LOCATION

LD A,=MUXADDR ;LOAD MUX ADDR AND SENTINEL BIT

JMP LOOPS
LOOP 1: XCH A,E ;RESTORE MUX ADDR REMAINDER

LOOP 5: RRL A ;ROTATE BIT 0 INTO CARRY
XCH A,E ;SAVE MUX AD DR REMAINDER
LD A,S ;LOAD STATUS REG
BP ZERO ;IF CARRY NOT SET, OUTPUT = "0"

ONE: OR S,=02 ;SET F1 = 1 (D1 = 1)
JMP CONT

ZERO: AND S,=OFOH ;SET F1 =0 (DI=O)
CONT: CALL PULSE ;PULSE CLK 0 -+ 1 -+ 0

DLD A1 CNTRADDR ;DECR AND LOAD COUNTER
BNZ LOOP 1 ;BRANCH IFCOUNT=O
LD A,=08 ;SET UP DATA BIT COUNTER

LOOP 2: CALL PULSE ;PULSE CLOCK 0 -+ 1 -+ 0

LD A,S ;LOAD STATUS REG
AND A,=01 ;DETERMINE IF DATA="1"
BZ INO ;IF ACC = 0, GO TO INO
LD A, RESL T AD DR ;LOAD CURRENT RESULT
SL A ;SHIFT RESULT LEFT
ADD A,=1 ;ENTER LATEST DATA BIT
JMP GO

INO: LD A, RESL T AD DR ;LOAD RESULT
SL A ;SHIFT RESULT LEFT, BIT 0 = 0

GO: ST A, RESL T AD DR ;STORE CURRENT RESULT
DLD A,CNTRADDR ;DECR AND LOAD DATA COUNTER
BNZ LOOP 2 ;IF COUNTER*O, CONT
RET

PULSE: OR S,=04 ;SET F2= 1 (CLK= 1)
NOP ;DELAY
AND S,=OFBH ;SET F2 = 0 (CLK = 0)
RET

FIGURE 6. Single-Ended AID Conversion Program



Data Acquisition Using
INS8048

Abstract: This application note describes techniques for in-
terfacing National Semiconductor's ADC0833 serial I/O,
and ADC0804 parallel I/O A/D converters to the INS8048
family of microprocessors. A hardware and software inter-
face example is provided for each A/D, along with a brief
theory of operation.

INTRODUCTION
Since the INS8048 series microprocessors are single-chip,
multiple I/O line, high speed devices designed as efficient
controllers, the capacity to interface with analog peripherals
is obvious. That the conversion be fast, inexpensive and
easily expanded to accommodate a number of 1/0 devices
is desirable.

The INS8048 is a self-contained, 8-bit processor in a 40-pin
dual-in-line package. It contains its own system timing, con-
trollogic and memory. All parts contain RAM (64, 128,256
bytes) and offer the option of on-board ROM (1 k, 2k, 4k
depending on part). It provides extensive bit-handling capa-
bilities, 97 instructions, and offers easy expansion for I/O
and memory.

The ADC0833 AID converter is an 8-bit successive-approxi-
mation device with serial I/O and conversion time of 25 p.s.
This family of converters offers various configurations of
multiplexed analog inputs which can be software pro-
grammed as single-ended, or as differential inputs, or both.
Single-ended inputs are referenced to a common pin which
is either referred to analog ground or to a fixed reference
voltage. Like the INS8048 family, a single 5V power supply
is all that is needed. The inputs will accept a OV-5V range.
No zero adjust is necessary. It is compatible with TIl and
MOS at both input and output. The output can be selected
as either MSB or lSB first.
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The ADC0804 is a CMOS 8-bit successive-approximation
AID converter with parallel I/O. This AID can be mapped
into memory space or can be controlled as an I/O device.
No external logic is needed to interface with the INS8048. A
new differential analog voltage input allows increasing the
common-mode rejection and offsetting the analog zero in-
put voltage value. In addition, the voltage reference input
can be adjusted to allow encoding smaller voltage spans to
the full 8 bits of resolution.

ADC0833 IMPLEMENTATION

Before explaining the system configuration, it is worthwhile
for one to understand the operation of the INSS048 proces-
sor's I/O ports. Ports 1 and 2 are quasi-bidirectional; that is,
they can be used as inputs or outputs while being statically
latched. If a "1" is written into any port bit, that bit can
function as an input or as a high level output. If a "0" is
written into any port bit, that bit can function only as a low
level output. Outputs are latched until changed and inputs
are unlatched and must be read immediately. When used
with the ANl Pp,A (AND accumulator to port) or the ORl
Pp,A (OR accumulator to port) instructions, these ports pro-
vide an efficient means of handling single line inputs and
outputs. Port expansion, if anticipated, is handled via the
lower four bits of Port 2. These four bits fulfill three distinct
functions:

(1) A quasi-bidirectional static port

(2) The four high order address bits for external memory

(3) An expander port interface

Only four pins of the processor's Port 1 or Port 2 are need-
ed for physical interfacing (see Figure 1). The ANl or ORl
instructions set up the port pins to produce the proper out-
puts (CS, ClK, and the multiplex address) or to allow for
data inpu1 from the AID converter.

ADCD8D3X
Vee CH 0
VT CH 1
CS CH 2
DI CH 3
CLK CH 4
SARS CH 5
DO CH 6
Sf CH 7

VREF CDMM
AGND DGND

IUP TD 8
ANALDG
INPUTS



The following description of the program can be used with
the listing or flow chart to understand the procedure. To
begin conversion, the processor must drive CS low, reset-
ting the multiplex address shift register, the successive-ap-
proximation register and the 9·bit shift register. After the
AID converter has been selected, the multiplexer address is
shifted out serially to the converter. The 4-bit multiplexer
address is always preceded by a start bit, a "1". The pro-
gram loads the multiplexer address, start bit and mode bit
into the accumulator as a single byte which is processed
and shifted out to the converter. By shifting this byte into the

carry, each bit is tested and the appropriate "1" or "0" is
output to the port. After five such operations, the start bit is
shifted on the rising edge of the clock pulse through the
AID's 5-bit shift register (see Figures 2 and 3, Tables 1 and
2). At this point, the digital data input is disabled, and the
digital data output enabled. One more clock pulse is needed
to synchronize the output on the falling edge of the clock
pulse. On each successive clock pulse, data is shifted seri-
ally to the processor. The data bits are then shifted, upon
reception, into the accumulator to form the digitized analog
input.

Ol---l' i, ~
START·sINGLE-----------

IDIFF MUXADDR

~
LSB

DD--------H~-Z-S-TA-T-E-------_I _D _

LEADZERDFOR MSB
MUXSmLING

cs1.... _

REY
CLOCKROUTINE

[PULSEDCLDCKINPUT
TOAID CONVERTER)



1 1 0 1 1 + 1B

1 0 1 1 1 + 17

1 1 1 1 1 + 1F

LSB USB SID Start Differential HEX
0 1 2 3 Code

1 0 0 0 1 + - 11

1 1 0 0 1 + - 19

1 0 1 0 1 - + 15

1 1 1 0 1 - + 10

START: ANL P1, #OF3H ;SELECT AID, SET CSO to 0
MOV R2 #5 ;BIT COUNTER - 5
MOV A, #DATA ;A - MUXADDR
MOV R3, #0 ;CLEARR3

LOOP 1: RRC A ;CY - AD DR BIT
JC ONE ;IFCY = 1 GO TO ONE

ZERO: ANL P1, #OFEH ;SETDI = 0
JMP CONT ;CONTINUE IF 0

ONE: ORL P1, #1 ;SETDI = 1
CONT: CALL PULSE ;PULSE CLK 0 -+ 1 -+ 0, CLK IN DATA

DJNZ R2, LOOP 1 ;LooP, TO SHIFT AND OUTPUT MUX
;ADDR AND SENTINEL

MOV R2,#8 ;BIT COUNTER - 8, FOR SERIAL IN
LooP2: CALL PULSE ;PULSECLKO -+ 1 -+ 0

IN A,P1 ;A - (DO), BIT SHIFTED TO CARRY
RRC A
RRC A
MOV A,R3 ;A - RESULT
RLC A ;A(O) - CY, SHIFT LEFT
MOV R3,A ;R1 - RESULT
DJNZ R2, LOOP 2 ;LooP THRU FOR ALL 8 BITS
RETR

PULSE: ORL P1, #04 ;CLK - 1
NOP ;DELAY
ANL P1, #OFBH ;CLK - 0
RET
END START

FIGURE 4. S1ngle-Ended AID Conversion Routine



Easy expansion, mentioned earlier, has not been forgotten.
With the addition of the one chip (see Figure 5), the number
of peripherals can be expanded TEN-FOLDI The INS8243
I/O expander consists of five 4-bit bidirectional ports. One
port provides the interface with the processor, the other four
provide the I/O expansion. The INS8243 I/O expander
serves as a direct extension for the resident I/O port of the
INS8048 family of processors. The INS8048 instruction set
provides four instructions solely for use with this chip. They
are:

MOVD Pp,A-Shift accumulator data to addressed port
MOVD A,Pp-Shift addressed port data to accumulator
ANLD Pp,A-ANDing accumulator data to addressed port
ORLD Pp,A-QRing accumulator data to addressed port

The last two instructions can be used in the same way as
the ANL and ORL instructions in the first example. It should
be noted that only one pin can be used in Port 7, since the
INS8243, unlike the INS8048 series, has true bidirectional
ports and thus requires that each port be either input or
output. Figure 5 shows how 10 AID converters could be
connected to allow up to 80 analog inputs to be monitored
at the expense of only four I/O pins on the INS8048 itself.

ADC08041MPLEMENTATION
The ADC0801/2/3/4/5 AID converters have been de-
signed to directly interface with processors similar to the
INS8048 family. The AID is memory mapped into the exter-
nal data memory space of the INS8048 system. The RD,
WR and INTR signals of the AID, and the processor are tied
directly. In the example circuit, an arbitrarily chosen ad-
dress, EO,is assigned to the AID, and CS is decoded by a
bus comparator, the DM8131. Since the address and the
data of the INS8048 processor are multiplexed on the same
bus, an inverted ALE signal from the INS8048 is tied to the
strobed input of the bus comparator in order to latch the
address output from the processor. If no other devices are
attached to the INS8048's bus, this decoding can be left off
and the CS input to the ADC0804 is simply grounded.

Expander Outputs
Port 4 01

SK
CS1
CS2

Port 5 CS3
CS4
CS5
CS6

Port 6 CS7
CS8
CS9
CS10

Port 7 DO

A sample program is shown in Figure 6. The processor
starts the A/D, reads and stores the result of an analog-to-
digital conversion through an interrupt service routine. This
subroutine starts at address 30H, and the external interrupt
vector is located at address 03H. The converted data word
is stored at on-chip RAM location, 10H. The following is a
line by line description of the parallel AID conversion sub-
routine.
BEGIN: This is where the program starts execution after
having been reset. ROand R1 are set up with addresses to
point to the AID converter and the address where data is to
be stored.
AGAIN: Interrupts are enabled to allow the AID to signal
that it has completed its conversion; arbitrary data is written
to the device to start its conversion process.
LOOP: The processor waits here for an interrupt to occur.
The interrupt service routine returns with a zero in the accu-
mulator to allow the program to continue at CONT.
CONT: This is where the analog input received earlier is
processed.
INDATA: Upon the occurrence of an interrupt, this routine is
entered. It reads data from the AID converter (with a MOVX
A,@RO)and puts it into the RAM location pointed to by R1
(MOV @R1,A). The accumulator is cleared in order to pass
location LOOP:, (see Figure 6) and control is returned to
the user's program.
Upon inspection, it can be seen that each system has its
strengths and limitations. Because of the need to handle
serial data with loops for input and output, the ADC0833 is
approximately five times slower than the ADC0804. There-
fore, for raw speed, the ADC0804, at 100 IJ-sconversion
time plus minimal processor service time, is preferable.
Faster processors can be used to decrease the response
time from any given analog input. All INS8048 series devic-
es are available with clock rates up to 11 MHz. Though
slower, the ADC0833 provides up to eight multiplexed in-
puts configurable in single-ended or differential modes, and
uses only four processor I/O pins. In either case, the imple-
mentation is not formidable and, with only 2 or 3 chips per
system, not expensive.



;TEST ROUTINE FOR INTERFACING INS8048 WITH ADC0804

;PROGRAM STARTS AT MEMORY LOCATION 10H

;INTERRUPT SUBROUTINE STARTS AT LOCATION 30H

;DATA WILL BE STORED IN MEMORY LOCATION AT 20H

lk lk
5V

~
6.2k 6.2k 6.2k

Y2 1& h14 12 10 6 4 T2 Ta I 20 9 \T6 T5 14 13 T2 T1 GND - Vee 1II.1+)V",1 )1111,,/2 19 10k

MICROPROCESSOR
ClK R T1

5V.1!. Vee DM8131 DUTPUTL.1n AoC0804 ClK IN 4

AGND

~b! mull
DGND

81 82 83 •• 85 86 Plo Pl1 Pl2P13 P84P15P16 PIT RllWRIRT

4026 5 f>JT

1 3 511 13 15 18,17 16115 14 13 12 11 2 3 5 -
VeeV" 5\lE 11 , I

20 OF IN58048

~ ~ XTAll D80 12
D81 13

~ D82
14-1 3 XTAl2 D83:: ),,~

2DOF D84 8U5
D85 17-H-~RmT D86::

1.F 7
EA

D~8

'"=" WR lD
IRT&

r GND

ADDRESS OBJECT CODE
ORG OH

0000 0410 JMP 10H
ORG 3H

0003 0430 JMP 30H
ORG 10H

0010 B8EO BEGIN: MOV RO. #OEOH
0012 B920 MOV R1. #20H
0014 05 AGAIN: ENI
0015 23FF MOV A. #OFFH
0017 90 MOVX @RO.A

0018 9618 LOOP: JNZ LOOP
OOlA 00 NOP

001B 00 CONT: NOP

0030
0031
0032
0033

ORG 30H

INDATA: MOVX A. @RO
MOV @R1.A
CLR A
RETR
END

ADDRESS DECODING

(OPTIONAL)

;PROGRAM STARTS AT 10H
; INTERRUPT VECTOR

;MAIN PROGRAM
;RO POINTS TO AID
;R1 POINTS TO DATA ADDRESS

;SET THE ACC FOR INTR LOOP
;STARTA/D
;LOOP UNTIL INTR FROMAID
;GO TO USER' S PROGRAM

;USER'S PROGRAMTO PROCESS
;CONVERTED DATA

; INTERRUPT ROUTINE STARTS
;AT 30H

;INPUT CONVERTED DATA
;STORE IN DATA ADDRESS
;CLEAR ACC TO GET OUT OF
;THE INTERRUPT LOOP

50 ofq.



Single-Supply Applications
of CMOS MICRODACs

CMOS data acquisition and conversion products are be-
coming the ideal choice for microprocessor controlled ana-
log systems. The use of CMOS allows the addition of more
digital logic functionality on to the same die as the analog
circuitry to minimize external parts requirements. The inher-
ently low power consumption is also a big factor for battery
operation and low heat generation in large scale systems.
National's MICRODAC'" family of 8, 10 and 12-bit D to A
converters all feature on-chip data latches to permit direct
interface to 8 or 16-bit data busses. These devices were
designed to provide the most versatility from an analog
standpoint. By utilizing a current switching R-2R ladder net-
work (Figure 1), the applied reference voltage can be either
a stable DC voltage or an AC voltage within the wide range
of ±10V. However, output linearity requires that the two
current output terminals be biased to OV. This is accom-
plished by using an external op amp to serve as a current-
to-voltage converter. Negative feedback via the feedback
resistor included in the DAC keeps the IOUT1terminal at a
virtual ground potential. A drawback to this technique is that
the output amplifier inverts and outputs a voltage of the op-
posite polarity of the applied reference. This then requires
the output amplifier to have a negative supply voltage if the
reference were positive. To operate with only a single-sup-
ply by biasing the ground pin of the DAC and the inputs of
the op amp to % the supply does not work, as the digital
inputs are no longer TIL compatible.
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All hope is not lost, however, if single-supply operation is
essential. By taking a somewhat backwards view of the
DAC ladder network, only a single positive supply is neces-
sary. In Figure 2 the R-2R ladder network is used to switch
voltages rather than currents.1 By applying the reference to
the normal current output terminal (IOUT1)and grounding
IOUT2the voltage at the reference terminal will be a fraction
of the reference voltage and a function of the applied digital
input code.
There are two important considerations when using this
voltage-switching approach. The applied reference voltage
must be positive since there are internal parasitic diodes
from the lOUTterminals to ground which would turn on if the
reference were to be negative. This, of course, is of no con-
cern with single-supply applications. There is also a depen-
dence of converter linearity and gain error on the voltage
difference between the DAC's Vcc supply and the applied
reference voltage. This is a result of the voltage drive re-
quirement of the CMOS ladder switches. To ensure that all
of the switches can turn on sufficiently (so as not to add
significant resistance to any leg of the ladder and thereby
introduce additional linearity and gain errors) an 8-bit DAC
should not have a reference greater than 5V and the Vcc
supply should be at least 9V more positive than the refer-
ence. This would keep linearity and gain error degradation
less than 0.1%. A 10-bit DAC is a bit more stringent. For a
0.005% or less error degradation, the reference should be
less than 3 Voc and Vcc should be 10V more positive. The
typical effects of bringing VREF and Vcc closer together,

N = Number of bits of resolution

FIGURE 1.The Standard Current·Swltchlng R·2R Ladder Network

TL/H/5633-1

FIGURE 2. Operating the Ladder "Backwards" to Serve as a Voltage-Switching Network
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as well as temperature performance, are shown graphically
in Figure 3 for the 8-bit OAC0830 series.

Since the output is now a voltage rather than a current, an
output op amp is not necessarily required, but the OAC's
output impedance is fairly high (equal to its specified refer-
ence input resistance of 10k to 20k), so an op amp may be
required for buffering purposes. Figure 4 shows a single-
supply OAC with an output amplifier providing buffering and
gain for a more useful OV to 10V output from a 2.5V refer-
ence. The LM336 reference diode is biased through the in-
ternal feedback resistor between the IOUT1 pin and the RIb
pin. The zero-code output voltage is limited by the lower
output saturation voltage of the LM358 op amp. The 2k pull-
down load resistor helps to reduce this voltage to 10 mV or
'14 of an output LSB. Even with a 15V OAC supply, the digital
inputs remain T2L compatible.

Closer inspection of Figure 2 shows that both IOUT1 and
IOUT2 drive the ladder network in an identical manner. Each
leg is connected to either IOUT1 or IOUT2 as controlled by
the logic state of each digital input. If each lOUT terminal is
biased to separate reference potentials, the circuit of Figure
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5 results. This is a single-supply OAC with an adjustable
zero-code output offset voltage and adjustable output span
to reserve the full resolution of the OAC for a range of volt-
ages other than OV to full-scale. An important point to note
is that for an all ones code applied, only the voltage at IOUT1
is connected to the ladder and sets the output to 255/256
times the voltage of IOUT1. With an all zeros code applied,
only the voltage at IOUT2 drives the ladder, setting the out-
put to 255/256 times this voltage. This non-interaction of
the two inputs at the end-points makes calibration a breeze.
The incremental analog output steps are automatically set
to (VMAX-VMIN)/256.

The buffers at the two reference inputs in Figure 5 isolate
the code-dependent resistance to ground at IOUT1 and
IOUT2 from the resistive string used to set VMAX an VMIN.
The output responds in accordance to the following expres-
sion.

(1) VOUT = 0/256 (VMAX - VMIN) + 255/256 VMIN

Where 0 is the decimal equivalent of the 8-bit binary control
word.

FIGURE 3. The Effects of Bringing the Vcc Supply and VREF Closer Together and Temperature Performance Using the
DAC In the Voltage-Switching Mode

FIGURE 4. Obtaining OV to 10V Output from a 2.5V
Reference
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FIGURE 5. A Single-Supply DAC with Level Shift and

Span Adjustable Output



A common requirement of single-supply systems is that the
outputs of signal-conditioning amplifiers must be DC biased,
typically to % of the Vcc supply, to provide maximum un-
clipped AC signal swing. The circuit of Figure 6 shows how
this dual-input vOltage-switching DAC configuration can al-
low the digital input code to control the attenuation of an AC
signal without significantly affecting the DC biasing level. If
the voltage at IOUT2 is set to the DC level of the voltage at
IOUT1, then the term in equation (1) which is controlled by
the digital input code, D, reduces to just the AC signal at
IOUT1. The DC level at the output is 255/256 times the DC
level at the input.

The circuit of Figure 7 combines the advantages of low pow-
er consumption of the CMOS MICRODACs together with
the non-interactive zero and full-scale adjustability of this
voltage-switching technique. This circuit is an isolated 4 mA-
20 mA current loop controller where the DAC sets the

amount of current that flows through the loop, yet receives
its own power from the very same loop.

Digital control and isolation are provided by a single optoiso-
lator and a CMOS counter. The controlling processor must
generate a clock and keep track of the number of clock
pulses issued to the circuit to know what the loop current is
at any time. On power-up the counter is reset to all zeros to
give the processor a starting point, as well as to inherently
provide a calibration point. When calibrating, potentiometer
Pl would be set for the zero-code loop current of 4 mA. The
processor would then issue exactly 255 clock pulses to the
opto-isolator. Potentiometer P2 can then adjust the full-
scale current value to 19.92 mA. If one more clock pulse is
issued, the DAC input code returns to all zeros and the pre-
viously set value of 4 mA will flow, as this selting was unaf-
fected by the full-scale adjustment.

FIGURE 6. Single-Supply DAC where the Digital Input Word Affects the Attenuation of
an AC Signsl without Significantly Altering Its DC Biasing Level
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.-
~ The NPN emitter-follower will conduct whatever level of cur-
:Z rent necessary to keep the voltage across resistor AS equal
oc( to the voltage across resistor Ax. This voltage is equal to

the output voltage at the VREF pin of the OAC which can be
determined from equation (1). The actual loop current is:

(2) ILOOP=VOAcl1/As+1/Ax)

The second LM329 reference diode is used to bias the OAC
Vcc supply higher than the voltages at IOUT1 and IOUT2 to
preserve linearity.

Finally, what if a 0 to A function is required, but only a single
5V supply is available and minimal supply current is a pri-
mary concern (battery powered instrumentation is a good
example)? The voltage-switching techniques previously de-
scribed are not suitable because not enough voltage is
available to properly bias the OAC. A CMOS OAC is still
attractive for its low supply current requirements and if it can
be operated in the standard current switching configuration,
a single 5V supply is sufficient. But how about the voltage
inversion and the requirement for negative supply potential?

By taking advantage of an age-old technique of clocking a
diode-capacitor network connected as a DC to DC voltage
inverter, a low current negative supply can be generated. In
the circuit of Figure 8, 2 diodes and 2 capacitors are clocked
by a CMOS Schmitt trigger oscillator and connected in such
a fashion as to generate a -3.8V supply potential. This
negative supply is used only to bias a low current LM385-
2.5V reference diode to provide the OAC with a stable neg-

ative reference. Now the inversion of the output current-to-
voltage converter will generate a positive output ranging
from OV to 2.5V as a function of the digital input code.

The amount of ripple that may appear at the reference input
is a function of the dynamic impedance of the LM385, the
clock frequency and the size of the switching capacitors.
For the component values shown, the clock frequency is
approximately 1 kHz and the ripple on the reference is 7 mV
peak to peak. This ripple is cleanly filtered by the bypass
cap around the feedback resistor of the output amplifier.
The output op amp is part of a new low power quad, the
LP324, which is ideal for its ability to common-mode to
ground on the inputs and swing very close to ground at its
output. If an extra CMOS Schmitt inverter is not readily avail·
able, the oscillator function can be implemented with anoth-
er of the amplifiers in the op amp package. The total supply
current of this single-supply OAC is on the order of 1.5 mA
with no output load.

With this technique even the 12-bit OAC1230 can be used
with no linearity degradation which would be apparent in the
voltage-switching techniques.

REFERENCE
1. Sevastopoulos, N.; Cecil, J.; and Fredericksen, T., ':An
Unusual Circuit Configuration Improves CMOS-MDAC Per-
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An Acoustic Transformer
Powered Super-High
Isolation Amplifier

A number of measurements require an amplifier whose in-
put terminals are galvanically isolated from its output and
power terminals. Such devices. often called parametric or
isolation amplifiers. are employed in situations that call for
measurements in the presence of high common-mode volt-
ages or require complete ground path isolation for safety
reasons. Although commercial devices are available to
meet these needs. the method of power transfer used to
supply power to the floating input circuitry has limited the
common-mode voltage capability to about 2500V. In addi-
tion. leakage currents can run as high as 2 p.A.

Present devices (F/[Jure 1) employ transformers to transmit
power to the floating front end of the amplifier. The output of
the floating amplifier is then modulated onto a carrier which
is transmitted via a transformer or opto-isolator to the output
of the amplifier. Modulation schemes employed include
pulse width and pulse amplitude as well as frequency and
light intensity coding. The limitation on common-mode volt-
age breakdown and leakage in this type of device is the
breakdown rating of the transformers employed. Even when
opta-isolators are used to transmit the modulated signal. the
requirement for power to run the floating front end man-
dates the need for at least one transformer in the amplifier.

National Semiconductor
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Although other methods of transmitting electrical energy
with high isolation are available (e.g .• microwaves. solar
cells) they are expensive. inefficient and impractical. Batter-
ies present and obvious choice but have drawbacks due to
maintenance and reliability. What is really needed to
achieve extremely high common-mode capability and low
leakage is a method for transferring electrical energy which
is relatively efficient. easy to implement and offers almost
total input-ta-input isolation.

ACOUSTIC TRANSFORMERS
A technique which satisfies the aforementioned require-
ments is available by taking advantage of the piezoelectric
characteristics of certain ceramic materials. Although piezo-
electric materials have long been recognized as electrical-
to-acoustic or acoustic-to-electrical transducers (e.g., buzz-
ers and microphones) their capability for electrical-ta-acous-
tic-to-electrical energy conversion has not been employed.
This technique. which capitalizes on the non-conducting na-
ture of ceramic materials. is the key to a super-high isolation
electrical transformer. In this device the conventional trans-
former's transmission medium of magnetic flux and conduc-
tive core material is replaced by acoustic waves and a

INPUT~R

TRANSFORMER
DRIVE

CIRCUITRY

AMPliFIER
*DUTPUT



non-conducting piezoceramic core. Figure 2 shows a photo-
graph of typical acoustic transformers, fabricated by Chan-
nel Industries, Santa Barbara, California. Two physical con-
figurations are shown, although many are possible. In each
case the transformer is constructed by simply bonding a pair
of leads to each end of the piezoceramic material. Insulation
resistance exceeds 10120 and primary-to-secondary ca-
pacitance is typically a few pF. The nature of the piezocer-
amic material employed and the specific physical configura-
tion determines the resonant frequency of the transformer.
Figure 3 shows a plot of the output of an acoustic transform-
er driven at resonance. From the data it can be seen that
transfer efficiency can exceed 75%, depending upon load-
ing conditions. Ou1put short circuit current for the device
tested was 35 mA.

APPLYING THE TRANSFORMER-A 2O,OOOV ISOLA-
TION AMPLIFIER
Figure 4 shows a basic but working design for an isolation
amplifier using the acoustic transformer. This design will
easily stand off common-mode voltages of 20,OOOV and
versions that operate at 100 kV potentials have been con-
structed. In this design the acoustic transformer's HI-Q
characteristics are used to allow it to self resonate in a man-
ner similar to a quartz crystal. This eliminates the require-
ment to drive the transformer with a stable oscillator.

The 01 configuration provides excitation to the transformer

primary, while the diodes and capacitor rectify and filter the
secondary's output. Figure 5 shows the collector waveform
at 01 (Trace A) while Trace B, Figure 5 shows the second-
ary Ou1put. Despite the distorted drive waveform the trans-
former's secondary output is a clean sinusoid because of
the extremely Hi-O of the device. An LM331 V/F converter
is used to convert the amplitude input to a frequency outpu1.
The V IF Ou1put drives an LED, whose outpu1 is coupled to a
length of fiber-optic cable. Trace A, Figure 6 shows the
LM331's output, while Trace B indicates the current through
the LED. Each time the LM331 output goes low, a short 20
mA current spike is passed through the LED via the 0.01 fLF
capacitor. Because the du1y cycle is low, the average cur-
rent out of the transformer's secondary is small and power
requirements are minimized. At the amplifier output a photo-
diode is used to detect the light encoded signal and another
LM331 serves as an FIV converter to demodulate the fre-
quency encoded signal.

APPLICATIONS
An excellent application for the high isolation amplifier is
shown in Figure 7. Here, the winding temperature of an
electric utility transformer operating at 10,OOOV is monitored
by the LM135 temperature transducer. The LM135 output
biases the isolation amplifier input and the temperature in-
formation comes out at the amplifier output, safely refer-
enced to ground.
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~ Figure 8 shows another application where the high com-
Z: man-mode voltage capability allows a 5000V regulated pow-
c( er supply to have a fully floating output. Here, a push-pull

type DC-DC converter generates the 5 kV output. The pie-
zo-isolation amplifier provides a ground referenced output
feedback signal to A1, which controls the transformer drive,
completing a feedback loop.

FULLY FLOATING ~
INPUTS ----

In Figure 9, the piezo-isolation amplifier is used to provide
complete and fail-safe isolation for the inpu1sof a piece of
test equipment to be connected into a CMOS IC production
line. This capability prevents any possibility of static dis-
charge damage, even when the equipment may have accu-
mulated a substantial charge.

AMPLIFIER
FLOATING
INPur

+
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Applications of the LM392
Comparator Op Amp IC

The LM339 quad comparator and the LM324 op amp are
among the most widely used linear ICs today. The combina-
tion of low cost, single or dual supply operation and ease of
use has contributed to the wide range of applications for
these devices.

The LM392, a dual which contains a 324-type op amp and a
339-type comparator, is also available. This device shares
all the operating features and economy of 339 and 324
types with the flexibility of both device types in a single 8-pin
mini-DIP. This allows applications that are not readily imple-
mented with other devices but retain simplicity and low cost.
Figure 1 provides an example.

SAMPLE-HOLD CIRCUIT
The circuit of Figure 1 is an unusual implementation of the
sample-hold function. Although its input-to-output relation-
ship is similar to standard configurations, its operating prin-
ciple is different. Key advantages include simplicity, no hold
step, essentially zero gain error and operation from a single
5V supply. In this circuit the sample-hold command pulse
(Trace A, Figure 2) is applied to 03, which turns on, causing
current source transistor 04's collector (Trace B, Figure 2)
to go to ground potential. Amplifier A 1 follows 04's collector
voltage and provides the circuit's output (Trace C, Figure 2).
When the sample-hold command pulse falls, 04's collector
drives a constant current into the 0.01 JLF capacitor. When
the capacitor ramp voltage equals the circuit's input voltage,

SAMPLE COMMAND
INPUT

1 =SAMPlE
O=HOlO

National Semiconductor
Application Note 286

comparator C1 switches, causing 02 to turn off the current
source. At this point the collector voltage of 04 sits at the
circuit's input voltage. 01 insures that the comparator will
not self trigger if the input voltage increases during a "hold"
interval. When a DC biased sine wave is applied to the cir-
cuit (Trace D, Figure 2) the sampled output (Trace E, Figure
2) is available at the circuit's output. The ramping action of
the 04 current source during the "sample" states is just
visible in the output.

B=2V/DIV
C=2V/DIV

E=2V/DIV

E=2V/DIV

A, B, C HORIZONTAl=20J4s/DIV
D, E HORIZONTAl=l ms/DIV

01. 02. 03 ~ 2N2369

04 ~ 2N2907

el, A1 = LM392 amplifier-comparator dual
·1 % metal film resistor



"FED-FORWARD" LOW-PASS FILTER
In Figure 3 the LM392 implements a useful solution to a
common filtering problem. This single supply circuit allows a
signal to be rapidly acquired to final value but provides a
long filtering constant. This characteristic is useful in multi-
plexed data acquisition systems and has been employed in
electronic infant scales where fast, stable readings of infant
weight are desired despite motion on the scale platform.
When an input step (Trace A, Figure 4) is applied, C1's neg-
ative input will immediately rise to a voltage determined by
the 1k pot-10 kfi divider. C1's "+" input is biased through
the 100 kfi-0.01 ,...F time constant and phase lags the input.
Under these conditions C1's output will go low, turning on
01. This causes the capacitor (Waveform B, Figure 2) to

~O.01

A 1. Cl = LM392 amplrtier-compaTator dual

charge rapidly towards the input value. When the voltage
across the capacitor equals the voltage at C1's positive in-
put, C1's output will go high, turning off 01. Now, the capac-
itor can only charge through the 100k value and the time
constant will be long. Waveform B clearly shows this. The
point at which the filter switches from short to long time
constant is adjustable with the 1 kfi potentiometer. Normal-
ly, this is adjusted so that switching occurs at 90%-98% of
final value, but the photo was taken at a 70% trip point so
circuit operation is easily discernible. A1 provides a buffered
output. When the input returns to zero the 1N933 diode, a
low forward drop type, provides rapid discharge for the ca-
pacitor.
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HORIZONTAl=ms/DlV

FIGURE 4



VARIABLE RATIO DIGITAL DIVIDER
In Figure 5 the circuit allows a digital pulse input to be divid-
ed by any number from 1 to 100 with control provided by a
single knob. This function is ideal for bench type work where
the rapid set-up and flexibility of the division ratio is highly
desirable. When the circuit input is low, 01 and 03 are off
and 02 is on. This causes the 100 pF capacitor to accumu-
late a quantity of charge (0) equal to

0= CV
where C = 100 pF

and V = the LM385 potential (1.2V) minus the VCE(SAD

of 02.
When the input goes high (Trace A, Figure 6) 02 goes off
and 01 turns on 03. This causes 03 to displace the 100 pF
capacitor's charge into A1's summing junction. A1's output
responds (Waveform B, Figure 6) by jumping to the required

..••.. = 1N4148

NPN =2N2369

PNP=2N2907

Al, C1 = LM392 comparator-amplifier dual

•.....- "\"-i"---o --- ,.-
": -"-I- - - - -
1\ , :,

value to maintain the summing junction at OV. This se·
quence is repeated for every input pulse. During this time
A1's output will form the staircase shape shown in Trace B
as the 0.02 ,...F feedback capacitor is pumped up by the
charge dispensing action into A 1's summing junction. When
A1's output is great enough to just bias C1's "+" input
below ground, C1 's output (Trace C, Figure 6) goes low and
resets A 1 to OV. Positive feedback to C1 's "+" input (Trace
D, Figure 6) comes through the 300 pF unit, insuring ade-
quate reset time for A 1. The 1 Mfi potentiometer, by setting
the number of steps in the ramp required to trip C1 , controls
the circuit input-output division ratio. Traces E-G expand
the scale to show circuit detail. When the input (Trace E)
goes high, charge is deposited into A 1's summing junction
(Trace F) and the resultant staircase waveform (Trace G)
takes a step.

1M
DIVISION

RATIO

Trace Vertical Horizontal

A 10V 500,...s

B 1V 500,...s

C 50V 500,...s

D 50V 500,...s

E 10V 50,...s

F 10mA 50,...s

G 0.1V 50,...s
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ure 7 diagrams a circuit which performs this function with
0.25% exponential conformity over a range from 20 Hz to
15 kHz using a single LM392 and an LM3045 transistor ar-
ray. The exponential function is generated by 01, whose
collector current will vary exponentially with its base-emitter
voltage in accordance with the well known relationship be-
tween BE voltage and collector current in bipolar transis-
tors. Normally, this transistor's operating point will vary wild-
ly with temperature and elaborate and expensive compen-
sation is required. Here, 01 is part of an LM3045 transistor
array. 02 and 03, located in the array, serve as a heater-
sensor pair for A1, which servo controls the temperature of

UK'
SElECTFOR

1 Hz OUTPUT -
ov INPUT

All NPN = LM3045 array
PNP=2N2907

* = 1% film resistor
A1, C1 = LM392 amplifier·comparator dual
+I- =1N4148

lollS current output is fed into the summing junction of a
charge dispensing I/F converter. Cl's output state is used
to switch the 0.001 IJ-Fcapacitor between a reference volt-
age and Cl's "-" input. The reference voltage is furnished
by the LM329 zener diode bridge. The comparator's output
pulse width is unimportant as long as it permits complete
charging and discharging of the capacitor. In operation, C1
drives the 30 pF-22k combination. This RC provides regen-
erative feedback which reinforces the direction of Cl's out-
put. When the 30 pF-22k combination decays, the positive
feedback ceases. Thus, any negative going amplifier output
will be followed by a positive edge after an amount of time
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governed by the 30 pF-22k time constant (Waveforms A
and B, Figure 8). The actual integration capacitor in the cir-
cuit is the 2 I-'F electrolytic. This capacitor is never allowed
to charge beyond 10 mV-15 mV because it is constantly
being reset by charge dispensed from the switching of the
0.001 I-'F capacitor (Waveform C, Figure 8). Whenever the
amplifier's output goes negative, the 0.001 I-'F capacitor
dumps a quantity of charge (Waveform D) into the 2 I-'F
capacitor, forcing it to a lower potential. The amplifier's out-
put going negative also causes a short pulse to be trans-
ferred through the 30 pF capacitor to the" +" input. When
this negative pulse decays out so that the" +" input is high-
er than the "-" input, the 0.001 I-'F capacitor is again able
to receive a charge and the entire process repeats. The rate
at which this sequence occurs is directly related to the cur-
rent into Cl's summing junction from 01. Since this current
is exponentially related to the circuit's input voltage, the
overall I/F transfer function is exponentially related to the

r I
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C=10mV/DIV

D=20mA/DIV

FIGURE 8
5V 100

TRIM FOR
O'C =0.100V

OUTPUT

Sensor = Rosemount

118 MF-1000-A

l000n at O'C

01 ~ 2N2907

02 ~ 2N2222A

AI, Cl ~ LM392 amplifier-comparalor dual

-metal film resistor

input voltage. This circuit can lock-up under several condi-
tions. Any condition which would allow the 2 I-'F electrolytic
to charge beyond 10 mV-20 mV (start-up, overdrive at the
input, etc.) will cause the output of the amplifier to go to the
negative rail and stay there. The 2N2907 A transistor pre-
vents this by pulling the "-" input towards -15V. The
10 I-'F-33k combination determines when the transistor will
come on. When the circuit is running normally, the 2N2907
is biased off and is effectively out of the circuit. To calibrate
the circuit, ground the input and adjust the zero potentiome-
ter until oscillations just start. Next, adjust the full-scale po-
tentiometer so that frequency output exactly doubles for
each volt of input (e.g., 1V per octave for musical purposes).
Repeat these adjustments until both are fixed. Cl provides
a pulse output while 05 AC amplifies the summing junction
ramp for a sawtooth output.

LINEARIZED PLATINUM RTD THERMOMETER
In Figure 9 the LM392 is used to provide gain and lineariza-
tion for a platinum RTD in a single supply thermometer cir-
cuit which measures from O'C to 500'C with ± l'C accura-
cy. 01 functions as a current source which is slaved to the
LM 103-3.9 reference. The constant current driven platinum
sensor yields a voltage drop which is proportionate to tem-
perature. A 1 amplifies this signal and provides the circuit
output. Normally the slight nonlinear response of the RTD
would limit accuracy to about ± 3 degrees. Cl compensates
for this error by generating a breakpoint change in A l's gain
for sensor outputs above 250·C. When the sensor's output
indicates 250'C, Cl's "+" input exceeds the potential at
the" -" input and Cl's output goes high. This turns on 02
whose collector resistor shunts A l's 6.19k feedback value,
causing a gain change which compensates for the sensor's
slight loss of gain from 250'C to 500·C. Current through the

OUTPUT
0.1V=0·C
2.6V=500·C

22k"

6.19k'

FIGURE 9

843
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~ 220k resistor shifts the offset of A1 so no "hop" occurs at
:Z the circuit output when the breakpoint is activated. A preci-
<C sion decade box is used to calibrate this circuit. With the box

inserted in place of the sensor, adjust O'C for 0.1OVoutput
for a value of 10000. Next dial in 28460 (500'C) and adjust
the gain trim for an output of 2.60V. Repeat these adjust-
ments until both zero and full-scale are fixed at these points.

TEMPERATURE CONTROLLER
Figure 10 details the LM392 in a circuit which will tempera-
ture-control an oven at 75'C. This is ideal for most types of
quartz crystals. 5V single supply operation allows the circuit
to be powered directly from TTL-type rails. A1, operating at
a gain of 100, determines the voltage difference between
the temperature setpoint and the LM335 temperature sen-
sor, which is located inside the oven. The temperature set-
point is established by the LM103-3.9 reference and the 1k-

6.8k divider. A1's output biases C1, which functions as a
pulse width modulator and biases 01 to deliver switched-
mode power to the heater. When power is applied, A1's
output goes high, causing C1's output to saturate low. 01
comes on and delivers DC to the heater. When the oven
warms to the setpoint, A1's output falls and C1 begins to
pulse width modulate the heater in servo control fashion. In
practice the LM335 should be in good thermal contact with
the heater to prevent servo oscillation.

REFERENCES
1. Transducer Interface Handbook, pp. 220-223; Analog

Devices, Inc.
2. "A New Ultra-Linear VOltage-ta-Frequency Converter",

Pease, R. A.; 1973 NEREM Record Volume 1, page 167.
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Voice Recording
Techniques
for Speech Synthesis

National Semiconductor
Application Note 287
Neil Murphy

This note has been written for the users of National Semi-
conductor's DIGITALKERTM speech synthesis system.
DIGITALKER is based on a time domain speech synthesis
technique. The ideas presented are intended to be useful to
anyone who is selecting and recording a voice for synthesis.
The first section deals with choosing the proper vocabulary,
the second with the qualities to look for in a voice, and the
third with techniques for recording that voice.

VOCABULARY
It is a common misconception that individual words can be
strung together to form natural sounding phrases and sen-
tences. If this were true, words in separate ROM locations
could be called up, one by one, to create smoothly connect-
ed speech. Unfortunately this is not how it works. You can
easily verify this fact by speaking a sentence with every
word separated by silence, each with a constant ending in-
tonation. You will undoubtedly recognize these phrases, but
they will sound disjointed and unnatural.
Even in situations where it might seem straightforward to
use individual words, great care must be given to inflection,
for it varies with a word's intent and position in a sentence.
The "three" in ' ... be home by three', won't sound good in
, ... the total comes to three dollars' because the first
"three" has a downward inflection at the end; the second
doesn't.
Furthermore, prefixes and suffixes cannot be expected to
work with all words. The 'de' in 'demented' probably will not
work in the word 'decision', because in the first case, the
lips and tongue are shaping for the onset of an 'm', creating
an altogether different sound than the shape that antici-
pates an's' sound.
Typically, however, this kind of manipulation is often neces-
sary because one wishes to conserve memory by replacing
parts of one word with parts of another. When this kind of
replacement is planned, special care must be taken in

recording the target words. For example, if a single "ember"
is to be used in the words September, November, and De-
cember, it must be uttered in a manner which allows this
type of transposition. (Voice frequency and tempo must be
as uniform as possible for all three.)
Clearly, the best speech results when we are given com-
plete phrases and sentences from which to work. The pitch
pattern and pacing of an entire group of words are called
from a single address in memory. This type of vocabulary
synthesis tends to glue words into their own unique position
in the sentence structure. Redundant use of words by con-
catention is difficult, and usually represents a quality com-
promise. As a result, this 'best' approach is also the most
expensive in terms of bits-per-word and memory cost.
A second method of vocabulary generation is to synthesize
each word separately, but several times with different inflec-
tions when needed. Just two versions are, in many cases
(such as number strings), quite adequate. The first would be
a middle or flat inflection and would be found mid-sentence.
The second, inflected downward at the end, would signal
the close of a sentence. Clients have used as many as four
differently inflected versions of numbers. This method can
be expected to produce very understandable speech.
The final and least expensive option is the single word/sin-
gle inflection vocabulary. Only one version of a word is syn-
thesized, and is called from memory whenever needed. The
resultant speech is not as smooth as that of the other meth-
ods, but is of adequate quality if care is given to inflection
and pacing during recording. The last two methods presup-
pose redundant use of words, thus memory requirements
are reduced. (Note: more on this topic in the section on
recording the voice.)
Reasonably compressed sentence structure will also save
bits. It's more efficient memory-wise to say "no one's
home" than "nobody is at home".



VOICE SELECTION
The human voice is an intriguingly complex and varied in-
strument. We seek voices which sound smooth, clean, and
articulate; avoiding those which are overly breathy, gravelly,
or fall outside the parameters of the synthesizer.
The speech which synthesizes best has pitch frequencies,
(voiced sounds, such as vowels) which fall in the range of
80 Hz-350 Hz. The power spectrum of voiced speech ex-
tends to about 8 kHz, but it is the lowest pitch frequency, or
fundamental, not these higher harmonics, which is of con-
cern. A low pitched male voice can dip under 80 Hz. A child
or high-pitched female voice can exceed 400 Hz.
Your choice of a speaking voice will also depend on your
purpose. Do you want your listener to make a casual stop
for gas before the tank runs dry, or to gain altitude immedi-
ately to avoid a collision which would take hundreds of
lives? It is possible that the appropriate voice may be your
own, but most likely, the voice of a trained professional will
be better. If you live in or near a city which has talent agen-
cies, they can provide tapes of their artists for your review.
The purpose of these tapes is to demonstrate the range and
flexibility of these voices. Bear in mind that many profes-
sionals cultivate a style which insures them a niche in the
business. An exaggerated style may be your key to success,
but most likely will become intolerable or, at best, superficial
after repeated listenings.
Because even good-sounding voices often have subtle
characteristics which make synthesis difficult, National
Semiconductor has assembled a group of proven speech
talent, professional men and women who are specialists in
delivering language in a clear and expressive manner.
If you prefer to locate your own talent, we suggest that a
taped sample of the prospective voice be submitted to Na-
tional Semiconductor in Santa Clara for evaluation. Initially,
the speech is digitized (loaded into the computer by con-
verting a continuously varying analog waveform into a dis-
crete train of numerical equivalents), then it is graphically
displayed and analyzed. Finally, synthetic waveforms are
generated, played, and critically auditioned.
During this process, direct communication between the cli-
ent and the staff at National's speech lab is extremely im-
portant, to avoid problems which may arise should the cus-
tomer choose an inappropriate voice.

The next step in the pre-synthesis process is to produce a
master recording of the entire vocabulary. This tape may be
generated in two ways. (A) you may either use National's
recording facilities in Santa Clara, or (B) produce the record-
ing yourself in your own locality.
Making use of National's sound studios and engineers as-
sures that the talent will have the kind of coaching and di-
rection we have found to be the most effective. If you prefer
to produce the recording yourself, the remainder of this pa-
per will discuss the techniques and gUidelinesthat we use in
Santa Clara.

RECORDING THE VOICE
If at all possible, have the work done at a professional re-
cording studio. These facilities have the best microphones,
recorders, nonreverberant booths, and of course, engineers
who are experienced voice recordists.
The following are a few technical specifications. The tape
should have a section of leader at both ends, and ideally
between major sections (such as between different speak-
ers). A reference tone (0 dB @ 1 kHz) should precede the
spoken portion so that the playback level of another ma-
chine can be matched accurately to the record level of the
mastering recorder. Tape speed can be either 7.5 inches/
second (19 cm/second) or 15 inches/second (38 cm/sec-
ond) and the format either full or half track on professional
quality 'I. inch tape (such as Scotch 226 or BASF SPR 50
LH). All tapes should be carefully indexed and should in-
clude an accurate script of all words and phrases as they
are spoken. Non-English vocabularies should be accompa-
nied by an English translation.
Be sure that the recording engineer uses close-microphone
techniques [microphone placed 4-10 inches
(10 cm-25 cm) from the speaker's mouthl. This increases
the ratio of direct to reflected sound, and results in more
'presence' and clarity.
When a speaker looks from one page of a script to an adja-
cent one, or moves from the bottom of one page to the top
of another it is possible that the angle of incidence to the
microphone will change enough to affect frequency re-
sponse and signal level. Watch carefully for these changes.
Move the script, not the position of the speaker's head. Uti-
lizing only a small portion of each page for the script may
help.

A B

sample. of voice Waveform.
A) Smooth, even pitch periods from a voice which synthesized well.
B) Irregular pitch pariods from a poorly recorded. improperly chosen voice.



A section of tape, recorded with a high amplitude signal,
often imprints a faint image of that signal on an adjoining
layer. This is detected by the ear as a pre-echo and is
known as print-through. It can be minimized by storing and
shipping tapes in a "tails-out" condition (do not rewind after
your last listening). This will not only reduce the effects of
print-through, but will also leave the tape wound with even
tension.
Coaching and directing during a session can be either re-
warding or frustrating, depending on your preparation and
expectations. Take breaks occasionally to listen to the tape.
This will give both you and the talent a brief rest, and an
opportunity to chart your progress.
Whether you're recording complete sentences or single
words from a list, be sure the tempo is brisk and pitch inflec-
tion not exaggerated. The ability of the DIGITALKER to
track pitch, or frequency-slew, is limited at low bit rates, so
rapid pitch-inflection changes are expensive to synthesize.
All words or phrases should be repeated 3 times in succes-
sion, with a pause between each one. Then the entire script
should be repeated in the reverse order, once again repeat-
ing each phrase or word three times. The best take will be
chosen from the six versions. Obviously, if you haven't
achieved a good take in six tries, continue until you do. Note
the bad takes on the script, or edit them out. It's a good idea
to record individual words in a pseudo context. For example,
if you are recording all the numbers with an ending "down-
ward" inflection, the script might read like this: "the last
word is (slight pause) ... one." (repeat x 3); "the last word
is (slight pause two." (repeat x 3); "the last word is
(slight pause) three." (repeat x 3); and so on. Typically
and improperly, numbers are recorded in sequence and
once again inflections and speed change as one nears the
end of the sequence. Reversing the order, or randomly
speaking numbers generally provides a uniform set.
If you are recording a vocabulary of single words which are
to be concatenated into phrases, be sure that pacing, pitch,
and inflection all remain as constant and even as possible.
Ending inflections must be flat if the words are to join
smoothly. If the context in which the words will be used is
known, record the appropriate phrases several times also.
Individual words are often spoken too slowly, especially at
the end of a recording session when the talent becomes
fatigued. (It's always a good idea to listen again to the be-
ginning of the tape to make sure pitch and pacing have
been uniform throughoul.) Once again, recording the vocab-
ularies in the forward and reverse directions usually mini-
mizes this problem.
Be sure all unvoiced consonants are clearly enunciated. In
the spoken phrase "not now" the "t" is rarely enunciated.
For synthesis purposes it should be.
In conversation, words tend to "blend" into their neighbors.
"Please say yes" is usually spoken as one continuously
varying sound. It's difficult to lift a word from its context and
use it elsewhere. If words from recorded sentences are to
be concatenated, be sure each one is pronounced com-
pletely, distinctly, and separately.
It is a natural assumption that the MM54104 can synthesize
sound effects. This is not always true. The MM54104
speech processor chip and its encoding technology were
designed to compress, digitize and store high quality

human speech. It is possible, however, to synthesize some
types of sound effects. These effects are difficult to catego-
rize, and most are highly memory intensive. Laughter, for
example, uses massive amounts of memory because it's
often so breathy. If laughter is required, make it as voiced as
possible. The best way to evaluate the MM54104's ability to
synthesize your sounds is to make a recorded tape of all
desired effects and let National Semiconductor's engineers
review it and make comments.
The recording stage is probably the least expensive aspect
in the synthesis of your vocabulary. By providing us with a
word-rich and well produced tape, our word builders will
have the best chance of giving you both speech quality and
memory economy.
Critique the tape a day or so after the session. Flaws which
weren't initially obvious may become apparent. Also, note
on the script the client's preferred version of each word or
phrase. Keep a reel-to-reel or cassette dub of the master
recording for future reference in discussions with National
should another choice be necessary.
The next section is for those who can't avail themselves of
a professional sound recording service. If this does not ap-
ply to you, please skip to the summary at the end of the
paper.

CONSTRUCTION OF A RECORDING FACILITY
To begin with, one should strive for a nonreverberant,
acoustically dead environment. Ideally, this means acousti-
cally decoupled walls, ceilings, and floors. In order to avoid
standing waves, no two walls should be parallel. The floor
should be well carpeted and the ceiling lined with acoustic
tiles. Fiberglass insulation behind tautly stretched heavy
cloth makes an excellent interior wall surface. Such a room
should be relatively free of resonances. Foam rubber
sheets, either suspended or mounted on floor-standing
wooden frames, make good portable sound baffles.
Isolation from outside ambience is just as important. Con-
crete walls are common and attenuate external sounds fair-
ly well. Double wall construction is preferred, with air gaps
and/or insulating material between. Fiberglass under sheet
rock can be added to existing walls, or if new construction is
to be undertaken, double plywood walls with an inch or so of
sand between them are an excellent sound insulator. Any
interior windows should be double-paned and designed to
have nonparallel surfaces. Take care to seal or baffle any
air paths to the outside, such as air conditioning or conduit
for power lines.
Most people speak best when standing, so some kind of
podium or music stand should be used to hold the text. If
the podium has a hard flat upper surface, a piece of carpet
will diminish unwanted sound reflections.
The microphone types most often used in speech recording
are dynamic and condenser. Dynamic microphones operate
on the moving coil principle, and are less susceptible to
damage from moisture and rough handling. Condenser mi-
crophones generate an audio voltage from a pressure-sen-
sitive capacitive element. Their sensitivity and transient re-
sponse are extremely good, but since they usually contain a
preamplifier, they require a power source. Many condenser
microphones have an internal battery, or external in-line bat-
tery supply. A good quality microphone of either general
type will do an excellent job.
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~ Whatever type you choose, be aware that a good quality
Z microphone will cost at least several hundred dollars.
oc( Microphones range from highly directional to nondirectional

(omnidirectional). Nondirectional microphones have some
advantages in speech recording. Their off-axis frequency
response is usually very uniform and they are fairly insensi-
tive to proximity effect (the enhancement of bass response
when speaking close to the microphone). They also have a
certain immunity to breath pops. (A good windscreen, how-
ever, should be used with all microphones.) Their only dis-
advantage is that they pick up sound from all directions, not
just from the person speaking. If you are recording in a prop-
erly prepared room, this last qualification becomes more or
less insignificant, and the omni is preferred.
Directional microphones (unidirectional and cardioid) are
appropriate in slightly noisier environments, if the micro-
phone-speaker distance is increased slightly to offset any
proximity effect and possible breath pops.
It is always a good idea to use a microphone suspension
system or shockmount. This device acts as a filter, and iso-
lates the microphone from low frequency floor and stand
vibrations by absorbing them before they reach the micro-
phone casing. You will also probably want to use an elec-
tronic high pass filter (set at 80 Hz or so) to further isolate
the microphone from this type of noise.
A standard and safe microphone position is to angle the
microphone approximately 45 degrees from the horizontal,
pointed downward, 4 to 10 inches from the speaker's
mouth. If breath noise and "pops" are a problem, pull the
microphone back and up a little bit, or angle it in more from
the side. The latter often allows closer microphone position-
ing and better view of the text. Closer is generally betterl
(Note: These 'off-axis' techniques will work better with an
omnidirectional microphone.)
Tape recorders are as varied as microphones. Here too,
quality is of prime importance. Good speech requires a '14
inch tape reel-to-reel machine, recording at no less than 7.5
inches/second (19 cm/second), and a half or full track re-
cording format. Professional tape machines and "top of the
line" consumer decks nearly always meet these minimal
specifications. Follow the manufacturer's instructions for

demagnetizing and cleaning the heads, and make sure that
"tape output" sounds identical to "source (microphone) in-
put" while recording.

SUMMARY
Please remember the following important factors:
• If at all possible, use a professional recording studio.
• Select a voice which is smooth, clear, non-breathy and

that produces pitch frequencies between 80 Hz and
350 Hz.

• Send a sample of the voice to National for our engineers
to evaluate.

• Record each word, phrase, or sentence a total of six
times in the manner described in the section on voice
recording. If you are recording a single-word type of vo-
cabulary, pay particular attention to intonations, inflec-
tions, and pacing. Keep in mind exactly how the words
will be used to create phrases. If the client has a first or
second choice, be very sure this preference is indicated.
This is especially important in non-English languages. All
phrases to be constructed from these single words
should also be recorded.

• Upon completion of the tape, evaluate it thoroughly.
Make sure the takes meet your best expectations for the
total vocabulary.

• Supply an index or script of the entire recording and in-
tended vocabulary. Indicate any words that are consid-
ered optional or of less importance. Non-English lan-
guages should be accompanied by an English transla-
tion.

The engineers of National Semiconductor's speech labora-
tory believe that adhering to these simple procedures will
provide the highest quality DIGITALKER speech with the
least amount of displeasure. Additional questions or prob-
lems will be readily discussed as they occur.
Note on bibliography: recommend reading applicable sec-
tions of "The Audio Cyclopedia" by Howard M. Tremaine.
Published by Howard W. Sams and Co., Inc., 4300 West
62nd St., Indianapolis, Indiana 46268, U.S.A.



System-Oriented DC-DC
Conversion Techniques

In many electronic systems, the need arises to generate
small amounts of power at voltages other than the main
supply voltage. This is especially the case in digital systems
where a relatively small amount of analog circuitry must be
powered. A number of manufacturers have addressed this
requirement by offering modular DC-DC converters which
are PC mountable, offer good efficiency and are available in
a variety of input and output voltage ranges. These units are
widely applied and, in general, are well engineered for most
applications. The sole problem with these devices is noise,
in the form of high frequency switching spikes which appear
on the output lines. To understand why these spikes occur,
it is necessary to examine the operation of a converter.

A typical DC-DC converter circuit is shown in Figure 1. The
transistors and associated components combine with the
transformer primary to form a self-driven oscillator which
provides drive to the transformer. The transformer second-
ary is rectified, filtered and regulated to obtain the outputs
required. Typically, the transistors switch in saturated mode
at 20 kHz, providing high efficiency square wave drive
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~ = 1N4935
01,02 = 2N2219
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to the transformer. The output filter capacitors are relatively
small compared to sine wave driven transformers and ove-
rall losses are quite low. The high speed, saturated switch-
ing of the transistors does, however, generate high frequen-
cy noise components. These manifest themselves as short
duration current spikes drawn from the converter's input
supply and as high speed spikes which appear on the out-
put lines. In addition, the transformer can radiate noise in
RF fashion. Manufacturers have dealt with these problems
through careful converter design, including attention to input
filter design, transformer construction and package shield-
ing. Figure 2 shows typical output noise of a good quality
commercial DC-DC converter. The spikes are approximately
10 mV-20 mV in amplitude and occur at each transition of
the switching transistors. In many applications this noise
level is acceptable, but in data acquisition and other sys-
tems which work at 12-bit and higher resolutions, problems
begin to crop up. In these situations, special system-orient-
ed DC-DC converter techniques must be employed to insure
against the problems outlined above.

T1 SELf.DRIVEN
TRANSFORMER
PRIMARV

4
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simultaneous conduction which helps keep input current
spiking down. The LM3524 operates open loop. Its feed-
back connection (pin 9) is tied high, forcing the chip's out-
puts to full duty cycle. Internal logic in the LM3524 prevents
the transistors from conducting at the same time. The com-
ponents at pins 6 and 7 set the switching frequency. The
LM3524's timing ramp biases the LM311 comparator to
generate a blank pulse which "brackets" the output noise
pulse. Figure 4 shows the switching transistor waveforms

r.., LJ vUIIV'" ~'UII ur sample-nolo operation can oe delayed
until the converter's noise spike has settled. This technique
is quite effective, because it does not allow the system to
"see" noise spikes during critical periods. This not only in-
sures good system performance, but also means that a rela-
tively simplistic converter design can be employed. The ex-
pense associated with low output noise (e.g., shielding, spe-
cial filtering, etc.) can be eliminated in many cases. Figure 5
details a converter design which uses a different approach
to solving the same problem.
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C =500 mA/OIV

0=20 mV/olV

01, 02 = 2N2219

T1 = Plco Electronics #31080

C1-C4 = LM339 quad comparator

•• = 1N4934

50 mA output

EXTERNALLY STROBED CONVERTER
In Figure 5 the system controls the converter, instead of the
converter issuing blank commands. This arrangement uses
an LM339 quad comparator to provide the necessary drive
to the converter. C1 functions as a clock which provides
drive to C2 and C3. These comparators drive the transistors
(trace B, Figure 6 is 01 's collector voltage waveform, while
trace C details its current) to provide power to the trans-
former. When a critical system operation must occur, an
external blank pulse (trace A) is applied to C4. C4's output
goes high, shutting off all transformer drive. Under these
conditions, the transformer current ceases (note voltage
ringing on turn-off in trace B) and output noise (trace D)

Virtually disappears because the output regulators are pow-
ered only by the 100 p.F filter capacitors. The value of these
capacitors will depend directly on the output load and the
length of the blank pulse. If synchronization to the system is
desired, a system-derived 20 kHz square wave may be ap-
plied at C1 's negative input through 2k, after removing the
300 pF capacitor and the 100k feedback resistor. The low
noise during the blank pulse period affords ideal conditions
for sensitive system operations. Although this approach al-
lows great flexibility, the amount of off time is limited by the
storage capacity of the output filter capacitors. In most sys-
tems this is not a problem, but some cases may require a
converter which supplies low noise outputs at 100% duty
cycles.



SINE WAVE DRIVEN CONVERTER
Figure 7 diagrams a converter which sacrifices the efficient
saturated-switch mode of operation to achieve an inherently
low noise output at a 100% duty cycle. In this converter,
sine wave drive is used to power the transformer. 01 func-
tions as a 20 kHz phase shift oscillator with 02 providing an
emitter-followed output. A1 and A2 are used to drive the
transformer in complementary-bridge fashion (traces A and
B, Figure 8). The high current output capability of the ampli-
fiers, in combination with the transformer's paralleled prima-
ries, results in a high power transformer drive. The trans-
former output is rectified, filtered and regulated in the usual

fashion. Because the sine wave drive contains little harmon-
ic content and current spiking, output noise is well below
1 mV (trace C, Figure 8). To adjust this circuit, ground the
wiper arm of the 1k potentiometer and adjust the lOOk value
for minimum power supply drain. Next, unground the 1k po-
tentiometer wiper arm and adjust it so that both A 1 and A2's
outputs are as large as possible without clipping. This circuit
yields a low noise output on a 100% available basis but
efficiency degrades to about 30%. In relatively low power
converters such as this one (e.g., 50 mA output current) this
is often acceptable.

1
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100'



LOW POWER CONVERTER
Figure 9 shows a converter which operates from very low
power. This circuit will provide 7.5V output from a 1.5V D
cell battery. With a 125 /loA load current (typically 20 CMOS
ICs) it will run for 3 months. It may be externally strobed off
during periods where lowest output noise is desired and it
also issues a "converter running" pulse. This circuit is un-
usual in that the amount of time required for 01 and 02 to
drive the transformer is directly related to the load resist-
ance. The converter's output voltage is sensed by an LM10
op amp reference IC, which compares the converter output
to its own internal 200 mV reference via the 5.1 M-160k volt-
age divider. Whenever the converter output is below 7.5V,
the LM10 output goes high, driving the 01-02 pair and the
transformer which form an oscillator. The transformer out-
put is rectified and used to charge the 47 /loF capacitor.
When the capacitor charges to a high enough value, the

LM10 output goes low and oscillation ceases. Trace A, Fig-
ure 10 shows the collector of 01, while trace B shows the
output voltage across the 47 /loF capacitor (AC coupled). It
can be seen that each time the output voltage falls a bit the
LM10 drives the oscillator, forcing the voltage to rise until it
is high enough to switch the LM10 output to its low stage.
The frequency of this regulating action is determined by the
load on the converter output. To prevent the converter from
oscillating about the trip point, the 0.1 /loF unit is used to
provide hysteresis of response. Very low loading of the con-
verter will result in almost no on time for the oscillator while
large loads will force it to run almost constantly. Loop oper-
ating frequencies of 0.1 Hz to 40 Hz are typical. The LM10
output state may be used to alert the system that the con-
verter is running. A pulse applied to the LM 10 negative input
will override normal converter operation for low noise opera-
tion during a critical system AID conversion.

T1 = Stancor #PCT·39

01, 02 = 2N2222A

~ = 1N4148
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Circuit Applications Of
Analog Data Multiplexers

Although designers are familiar with analog multiplexers in
data acquisition systems, relatively little use is made of
these devices in circuit-oriented applications. This is unfor-
tunate, because IC analog multiplexers combine features
which allow a variety of circuit functions to be implemented.
The combination of multi-contact analog commutation, dif-
ferential or single-ended switching and fully decoded logic
addressing achieves complex circuit functions with surpris-
ing ease. The position servo of Figure 1 furnishes an excel-
lent example.

POSITION SERVO
The circuit of Figure 1 uses an LF11508 multiplexer in a
position servo scheme. In this arrangement the motor shaft
may be programmed to stop at 8 discrete positions. Each

National Semiconductor
Application Note 289

position is fUlly programmable and any shaft position may
be accessed in any sequence. Assume power has just been
applied and the output of the 74C90 counter is "0000". This
condition forces the LF11508 to close the switch associated
with Pot #1's ("P1") wiper arm. The difference between
P1's wiper potential and the 5k "pick-off" servo potentiome-
ter is amplified by A2. The A 1 followers unload the potenti-
ometer outputs. A2's output is compared by the remaining
A 1 amplifiers, which are configured as a dual-limit compara-
tor with deadband. Depending upon the polarity of A2's out-
put, the appropriate comparator saturates high, turning on
its associated driver transistor. This drives the motor in the
necessary direction to force a mull at A2's output. When the
null falls within the diode-generated .6-volt deadband,
both comparator outputs will be low and the motor will stop.

1.11- Motordyne #1150-1

Pick-off - Spectrol #500-173

A1 - LF444

A2 = LF4"

01 = 2N5023. 02 - LM395

Mux = LF1150e



FIGURE 2

A2, operating at a gain of 30, provides adequate gain for
precise positioning while the ± 25-volt supplies and the mo-
tor-gearbox combination achieve good speed. The .5p.f ca-
pacitor at A2 sets the loop roll-off.
Each time a pulse is applied to the "shift input," the multi-
plexer advances to the next position, closing the appropri-
ate switch and forcing the servo to seek the position dictat-
ed by the potentiometer output. Because all potentiometers

may be set to any potential. any desired positioning pattem
may be obtained. Figure 2, a stored trace display of the
multiplexer output bus, shows the servo at work. The photo
shows that eight discrete positions are selected in a dis-
persed, non-montonic fashion. Any desired positioning se-
quence can be obtained by appropriate setting of the poten-
tiometers. This circuit requires no voltage reference be-
cause the pick-off and position setting potentiometers are
driven from the same source. In addition, because the shaft
position program is "stored" in the potentiometer settings,
the circuit requires no power-up initialization or sequencing.

TTL PROGRAMMABLE GAIN INSTRUMENTATION AM·
PLIFIER
Figure 3 depicts an instrumentation-type amplifier. The gain
and frequency response may be programmed via TIL in-
puts. In this circuit, an LF11509 differentially-switched multi-
plexer is used to select the feedback resistors for A1 and
A2. One-half of A3 is used to single-end the differential out-
puts of A1 and A2 at a gain of ten. A low-pass filter is
formed by whatever resistor is connected to the 1p.fcapaci-
tor via the LF13331 analog switches. This filter's output is
buffered by the other half of A3 and presented as the cir-
cuit's output. The LM11s in the front end give this circuit
2p.V/'C drift performance while CMRR of 100dB is obtaina-
ble with good resistor matching. Gain and bandwid1h pro-
gramming data are summarized in the tables shown in Fig-
ure3.

GAIN BAIIDWlDTH

Gl G2 GAlN
SI Ciolld ~ Illtz
S2 Ciolld ~ llD1z

0 0 10 SI-S20pen~ 1Hz
0 I 20
I 0 50
I 1 100

I
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~ II"F':'

m~--MYIAR

Multiplexer ~ LFl1509

• = TRW MAR-6 resistor

Ratio match 10ks at A3 to .01 %

A1, A2 ~ LM11

Ratio match A 1 - A2 resistor to .01 %

S1 - S2 ~ LF13331 Quad FET switch

A3 ~ LF412
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PROGRAMMABLE SAMPLE·HOLD AMPLIFIER
A differential input multiplexer is used to program the acqui-
sition time and droop-rate characteristics of a sample-hold
amplifier in Figure 4. In this circuit, one-half of the differential
input LF13509 multiplexes four inputs to the LF398 sample-
hold amplifier. The other half of the multiplexer is used to
select the "hold-capacitor." Because one address code
simultaneously switches both multiplexer halves, any de-
sired hold-capacitor value can be used for any input combi-
nation. The attendant droop-rate acquisition-time perform-
ance range (see table in Figure 4) allows a very wide range
of input signals to be handled.

SINGLE-PULSE SAMPLER

Figure 5 shows a circuit which captures a low repetition rate
or single-shot waveform and presents it as a repetitive dis-
play on an oscilliscope. The display rate may be set to any
desired value. Circuit operation is triggered by the event of
interest. When the monitored event occurs (trace A, Figure
6), A 1, an LM311 comparator, triggers low (trace B, Figure
6). This allows the 15k-1200pF RC combination at A2 to
charge (waveform C, Figure 6), and A2's output is a pulse
train (waveform 0, Figure 6). Each pulse out of A2 is used to
advance the 74C90 counter by one step. The 74C90's BCD
output is fed to the 74C42, which decodes it into 8 discrete
sequential outputs. These outputs are used once to trigger
individual LF398 sample-hold amplifiers. In this manner,
each individual sample-hold amplifier acquires a fraction of
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~

CAPACITOR
1000pF
.01",F
.1",F
1",F

the waveform of interest. When the input waveform ceases,
A 1's output returns high, A2 stops emitting pulses and no
further circuit action occurs. At this time, the 8 sample-hold
amplifiers contain all the amplitude information necessary to
reconstruct the original input waveform. This is accom-
plished by driving the clock input with a pulse train which is
counted and presented to the LF11508 multiplexer address
inputs by another 74C90. The multiplexer omput bus is fol-
lowed by A3, providing the circuit's output. As the multiplex-
er steps through its 8 states, the sampled and reconstructed
version of the input waveform appears in a steady, repetitive
display (trace E, Figure 6). The clock frequency may be var-
ied to allow any desired oscilliscope sweep speed to be
used.

AUTOMATIC, SELF-CALIBRATING STRAIN GAUGE
READOUT
Figure 7uses an LF13509 differential mUltiplexer in an auto-
calibration arrangement, which eliminates almost all errors
in a strain gauge load cell transducer measurement. Errors
due to drift with time and temperature are cancelled and
individual transducers may be interchanged with no manual
gain or zero recalibration required. In this system, 4 discrete
operations are performed in order to determine the correct-
ed output of the load cell. The start of a measurement cycle
is initiated by the microprocessor commanding the LF13509
differential input multiplexer to position 1. In this position,
the strain gauge bridge output is connected to the LH0038
instrumentation amplifier.

DROP RATE (VOL TS/SECOND)
30mV
3mV

300",V
30",V
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mlneo anCl storeO in memory. The relatively high-level
LM335 output is resistively divided by 100 so the LH0038
does not saturate. When this measurement is completed,
the mUltiplexer switches to position 3. In this position, the
LH0038 inputs are connected across the middle resistor in a
string of resistors. The voltage across this resistor repre-
sents the precise full-scale output voltage of the load cell
transducer. This information allows the system to determine
the gain slope of the transducer. In practice, the middle re-
sistor in the string is physically located within the load cell
connector. When any such equipped load cell is plugged
into the system, the value of this resistor allows immediate
and precise gain-slope compensation and eliminates the
usual calibration requirements. The final position of the mul-
tiplexer connects the amplifier inputs to one side of the
bridge. This determines the electrical zero in the system at
the common mode output voltage of the stain gauge bridge.
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nvens me voltage suppueo to me potentiometers at the
mUltiplexer inputs. This is accomplished by grounding the
positive input of the LF412 amplifier with LF13331 FET
switch. This forces the LF412 output (trace C, Figure El) to
negative 6.9 volts. Concurrently, the logic instructs the multi-
plexer to count up to a and back down. At this point, the
output of the LF412 is forced to positive 6.9 volts by turning
off the LF13331, and the entire cycle repeats. If the potenti-
ometers are set appropriately, a sinewave approximation of
32 steps results (trace D, Figure El)at the circuit output. The
filtered output of this waveform (trace E, Figure El)contains
less than .5% distortion (trace F, Figure El). If the potentiom-
eter outputs are deliberately mis-set, any form of sinewave
distortion may be intentionally generated by lab work or lis-
tening tests, Figure 10 shows the circuit output (trace A)
under these conditions. Trace B, the filtered, output, is a
good approximation of severe harmonic distortion. Trace C,
the output of a distortion analyzer, indicates almost 7% dis-
tortion. The type and level of distortion, e.g., clipping, crossover,
etc., may be programmed by adjusting the potentiometers.
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as well as transducer temperature and initial tare weight.
Using this information, the microprocessor can determine
the precise load on the transducer, regardless of drifts or
initial individual transducer gain-slope tolerances. The tem-
perature information provides a first-order correction for the
relatively small effect of ambient temperature on gain slope
and zero, while the gain resistor in the load cell allows com-
plete interchangeability of load cells with no field calibration
at all. The stability of this approach is entirely dependent on
the resistors in the gain calibration string. The voltage drive
to the bridge need not be stable, because it is common to
the gain calibration string and ratio-metrically cancels. Multi-
plexer-fed systems of this type have achieved 1 part in
20,000 repeatability in industrial environments.

Programmable Waveform Generator
Figure 8 diagrams a way of using the a-channel LF13331
multiplexer to generate a 32-piece approximation of a de-
sired waveform. In this instance, a sinewave is used as an

r --

~
I

~ I

~
I

~ I.i./:
I

~ I

~
I

~ I
~ I

I I
I

~ I
I I

I

~ I
I I
I I

0:
L J
;t

(I'"

I
I

~"}r---o I, ~l~~~

r-;;"~••.."



VERTICAL
A = 5V/DIV.-..
B = 5VIDiV. -..
C = 20VIDiV. -..
D = 2OV1DIV.~
E = 20VIDIV. -..
F = .5V/DIV. ~

VERTICAL

A = 5V/DIV. ~

B = 5VIDiV. -..

C = .5VIDIV. -..



Applications of the LM3524
Pulse-Width-Modulator

The LM3524 Regulating Pulse-Width-Modulator is common-
ly used as the control element in sWitchingregulator power
supplies. This is in keeping with its intended purpose. Engi-
neers closely associate this part with switching power sup-
plies. Nevertheless, the flexible combination of elements
(see box) within the LM3524 also allows it to be used in a
number of other applications outside the power supply area.
Because the device is inexpensive and operates off a sin-
gle-sided supply, it can considerably reduce component
count and circuit complexity in almost any application. The
constant light intensity servo of Figure 1 furnishes a good
example.

CONSTANT LIGHT INTENSITY SERVO
The circuit of Figure 1 uses a photodiode's output to control
the intensity of a small light bulb. The constant intensity
output of the light bulb is useful in a number of areas, includ-
ing opto-electronic component evaluation and quality con-
trol of photographic film during manufacture. In this circuit,
the photodiode pulls a current out of the LF356 summing

T1ln .-..-..
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junction, which is directly related to the amount of light that
falls on the photodiode's surface. The LF356 output swings
positive to maintain the summing junction at zero and repre-
sents the photodiode current in amplified voltage form. This
potential is compared at the LM3524 to the voltage coming
from the 2.5k "intensity" potentiometer wiper. A stable volt-
age for the "intensity" control is taken from the LM3524's
internal five-volt regulator. The difference between the
LF356 output and the "intensity" potentiometer output is
amplified at a gain of about 70 dB, which is set by the 1 MO
value at pin 9. The LM3524 output transistors are paralleled
and provide drive to the 2N2219 switch transistor. The 5.6k
and .01 ,...Fvalues set the switching frequency at about 30
kHz. Because the LM3524 forms a switched mode feed-
back loop around the light bulb and photodiode, the average
power delivered to the light bulb will be controlled by the
photodiode output, which is directly proportional to the
lamp's output. Frequency compensation for this feedback
loop is provided by the .001 ,...Fcapacitor, which rolls off the
loop gain at a 1 ms time constant. Figure 2 shows t!1ewave-
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output. When the 2N2219 goes off, the lamp cools, This is
shown in the negative going relatively slow ramp in trace B.
It is interesting to note that this indicates the bulb is willing
to accept energy more quickly than it will give it up. Figure
38 elaborates on this. Here, trace A is the output of a pulse
generator applied to the "step test" input and trace B is the
AC-coupled LF356 output. When the pulse generator is
high, the diode blocks its output, but when it goes low, cur-
rent is drawn away from the "intensity" control wiper
through the 22k resistor. This forces the servo to control
bulb intensity at a lower value. This photo shows that the
bulb servos to a higher output almost three times as fast as
it takes to go to the lower output state, because the bulb
more readily accepts energy than it gives it up. Surprisingly,
at high intensity levels, the situation reverses because the
increased incandescent state of the bulb makes it a relative-
ly efficient radiator (Figure 3b). .

TEMPERATURE· To-PULSE·WIDTH CONVERTER

The circuit in Figure 4 uses the LM3524 to convert the out-
put of an LM135 temperature transducer into a pulse width
which can be measured by a digital system, such as ami-
croprocessor-controlled data acquisition system. Although
this example uses the temperature transducer as the input,
the circuit will convert any 0.1 to 5V input applied to the 100
kO resistor into a 0-500 ms output pulse width with 0.1%
linearity. In this circuit, the LM135's temperature-dependent
output (10 mV/'K) is divided down and applied to A1's posi-
tive input. This moves A1's output high, driving the input to
the LM3524's pulse-width modulation circuitry. The LM3524
pulse-width output is clipped by the LM185 reference and
integrated by the 1 MO-0.1 I-'F combination. The DC level
across the 0.1 I-'F capacitor is fed back to A1's negative
input. This feedback path forces the LM3524's output pulse
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width to vary in a highly linear fashion according to the po-
tential at A1's positive input. The overall temperature-to-
pulse width scale factor is adjusted with the "gain trim" po-
tentiometer. The 1000 pF capacitor provides stable loop
compensation. A1, an LM358, allows voltages very close to
ground to be sensed. This provides greater input range than
the LM3524's input amplifier, which has a common mode
range of 1.8-3.4V. The oscillator output pulse at pin 3 may
be used to reset counters or other digital circuitry because it
occurs just before the output pulse width begins.

RTD TEMPERATURE CONTROLLER

Figure 5 is another temperature circuit which uses the
LM3524 to control the temperature of a small oven. Here, a
platinum RTD is used as a sensor in a bridge circuit made
up of the 2 kO resistors. When power is applied, the positive
temperature coefficient platinum sensor is at a low value
and the LM3524's positive input is at a higher potential than
its negative input. This forces the output to go high, turning
on the 2N3507 and driving the heater. When the servo point
is reached, the duty cycle of the heater is reduced from
90% (full on) to whatever value is required to keep the oven
at temperature. The 330k-4.7 )JoFcombination at the internal
input amplifier's output sets the servo gain at about 55 dB at
1 Hz, more than adequate for most thermal-control appli-

cations. The 0.02 )JoF-2.7kcombination sets the pulse fre-
quency at about 15 kHz, far above the 1 Hz pole of the
servo gain. If the sensor is maintained in close thermal con-
tact with the heater, this circuit will easily control to .1'C
stability over widely varying ambients.

"SENSORLESS" MOTOR SPEED CONTROL
Figure 6 shows the LM3524 in an arrangement which con-
trols the speed of a motor without requiring the usual ta-
chometer or other speed pick-off. This circuit uses the back
EMF of the motor to bias a feedback loop, which controls
motor speed. When power is applied, the positive input of
the LM3524 is at a higher potential than the negative input.
Under these conditions, the output of the LM3524 is biased
full on (90% duty cycle). The output transistors, paralleled in
the common emitter configuration, drive the 2N5023 and
the motor turns. (LM3524 output is waveform A, Figure 7;
waveform B is the 2N5023 collector.) The LM3524 output
pulse is also used to drive a 1000 pF-500 kO differentiator
network whose output is compared to the LM3524's internal
5V reference. The result is a delayed pulse (Figure 7, wave-
form D), which is used to trigger an LF398 sample-hold IC.
As the waveforms show, the sample-hold is gated high (ON)
just as the 2N5023 collector stops supplying current to the
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C'I
~ motor. At this instant, the motor coils produce a flyback
:Z pulse, which is damped by the shunt diode. (Motor wave·
c( form is Figure 1, trace C). After the flyback pulse decays,

the back EMF of the motor remains. This voltage is "re-
membered" by the sample-hold Ie when the sample trigger
pulse ceases and is used to complete the speed control
loop back at the LM3524 input. The 10k-4k divider at the
motor output insures the LF398's output will always be with-
in the common range of the LM3524's input. The 10k-1 ,...F
combination provides filtering during the time the LF398 is
sampling. The diode associated with this time constant

Io01
1'-F,:,'1II

C = 5OV1DIVo

0= 2DV1D1V.

prevents any possible LF398 negative output from damag-
ing the LM3524. The 10 M!I. resistor paralleling the 0.01 ,...F
sampling capacitor prevents the servo from "hanging up" if
this capacitor somehow manages to charge above the mo-
tor's back EMF value. The 39k-100 ,...Fpair sets the loop
frequency response. The maximum pulse-width-modulator
duty cycle is clamped by the 2k-2k divider and diode at
80%, thus avoiding overshoot and aiding transient response
at turn-on and during large positive step changes. The
60k-0.1 ,...Fvalues at pins 6 and 7 set the pulse modulation
frequency at 300 Hz.
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Control Applications of
CMOSDACs

National Semiconductor
Application Note 293

The CMOS multiplying digital-to-analog converter can be
widely applied in processor-driven control applications. Be-
cause these devices can have a bipolar reference voltage
their versatility is increased. In some control applications the
DAC's output capabilities must be substantially increased to
meet a requirement while others require substantial addi-
tional circuitry to drive a transducer or actuator. A good ex-
ample of the latter is furnished by Figure 1.

SCANNER CONTROL
Biochemists use a procedure called "scanning electropho-
resis" to separate cells from each other. In one form of this
process the sample is contained within a vertical glass or
quartz tube approximately 1 foot in length. When a high volt-
age potential is applied across the length of the tube the
cells separate along the charge density gradient which runs
along the tube's length. This results in a series of stripes

-----...- = 1N4148
~ =lN4001

~ := 1% metal film, match 0.5%

Motor = Motordyne. Inc. '1150·1
A1. A2 = LF356

A3, A4 = LF353 dual

A5, A6 = LM393 dual



or bands within the tube as the individual cells, under the
influence of the charge gradient, collect together. When
separation is complete, the tube is mechanically scanned
along its length by a photometer for optical density charac-
teristics of each band. This information yields useful bio-
chemical information to the experimenter. The scanner
must be fully programmable so that it can be run between
any two limits at a variety of speeds. In Figure 1 the two
OAC1020 OfA converters establish the limits of the scan.
The 5k pick-off potentiometer furnishes scanner location in-
formation and the motor drives the scanner (via a gear-
train). A5 and A6 are comparators, one of whose outputs
goes low when either the high limit (A6 and its associated
OAC) or low limit (A5 and its associated OAC) is exceeded.
A1 and A2 furnish voltage outputs from the current output of
the OACs.A3 and A4 are used to provide suitable reference
voltages for the 5k pick-off potentiometer and the OAC ref-
erence inputs.
The DM7474 flip-flop is configured in a set-reset arrange-
ment which changes output state each time either A5 or A6
goes low. When the lower limit of the scan is reached, A5

goes low, setting the OM7474's 0 output too high. This
turns on 02, 05 and 03 resulting in current flow through the
motor from 03 to 02. This forces the scanner to run
towards its high limit. When this limit is reached, A6 goes
low and the flip-flop changes state. This turns off the 02,
05, 03 combination and the 04, 06, 01 trio come on, forc-
ing current through the motor in the opposite direction via
the 01-04 path. This causes the motor to reverse and pro-
ceed toward the lower limit. 07 is driven by a width-modulat-
ed pulse train from the processor which is used to control
the scanner's speed via 05 and 06. The diodes across 01,
02, 03 and Q4 provide motor spike suppression and the
internal current limiting in the LM395s (02-04) assures
short circuit protection.

HIGH VOLTAGE OUTPUT FOR ATE
Testing high voltage components with automatic test equip-
ment (ATE) is often inconvenient because a source of sta-
ble, controllable high voltage is required. Adding this capa-
bility to a piece of equipment can be expensive and time
consuming if standard techniques are used. In Figure 2 a
circuit is shown which has been employed in the testing



of high voltage transistors and zeners as well as fuse link
blowing in PROMs. In this circuit, a high voltage output is
developed by using a Toroidal DC-DC converter within a
DAC-controlled pulse-width modulated feedback loop to ob-
tain high voltage. The DAC1020 in conjunction with A1 sup-
plies a setpoint to the LM3524 regulating pulse-width modu-
lator. This set point needs to be within the LM3524's com-
mon mode input voltage range of 1.8V to 3.5V. The
LM3524's outputs are used to drive the TY-90 toroid via 01
and 02. The high voltage square-wave transformer output is
rectified and filtered and divided down by the 100k-2.7k
string. This potential is fed back to the LM3524, completing
a loop. Loop gain and frequency compensation are set by
the 1000 pF-100k parallel combination, and the 10 resistor
at pin 6 of the transformer is used to sense current for short
circuit protection. Although the update rate into the DAC
can be very fast, the 20 kHz switching of the transformer
and the loop time constants determine the available band-
width at the circuit's output. In practice, a full output sine
wave swing of 100V into 10000 is available at 250 Hz.

PLATE-DRIVING DEFLECTION AMPLIFIER

Another common high voltage requirement involves deflec-
tion plate modulation in CRT and electron-optics applica-
tions. Figure 3 shows a pair of DAC1218s used to control
both the static (DC) and dynamic (AC) drive to deflection
plates in a piece of electron-optic equipment. In contrast to
the previous high voltage circuit, this one has very little out-
put current capability but greater bandwidth. The deflection
plate load can be modeled as a 50 pF capacitor. In this
application, the output of both DAC-amplifier pairs is
summed at A3. In practice, one DAC will supply a DC level
to the plate (bias) while the other one provides the plate's

AC signal, typically a ramp. The high voltage plate drive is
furnished by the 01, 02, 03, 04 configuration which is a
complementary common-base-driven common-emitter out-
put stage. Because the output current requirements are low,
the usual crossover distortion problems may be avoided by
returning the circuit's output to negative supply via the 120
kO resistor. This eliminates notch compensation circuitry
and results in a simplified design. Because the high voltage
stage inverts, overall negative feedback is achieved by re-
turning the 1 MO feedback resistor to A3's positive input.
The point now becomes the summing junction for both
DAC-driven inputs and the feedback signal. The output of
this circuit is clean and quick, as shown in Figure 4. In this
figure, 2 complete DAC·driven amplifiers were used to pro-
duce the traces. Trace A is the output of A1, while the com-
plementary high voltage outputs are shown in Band C.

B=l00v/DIV

C=l00V/DIV



TEMPERATURE LIMIT CONTROLLER
Certain biochemical reactions occur only within very specific
temperature limits. The behavior of these reactions within
and at the edges of these limits is of interest to biochemists.
In order to study these reactions, a special temperature
control scheme is required. To meet this requirement, the
circuit of Figure 5 has been employed. In this circuit A 1, A3,
A4 and A5 comprise a simple pulse-width modulating tem-
perature controller. A4 is an integrator that generates a
ramp which is periodically reset to zero by the 10kHz clock
pulse. This ramp is compared to A3 output by A5, which
biased the LM395 switch to control the heater. A3's output
will be determined by the difference between the tempera-
ture setpoint current through the 22.6 kO resistor and the

current driven by the LM 135 temperature sensor through
the 10 kO resistor. Thermal feedback from the heater to the
LM135 completes the loop. The 10M-1 ~F values at A3 set
loop response at 0.1 Hz.

Up to this point, the circuit functions as a fixed point temper-
ature controller to provide a stable thermal baseline. To
meet the application's requirement, however, the DAC1218
is driven by a slow digitally-coded triangle waveform. The
DAC's output is fed to A2, whose output drives the 2 MO
summing resistor. This causes the controller setpoint to vary
slowly and predictably through the desired temperature ex-
cursion. This characteristic is observable on a strip-chart
recording of the oven's temperature (Figure 6) over many
hours.

10 kHl
CLOCK
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~ PROCESSOR CONTROLLED SHAKER-TABLE DRIVEZ Shaker·tables are frequently employed to test finished as·
c( semblies for vibration induced failures under various condi-

tions of frequency and amplitude. It is often desired to simu-
late vibration patterns which can greatly vary with duration,
frequency and amplitude. In addition, it is useful to be able
to vary both amplitude and frequency with precise control
over wide dynamic ranges so that narrow resonances in the
assembly under test may be observed. The circuit of Figure
7 provides these capabilities. The DAC1218 is used to drive
the LF351 integrator. The LF351's output ramps until the
current through the 10k resistor just balances the current
through the 20k resistor at pin 3 of the LM319 comparator.
At this point the comparator changes state, forcing the zener

15V

diode bridge and associated series diode to put an equal but
opposite polarity reference voltage. This potential is used as
the DAC's reference input as well as the feedback signal to
the LM319 "+" input. In this fashion, the integrator output
forms a triangle waveform whose output is centered around
ground. The DAC input coding controls the frequency, which
may vary from 1 Hz to 30 kHz. Calibration is accomplished
with the "frequency trim" potentiometer. The triangle wave-
form is shaped by the 2N3810-LM394 configuration which
relies on the logarithmic relationship between VSE and col-
lector current in the LM394 to smooth the triangle into a
sine wave. The two potentiometers associated with the

15V

25k ~OFFSET
ADJUST

-15V



shaper are adjusted for minimum indicated distortion on a
distortion analyzer. The DAC1020 and the LF356 are ar-
ranged in a DAC-controlled gain configuration which allows
the amplitude of the sine wave to be varied over a range
from millivolts to volts at the LF356 output. The low input
impedance and high inductance of a typical shaker-table
presents a difficult load for a solid state amplifier to drive,
and vacuum tube amplifiers are frequently employed to avoid

output stage failures. In this example, the amplifier specified
is a well-known favorite for the job because its transformer-
isolated input is immune to the inductive flyback spikes a
shaker-table can generate. Figure 8 shows the output wave-
form when both DACs are simultaneously updated. The out-
put waveform changes in frequency and amplitude with es-
sentially instantaneous response.

HORIZONTAL = 2 ms/ DIV

FIGURES



Special Sample and Hold
Techniques

Although standard devices (e.g., the LF398) fill most sample
and hold requirements, situations often arise which call for
special capabilities. Extended hold times, rapid acquisition
and reduced hold step are areas which require special cir-
cuit techniques to achieve good results. The most common
requirement is for extended hold time. The circuit of Figure 1
addresses this issue.

EXTENDED HOLD TIME SAMPLE AND HOLD
In this circuit, extended hole time is achieved by "stacking"
two sample and hold circuits in a chain. In addition, rapid
acquisition time is retained by use of a feed-forward path.
When a sample command is applied to the circuit (trace A,
Figure 2), A 1 acquires the input very rapidly because its

15V

~O.OO2 47k

15V

National Semiconductor
Application Note 294

0.002 ",F hold capacitor can charge very quickly. The sam-
ple command is also used to trigger the DM74C221 one-
shot (trace B, Figure 2), which turns on the FET switch, 51.
In this fashion, A 1's output is fed immediately to the A3
output buffer. During the time the one-shot is high, A2 ac-
quires the value of A 1's output. When the one-shot drops
low, 51 opens, disconnecting A1's output from A3's input.
At this point A2's output is allowed to bias A3's input and
the circuit output does not change from A 1's initial sampled
value. Trace C details what happens when 51 opens. A
small glitch, due to charge transfer through the FET, ap-
pears but the steady state output value does not change.
This circuit will acquire a 10V step in 10 "'S to 0.01 % with a
droop rate of just 30 ",V/second.

A-5V/OIV

8=10V/OIV
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INFINITE HOLD SAMPLE AND HOLD
Figure 3 details a circuit which extends the hold time to
infinity with an acquisition time of 10 /Ls.Once a signal has
been acquired. this circuit will hold its output with no droop
for as long as is desired. If this arrangement, A4's divided
down output is fed directly to the circuit output via A5 as
soon as a sample command (trace A, Figure 4) is applied.
The sample command is also used to trigger the DM74123
one-shots. The first one-shot (trace B, Figure 4) is used to
bias the FET switch OFF during the time it is low. The sec-
ond one-shot (trace C, Figure 4) delivers a pulse to the
ADC0801 AID converter which then performs an AID con-
version on A4's output. The DAC1020, in combination with
A2 and A3, converts the AID output back to a voltage. The
AlDIA process requires about 100 /Ls.When the one-shot
(trace B) times out, its output goes high, closing the FET
switch. This action effectively connects A3's output to A5
while disconnecting A4's output. In this manner, the circuit
output will remain at the DC level that was originally deter-
mined by A4's sampling action. Because the sampled value
is stored digitally, no droop error can occur. The precision
resistors noted in the circuit provide offsetting capability for
the unipolar AID output so that a -10V to + 10V input
range can be accommodated. To calibrate this circuit, apply
1OVto the input and drive the sample command input with a
pulse generator. Adjust the gain match potentiometer so
that minimum "hop" occurs at the circuit output when 81
closes. Next, ground the input and adjust the zero

potentiometer for OVoutput. Finally, apply 10V to the input
and adjust the gain trim for a precise 10V circuit output.
Once adjusted, this circuit will hold a sampled input to within
the 8-bit quantization level of the AID converter over a full
range of +10Vto -10V. Trace D,Figure4showsthe cir-
cuit output in great detail. The small glitch is due to parasitic
capacitance in the FET switch, while the level shift is
caused by quantization in the AID. An AID with higher reso-
lution could be used to minimize this effect.

A=5V/DIV

B=5V/DIV



fast comparator and a digital latch are placed in front of a
differential integrator. Feedback is used to close a loop
around all these elements. Each time an input pulse is ap-
plied, the DM7475 latch is opened for 100 ns. If the sum-
ming junction error at the LM361 is positive, Al will pull
current out of the junction. If the error is negative, the in-
verse will occur. After some number of input pulses, Al's
output will settle at a DC level which is equivalent to the
value of the level sampled during the 100 ns window. Note
that the delay time of one-shot A is variable, allowing the
sample pulse from one-shot B to be placed at any desired
point on the input waveform. Figure 6a shows the circuit
waveforms. Trace A is the circuit input. After the variable
delay provided by one-shot A, one-shot B generates the
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""

/'
/'

/'

TOp/
INPUT + ",,""

C2 ""
lM361

lines is used to convert the sine wave input into a TIL com-
patible signal for the DM74123 one-shot. Trace A is the sine
wave input while trace B represents the output of C2. Trace
C is the delay generated by one-shot A and trace D is the
sample width window out of one-shot B. Note that this pulse
can be positioned at any point on the high speed sine wave
with the resultant voltage level appearing at Al's output.

REDUCED HOLD STEP SAMPLE AND HOLD
Another area where special techniques may offer improve-
ment is minimization of hold step. When a standard sample
and hold switches from sample to hold, a large amplitude
high speed spike may occur. This is called hold step and is
usually due to capacitive feedthrough in the FET switches

01
OM7475

02
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5V T 15V
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used in the circuit. The circuit of Figure 7 greatly reduces
hold step by using an unusual approach to the sample and
hold function. In this circuit sampling is started when the
sample and hold command input goes low (trace A,Figure
8). This action also sets the DM7474 flip-flop low (trace B,
Figure 8). At the same time, C1's output clamps at 03's
emitter potential of -12V (trace C, Figure 8). When the
sample pulse returns high, C1's output floats high and the
0.003 /'oF capacitor is linearly charged by current source 01.
This ramp is followed by A1, which feeds C2. When the
ramp potential equals the circuit's input voltage, C2's output
(trace D, Figure 8) goes high, setting the flip-flop high. This
turns on 02, very quickly cutting off the 01 current source.
This causes the ramp to stop and sit at the same potential
at the circuit's input. The hold step generated when the cir-
cuit goes into hold mode (e.g., when the flip-flop output
goes high) is quite small. Trace E, a greatly enlarged version
of trace C, details this. Note the hold step is less than 10 mV
high and only 30 ns in duration. Acquisition time for this
circuit is directly dependent on the input value, at a rate of 5
/'oslV.

REFERENCE
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EDN May 20, 1977.



A High Performance
Industrial Weighing System

The continuing emphasis on efficiency and waste control in
the industrial environment has opened new applications ar-
eas for electronic measurement and control systems. Stan-
dard electronic techniques can be used to solve many of
these application problems. In some areas, however, the
measurement requirements are so demanding that novel
and unusual circuit architectures must be employed to
achieve the desired result. In particular, very high precision
transducer-based measurements can be achieved by com-
bining microprocessor and analog techniques. The perform-
ance achievable can surpass the best levels obtainable with
conventional approaches.
An example of a requirement involves high resolution weigh-
ing of 2000 pound rolls of plastic material. In this applica-
tion, the rolls must be weighed before they are fed into ma-
chinery which utilizes the plastic in a coating process. Be-
cause the plastic material is relatively expensive, and the
number of rolls used over time quite large, it is desirable to
keep close tabs on the amount of material actually used in
production. This involves weighing the roll before it is used
and then weighing the amount of material left on the roll
core after it has unwound. In this fashion, the losses accu-
mulated over hundreds of rolls can be tracked and appropri-
ate action taken if the losses are unacceptable. Figure 1

National Semiconductor
Application Note 295

shows the way the rolls are handled and fed into the coating
machinery. The desired weighing system performance
specifications also appear in the figure. Figure 2 shows the
specifications for a typical high quality strain gauge load cell
transducer. From this information, it can be seen that the
electronic error bUdget is vanishingly small. The 3 mVIV
specification on the load cell means that only 30 mV of full-
scale is available for a typical 10V transducer excitation.
The desired 0.01% resolution means that only 3",V re-
ferred-to-input error is allowable. In addition, the gain slope
tolerance and temperature coefficients of the load cells,
while small, seem to preclude meeting the required specifi-
cations. The 0.1% gain slope tolerance also appears to
mandate the need for manual system recalibration whenev-
er load cells must be replaced in the field. Finally, assuming
these specifications can be met, an AID converter which
will hold near 15-bit stability over the required temperature
range is required.
The key to achieving the desired performance is in the real-
ization that the system must be designed as an integrated
function instead of a group of interconnected signal condi-
tioning blocks. Traditional approaches which rely on "brute
force" high stability amplifiers and data converters cannot
be successfully used to meet the required specifications.

Accuracy, 0.03%

Stable Resolution. 0.01 %

Operating Temperature Range. 1erc to 4S'C

Full Load cell Field Interchangeability

20,000 Count Display

MACHINERY
INTO WHICH
ROLL IS FED

Gain Slope--3 mV IV Excrtation ± 0.1 %

Recommended Excrtation-10V

Gain Tempco-±0.0008%/"F

Zero Tempco-± 0.001 S/'F



The approach utilized is diagrammed in Figure 3. In this ar-
rangement a microprocessor is used to effectively close an
analog loop around the load cells with an instrumentation
amplifier and an AID converter. In this system, four discrete
measurements are continuously performed on each load
cell to determine its error corrected output. Corrections are
made for zero and gain drift and a first-order temperature
error correction is also made. The actual load cell output
voltage is read to complete the measurement cycle. The
start of a measurement cycle is initiated by the microproces-
sor commanding the LF13509 differential input multiplexer
A to position 1 (See Figure 4). In this position, the amplifier
inputs are connected to one side of the transducer bridge.
This determines the electrical zero in the system at the
common-mode output voltage of the bridge. Physical zero
information (e.g., "tare weight") is fed to the microprocessor
via a pushbutton which is depressed when no load is in the
chain hoist. This operation need only be carried out when
the system is first turned on. The multiplexer is then
switched to position 2.

In this position, the LM 163 inputs are connected across the
middle resistor in a string of resistors. The voltage across
this resistor represents the precise full-scale output voltage
of the load cell transducer. Although the transducers are
specified for only 0.1 % interchangeability, the precise value
of gain slope is furnished with each individual device. This
information allows the system to determine the gain slope of
the transducer. In practice, the middle resistor in

the string is physically located within the load cell connec-
tor. When any such equipped load cell is plugged into the
system, the value of this resistor allows immediate and pre-
cise gain slope compensation and eliminates the usual
manual calibration requirements. When this measurement is
completed, the mUltiplexer is switched to position 3. In this
position the output of strain gage bridge A is connected to
the LM163 instrumentation amplifier. This signal, which rep-
resents the transducer output, is amplified by the LM163,
converted by the AID and stored in memory. The fourth
multiplexer operation is used to read the temperature of the
load cell. In this position, the output of the LM335 tempera-
ture sensor, which is located inside the load cell transducer,
is determined and stored in memory. The relatively high lev-
el LM335 output is resistively divided by 100 so the LM163
does not saturate. Two separate temperature terms, zero
and gain TC, affect the load cell. Although the LM335 pro-
vides the absolute cell temperature, the sign of each tem-
perature term in any individual cell will vary. Thus, not only
the cell's temperature but the sign for both zero and gain
terms must be furnished. This is accomplished by a pin
strapping code inside the load cell's connector. This se-
quence of operations is also performed by multiplexer B for
load cell B. When all the information for both transducers
has been collected, the microprocessor can determine the
actual weight of the roll. The temperature information pro-
vides a first-order correction for the relatively small effect of
ambient temperature on the load cell's gain and zero terms.

A
CEU
OUT

GAIN MUXA
CALIBRATION LF13509

LM335

INSTRUMENTATION
TEMP AMP
OUT

+ AlO
CONYERTER

5Y

B
CELL "TARE X
OUT WEIGHT"' rGAIN MUX B

CALIBRATION LF13509 BunON

LM335
MICROPROCESSOR

I I ANO ASSOCIATEO
I I LOGIC ANO MEMORY
I I
I I
I I

·Pin strap code I I
LOAD' TEMP'

for cell temperal1Jre CELL SIGNAL
signs (both A and B)

FIGURE 3 TUH/5638-2



The gain calibration resistor string inside the load cell allows
complete field interchangeability with no manual field cali-
bration required. In practice, the load cell connector heads
are modified by the addition of the resistor string, tempera-
ture sensor and temperature sign pin strapping after the
cells have been purchased from the manufacturer. Connec-
tor types with the appropriate extra number of pins are sub-
stituted for the originals and the completed modified trans-
ducer is furnished as a unit to the end user. The stability of
this approach is entirely dependent on the resistors in the
gain calibration string. The voltage drive to the bridge need
not be stable because it is common to the gain calibration
string and ratiometrically cancels. Low pass filtering of elec-
trical and mechanical noise is achieved by displaying the
digitally-averaged value of a number of measurement cy-
cles. It is worth noting that zero and gain drifts in the instru-
mentation amplifier and the AID converter are continuously

I
I
I

LOAD CELLI
I

~

J

TEMPERATURE SIGN
PIN STRAP INFORMATION
TO MICROPROCESSOR

compensated for by the closed loop action of the micro-
processor. The sole requirement for these components is
that they be linear and have noise limits within the required
measurement precision. In this manner, the zero and gain
drifts of all active electronic components in the system are
eliminated, which considerably simplifies the selection and
design of these components.
A schematic diagram of the system appears in Figure 4. For
purposes of clarity only, one load cell and its associated
multiplexer are shown. Details of the microprocessor are
also not included. The LF11509 multiplexer feeds the
LM163 instrumentation amplifier. The LM163's output is
routed to the AID converter section which is composed of a
ramp generator (A1) and a precision comparator circuit (A2-
A3). The output of the AID is a pulse width which varies with
the LM163's output amplitude. This pulse width is fed to the
microprocessor which uses it to gate a high speed clock. A

"TARE
WEIGHT"...L.

SVO-<>

Hellon

·Uttronix 104A ratio match 0.005%.
"Ultronix 104A, 0.01 % value shown is ideal for

precise 30 mV output load cell and must be

selected at load cell test.



loop is completed by using the microprocessor to control
the LF11509 multiplexer address inputs. Operation of the
system is best understood by referring to Figure 5. Trace A
is a system synchronizing pulse which is generated by the
microprocessor. Trace B is the output of the LM163, which
is connected to the multiplexer. Each time the synchronizing
pulse goes low, the multiplexer advances one state. The
leftmost multiplexer state in the photograph is the zero sig-
nal. The next state is the gain calibration, which is followed
by the strain gage bridge output and then the temperature
signal. The next 4 multiplexer states repeat this pattern for
the other load cell. Each time the multiplexer changes state,
the LM163 output is compared to the A1 ramp generator
output (trace C) by the A2-A3 comparator. A2 acts as a pre-
amplifier for the A3 comparator, insuring a low noise trip
point. When the ramp is very close to balancing the current
being pulled out of A2's summing junction by the LM163, A2
comes out of diode bound (trace D, Figure 5) and trips A3.
The rapid slewing, high level signal from A2 allows A3 to
have a noise free transition (trace E, Figure 5). This output is

C=10V/OIV

O=2V/OIV

TLlH/5638-4

·System operation normally occurs at a 2 Hz rate but has been sped up for
photographic convenience.

used to turn off a high speed clock (trace F, Figure 5) which
was started at the beginning of the ramp (comparator-ramp-
high speed clock detail shown in Figure 6). The waveforms
show that the number of high speed pulses which occur at
each multiplexer state varies with the LM163's output. Be-
cause the ramp is highly linear and the comparator very
stable, a direct relationship between the number of high
speed pulses and the LM163 output is assured. The final
computed answer at which the microprocessor controlled
loop arrives will nullify the effects of drift in the AID convert-
er and instrumentation amplifier.
In practice, this system has met specifications in the indus-
trial environment for which it was designed. It furnishes a
good example of the type of intelligence which is becoming
typical in industrial measurement and control apparatus.
The interlocking of analog and digital techniques to solve a
difficult measurement problem will become even more com-
mon in future applications.

B =5V/OIV (A3 OUTPUT)

O=5V/DIV (GATED HIGH
SPEED ClDCK)

Details of comparatoHamp-high speed clock interaction:

When A2's output comes out of bound (trace A), the A3 comparator rEr
sponds with a clean, noise·free transition (trace B), causing the high speed
clock burst to cease (trace D). Trac6 C shows the ramp, greatly expanded.
A2.-A3 trip point occurs just after the ramp passes center screen.



Industrial environments present a formidable challenge to
the electronic system designer. In particular, high electrical
noise levels and often excessive common mode voltages
make safe, precise measurement difficult. One of the best
ways to overcome these problems is by the use of isolated
measurement techniques. Typically, these approaches uti-
lize transformers or opto isolators to galvanically isolate the
input terminals of the signal conditioning amplifier from its
output terminal. This breaks the common ground connec-
tion and eliminates noise and dangerous common mode
voltages. The conflicting requirements for good accuracy
and total input! output galvanic isolation requires unusual
circuit techniques. A relatively simple isolated signal condi-
tioner appears in Figure 1.

OUTPUT~
INPUT -;-100
& ISOLATED

T1 ~UTC #P2
TL/H/5639-2

FLOATING INPUT HIGH VOLTAGE MOTOR MONITOR
In this inexpensive circuit, a wideband audio transformer
permits safe, ground referenced monitoring of a motor
which is powered directly from the 115VAC line. Figure 1A
details the measurement arrangement. The floating amplifi-
er inputs are applied directly across the brush-type motor.
The 100k-1Ok string, in combination with the transformer
ratio, provides a nominal 100:1 division in the observed mo-
tor voltage while simultaneously allowing a ground refer-
enced output. The NE-2 bulb suppresses line transients
while the 10k potentiometer trims the circuit for a precise
100:1 scale factor. To calibrate the circuit, apply a 10-volt
RMS 1kHz sine wave to the floating inputs, and adjust the
potentiometer for 100 millivolts RMS output. Full power

-These
points
·Hot· MOTOR

TO.MPUFI!!
I.PUTI

IIlE .IOVEI

FIGURE 1A
bandwidth extends from 15Hz to 45kHz ± .25dB with the
-3dB point beyond 85kHz. Risetime is about 10 microsec-
onds. Figure 2 shows the motor waveform at the ground
referenced circuit output. The isolated, wideband response
of the circuit permits safe monitoring of the fast rise SCR
turn-on as well as the motor's brush noise.

FIGURE 2

ISOLATED TEMPERATURE MEASUREMENT
Figure 3 shows a scheme which allows an LM135 tempera-
ture sensor to operate in a fully floating fashion. In this cir-
cuit, the LM311 puts out a 100 microsecond pulse at about
20Hz. This signal biases the PNPtransistor, whose collector
load is composed of the 1kO unit and the primary of T1. The
voltage that develops across T1's primary (waveform A, Fig-
ure 4) will be directly dependent upon the value that the
LM135 temperature sensor clamps the secondary at. Wave-
form B, Figure 4 details the transformer primary current.
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This voltage value, of course, varies with the temperature of
the LM135 in accordance with its normal mode of operation.
The LF398 sample-and-hold IC is used to sample the trans-
former primary voltage and presents the circuit output as a
DC level. The 100 pF-39k-1MO combination presents a trig-
ger pulse (waveform C, Figure 4) to the LF398, so that the
sampling period does not finish until well after the LM135
has settled. The LM340 12-volt regulator provides power
supply rejection for the circuit. To calibrate, replace the
LM135 with an LM336 2.5-volt diode of known breakdown
potential. Next, select the 1kO valve until the circuit output
is the same as the LM336 breakdown voltage. Replace the
LM336 with the LM135 and the circuit is ready for use.

A = fNlfJN

8 = 10IAIIIIV

C = fNlfJN

lOll = 2Os4IfJN

FIGURE 4

FULLY ISOLATED PRESSURE TRANSDUCER
MEASUREMENT
Strain gauge-based transducers present special difficulties
if total isolation from ground is required. They need excita-

tion power in addition to their output signal. Some industrial
measurement situations require that the transducer must be
physically connected to a structure which is floating at a
high common mode voltage. This means that the signal
conditioning circuitry must supply fully floating drive to the
strain gauge bridge, while also providing isolated transducer
output signal amplification. Figure 5 details a way to accom-
plish this. Here, the strain bridge is excited by a transformer
which generates a pulse of servo-controlled amplitude. The
pulse is generated by storing the sampled amplitude of the
output pulse as a DC level, and supplying this information to
a feedback loop which controls the voltage applied to the
output switch. A2 functions as an oscillator which simulta-
neously drives 02-03 and the LF398 (A3) sample mode pin.
When A2's output pulse ends, A3's output is a DC level
equal to the amplitude of the output pulse which drives the
strain bridge. The dual secondary of T1 allows accurate
magnetic sampling of the strain bridge output pulse without
sacrificing electrical isolation. A3's output is compared to
the LH0070 10-volt reference by A4, whose output drives
01. 01's emitter provides the DC supply level to the 02-03
switch. This servo action forces the pulses applied to the
strain gauge transducer (waveform A, Figure 6) to be of
constant amplitude and equal to the 10-volt LH0070 refer-
ence output. Some amount of the pulse's energy is stored in
the 100J.'Fcapacitor and used to power the LM358 dual
(A1) followers. These devices unload the output of the
transducer bridge and drive the primary of T2. T2's second-
ary output amplitude (waveform B, Figure 6) represents the
transducer output value. This potential is amplified by A5
and fed to A6, a sample-and-hold circuit. A6's sample com-
mand is a shortened version of the A2 oscillator pulse. The
74C221 generates this pulse (waveform C, Figure 6).
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Because the A6 sample command falls during the settled
section of T2's output pulse, A6's output will be a DC repre-
sentation of the amplified strain gauge pressure transducer
output. The LH0070 output may be used to ratiometrically
reference a monitoring AID converter. To calibrate this cir-
cuit, insert a strain bridge substitution box (e.g., BLH model
625) in place of the transducer and dial in the respective
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1.5-VOLT POWERED ISOLATED PRESSURE
MEASUREMENT
Figure 7 diagrams another pressure measurement circuit.
This circuit presents a frequency output which is fully isolat-
ed by the transformer indicated. The entire circuit may be
powered from a 1.5-volt ~:.Jpply, which may be derived from
a battery or solar cells. The potentiometer output of the
pressure transducer used is fed to a voltage-to-frequency
converter circuit. In this V-F circuit, an LM10 op amp acts as
an input amplifier, and forces the collector current of 01 to
be linearly proportional to VIN for a range of 0 to +400
millivolts. Likewise, the reference amplifier of the LM10
causes 02's output current to be stable and constant under
all conditions. The transistors 03-010 form a relaxation os-
cillator, and every time the voltage across C1 reaches 0.8-
volt, Q6



is commanded to reset it to zero volts differential. This basic
circuit is not normally considered a very accurate technique,
because the dead time, while OS is saturated, will cause a
large (1"!o) nonlinearity in the V-to-F transfer curve. Howev-
er, the addition of Rx causes the reference current flowing
through 02 to include a term which is linearly proportional to
the signal, which corrects the transfer nonlinearity.

The NSC MM74C240 inverters are employed because this
IC has the only uncommitted inverters with such a low (O.S
to O.BY) threshold that they can operate on a supply as low
as 1.2 volts.

The 49.9k resistors which feed into 02's emitter act as a
gain tempeo trim, as 012's Vbe is used as a temperature
sensor. If the output frequency is 100ppm/C too fast/hot,
you can cut the resistor to 20k. If f is too slow/hot, add more
resistance in series with the 49.9k. Total current drain for
this circuit is about 1 milliampere.

FULLY ISOLATED "ZERO POWER" COMPLETE AID
CONVERTER
Figure 8 shows a complete B-bit AID converter, which has
all input and output lines fully floating from system ground.
In addition, the AID converter requires no power supply for
operationl Circuit operation is initiated by applying a con-
vert-command pulse to the "convert-command" input (trace
A, Figure 98). This pulse simultaneously forces the "Data
Output" line low (trace B, Figure 98) and propagates across
the isolation transformer. The pulse appears at the trans-
former secondary (Figure 9A, trace A) and charges the 100
",F capacitor to five volts. This potential is used to supply
power to the floating AID conversion circuitry. The pulse
appearing at the transformer secondary is also used to start
the AID conversion by biasing comparitor A's negative input
low. This causes comparitor A's output to go low, discharg-
ing the .OS",F capacitor (waveform B, Figure 9A). Simulta-
neously, the 10kHz oscillator (Figure 9A, trace D), formed by

TransfonTlOf = UTClI S5O-J2
A. B. C. 0 = LM339 Quad

All IIIPN = 2N2222A
•.••.• =11114148



comparator D and its associated components, is forced off
via the 22k diode path. A second diode path also forces
comparator D's output low (Figure 9A, trace E). Note the
cessation of oscillation during the time the convert com-
mand pulse is high. When the convert command pulse falls,
the 01-02 current source begins to charge the .06 foLFca-
pacitor. During this time, the 10kHz comparator C oscillator
runs, and comparator D's output is a stream of 10 kc clock
pulses. When the ramp (trace S, Figure 9A) across the .06
foLFcapacitor exceeds the circuit input voltage, comparator
S's output goes high (trace C, Figure 9A), forcing compara-
tor D's output low. The number of pulses which appeared at
comparator D's output is directly proportional to the value of
the circuit's input voltage. These pulses are amplified by the
two NPN transistors which are used to modulate the data
pulse stream back across the transformer. The six series
diodes insure that the modulated data does not appear at
comparator A's input and trigger it. The pulses appear at the
primary (Figure 98, trace A) as small amplitude spikes and

C = 5VIDIV
0= 5VIDlV
E = 5V1DIV

A = lDVlDlV
8 = 5VIDIV

are then amplified by the data output transistor, whose col-
lector waveform is trace S or Figure 98. In this example a 0-
to 3-volt input produces 0- to 300 pulses at the output. The
22k diode path averts a + 1 count uncertainty error by syn-
chronizing the 10kHz clock to the conversion sequence at
the beginning of each conversion. The 500k potentiometer
in the current source adjusts the scale factor. The circuit
drifts less than 1LSS over 25°C ± 200C and requires 45 milli-
seconds to complete a full scale 300 count conversion.

COMPLETE, FLOATING MULTIPLEXED THERMOCOU-
PLE TEMPERATURE MEASUREMENT
Figure 10 shows a complete, fUlly floating multiplexed ther-
mocouple measurement system. Power to the floating sys-
tem is supplied via T2, which runs in a self oscillating DC-DC
converter configuration with the 2N2219 transistors. T2's
output is rectified, filtered, and regUlated to ± 15 volts. An
eight channel LF13509 mUltiplexer is used to sequentially
switch 7 inputs and a ground reference into the LM11 ampli-
fier. The LM11 provides gain and cold junction compensa-
tion for the thermocouples. The multiplexer is switched from
the 74C93 counter, which is serially addressed via the 4N28
opto isolator. The ground referenced channel prevents
monitoring instrumentation from losing track of the multi-
plexer state. The LM 11's output is fed into a unity gain isola-
tion amplifier. Oscillator drive for the isolation amplifier is
derived by dividing down T2's pulsed output, and shaping
the 74C90's output with A4 and its associated components.
This scheme also prevents unwanted interaction between
the T2 DC-DC converter and the isolation amplifier. This
circuit, similar to the servo-controlled amplitude pulser de-
scribed in Figure 5, puts a pulse across T1's primary. The
amplitude of the pulse is directly dependent on the LM11's
output value. T1's secondary receives the pulse and feeds
into an LF398 sample-hold-amplifier. The LF398 is supplied
with a delayed trigger pulse, so that T1's output is sampled
well after settling occurs. The LF398 output equals the val-
ue of the LM11. In this fashion, the fully floating thermocou-
ple information may be connected to grounded test equip-
ment or computers. Effective cold-junction compensation
results when the thermocouple leads and the LM335 are
held isothermal. To calibrate the circuit, first adjust R3 for an
LM11 gain of 245.7. Next, short the" +.. input of the LM11
and the LM329 to floating common, and adjust R1 so that
the circuit output is 2.982 volts at 25°C. Then, remove the
short across the LM329 and adjust R2 for a circuit output of
246 millivolts at 25°C. Finally, remove the short at the LM11
input, and the circuit is ready for use.
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Although operational amplifiers and other linear ICs have
been applied as audio amplifiers, relatively little documenta-
tion has appeared for other audio applications. In fact, a
wide variety of studio and industrial audio areas can be
served by existing linear devices. The stringent demands of
audio requirements often mean that unusual circuit configu-
rations must be used to satisfy a requirement. By combining
off-the-shelf linear devices with thoughtful circuit designs,
low cost, high performance solutions are achievable. An ex-
ample appears in Figure 1.

EXPONENTIAL V-F CONVERTER
Studio-type music synthesizers require an exponentially re-
sponding V-F converter with a typical scale factor of 1V in
per octave of frequency output. Exponential conformity re-
quirements must be within 0.5% from 20 Hz-15 kHz. Al-
most all existing designs utilize the logarithmic relationship
between VSE and collector current in a transistor.

·1 % metal film resistor

tPolyslyrene

Q2 ~ 2N2222A

Q5 ~ 2N2907A

A1, A2 ~ LF412 dual

Q1, Q3, Q4, Q6 ~ LM3046 array

Although this method works well, it requires careful atten-
tion to temperature compensation to achieve good results.
Figure 1 shows a circuit which eliminates all temperature
compensation requirements. In this circuit. the current into
A1's summing junction is exponentially related to the circuit
input voltage because of the logarithmic relationship be-
tween Q1's VSE and its collector current. A1's output inte-
grates negatively until the Q2-Q5 pair comes on and resets
A1 back to OV. Note that opposing junction tempcos in Q2
and Q5 provide a temperature compensated switching
threshold with a small (100 ppmfOC) drift. The -120
ppmfOCdrift of the polystyrene integrating capacitor effec-
tively cancels this residual term. In this fashion, A1's output
provides the saw100th frequency output. The LM329 refer-
ence stabilizes the Q5-Q2 firing point and also fixes Q1's
collector bias, The 3k resistor establishes a 20 Hz output
frequency for OV input, while the 10.5k unit trims the gain to
1V in per octave frequency doubling out. Exponential con-
formity is within 0.25% from 20 Hz to 15 kHz,



The 1M-1.2k divider at A1's "+" input achieves first order
compensation for 01's bulk emitter resistance, aiding expo-
nential conformity at high frequencies. A2 and its associated
components are used to "brute-force" stabilize 01's operat-
ing point. Here, 03, 04 and A2 form a temperature-control
loop that thermally stabilizes the LM304Sarray, of which 01
is a part. 04's VSEsenses array temperature while 03 acts
as the chip's heater. A2 provides servo gain, forcing 04's
VSEto equal the servo temperature setpoint established by
the 1Ok-1 k string. Bias stabilization comes from the LM329.
The OS clamp and the 330 emitter resistor determine the
maximum power 03 can dissipate and also prevent servo
lock-up during circuit start-up. 01, operating in this tightly
controlled environment, is thus immune from effects of am-
bient temperature shift.

ULTRA-LOW FEEDTHROUGH VOLTAGE-CONTROLLED
AMPLIFIER
A common studio requirement is a voltage-controlled gain
amplifier. For recording purposes, it is desirable that, when
the gain control channel is brought to OV, the signal input
feedthrough be as low as possible. Standard configurations
use analog multipliers to achieve the voltage-controlled gain
function. In Figure 2, A1-A4, along with 01-03, comprise
such a mUltiplier, which achieves about -S5 dB of feed-
through suppression at 10 kHz. In this arrangement, A4 sin-
gle ends a transconductance type multiplier composed

-K-1N4148

·1 % film resistor

A1-A2. A3-A4, AS-A6 ~ LF412 duals

01-02 ~ LM394 duals

FEEOTHROUGH
COMPENSATION

CIRCUITRY

of A3 along with 01 and 02. A1 and A2 provide buffered
inputs. The - S5 dB feedthrough figure is typical for this
type of multiplier. A5 and AS are used to further reduce this
feedthrough figure to -84 dB at 20 kHz by a nulling tech-
nique. Here, the circuit's audio input is inverted by A5 and
then summed at AS with the main gain control output, which
comes from A4. The RC networks at A5's input provide
phase shift and frequency response characteristics which
are the same as the main gain control multipliers feed-
through characteristics. The amount of feedthrough com-
pensation is adjusted with the 50k potentiometer. In this
way, the feedthrough components (and only the feed-
through components) are nulled out and do not appear at
AS's output. From 20 Hz to 20 kHz, feedthrough is less than
-80 dB. Distortion is inside 0.05%, with a full power band-
width of SOkHz. To adjust this circuit, apply a 20 Vp-p sine
wave at the audio input and ground the gain control input.
Adjust the 5k coarse feedthrough trim for minimum output at
A4. Next, adjust the 50k fine feedthrough trim for minimum
output at AS. For best performance, this circuit must be rig-
idly constructed and enclosed in a fully shielded box with
attention give to standard low noise grounding techniques.
Figure 3 shows the typical remaining feedthrough at 20 kHz
for a 20 Vp-p input. Note that the feedthrough is at least
-80 dB down and almost obscured by the circuit noise
floor.

5k
COARSE

FEEOTHROUGH TRIM



ULTRA-LOW NOISE RIAA PREAMPLIFIER
In Figure 4, an LM394 is used to replace the input stage of
an LM118 high speed operational amplifier to create an ul-
tra-low distortion, low noise RIM-equalized phono pream-
plifier. The internal input stage of the LM118 is shut off by
tying the unused input to the negative supply. This allows
the LM394 to be used in place of the internal input stage,
avoiding the loop stability problems created when extra
stages are added. The stability problem is especially critical
in an RIM circuit where 100% feedback is used at high
frequencies. Performance of this circuit exceeds the ability
of most test equipment to measure it. As shown in the ac-
companying chart, harmonic distortion is below the measur-
able 0.002% level over most of the operating frequency and
amplitude range. Noise referred to a 10 mV input signal is
-90 dB down, measuring 0.55 !JoVrmsand 70 pArms in a
20 kHz bandwidth. More importantly, the noise figure is less

Frequency Total Harmonic Distortion

20 <0.002 <0.002 <0.002 <0.002 <0.002

100 <0.002 <0.002 <0.002 <0.002 <0.002

1000 <0.002 <0.002 <0.002 <0.002 <0.002

10000 <0.002 <0.002 <0.002 <0.0025 <0.003

20000 <0.002 <0.002 <0.004 <0.004 <0.007

Output 0.03 0.1 0.3 1.0 5.0
Amplitude
(Vrms)

than 2 dB when the amplifier is used with standard phono
cartridges, which have an equivalent wideband (20 kHz)
noise of 0.7 !JoV.Further improvements in amplifier noise
characteristics would be of little use because of the noise
generated by the cartridge itself. A special test was per-
formed to check for transient intermodulation distortion.
10kHz and 11 kHz were mixed 1:1 at the input to give an
rms output voltage of 2V (input = 200 mY). The resulting
1 kHz intermodulation product measured at the output was
60 !JoV.This calculates to 0.0004% distortion, quite a low
level, considering that the 1 kHz has 14 dB (5:1) gain with
respect to the 10 kHz signal in an RIM circuit. Of special
interest also is the use of all DC coupling. This eliminates
the overload recovery problems associated with coupling
and bypass capacitors. Worst-case DC output offset voltage
is about 1V with a cartridge having 1 kO DC resistance.
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has relatively slow frequency response, performance can be
considerably improved by cascading the amplifier and refer-
ence amplifier together to form a single overall audio ampli-
fier. The reference, with a 500 kHz unity-gain bandwidth, is
used as a preamplifier with a gain of 100. Its output is fed
through a gain control potentiometer to the op amp, which is
connected for a gain of 10. The combination gives a 60 dB
gain with a 10kHz bandwidth, unloaded, and 5 kHz, loaded
with 5000.. Input impedance is 10 kn.

~~ u
+ ~OUTPUT

0.47
~ MICROPHONE
I 't'INPUT

I
I
I

V

-1 % film resistor

A1, A2 = LF412 dual

, ••••••~ IIlgU,II-,;:)'1UQI'O'1 I., nr,awI:>a IVW. IlItJ 1I1~Ul nOise voltage In
this connection is 40 nV-50 nV/YHz, approximately equal
to that of the op amp.
One point to observe with this connection is that the signal
swing at the reference output is strictly limited. It cannot
swing much below 150 mV, nor closer than BOO mV to the
supply. Further, the bias current at the reference feedback
terminal lowers the output quiescent level and generates an
uncertainty in this level. These facts limit the maximum
feedback resistance (R5) and require that R6 be used to
optimize the quiescent operating voltage on the output.
Even so, one must consider the fact that limited swing on
the preamplifier can reduce maximum output power with low
settings on the gain control.
In this design, no DC current flows in the gain control. This
is perhaps an arbitrary rule, designed to insure long life with
noise-free operation. If violations of this rule are acceptable,
R5 can be used as the gain control with only the bias cur-
rent for the reference amplifier (<75 nA) flowing through the
wiper. This simplifies the circuit and gives more leeway in
getting sufficient output swing from the preamplifier.

DIGITALLY PROGRAMMABLE PANNER-ATTENUATOR
Figure 6 shows a simple, effective way to use a multiplying
CMOS D-A converter to steer or pan an audio signal be-
tween two channels. In this circuit, the current outputs of the
DAC1020, which are complementary, each feed a current-
to-voltage amplifier. The amplifiers will have complementary
voltage outputs, the amplitude of which will depend upon



the address code to the DAC's digital inputs. Figure 7 shows
the amplifier outputs for a ramp-count code applied to the
DAC digital inputs. The 1.5 kHz input appears in comple-
mentary amplitude-modulated form at the amplifier outputs.
The normal feedback connection to the DAC is not used in
this circuit. The use of discrete feedback resistors facilitates
gain matching in the output channels, although each amplifi-
er will have a ::::300 ppmrC gain drift due to mismatch
between the internal DAC ladder resistors and the discrete
feedback resistors. In almost all cases, this small error is
acceptable. although two DACs digitally addressed in com-
plementary fashion could be used to totally eliminate gain
error.

DIGITALLY PROGRAMMABLE BANDPASS FILTER
Figure 8 shows a way to construct a digitally programmable
first order bandpass filter. The multiplying DAC's function

is to control cut-off frequency by controlling the gain of the
A3-A6 integrators, which has the effect of varying the inte-
grators' capacitors. A1-A3 and their associated DAC1020
form a filter whose high-pass output is taken at A1 and fed
to an identical circuit composed of A4-A6 and another
DAC. The output of A6 is a low-pass function and the final
circuit output. The respective high-pass and low-pass cut-off
frequencies are programmed with the DAC's digital inputs.
For the component values shown, the audio range is cov-
ered.

REFERENCES

Application Guide to CMOS Multiplying D-A Converters. An-
alog Devices, Inc. 1978

AI, A2 - LF412 dual

A3. A4 - LF412 dual

A5. A6 - LF412 dual
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~ Simple Circuit Detects Loss
c( of 4-20 mA Signal

Four-to-twenty milliampere current loops are commonly
used in the process control industry. They take advantage
of the fact that a remote amplifier can be powered by the
same 4-20 mA current that it controls as its output signal,
thus using a single pair of wires for signal and power. Cir-
cuits for making 4-20 mA transmitters are found in the
LM10, LM163, and LH0045 data sheets.
In general, an expensive isolation amplifier would be re-
quired to detect the case of a 4 mA signal falling out of spec
(e.g., 3.7 mAl without degrading the isolation of the 4-20 mA
current loop.
But this new circuit (Figure 1) can detect a loss or degrada-
tion of signal below 4 mA, with simplicity and low cos!. The
LM10 contains a stable reference at pins 1 and 8, 200 mV
positive referred to pin 4. As long as the loop current is
larger than 4 mA, the I X R drop across the 47.60 resistor,
R4, is sufficient to pull the LM10's amplifier input (pin 2)
below pin 3 and keep its output (pin 6) turned OFF.

The 4-20 mA current will flow through the LED in the optoiso-

14mATo20mA
,HIGH
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lator and provide a LOW output at pin 5 of the optoisolator.
When the current loop falls below 3.7 mA, the LM10's input
at pin 2 will rise and cause the pin 6 output to fall and steal
all the current away from the LED in the optoisolator. Pin 5
of the 4N28 will rise to signify a fault condition. This fault
flag will fly for any loop current between 3.7 mA and 0.0 mA
(and also in case of reversal or open-circuit). R1 is used to
trim the threshold point to the desired value. CR2 is added
in series with the LED to make sure it will turn OFF when the
LM10's output goes LOW: (While the LM10 is guaranteed to
saturate to 1.2V, the forward drop of the LED in the 4N28
may be as low as 1.0V, so a diode is added in series with
the LED, to insure that it can be shut off.) Note that most
operational amplifiers will not respond in a reasonable way if
the output pin (6) is connected to the positive supply pin (7),
but the LM10 was specifically designed and is specified to
perform accurately in this "shunt" mode. (Refer to AN-211
application note, TP-14 technical paper, and the LM10 data
shee!.)

OUTPUT
FAULT

OETECToR

CR1:: lN4001, optlonal,ln case of signal reversal
LM10 = NSC LM10CLN or LM10CLH amp/reference
IC2 = 4N28 or similar, optoisolator
V2 = Normally low; high signifies fault (I <3.7 mAl

V3 = Normally high; low signifies fault (1<3.7 mAl (buffered output)

·Cl :: 11lF optional, to avoid false output when large AC current Is superimposed on 4.0 mA.
Disconnect this capacitor when using with circuit of Figure 2.

[>0 = 1/6 MM74C04 or similar, CMOS Inverter



While you could manually adjust R1 while observing the
status of V3 output, this would be a coarse and awkward
trim procedure. Figure 2 shows an improved test circuit
which servos the current through the detector circuit, forcing
it to be at the threshold value. Then that current can be
monitored continuously, and the circuit can be trimmed easi-
ly. If the current through R107 starts out too small, the out-
put of the 4N28 will be HIGH too much of the time, and the
op amp output will integrate upwards until the current is at
the actual threshold of the detector. The integrator's output
will stop at the value where the duty cycle olthe 4N28 out-

put is exactly 50%. This occurs when the current through
R107 is straddling the threshold value.

The positive feedback via R108 assures that the loop oscil-
lates at approximately 50 cycles per second, with a small,
well-controlled sawtooth wave at its output. This mode of
operation was chosen to insure that the loop does not oscil-
late at some high, uncontrolled frequency, as it would be
difficult in that case to be sure the duty cycle was exactly
50%. This test circuit is advantageous, because you can
measure the trip point directly.
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CIRCUIT

FRDM FIGURES I
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A 101 = LM308 or similar

[>-0 = 116 MM74C04 or similar, CMOS inverter
0101 = 2N2907 or similar, PNP



cneap out unreuaole, anny trim pots. By opening one or
more of the links, L1- L4, according to the following proce-
dure, it is easy to trim the threshold level to be within 1% of
3.70 mA (or as desired).
• Observe the DC current through R107 in Figure 2

• If 'THRESHOLD is larger than 3.950 mA, open link L1;
-if not, don't

• If ITHRESHOLD is larger than 3.830 mA, open link L2;
-if not, don't

This procedure provides a circuit trimmed to much better
than 1% of 3.70 mA, without using any trim pots. Of course,
this circuit can be used to detect drop-out of regulation of
other floating signals, while maintaining high isolation from
ground, good accuracy, low power dissipation (2 mA x 2.5V
typical) and low cost.
Other standard values of current loop are 1 mA-5 mA and
10 mA-50 mA. The version shown in Figure 4 uses higher
resistance values to trip at 0.85 mA. The circuit in Figure 5
has an additional transistor, to accommodate currents as
large as 50 mA without damage or loss of accuracy, and
provide an 8.5 mA threshold.

Al = LM10CLN or LM10CLH
IC2 ~ 4N28 or similar, optoisolator

FLOATING DETECTOR

FIGURE 3. Fault Detector with Low-Cost Trim SCheme
(To be trimmed In the circuit of Figure 2)

R4 CRI.
221 CR2
1% 1N4001

VREF R3+R4
ITHRESHOLD = R4. Rl + R2

~ IC1 = LM10CLN or LM10CLH

IC2=4N27 or4N28 or similar
[>0 = 1/6 MM74C04 or similar, CMOS Inverter

VREF = 200 mV;: 5%. pins 1 and 8 referred to pin 4
When trimming this circuit with the circuit of Figure 2,
use R101= Rl02 = 8.2 kO

FIGURE 4. Current Loop Fault Detector
(ITHRESHOLD = 0.85 mA for 1 mA-5 mA Current Loops)



VREF R3+ R4
-ITHRESHOLD = R4. Rl + R2

ICl = LM10CLH or LM10CLN op amp and reference

VREF = 200 mV ± 5%, pins 1 and 8 referred to pin 4
IC2 = 4N28 or similar, optoisolator

[:>0 = 116 MM74C04 or similar, CMOS inverter

01 = 2N2904 or 2N2907, any silicon PNP
When trimming this circuit with the circuit of Figure 2,
use Rl0l = R102 = B201l

FIGURE 5. Current Loop Fault Detector
(ITHRESHOLD= 8.5 mA, for 10 mA-50 mA Current Loops)

C7k

10M



Signal Conditioning for
Sophisticated Transducers
A substantial amount of information is available on signal
conditioning for common transducers. Fortunately, most of
these devices, which are used to sense common physical
parameters, are relatively easy to signal condition. Further,
most transducer-based measurement requirements are well
served by standard transducers and signal conditioning
techniques.
Some situations, however, require sophisticated transduc-
tion techniques with their attendant special signal condition-
ing requirements. This application note details signal condi-
tioning and applications information for a diverse group of
sophisticated and unusual tranducers. Because these de-
vices are unusual or somewhat difficult to signal condition,
relatively little material has appeared on how to design cir-
cuitry for them. Many of these devices permit measure-
ments which cannot be accomplished in any other way. For
this reason it is worthwhile to have a basic familiarity with

National Semiconductor
Application Note 301

their capabilities and what is required to signal condition
them. The circuits shown are intended as instructive exam-
ples only, although each one has been constructed and
tested. Every individual transducer application has a set of
specifications and constraints which will require modifica-
tion or revision of the circuits presented. Sources of addi-
tional information which feature more vigorous treatment
are presented in a reference section at the end of the appli-
cation note.

PHOTOMULTIPLIER TUBE (PMT)

Perhaps the most versatile light detector available is the
photomultiplier tube (PMT).These sensors allow single pho-
ton detection, sub-nanosecond rise time, bandwidths ap-
proaching 1 GHz and linearity of response over a range of
107. In addition, they feature extremely low noise, stable
characteristics and very long life. Figure 1a details a typical

ReA
TVP£ R

63<2-'

DYNODES

10M
TYPICAL
VALUES

1000 pF·5000 pF

L-'

Uk 1-
-15V 1-LM32I

112lFC12
1-

••• T.

01, 02, 04 = 2N3054
03, 05 = 2N2222A
•••... =1N4007

R = 500k
T1 = Pulse Engineering PE/6197



PMT along with a signal conditioning circuit. The tube is
composed of a photosensitive cathode, an anode, a focus-
ing electrode and ten dynode stages. In operation, the pho-
tocathode, which is high voltage biased with respect to the
dynodes, emits photoelectrons when it is struck by light.
These are focused into a beam and directed to the first
dynode stage by the focus electrode. These arriving elec-
trons impinge on the dynode, causing secondary emission
to occur. As a result, a greater number of electrons leave
the dynode and are then directed to the second dynode. In
this fashion, a number (e.g.,10) of dynode stages are used
to achieve overall gains of 106 to 108. The electrons from
the final dynode are collected by the anode, which provides
the output current of the tube. In contrast to other vacuum
tubes, the PMT does not use a filament to thermionically
generate electrons. Instead, the photocathode, in combina-
tion with incident light, initiates the electrons. The absence
of a filament means there are no degradation, heat or out-
gassing problems and the life of a PMT is very long.

Signal conditioning involves generating a stable high volt-
age supply and accomplishing a low noise current-to-volt-
age conversion at the anode. In this example, a DC-DC con-
verter is used to supply the dynode potentials to the tube.
The supply is stabilized by the LF412 amplifier which drives
the 03-05 combination to complete a feedback loop around
the 01-02 driven transformer. The LM329 provides a stable
servo reference. In general, the regulation of a PMT supply
should be at least ten times greater than the required mea-
surement gain stability because of the relationship between
a PMT's gain slope and the high voltage applied. The cath-
ode and dynodes are biased from the high voltage supply
via divider resistors. The resistors distribute the dynode po-
tentials in proportion to a ratio which is specified for each
tube type. To prevent non-linear response, the current
through the divider string should be at least ten times the
maximum expected current out of the tube. Some high
speed pulse applications can generate transient high tube
currents which may require the small capacitors shown in
dashed lines. The anode is the tube output and appears as
an almost ideal current source. The LF412 amplifier per-
forms a current-to-voltage conversion with the 1 Mn resis-
tor setting the output scale factor.

The PMT's combination of high speed and extreme sensitiv-
ity suits it to a variety of difficult light measurement chores.
The remarkable photograph of Figure 1b shows the actual
rise and fall time characteristics (inverted) of a fast pulse of

light produced by an LED. This photo was taken with a high
speed PMT which was terminated directly into a 1 GHz
bandwidth, son sampling oscilloscope.

Another PMT application exchanges speed for sensitivity in
a nuclear medical instrument, the Gamma camera.

The Gamma camera operates by using the scintillation
properties of special crystals which are placed in front of an
array of PMTs. Small quantities of radioactive isotopes are
introduced into the patient either by oral ingestion or injec-
tion. Specific isotopes collect at certain organs within the
body. As the radioactive isotopes decay, gamma rays are
emitted from the isotope concentration area. These rays are
collimated by a lead plate containing many small holes
which forms the front of the camera (Figure 28). This colli-
mator allows only those rays which are at right angles to
pass through the plate. The rest are absorbed in the lead. In
this fashion the geometric shape of the gamma source is
preserved and is presented to the scintillation crystal. The
array of PMTs is located behind the crystal. The individual
tubes respond to any given scintillation anywhere in the
crystal with a distribution of signal strengths. This distribu-
tion is used by a processor to determine the precise point of
scintillation in the crystal. Each of these scantillation loca-
tions is recorded on a CRT. After a length of time, this
counting-integration process produces a picture of the or-
gan on the CRT. Figure 2b shows 7 such pictures of a pair
of human lungs, taken 30 seconds apart over a 150 second
period. In photo A, the administered radioactive isotope be-
gins to collect in the lungs. In photo B, the lungs are saturat-
ed. During photos C, D, E, F and G, the isotope progressive-
ly decays. Normally, human lungs will clear after 120 sec-
onds. This particular sequence shows evidence of an ob-
structive pulmonary disease which is most pronounced in
the lower right lung.

'ARRAY OF PMTs

SCINTILLATION
CRYSTAL
LEAD PLATE WITH
PIN HOLES

/
I--------

GAMMA RAYS NOT ALIGNED WITH
HOLES ARE BLOCKED

--------
GAMMA RAYS ALIGN EO WITH

HOLES GO THROUGH LEAO SHIELD

TLiH/5641-3

FIGURE 2a

PYROELECTRIC DETECTOR
The pyroelectric detector represents another class of so-
phisticated photodetector. These ceramic-based radiation
detectors feature an extraordinary light sensitivity range
from microwatts to watts with excellent linearity. Their band-
width is flat from the ultraviolet to the far infrared. Response
is sub-nanosecond and the devices may be operated at
room temperature; no cooling is required. A major difficulty
and source of confusion with signal conditioning pyroelec-
trics is that they do not respond at DC. This limitation, which
is in keeping with all ceramic-based transducers, is sur-
mounted by using a light chopper in front of the detector. In
this fashion, DC light inputs to the detector appear as a
modulated carrier. These devices are used in industrial tem-
perature measurement, spectroscopy and laser power me-
ters. They are also used to measure high speed laser pulse
characteristics.
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signal conditioning circuit. The optical chopper is retained,
but the detector is loaded directly into the summing junction
of a low bias op amp composed of an LF411 and a pair of
sUb-picoamp bias FETs. The low bias current allows low
energy light measurement.

Figure 3a shows a simple voltage mode set-up which can
be used for fast pulses of high energy. In this circuit, the
detector is terminated directly into a high speed 50n oscillo-
scope. In Figure 3b, a slower detector terminates into 1 Mn
and is unloaded by the LH0052 low bias FET amplifier. For
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PIEZOELECTRIC ULTRASONIC RESONATORS
Piezoelectric ultrasonic tranducers are generically related to
pyroelectrics in that they are also ceramic-based. These de-
vices are used for both generation and reception of narrow
band ultrasonic information. The characteristic resonance of
these transducers, in a similar fashion to quartz crystals, is
extremely narrow, allowing high a, noise rejecting systems
to be built around them. As transmitters, they are often driv-
en very hard by steps several hundred volts high at low duty
cycles. This permits substantial ultrasonic power to be gen-
erated and eases the burden of the receiver in the system
(Which could be the same transducer as the transmitter).
Ultrasonic resonators are used in a wide variety of applica-
tions including liquid level detection, intrusion alarms, auto-
matic camera focusing, cardiac ultrasonic profiling (echo-
cardiography) and distance measuring equipment. Figure 48
shows a signal conditioning circuit which capitalizes on the

high a, noise rejection characteristics and fast response of
ultrasonic transducers to accomplish a difficult thermal mea-
surement. This circuit is similar to a type developed to mea-
sure high speed temperature shifts in a gas medium.

In contrast to almost all other temperature sensors, it does
not rely on its sensing element to come into thermal equality
with the measurand. Instead, the relationship between the
speed of sound and the temperature of the medium in which
the sound is propagating is utilized to determine tempera-
ture. The speed of response is therefore very fast and the
measurement is also non-invasive. The relationship be-
tween the speed of sound in any medium and temperature
may be described by equations. As an example, the rela-
tionship in dry air is:

C = 331.5 ~ meters/second,

where C = speed of sound.

TRANSMmER RECBVER----------



For any given value of C the absolute temperature is:

T=~xC2.
(331.5)2

It is clear that because sound speed and the medium in
which it travels have a predictable relationship, a tempera-
ture transducer can be composed of the medium itself. If the
characteristics of the medium can be defined (e.g., its make
up) the transmit time of a sonic pulse through it can be used
to determine its temperature. If narrow band ultrasonic
transducers are used, they will reject sonic noise that may
be occurring in the medium.

A 1 periodically generates a short pulse (waveform A, Figura
4b) that drives the 2N3440 into conduction, forcing the ultra-
sonic 40 kHz transducer to emit a short burst at its resonant
frequency. The 150V pulse amplitude allows substantial ul-
trasonic energy to be coupled into the medium. As this
pulse is generated, the DM7474 flip-flop is set low (wave-
form C, Figura 4b). After a length of time, determined by the
distance between the ultrasonic transducers and the tem-
perature of the gas, the sonic pulse arrives at the receiving
transducer and is amplified by A3 and A4 (A4's output is
waveform B, Figura 4b). This amplified output triggers AG,
which resets the flip-flop high. During the time the flip-flop
was low, the 2N3810 current source was allowed to charge
the 0.01 ",F capacitor (waveform D, Figura 4b). When the
flip-flop is reset high, 02 comes on and the charging ceas-
es. The A2 follower output sits at the capacitor's DC poten-
tial, which is related to the sonic transit time in the gas
stream. The LF398 sample-hold is triggered by the "B"
DM74121 one shot and samples A2's output. The LF398's
output feeds two LH0094 multi-function non-linear convert-
ers which are arranged to linearize the speed of sound ver-
sus temperature relationship. The output of this configura-
tion is the gas temperature which is displayed on the meter.
Gain and zero trims are provided via the A7 and A8 net-
works. When A1 issues another pulse, the DM74121 "A"
one shot resets the 0.01 ",F capacitor to OV and the entire
process repeats.

It is worth noting that no bandwidth limiting of any kind is
employed at the A3-A4 receiver despite their compound
gain of 1000. This would seem to invite noise sensitivity
problems in a sonic system, but the high 0 ultrasonic trans-
ducer provides almost ideal noise rejection. Figura 4c
shows the amplified output of the received pulse superim-
posed on the output of a boardband microphone placed in
the sonic path. Boardband noise 100 dB greater than the 40
kHz pulse is pumped into the sonic path. Virtually complete
noise rejection occurs and signal integrity is maintained.

PIEZOELECTRIC ACCELEROMETER
Another piezoelectric-based transducer is the piezoelectric
accelerometer. These devices utilize the property of certain
ceramic materials to produce charge when subject to me-
chanical excitation. These accelerometers use a mass cou-
pled to the piezoelectric element to generate a force on the
element in response to an acceleration's frequency and am-
plitUde. Calibration and sensitivity can be varied by selecting
the piezoelectric materal and altering the configuration and
amount of the mass. The best way to signal condition these
devices is to employ an amplifier configuration that is direct-
ly sensitive to their charge-type output. Charge amplifiers
use low bias current op amps with capacitive feedback. Out-
put voltage will depend upon the charge out of the acceler-
ometer which is related to the applied acceleration.

In Figura Sa, the transducer looks directly into the ground
potential summing junction of an op amp. Because of this,
there is no voltage difference between the interconnecting
cable center conductor and its shield. This eliminates cable
capacitance effects on the transducer output and allows
long cable runs. It is advisable to use cable specified for low
triboelectric charge effects for best performance, although
this is usually only a factor with relatively low output devices.
The 1011n resistor provides a DC feedback path, while the
variable capacitor sets the sensitivity of the charge-te-volt-
age conversion. When the accelerometer shown is mounted
on a hand-held voltmeter and dropped on the floor, the in-
stantaneous acceleration to which the voltmeter is subject-
ed can be determined. In Figura 5b. the stored trace display



shows an instantaneous force of almost 1000G with smaller
forces generated as the voltmeter bounces 3 times over 60
ms. (It is recommended that this experiment be performed
with a borrowed voltmeter.) ,
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FIGURE5b

liNEAR VARIABLE DIFFERENTIAL
TRANSFORMER (lVDn
The linear variable differential transformer (LVDT) offers
zero-friction position sensing with good precision. Although
potentiometers are easy to signal condition and allow high
precision they cannot match the nearly infinite life and zero-
friction of the LVDT approach. LVDTs are available in both
rotary and stroke mechanical configurations. The LVDT is
basically a transformer (Figure 6a) with a movable core. The
primary is driven with a sine wave which is usually amplitude
stabilized. The two matched secondaries are connected in
series-opposed fashion. When the movable core is posi-
tioned in the magnetic (and usually geometric) center of the
transformer, the secondaries' outputs cancel and no net
secondary voltage appears. This is called the null position.
As the core is moved from null, the differential in flux cou-
pled to the two secondaries produces a net voltage differ-
ence across them.

CORE t
PICKOFF

FIGURE 68
This is the output of transducer. Good transducer perform-
ance (e.g., null cancellation characteristics, linearity, etc.)
requires manufacturer attention to winding techniques, mag-
netic shielding, material choices and other issues. Rectifying
and filtering the output signal will yield only amplitude infor-
mation. Optimum signal conditioning requires a phase sensi-
tive demodulation scheme. This gives the amplitude and
also polarity information necessary to determine on which
side of null the LVDT core is.

Figure 6b shows a circuit which does this. Waveforms of
operation are given in Figure Be. In this circuit, 01 and its
associated components from a phase shift oscillator which
runs at 2.5 kHz, the manufacturer's specified transducer op-
erating frequency. AlA amplifies and buffers 01's output
and drives the LVDT (waveform A, Figure Be). Since the
transducer's output will vary with drive level, feedback is
used to stabilize the 2.5 kHz amplitude. A1C and A1D full
wave rectify a sample of the drive waveform. A1C's filtered
output is applied to A1D, a servo amplifier. A1D compares
A1C's output to the LM329 reference and drives the 01
oscillator to complete an amplitude stabilization loop. The
LVDT's output is amplified by A2C and fed to A2A. A2A is a
unity gain ampilifer whose sign alternates between" +" and
"-". Synchronous switching for A2A comes from Cl
(waveform B, Figure 6e), which is driven by the modulation
sine wave output via a phase shift network. The phase trim
network compensates phase shift in the LVDT and ensures
that C1 switches at the zero crossings relative to A2A's out-
put. When C1's output is low, the 2N4393 FET is off and
A2A's positive input (waveform C, Figure 6e) receives sig-
nal. When the sine wave reverses polarity, Cl's output goes
high, turning on the FET, which grounds A2A's ••+" input.
Under these conditions A2A is always switching its amplifi-
cation's sign from" +" to "-" in synchronism with the sine
wave output from the LVDT. A2A's phase sensitive output,
in this case positive, appears in trace D, Figure Be. A2B
provides a scaled and filtered DC output. To trim the circuit,
set the LVDT to at least % physical displacement and adjust
the phase trim for maximum output indication. Next, adjust
the gain trim for the desired circuit output at full-scale LVDT
displacement.

FORCE-BALANCED PENDULOUS ACCElEROM~TER
The operating principles of the LVDT are applied in the
force-balanced pendulous accelerometer. Transducers of
this type feature wide dynamic range, high linearity and very
high accuracy. Figure 7a shows one form of a conceptual
force-balanced pendulous accelerometer. The device oper-
ates by using an LVDT-type pick-off to determine the posi-
tion of the pendulum. The DC output of the LVDT is fed to a
servo amplifier which drives the torque coil. The magnetic
output of the torque coil completes a servo loop around the
pendulum, forcing it to become immobile. Because the
torque coil's field can attract only the pendulum, a second
bias coil provides a steady force for the torque coil to work
against. When an input acceleration occurs along the sensi-
tive axis, the servo applies the necessary current to the
torque coil to keep the pendUlumfrom moving. The amount
of current required is directly proportional to the value of the
input acceleration. Because the pendulum never moves,
transducer linearity and accuracy can be very high. In addi-
tion, wide dynamic range is possible. Force-balanced accel-
erometers are widely applied in aircraft inertial guidance
systems, aerospace applications, seismic monitoring, shock
and vibration studies, oil drilling platform stabilization and
similar applications. In recent years these accelerometers
have become available in complete signal conditioned
packages, although there are a number of applications
where it is desirable to independently signal condition the
transducer. Figure 7b shows a detailed schematic of such
signal conditioning. The pick-off circuitry is similar to the
LVDT shown in Figure 6b and does not require further com-
ment. The bias coil is driven by the LH0002 boosted LF347
(A1A) which is in a current sensing feedback configuration.
For the accelerometer shown, the manufacturer specifies
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unit in A3S's feedback loop. In addition, accelerometer
damping is controlled by stabilizing the temperature of the

ometers of this type routinely yield 100ppm accuracy from
ranges of 20 mG to 100G.
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RATE GYRO

The rate gyro is another form of high performance inertial
measuring transducer. It consists of an electrically driven
gyroscope with a captive spin axis. Normal gyros are free of
restraint and maintain position when moved. The rate gyro
is held captive and forced to move with the physical input.
By measuring the force generated as the gyro opposes its
restraining mechanism, rate-of-angle change information
can be deduced. Figure 8 shows signal conditioning for a
typical rate gyro. An LVDT -type pick-off is used and syn-
chronous demodulation-type circuitry very similar to Figure
7b is employed. Note the high voltage drive to the gyro mo-
tor (26 Vrms) supplied by the boosted LM143. Because of
their long life and high precision rate, gyros are frequently
employed in inertial guidance systems, drilling platform sta-
bilization systems and other critical applications.

FLUX GATE

A flux gate transducer converts an external magnetic field
(such as that of the earth's) into an electric output. A variety
of flux gate configurations exist, the simplest being a piece
of easily saturable ferrous material wrapped around a cylin-
der (Figure 9a). An alternating current is passed along the
axis of the cylinder which periodically saturates the material,
first clockwise and then counter-clockwise.

A pick-up winding is wrapped around the cylinder. While the
ferrous material is between saturation extremes, it maintains
a certain average permeability. While in saturation, this per-
meability (,... = dB/dH) becomes one (an increase in driving
field H produces the same increase in flux B). If there is no
component of magnetic field along the axis of the cylinder,
the flux change seen by the pick-up winding is zero since
the excitation flux is normal to the axis of the winding. If, on
the other hand, a field component is present along the cylin-
drical axis, then each time the ferrous material goes from
one saturation extreme to the other it produces a pulse out-
put on the signal piCk-Up winding that is proportional to the

STABILIZING
FEEDBACK

(SEE FIGURE 7b)

external magnetic field and the average permeability of the
material. Since this saturation-to-saturation transition occurs
twice each excitation period (fundamental), the frequency of
signal out of the pick-up windings is twice the excitation
frequency.

These transducers find use in metal detectors, submarine
locating gear, electronic compasses, oil surveys, and other
areas where measurement of the strength or locally caused
disturbance of the earth's magnetic field is of interest. Flux
gate transducers are capable of measuring variations in the
earth's magnetic field within one gamma (10-5 oersteds).
Two axis flux gates can be used to construct an electronic
compass. More recent flux gate design employs a core-
shaped transducer, which is essentially two cylinder types
bent together at the ends to form a closed magnetic path.
This permits lower driving power and allows the use of com-
mercially available tape-wound cores to be used to con-
struct the transducer. A simple flux gate and its signal condi-
tioning appears in Figure 9b. Excitation to the flux gate is
provided by the complementary signal output from the
CD4047s. The transistor drives a transformer which is tuned
for resonance. This converts the square wave output of the
CMOS oscillator into a sinusoidal waveform. This sinusoidal
excitation voltage is then converted by the transformer into
a high level AC drive current at the excitation frequency
which is used to drive the sensor.

The output of the sensor signal winding is an AC signal at
twice the excitation frequency and is directly proportional in
amplitude to the external axial magnetic field. This second-
harmonic of the excitation frequency is then phase detected
with a circuit similar to the demodulators shown in Figures
6b and 7b. A portion of the DC output signal may be fed
back (shown in dashed lines) to the signal winding to pro-
vide a closed loop negative feedback system. This feed-
back signal produces a field in the sensor which opposes
the signal being measured. The high forward gain of the
signal channel along with the closed loop negative feed-
back system ensure good stability and linearity of the output
signal.

SPIN MOTOR PICK-OFF----------1
I
I
I
I
I

J

I
I
I
I
IL _

4

RATE GYRO
NORTHROP CORP.

TYPE GR-G5AH7-G.5B

THESE OUTPUT
LOAD VALUES
MANUFACTURER
SPECIFIEDSYNCHRONOUS

DEMODULATOR
(SEE FIGURE 7b)



--1 Z77;;:za{-c>"? FERROUS MATERIAL
(TYPICAL 4-79 MOLYBOENUM PERMALLOY

11/2' LONG-1000 Hz EXCITATION)

SYNCHRONOUS
OEMODULATOR

(SEE FIGURES 6b ANO 7b)
I

~ __ ...J



::>1\:Illcll ~UIIUIUU(lIrIY l6cnntques. vvnen lOW power consump·
lion is necessary, special circuitry must be employed to
eliminate the high current consumption of strain gauge-
based transducers. Normally, the 350n input impedance of
these devices requires substantial drive to achieve a usable
output. For a typical 10V drive level, 35 mA are required;
hardly compatible with low power or battery operation. The
circuit shown in Figure fOa provides complete signal condi-
tioning for strain gauge transducers while using only 1.a mA
average current out of a 9V transistor radio battery. The
output of the circuit is an a-bit word produced by an A-D
converter. The key to achieving low power operation is to

.,% metal film resistor

A1, A2= LM324 Quad

01, 02, 03 =: 2N2222A

*=""'8

T lyUlt:1 IVIJ}, \.all ~U"It:t:S UII, lUfflirlY on me LM.j~U ov regula·
tor. This places 5V at 02's collector. Concurrently, A1B am-
plifies the output of the pulse-edge shaping network at its
input and provides voltage overdrive to emitter-follower 02,
forcing it into saturation. This causes an edge shaped pulse
to be applied to the strain gauge bridge (waveform B, Figure
fOb). This pulse is also used to power A2 and the ADCOa04
A-D converter. The slow edge shaping limits the DV/DT
seen by the transducer as it is pulsed. This eliminates possi-
ble deleterious effects on transducer performance over
time, due to the continuous abrupt step functions being ap-
plied. The transducer bridge output is monitored by the A2
quad, which serves as a differential input (A2A and A2B),



single-ended output (A2C and A2D) amplifier. A2D's output
(waveform C, Figure lOb) feeds the ADC0804 A-D convert-
er. The A-D is triggered by a delayed pulse generated by the
A1C and A1D pair (waveform D, Figure lOb). This pulse is
positioned so that it occurs after A2D's output has settled to
final value. To calibrate the circuit, apply zero physical load
to the transducer shown and adjust the zero trim so the A-D
converter is just below indicating 1 LSB output. Next, apply
(or electrically simulate) 10,000 Ibs. and adjust the gain trim
for a full output code at the A-D converter.

C=5V/DlV

D=5V/IllV
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Introducing the MF10: A
Versatile Monolithic Active
Filter Building Block

A unique alternative for active filter designs is now available
with the introduction of the MF10. This new CMOS device
can be used to implement precise, high-order filtering func-
tions with no reactive components required.

Filter design takes one of two approaches: passive or ac-
tive. Passive designs combine resistors, capacitors and in-
ductors to perform specific frequency filtering in applications
where precision is less important than mass producibility.
For very high frequency applications, a passive approach is
quite often the only way to go. Active filters combine op
amps and discrete transistors, primarily with resistors and
capacitors, to provide impedance·bufferin~ and filter param-
eter tunability. In precision filters, it is most desirable to have
an independent "handle" for each of three basic filter pa-
rameters: resonant frequency (fo), a or quality factor, and
the passband gain (Ho). As a general rule, the degree of
tunability increaSes with the number of amplifiers used. The
three op amp, state variable active filter, Figure I, is most
popular for 2nd order designs.

A major shortcoming of this type of filter is that resonant
frequency accuracy is only as good as the capacitors used.
In high volume productlon, to minimize filter tuning proce-
dures, costly, low-tolerance, low-drift capacitors are re-
quired. Furthermore, these filters use a fair number of com-
ponents; 3 op amps, 7 resistors and 2 capacitors for each
2nd order section. Even the best single amplifier 2nd order
filter realizations require 3 to 5 resistors and 2 capacitors.

To offer designers an attractive alternative to these types of
active filters, a device would have to:

1) eliminate critical capacitors entirely

2) minimize overall parts count

3) provide easy tunability of filter parameters

4) allow lor the design 01 all five filter resp.onses and,

5) simplify design equations.

National Semiconductor
Application Note 307
Tim Regan

These are the design objectives behind the development of
the MF10. Recent advances in sample-data techniques per-
mit the construction of an op amp integrator on a monolithic
substrate without the need for any external capacitors (see
page 11 "The Switched Capacitor Integrator-How it
Works"). The integrator is a key factor in filter designs for
establishing the overall filter time constant and, therefore,
its resonant frequency. The MF10 contains, in one 20-pin
DIP package, all of the necessary active and reactive com-
ponents to construct two complete 2nd order state variable
type active filters, Figure 2. The only external requirements
are for resistors to establish the desired filter parameters.

BASIC CIRCUIT DESCRIPTION

To keep the device as universal as possible, the outputs of
each section of each filter are brought out. This allows de-
signs for all five filtering functions: lowpass, bandpass, high-
pass, allpass and bandreject or notch filters. With two inde-
pendent 2nd order sections in one package, cascading to
achieve 4th order responses can easily be accomplished.
Additionally, any of the classical filter response types such
as Butterworth, Chebyshev, Bessel and Cauer can be imple-
mented.

Between the output of the summing op amp and the input of
the first integrator there is a unique 3-input summing stage
where two of the inputs are subtracted from the third. One
of the (-) inputs is brought out to serve as the signal input
for some filter configurations. The other (-) input is con-
nected through an internal switch to either the lowpass out-
put or analog ground depending upon the desired filter im-
plementation. The direction of this input connection is com-
mon to both halves of the MF10 and is controlled by the
voltage level on the SAIS input terminal.

1 fA6 I 1
10- 2,;YRsVRl R2Cl C2

Q = (1+ ~ + ~) RSRl Cl
RS RSR2C21+-RS

F!GU~~ J. The Unlvetsal State Variable 2nd Order Active Filter
(note th& c6i11plexlfy of design equations and the number of critical

external components)
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FIGURE 2. Block Diagram of the MF10

When tied to VD+ [the (+) supply). the switch connects the
lowpass output. and when tied to VD- [the ( - ) supply],
the connection to ground is made. In some applications one
half of the MF10 may require that both of the (-) inputs to
this summer be connected to ground, while the other side
requires one to be connected to the lowpass output and the
other to ground. For this, the SAIS control should be tied to
the (-) supply and the connection to the lowpass output
should be made externally to the S1A (S1s) pin.
A clock with close to 50%.dlJtycycle is required to control
the resonant frequency of the filter. Either iTL 'or CMOS
logic compatible clocks can be accommodated, whether the
MF10 is powered from split supplies or a single supply, by
simply grounding the level shift (L Sh) control pin.
The resonant frequency of each filter is directly controlled
by its clock. A tri-Ievel control pin sets the ratio of the clock
frequency to the center frequency (the 50/100/CL pin) for
both halves. When this pin is tied to V+ the center frequen-
cy will be 1150 of the clock frequency. When tied to mid-
supply potential (i.e., ground, when biased from split sup-
plies) provides 100 to 1 clock to center frequency operation.
When this pin is tied to V- a power saving supply current
limiter shuts down operation and rolls back the supply cur-
rent by 70%.
Filter center frequency accuracy and stability are only as
good as the clock provided. Standard crystal oscillators,
combined with digital counters, can provide very stable
clocks for specific filter frequencies. A relatively new device
from National's COPS family of microcontrollers and periph-
erals. the COP452 programmable frequency generatorl
counter, finds a unique use with the MF10, Figure 3. This
low cost device can generate two independent 50% duty
cycle clock frequencies. Each clock output is programmed

via a 16-bit serial data word (N). This allows over 64,000
different clock frequencies for the MF10 from a single crys-
tal.
The MF10 is intended for use with center frequencies up to
20 kHz, and is guaranteed to operate with clocks up to 1
MHz. This means that for center frequencies greater than
10kHz. the 50 to 1 clock control should be used. The effect
of using 100 to 1 or 50 to 1 clock to center frequency ratio
manifests itself in the number of "stair-steps'; ~ppa'(ent in
tM output waveform. The MF10 c10setyapprd*iifiates' tfi~
time and frequency domain response of continuous filters
(RC active filters, for example) but does so using sampling
techniques. The clock to center frequency control deter-
mines the number of samples taken (1 per clock cycle) in
one cycle of the center frequency. Therefore. as shown in
the photo of Figure 4, 100 to 1 clocking provides a smoother
looking output as it has twice as many samples per cycle.
For most audio applications, the audible effects of these
step edges and the clock frequency component in the out-
put are negligible as they are beyond 20 kHz. To obtain a
cleaner output waveform, a simple passive RC lowpass can
be added to the output to serve as a smoothing filter without
affecting the MF10 filtering action.
Several of the modes of operation (discussed in a later sec-
tion) allow altering of the clock to center frequency ratio by
an external resistor ratio. This can be used to obtain center
frequencies of values other than 1/50 or 1/100 of the clock
·frequency. In multiple slage, staggered tuned filters. the
center frequency of each stage can be set independently
with resistors to allow the overall filter to be controlled by
just one clock frequency.
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All of the rules of sampling theory apply when using the
MF10. The sampling rate, or clock frequency, should be at
least twice the maximum input frequency to produce the
best equivalent to a continuous time filter. High frequency
components in the input signal that approach the clock fre-
quency will generate aliasing signals which appear at the
output of the lower frequency filter and are indistinguishable
from valid passband signals. Bandlimiting the input signal to
attenuate these potential aliasing frequencies is the best
preventative measure. In most applications, aliasing will not
be a problem as the clock frequency is much higher than
the passband of interest. In the event that a much higher
clock frequency is required, the modes of operation which
utilize external resistor ratios to increase the clock to center
frequency ratio can extend the clock frequency to greater
than 100 times the center frequency. By using a higher
clock frequency, the aliasing frequencies are correspond-
ingly higher. The limiting factor, with regard to increasing the
clock to center frequency ratio, has to do with increased DC
offsets at the various outputs.

THE BASIC FILTER CONFIGURATIONS
There are six basic configurations (or modes of operation)
for the 2nd order sections in the MF10 to realize a wide
variety of filter responses. In all cases, no external capaci-
tors are required. Design is a simple matter of establishing a
few resistor ratios to set the desired passband gain and a
and generating a clock for the proper resonant frequency.
Each 2nd order section can be treated in a modular fashion,
with regard to individual center frequency, a and gain, when
cascading either the two sections within a package or sev-
eral packages for very high order filters. This individuality of
sections is important in implementing the various response
characteristics such as Butterworth, Chebyshev, etc.
The following is a general summary of design hints common
to all modes of operation.
1) The maximum supply voltage for the MF10 is ± 7V or just

+ 14V for single supply operation. The minimum supply
to properly bias the part is 8V.

2) The maximum swing at any of the outputs is typically
within 1V of either supply rail.

3) The internal op amps can source 3 mA and sink 1.5 mA.
This is an important criterion when selecting a minimum
resistor value.

4) The maximum clock frequency is typically 1.5 MHz.
5) To insure the proper filter response, the foxa product of

each stage must be realizable by the MF10. For center
frequencies less than 5 kHz, the foX a product can be as
high as 300 kHz (a must be less than or equal to 150). A
3 kHz bandpass filter, for example, could have a a as
high as 100 with just one section. For center frequencies
less than 20 kHz, the allowable foxa product is limited to
200 kHz. A 10kHz bandpass design using a single sec-
tion should have a a no larger than 20.

6) Center frequency matching from part to part for a given
clock frequency is typically ± 0.2%. Center frequency
drift with temperature (excluding any clock frequency
drift) is typically ± 10 ppml'C with 50:1 sWitching and
± 100 ppml'C for 100:1.

7) a accuracy from part to part is typically ± 2% with a tem-
perature coefficient of ± 500 ppml'C.

8) The expressions for circuit dynamics given with each of
the modes are important. They determine the voltage
swing at each output as a function of the circuit a. A high
a bandpass design can generate a significant peak in the
response at the lowpass output at the center frequency.

9) Both sides of the MF10 are independent, except for sup-
ply voltages, analog ground, clock to center frequency
ratio setting and internal switch setting for the three input
summing stage.

In the following descriptions of the filter configurations, fa is
the filter center frequency, Ho is the passband gain and a is
the quality factor of the complex pole pair and is equal to fo/
BW where BW is the -3 dB bandwidth measured at the
bandpass output.



MODE 1A: Non-Inverting Bandpass, Inverting Band-
pass, Lowpass

This is a minimum external component conliguration (only 2
resistors) uselul lor low Q lowpass and bandpass applica-
tions. The non-inverting bandpass output is necessary lor
minimum phase Iilter designs.

Design Equations

I = IClK or IClK
o 100 50

Q = R3
R2

HOlP = -1
R3

HOSP1 = - R2

HOSP2 = 1 (non-inverting)

Circuit Dynamics

HOSP1 = - Q (this is the reason lor the low Q
recommendation)

HOlP (peak) = Q X HOlP

MODE 1: Notch, Bandpass and Lowpasa

With the addition 01 just one more external resistor, the out-
put dynamics are improved over Mode 1A to allow band-
pass designs with a much higher Q. The notch output lea-
tures equal gain above and below the notch frequency.

Design Equations

I = IClK or IClK
o 100 50

Inotch = 10

Q = R3
A2

A2
HOlP = - A1

A3
HOSp = - A1

HON = - R2 as I -+ 0 and as I -+ IClK
A1 2

Circuit Dynamics

Hosp = HOlP X Q=HON X Q

HOlP (peak) = Q X HOlP (il the DC gain 01 the LP output is
too high, a high Q value could cause clipping at the lowpass
output resulting in gain non-linearity and distortion at the
bandpass output).



MODE 2: Notch (with fn"; fo), Bandpass and Lowpass
This configuration allows tuning of the clock to center fre-
quency ratio to values greater than 100 to 1 or 50 to 1. The
notch output is useful for designing elliptic highpass filters
because the frequency of the required complex zeros
(fnotch)is less than the frequency of the complex poles (fo).

Design Equations

f = fClK ~ 1 + R2 or fClK ~ 1 + R2
o 100 R4 50 R4

f = fClK or fClK
n 100 50

a = /1 + R2 x R3
'J R4 R2

R2

R1
HOlP=~

1 +-
R4

R3
Hosp = R1

R2

R1
HON1(as f --+ 0) = ~

1+-
R4

(
fClK) R2HON2 as f --+ -2- = - R1

Circuit Dynamics
Hasp = Q ~~H~O-l-P-X-H-O-N-2= Q JHON1 X HON2

MODE 3: Hlghpass, Bandpass and Lowpass
This configuration is the classical state variable filter (the
circuit of Figure 1) implemented with only 4 external resis-
tors. This is the most versatile mode of operation, since the
clock to center frequency ratio can be externally tuned ei-
ther above or below the 100 to 1 or 50 to 1 values. The
circuit is suitable for multiple stage Chebyshev filters con-
trolled by a single clock.

Design Equations

f = fClK fR2 or fClK fR2
o 100 VR4 50 V"R4
a = fR2 x R3

V"R4 R2

R2
HOHP= R1

R3
Hosp = - R1

R4
HOlP = - R1

Circuit Dynamics

HOHP= HOlP (::)

HOlP (peak) = a x HOlP

Hosp = a ~HOHPx HOlP

HOHP(peak) = a x HOHP



MODE 3A: Highpass, Bandpass, Lowpass and Notch

A notch output is created from the circuit of Mode 3 by
summing the highpass and lowpass outputs through an ex-
ternal op amp. The ratio of the summing resistors Rh and RI
adjusts the notch frequency independent of the center fre-
quency. For elliptic filter designs, each stage combines a
complex pole pair (at fo) with a complex zero pair (at fnotch)
and this configuration provides easy tuning of each of these
frequencies for any response type. When cascading several
stages of the MF10 the external op amp is needed only at
the final output stage. The summing junction for the interme-
diate stages can be the inverting input of the MF10 internal
op amp.

Design Equations

f = fClK fA2 r fClK fA2
o 100 VP:4° 50 VP:4

0= fA2 x R3
VP:4 R2

fClK fRh fClK fRh
fnotch = 100 V R;" or 50 V R;"

R2
HOHP = - R1

R4
HOlP = - R1

R3
Hosp = - R1

HON (at f = fo) = I 0 (:~ HOlP - :~ HOHP) I

Rg
HONI (asf ~ 0) = - X HOlP

RI

(
fClK) Rg

HONh asf ~ -- = - X HOHP
2 Rh

MODE 4: Aiipass, Bandpass and Lowpass

Utilizing the 81A (81s) terminal as a signal input, an allpass
function can be obtained. An all pass can provide a linear
phase change with frequency which results in a constant
time delay. This configuration restricts the gain at the all-
pass output to be unity.

Design Equations

f = fClK or fClK
o 100 50

fz (frequency of complex zero pair) = fo
R3

0=-
R2

R3
Oz (0 of complex zero pair) = R1

R2
HOAP = - R1 = -1

HOlP = - (:~ + 1) = -2

Hosp = - (1 + R2) R3 = _ 2 R3
R1 R2 R2

Circuit Dynamics

Hosp = HOlP X 0 = (HOAP + 1)0

R, R,

Rh
NOTCH
OUT

MODE 4 -=-

AP, Sl, BP, lP,



MODE 5: Complex Zeros (C.z). Bandpass and Lowpass
This mode features an improved allpass design over that of
Mode 4, in that it maintains a more constant amplitude with
frequency at the complex zeros (C.z) output. The frequen-
cies of the pole pair and zero pair are resistor tunable.

Design Equations

f = fCLK ~ 1 + R2 or fCLK ~ 1 + R2
o 100 R4 50 R4

f = fCLK ~1 _ R1 orfCLK~1 _ R1
z 100 R4 50 R4

MODE 6A: Single Pole, Hlghpass and Lowpass
By using only one of the internal integrators, this mode is
useful for creating odd-ordered cascaded filter responses
by providing a real pole that is clock tunable to track the
resonant frequency of other 2nd order MF10 sections. The
corner frequency is resistor tunable.

Design Equations

f (cuI-off frequency) = feLK (R2) or fCLK (R2)
c 100 R3 50 R3

R3
HOLP = - R1

R2
HOHP = - R1

Q = R3 ~1 + R2
R2 R4

Q = R3 ~1 _ R1
z R1 R4

R2(R4 - R1)
HO(C.z) as f - 0 = R1(R2 + R4)

fCLK R2
HO(C.z) as f - 2" = R1
Hosp = R3 (1 + R2)

R2 R1

R4 (R2 + R1)
HOLP = R1 R2 + R4



MODE 6B: Single Pole Lowpass (Inverting and Non-
Inverting)

This mode utilizes only one of the integrators for a single
pole lowpass, and the input op amp as an inverting amplifi-
er, to provide non-inverting lowpass output. Again, this
mode is useful for designing odd-ordered lowpass filters.

Design Equations

fClK (R2) fClK (R2)fc<cut-off frequency) =100 R3 or 50 R3

R3
HOlP (inverting output) = - R2

HOlP (non-inverting output) = + 1

MODE6B
LPA (N.lNV.) VIM lPA (INV)

SOME SPECIFIC APPLICATION EXAMPLES

For single-supply operation, it is important for several termi-
nals to be biased to half supply. A single-supply design for a
4th order 1 kHz Butterworth lowpass (24 dB/octave or 80
dB/decade rolloff) is shown using Mode 1 in Figure 5. Note
that the analog ground terminal (pin 15), the summer inputs
S1A and S1s (pins 5 and 16) and the clock switching control
pin (pin 12) are all biased to Vcc/2. For symmetrical

split supply operation these pins would be grounded. An
input coupling capacitor is optional, as it is needed only if
the input signal is not also biased to Vcc/2. For a two-stage
Butterworth response, both stages have the same corner
frequency, hence the common clock for both sides. The
resistor values shown are the nearest 5% tolerance values
used to set the overall gain of the filter to unity and to set
the required Q of the first stage (side A) to 0.504 and the
second stage (side B) Q to 1.306 for a flat passband re-
sponse.

A unique advantage of the switched capacitor design of the
MF10 is illustrated in Figure 6. Here the MF10 serves dou-
ble duty in a data acquisition system as an input filter for
simple bandlimiting or anti-aliasing and, as a sample and
hold to allow larger amplitude, higher frequency input sig-
nals. By gating OFF the applied clock, the switched capaci-
tor integrators will hold the last sampled voltage value. The
droop rate of the output voltage during the hold time is ap-
proximately 0.1 mV per ms.

A useful non-filtering application of the MF10 is shown in
Figure 7. In this circuit, the MF10, together with an LM311
comparator, are used as a resonator to generate stable am-
plitude sine and cosine outputs without using AGe circuitry.
The MF10 operates as a Q of 10 bandpass filter which will
ring at its resonant frequency in response to a step input
change. This ringing signal is fed to the LM311 which cre-
ates a square wave input signal to the bandpass to regener-
ate the oscillation. The bandpass output is the filtered fun-
damental frequency of a 50% duty cycle square wave. A 90·
phase shifted signal of the same amplitude is available at
the lowpass output through the second integrator in the
MF10. The frequency of oscillation is set by the center fre-
quency of the filter as controlled by the clock and the
50:1/100: 1 control pin. The output amplitude is set by the
peak to peak swing of the square wave input, which in this
circuit is defined by the back to back diode clamps at the
LM311 output.

OUTPUT 13k 10k

'="
20 19 18 17 16 15 14 13 12 11

l"" 8"" N/API INV. 81. AGNO V,- Vo- 50/100V ClK.
10k H"" Cl

MF10

N/API
lP, 8P, HP, INV, 81, SAIB V,· Vo· l8h ClK<

1 2 5 9 10

C

INPUT- --H---

100 kHz
CLOCK5V.., r-

ov-u

FIGURE 5. Only 6 resistors required for this 4th order, 1 kHz Butterworth
lowpass filter. This example also Illustrates single-supply biasing.
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Finally, as a graphic illustration of the simplicity of filter im-
plementation using the MF10, Figure 8 is a complete 300
baud, full-duplex modem filter. The filter is an 8th order, 1
dB ripple Chebyshev bandpass which functions as both an
1170 Hz originate filter and a 2125 Hz answer filter. Control
of answer or originate operation is set by the logic level at
the 50/100/CL input so that only one clock frequency is
required. The overall filter gain is 22 dB.

Construction of this filter on a printed circuit board would
obviously be more compact than an RC active filter ap-
proach and much more cost effective for the level of preci-
sion required. An even more attractive implementation from
a space savings point of view would be a hybrid circuit ap-
proach. A film resistor array connecting to two MF10 die
could produce the entire filter in one package requiring only
7 external connections for input, output, supplies. etc.

::5-
ORIGINATE

1n.
150 kNz
CLOCK



THE SWITCHED CAPACITOR INTEGRATOR-HOW IT
WORKS
The most important feature of the MF10 is that it requires no
external capacitors, yet can implement filters over a wide
range of frequencies. A clock is used to control the time
constant of two non-inverting integrators. To feel comfort-
able with the operation of the MF10, it is important to under-
stand how this control is accomplished.
It is easiest to discuss an inverting integrator (Figure A) and
how its input resistor can be replaced by 2 switches and a
capacitor (Figure 8). In Figure A the current which flows
through feedback capacitor C is equal to VIN/R and the
circuit time constant is RC. This time constant accuracy de-
pends on the absolute accuracy of two completely different
discrete components. In Figure B, switches 51 and 52 are
alternately closed by the clock. When switch 51 is closed
(52 is opened), capacitor C1 charges up to VIN. At the end
of half a clock period, the charge on C1 (OC1) is equal to
VINxC1. When the clock changes state, 51 opens and 52
closes. During this half of the clock period all of the charge
on C1 gets transferred to the feedback capacitor C2.
The amount of charge transferred from the input, VIN,to the
summing junction [the (-) input] of the op amp during one
complete clock period is VINC1. Recall that electrical cur-
rent is defined as the amount of charge that passes through
a conduction path during a specific time interval (1
ampere = 1 coulomb per second). For this circuit, the cur-
rent which flows through C2 to the output is:

dO VINC1
I=M=-T-=VINC1 fCLK

where T is equal to the clock period.

c

~
V,. -

':' +OA Vou,

The effective resistance from VIN to the (-) input is there-
fore:

VIN 1R=-=--
1 C1 fCLK

This means that 51, 52 and C1, when clocked in Figure B,
act the same as the resistor in Figure A to yield a clock
tunable time constant of:

C2
T=---

C1 fCLK
Note that the time constant of the switched capacitor inte-
grator is dependent on a ratio of two capacitor values,
which, when fabricated on the same die, is very easy to
control. This can provide precise filter resonant frequency
control both from part to part and with changes in tempera-
ture.
The actual integrators used in the MF10 are non-inverting,
requiring a slightly more elegant switching scheme, as
shown in Figure C. In this circuit, 51A and 51s are closed
together to charge C1 to VIN.Then 52A and 52s are closed
to connect C1 to the summing junction with the capacitor
plates reversed, to provide the non-inverting operation. If
VIN is positive, Your will move positive as C2 acquires the
charge from C1.



Theory and Applications of
Logarithmic Amplifiers

A number of instrumentation applications can benefit from
the use of logarithmic or exponential signal processing tech-
niques. The design and use of logarithmic/exponential cir-
cuits are often associated with involved temperature com-
pensation requirements and difficult to stabilize feedback
loops. For these considerations and others, designers tend
to avoid these circuits. Hybrid and modular logarithmic/ex-
ponential devices are available commercially, but are quite
expensive and earn very high profits for their manufacturers.
The theory and construction of these circuits are actually
readily understood. Figure 1 shows an amplifier which pro-
vides a logarithmic output for a linear input current or volt-
age. For input currents, the circuit will maintain 1% logarith-
mic conformity over almost 6 decades of operation. This
circuit is based, as are most logarithmic circuits, on the in-
herent logarithmic relationship between collector current
and VSEin bipolar transistors. alA functions as the logging
transistor in this circuit and is enclosed within AlA's feed-
back loop, which includes the 15.7 kO-l kO divider. The
circuit's input will force AlA's output to achieve whatever
value is required to maintain its summing junction at zero
potential. Because alA's response is dictated by the loga-
rithmic relationship between collector current and VSE, the
output of A1A will be the logarithm of the circuit input. A1B
and alB provide compensation for alA's VSEtemperature
dependence. A1B servos alB's collector current to equal
the 10 IJ-Acurrent established by the LM329 reference di-
ode and the 700 kO resistor. Since al B's collector current
cannot vary, its VSE is also fixed. Under these conditions
only alA's VSE will be affected by the circuit's input. The

National Semiconductor
Application Note 311

l5.7k + lk
EOUT= lk (VSEalB - VSEalA)

For alA and alB operating at different collector currents,
the VSEdifference is:

KT ICOIAaVSE = -10ge--
q ICalS

where K= Boltzmon's constant
T=temperature "K
q= charge of an electron.

If both equations are combined. the circuit output for a volt-
age input is:

E -KT15.7k+lk E,Ne700k
OUT=-9- lk loge6.9vel00k

where 6.9V=Vz of LM329
lOOk= input resistor
EIN~O.

This confirms that the circuit output voltage is logarithmical-
ly related to the circuit's input. Without some form of com-
pensation, the scale factor will change with temperature.
The simplest way to avoid this is to have the 1 kO value vary
with temperature. For the device shown. compensation is
within 1% over -25"C to +100"C. The circuit's gain is set
by the 15.7 kO-l kO divider to a factor of tV/decade.

·1 % film resistor
tType oa1, Tel Labs

AlA, A1S = LF412 dual

alA, 01e = LM394 dual



This circuit may be easily turned around to generate expo-
nentials. In Figure 2, 01A is driven from the input via the
15.7 kfi divider. 01 B's collector current varies exponentially
with its VSE,and A1B provides a voltage output representa-
tion of this action.
These circuits are easy to construct and use if a few consid-
erations are kept in mind. Because of the VSE and scale
factor temperature dependences, it is important that 01A,
01 B and the 1 kfi resistor be kept at the same temperature.
Since 01 is a dual monolithic device, both halves will track.
The resistor should be mounted as closely as possible to

* 1% film resistor
tType 081, Tel Labs

AlA, A1B = LF412 dual

alA, 01 B = LM394 dual

01, and these components should be kept away from air
currents or drafts. The KT/9 factor for which the resistor
compensates varies at about O.3%I'C, so a few degrees
difference between 01 and the resistor will introduce signifi-
cant error.
Once the theory and construction techniques are under-
stood, the circuits can be applied. Figure 3 shows a way to
achieve very precise control of a rotary pump, used to feed
a biochemical fermentation process. In this example, the
exponentiator, composed of 01 and A1A, is driven from

LM329
1.2k

15V

69.5k-
+REF

10k +REF 15V

6DDHz
lOOk- TRIM 25k- 10k- 10k

0.1 Hz TRIM
1.F

lkt

.,% film resistor
tType 081, Tel Labs

--..- = lN4148
alA, 01B= LM394 dual
02-05 = TIP112 Darlington
AlA, A1B, A1C, A1D= LF347

TOSTEPPER
MOTORAND
PUMP HEAD



input amplifier A 1D. 01 S's collector current, instead of bias-
ing a voltage output amplifier as in Figure 2, pulls current
from the A 1S integrator which ramps up (trace A, Figure 4)
until it is reset by level triggered A1C (A1C output is trace S,
Figure 4). The 100 pF capacitor provides AC positive feed-
back to A3C's "+" input (trace C, Figure 4). The magnitude
of the current that 01 S's collector pulls from A 1S's sum-
ming junction will set the frequency of operation of this os-
cillator. Note that the operation of the exponentiator is simi-
lar to the basic circuit in Figure 3 because A 1S's summing
junction is always at virtual ground. A 1C's output drives the
MM74C76 flip-flop to bias the output transistors with 4-
phase drive for a stepper motor which runs the pump head.
In practice, the exponentiator allows very fine and predict-
able control for very slow pump rates (e.g., 0.1 rpm-10 rpm
of the stepper motor), aiding tight feedback control of the
fermentation process. When high pump rates are required,
such as during process start-up or when a wide feedback
control error exists, the exponentiator can be voltage direct-
ed to the top of its range. To calibrate the circuit, ground VIN
and adjust the 0.1 Hz trim until oscillation just ceases. Next,
apply 7.5V at VIN and adjust the 600 Hz trim for 600 Hz
output frequency. Figure 5 shows a circuit similar to Figure

·1 % film resistor

tType 081. Tel Labs

A1A. A18 ~ LF412 dual

01A. Ot8 ~ LM394 dual

3, except that a more accurate V-F converter is used. This
circuit is intended for laboratory and audio studio applica-
tions requiring an oscillator whose frequency changes expo-
nentially with an applied input sweep voltage. Applications
include swept distortion measurements (where this circuit's
output is used to drive a sine coded ROM-DAC combination
or analog shaper) and music synthesizers. The V-F convert-
er employed allows better than 0.15 % total conformity over
a range of 10 Hz-30 kHz. The voltage reference used to
drive A1A's input resistor is derived from the LM331A's in-
ternal reference and is scaled by A 1S, which also biases the
zero trim setting. The DM74C74 provides a square wave
output for applications requiring a waveform with substantial
fundamental frequency content. The 0.15% conformity per-
formance achieved by this circuit will meet almost any syn-
thesizer or swept distortion measurement and the scale fac-
tor may be easily varied. To trim, apply OV to the input and
adjust zero until oscillation (typically 2 Hz-3 Hz) just starts.
Next, apply - 8V and adjust the 5k unit for an output fre-
quency of 30 kHz. For the values given, the K factor of the
exponentiator will yield a precise doubling in frequency for
each volt of input (e.g., 1V in per octave out).

0.0033
POLY

~

foUT
tOHz-
30 kHz

FIGURE 5
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retrofitted to large fuel tanks which supply pump motors. It is
desirable to run the gas tanks down as closely to empty as
possible to eliminate condensation build-up without running
out of fuel. This acoustically-based scheme operates by
bouncing an ultrasonic pulse off the liquid level surface and
using the elapsed time to determine the fuel remaining. This
time is converted to a voltage, which is exponentiated to
provide a readout with high resolution for nearly empty

set nlgn (trace C, Figure 7) and the DM74C221 one-shot
(trace 0, Figure 7) is used to disable the output of the re-
ceiver amplifier. The acoustic pulse bounces off the gaso-
line's surface and returns to the transducer. By this time, the
disable pulse has gone low and the A1A, A1B, A1C and C1
receiver responds (trace B, Figure 7) to the transducer's
output. C1's output resets the flip-flop low via the DM74C04
inverter. The width of the 60 Hz flip-flop output pulse repre-
sents the transit time and the fuel remaining. This width is

.
60 Hz DERIVED lOOk
ClDCKINPUT

lk lk
lk

~l'F ~l~
lk

1/6 DM74CD4
lDk

fType 081, Tel Labs

-l""..- = type MK·l09, Massa
AlA, A1B, A1C, A1D= LF347 quad

Cl =LM311
01A, OlB= LF412 dual'* =1N4148



voltage clamped and integrated at A1D, whose output
drives the exponentiator. The 1V/ decade scale factor of the
exponentiator means that the last 20% of the meter scale
corresponds to a tank with only 2% fuel remaining. The first
10% of the meter indicates 80% of the tank's capacity.
The last application determines density by using photome-
try. In this arrangement, a light source is optically split (Fig-
ure 8) and the resultant two beams drive light through a
sample and an optical density reference. In this case, the
optical sample is a grape, and the photometric set-up is
used to correlate the optical density of the grape with its
ripeness. Two photomultiplier tubes detect the light passed
by the sample and the reference. The ratio of the photomul-
tiplier outputs, which may vary over a wide range, is depen-
dent upon the optical density difference of the sample and
the reference. The tubes' output feed a log ratio amplifier.
This configuration dispenses with the fixed current refer-
ence normally employed, and substitutes the output of the

J:~;~:J:~ SAM~E

D-~'::-
l)-e-

BEAM /"" OPTICAL
SPUTTER DENSITY

REFERENCE

reference channel photomultiplier. In this fashion, the log
amplifier's output represents the ratio between the densities
of the sample and reference channels over a wide dynamic
range. Variations in the light source intensity have no effect.
Strictly speaking, the LF356 inputs are not at virtual ground,
and an imperfect current-to-voltage conversion should re-
sult. In fact, the output impedance of the photomultipliers is
so high that errors are minimal. The most significant log
conformance error source in this simple log circuit is the fact
that the transistor's collectors are at slightly different poten-
tials. For the application shown, this uncertainty is not signif-
icant.

REFERENCES
Non-Linear Circuits Handbook; Analog Devices, Inc.
Logarithmic Converters, Application Note AN-30;

R. C. Dobkin; National Semiconductor Cofporation.
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Understanding Integrated
Circuit Package Power
Capabilities

INTRODUCTION

The short and long term reliability of National Semiconduc-
tor's interface circuits, like any integrated circuit, is very de-
pendent on its environmental condition. Beyond the me-
chanical/ environmental factors, nothing has a greater influ-
ence on this reliability than the electrical and thermal stress
seen by the integrated circuit. Both of these stress issues
are specifically addressed on every interface circuit data
sheet, under the headings of Absolute Maximum Ratings
and Recommended Operating Conditions.

However, through application calls, it has become clear that
electrical stress conditions are generally more understood
than the thermal stress conditions. Understanding the im-
portance of electrical stress should never be reduced, but
clearly, a higher focus and understanding must be placed on
thermal stress. Thermal stress and its application to inter-
face circuits from National Semiconductor is the subject of
this application note.

FACTORS AFFECTING DEVICE RELIABILITY

Figure 1 shows the well known "bathtub" curve plotting fail-
ure rate versus time. Similar to all system hardware (me-
chanical or electrical) the reliability of interface integrated
circuits conform to this curve. The key issues associated
with this curve are infant mortality, failure rate, and useful
life.

INFANT
MORTALITY
(SHAOEO AREA)

m n tt
EARLY LIFE USEFUL LIFE WEAROUT TIME

TL/F/5280-1
FIGURE 1. Failure Rate va Time

Infant mortality, the high failure rate from time to to t1 (early
life), is greatly influenced by system stress conditions other
than temperature, and can vary widely from one application
to another. The main stress factors that contribute to infant
mortality are electrical transients and noise, mechanical
maltreatment and excessive temperatures. Most of these
failures are discovered in device test, burn-in, card assem-
bly and handling, and initial system test and operation. Al-
though important, much literature is available on the subject
of infant mortality in integrated circuits and is beyond the
scope of this application note.

National Semiconductor
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Failure rate is the number of devices that will be expected to
fail in a given period of time (such as, per million hours). The
mean time between failure (MTBF) is the average time (in
hours) that will be expected to elapse after a unit has failed
before the next unit failure will occur. These two primary
"units of measure" for device reliability are inversely relat-
ed:

MTBF = 1
Failure Rate

Although the "bathtub" curve plots the overall failure rate
versus time, the useful failure rate can be defined as the
percentage of devices that fail per-unit-time during the flat
portion of the curve. This area, called the useful life, extends
between t1 and t2 or from the end of infant mortality to the
onset of wearout. The useful life may be as short as several
years but usually extends for decades if adequate design
margins are used in the development of a system.

Many factors influence useful life including: pressure, me-
chanical stress, thermal cycling, and electrical stress. How-
ever, die temperature during the device's useful life plays an
equally important role in triggering the onset of wearout.

FAILURE RATES va TIME AND TEMPERATURE

The relationship between integrated circuit failure rates and
time and temperature is a well established fact. The occur-
rence of these failures is a function which can be represent-
ed by the Arrhenius Model. Well validated and predominant-
ly used for accelerated life testing of integrated circuits, the
Arrhenius Model assumes the degradation of a performance
parameter is linear with time and that MTBF is a function of
temperature stress. The temperature dependence is an ex-
ponential function that defines the probability of occurrence.
This results in a formula for expressing the lifetime or MTBF
at a given temperature stress in relation to another MTBF at
a different temperature. The ratio of these two MTBFs is
called the acceleration factor F and is defined by the follow-
ing equation:

F = X1 = exp [~ (~ _ ~) ]
X2 K T2 T1

Where: X1 = Failure rate at junction temperature T1

X2 = Failure rate at junction temperature T2

T = Junction temperature in degrees Kelvin

E = Thermal activation energy in electron volts
(ev)

K = Boltzman's constant



However, the dramatic acceleration effect of junction tem-
perature (chip temperature) on failure rate is illustrated in a
plot of the above equation for three different activation en-
ergies in Figure 2. This graph clearly demonstrates the im-
portance of the relationship of junction temperature to de-
vice failure rate. For example, using the 0.99 ev line, a 30'
rise in junction temperature, say from 130'C to 160'C, re-
sults in a 10 to 1 increase in failure rate.
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FIGURE 2. Failure Rate as a Function
of Junction Temperature

DEVICE THERMAL CAPABiliTIES

There are many factors which affect the thermal capability
of an integrated circuit. To understand these we need to
understand the predominant paths for heat to transfer out of
the integrated circuit package. This is illustrated by Figures
3 and 4.

Figure 3 shows a cross-sectional view of an assembled inte-
grated circuit mounted into a printed circuit board.

Figure 4 is a flow chart showing how the heat generated at
the power source, the junctions of the integrated circuit

flows from the chip to the ultimate heat sink, the ambient
environment. There are two predominant paths. The first is
from the die to the die attach pad to the surrounding pack-
age material to the package lead frame to the printed circuit
board and then to the ambient. The second path is from the
package directly to the ambient air.

Improving the thermal characteristics of any stage in the
flow chart of Figure 4 will result in an improvement in device
thermal characteristics. However, grouping all these charac-
teristics into one equation determining the overall thermal
capability of an integrated circuit/package/environmental
condition is possible. The equation that expresses this rela-
tionship is:

TJ = TA + PD(6JA)

Where: TJ = Die junction temperature

TA = Ambient temperature in the vicinity device

PD = Total power dissipation (in watts)

6JA = Thermal resistance junction-to-ambient

6JA, the thermal resistance from device junction-to-ambient
temperature, is measured and specified by the manufactur-
ers of integrated circuits. National Semiconductor utilizes
special ve.hicles and methods to measure and monitor this
parameter. All interface circuit data sheets specify the ther-
mal characteristics and capabilities of the packages avail-
able for a given device under specific conditions-these
package power ratings directly relate to thermal resistance
junction-to-ambient or 6JA.

Although National provides these thermal ratings, it is crit-
ical that the end user understand how to use these numbers
to improve thermal characteristics in the development of his
system using interface components.
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(JJA,worst-case ambient operating temperature, TA(max),
the only unknown parameter is device power dissipation,
Po. In calculating this parameter, the dissipation of the inte-
grated circuit due to its own supply has to be considered,
the dissipation within the package due to the external load
must also be added. The power associated with the load in
a dynamic (switching) situation must also be considered.
For example, the power associated with an inductor or a
capacitor in a static versus dynamic (say, 1 MHz) condition
is significantly different.
The junction temperature of a device with a total package
power of 600 mW at 70·C in a package with a thermal re-
sistance of 63·C/W is 10S·C.

TJ = 70·C + (63·C/W) x (0.6W) = 10S·C
The next obvious question is, "how safe is 10S·C?"

MAXIMUM ALLOWABLE JUNCTION TEMPERATURES
What is an acceptable maximum operating junction temper-
ature is in itself somewhat of a difficult question to answer.
Many companies have established their own standards
based on corporate policy. However. the semiconductor in-
dustry has developed some defacto standards based on the
device package type. These have been well accepted as
numbers that relate to reasonable (acceptable) device life-
times, thus failure rates.
National Semiconductor has adopted these industry-wide
standards. For devices fabricated in a molded package, the
maximum allowable junction temperature is 150·C. For
these devices assembled in ceramic or cavity DIP pack-
ages, the maximum allowable junction temperature is
175·C. The numbers are different because of the differenc-
es in package types. The thermal strain associated with the
die package interface in a cavity package is much less than
that exhibited in a molded package where the integrated
circuit chip is in direct contact with the package material.
Let us use this new information and our thermal equation to
construct a graph which displays the safe thermal (power)
operating area for a given package type. Figure 5 is an ex-
ample of such a graph. The end points of this graph are
easily determined. For a 16-pin molded package, the maxi-
mum allowable temperature is 150·C; at this point no power
dissipation is allowable. The power ca"ability at 25·C is
1.9SWas given by the following calculation:

• _ TJ(max)-TA _ 150·C-25·C _ SW
Po@25 C - (JJA - 63.C/W - 1.9

(JJA
As mentioned, Figure 5 is a plot of the safe thermal operat-
ing area for a device in a 16-pin molded DIP. As long as the
intersection of a vertical line defining the maximum ambient
temperature (70·C in our previous example) and maximum
device package power (600 mW) remains below the maxi-
mum package thermal capability line the junction tempera-
ture will remain below 150·G-the limit for a molded pack-
age. If the intersection of ambient temperature and package
power fails on this line. the maximum junction temperature
will be 150·C. Any intersection that occurs above this line
will result in a junction temperature in excess of 150·C and
is not an appropriate operating condition.
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FIGURE 5. Package Power Capability
va Temperature

The thermal capabilities of all interface circuits are ex-
pressed as a power capability at 25·C still air environment
with a given derating factor. This simply states. for every
degree of ambient temperature rise above 25°C, reduce the
package power capability stated by the derating factor
which is expressed in mWrC. For our exampl&-a (JJAof
63·C/W relates to a derating factor of 15.9 mWrC.

FACTORS INFLUENCING PACKAGE
THERMAL RESISTANCE
As discussed earlier. improving any portion of the two pri-
mary thermal flow paths will result in an improvement in
overall thermal resistance junction-to-ambient. This section
discusses those components of thermal resistance that can
be influenced by the manufacturer of the integrated circuit. It
also discusses those factors in the overall thermal resist-
ance that can be impacted by the end user of the integrated
circuit. Understanding these issues will go a long way in
understanding chip power capabilities and what can be
done to insure the best possible operating conditions and,
thus. best overall reliability.



Die Size
Figure 6 shows a graph of our 16-pin DIPthermal resistance
as a function of integrated circuit die size. Clearly, as the
chip size increases the thermal resistance decreases-this
relates directly to having a larger area with which to dissi-
pate a given power.
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Lead Frame Material
Figure 1shows the influence of lead frame material (both
die attach and device pins) on thermal resistance. This
graph compares our same 16-pin DIP with a copper lead
frame, a Kovar lead frame, and finally an Alloy 43 type lead
frame-these are lead frame materials commonly used in
the industry. Obviously the thermal conductivity of the lead
frame material has a significant impact in package power
capability. Molded interface circuits from National Semicon-
ductor use the copper lead frame exclusively.
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Board vs Socket Mount
One of the major paths of dissipating energy generated by
the integrated circuit is through the device leads. As a result
of this. the graph of Figure 8 comes as no surprise. This
compares the thermal resistance of our 16-pin package sol-
dered into a printed circuit board (board mount) compared
to the same package placed in a socket (socket mount).
Adding a socket in the path between the PC board and the
device adds another stage in the thermal flow path, thus
increasing the overall thermal resistance. The thermal capa-
bilities of National Semiconductor's interface circuits are
specified assuming board mount conditions. If the devices
are placed in a socket the thermal capabilities should be
reduced by approximately 5% to 10%.
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AirFlow
When a high power situation exists and the ambient temper-
ature cannot be reduced. the next best thing is to provide air
flow in the vicinity of the package. The graph of Figure 9
illustrates the impact this has on thermal resistance. This
graph plots the relative reduction in thermal resistance nor-
malized to the still air condition for our 16-pin molded DIP.
The thermal ratings on National Semiconductor's interface
circuits data sheets relate to the still air environment.
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FIGURE 9. Thermal Resistance vs Air Flow

Other Factors
A number of other factors influence thermal resistance. The
most important of these is using thermal epoxy in mounting
ICs to the PC board and heat sinks. Generally these tech-
niques are required only in the very highest of power appli-
cations.
Some confusion exists between the difference in thermal
resistance junction-to-ambient (lIJA) and thermal resistance
junction-to-case (lIJcl. The best measure of actual junction
temperature is the junction-to-ambient number since nearly
all systems operate in an open air environment. The only
situation where thermal resistance junction-to-case is impor-
tant is when the entire system is immersed in a thermal bath
and the environmental temperature is indeed the case tem-
perature. This is only used in extreme cases and is the ex-
ception to the rule and, for this reason, is not addressed in
this application note.



NATIONAL SEMICONDUCTOR
PACKAGE CAPABILITIES

Figures 10 and 11 show composite plots of the thermal
characteristics of the most common package types in the
National Semiconductor Interface Circuits product family.
Figure 10 is a composite of the copper lead frame molded
package. Figure 11 is a composite of the ceramic (cavity)
DIP using poly die attach. These graphs represent board
mount still air thermal capabilities. Another. and final. ther-
mal resistance trend will be noticed in these graphs. As the
number of device pins increase in a DIP the thermal resist-
ance decreases. Referring back to the thermal flow chart.
this trend should. by now. be obvious.

RATINGS ON INTERFACE CIRCUITS DATA SHEETS

In conclusion. all National Semiconductor Interface Prod-
ucts define power dissipation (thermal) capability. This infor-
mation can be found in the Absolute Maximum Ratings sec·
tion of the data sheet. The thermal information shown in this
application note represents average data for characteriza-
tion of the indicated package. Actual thermal resistance can
vary from ± 10% to ± 15% due to fluctuations in assembly
quality. die shape, die thickness. distribution of heat sources
on the die. etc. The numbers quoted in the interface data
sheets reflect a 15% safety margin from the average num·

Molded (N Package) DIP'
Copper Leadframe-HTP
Die Attach Board Mount-
Still Air
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OlE SIZE (kMIL')

·Packages from 8- to 20-pin 0.3 mil width TLIF/5280-10

22-pin 0.4 mil width

24- to 40-pin 0.6 mil width

FIGURE 10. Thermal Resistance vs Die Size
vs Package Type (Molded Package)

bers found in this application note. Insuring that total pack-
age power remains under a specified level will guarantee
that the maximum junction temperature will not exceed the
package maximum.

The package power ratings are specified as a maximum
power at 25·C ambient with an associated derating factor
for ambient temperatures above 25·C. It is easy to deter-
mine the power capability at an elevated temperature. The
power specified at 25·C should be reduced by the derating
factor for every degree of ambient temperature above 25·C.
For example. in a given product data sheet the following will
be found:

Maximum Power Dissipation' at 25·C
Cavity Package 1509 mW
Molded Package 1476 mW

• Derate cavity package at 10 mW fOe above 25°C; derate molded package
at 11.8 mWrC above 25·C.

If the molded package is used at a maximum ambient tem-
perature of 70·C. the package power capability is 945 mW.

PD @ 70·C = 1476 mW - (11.8 mW rC) x (70·C - 25·C)

= 945mW

Cavity (J Package) DIP'
Poly Die Attach Board
Mount-Still Air
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FIGURE 11. Thermal Resistance vs Die Size
vs Package Type (Cavity Package)



LH 1605 Switching
Regulator

INTRODUCTION

The LH1605 is the first in a family of high-efficiency switch-
ing regulators designed to simplify power conversion while
minimizing power losses. It can deliver 5 amps continuous
output current and operate over a wide range of input and
output voltages. In classic step-down voltage regulator ap-
plications it requires only 4 external parts: a resistor, 2 ca-
pacitors and an inductor. The device is housed in a standard
8-pin TO-3 power package containing a temperature com-
pensated voltage reference, an error amplifier, a pulse-
width modulator with programmable operating frequency
and a high current output switch and steering diode. Typical
performance of the LH1605 is summarized in Table I.

This discussion details LH 1605 operating theory and ana-
lyzes device power considerations. It also explains DC/DC
conversion using the LH1605 and presents design criteria
and examples. A section suggesting other typical LH1605
applications is included, as in an appendix listing suppliers
of capacitors, magnetic components and heat sinks suitable
for use with the LH1605.

TABLE I. LH1605 Typical Performance Characteristics

Parameter Value

10 Continuous Output Current 5A
V,N Input Voltage 10V-35V

Va Output Voltage 3V-30V
Vs Switch Saturation Voltage, lAV

'OUT = 4A
ll.VR Line RegUlation of 20mV

Reference Voltage

'1 Efficiency 70%

°JC Thermal Resistance 5°C/W

TIMING
CAPACITOR.

C,

National Semiconductor
Application Note 343

THEORY OF OPERATION

Unlike linear regulators, which rely on a linear series ele-
ment to control the flow of power to a load, switching regu-
lators utilize a series switch which is either open or closed
(Figure 1). Average output voltage is proportional to the ra-
tio of switch closed time to switch open time, expressed as
the switch duty cycle.

0= toN
(1)

toN + toFF

r--,
+

L_...J l+
V,. -=- RL Vo

1

If-:-l
I I

+ IYl.-=- L_..J

FIGURE 1b. Switching Regulator

A switching regulator achieves a constant average output
by varying the switch duty cycle according to output feed-
back.

In the LH1605 (Figure 2), a pulse-width modulator operating
at a frequency determined by an external capacitor, CT, var-
ies the duty cycle of a Darlington transistor switch according
to the feedback voltage applied to pin 3.



To achieve precise regulation, the difference between the
feedback voltage and the internal reference is amplified,
creating an error voltage which varies inversely with the
feedback signal. This error voltage is compared to a period-
ic ramp voltage created across CT by a constant current
source within the oscillator. Comparator output is low until
the ramp voltage exceeds the error voltage. Figure 3 illus-
trates how fluctuations in error voltage alter the duty cycle
of the comparator's output.
The comparator output is logically combined with a blanking
pulse created by the oscillator while discharging CT. This
produces a constant frequency switch drive signal whose
leading edge coincides with the falling edge of the blanking
pulse. Note that, because the oscillator blanking pulse is
shorter than the combined delay time of the drive signal
buffer and the switch transistors, the LH160S can run at
100% duty cycle for sufficiently low feedback voltage on
pin 3.

FIGURE 3. LH1605 Timing Diagram

EFFICIENCY CALCULATIONS
Because high-efficiency is the principle advantage of
switched-mode power conversion, switching regulator loss-
es are an important design concern. Losses and efficiency
of the LH160S can be calculated with the following equa-
tions. (Note: pin 7 is grounded; 10 = average current output
at pin 8.)

SWitchingPeriod (T) =
1
- = toN + toFF (2)
fO

Duty Cycle (D) =

toN Vo + VF
tON +tOFF VIN - Vs + VF

Transistor DC Losses (PT) =

Vs x 10x D

Transistor SWitching Losses (Ps) =

(V V) I (tr + tf + 2ts) fo
IN + F X 0 x 2

Diode DC Losses (Po) =

VF X 10 x (1 -D)

Drive Circuit Losses (DLl =

VIN2 X D
300

Power Output (Po) =

(VIN - Vs) toN - (VF)toFF x 10
toN + toFF

Efficiency ('Ij) =

Po = Po
PIN Po + PT + Ps + Po + DL

As with all switching regulators. the LH160S requires some
external filter to achieve a non-pulsating output. The overall
circuit efficiency, therefore. must include power losses in
the filter section (discussed later) as well as losses in the
LH160S.
From equation S, it follows that LH160S efficiency is im-
proved as the operating frequency is reduced. Efficiency
can also be improved by adding an external Schottky diode
with the LH160S's as shown in Figure 4. Schottky diodes
exhibit almost no storage time and have a very low forward
voltage drop. When using an external Schottky diode, the
steering diode at pin 7 should be left open to insure that it
contributes no storage delay losses.

+

r LHl605
SCHOTTKY

Y1M 0100£

1 CASE

TL/K/5496-5
FIGURE 4. LH1605 with External SChottky Diode

HEAT SINKING CONSIDERATIONS
Even at moderate output power, there is significant self-
heating of the LH160Sdue to internal power dissipation. To
prevent thermal damage, the junction temperature, Tj, must
remain below lS0'C under all operating conditions. Some
useful expressions for steady state thermal design are given
below:

POISS= Po - 'Ij Po < TJ(MAX)- TA(MAX) (10)
'Ij 8JC + 8cs + 8SA

8cs + 8SA < TJ(MAX)- TA(MAXl 8JC (11)
POISS

Where:
TJ(MAX) = maximum allowable junction temperature,

1"')'C.
TA(MAX)= Maximum ambient operating temperature in

'C.
= device junction-to-case thermal resistance,

typically S'C/W.
= case-to-heat sink thermal resistance in 'C/W.
= heat sink-to-ambient thermal resistance in

'C/W.
The case-to-heat sink thermal resistance depends on the
interface materials used. The following list gives the expect-
ed values for various materials.
0.002" thick insulating mica

without thermal grease
with thermal grease

1.20'C/W
0.3S'C/W



0.003" thick insulating mica
without thermal grease
with thermal grease

Bare joint
without thermal grease 0.50·C/W
with thermal grease 0.15·C/W

Most heat sink manufacturers provide the heat sink-to-ambi-
ent thermal resistance under convection as well as forced-
air cooling. Appendix A gives a partial list of hardware and
manufacturers.

1.30·C/W
0.38·C/W

DC/DC CONVERSION
The LH1605 operates only in Buck-type DC/DC converters.
A Buck converter produces a positive DC output voltage
which is less than its input voltage. It consists of a switching
regulator. a steering diode, an inductor and a capacitor (Fig-
ure 5). During the switch ON time. inductor current, iL.
builds. flowing to both the capacitor and the load. During
toFF, the magnetic energy stored in the inductor draws cur-
rent through the diode. The capacitor serves to filter the
output voltage by sourcing current while iL is low and sinking
current when iL is high.
Figure 6 illustrates the current waveforms of the paths la-
beled in Figure 5.

As the load increases, more current must be supplied to
maintain a given output voltage. The switching regulator
senses the drop in Vo and increases switch duty cycle to
raise the average iL. Likewise. a reduction in loading causes
a reduction in switch duty cycle.

TLIK/5496-6

FIGURE 5. Buck-Type Step-Down Voltage Converter

INDUCTOR DESIGN
The primary function of the inductor in a switching converter
is to reduce the ripple current flowing to the output node.
Inductor current, Figure 6e, consists of a DC value equal to
the average ccnverter output current, 10, and a ripple cur-
rent whose peak-to-peak value is:

lllL = (VIN - Vol X toN (12)
L

If lllL is greater than 210,iL will become zero for a portion of
each switching cycle (Figure 7), which may result in an un-
stable output voltage.
To maintain iL > 0, L must be made large enough so that:

I > [VIN(MAX)- Vol x to (13)
O(MIN) 2L N

Equation 14 conveniently expresses the minimum required
inductance as a function of 10(MIN)and the operating fre-
quency, fo.

L > [VIN(MAX)- Vol (~)
VIN(MAX)

1 1x-x--
2fo 10(MIN)

The graph in Figure 8 plots L vs 10(MIN)for some common
converter parameters.
The next consideration for inductor design is the choice of
an appropriate magnetic core. The core must provide the
desired inductance without saturating under maximum out-
put conditions. Magnetic core saturation leads to excessive
inductor current which jeopardizes output stability and may
damage both the switching regulator and the load circuitry it
supplies.

TLIK/5496-8

FIGURE 7. Inductor Current with lllL > 210

50
L (idt)

TLIK/5496-9

FIGURE 8. Inductance va Minimum Output Current



age. Toroidal and fully enclosed pot cores are popular for
this reason.

To further reduce flux leakage, the core winding should be a
single layer covering a maximum amount of the winding sur-
face. The number of winding turns necessary for an induc-
tance, L, is:

N = 1000 x ~ L (15)
L1000

Core manufacturers specify the nominal inductance,
L1000 mH per 1000 turns, for a given core as well as the
maximum magnetic energy, U2, that a core can sustain
without saturation. U2 is calculated using L as determined
by equation 14 and I equal to the maximum anticipated out-
put current plus 10(MIN)'
When using a core with optimum magnetic performance at
the desired switching frequency, the 12R loss in the winding
will dominate inductor power losses. This loss.

PL = 102 X RL (DC winding resistance) (16)

can be reduced by using large diameter copper wire for the
core winding.

Many magnetic core manufacturers offer further information
on inductor design. Some companies now specialize in sup-
plying pre-wound inductors to meet specific switching con-
verter needs. A partial list of core manufacturers and induc-
tor suppliers is included in Appendix A. .

CHOOSING AN OUTPUT CAPACITOR

The output filter capacitor reduces the peak-to-peak output
ripple voltage, eo. by integrating the inductor ripple current
at the output node. To do this, the capacitor may have to
source and sink currents as high as 2A. At these current
levels, the drop across the capacitor's effective series re-
sistance, ESR, could dominate eO. Figure 9 shows an ex-
ample where no amount of capacitance could achieve less
than 50 mV output ripple.

~1 lSR~T-+f'
VT ~ Icx ESR +..!..f icdt

C1

If Ic = 0.5 Arm. and ESR ~ 0.1n.

1 f'·0 - 50mV + C1 Icd!

Tl/K/5496-10

FIGURE 9. Effect of ESR on eO

Because the ESR of a large capacitor is generally less than
that of a small capacitor of similar construction. the easiest
way to reduce ESR is to use a large capacitor. ESR can also
be reduced by using 2 or more capacitors in parallel. Capac-
itor leads and the PC board traces connecting them contrib-

ESR capacitors is included in Appendix A.

Equation 17 is a convenient expression for determining the
minimum required capacitance as a function of eO, fO, ESR,
and the inductor ripple current.

C > 10(MIN) x 1
4fO eO - (10 (MIN) X ESR)

Figure 10 plots C vs eO for some common converter param-
eters.

100
C (,.F)

Tl/K/5496-11

FIGURE 10. Capacitance VB Output Ripple Voltage

Power loss in a filter capacitor is almost entirely due to ESR.
This loss is given by:

Pc = ('O(~'N) r X ESR (18)

FEEDBACK

The LH1605 regulates output voltage using a single feed-
back resistor. The resistor. R,. forms a voltage divider with a
2 kO internal resistor from pin 3 of the LH1605 to ground
(Figure 11). A steady state output voltage is reached when
the voltage on pin 3 is approximately equal to the reference
voltage on pin 2. about 2.5V.

+ +

I LH1605
RI IV,. 2k RL Yo

1 CASE j
Tl/K/5496-12

FIGURE 11. Output Voltage Feedback with LH1605



The output voltage can be programmed by selecting a feed-
back resistor as follows:

R = 2 kfi Your - 2.SV (19)
I 2.SV

Figure 12 shows the linear relationship between RI and Yo.

~

II"

II"
~

~ 12
IE

o
o 12 16 20 24 28

Vo (V)

TUK/5496-13

FIGURE 12. Feedback Resistance vs Output Voltage

CURRENT LIMITING
LH160S current limiting is best done by pulling down the
reference voltage at pin 2. This reduces the output pulse-
width on a cycle-to-cycle basis. Clamping the reference to
ground inhibits the output switch and can be done with any
general purpose transistor.

A 10 JLF capacitor from pin 2 to ground will allow the
LH160S to recover with a soft start from an over-current
condition. Figure 13 illustrates a typical current limit circuit
for the LH160S requiring only two transistors and three re-
sistors.

Although this circuit is effective, it has several shortcomings.
The -2.2 mVI'C TC of 01 can cause a 34% drift in the
current limit set point over the - 2SoC to +8SoC tempera-
ture range, and the relatively large Rs can decrease overall
converter efficiency by as much as 10%. Furthermore, a
short circuit condition draws significant power from the input
supply. Superior performance can be obtained from a fold-
back current limit with only a slightly higher parts count.

FOLDBACK CURRENT LIMITING
A foldback current limit reduces the current limit threshold
as the converter's load increases from an initial overcurrent
condition to a complete short circuit. Because short circuit
current, Isc, is much less than the initial current limit set
point, ICL, a prolonged short circuit draws very little power
from the input supply.

In the circuit of Figure 14, initial current limit is reached
when the output of 02 reaches 0.6V, VSE(ON) of 01.

0.6V
This corresponds to VCL = -- whereAv

R2
Av = R1 ,R1 = R3, R2 = R4. (20)

O.6V
ICl~%

O.75V
Isc~RS

LHl605
+ IN OUT

r

Ll

RA
Cm Vel -+ +VI' 2 Cl

j
Rl

+ R2C2 R.



VCL is the sum of the voltage drop across As and the op·
posing drop across AA. As current limit is reached, Va is
reduced, lowering the voltage across AA. It then requires
less current through As to create a VCL sufficient to cause
further current limiting. This action produces the I-V charac-
teristics shown in Figure 15.As the overload is removed, the
converter output recovers along the same curve.

TL/K/5496-16

FIGURE 15. Vo vs 10with Foldback Limiting
Because the gain of 02 can be quite large, generally 10 to
20, the sense resistor, As, can be made very small, 0.020.
to 0.060.. This significantly improves overall converter effi-
ciency. Another advantage of amplifier gain is increased
temperature stability. A gain of 10 reduces ICLdrift to about
-3.3 mAI'C with Rs = 0.060.
The first step in designing a foldback current limit for the
LH1605 is to choose a readily available value for As. Then
the amplifier gain can be determined as a function of As
and the desired short circuit current.

0.6
Av=--- (21)

Isc X As
The relationship between Av, Isc, and RSis shown in Figure
16. A small capacitor in parallel with A2 and/or A4 may be
necessary with high amplifier gains to filter switching noise.

, " Rs 0.020 -

" 0.040 ....
- 0.060

~ 16~
~ 12

o
o 1

1St (AI

FIGURE 16. Amplifier Gain vs
Short Circuit Current and Rs

The resistors AA and As can be found in terms of Va, As,
and the amount of current foldback desired.

As x As
AA = --- (ICL - Isel (22)Va

The condition As « A1 should be maintained to insure ac-
curacy in setting ICL.Typical values for these resistors are:

1 ko. < As < 5 ko.
20 ko. < Al < 100 ko.

Power loss due to the current limit circuit under normal con-
verter operation is:

Power drained from the input supply with the converter out·
put short circuited cannot be easily expressed due to the
nature of the LH1605's control loop while in current limit.
The drain, however, can be minimized by using a foldback
current limit with a low Isc.

Design Example
Design requirements:

VIN(MAX)= 20V
VIN(MIN) = 10V
VIN(NOM)= 14V
Va = 5V

eo = 50mV
ICL = 5A

10(MIN) = 0.5A
Isc = lA
fa = 25 kHz

Inductor
From equation 14:

LMIN = (20V-5V) C250~) G) (25 :HZ) (O.~A)

= 150!-'H.
The maximum magnetic energy will be:

EL = (150 !-,H)(5A + 0.5A)2 = 4.54 mJ.
A toroidal powdered·iron core from Arnold Engineering, part
#SG-0800-0320-T, was chosen for this example because
of its high flux density capability. At only 25 kHz switching
frequency, a powdered-iron core has very little hysteresis
power loss and costs far less than a molypermalloy powder
core of comparable flux density capability.
The nominal inductance of this core is 32 mH per 1000
turns. The number of turns required for this design is found
using equation 15:

N = 1000 x 150!-'H = 69 turns
32mH

A single layer winding of this core requires about 5.1 feet of
# 24 wire which would yield a DC winding resistance of
0.130.. In this case, efficiency can be improved significantly
by using a double layer winding of #20 wire with only
0.0500..

Capacitor
From equation 17:

CMIN = (O.:A) C5 :HZ) (0.05V - (O.~Ax ESA) V)

5 F
0.05 - 0.5 ESA !-'

Since no capacitor will meet the needs of this application
with ESR > 0.10. at 25 kHz, it is easier in this case to
search for a capacitor on the basis of ESA rather than ca·
pacitance. Mepco/Electra part #3475GD681 M6P3JMBS
has a typical ESA at 25 kHz of about 0.060..
For ESA = 0.060.,

CMIN= 250 !-,F.
This part, rated at 680 !-,F, 6.3 WVOC, is more than ade-
quate for this application.



urrent Limit
Rs = o.osn, 1.SW will be used in this application.

From equations 21 and 22:

A = 0.6V = 12
v 1A x o.osn '

(
o.osn)

RA = Rs --sv- (SA - 1A) = 0.04 Rs·

If Rs = 2 kn and R1 = 100 kn, then,

RA = 80n,

R2 = R4 = 1.2 Mn,

R3 = 100 kn.

Operating Frequency
From the LH1605 data sheet graph of CT vs fa, the desired
timing capacitor is,

Input Capacitor
The choice of this capacitor depends upon the source im-
pedance and ripple voltage requirements of the input sup-
ply. In most applications,

CIN> SO /LF
The complete circuit is shown in Figure 17.

Equation 11 gives the maximum allowable thermal resist-
ance of heat sink bolted directly to the LH 160S with thermal
grease at SO'C ambient temperature:

8 - (1S0'C-SO'C) S'C/W - 0.1S'C/W
SA - 6.89W

= 9.4'C/W

By including the power losses found in equations 16, 18 and
23, equation 9 yields the overall converter efficiency:

1S
'Ij = 21.89 + O.4S + 0.004 + O.4S = 0.66

So, in this design example, the converter dissipates only
7.8W, whereas a linear regulator under identical input/out-
put conditions would dissipate 27W.

TYPICAL APPLICATIONS
Figure 18 shows a typical LH160S Buck regulator applica-
tion powered from the rectified output of a step-down trans-
former. Because LH160S regulation is more efficient than
equivalent linear regulation, the size and power rating of the
transformer and bridge rectifier can be much smaller. Table
II contains component values for several converters with
this topology.

150~H 0.05
+ IN OUT +

1
2k ILH1605

80

VIN Rl VoI 470 ~F

1 2k 1.2M

L
OUT 8 ---

1
OUTPUT



t:.;)t1C VIN(MAX) Yo LMIN CMIN LMIN CMIN Rf
(0) (V) (V) (",H) (",F) (",H) (",F) (0)

0.02 12 5 59 334 117 125 2k
0.03 15 5 67 500 134 143 2k
0.04 25 12 125 1000 250 167 7.6k
0.05 35 24 151 - 302 200 17.2k

Power Distribution Pre-Regulator
In applications requiring very low output ripple voltage, the
LH 1605 can be used as a pre-regulator to improve system
performance and efficiency (Figure 19). By pre-regulating
the input to the linear regulators to 5.8V, line frequency rip-
ple is virtually eliminated from the 5V output. The 25 kHz
switching ripple is attenuated 70 dB by the LM2931's giving
less than 1 mV total output noise voltage.

DC Motor Speed Controller
Figure 20 shows how an LH1605 can be connected as a
fractional-horsepower, DC motor speed controller. The con-
stant average output voltage of the LH1605 is set with a
single resistor, Rt, as it is in Buck converter applications.
Current limiting may be required to protect the LH1605 dur-
ing start-up of motors with low armature resistance.



Multiple Outputs
It is possible, as Figure 21 suggests, to obtain any number
of outputs from a single LH1605 provided there is one pri-
mary output in a Buck configuration drawing sufficient out-
put current. During !oFF, the voltage across the primary in-
ductance is 010 + Vtl. The voltage across any secondary
windings wound on the same core is NslNp 010 + Vf)'
Because Vo is regulated and Vf is nearly constant, the volt-
ages on the secondaries are also constant.

During !oN, the diodes in the secondaries are reverse bi-
ased so all secondary power comes from the filter capaci-
tors, C1 and C2. During !oFF, the diodes conduct, and the
capacitors are recharged. To ensure stable output voltages,

the Buck converter's output power must be greater than
that of the secondaries. In the circuit of Figure 21, 10 ;" 0.8A
in the 5V primary is necessary in order to have 100 mA
capability in the ± 12V secondaries.

REFERENCES
1. National Semiconductor, 1982 Hybrid Products Data-

book.

2. National Semiconductor, "LH1605 5 Amp, High Efficiency
Switching Regulator" datasheet.

3. Abraham I. Pressman, "Switching and Unear Power Sup-
ply, Power Converter Design", Hyden Book Company,
1977.
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APPENDIX A

Following is a partial list of sockets, heat dissipators, magnetic components and low ESR-type capacitors for use with the
LH1605. National Semiconductor Corporation assumes no responsibility for their quality or availability.

8-LEAD To-3 HARDWARE

Sockets
Robinson Nugent 0002011
Azimuth 6028 (test socket)

AAVID ENGINEERING
30 Cook Court
Laconia, New Hampshire 03246

AZIMUTH ELECTRONICS
2377 S. EI Camino Real
San Clemente, CA 92672

Heat Sinks
Thermalloy 2266B (35'C/W)
IERC LAIC 3B4CB
(ERC HP1-T03-33CB (7'C/W)
AAVID 5791B

IERC
135 W. Magnolia Blvd.
Burbank, CA 91502

KEYSTONE ELECTRONICS CORP.
49 Bleecker St.
New York, N.Y. 10012

Mica Washers
Keystone 4658

ROBINSON NUGENT INC.
800 E. 8th St.
New Albany,lN 47150

THERMALLOY
P. O. Box 34829
Dallas, Texas 75234

MAGNETIC COMPONENTS MANUFACTURERS

Cores
ARNOLD ENGINEERING CO.

300 West St.
Marengo, ILL. 60152

FERROXCUBE
5038 Kings Highway
Saugerties, N.Y. 12477

MAGNETICS
P. O. Box 391
Butler, PA 16001

Pre-Wound Inductors
GFS MANUFACTURING CO., INC.

6 Progress Drive
Dover, N.H. 03820

FERRONICS, INC.
60 N. Lincoln Rd.
E. Rochester, N.Y. 14445

RENCO ELECTRONICS
60 Jefryn Boulevard
East Deer Park, N.Y. 11729

LOW ESR-TYPE CAPACITORS

SPRAGUE
Type 6720 Aluminum Electrolytics
Type 32DR Aluminum Electrolytics
Type 6220 Aluminum Electrolytics

MALLORY
Type TT Aluminum Electrolytics
Types CG/CGS/TCG Aluminum Electrolytics

SPRAGUE
481 Marshall St.
North Adams, MA 01247

MEPCO/ELECTRA INC.
Series 3428 Aluminum Electrolytics
Series 3191 Aluminum Electrolytics
Series 3120 Aluminum Electrolytics

SANGAMO
Type 301 Aluminum Electrolytics

MEPCO/ELECTRA INC.
265 Industrial Dr.
Roxboro, NC 27573

SANGAMO
P. O. Box 128
Pickens, SC 29671

MALLORY
P. O. Box 1284
Indianapolis, IN 46206



LF13006/LF13007 Precision
Digital Gain Set
Applications

National Semiconductor
Application Note 344

Some basic circuit configurations for using the LF13006 and
LF13007 are shown in Figures 1 through 4. In each case
only the Digital Gain Set and an op-amp are required, al-
though in some instances the amplifier may need external
compensation in order to maintain stability over wide ranges

of closed loop gain. As shown, inverting and noninverting
configurations are possible with several variations. Nearly
unlimited values of gain can be realized using different com-
binations of outputs and/or the additional resistors at R1,
Rc, and R2 to modify an amplifier's input or feedback.

rT- ~r:--l- -1:±j2-y+ y- R R
I EXT

BOUT
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-1- - -1-
CS WR
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circuits, high resolution as well as wide gain range can be
realized. For example, by using Figure 4 in conjunction with

GAIN (LF13006)
9

1.8
1.29
1.125
1.059
1.029
1.014
1.007

'/IN

16
ANA
GND

LF13006.
GAIN =
Oto-127

LF13007.
GAIN ~
010 -99

GAIN (LF13OO7)
11

3.67
1.83
1.2
1.1

1.048
1.02
1.01

" uo ur ,••"" over a '01' atl range ana SllgntlY larger steps to
57 dB.

LFl3006
LF13G07

R

TUH/5513-4

FIGURE 2A. High Input Impedance Inverting Mode
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Applications for these devices also include a wide variety of
circuits besides those which simply switch op-amp gain. A
simple digital "handle" on one or more other circuit parame-
ters can do a great deal to enhance the capabilities of many
analog designs. In circuits such as filters, precision refer-
ences, current sources, and countless others, the addition
of programming capability can be invaluable.
One good example of such versatility is shown in a digitally
adjustable low pass filter in Figure 5. Applications for this
function include variable bandwidth front-ends for data ac-
quisition and "smart" filters for DC signals which combine
fast settling with high noise rejection. This can be done by
increasing bandwidth in the presence of a large input-to-out-
put differential at the filter, and then cutting back as the
output gets close to its final level. The corner frequency is
easily set via the 3-bit code input to an LF13006 or 7. When
using the LF13006, time constants from RxCl to 12BRxCl
can be programmed in binarily weighted steps. The same
function performed with a conventional CMOS DAC would
need more bits to cover the same range and would still not
be able to maintain the precision of setting at its limits of
operation.

TIme Constant t - NRC,

N - set gain in basic ccnfiguration (N - GAIN of Fig 1)

BUFFERED
FILTERED

DUTPUT

Circuit operation of the variable low pass is very straightfor-
ward. The LF13006 Network along with an LF412 dual op-
amp form a resistance "multiplier" in which a settable frac-
tion of the input voltage is used to determine the charge or
discharge current though R into Cl. One half of the dual
amplifier (A1) is used to buffer the LF13006's "output" (In-
put, pin 2) and prOVidecharging current for Cl, while the
second op-amp (A2) allows the resistor ladder to float on
Cl. In addition, the ratio of the selected time-constants will
be very precise since these will be proportional to the
LF1300S's gain accuracy.
To a similar end, a classical capacitance multiplier can be
made programmable with the circuit of Figure 6. The Digital
Gain Set controls what is in effect a high input-impedance
inverting amplifier which is used to drive the lower side of
Cl. The value of the "virtual" capacitor seen at the circuit's
input will be Cl multiplied by the programmed gain. A draw-
back of this scheme is that the signal swing at Al's output
can be large and may cause amplifier saturation. Thus for
high capacitance multiplication factors, the input swing must
be kept small in order to prevent clipping.

Ceffective = C1 N
N - GAIN of Fig 1

Note: Output swing at input op amp is multiplied by set gain. Signal range
may be limited.
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TLIH/5513-B

FIGURE 6. Variable Capacitance Multiplier



..,.
:.; In Figure 7, an LF13006 is used to switch a single amplifier's
Z gain but not quite in the conventional sense in this case.
c( The LF411 op-amp can be flipped from a follower to an

inverter using no additional parts and only the "Dig. In 1"
input (pin 8) of the gain network. This "two part" approach
can be used in precision rectifier and synchronous modula-
tor/demodulator circuits as well as for polarity inverters in
front of A to 0 converters.

The two extra matched resistors that are provided at R 1,
R2, and Rc (pins 13, 14, 15) are used to set the inverter gain
while two of the internal switches are configured to switch
the op-amp's noninverting input. The 8R resistor (approxi-
mately 120K) which exists from the circuit input to ground is
not actually needed but is an unavoidable result of this par-
ticular switch connection.

In another example, a precision current source can be given
direct digital control by using the simple scheme shown in
Figure 8. Here, the current source's reference is "floated"
on the load terminal (lOUT) by using one half of a Bi-Fet dual
op-amp (LF412, A 1) as a buffer for the output. This provides
a current return path for the gain set's resistor ladder and
the circuit's reference (LM385-1.2) which doesn't interfere
with the main output. The other half of the Bi-Fet dual (A2) is
used to supply the output current via the sense resistor, R1.
The current source's output is varied by changing the frac-
tion of the reference voltage which will be forced to appear

DIGITAL
CONTROL+

across R1. With this scheme, the output current is governed
by the equation; lOUT = VREF/(R1 x Set Gain).

Applications for the above circuit include bias sources for
programmable amplifiers, linear ramp generators, and vari-
able current limiters. For greater output currents, R1 can be
reduced and an external pass transistor can be added to
A2's output.

A common need in data acquisition systems is for a differ-
ential input amplifier, or instrumentation amplifier, with easily
adjustable precision gains. Normally this can't be done with-
out using several precision resistors and switches or em-
ploying expensive modular products that have this capability
already built in. In Figure 9, a differential gain can be varied
by using one Digital Gain Set in one version of a three op-
amp instrumentation amp circuit. The amplifier's front end
uses an LF412A precision dual op-amp as a follower (A1)
and also as a variable gain inverter (A2), both which drive
the inputs of a fixed gain difference amp (LF411). The in-
strumentation amp's common-mode performance will di-
rectly depend on the four external resistors. For designs
where common-mode rejection is critical, close matching of
resistor pairs R1, R2 and R3, R4 are required, i.e. 60 dB DC
CMRR requires 0.1 % matching. However, reasonable rejec-
tion can still be achieved (54 dB typ) if only two external
resistors are used and the gain set's uncommitted resistors
serve as R1 and R2.

lOUT ~ ~ (.!)
1200 N

N ~ GAIN' of Fig 1

TVH/5513-10

FIGURE 8. Programmable Current Source



If an LF13007 were to be used rather than the 13006, the 1,
2, 5 sequence would provide ideal scaling for horizontal
sweep or other scanning circuits.
This particular function generator employs % of a quad op-
amp as an integrator, comparator, and buffer. Theintegrator

LF347 (A4) and two dual transistors. Sine distortion can be
reduced to 0.5% by trimming the symmetry and waveshape
adjustments provided. The circuits' frequency range as
shown is from 10 to 1280 Hz.

Note 1: A,. A2. As, A. ~ 15k

Note 2: For 46 dB min CMAA. A,. A2 can be replaced by internal resistors
in the LF1300617

Note 3: For 60 dB CMAA A" A2 and As. A. must match 10 0.1 %

Note 4: VOUT ~ N(VA - Ve)

N ~ GAIN of Fig 1
Rl R2

1/2 LF412A

FIGURE 9. Programmable Instrumentation Amp

TRIANGLE
WAVE

OUTPUT

15V

"'tSYMMETRY
TRIM

-15V

~
SINE WAVE
OUTPUT

Note 1: A'-4 LF347

Note 2: Adjust waveshape and symmetry trims for k)west output
distortion on sinewave

Note 3: Aange 10 to 1260 HZ



High-Performance Audio
Applications of The LM833

Designers of quality audio equipment have long recognized
the value of a low noise gain block with "audiophile perform-
ance". The LM833 is such a device: a dual operational am-
plifier with excellent audio specifications. The LM833 fea-
tures low input noise voltage (4.5 nV/ JFfi typical), large
gain-bandwidth product (15 MHz), high slew rate
(7V/ ",Sec), low THD (0.002% 20 Hz-20 kHz), and unity gain
stability. This Application Note describes some of the ways
in which the LM833 can be used to deliver improved audio
performance.

I. TWO STAGE RIAA PHONO PREAMPLIFIER
A phono preamplifier's primary task is to provide gain (usu-
ally 30 to 40 dB at 1 kHz) and accurate amplitude and phase
equalization to the signal from a moving magnet or a moving
coil cartridge. (A moving coil device's output voltage is typi-
cally around 20 dB lower than that of a moving magnet pick-
up, so this signal is usually amplified by a step-up device-
either an active circuit or a transformer-before being ap-
plied to the input of the phono preamplifier). In addition to
the amplification and equalization functions, the phono
preamp must not add significant noise or distortion to the
signal from the cartridge.

National Semiconductor
Application Note 346
Kerry Lacanette

Figure 1 shows the standard RIAA phono preamplifier am-
plitude response. Numerical values relative to the 1 kHz
gain are given in Table I. Note that the gain rolls off at a
6 dB/octave rate above 2122 Hz. Most phono preamplifier
circuits in commercially available audio products, as well as
most published circuits, are based on the topology shown in
Figure 2(8). The network consisting of Rl' R2' Cl, and C2 is
not unique, and can be replaced by any of several other
networks that give equivalent results. Ro is generally well
under 1k to keep its contribution to the input noise voltage
below that of the cartridge itself. The 47k resistor shunting
the input provides damping for mOVing-magnetphono car-
tridges. The input is also shunted by a capacitance equal to
the sum of the input cable capacitance and CpoThis capaci-
tance resonates with the inductance of the moving magnet
cartridge around 15 kHz to 20 kHz to determine the frequen-
cy response of the transducer, so when a moving magnet
pickup is used, Cp should be carefully chosen so that the
total capacitance is equal to the recommended load capi-
tance for that particular cartridge.

25
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l!I 5
::> 0
~ -5
1-10

-15
-20
-25

20 50 100 200 500 lk 2k 5k 10k 20k
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FIGURE 1.Standard RIAA phonograph preamplifier frequency response curve.

Gain continues to roll off at a 6 dB/octave rate above 20 kHz.

FREQUENCY (Hz)
20
30
40
50
60
80
100
150
200
300
400
500

Table I. RIAA standard response referred to gain a 1 kHz.
AMPLITUDE (dB) FREQUENCY(Hz)

+19.3 800
+ 18.6 1000
+17.8 1500
+17.0 2000
+16.1 3000
+14.5 4000
+13.1 5000
+10.3 6000
+8.2 8000
+5.5 10000
+3.8 15000
+2.6 20000

AMPLITUDE (dB)
+0.7
0.0

-1.4
-2.6
-4.8
-6.6
-8.2
-9.6

-11.9
-13.7
-17.2
-19.6



The circuit of Figure 2(8) has a disadvantage: it cannot ac-
curately follow the curve in Figure 1, no matter what values
are chosen for the feedback resistors and capacitors. This
is because the non-inverting amplifier cannot have a gain of
less than unity, which means that the high frequency gain
cannot roll off continuously above the 2122 Hz breakpoint
as it is supposed to. Instead, a new breakpoint is introduced
at the unity gain frequency.
In addition to the amplitude response errors (which can be
made small through careful design), the lack of a continued
rolloff can cause distortion in later stages of the audio sys-
tem by allowing high frequency signals from the pickup car-
tridge to pass through the phono equalizer without sufficient
attenuation. This is generally not a problem with moving
magnet cartridges, since they are usually severely band-lim-
ited above 20 kHz due to the electrical resonance of car-
tridge inductance and preamp input capacitance. Moving
coil cartridges, however, have very low inductance, and can
produce significant output at frequencies as high as
150 kHz. If a subsequent preamplifier stage or power ampli-
fier suffers from distortion caused by slew-rate limitations,
these ultrasonic signals can cause distortion of the audio
signal even though the signals actually causing the distor-
tion are inaudible.
Preamplifers using the topology of Figure 2(8) can suffer
from distortion due to input stage nonlinearities that are not
corrected by the feedback loop. The fact that practical am-
plifiers have non-infinite common mode rejection ratios
means that the amplifier will have a term in its gain function
that is dependent on the input voltage level. Since most
good operational amplifiers have very high common mode
rejection ratios, this form of distortion is usually quite difficult
to find in opamp-based designs, but it is very common in
discrete amplifiers using two or three transistors since these
circuits generally have poor common mode performance.
Another source of input stage distortion is input impedance
nonlinearity. Since the input impedance of an amplifier can
vary depending on the input voltage, and the signal at the
amplifier input will be more strongly affected by input imped-
ance if the source impedance is high, distortion will general-
ly increase as the source impedance increases. Again, this
problem will typically be significant only when the amplifier
is a simple discrete design, and is not generally troublesome
with good op amp designs.
The disadvantages of the circuit configuration of Figure 2(8)
have led some designers to consider the use of RIAA pre-
amplifiers based on the inverting topology shown in Figure
2(b). This circuit can accurately follow the standard RIAA

response curve since the absolute value of its gain can be
less than unity. The reduced level of ultrasonic information
at its output will sometimes result in lower perceived distor-
tion (depending on the design of the other components in
the audio system). Since there is no voltage swing at the
preamplifier input, distortion will be lower in cases where the
gain block has poor common-mode performance. (The
common-mode distortion of the LM833 is low enough that it
exhibits essentially the same THO figures whether it is used
in the inverting or the non-inverting mode.)
The primary handicap of the inverting configuration is its
noise performance. The 47k resistor in series with the
source adds at least 4 ",V of noise (20 Hz to 20 kHz) to the
preamplifier's input. In addition to 4 ",V of thermal noise
from the 47k resistor, the high impedance in series with the
preamp input will generally result in a noise increase due to
the preamplifier's input noise current, especially when the
series impedance is made even larger by a moving magnet
cartridge at resonance. In contrast, the 47k damping resis-
tor in Figure 2(8) is in parallel with the source, and is a
significant noise contributor only when the source imped-
ance is high. This will occur near resonance, when the
source is a moving magnet cartridge. Since the step-up de-
vices used with moving coil cartridges present a low, primar-
ily resistive source impedance to the preamplifier input, the
effects of cartridge resonance and input noise current are
Virtually eliminated for moving coil sources. Therefore, the
circuit of Figure 2(8) has a noise advantage of about 16 dB
with a moving coil source, and from about 13 dB to about
18 dB (depending on the source impedance and on the in-
put noise current of the amplifier) with a moving magnet
source. Using the component values shown, the circuit in
Figure 2(8) follows the RlAA characteristic with an accuracy
of better than 0.5 dB (20-20 kHz) and has an input-referred
noise voltage equal to 0.33 ",V over the Audio frequency
range.
Even better performance can be obtained by using the two-
amplifier approach of Figure 3. The first operational amplifi-
er takes case of the 50 Hz and 500 Hz breakpoints, while
the 2122 Hz rolloff is accomplished by the passive network
R3' R6' and C3. The second amplifier supplies additional
gain-10 dB in this example. Using two amplifiers results in
accurate conformance to the RIAA curve without reverting
to the noisy inverting topology, as well as lower distortion
due to the fact that each amplifier is operating at a lower
gain than would be the case in a single-amplifier design.
Also, the amplifiers are not required to drive capacitive feed-
back networks with the full preamplifier output voltages, fur-

w ~
FIGURE 2. Two typical operational amplifier-based phonograph preamplifier circuits. (a) Non-inverting. (b) Inverting.



ther reducing distortion compared to the single-amplifier de-
signs.
The design equations for the preamplifier are:
1) Rl = 8.058 ReAl, where Al is the 1 kHz voltage gain

of the first amplifier.
3.18 x 10-3

2) Cl=----
Rl

Rl
3) R2 = 9- Ro

4) _ X _s(R3 + Rs) _ 7.5 x 10-S
~ - 7.5 10 R3RS Rp

1
5)C4=-----

21TfL(R3 + Rs)
where fL is the low-frequency - 3 dB corner of the sec-
ond stage. For standard RIM preamplifiers, fL should
be kept well below the audible frequency range. If the
preamplifier is to follow the IEC recommendation (IEC
Publication 98, Amendment #4), fL should equal
20.2 Hz.

Rs
6) AV2 = 1 +-

R4
where AV2 is the voltage gain of the second amplifier.

1
7) Co:::::21TfoRo

where fo is the low-frequency -3 dB corner of the first
amplifier. This should be kept well below the audible
frequency range.

A design procedure is shown below with an illustrative ex-
ample using 1% tolerance E96 components for close con-
formance to the ideal RIM curve. Since 1% tolerance ca-
pacitors are often difficult to find except in 5% or 10% stan-
dard values, the design procedure calls for re-calculation of
a few component values so that standard capacitor values
can be used.

RIAA PHONO PREAMPLIFIER DESIGN PROCEDURE

1) Choose Ro. Roshould be small for minimum noise con-
tribution, but not so small that the feedback network
excessively loads the amplifier.

Example: Choose Ro = 500.
2) Choose 1 kHz gain, AVl of first amplifier. This will typi-

cally be around 20 dB to 30 dB.
Example: Choose AVl = 26 dB = 20.
3) Calculate Rl = 8.058ReAVl
Example: Rl = 8.058 x 500 x 20 = 80.58k.

3.18 X 10-3
4) Calculate Cl = Rl

3.18 X 10-3
Example: Cl = 8.058 x 1Q4 - 0.03946,...F

5) If Cl is not a convenient value, choose the nearest
convenient value and calculate a new Rl from

3.18 x 10-3
Rl=-----

Cl
Example: New Cl = 0.039 ,...F.

3.18 x 10-3
New Rl = 3.9 X 10-8 = 81.54k

Use Rl = 80.6k.
Rl6) Calculate a new value for Ro from Ro = ---

8.058AVl
8.06 X 104

Example: New Ro = 8.058 x 20 = 498.8.

Use Ro = 499.
Rl

7) Calculate R2 = 9- Ro

8.06 X 104
Example: R2 = 9 - 499 = 8456.56

Use 8.45k.
8) Choose a convenient value for ~ in the range from

0.01 ,...Fto 0.05 ,...F.
Example: C3 = 0.033 ,...F.

7.5 x lO-s
9) Calculate Rp = C3

7.5 X 10-s
Example: Rp = 3.3 X 10-8 = 2.273k.

10) Choose a standard value for R3 that is slightly larger
than Rp.

Example: R3 = 2.37k.
11) Calculate Rs from 1/Rs = 1/Rp - 1/R3
Example: Rs = 55.36k

Use 54.9k.
12) Calculate C4 for low-frequency rolloff below 1 Hz from

design equation (5).
Example: C4 = 2 ,...F.Use a good quality mylar, polystyrene,
or polypropylene.
13) Choose gain of second amplifier.

RO
49111

Co

~200""

FIGURE 3. Two-amplifier RIAA phono preamplifier with very accurate RIAA response.



Example: The 1 kHz gain up to the input of the second
amplifier is about 26 dB for this example. For an overall 1
kHz gain equal to about 36 dB we choose:
AV2 = 10 dB = 3.16.
14) Choose value for R4.
Example: R4 = 2k.
15) Calculate Rs = (AV2 - 1) R4
Example: Rs = 4.32k.

Use Rs = 4.3k
16) Calculate Co for low-frequency rolloff below 1 Hz from

design equation (7).
Example: Co = 200 ",F.
The circuit of Figure 3 has excellent perlormance: Confor-
mance to the RIM curve is within 0.1 dB from 20 Hz to 20
kHz, as illustrated in Figure 4 below for a prototype version
of the circuit. THD and noise data are reproduced in Figure
5 and Table II, respectively. If a "perlect" cartridge with
lmV/cm/s sensitivity (higher than average) is used as the
input to this preamplifier, the highest recorded groove veloc-
ities available on discs (limited by the cutting equipment) will
fall below the 1V curve except in the 1 kHz to 10kHz region,
where isolated occurances of 2V to 3V levels can be gener-
ated by one or two of the "superdiscs". (See reference 4).
The distortion levels at those frequencies and signal levels
are essentially the same as those shown on the lV curve,
so they are not reproduced separately here. It should be
noted that most real cartridges are very limited in their ability
to track such large velocities, and will not generate pream-
plifier output levels above 1Vrms even under high groove
velocity conditions.
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- 2.0 L-J-J.-J.-..L.....I-..I-...L....L.-.J

20 50100200500lk 2k 5k10k20k
FREQUENCY (Hzl

TL/H/5520-4
FIGURE 4. Deviation from Ideal RIAA response for

circuit of Figure 3 using 1% resistors. The maximum
observed error for the prototype was 0.1 dB.
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TL/H/5520-5
FIGURE 5. THO of circuit In Figure 3 as a function of
frequency. The lower curve Is for an output level of

300mVrms and the upper curve Is for an output level of
1Vrms.

Table II. Equivalent Input noise and slgnal-ta-nolse ratio
for RIAA preamplifier circuit of Figure 3. Noise levels

are referred to gain at 1 kHz.

NOISE WEIGHTING CCIR/ARM HA" FLAT

Noise voltage 0.26 ",V 0.23 ",V 0.37 ",V

SIN referred to
5 mV input at 1 kHz 86dB 87dB 82 dB

II. ACTIVE CROSSOVER NETWORK FOR
LOUDSPEAKERS
A typical multi-driver loudspeaker system will contain two or
more transducers that are intended to handle different parts
of the audio frequency spectrum. Passive filters are usually
used to split the output of a power amplifier into signals that
are within the usable frequency range of the individual driv-
ers. Since passive crossover networks must drive loud-
speaker elements whose impedances are quite low, the ca-
pacitors and inductors in the crossovers must be large in
value, meaning that they will very likely be expensive and
physically large. If the capacitors are electrolytic types or if
the inductors do not have air cores, they can also be signifi-
cant sources of distortion. Futhermore, many desirable filter
characteristics are either impossible to realize with passive
circuitry, or require so much attenuation to achieve passive-
ly that system efficiency is severely reduced.
An alternative approach is to use low-level filters to divide
the frequency spectrum, and to follow each of these with a
separate power amplifier for each driver or group of drivers.
A two-way (or "bi-amped") system of this type is shown in
Figure 6. This basic concept can be expanded to any num-
ber of frequency bands. For accurate sound reproduction,
the sum of the filter outputs should be equal to the cross-
over input (if the transducers are "ideal"). While this seems
to be an obvious requirement, it is very difficult to find a
commercial active dividing network that meets it. Consider
an active crossover consisting of a pair of 2nd-order Butter-
worth filters, (one is a low-pass; the other is a high-pass).
The transfer functions of the filters are of the form:

VLls) = 1
Vin(S) s2 + J25 + 1

VH(S)= s2
Vin(S) s2 + J25 + 1

_VL_(S_)+ _VH_(S_)= __ 1_+_s_2_
Vin(S) Vin(S) s2 + J25 + 1

TL/H/5520-6

FIGURE 6. Block diagram of a two-way loudspeaker
system using a low level crossover network ahead of

the power amplifiers.
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dal steady state inputs can be seen in Figure 8. Higher-or- are of the form
der filters will yield similarly dissatisfying results when this

VLls) = als + 1approach is used.
A significant improvement can be made by the use of a Vin(S) a3s3 + a2s2 + als + 1

constant voltage crossover like the one shown in Figure 9. and
The term "constant voltage" means that the outputs of the
high-pass and low-pass sections add up to produce an ex- VH(S)= a3s3 + a2s2
act replica of the input signal. The rolloff rate is 12 dB/oc- Vin(S) a3s3 + a2s2 + als + 1
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FIGURE 7. Response of second-order Bu"erworth crossover network (high-pass and low-pass outputs summed) to a
square wave Input (dashed line) at the crossover frequency. Period is Te = 1/fe.
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FIGURE 8. Magnitude (a) and phase (b) response of a second-order, 1 kHz Butterworth

crossover network with the high-pass and low-pass outputs summed. The individual high-pass
and low-pass outputs are superimposed (dashed lines).
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FIGURE 9. Constant-voltage crossover network with 12 dB/octave slopes.

The crossover frequency is equal to _1_.
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The low-pass and high-pass constant voltage crossover
outputs are plotted in Figure 10. The square-wave response
(not shown) of the summed outputs is simply an inverted
square-wave, and the phase shift (also not shown) is essen-
tially ()" to beyond 20 kHz.

It is important to remember that even a constant voltage
crossover transfer function does not guarantee an ideal
overall system response, because the transfer functions of
the transducers will also affect the overall response. This
can be minimized to some extent by using drivers that are
"flat" at least two octaves beyond the crossover frequency.

III. INFRASONIC AND ULTRASONIC FILTERS
In order to ensure "perfectly flat" amplitude response from
20 Hz to 20 kHz, many audio circuits are designed to have
bandwidths extending far beyond the audio frequency
range. There are many high-fidelity systems, however, that
can be audibly improved by reducing the gain at frequencies
above and below the limits of audibility.
The phonograph arm/cartridge/disc combination is the
most significant source of unwanted low-frequency informa-
tion. Disc warps on 33'13 rpm records can cause large-am-
plitude signals at harmonics of 0.556 Hz. Other large low-
frequency signals can be created at the resonance frequen-
cy determined by the compliance of the pickup cartridge
and the effective mass of the cartridge/arm combination.
The magnitude of undesireable low-frequency signals can
be especially large if the cartridge/arm resonance occurs
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FIGURE 10. Low-pass and high-pass responses of
constant-voltage crossover network In Figure 9 with

crossover frequency of 1 kHz. For the circuit of
Figure 9, al=4, a2=4, and a3= 1. Note that the summed

response (dashed lines) Is perfectly flat.

0.33 0.33~~t"
TL/H/5520-11

FIGURE 11. Filter for rejection of underslreable Infrasonic signals. Filter characteristic Is thlrd-order Butterworth with
-3 dB frequency at 15 Hz. Resistor and capacitor values shown are for 1% tolerance components. 5% tolerance units

can be substituted In less critical applications.

TL/H/5520-12

FIGURE 12. Ultrasonic rejection filter with fourth-order Bessel low-pass characteristic. The filter gain Is down 3 dB at
about 40 kHz. As with the Infrasonic filter, 1% tolerance components should be used for accurate response.



at a warp frequency. Infrasonic signals can sometimes over-
load amplifiers, and even in the absence of amplifier over-
load can cause large woofer excursions, resulting in audible
distortion and even woofer damage.

Ultrasonic signals tend to cause problems in power amplifi-
ers when the amplifiers exhibit distortion mechanisms due
to slew rate limitations and other high frequency nonlinear-
ities. The most troublesome high-frequency signals come
principally from moving-coil cartridges and sometimes from
tape recorders if their bias oscillator outputs manage to get
into the audio signal path. Like the infrasonic signals, ultra-
sonic signals can place distortion products in the audio
band even though the offending signals themselves are not
audible.

The circuits in Figures 11 and 12 attenuate out-of-band sig-
nals while having minimal effect on the audio program. The
infrasonic filter in Figure 11 is a third-order Butterworth high-
pass with its -3 dB frequency at 15 Hz. The attenuation at
5 Hz is over 28 dB, while 20 Hz information is reduced by
only 0.7 dB and 30 Hz information by under 0.1 dB.

The ultrasonic filter in Figure 12 is a fourth-order Bessel
alignment, giving excellent phase characteristics. A Bessel
filter approximates a delay line within its passband, so com-
plex in-band signals are passed through the filter with negli-
gible alteration of the phase relationships among the vari-
ous in-band signal frequencies. The circuit shown is down
0.65 dB at 20 kHz and -3 dB at about 40 kHz. Rise time is
limited to about 8.5 ,..Sec.

The high-pass and low-pass filters exhibit extremely low
THO, typically under 0.002%. Both circuits must be driven
from low impedance sources (preferably under 100 ohms).
5% components will often yield satisfactory results. but 1%
values will keep the filter responses accurate and minimize
mismatching between the two channels. The amplitude reo
sponse of the two filters in cascade is shown in Figure 13.
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When the two filters are cascaded, the low-pass should pre-
cede the high-pass.
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FIGURE 13. Amplitude response of Infrasonic
and ultrasonic filters connected In series.

IV. TRANSFORMERLESS MICROPHONE
PREAMPLIFIERS

Microphones used in professional applications encounter
an extremely wide dynamic range of input sound pressure
levels, ranging from about 30 dB SPL (ambient noise in a
quiet room) to over 130 dB SPL. The output voltage of a low
impedance (200 ohm) microphone over this range of SPLs
might typically vary from 20 ,..V to 2V rms, while its self-gen-
erated output noise would be on the order of 0.25 ,..V over a
20 kHz bandwidth. Since the microphone's output dynamic
range is so large, a preamplifier for microphone signals
should have an adjustable gain so that it can be optimized
for the signal levels that will be present in a given situation.
Large signals should be handled without clipping or exces-
sive distortion, and small signals should not be degraded by
preamplifier noise.
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TLIH/5520-14
FIGURE 14. Simple transformerless microphone preamplifier using LM833. R1, R2'

and R3 are 0.1 % tolerance units (or R2 can be trimmed).



For a conservative low noise design, the preamplifier should
contribute no more noise to the output signal than does the
resistive portion of the source impedance. In practical appli-
cations, it is often reasonable to allow a higher level of input
noise in the preamplifier since ambient room noise will usu-
ally cause a noise voltage at the microphone output termi-
nals that is on the order of 30 dB greater than the micro-
phone's intrinsic (due to source resistance) noise floor.
When long cables are used with a microphone, its output
signal is susceptable to contamination by external magnetic
fields--especially power line hum. To minimize this problem,
the outputs of most professional microphones are balanced,
driving a pair of twisted wires with signals of opposite polari-
ty. Ideally, magnetic fields will induce equal voltages on
each of the two wires, which can then be cancelled if the
signals are applied to a transformer or differential amplifier
at the preamplifier input.
The circuits in Figures 14 and 15 are transformerless differ-
ential input microphone preamplifiers. Avoiding transform-
ers has several advantages, including lower cost, smaller
physical size, and reduced distortion. The circuit of Figure
14 is the simpler of the two, with two LM833s amplifying the
input signal before the common-mode noise is cancelled in
the differential amplifier. The equivalent input noise is about
760 nV over a 20 Hz to 20 kHz frequency band (-122 dB
referred to 1Vl, which is over 26 dB lower than a typical
microphone's output from the 30 dB SPL ambient noise lev-
el in a quiet room. THD is under .01% at maximum gain,

15V

and .002% at minimum gain. For more critical applications
with lower sensitivity microphones, the circuit of Figure 15
uses LM394s as input devices for the LM833 gain stages.
The equivalent input noise of this circuit is about 2.4
nv/yHz, at maximum gain, resulting in a 20 Hz to 20 kHz
input noise level of 340 nV, or -129 dB referred to 1V.
In both circuits, potentiometer R4 is used to adjust the cir-
cuit gain from about 4 to 270. The maximum gain will be
limited by the minimum resistance of the potentiometer. If
Rl' R2' and R3 are all 0.1% tolerance units, the rejection of
hum and other common-mode noise will typically be about
60 dB, and about 44 dB worst case. If better common-mode
rejection is needed, one of the R2Scan be replaced by an
18k resistor and a 5k potentiometer to allow trimming of
CMRR. To prevent radio-frequency interference from get-
ting into the preamplifier inputs, it may be helpful to place
470 pF capacitors between the inputs and ground.
References:
1) S. P. Lipshitz, J. Audio Eng. Soc., "On RIM Equalization
Networks", June 1979.
2) P. J. Baxandall, J. Audio Eng. Soc., Letter, pp47-52, Jan
1981.
3) Ashley and Kaminsky, J. Audio Eng. Soc., "Active and
Passive Filters as Loudspeaker Crossover Networks", June
1971.
4) T. Holman, Audio, "Dynamic Range Requirements of
Phonographic Preamplifiers", July 1977.
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TL/H/5520-15
FIGURE 15.Transformerless microphone preamplifier similar to that of Figure 14,

but using LM394s as low-noise Input stages.



APPENDIX I: DERIVATION OF RIAA PHONO PREAMPLI-
FIER DESIGN EQUATIONS (1), (2), AND (3).

The first three design equations on the third page are de-
rived here. The derivations of the others should be apparent
by observation. The purpose of the preamplifier's first stage
is to produce the transfer function:

(3.18 x 10-4 + 1)
Ay(s) = Ay(dc) (3.18 x 10-3 + 1)

where Ay(dc) is the dc gain of the first stage.
The actual first stage transfer function is (ignoring Co):

SC1(RoR1 + R1R2) + Ro + R1 + R2
Ay(s) = ------------

sC1ROR1+ Ro

= [RO+R1+R2] [
SC

1 ~;~:1 :1~~ + 1] (ii)
Ro SC1R1+ 1

Equating terms, we have:

C1 (RoR1 + R1R2) 3.18 x 10-4
Ro + R1 + R2

C1R1 = 3.18 X 10-3

Ay(dc) = Ro + R1 + R2
Ro

Note that (iv) is quivalent to (2) on page three.
From (iii) and (iv) we have:

C1R1(Ro + R2) = C1R1
Ro + R1 + R2 10

Therefore:

Ro + R1 + R2 - 10
Ro + R2

_R_1_=9
Ro + R2

R1
andR2 = 9" - Ro

(ix) is equivalent to design equation (3) on page three.
Combining (v) and (ix),

Ro + R1 + R2 R1 (1 + 1/9)Ay(dc) = ~-~-~ = (x)
Ro Ro

Finally, solving for R1 and using Ay(dc) = 8.9535Ay (1 kHz)
yields:

RoAy(dc)
R1=~=0.9ROAy(dC)=8.058Ay (1 kHz) Ro, (xi)

which is equivalent to (1) on page three.

APPENDIX II: STANDARD E96 (1%) RESISTOR VALUES

Standard ResIstor Values (E-96 Series)

10.0 13.3 17.8 23.7 31.6 42.2 56.2 75.0
10.2 13.7 18.2 24.3 32.4 43.2 57.6 76.8
10.5 14.0 18.7 24.9 33.2 44.2 59.0 78.7
10.7 14.3 19.1 25.5 34.0 45.3 60.4 80.6
11.0 14.7 19.6 26.1 34.8 46.4 61.9 82.5
11.3 15.0 20.0 26.7 35.7 47.5 63.4 84.5
11.5 15.4 20.5 27.4 36.5 48.7 64.9 86.6
11.8 15.8 21.0 28.0 37.4 49.9 66.5 88.7
12.1 16.2 21.5 28.7 38.3 51.1 68.1 90.9
12.4 16.5 22.1 29.4 39.2 52.3 69.8 93.1
12.7 16.9 22.6 30.1 40.2 53.6 71.5 95.3
13.0 17.4 23.2 30.9 41.2 54.9 73.2 97.6



An Auto-Error Correction,
Auto-Gain Ranging Analog
Data Acquisition System

INTRODUCTION
The range and accuracy of analog data acquisition systems
can be greatly improved by the implementation of software
error correction and gain ranging techniques. By utilizing
software to correct system offset and gain errors, costly and
repeated system calibration can be performed automatical-
ly.

The design of an automatic calibrating and ranging data ac-
quisition system requires only the addition of a suitable ref-
erence and a microprocessor to an otherwise standard sys-
tem. The result is a simple and accurate system capable of
handling a wide range of analog signals.

Such a system is extremely useful in industrial control, in-
strumentation, or data-logging applications.

A system is described which employs a 12-bit AID convert-
er to maintain absolute accuracies of ±0.02% to ±0.08%
over a gain range of 1 to 200, respectively, at 25°C; and
± 0.035% to ± 0.1 % over a - 25°C to + 100"C temperature
range.

When a 12-bit AID converter is preceded by a programma-
ble-gain amplifier (gain range = 1 to 200), the system dy-
namic range can be increased to over 110 dB. Because
such a system can handle a wide range of inputs, from
50 mV to 10V full-scale, low level signals from thermocou-
ples, strain gauges, load cells and pressure transducers can
be digitized with nearly the same accuracy as high level
signals.

SYSTEM DESCRIPTION

In normal operation, the appropriate input scale is deter-
mined either automatically or from a stored table containing
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gain settings for each channel. The ADC then digitizes the
channel data. Zero-error data already stored in RAM for the
present gain range is subtracted, giving data corrected for
zero-error. This zero corrected binary data is converted to a
floating-point decimal value, which is then multi pled by the
previously stored decimal value of the least significant bit of
the analog-to-digital converter, LSB, to find the true value of
the input signal.

The auto-calibration portion of the operating program re-
quires it to periodically calibrate both zero and gain factors
for each gain range and save the results in RAM. The gain
factor is represented by the decimal value of one LSB,
which is used as the multiplicand to determine the system's
true input value.

Automatic gain ranging is provided to scale the input for
highest resolution.

Before using the system, a calibration of the reference and
reference divider must be performed in the lab or field. The
calibration values are stored in UVPROM for use in system
auto-calibration and auto-gain operations. The UVPROM
can then be revised as necessary to permit a periodic up-
date of calibration data.

Hardware Implementation
Hardware implementation of the system includes a normal
data acquisition configuration, I.e., a 12-bit ADC, sample-
and-hold, programmable-gain amplifier, and input multiplex-
ers. Figure 1 is a block diagram of the circuit used, while
Figure 2 shows a detailed schematic.

LF13508
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The system employs an industry standard 12-bit analog-to-
digital converter, ADC80, featuring an internal clock and a
conversion time of 22 ",s. The LH0023 sample-and-hold
amplifier was selected because of its low drift rate of
500 ",VI see and 0.01% accuracy. Faster S/H devices, such
as the LF398, could be used at a slight sacrifice in accuracy
or drift with time. The system has 8 gain ranges, with the
ranging done in an LH0086 programmable-gain amplifier.
The gain ranges of 1, 2, 5, 10, 20, 50, 100 and 200 are
digitally controlled.
Two analog multiplexers are utilized; one for system inputs
and the other for the reference that is necessary for gain
error correction.

Calibrated Reference

The reference multiplexer samples the divided output from
an LM199 ultrastable reference. A precision resistor ladder
divides the reference by the same biquinary ratios as the
gain ranges on the programmable amp; namely 1, 2, 5, 10,
20, 50, 100 and 200. The voltages of the divider network are
measured with a 6%-digit DVM and stored in memory. This
can be done once, or periodically, in the laboratory; and the
calibration data placed in a UVPROM until the next calibra-
tion.
By selecting the appropriate multiplexer address, either the
system input, system ground, or the reference input can be
chosen for processing.
Software control is provided through interlace with an 8080-
based microcomputer, although the operation could be
speeded with other microprocessors.

SYSTEM OPERATION

System operation is outlined in the flowchart of Figure 3.

The input multiplexer is addressed to read both system
ground and the reference divider for each gain range, with
the digital representations obtained from the ADC stored in
RAM for subsequent use in auto-zero and auto gain scale
calibration.
Since an ADC's output is in binary form, it must be convert-
ed to decimal, then multiplied by the system LSB value to
obtain the corrected analog input value. This LSB value also
allows gain scale error correction.

The LSB in each range is computed by dividing the refer-
ence voltage (previously measured for each gain range and
stored in UVPROM) by the difference of the binary codes
representing the reference and analog ground. Since any
errors appear in both reference and zero scale readings,
they cancel out when subtracted and have no affect on the
calculation. These LSB values are stored in RAM for later
calibration use.

Determining Amplifier Gain

The proper amplifier gain may be found either automatically
or from a stored table containing gain settlings for each
channel. One way to accomplish this automatically is to ob-
tain a digital representation of the input channel from the
ADC, subtract the zero-error data already stored in RAM (for
unity-gain), and use the result to control the gain. A stored
look-up table permits faster operation while the automatic
procedure offers greater flexibility.

Auto-Zero and Auto-Gain Scale Correction

With the amplifier set for the appropriate gain, a digital rep-
resentation of the input channel data is obtained from the
ADC and stored in memory. The zero-error data for that gain
is subtracted to correct for all system offset errors. This
result is multiplied by the LSB value for that gain to obtain
the true input reading.
Not only does the LSB value correct for full-scale error in
the ADC and gain errors in the amplifier and S/H, it also
rescales the answer to its original level.

Auto-Ranging

Some means must be provided to allow for automatic gain
ranging in case the input voltage has changed since the last
conversion loop, or if different input channels have different
signal ranges. This is accomplished by testing the corrected
result to ascertain if up or down gain ranging is required. If
ranging is required, the program increments or decrements
the previous amplifier gain setting and repeats the conver-
sion. If the result lies within the proper window, I.e., between
approximately half and full-scale (large enough so that in-
creasing gain would result in an overrange condition), it can
then be stored in memory, displayed on a CRT, or used to
control some other process.
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Figure 4 steps through an example calculation showing how
the auto-zero and auto-scale correction works.

LSB Computation
Assume:

AV1 = 10.01 AV2 = 0.992
(amplifier and 5tH gain errors)

VOS1 = 5 mV VOS2 = 10 mV VOS3 = 7 mV
(offset for each stage)

Reference voltage for Av = 10 is 0.6986V

Full-scale range of ADC = 12V

Input voltage = O.60V

Therefore: amplifier gain range = 10

Find Zero-Error Data
VIN = ground = OV

V01 = AV1 VIN + AV1 VOS1
= (10.01){O) + (10.01){O.005) = 50.05 mV

V02 = AV2 {V01 + Vosv
= 0.992 (50.05 mV + 10 mV) = 60.016 mV

VADC1 = V02 + VOS3
= 59.649 mV + 7 mV = 67.016 mV

Zero Data Decimal _ VADC1
Digital Code ADC Full-Scale Range

VADC1 67.016 mV .
= 12V 4096 bits = 12V 4096 bits

= 23 bits (zero data correction factor)

Find Gain Reference Data
VIN = VREF1 = 0.6986V

V01 = AV1 VIN + AV1 VOS1
= (10.01){O.6986V) + (10.01){5 mV) = 7.043036V

V02 = AV2 {V01 + Vosv
= 0.992 (7.043036 + 10 mV) = 6.9966117V

VADC2 = V02 + VOS3
= 6.9966117V + 7 mV = 7.0036117V

Gain R~f~rence Decimal = VADC2 4096 bits
Digital Code 12V

7.0036117V. .
= 12V 4096 bits = 2390 bits

Compute LSB

1 L5B = VREF10
Gain Code-Zero Code

0.6986V = 295.01698 V
2390 bits - 23 bits J.L

(scale correction factor)

Now Assume System Input = O.6V
VIN = 0.60V

V01 = AV1 VIN + AV1 VOS1
= (10.01) (0.6) + (10.01) (0.005) = 6.05605V

V02 = AV2 (V01 + VOS2)
= 0.992 (6.05605 + 10 mV) = 6.01752V

VADC3 = V02 + VOS3 = 6.01752V + 7 mV

= 6.02452V (reading includes errors)

Input Y~lue Decimal = 6.02452V 4096 bits = 2056 bits
Digital Code 12V

.101, =10.01
Vos, =5 mV

LH0086

Ao,=0.992
VoS2=10 mV

LHOO23

LF13508
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Value)
= (2056 bits-23 bits) (295.01698 ,...Vl
= 0.60V

Input Channel Polling
The next step depends on whether the software polls the
input channels sequentially or individually. If it polls them
sequentially, the input mUltiplexer address is incremented
by one and the next channel is read. If not, the input re-
mains addressed and the same numbers are used for offset
and gain error corrections.
The calibration procedure should be repeated every few
minutes or hours, depending upon environment and experi-
ence. This allows correction for any temperature drift effects
in the components.

SYSTEM PERFORMANCE

System Performance Related to Input Range
Different ADC input ranges (unipolar, bipolar, etc.) have vari-
ous effects on system performance. If a unipolar OV-10V
conversion is used, provision must be made for negative
offsets in the system since OV is the lowest reading possi-
ble. This can be accomplished by running the ADC in a bipo-
lar connection with a -10V to + 10V range, except that
now an LSB is 4.88 mV instead of 2.44 mY, which results in
an actual 11-bit resolution for a OVto + 10V input range. For
this reason, a bipolar - 2V to + 10V range was chosen in
this system. The - 2V allows for negative offsets, while the
12V range increases an LSB to only 2.92 mY, thus preserv-
ing near 12-bit resolution. This input range scaling is accom-
plished on the ADC80 by inserting a 1 kfi input scaling re-
sistor in series with the internal 5 kfi resistor. This forces
the full-scale current of 2 mA to occur at (2 mAl x (6 kfi) =

12V. The -2V offset is achieved by adding enough current
at the summing juntion of the comparator so that at a - 2V
input, the ADC thinks it is at zero scale. The necessary cur-
rent is given by:

-2V
6kfi = -333,...A

An offset current of 333 ,...Ais added via an 18.6 kfi external
resistor from the 6.2V reference output to the comparator
negative input.

Temperature Effects of Reference Divider
Temperature coefficients of the external resistors need not
match that of the resistors internal to the DAC because of
the correction afforded by the auto-calibration operations.
The same is true of the temperature coefficient of the offset
current source.

several divided output voltages are measured and stored in
a UVPROM. Due to the LM199's long-term (1000 hours)
stability of 20 ppm and low temperature coefficient of
0.5 ppmfOC between - 55"C and +85"C, and 10 ppmfOC
between + 85"C and + 125"C, the reference voltage itself
will vary less than 90 ppm or 0.009% over 1000 hours and
- 55"C to +85"C, and only a maximum of 490 ppm or
0.049% over the entire -55"C to + 125"C temperature
range.
Although the auto-calibration procedure corrects the ADC's
gain and offset drifts, any tracking errors in the reference/
divider network directly contribute to system accuracy error.
This occurs because the LSB computation involves compar-
ing the divided reference values to the values previously
measured at 25"C and stored in memory. Any change in the
reference values will cause the LSB to think the system gain
is higher (or lower) than it really is. The corrected result will
then reflect this error.
If a thin-film resistor array were utilized, with careful layout
procedures followed to keep temperature tracking within
± 1%, the total worst-case error would be ± 4.5 ppmfOC.

Noise Considerations
At high gains, the amount of noise present in the layout
limits system accuracy. With an amplifier gain of 200, and
the resulting full-scale input range of 50 mY, an equivalent
LSB is:

50mV
4096 bits

or 12 ,...V.Any noise above these levels will degrade system
accuracy.
It is possible, however, to significantly reduce the noise
component by taking several samples and averaging the
readings. This is practical only in the event that the input
signal is varying slowly compared to the conversion time.
The circuit layout, therefore, must be arranged to minimize
noise. A single point analog ground is imperative. All analog
ground connections, such as inputs, references, sampling
capacitors, and supply bypassing are returned to this point.
Separate analog and digital grounds must be provided to
minimize coupling of digital noise into the analog circuits.
Digital signal traces should be kept as far as possible from
the analog signal path to avoid capacitive coupling of sig-
nals. Both supplies on the ADC should be well bypassed
close to the ADC.



Data Accuracy
The prototype system was tested over a - 2S·C to + 100·C
temperature range with DC signals between S mV and 10V
to evaluate dynamic range and accuracy vs temperature.
Absolute accuracy of the system at 2S·C was measured as
better than ±0.02% for 10V full-scale inputs, and ±0.08%
for inputs less than SOmY. Over a - 2S·C to + 100·C tem-
perature range, accuracy decreased to +0.03S% and
± 0.1% for full-scale and low level inputs, respectively. This
degradation was due to the total ± 3.2 ppmrC linearity
tempco of the ADC and programmable-gain amplifier.
The ± 0.1% accuracy figure measured at a gain of 200 rep-
resents accuracy to within ± 4 LSBs. which is impressive
considering that an LSB is only 12 ".V at that gain range.
When system accuracy is represented as a percentage {If
full-scale range, % FSR, performance was better than
±0.03% (G = 1) and ±0.07% (G = 200) over the -2S·C
to + 1000Ctemperature range. The accompanying graphs
illustrate accuracy.

System Absolute Accuracy
vs Input Voltage and
Temperature

_ 0.14

'"~ 0.12

~ 0.10
::l

~ 0.08

§ 0.06
~ 0.04~

0.02

Operating speed was limited because the programs were
written in Fortran; higher speed operation could be achieved
by writing programs directly in assembly language. A con-
version of an input channel without any auto-calibration or
gain ranging took 3S0 ".S, mainly computation time.
If a microprocessor such as the 8073 (43 ".s) or the
NS16000 (S ".s) with an internal multiply instruction were
used, the same conversion could be performed in 2S0 ".S or
20S ".S, respectively. By implementing some of the auto-cal-
ibration. gain ranging software procedures in hardware, the
overhead time they add to the 3S0 ".S conversion could be
further reduced.

CONCLUSION
In this analog data acquisition system employing software
implementation of error correction and gain ranging, the dy-
namic range improvements, flexibility and accuracy benefits
are most useful in industrial control and instrumentation ap-
plications. Furthermore, the system requires neither calibra-
tion, potentiometers, nor periodic calibration adjustments.

System Accuracy, % FSR,
Over - 2S·C to
+ 1000CRange

0.14

•• 0.12

~ 0.10..•B 0.08

; 0.06

~ 0.04

0.02



An AM Radio lIe For
Electronically Tuned
Radios
INTRODUCTION
The LM1863 is an AM Radio IIC designed specifically to
complement the LM1865 FM Radio IIC in high quality auto-
motive electronically tuned radios. It features a high SIN
ratio, low distortion and valid station stop detection, along
with RF/IF AGC, high recovered audio output and low qui-
escent current drain. Also the design takes into account the
future needs of AM stereo radios (irrespective of which sys-
tem is the "winner") by providing a low phase noise oscilla-
tor, an IF amplifier output for stereo decoders, and a signal
strength meter.
A major difference between the modem radio and previous
automotive radios is the way in which the radio is tuned.
Instead of variable air-dielectric capacitors (common in ta-
ble radios) or variable inductors (slug tuned), the LM1863 is
designed to work with varactor diodes. Because the control
voltage developed by the tuning system is common to the
antenna/RF stage as well as the L.O., tracking across the
AM band can be tricky, particularly since the RF changes
over a 3:1 range whereas the L.O. frequency changes over
a 2:1 range. To ease this problem, a new RF input stage has
been developed and the L.O. of the LM1863 is level con-
trolled.
The RF stage is described in more detail later and it is suffi-
cient to note here that an external discrete F.E.T. input
stage is preferred over a bipolar IIC stage for overload

,CIDIIW
ANTENNA EQUIVALENT
CIRCUIT AND RF INPUT

National Semiconductor
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capability-a significant consideration for automobile radios
that move around in the vicinity of a transmitter-and that
the RF AGC developed by the LM1863 helps to prevent
large signals appearing across the tuning varactors which
would contribute to poor tracking and overload. Although
the LM1863 can be used without an RF stage, i.e., a direct
connection from the antenna to the mixer stage, for auto-
motive applications it is necessary to isolate the RF tuned
circuits from the highly capacitative whip antenna so that
varactor tuning can be employed. This is achieved with the
FET stage, and dOUble-tuningprovides a wide RF band-
width for good audio quality yet with sufficient selectivity for
good image (mirror signal) rejection.
Level control of the L.O. is important for good tracking per-
formance, since the synthesized tuning system provides a
tuning control voltage based on the bias required across the
L.O. varactor for the desired station frequency. If the ampli-
tude of the L.O. waveform modulates the varactor capaci-
tance differently at each end of the band, then slightly differ-
ent dc tuning voltages will be developed which will tend to
skew the RF tuning. The L.O. output is also buffered for the
tuning synthesizer phase detector input (for more informa-
tion on the synthesized tuning IICs, see AN-335 and the
Ds8906/07 108/09/10 data sheets).
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FHIGH 3.2:1 FHIGH 2.2:1
FLOW FLOW

Rpl = 2 X Rpl
2MHz IMHz

FIGURE 2. Change In LO Amplitude with Frequency

RF AGC is obtained directly from the signal amplitude at
input to the mixer stage. Since this is before the IF amplifier
selectivity, the RF AGC is wideband so that when strong
interfering signals are present within the RF bandwidth. gain
reduction will help to prevent intermodulation products from
being developed and masking the desired signal. Even so,
the threshold at which AGC action begins must be high
enough to prevent loss of signal sensitivity due to premature
RF AGC. Because the threshold is set internally to 6 mVrms
at the mixer input, changing the RF stage gain will have the
effect of changing the antenna RF AGC threshold. Prior to
RF AGC action both the mixer and the IF amplifier are gain
reduced by up to 20 dB to maintain a good SIN ratio with
high sensitivity for the entire system. A 20 dB SIN ratio is
obtained for only 30 p.V RF input levels (through a -16 dB
equivalent antenna pad), and a maximum SIN ratio of 54 dB
is obtained at strong RF signal levels. The mixer gain is
adjusted by a tap on the mixer output coil which is also
providing an impedance match to the IF ceramic filter. The
IF gain is similarly set by the L-C-R tank circuit connected to
the IF output. This is the point at which a phase modulated
IF carrier is obtained for a stereo decoder.
Returning to the L.O. for the moment, when a phase modu-
lated signal is received, any phase variation in the L.O.
waveform will be transferred to the IF waveform and be de-
tected in the PM channel of the stereo decoder. This means
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poor stereo separation and degraded SIN ratios. The im-
pact of L.O. phase noise is further aggravated by the rela-
tively limited deviation employed in the proposed stereo sys-
tems which is typically 1 radian maximum (or practical). The
LM1863 L.O. has been designed for low phase noise al-
though the varactor control voltage and associated resistor
will tend to reduce the noise performance. Currently we are
observing around 60 dB SIN for the LM1863 L.O. alone,
decreasing by 6 dB to 10 dB when varactor control is ap-
plied.
For automatic stopping on valid stations, the LM1863 mea-
sures the signal strength (is the station SIN ratio good
enough?) and looks to see if the IF carrier is correct (a
455 kHz waveform from the IF amplifier output?). The signal
strength indication is obtained simply from the IF/Mixer
AGC amplifier which also provides a signal strength meter
output drive. The presence of the correct IF waveform is
determined by applying the IF amplifier output to a limiter
stage followed by an inexpensive 455 kHz ceramic filter. In
the case of a stereo radio, this IF carrier presence could
also be detected from the excess phase output of the
stereo decoder (see LM1981/CLAU 124B).
Damping the resonator with an external resistor will in-
crease the "window" for frequencies that can activate the
stop detector and another resistor will set the signal
strength threshold level required for stop indication.

470pF 150K~y'



II~

RF AGe

TO 02
BASE

IF OUTPUT

12

STOP
THRESHOLD
AND FILTER

Automatic scanning for valid stations is fine as long as it
doesn't take too long to identify a station. However, in order
to detect the signal strength when the scanner moves from
a strong station to a weaker station requires rapid AGC set-
tling. This leads to problems with audio distortion since the
AGC detectors for an AM waveform are supposed to track
only the average envelope amplitude. If fast AGC action is
required. there is a tendency to start tracking the modulation

envelope thus causing detected audio distortion. The
LM1863 minimizes this effect yet obtains faster AGC set-
tling by using dual time-constant AGC filters.
Typical performance characteristics are summarized in Ta-
ble I and Figure 6 shows a complete block diagram of the
LM1863. With this overview of the design goals and circuit
functions of the LM1863, we can now turn to a more de-
tailed description of the actual I/C.
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TABLE I. Performance Summary

Static Characteristics
Supply Current

Operating Voltage

Dynamic Characteristics

fMOD = 1 kHz,lo = 1.0 MHz 30% MOD

2.2/LV

30/LV·

54dB

8.2mA

7.0-16V

Maximum Sensitivity

20 dB Quieting

SIN (10 mV Input)

THO

Audio Output

Stop Signal Threshold

Stop "Window"

Stop Time

RF Bandwidth

Image Rejection

RF AGe Threshold

·with 16 dB Antenna Pad

•• Externally Adjustable

0.2%

125mV

50/LV··

4 kHz

<50 ms

28 kHz

>70dB

3mV·



THE R.F. AMPLIFIER STAGE

A schematic for the RF stage is shown in Figure 1 and con-
sists of an FET front end which is able to isolate the anten-
na capacitance from the tuning varactor diodes and with-
stand the potentially high signal field strengths that may be
present. Since the FET transfer characteristic is basically
square law, this means better intermodulation performance
is obtained compared to a bipolar input stage, particularly at
lower operating current levels. Two tuned circuits at the in-
put and the output of the second stage transistor 02 can be
adjusted to give a good RF bandwidth for signal fidelity, yet
adequately reject image frequencies that can appear at the
antenna. Also the coupling between 01 and 02 has been
arranged to compensate for the increasing gain that occurs
as the frequency goes up because of the increase in dy-
namic impedance of the tuned circuits. The main signal path
is through C19 into the base of 02. At the low end of the AM
band, the tuning varactor 01 and the capacitor C26 act as a
divider, supplying an additional signal path through C18 to
02 base. As the tuned radio frequency increases, the ca-
pacitance of 01 decreases and less signal is coupled
through C1a, thereby keeping the RF gain relatively con-
stant across the band.

If the RF stage gain was maintained throughout the operat-
ing signal strength range of the radio, high RF signal levels
would cause modulation of the tuning varactors and over-
load of the mixer stage, resulting in crossmodulation and
tweet problems. To prevent this, above a certain RF thresh-
old level, Pin 3 of the LM1863 pulls current through the 5 kO
resistor also connected to 02 base. Since the dc bias for 01

lZOO/'A

is supplied through 02 and T1 primary, when 02 base is
pulled down it forces 01 to operate in its low gain resistive
region.

THE LOCAL OSCILLATOR
The basic L.O. circuit is comprised of the differential pairs
0304 and 0506 providing gain, and positive feedback from
an LlC frequency determining network through 01A and 01'
015 buffers the L.O. with an output level of 147 mVrms at
Pin 17 for the frequency synthesizer system, and drives the
level detector circuit of 09 and C1. This in turn controls the
gain of 0506 through the current source 070a012
(Figure 7).

The relative complexity of the oscillator circuit is determined
by the need for a stable oscillator frequency and low phase
noise. Addressing stability first, with an external L/C tank
circuit setting the operating frequency, it is desirable to keep
the tank circuit 0 as high as possible. With a high 0, any
drift in internal phase shift of the oscillator because of tem-
perature or supply voltage changes will require only a small
shift in the frequency to compensate. Of course, for a syn-
thesizer system the tuning control voltage will change by a
small amount instead, so that the operating frequency re-
mains constant. The disadvantage of high 0 operation is
that the oscillator output load is set entirely by the dynamic
impedance of the tank circuit. For a fixed peak current from
the oscillator, this means that the output amplitUde will
change with operating frequency and cause modulation of
the varactor diode that is used in place of the tuning capaci-
tor C shown in Figure 7.



The LM1863 solves the problem of working with a high 0
tank circuit by controlling the oscillator amplitude. The tank
circuit voltage is detected and, above a certain threshold
level, dc feedback controls the circuit gain for a constant
amplitude waveform. The threshold level is set at 147
mVrms - a signal level that is sufficiently large to ensure
full switching of the mixer stage and adequate drive to the
frequency synthesizer, yet not large enough to cause for-
ward biassing of the tuning varactor when low tuning control
voltages are being applied. The minimum control voltage on
the varactor is about W, and if the ac signal swing caused
forward biassing, the varactor 0 would fall and cause it to
load the oscillator output.
The oscillation threshold level is set by a 200 ",A current
flowing through R" which gives a 200 mV offset across the
differential pair 070e. As a result most of the current in 0'2
is flowing through Oe and in the differential pair 0506. This
is the maximum gain condition for this stage. When the peak
positive swing of the oscillator waveform exceeds 200 mV
peak, the capacitor C, is charged, and 07 takes more of the
current available from Oe, thus reducing ISlASand the 0506
stage gain correspondingly. Since the following stage 0304
gain is fixed by the tank circuit load resistance and an inter-
nal 26 ",A current source, the ISlASat which oscillation am-
plitude becomes constant is given by

83.3
ISIAS(mA)= - (1)Rp

As the tank circuit load impedance is reduced, the oscillator
amplitude will drop slightly due to finite loop gain in the feed-
back path, but load resistors as low as 30 kO can be ac-
commodated with the range of ISlASprovided in the oscilla-
tor circuit.
To keep phase noise to a minimum, the DC output current
from 03 is kept low and both base drive resistors R" and
R'2 are small. The base ac signal drive is also small to
prevent signal rectification occurring in the emitters of 0304

as a result of the low tail current. If rectification were al-
lowed to happen the oscillator waveform would be phase
shifted by the generation of a 2nd harmonic. Although 0506
are being driven hard enough to be switched, the relatively
heavy ISlAS current level will prevent rectification, even
when ISlAS is varied to control the amplitude. The noise
current contribution of ISlASappears as a common-mode
signal to the output stage 0304, ensuring good overall low
noise operation.

THE MIXER AND RF AGC DETECTOR
The mixer is the familiar, doubly balanced monolithic type
which suppresses both the incoming RF and LO waveforms
in the output, enabling low cost ceramic filters to be used in
the IF amplifier.
The conversion gain of the mixer is determined by the load
impedance of Pin 9 and the transconductance of the lower
transistor pair 02002' and the diodes D3D4. 022 controls
the current flowing in this stage and by changing this current
level, the mixer can be AGC'd. At maximum gain, the total
current is 1 mA, yielding a mixer gain of

RL
Av = 1T X104 (2)

The load for the mixer also provides the impedance match
to the ceramic filter that is setting the main selectivity char-
acteristic of the IF amplifier. Even so, these low cost filters
do not completely satisfy the typical radio selectivity require-
ments. Usually the adjacent channel attenuation is only
around 20 dB, and the spurious response rejection barely
27 to 30 dB. To improve the A.C.A. and spurious response,
the mixer tank circuit and the IF output tank also contribute
to the radio selectivity.
For a typical I.F. transformer, the capacitor included within
the shield is constrained by economic and manufacturing
considerations to 180 pF or less. This relatively small ca-
pacitor size has two impacts. The necessarily large induc-
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C') tance required for tuned operation at 450 kHz means that:Z unloaded 0 values range between 90 and 150, so that oper-
e( ation at or close to the unloaded 0 is desirable - high

insertion loss is inevitable. Secondly, any variation in the
mixer amplifier output capacitance with supply voltage
changes will have the effect of detuning the tank circuit. For
example, if the total tuning capacitance is 100 pF, then a
capacitance change of < 1 pF (roughly the change that will
occur in the LM 1863 mixer output over the operating supply
voltage range) will detune the tank circuit by 2.2 kHz! Fortu-
nately both problems can be solved by tapping the primary
coil of the transformer. This reduces the loading effect of
the mixer output impedance on the tuned circuit and iso-
lates the potential variation in output capacitance.

Putting a few numbers to the mixer output circuit shown in
Figure 8, the coil primary is specified for an unloaded 0 of
100 and tunes to 450 kHz with a 100 pF capacitor. With a
primary tap ratio of 2.72:1 the maximum change in capaci-
tance across the coil is now < 0.14 pF, causing less than
300 Hz detuning effect. The reflected load across the pri-
mary from the mixer output is 200Xl03 X (2.72)2 = 1.5
Mn. With a primary inductance of 1.25 mH, the tank dynam-
ic impedance is 350 kn which gives a total load resistance
of 283 kn and a working 0 of 89. Therefore the turns ratio
required to match the 2 kn input impedance of the ceramic
filter is 11.9:1. Practically, 12:1 is used, giving the number of
turns on the secondary as 15. The primary of the transform-
er reflects a load to the mixer output of 283 x 103/(2.72)2,
or 38.25 kn, setting the maximum gain from the mixer input
to across the primary of

38.25 x 103
Av = 7T X 104 X 2.72 = 50 dB

The transformer voltage loss is 21.6 dB and the ceramic
filter insertion loss is typically 1 dB to 6 dB. Together with
the resistive divider loss of 4.3 dB at the input to the IF, total
circuit losses amount to 27 dB, giving an overall gain (mixer
input to IF input) of 23 dB. More or less gain can be accom-
modated by shifting the tap on the mixer coil or revising the
resistive divider at the input to the IF amplifier. However, this
value of gain has been chosen in conjunction with the gain
provided by the other active circuits to optimize the radio
sensitivity and signal handling capability. Care should be ex-
ercised when other gains or operating bandwidths are se-
lected.

To maintain low distortion at large input signal field
strengths, the mixer input level is limited to 6 mVrms. Until
the mixer input reaches 6 mVrms, the mixer and IF amplifier
are both gain controlled, with the RF stage operating at full
gain to give high sensitivity and good SIN ratios. After 6
mVrms has been reached, the wideband AGC detector 023
through 030 comes into operation and begins to gain re-
duce the RF stage. Wide-band AGC refers to the fact that
the AGC detector is responding to all sufficiently large input
signals within the RF bandwidth. Thus a strong adjacent
signal capable of producing cross-modulation in the RFI
mixer stages is detected, whereas a conventional narrow-
band detector (folloWing the audio detector stage) would not
sense the presence of such a signal, since it would be out-
side the IF amplifier bandwidth. The threshold level is set by
the difference in collector load resistors of 023 and 024. For
no signal input, the collector of 024 is 250 mV below 023
collector, thus completely off-setting 026, 027. For 026 to
begin sourcing current this offset must be reduced by the
signal level at Pin 18 to between 60 mV and 70 mY. Then
the output device 030 starts to sink current - 10 /LA for a 6
mVrms, 30% modulated input signal. As the signal increas-

es, 030 sinks more current, pulling down the base of 02 in
the RF stage and reducing the RF gain. Higher modulation
depths (contributing to more cross-modulation from unwant-
ed carriers) tend to reduce the RF AGC threshold slightly -
to about 5.3 mVrms at 80% modulation.

3 18
RF RF

AGe INPUT

FIGURE 9. RF AGe Detector

THE I.F. AMPLIFIER
A two stage amplifier is used for the IF waveform. The first
stage is a differential pair 053054 with almA tail current
source 051' With this current the stage gain is almost 28 dB,
and the signal is dc coupled to the output through the sec-
ond stage 056. Since the output load for 056 is external and
set by the IF tank circuit tuned impedance RL' the total IF
amplifier gain is given by

RL
Av = 28 dB + 2010g10 108 dB (3)

At 450 kHz the tank dynamic impedance is 354 kn which, in
parallel with a damping resistor of 200 kn to give an operat-
ing bandwidth of ±3.5 kHz (OL = 64), transfers a total load
of 3 kn to Pin 12. Therefore the total IF amplifier gain is 28
dB + 29 dB = 57 dB.

The I.F. amplifier gain can be changed in two ways; either by
AGC action as described later, or by changing the load im-
pedance at the second stage output, Pin 12. However, in
order to preserve signal handling capability the IF amplifier
maximum gain should not be allowed to fall below approxi-
mately 50 dB. This is because the AGC system will be hold-
ing the output constant and a lower gain amplifier will mean
larger input signals that may overdrive the input stage, caus-
ing distortion. For example, an 80% modulated signal will
swing 2.5 volts (p-p) at the output. If the amplifier maximum
gain is 50 dB, after 20 dB IF gain reduction the input signal
level is 28 mVrms, which is uncomfortably close to the maxi-
mum recommended input level of 50 mVrms.

Automatic Gain Control of the IF amplifier is obtained by
offsetting the differential pair 051052. At maximum gain the
total current for 053054 flows through 051' As AGC action
commences, the current flow is shifted over to 052 as 049
pulls down 051 base. When this happens the stage gain is
reduced by the emitter degenerating resistors R41 and R42.
These resistors are slightly different in value so that the dc
output level on 056 base is kept constant as the current
shifts from 051 to 052, preventing the possibility of 056
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any diode envelope detector, the RC time constant (consti-
tuted by the capacitor C2 and the load presented by 061) is
a compromise between providing adequate filtering of the
I.F. waveform from the output, and preventing slewing dis-
tortion. If the time constant is too long (more effective filter-
ing), then at high modulation indices and modulating fre-
quencies the capacitor will not be discharged fast enough to
track the downward modulation of the signal. This causes
slewing distortion or "diagonal clipping" and to avoid this

1 (1 ) 'IzRC<- --1
Wrn M2

For the LM1863, RC - 1.13 x 10- 4, which means that at
80% modulation depth, frequencies up to 1 kHz will be free
of diagonal clipping.
The detected audio also drives the AGC amplifiers through
the buffer transistor 061. The first amplifier 066067068 is
offset by RS2and this resistor is large to provide sufficient
emitter degeneration so that the amplifier can handle the
large amplitude signals that will be present by the time that
the AGC threshold is reached. The reason for this is that the
amplifier must linearly amplify the signal prior to AGC action
for the meter drive and stop detection circuits.
As the detected signal level increases, the current in 068 is
mirrored in 069 and passes to the second AGC amplifier
03S036037038. At this point the signal is filtered in two
places.
First, at the base of 069 with a time constant set by the
internal resistor, RS6'and an external capacitor C4 at Pin 4.
This sets the AGC loop high frequency pole. Secondly, a
dominant or low frequency pole is set by an external capaci-
tor, Cs, at Pin 1, working against the feedback impedance of
the second AGC amplifier. The first higher frequency pole
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allows Cs to be much smaller than that required for a single
pole loop with equivalent THO, and a smaller capacitor
means that faster stop times are obtained. Cs is selected
empirically for the desired stop indication time under speci-
fied signal conditions (typically less than 50 ms) and C4 IS

chosen to minimize the THO. Since both capacitors will af-
fect the THO and stop time an iterative selection process is
indicated. A couple of precautions are worth noting; a large
ratio between the capacitors will either degrade the stop
time or THO, or too small a ratio will cause peaking in the
loop response, producing low frequency noise in the audio
output.
As the detected signal increases, more current flows in 069
collector. This is supplied by 030 which is a mirror to the
current change in 036 as 038037 base voltages start to fall.
036 current is also mirrored by 032 for the stop detector
and meter drive circuits. Above a given threshold, further
increases in signal level will cause 033 to conduct and the
IF amplifier begins to gain reduce. The overall AGC loop
gain is relatively low and the detected audio continues to
increase while the IF amplifier gain is reduced by about 20
dB. 030 current cannot continue to increase after this point
is reached because it is limited to the maximumtotal current
available to 036037' Now the base voltage of 038 will start
to fall rapidly. This pulls down the base of the IF mixer de-
vice 022, which gain reduces the mixer. Small changes in
022 base voltage will produce large changes in device gain
and the increased AGC loop gain now holds the detector
output level constant until gain reduction is taken over by
the RF stage. Figure 12 shows the gain reduction of the IF
and mixer as the signal strength increases.
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STOP DETECTOR AND METER DRIVE
Prior to any AGC action the current from the AGC amplifiers
is applied to the stop detection circuit and to the meter drive
circuit. Initially the AGC current from 032 flows into the di-
ode 080 and is mirrored yet again in 089 and 088 before
being converted to a voltage across the internal 50 kO re-
sistor R60. 090 buffers the meter output voltage to Pin 15.
As the signal level continues to increase, 033 turns on and
the IF amplifier is gain reduced. When 032 and 033 can no
longer increase in current level, the gain reduction transfers
to the mixer as the base voltage of 038 falls. Simultaneously
the current in R19 decreases, removing the offset across
041 and 042. Originally 042 was taking all the tail current
from R32 but when 041 turns on more current is sourced to
080, continuing the increase in meter voltage throughout
the mixer AGC range.



Similarly, the current sourced to 080 as the signal level in-
creases is also appearing in 081, thus supplying an increas-
ing tail current to the differential pair 082083. Therefore, for
a given bias voltage across this pair, more current will be
available to 084. The bias across 082083 is determined by
the presence or absence of an IF amplifier output at the
proper frequency. Spurious signals not at the intermediate
frequency will cause the current in 081 to increase but un-
less the offset is removed from 082083 this current is
dumped into the supply and there will be no stop indication.
The IF signal is coupled directly to the differential pair
075076 with the collector of 075 connected over to 093
base. The collector of 075 is also connected to a piezo-ce-
ramie resonator at Pin 7. This resonator has a shunt resistor
across it causing a small decrease in 075 collector voltage,
thus offsetting 092093 (and subsequently 082083) under
no-signal or mistuned conditions. However, when an ac sig-
nal is present within the bandwidth of the resonator, this
signal is coupled to 092093 which provides a differential
450 kHz signal to the stop detector 082083. Rectification of
the ac signal by 085 and C3, along with a signal strength
causing sufficient current flow in 081, provides a stop indi-
cation at Pin 15. The signal strength at which this occurs
can be adjusted by the external resistor at Pin 5. Because of
the somewhat limited gain available in the resonator amplifi-
er (to prevent large unbalanced currents at harmonics of the
intermediate frequency-which can contribute to tweet)
large modulation peaks will create glitches in the stop de-
tector output. The filter capacitor across the resistor at Pin 5
will help prevent these glitches, but the time constant must
be kept under 30 msec. to avoid increasing the stop time
required during the station scanning mode. Pre-charging the

STOP
OUTPUT
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capacitor with an external 1.2 Mfi resistor from the supply
allows a longer TC to be used without affecting the stop
time. Adjusting the range of signals passed by the resonator
is done by changing the damping resistor across the reso-
nator. Some bandwidth increase is necessary since the cen-
ter frequency is specified only to within ± 1 kHz of the cor-
rect frequency. Nevertheless, too much damping should not
be used if response to adjacent channels is to be avoided.
Other alternatives to using a resonator for determining the
IF amplifier output frequency are possible. Some synthesiz-
er systems include a counter for the IF and the excess
phase output from a stereo decoder IIC (such as the
LM1981) will also provide an indication of the correct IF. In
these cases, Pin 7 of the LM1863 is connected to the regu-
lator voltage at Pin 14 so that now Pin 5 simply responds to
the signal strength.
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A complete AM radio design is shown in Figure 16 with an
appropriate p.c.b. layout in Figure 17.The dashed lines from
the gate of 01 and Pin 18 of the LM1863 represent the
different connections required for evaluation/measurement
purposes or for use as a radio.
In order to align the mixer/IF amplifier stages. inject a 10
mVrms, 1 MHz carrier waveform through C23 to the mixer
input. Set the LM1863 L.O. exactly to 1.45 Mhz (measured
at Pin 17) by adjusting the tuning voltage on the varactor
diode 03 - the positive terminal of capacitor C25 on the
p.c.b. When the correct tuning voltage is reached. approxi-
mately 4.5V DC, the IF output frequency at Pin 12 will be

450 kHz. Reduce the carrier level to 10 ",Vrms and modu-
late to a depth of 30% with a 1 kHz audio signal. Peak T4
and T5 until the recovered audio at Pin 13 reaches a maxi-
mum. If necessary, adjust T5 slightly until the THO is less
than 0.5% when the modulated carrier level is increased
back to 10 mVrms.
For RF alignment, reset the tuning voltage to 1V DC and
center all the trimmer capacitors. Adjust the L.O. coil for a
frequency of 980 kHz at Pin 17 and then increase the tuning
voltage until the output frequency is 2060 kHz. The required
tuning voltage should be between 7.5V DC and 9.5V DC or
readjustment of the coil and trimmer capacitor C24 is need-
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FIGURE 17. LM1863 Circuit Board Layout
ed until it is within this range. Inject a low level modulated recovered audio. As a further check, measure the gain at
RF carrier at 600 kHz through the dummy antenna circuit 530 kHz and 750 kHz carrier frequencies and adjust the RF
and adjust the tuning voltage until the L.a. frequency is coils so that the recovered audio is about the same at either
1050 kHz. Peak T2 and T3 for maximum recovered audio, frequency. If this procedure is followed. the total gain varia-
decreasing the RF carrier level if necessary to keep the tion should be less than 6 dB across the entire AM band.
signal below the AGC threshold (less than 100 ",Vrms input Typical performance curves for the completed radio are
levels). Change the RF carrier frequency to 1500 kHz with a shown in Figure 18 and an equivalent schematic for the I/C
corresponding change in the L.a. tuning voltage for an L.a. appears in Figure 19. In conclusion the LM1863 offers a
frequency of 1950 kHz. Trim the RF capacitors C20and C21 high quality AM radio signal processing circuit, and is partic-
for maximum recovered audio. This process should be re- ularly well suited to radios using varactor tuning and fre-
peated until both carrier frequencies produce maximum quency synthesis.
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Additional Performance Information:

"THD for 80% modulation for 'MOD = 1 kHZ at:

VGEN = 1V is 0.5%

VGEN ~ 10 mV is 0.4%

-Tweet <2% at all input levels.

-Typical time for valid stop indfcation < 50 ms.





AM and FM Integrated
Circuits For
Electronically Tuned
Radios

INTRODUCTION
The increasing availability of digital tuning systems using
phase locked loops to control the radio local oscillator (L.O.)
frequency and R.F. tuning, and the anticipated introduction
of an AM stereo broadcast service, has motivated the de-
velopment of a new set of integrated circuits (1/Cs) specifi-
cally designed to handle the broadcast signal processing
functions of the radio. Features such as a valid station stop
detector are provided for interfacing with the tuning system,
and Improved FM performance is achieved together with
the use of dual-threshold AGC circuits and a novel low dis-
tortion quadrature detector. Special attention has been paid
to the AM circuit design in order to accomodate the pro-
posed AM stereo broadcast formats.
Digitally or electronically tuned radio receivers have been in
existence for a number of years. Recent IIC developments
incuding the use of low cost general purpose controlle;
IICs, have made digital tuning feasible for applications over
a broad product line. Probably nowhere is this more impor-
tant than in the automobile radio, where easy pushbutton
tuning isn't merely a convenience but a significant safety
factor. Electronic tuning is also able to offer a number of
features such as:

1) Accurate tuning of the desired station, without drift.
2) A display of the actual station frequency.
3) Memory recall of preferred stations.
4) Scanning capability through the band.
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5) Remote or "detachable" location of the control panel.
S) The potential for completely "knob-less" controls.

To properly achieve the station scanning function (4), it is
necessary for the signal processing circuits of the radio to
provide an indication that a station is actually present on the
frequency to which the radio is tuned. This feature is particu-
larly convenient when the car driver is unfamiliar with the
local station allocations.
Before going into the details of the signal processing IICs, it
IS appropriate to briefly review the digital tuning process
shown in the block diagram of Figure 1. Essentially the con-
trol mechanism consists of a reference oscillator with a
fixed (or hard wired) divider, a programmable divider and a
phase detector. The radio local oscillator provides one input
to the phase detector through the programmable divider
where it is compared with the divided down reference fre-
quency. Any difference between these inputs will generate a
control voltage that is filtered and used to correct the L.O.
frequency. Clearly, to allow incrementing the L.O. frequency
through the relevant band, the phase detector input fre-
quencies must be equal to, or some submultiple of, the R.F.
carrier spacing. Where possible it is desirable to keep this
detector input frequency high, to simplify filtering the control
voltage yet retaining sufficient loop bandwidth to accomo-
date rapid station changes. Table 1 summarizes the typical
options that are available in the PLL synthesizer IICs,
DS890S/07108.

F - N.FREF -<DlO---
K

K = 160 (FM)
_ _ _ = 400 (AM)

TUH/8367-1
FIGURE 1. Electronically Tuned Radio Functional Blocks



Phase Detector Input

FREF
Frequency, F

(F = F~o = F~F)

FM AM/SW

4MHz 12.5 kHz 500 Hz

4MHz 25 kHz 10 kHz

1 kHz 1 kHz

3.96 MHz 9 kHz 9 kHz
10kHz 10 kHz
20 kHz 20 kHz

Figure 2 shows a further development of the synthesized
tuning radio. A control IIC is used to set the dividers in the
PLL synthesizer IIC, and to send serial data to drive a dis-
play which indicates the selected station frequency. A key-
board (or pushbuttons) enables the user to choose the sta-
tion from memory or to scan the band. Another connection
is made from the signal processing circuits to provide the
stop indication that confirms a station is operating on the RF
carrier frequency that is being scanned. The controller, a
COP420L-HSB, determines the time allowed for this stop
indication and, if one is received, either halts the scanning
process or continues to the next valid station frequency af-
ter several seconds have elapsed. The time for the stop
indication must be long enough that the station presence
can be reliably indicated, yet short enough that scanning a
sequence of vacant channels is not irritatingly long. Typical-
ly 50 msecs is allowed for station identification and an 8
second pause occurs on valid stations before scanning is
continued until the listener stops the process on the station
of choice.

THE FM SECTION
The basic FM radio signal processing section is shown in
Figure 3. The tuner gain is usually between 30 dB and 45
dB, with a 5 to 6 dB Noise Figure. While the tuned RF stage
provides image frequency rejection and some attenuation of
potentially interfering adjacent channel signals, the main se-
lectivity is provided by the filter block between the tuner and
the IF limiting amplifier. Ceramic filters have become popu-
lar since they are physically small and offer freedom from
production alignment. FM ceramic filters are classified ac-
cording to the center frequency and the micro-controller can
be hardwired to provide the appropriate offset frequency for
the PLL to match the tuner IF output to the filters that are
being used. To meet the more stringent selectivity needs of
automobile radio reception, two ceramic filters are required
and additional gain is supplied in the IF amplifier in order to
compensate for the insertion loss incurred with two filters.
By building the gain block into the LM1865 we can simulta-
neously achieve proper matching of both filter impedances
to assure minimum passband ripple and insertion loss.
An on-chip buffer amplifier means that the LM1865 will have
a higher overall gain at the intermediate frequency. Special
attention is paid to internal circuit stability as well as using a
pin-out that enables stable connection of external compo-
nents. For example, with an active gain of over 80 dB at
10.7 MHz and an input impedahce of 3000s, the feedback
capacitance from the output of the IF amplifier to the input
must be less than 0.0045 pF! To ensure that this is the case,
the buffer amplifier and the quadrature detector coil are at
opposite ends of the IIC and the buffer amplifier has an
additional power supply decoupling pin and a separate
ground pin.

FIGURE 2. FM and AM Stereo Synthesized
Tuning Frequency Radio
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Following the IF amplifier is the FM detector which, for low
external component cost and ease of alignment, uses a sin-
gle tuned quadrature coil. This part of the design can usually
be a significant contributor to distortion in the recovered
audio when large signal frequency deviations cause detec-
tor operation in the non-linear portion of the quadrature coil
phase characteristic. Solutions such as using double tuned
quad coils will significantly complicate the radio alignment.
To keep the simplicity of a single tuned coil, a new tech-
nique has been adopted which compensates for the coil
phase non-linearity. As Figure 4 shows, the recovered audio
is full-wave rectified and the output of the rectifier used to
modulate the detector multiplier current. The increase in the
multiplier current as the audio signal reaches peak swings
effectively straightens the detector S curve, giving very low
distortion at high modulation depths.
Figure 4 also shows that a small part of the rectified audio
current is added to a current source connected to one side
of the mUltiplier output stage. Since the detector depends
on a 90 degree phase difference between the signal input
and the switching inputs to the multiplier, any internal IIC
phase shifts at the intermediate frequency will mean that
the quad coil must be slightly detuned from the center fre-
quency in order to produce a compensating phase shift.
This puts a dc component in the detected output which will
offset the AFT circuit. The current source produces a corre-
sponding offset at the multiplier output which enables the
quad coil to be precisely tuned to the IF frequency for low
distortion with no AFT offset. AF fine tuning will similarly
create dc offsets at the detector output, and the feedback
current produced by the audio rectifier added to these cur-
rent sources will tend to counteract the tuning offset. The
result is a detector circuit using a single coil that has low
distortion over a wide AF tuning range. Since the AFT offset
is minimized at the proper quad coil tuning point, production
alignment resolves simply to tuning the coil for zero AFT
output current.

Any AFT offset current is converted to a voltage by an ex-
ternal resistor connected back to the bias voltage supply for
the detector multiplier. Two voltage comparators are also
connected to the AFT output and a permissible offset volt-
age "window" is established by these comparators. For a
manually tuned radio, the offset must come within this win-
dow for the audio stage to be un-muted, or in the case of an
electronically tuned radio, for the IIC to give a stop scan-
ning indication. Unfortunately the AFT output will not neces-
sarily be offset when the ETA momentarily halts on a vacant
channel and other means must be used to indicate the pres-
ence or absence of a valid station.
One method is to detect the signal level in the FM limiting
amplifier, and the lM1865 includes signal detector circuits
for each limiter stage in order to prOVidea signal strength
meter drive or an input to the stop detector circuit.t
This method is ideal when stopping is required only on rela-
tively strong stations since the meter circuit accuracy for
weaker signals is not precise and will require a threshold
trim adjustment.
An alternative technique that allows stopping on signals
with a SIN ratio between 45 dB and 60 dB. is to detect the
ultrasonic noise content in the recovered audio output. With
no signal present (or a very weak station) the audio output
before the stereo decoder and FM de-emphasis will contain
a significant amount of high-frequency noise. This is cou-
pled via a high pass filter to a comparator that disables the
stop detector output when the noise level is sufficiently high.

t(The metor drive circuit is also commonly used to control the blend input for
the FM stereo demodulator I/C (see LM1870 Of LM4500 data sheets). This
input is used for signal conditions for which the noise contribution of the
stereo difference signal (L·R) is dominating the overall SIN ratio. The signal
strength in the FM-IF is used to gradually blend the decoder output into the
monaural modo, maintaining the SIN ratio at the expense of stereo sapsrs·
tion.)



~II

SINGLE TUNED
DUADRATURE CDIL

(WITH CDRRECTlDN)

AMDUNT DF DFF TUNING (kHz) TUH/8367-5

FIGURE 5. Detector Distortion vs Tuning

The highpass filter corner frequency will determine the
noise level above which the stop detector is disabled and
this is externally adjustable. As the audio SIN ratio im-
proves, the noise level will fall until it is unable to trigger the
comparator and the stop indicator is enabled. As the de-
sired detection threshold SIN ratio is increased, less noise
is generated at the input to the comparator and the pole of
the highpass filter must be moved lower by changing the
resistor connected to Pin 13 (Figure 6). However, a point will
be reached where strong signals containing an SCA carrier
or high stereo audio modulation frequencies will also be
able to trigger the comparator preventing a stop indication.
In this instance, if relatively high threshold SIN ratios are
required, the AGC bus should be pulled during the scan
mode to reduce the input signal level by about -10 dB,
which will allow continued use of a filter pole equivalent to a
lower threshold SIN ratio.
On the subject of AGC, it has been recognized for a number
of years that gain reduction of the tuner, particularly in a
mobile FM receiver, is important in preventing signal in-
duced overloads. Previously radios have included a "local!

distant" switch on the front panel to address this problem.
The LM1865 includes an improved AGC detector circuit that
eliminates the need for this switch. Conventional AGC sys-
tems detect the signal either before the IF filters or alter the
filters. In each case there are disadvantages. If the AGC
system looks at the signal before the IF filters reduce the
system bandwidth, strong interfering signals within the wider
RF bandwidth will cause tuner gain reduction, effectively de-
sensitizing the radio to a weaker desired signal. AGC detec-
tion alter the IF filters will avoid this but now the AGC
threshold level is the result of a compromise; too high a
setting will allow strong signals producing intermodulation to
mask the desired signal, and too low a setting will cause
premature AGC action even when no interfering signal is
present, thus resulting in poorer SIN ratios.
To avoid the need for a localldistance switch to select the
desired AGC operation depending on the signal conditions,
a dual threshold AGC system is used with detection both
before (wideband) and alter (narrowband) the IF filters. The
first, or wideband detector, is set to have a high threshold
whereas the second, or narrowband detector, has a much
lower threshold referred to the RF signal strength. Both de-
tectors must reach their respective thresholds before AGC
action can take place.
Two sets of signal conditions can be used to describe the
operation of this AGC system. The first is simply a desired
signal that is increasing steadily in level as the radio comes
close to the transmitter. The narrowband detector reaches
its threshold but no AGC action occurs until the higher wide-
band threshold is reached, thus optimizing the SIN ratio
before the tuner is gain reduced. An interfering signal that is
within the RF bandwidth but outside the IF bandwidth can-
not cause AGC action because the IF filter will prevent it
reaching the narrowband detector. The second set of signal
conditions concerns a steadily increasing desired signal
when a high level interfering signal strong enough to acti-
vate the wideband detector is simultaneously present. De-
spite the high level of the interfering signal, the tuner is not
gain reduced because the interfering component cannot
reach the narrowband detector. Thus, while the desired sig-
nal is still weak, the radio sensitivity has not been degraded



by premature AGC action. However, when the desired sig-
nal reaches the narrowband threshold, since the wideband
threshold has already been activated by the interfering sig-
nal, early AGC action commences which will reduce the in-
terfering level in the tuner. Depending on the relative level
of the interfering signal, early or late AGC action can take
place, removing the need for a manually activated local/dis-
tance switch.

A complete block diagram of the LM1865 is given in Figure
8 and shows all the previously described sections with the
appropriate pin outs. Because of the very high gain avail-
able from this I/C at 10.7 MHz, a few precautions are nec-
essary in the p.c.b. layout. Referring to Figure 9, notice that
the quadrature coil T1 and the detector inductor L1 are lo-
cated at the opposite end of the board to the input stage,
and that the first ceramic filter CF1 has the same ground
point as the internal buffer amplifier (Pin 19). Similarly the
second filter CF2 shares the same ground point as the IF
decoupling capacitor C4.
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THE AM SECTION
Considerable interest in being paid to the AM section of the
automotive radio, not only for the electronic tuning function,
but also for the new circuits required to process the pro-
posed AM stereo formats. It might appear that the only
change from a conventional radio is the addition of the ap-
propriate stereo decoder and the replacement of tuning ca-
pacitors with voltage controlled varactor diodes. This is not
the case. The conversion to electronic tuning and the addi-
tion of a stereo signal means that each part of the AM re-
ceiver requires careful re-design if an acceptable perform-
ance level is to be achieved. This next section describes the
LM1863 that has been designed with the needs of the AM
stereo electronically tuned radio in mind.
Re-design begins right at the antenna. Because the signal
strength at the input to an automobile radio receiver can
vary widely (or wildly), the antenna matching circuit is often
the result of a compromise between risking poor crossmo-
dulation performance or padding the signal level down so
that the SNR and radio sensitivity suffer from the conse-
quent insertion loss. For manually tuned radios, a single-
tuned circuit has proven popular, but the large input capaci-
tance of the automotive whip antenna and coupling cable
makes this approach impractical for an electronically tuned
radio using varactor diodes. The solution shown here (Fig-
ure 10) is to use an untuned antenna input with a discrete
F.E.T. device able to handle large signal swings with good
crossmodulation performance. A transistor stage (02) cou-
ples the signal from the F.E.T. to the mixer input of the
LM1863 with tuned circuits at both the input and the output
of the transistor stage to provide the necessary RF selectivi-
ty for good image rejection.
This RF input stage employs a unique scheme for ensuring
uniform sensitivity of the radio across the AM band. For
conventional tuned circuits, the center frequency changes
over a 3:1 ratio with a corresponding 3:1 change in the par-
allel resonant impedance. This means that the radio is gen-
erally more sensitive at the high frequency end of the band.

In the circuit of Figure 10, the main signal path is through
C19 into the base of 02, and tuning is provided by 01, C21,
C26 and T1 secondary coil. However, at AM radio frequen-
cies C26 is not a complete bypass to ground, and the signal
appearing at the junction of C26 and the cathode of the
varactor diode 01 is also coupled to the base of 02 through
C18. At the low end of the AM band where the gain of 01
and 02 is reduced by the decrease in the reflected imped-
ance from T1 and T2 secondary circuits, 01 capacitance is
high and more signal is coupled through C18,thus compen-
sating for the drop in gain. At high RF frequencies. 01 ca-
pacitance is lower and less compensating signal passes
through C18. By this means the overall RF gain change
across the AM band is reduced from over 14 dB to less than
6 dB (including tracking errors).
The signal passes from the RF stage into a doubly balanced
mixer stage which offers good intrinsic IF rejection. From
the mixer output, the signal is coupled to the IF amplifier via
a ceramic filter which is the main selectivity element. The
mixer input amplitude is also detected and used to provide
an RF AGC voltage above a certain input level. This is par-
ticularly important to prevent strong RF signals overloading
the mixer and causing intermodulation, crossmodulation
and tweet. The RF AGC voltage pulls down the base of 02
and reduces the gain of 01 by forcing 01 to operate in its
low gain resistive region. In this way, large RF signal swings
are prevented from appearing across either of the RF tuning
varactors and causing poor crossmodulation performance
or poor tracking. The RF AGC threshold has been carefully
chosen to prevent mixer overload but also to be as high as
possible to minimize the chance of strong adjacent channel
signals activating the RF AGC and effectively desensitizing
the radio. At signal levels below the RF AGC threshold. the
detector output is held relatively constant by a combination
of IF amplifier and mixer stage AGC. This ensures that the
RF gain is held high for good SIN ratios and low T.H.O. The
valid station stop detection time is dominated by the AGC
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settling time and the AGC loop filter response has two poles
provided by external capacitors. If a single pole filter was
used, fast settling times would cause high audio distortion
as the AGC system attempted to track the modulation enve-
lope. By using a two-pole filter, valid station stop detection
times of under 50 ms have been achieved with a factor of
ten improvement in audio T.H.D. compared to conventional
AGC system performance.
The local oscillator circuit has been designed for very low
phase noise in anticipation of AM stereo signals using angle
modulation of the RF carrier. For a conventional AM enve-
lope detector circuit, phase variations in the carrier frequen-
cy are ignored, but these same phase variations in the PM
channel will be interpreted as noise, distortion and loss of
stereo separation. The potential severity of this problem can
be appreciated when it is realized that the typical peak devi-
ation (for 100% [L-R] modulation) of the RF carrier for the
proposed systems is of the order of only 1 radian! The LlC
oscillator circuit of the LM1863 has a phase signal to noise
ratio better than 60 dB. This will be degraded 3 to 4 dB by
thermal noise generated in the resistors supplying the va-
ractor tuning control voltage, and the PLL control voltage
itself is a potential source of phase noise. In all cases the
phase noise is predominantly low frequency, suggesting
that a weighted noise measurement (such as CCIRI ARM)
may be more appropriate.
The amplitude of the oscillator signal is controlled over the
AM band to compensate for the changes in the tuned circuit
dynamic resistance (Rp) with changes in operating frequen-
cy. Both the RF and the LO varactors are controlled by the
same voltage developed at the phase detector output of the
PLL. LO amplitude variations with tuning frequency can
modulate the LO varactor capacitance, necessitating a
change in the control voltage. This retunes the RF stages
resulting in a tracking error. When the LO amplitude is con-
trolled, tracking errors are minimized. A buffered LO output
is provided for the programmable divider in the PLL circuit.
As mentioned earlier, the radio selectivity characteristic is
determined predominantly by the ceramic filter connected
between the mixer output and the IF amplifier input. With a

relatively wide bandwidth RF stage, this filter will have a
major impact on the quality of the recovered audio, particu-
larly for a stereo signal. New filters are being developed with
good group delay for lower distortion and with wider band-
widths to accommodate the stereo signal. Even so, it is un-
likely that audio bandwidths greater than 7-8 kHz are going
to be used if the radio immunity to adjacent channel interfer-
ence is not to be degraded. This is especially true for night-
time reception when reduction of the bandwidth to less than
4 kHz may be necessary because of distant station propa-
gation by the sky-wave.
For a stereo receiver, the signal is taken from the IF output
to enable the PM signal to be detected. In this case the
internal LM1863 envelope detector is used to develop the IF
AGC voltage and the signal strength meter drive. This signal
strength indication is used as one input to the valid station

TABLE III. Performance Summary

Static Characteristics
Supply Current
Operating Voltage

Dynamic Characteristics
MODN30%

Maximum Sensitivity
20 dB QUieting
SIN (10 mV Input)
THD
Audio Output
Stop Signal Threshold
Stop "Window"
Stop Time
RF Bandwidth
Image Rejection
RF AGC Threshold

8.2mA
7.0-16V

fMOD= 1 kHz,
fo= 1.0 MHz 30% MOD

2.2/LV
30/LV·
54 dB
0.2%
125 mV
50/LV··
4kHz
<50 ms
28 kHz
>70dB
3mV·

• With 16 dB Antenna Pad
··Extemalty Adjustable
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level threshold and the frequency "window" of the stop de-
tector are externally adjustable.
Typical characteristics of the LM1863, including the RF
stage, are shown in Table III. A complete block diagram of
the LM1863 is shown in Figure 14 with a suitable p.c.b.
layout in Figure 15. Alignment is more complicated than for
the LM1865, so jumper leads are provided from the base of
02 and the mixer input of the LM1863 (Pin 18). Initially the
IF amplifier is aligned by injecting a 10 ,...Vrms,1 MHz carrier
at the mixer input and setting the tuning control voltage
(normally derived from the PLL frequency synthesizer) so
that the L.O. runs at 1.45 MHz. The mixer and IF coils (T4
T5) are peaked iteratively to produce the maximum recov-
ered audio. The L.O. coil is then tuned to 980 kHz with a
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are peaked for maximum recovered audio with a 600 kHz
carrier, and the trim capacitors C20 and C21 adjusted for
maximum recovered audio at 1500 kHz. Again, some itera-
tion is likely before the RF gain is approximately matched
across the AM band.

Conclusion
The increasing popularity of electronic tuning for radios, and
the introduction of AM stereo services has meant that a
number of changes in the conventional radio design are re-
quired. This paper has discussed some of these changes
and shown how new integrated circuits can be used to ob-
tain high quality performance in addition to the new fea-
tures.
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2. DS8906, DS8907, DS8908 DATA SHEETS: National
Semiconductor

3. COPs MM57110N DATA SHEET: National Semicon-
ductor

6. LM1870, LM4500 DATA SHEET: National Semicon-
ductor



Audio Noise Reduction
and Masking

INTRODUCTION
Audio noise reduction systems can be divided into two basic
approaches. The first is the complementary type which in-
volves compressing the audio signal in some well-defined
manner before it is recorded (primarily on tape). On play-
back, the subsequent complementary expansion of the au-
dio signal which restores the original dynamic range, at the
same time has the effect of pushing the reproduced tape
noise (added during recording) farther below the peak signal
level-and hopefully below the threshold of hearing.
The second approach is the single-ended or non-comple-
mentary type which utilizes techniques to reduce the noise
level already present in the source material-in essence a
playback only noise reduction system. This approach is
used by the LM1894 integrated circuit, designed specifically
for the reduction of audible noise in virtually any audio
source.
While either type of system is capable of producing a signifi-
cant reduction in audible noise levels, compandors are in-
herently capable of the largest reduction and, as a result,
have found the most favor in studio based equipment. This
would appear to give compandors a distinct edge when it
comes to translating noise reduction systems from the stu-
dio or lab to the consumer marketplace. Compandors are
not, unfortunately, a complete solution to the audio noise
problem. If we summarize the major desirable attributes of a
noise reduction system we will come up with at least eight
distinct things that the system must do-and no system as
yet does all of them perfectly.

PARAMETER
AMOUNT OF NOISE REDUCTION

INPUT = OUTPUT
SYSTEM OVERLOAD

ELECTRONIC OR CONTROL NOISE
EFFECTS OF TRANSMISSION MEDIUM

NOISE PUMPING
PASSES SOURCE DYNAMIC RANGE

UNOECODED SOUNO f-

UNIVERSAL SYSTEM I-

National Semiconductor
Application Note 384
Martin Giles

1) The reproduced signal (now free of noise) is audibly
identical to the original signal in terms of frequency re-
sponse, transient response and program dynamics. The
stereo image is stable and does not wander.

2) Overload characteristics of the system are well above
the normal peak signal level.

3) The system electronics do not produce additional noise
(including perturbations produced by the control signal
path).

4) Proper response of the system does not depend on
phase/frequency or gain accuracy of the transmission
medium.

5) System operation does not cause audible modulation of
the noise level.

6) The system enables the full dynamic range of the source
to be utilized without distortion.

7) The recorded signal sounds natural on playback-even
when decoding is not used. This means that the system
is compatible with existing equipment.

8) Finally, the system is universal and can be used with any
medium; disc, FM broadcast, television broadcast, audio
and video tapes.
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Although no system presently meets all these require-
ments-and the performance level they do reach is often
judged subjectively-they provide a useful set of perform-
ance standards by which to judge the n.r. systems that are
available. In particular, in the consumer field items 7) and 8)
are significant. The most popular n.r. system, Dolby B Type,
got that way in part because pre-recorded and encoded
tapes could be played back on tape-decks that did not have
Dolby B decoders (Dolby B uses a relatively small amount
of compression and that only for low level higher frequency
signals). Similarly, DNRTM,which uses the LM1894, is gain-
ing in popularity because it does not require any encoding
and, in addition, can work with any audio source, including
Dolby B encoded tapes.
DNR is a non-complementary noise reduction system which
can give up to 14 dB noise reduction in stereo program
material. The operation of the LM1894 is dependent on two
principles; that the audible noise is proportional to the sys-
tem bandwidth--<Jecreasing the bandwidth decreases the
noise-and that the desired signal is capable of "masking"
the noise when the signal to noise ratio is sufficiently high.
DNR automatically and continuously changes the system
bandwidth in response to the amplitude and frequency con-
tent of the program. Restricting the bandwidth to less than 1
kHz reduces the audible noise by up to 14 dB (weighted)
and a special spectral weighting filter in the control path
ensures that the bandwidth is always increased sufficiently
to pass any music that may be present. Because of this
ability to analyze the auditory masking qualities of the pro-
gram material, DNR does not require the source to be en-
coded in any special way for noise reduction to be obtained.

TL/H/8389-2

FIGURE 2. Stereo Noise Reduction System (DNR)

NOISE REDUCTION BY BANDWIDTH RESTRICTION
The first principle upon which DNR is based-that a reduc-
tion in system bandwidth is accompanied by a reduction in
noise level-is rather easy to show. If our system noise is
assumed to be caused solely by resistive sources then the
noise amplitude will be uniform over the frequency band-
width. The total or aggregate noise level eNT is given by the
familiar formula

eNT = V4 KTBR (1)
where K = Boltzmanns cons't

T = absolute temp.
B = bandwidth
R = source resistance

At any single frequency, the noise amplitude measured in a
bandwidth of 1 Hz is en, and therefore

eNT = en VB (2)
This shows that the total noise, and hence the SIN ratio, is
directly proportional to the square root of the system band-
width. For example, if the system bandwidth is changed
from 30 kHz to 1 kHz, the aggregate SIN ratio changes by

20 log10 v1X"l""03 - 20 IOg10V 30 x 103 = -14.8 dB
This result, although mathematically correct, is not exactly
what will occur in practice for several reasons. Most audio
systems will have a generally smooth noise spectrum similar
to white noise, but the amplitude is not necessarily uniform
with frequency. In audio cassette systems where the domi-
nant noise source is the tape itself, the frequency response
often falls off rapidly beyond 12 kHz anyway. For video
tapes with very slow longitudinal audio tracks, the frequency
response is well below 10kHz, depending on the recording
mode. Disc noise generally increases towards the low fre-
quency end of the audio spectrum whereas FM broadcast
noise decreases below 2 kHz. On the other hand, the fre-
quency range of the noise spectrum is not always indicative
of its obtrusiveness. The human ear is most sensitive to
noise in the frequency range from 800 Hz to just above
8 kHz. Because of this, a weighting filter inserted into the
measurement system which gives emphasis to this frequen-
cy range, produces better correlation between the SIN
"number" and the subjective impression of noise audibility.
Generally speaking, a typical tape noise spectrum and a
weighting filter such as CCIRI ARM will yield noise reduction
numbers between 10-14 dB when a single pole low pass
filter is used to restrict the audio bandwidth to less than
1 kHz. Up to 18 dB noise reduction is possible with a two
pole low pass filter. Consistent with the many reported ex-
periments on ear sensitivity (Fletcher-Munson, Robinson-
Dadson etc.) we see that decreasing the bandwidth below
800 Hz is not particularly beneficial, and that once the band-
width is above 8 kHz, there is little perceived increase in the
audible noise level.

TUH/8389-3

FIGURE 3. Reduction in Noise Level with Decreasing
Bandwidth Audio Cassette Tape Noise Sourc~CIRI

ARM Weighted a) single pole low pass filter;
b) two pole low pass filter

AUDITORY MASKING
Obviously restricting the system bandwidth to less than
1 kHz in order to reduce the noise level will not be very
satisfactory if the program material is similarly restricted,
and this is where the second operating principle of DNR
comes into play-whenever a sound is being heard it reduc-
es the ability of the listener to hear another sound. This is
known as auditory masking and is not a newly discovered
phenomenon. It has been investigated for many years, pri-
marily in connection with noise masking the ability of the
listener to hear tones. The measurements have been made



under steady state conditions and are summarized in the
curves of Figure 4. Before discussing the shape of the
curves and the conclusions that can be drawn it is worth
looking at the scales employed. One difficulty that occurs in
evaluating electronic equipment for audio is to be able to
relate a quantity measured in electrical terms to the subjec-
tive stimulus (hearing) that it produces. For audio we are
most interested in the conversion of electrical power into
acoustic power. Since neither sound power nor sound inten-
sity can be measured directly, we must use a related quanti-
ty known as sound pressure level (SPL) as our reference
scale in Figure 4. The reference sound pressure, which ap-
proximates the threshold of hearing at 1 kHz is
0.0002 JLBars(106 JLBars= 1 Bar = 1 atmosphere). For
this sound pressure scale, the level at which noise spectra
will appear depends on the degree of amplification we are
giving the desired signal to produce the maximum anticipat-
ed sound pressure. Typically a maximum preferred listening
level is + 90 dB (SPL) and the assumption is made that the
total audio system, including speakers, is producing this
SPL at the listener's ear when the recorded level (on tape,
for example) corresponds to OVU. By comparing the ampli-
tude of noise spectra with this OVU level signal we obtain
the tape noise curves of Figure 4 and can compare them
with the audible noise threshold. Increasing the volume lev-
el by 10 dB (say), to compensate for a lower recording level
will raise all the noise spectra curves by 10 dB. The audible
noise threshold curve does not change with changes in SPL
produced by twiddling the volume control (except after pro-
longed listening at high levels!) since it depends on the
characteristics of the ear and partly upon the masking ef-
fects of room noise.
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FIGURE 4. Relating the Spectral Sensitivity of the Ear

to Tones and Audible Noise with the Noise
Output Level from an Electric Source

The upper solid curve in Figure 3 shows the sensitivity of the
ear to pure tones in a typical room environment. Notice that
tones at very low frequencies and at very high frequencies
must be much louder than tones at mid-frequencies in order
to be heard. The lower solid curve shows the spectrum level
of just audible white noise. This curve is some 20 dB-30 dB
below the tone spectrum because, unlike a single tone,
noise has spectral components at all frequencies. Noise
spectra at frequencies either side of a specific frequency
contribute to the auditory sensation and thus can be heard
at a lower threshold level. The two curves also imply that
noise at or above the lower curve is able to completely
mask single tones on the upper curve. Also sources with
noise spectra above the lower curve are going to be audi-
ble. Clearly for cassette tapes we need to push the noise
level down by another 10 dB if it is to be inaudible at pre-
ferred listening levels. If the tape is under-recorded and the
volume level increased to compensate, yet more noise re-
duction is needed.

Reversing these conclusions to determine the ability of
tones to mask the noise is not as easy. The hearing mecha-
nism in the ear involves the basilar membrane which is ap-
proximately 30 mm long by 0.5 mm wide. The nerve endings
giving the sensation of hearing are spaced along this mem-
brane so that the ability to hear at one frequency is not
masked at another frequency when the frequencies are well
separated. White noise can excite the entire basilar mem-
brane since it has spectral components at all frequencies.
For any single frequency therefore, there will be a band of
noise spectra capable of simultaneously exciting the nerve
endings that are responding to the single frequency-and
masking occurs. Conversely, a single tone at the upper
curve level is quite incapable of masking noise spectra at
the lower curve level snce it can only excite nerve endings
at one particular point on the membrane. Noise spectra at
frequencies on either side of the tone will still excite differ-
ent parts of the membrane-and will be heard. Extremely
high SPL's are required if single tones are to raise the audi-
ble noise threshold level and provide masking. As might be
expected, the most effective tone frequencies are near the
natural resonance of the ear-between 700 Hz and 1 kHz-
and even then SPL's higher than 75 dB are needed for
masking noise at 16 dBSPL. Fortunately for n.r. systems in
general, including compandors, this applies only to pure
tones. As soon as the tone acquires distortion, frequency
modulation or transient qualities, or a mixture of tones is
present, the masking abilities change dramatically. Typically
music and speech, with high energy concentration around
1 kHz, can be regarded as excellent noise masking sourc-
es-up to 30 dB more effective than single tones. There-
fore, recorded signals at an average level of 40-45 dB SPL
will allow a full audio bandwidth to be used without the noise
becoming audible. Signal levels lower than this can provide
adequate masking, particularly if the source has employed
dynamic range compression (FM broadcast for example),
but speech and solo musical instruments are likely to betray
noise modulation. These conclusions can apply equally to
complementary noise reduction systems with the noise
modulation effects depending on the degree of compres-
sion/expansion and the threshold level at which compres-
sion begins in the record chain.

CONTROL PATH FILTERING AND
TRANSIENT CHARACTERISTICS
If the signal source always maintained a relatively high SPL,
then there wouldn't be any need for an n.r. system. Howev-
er, when the program material SPL momentarily drops, the
noise is unmasked and becomes audible. Much of the de-
sign effort involved in n.r. systems is in making the system
track the program dynamics so that unmasking does not
occur-at least not audibly. Similarly when the program ma-
terial increases abruptly following a quiet passage, the n.r.
system must respond quickly enough that the audio material
is not distorted. For DNR, this means that the -3 dB corner
frequency of the low pass filters inserted in each audio
channel must increase quickly enough to pass all the music
yet decrease back to around 1 kHz in the absence of music
to reduce the noise. Matching low pass filters are used with
a flat response below the cut-off frequency, and a smoothly
decreasing response (-6 dB/octave) above the cut-off fre-
quency, which can be varied from 800 Hz to over 30 kHz by
the control signal.
A first approach to generating this control signal might be to
use a filter and a gain block, driving a peak detector circuit.
Since the amplitude spectra of musical instruments falls off
with increasing frequency, and the characteristics of the ear
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~ are such that masking is most effective with sounds around.
Z 1 kHz, a reasonable filter for the control path might be low
c( pass. This turns out not to be the case. To take a worse

case situation (from the viewpoint of masking), when a
French Horn is the dominant source, most of the energy is
at frequencies below 1 kHz. If we were detecting this energy
through a low pass filter, the control path would respond to
the high amplitude and cause the audio filters to open to full
bandwidth. Noise in the 2 kHz and above region would be
promptly unmasked and audible. To avoid this, DNR uses a
highpass filter in the control path. Below 1.6 kHz, the re-
sponse falls at an 18 dB/octave rate. Above 1.6 kHz the
filter response increases at a 12 dB/octave rate until a
- 3 dB corner frequency around 6 kHz is reached. After this
the response is allowed to drop again and may include
notches at 15.734 kHz (for television sound), or at 19 kHz to
suppress the subcarrier pilot signal in FM stereo broad-
casts. Returning to the case of the French Horn, the ab-
sence of high amplitude higher frequency harmonics means
that the control signal will generate only a small increase in
the audio bandwidth (depending on the sound level) and the
noise will remain filtered out.
Contrasted with this, multiple instruments, or solo instru-
ments such as the violin or trumpet, can have significant
energy levels above 1 kHz which not only provide masking
at higher frequencies but also require wider audio band-
widths for fidelity transmission in the audio path. Put another
way, when the presence of high frequencies is detected in
the control path we know that the audio bandwidth must be
increased and that simultaneously large levels of signal en-
ergy are present in the critical masking frequency range.
Since the harmonic amplitude can decrease rapidly with in-
crease in frequency, the control sensitivity is raised at a
12 dB/octave rate up to 6 kHz to ensure that an adequate
audio bandwidth is always maintained.

The attack and release times of the control path signal are
also based on typical program dynamics and the character-
istics of the human ear. If the detector cannot respond to
the leading edge transient in the music, then distortion in the
audio path will result from the initial loss of high frequency
components. As might be expected, the rise time of any
musical selection will depend on the instruments that are
being played. An English Horn is capable of reaching 60%
of its peak amplitude in 5 ms. For other instruments, rise-
times can vary from 50 ms to 200 ms whereas a hand-clap
can be as fast as 0.5 ms. With this data in mind, DNR has
been designed with an attack time of 0.5 ms. A distinction
should be made in the effects of longer attack times for
DNR compared to a companding noise reducer. If the com-
pander does not respond immediately to an input transient,
then instantaneous overload of the audio path can occur,
with an overshoot amplitude as much as the maximum com-
pression capability. If the system does not have adequate
headroom, this overshoot can cause audible effects that
last for longer than the period of the overshoot. The DNR
filters simply cannot produce such an overshoot by failure to
respond to the input rise-time. Since the ear has difficulty
registering sounds of less than 5 ms duration, and can toler-
ate severe distortion if it lasts less than 10 ms, DNR has
considerable flexibility in the choice of detector attack time.
Attack time is only half the story. Once the detector has
responded to a musical transient, it needs to decay back to
the quiescent output level at the cessation of the transient.
A slow decay time would mean that for a period following
the end of the transient, the system audio bandwidth would
still be relatively wide. The noise in this bandwidth would be
unmasked and a noise "burst" heard at the end of each
musical transient. Conversely, if the release time is short to
ensure a rapid decrease in bandwidth, a loss in musical
"ambience" will occur with the suppression of harmonics at

m

~ -10
Q

~ -20
:E
<~
i!:;-30

~
I I"

TRUMPET

,.,,' l,
••:2- -10

i-20:Ec~
i!:

S -30
~

r- -
FRENCH

HORN
- -

J

\

m~ -10

~
~ -20:Ec~
i!:

~
-30

-40
100 lK 10K

FHEQUENCY

lK

FREQUENCY

m:2- -10
w
Q
=>

~ -20:Ec
w
>

~
-30

/ 1
I III
FWTE

/

•....

lK

FREQUENCY

lK

FREQUENCY

m
~ -10

~:E -20
<
~
~ ·30

lK

FREQUENCY

FIGURE 5. With Most Musical Instruments, As Well As Speech, Energy Is
Concentrated around 1 kHz with a Rapid Fall-Off In Level above 6 kHz



the end of a large signal transient. To avoid this, DNR uses
a natural decay to within 10% of the final value in 60 ms.
The inability of the ear to recover for 100 ms to 150 ms
following a loud sound prevents the noise that is present
(until the bandwidth is closed down) from being heard.
Again a contrast with compander action is appropriate. As
the DNR detector control voltage decays, the bandwidth
starts to diminish, Initially only high frequencies are affected
and since the harmonic amplitude of the signal is also de-
caying rapidly, the audio is unaffected by this decrease in
bandwidth. For a compander however, as the control volt-
age decays, the system gain is altered-which also affects
the signal mid-band and low frequency components. Thus,
as with attack times, DNR is sUbstantially less affected by
the choice of release times, permitting a high tolerance in
component values.

CIRCUIT OPERATION
The entire DNR system is contained within a single I/C and
consists of two main functional signal paths. The audio path
includes two low distortion low pass filters for a stereo audio
source and the control path has a summing amplifier, vari-
able gain filter amplifier and a peak detector. These func-
tions are combined as shown in Figure 7 which also shows
the typical external components required for a complete n.r.
system. By low distortion, we mean a filter that maintains
the same cut-off slope and does not peak at the corner
frequency as this frequency is changed. A 6 dB/octave filter
slope was chosen since this provides a reasonable amount
of noise reduction when the - 3 dB frequency is less than
2 kHz and does not audibly affect the program material
when the control path threshold is correctly set. It is possi-
ble to cascade the two audio filters-with a corresponding
reduction in the size of the feedback capacitors to maintain
the same operating frequency range-for a 12 dB/octave
slope and up to 18 dB noise reduction. However, this steep-

LEFT I~F 13
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er roll-off characteristic is better suited for program material
that is relatively deficient in high frequency content, early
recordings or video tapes for example.
Each audio filter consists of a variable transconductance
stage driving an amplifier with capacitative feedback. For a
fixed capacitor value. as the transconductance is changed
by the control signal, the open loop unity gain frequency is
changed correspondingly, giving a variable corner frequen-
cy low-pass filter. Of particular importance in the design is
the need to avoid voltage offsets at the filter output caused
by control action, and the ability of the input stage to accom-
modate large signal swings without introducing distortion.
Output offset voltages are not necessarily proportional to
the change in control voltage but will, in any case, be ac-
companied by a significant change in the program level. Ex-
tensive listening tests have shown that offset voltages
26 dB or more below the nominal signal input level will not
be heard. Overload capability is dependent on the input
stage current level and the available supply voltage, but
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~ even with an 8 VDC supply the LM1894 can handle signals
Z more than 20 dB over the nominal input level without in-
c( creased distortion.

A summing amplifier is used at the input to the control path
so that both left and right audio channels contribute to the
control signal. Both audio filters are controlled with the
same signal yielding matched audio bandwidths and main-
taining a stable stereo image. From the summing amplifier
the signal passes through a high-pass filter formed by the
coupling capacitor and a 1 kO potentiometer. These com-
ponents produce an amplitude roll-off below 1.6 kHz to
avoid control path overload and help prevent high level, low
frequency signals (drum beats for example) from activating
the detector unnecessarily. The potentiometer provides a
means to adjust the overall gain of the control path such
that the input source noise level is able to just cross the
detector threshold and begin opening the audio bandwidth.
The correct adjustment point is one that permits alternate
use and bypass of the DNR system with no audible change
in the program material-other than reduction of back-
ground noise! Also, on more difficult program material
where the SIN ratio is so poor that masking is not complete-
ly effective, the potentiometer can be set to limit the maxi-
mum audio bandwidth so that noise pumping is avoided. For
systems with a predictable noise level such as casset1e re-
corders, the potentiometer can be replaced by two suitable
fixed resistors. Further filtering of the control signal is done
at the input to the gain stage and at the input to the detector
stage. The input capacitors to these stages form high pass
filters with internal resistors and are cascaded for a com-
bined corner frequency (- 3 dB) of around 6 kHz. Finally the
detector at1ack and release times are set to the previously
described values by an external capacitor connected to the
peak detector output.

This paper has described the DNR non-complementary
noise reduction system in terms of the functional blocks and
the psychocoustic background necessary to understand the
operating principles. For a more complete circuit description
and practical details on the use of the LM1894, see the data
sheet and AN386. Note that DNR is a trademark of National
Semiconductor Corporation and that use of the DNR logo is
by license agreement only.
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A Non-Complementary
Audio Noise Reduction
System

INTRODUCTION
The popularity of companding or complementary noise re-
duction systems is self-evident. Nearly all medium to high
quality cassette tape decks include either DolbyGl>B or Dol-
by C type noise reduction. A scant few have different sys-
tems such as dbx or Hi-Com. The universal appeal of com-
pandors to n.r. system designers is the amount of noise
reduction they can offer, yet one of the major reasons the
Dolby B system gained dominance in the consumer market-
place is because it offered only a limited degree of noise
reduction - just 10 dB. This was sufficient to push cassette
tape noise down to the level where it became acceptable in
good-quality applications, yet wasn't enough that undecod-
ed playback on machines not equipped with a Dolby B sys-
tem was unsatisfactory - quite the contrary, in fact. The h.f.
boost on Dolby B encoded tapes when reproduced on sys-
tems with modest speakers was frequently preferred. Since
companding systems are so popular, it is not unreasonable
to ask, "why do we need another noise reduction system?"

For many of the available audio sources today, compandors
are not a solution for audio noise. When the source material
is not encoded in any way and has perceptible noise, com-
plementary noise reduction is not possible. This includes
radio and television broadcasts, the majority of video tapes
and of course, older audio tape recordings and discs. The
DNATM single-ended n.r. system has been developed spe-
cifically to reduce noise in such sources. A single-ended
system, able to provide noise reduction where non previous-
ly existed, and which avoids compatability restraints or the
imposition of yet another recording standard for consumer
equipment, is therefore attractive.

The DNA system can be implemented by either of two inte-
grated circuits, the LM1894 or the LM832, both of which can
offer between 10 and 14 dB noise reduction in stereo pro-
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gram material. Although differing in some details (the
LM832 is designed for low-signal, low-supply voltage appli-
cations) the operation of the integrated circuits is essentially
the same. Two basic principles are involved; that the noise
output is proportional to the system bandwidth, and that the
desired program material is capable of "masking" the noise
when the signal-to-noise ratio is sufficiently high. DNA auto-
matically and continuously changes the system bandwidth
in response to the amplitude and frequency content of the
program. Aestricting the signal bandwidth to less than 1 kHz
reduces the audible noise and a special spectral weighting
filter in the control path ensures that the audio bandwidth in
the signal path is always increased sufficiently to pass any
music that may be present. Because of this ability to dynam-
ically analyze the auditory masking qualities of the program
material, DNA does not require the source to be encoded in
any special way for noise reduction to be obtained. This
paper deals with the design and operating characteristics of
the LM1894. For a more complete description of the princi-
ples behind the DNA system, refer to AN384.

THE DNR SYSTEM FORMAT

A block diagram showing the basic format of the LM1894 is
shown in Figure 1. This is a stereo system with the left and
right channel audio signals each being processed by a con-
trolled cut-off frequency (1-3 dB) low-pass filter. The filter
cut-off frequency can be continuously and automatically ad-
justed between 800 Hz and 35 kHz by a signal developed in
the control path. Both audio inputs contribute to the control
path signal and are used to activate a peak detector which,
in turn, changes the audio filters' cut-off frequency. The au-
dio path filters are controlled by the same signal for equally
matched bandwidths in order to maintain a stable stereo
image.

LEFT
AUDIO
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AUDIO
OUTI'UT

AUDIO CONTROLLED
LOW PASS FILTER

FIGURE 1. Stereo Noise Reduction System (DNR)
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VARIABLE CUT-OFF LOW DISTORTION FILTERS
By low distortion we mean a filter that has a flat response
below the cut-off frequency, a smooth, constant attenuation
slope above the cut-off frequency and does not peak at the
cut-off frequency as this frequency is changed.
The circuit topology is shown in Figure 2 (a) and is, in fact,
very similar to the pole-splitting frequency compensation
technique used on many integrated circuit operational am-
plifiers (see pp. 24-26 of "Intuitive IIC Op Amps" by T. M.
Fredericksen). A variable transconductance (gm) stage
drives an amplifier configured as an integrator. The trans-
conductance stage output current 10 is given by

10 = gm Vin (1)
and if the second amplifier is considered ideal, then the volt-
age Vout is the result of 10flowing through the capacitative
reactance of C. Therefore we can write

V - 10out-21rfC
Combining (1) and (2) we have

Vout=~
Vin 21rfC

At some frequency, the open loop gain will fall to unity
(f=fu) given by

f = J1!!l.. (4)
U 21rC

For a fixed value of capacitance, when the transconduct-
ance changes, then the unity gain frequency will change
correspondingly as shown in Figure 2 (b).

If we put dc feedback around both stages for unity closed
loop gain, the amplitude response will be flat (or unity gain)
until fu is reached, and then will follow the open loop gain
curve which is falling at 6 dB/octave. Since we control gm,
we can make fu any frequency we desire and therefore have
a controlled cut-off frequency low pass filter.

A more detailed schematic is given in Figure 3 and shows
the resistors RI and Ri which provide dc feedback around
the circuit for unity closed-loop gain (i.e. at frequencies be-
low fu). The transconductance stage consists of a differen-
tial pair T1 and T2 with current mirrors replacing the more
conventional load resistors. The output current 10to the in-
tegrator stage is the difference between T1 and T2 collector
currents.
For a differential pair, as long as the input differential volt-
age is small - a few millivolts - the gm is dependent on
the tail current IT and can be written

q IT
gm = kT x '2

where..9..= _1_@2SoC
kT 26 mV

For frequencies below the cut-off frequency, the amplifier is
operating closed loop, and the dc feedback via Rf will keep
the input differential voltage very small. However, as the
input signal frequency approaches cut-off, the loop gain de-
creases and larger differential voltages will start to appear
across the bases of T1 and T2. When this happens, the gm
is no longer linearly dependent on the tail current IT and
signal distortion will occur. To prevent this, two diodes 01
and 02 biased by current sources are added to the input
stage. Now the signal current is converted to a logarithmi-
cally related voltage at the input to the differential pair T1
and T2. Since the diodes and the transistors have identical
geometries and temperature excursions, this conversion will
exactly compensate for the exponential relationship be-
tween the input voltage to T1 and T2 and the output collec-
tor currents. As long as the signal current is less than the
current available to the diodes, the transconductance ampli-
fier will have a linear characteristic with very low distortion.
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FIGURE 3. Variable Lowpass Filter with Distortion Correcting Diodes and Control Voltage Offset Compensation
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(FROM DETECTOR)

FIGURE 4. The OP AMP Output Stage of the LM1894

For the entire circuit, if Ri = Rf = R and the diode dynamic In operation, the transconductance stage current IT for the
resistance is re, we can write the transfer characteristic as LM1894 will vary between the levels given above in re-

-1 sponse to the control path detected voltage. Notice that
Yout -- ~-------~ (6) with the circuit values given in Figure 3 the maximum output
y. (1 + 41TfCK26

IT
X 10-3)In voltage swing at the cut-off frequency is about IYrms (use

equation 2 and put 10 = IT = 33 ,...A)and this is specified in

(
R ) the LM1894 data sheet as the input voltage for 3% THD.

where K = 2 + - This is, of course, the condition for minimum bandwidth
2re when noise only is normally present at the input. When sig-

Therefore the pole frequency for C = 0.0033 ,...Fis nals are simultaneously present causing the audio band-
fu = IT/4 7T 26 X 10 -3 CK = IT X 33.2 X 106 width to increase out to 35 kHz, the transconductance stage
for fu = 1 kHz, IT = 33.2 ,...A current is over 1 mA, allowing signal swings at 1 kHz (theo-
for fu = 35 kHz, IT = 1.1 mA retically) of over 34 Yrms. Practically, at maximum band-

width the output swing is determined by the output stage
saturation voltages which are dependent on the supply volt-
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age (see Figure 4). With a 15 VOCsupply, the LM1894 can
handle well over 4 Vrms.
While there are other circuit topologies that can be used to
obtain a variable cut-off low pass filter, this design has cer-
tain advantages, especially when it comes to avoiding con-
trol feedthrough. Control feedthrough is the name given to
voltage offsets that can occur in the audio path as the trans-
conductance stage current changes. The audible effect is a
low level "bacon frying" noise or pops as the bandwidth
changes. To prevent such voltage offsets occurring, the dif-
ferential stage T1 and T2, the current mirrors and the diodes
are arranged to provide good tracking over the entire range
of the bandwidth control current IT. Because the transcon-
ductance stage is driving the inverting input to an operation-
al amplifier - a virtual ground - there will be no voltage
swing at this node. This eliminates possible offset voltages
from output impedance changes in the current mirror and T1
collector caused by different operating currents. Last, but
not least, a source of offset voltages are the base currents
of T1 and T2. Because the transistors have a finite current
gain, when the tail current IT is increased, these base cur-
rents must increase slightly. T1 base current is provided by
the reference voltage (V+ /2), but T2 base current must
come via the feedback resistor RI. This current is not nor-
mally available from 02 because the feedback loop is hold-
ing T1 and T2 base voltages equal. By adding the resistor
Rb in series with T1 base, a compensating offset voltage is
produced across the input diodes. This reduces the current
in 01 slightly and increases the current in 02 corresponding-
ly, allowing it to supply the increased base current require-
ment of T2.

THE CONTROL PATH
The purpose of the control path is to ensure that the audio
bandwidth is always sufficiently wide to pass the desired
signal, yet in the absence of this signal will decrease rapidly
enough that the noise also present does not become audi-
ble. In order to do this, the control path must recognize the
masking qualities of the signal source and the detector
stage must be able to take advantage of the characteristics

of the human ear so that audible signal distortion or un-
masking does not occur.
Figure 5 shows a block diagram of the control path including
the external components. A straight-forward summing am-
plifier combines the left and right channel inputs and acts as
a buffer amplifier for the gain control. Because the noise
level for signal sources can be different - cassette tapes
are between -50 dB and -65 dB (depending on whether
Dolby B encoding is employed) and FM broadcast noise is
around -45 dB to over -75 dB (depending on signal
strength) - the control path gain is adjusted such that a
noise input is capable of just increasing the audio bandwidth
from its minimum value. This ensures that any program ma-
terial above the noise level increases the audio bandwidth
so that the material is passed without distortion. Setting the
potentiometer (or an equivalent pair of resistors) will be de-
scribed in more detail later.
The gain control potentiometer is also part of the oNR filter
characteristic derived from auditory masking considerations
- see AN384. Combined with a 0.1 IJoFcoupling capacitor,
the total resistance of the potentiometer will cause a signal
attenuation below 1.6 kHz.

I.e. f =_1_= 1 -1.6kHz
1 21TRC 21T x 103 X 0.1 X 10-6

This helps to prevent signals with a high amplitude but no
high frequency content above 1 kHz - such as a bass drum
- from activating the control path detector and unneces-
sarily opening the audio bandwidth. For signals that do have
a significant high frequency content (predominantly harmon-
ics), the control path sensitivity is increased at a 12 dB/oc-
tave rate. This rapid gain in sensitivity is important since the
harmonic content of program material typically falls off
quickly with increasing frequency. The 12 dB/octave slope
is provided by cascading two RC high pass filters composed
of the coupling capacitors to the control path gain stage and
detector stage and the internal input resistors to these
stages. Individual corner frequencies of 5.3 kHz and 4.8 kHz
respectively are used, with a combined corner frequency
around 6 kHz. Above 6 kHz the gain can be allowed to
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FIGURE 6. Control Path Frequency Response

decrease again since the signal energy content between
1 kHz and 6 kHz (the critical masking frequency range) will
have already caused the audio bandwidth to extend beyond
30 kHz, allowing passage of any high frequency compo-
nents in the audio path.

Under some circumstances, not normal to music or speech,
the source can contain relatively high level, high frequency
components which are not necessarily accompanied by
large levels of low frequency signal energy providing noise
masking. These are spurious components such as the line
scan frequency in a television receiver (15.734 kHz) or sub-
carrier signals such as the 19 kHz pilot tone in FM stereo
broadcasting. Although both these components should be
low enough to be inaudible in the audio path, their presence
in the control path could cause a change in the minimum
bandwidth and hence the amount of available noise reduc-
tion. Since these unwanted components are at frequencies
higher than the desired control path frequency range, they
are easily accommodated by including a notch filter in the
control path at the specified frequency. A resonant L-C cir-
cuit with a Q of 30 will attenuate 19 kHz by over 28 dB. If a
10% tolerance 0.0151-'F capacitor is used, the coil can be a
fixed 4.7 mH inductance. For 15.734 kHz a 0.022 I-'F capaci-
tor is needed. When those frequency components are not
present (i.e. in cassette tapes) the L-C circuit is eliminated
and the gain amplifier and detector stage are coupled to-
gether with a single 0.047 I-'F capacitor.

Apart from providing the proper frequency response the
control path gain must be enough to ensure that the detec-
tor threshold can be reached by very low noise input levels.
The summing amplifier has unity gain to the sum of the left
and right channel inputs and the necessary signal gain of 60
dB is split between the following gain amplifier and the de-
tector stage. For the gain amplifier

Av=33 x 103/(re + 103) =26.2
=28.4 dB

For the detector stage, the gain to negative signal swings is

Av=27 x 103/700=38.6=31.7 dB

With over 60 dB gain and typical source input noise levels,
the gain potentiometer will normally be set with the wiper
arm close to the ground terminal.

THE DETECTOR STAGE
The last part of the LM 1894 to be described is the detector
stage which includes a negative peak detector and a volt-
age to current converter. As noted earlier, the input resist-
ance of the detector, together with the input coupling capac-
itor, forms part of the control path filter. Similarly the output
resistance from the detector and the gain setting feedback
resistor help to determine the detector time constants. With

a pulse or transient input signal, the rise time is 200 I-'s to
90% of the final detected voltage level. Actual rise-times will
normally be longer with the detector tracking the envelope
of the combined left and right channel signals after they
have passed through the control path filter.

An interesting difference to compandor performance can be
demonstrated with a 10 kHz tone burst. Since the LM1894
detector responds only to negative signal peaks, it will take
about four input cycles to reach 90% of the final voltage on
the detector capacitor (this is the 500 I-'s time constant
called out in the data sheet). After the first two cycles the
audio bandwidth will have already increased past 10kHz
and a comparison of the input and output tone bursts will
show only a slight loss in amplitude in these initial cycles. A
compandor, however, usually cannot afford a fast detector
time constant since the rapid changes in system gain that
occur when a transient signal is processed can easily cause
modulation products to be developed which may not be
treated complementarily on playback, Therefore there is a
time lag before the system can change gain, which may be
to the maximum signal compression (as much as 30 dB
depending on the compandor type). Failure to compress im-
mediately at the start of the tone burst means that an over-
shoot is present in the signal which can be up to 30 dB
higher than the final amplitude. To prevent this overshoot
from causing subsequent amplifier overload (which can last
for several times the period of the overshoot), clippers are
required in the signal path, limiting the dynamic range of the
system. Obviously, the LM1894 does not need clippers
since no signal overshoots in the audio path are possible.

When the input signal transient decays, the diode in the
detector stage is back biassed and the capacitor discharges
primarily through the feedback resistor and takes about
60 ms to reach 90% of the final value.

T=RC x 2.3=27 x 103 X 1 X 10-6 X 2.3
=62.1 ms

The decay time constant is required to protect the reverber-
atory or "ambience" qualities of the music. For material with
a limited high frequency content or a particularly poor SIN
ratio, some benefit can be obtained with a faster decay
time-a resistor shunted across the detector capacitor will
do this. Resistors less than 27 kfi should not be used since
very fast decay times will permit the detector to start track-
ing the signal frequency. For signal amplitudes that are not
producing the full audio bandwidth, this will cause a rapid
and audible modulation of the audio bandwidth.

BYPASSING THE SYSTEM
Sometimes it is necessary or desirable to bypass the n.r.
system. This will allow a direct and instantaneous compari-
son of the effect that the system is having on the program
material and will assist in arriving at the correct setting for
the control path gain potentiometer. This facility is not prac-
tical with compandors unless unencoded passages occur in
the program material. Also, should the action of the com-
pandor become more objectionable than the noise in the
original material, there is no way of sWitching the n.r. system
off.

One way of bypassing is to simply use a double pole switch
to route the signals around the LM1894. This physically en-
sures complete bypassing but does present a couple of
problems. First, there may be a level change caused by the
different impedances presented to the following audio
stages when switching occurs. Second, the signal now has
to be routed to the front panel where the switch is located,
perhaps calling for shielded cable.
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A different technique, which avoids these problems, is to
switch the LM1894 permanently into the full audio band-
width mode. Since this provides a high SIN ratio path and
low distortion the impact on the signal is minimal. Two meth-
ods can be used to switch the LM1894 audio bandwidth fully
open, both with a single pole switch that is not in the audio
path. Simply grounding the input of the peak detector ampli-
fier will generate the maximum bandwidth control current
and simultaneously prevent any control signals reaching the
detector. Usually this is more than adequate since the maxi-
mum audio bandwidth is 34 kHz, but in some cases the 1 dB
loss at 17 kHz produced by the single pole audio filters may
not be desired. Figure 9 shows a way to increase the audio
bandwidth to 50 kHz (-1 dB at 25 kHz) by pulling up the
detector capacitor to the reference voltage level 0!+ 12)
through a 1 kD.resistor. This method is useful only for high-
er supply voltage applications. To increase the bandwidth
significantly the detector capacitor must be pulled up to
around 5V (V+ > 10V). Although a separate voltage source
other than the reference pin could be used when V+ is less
than 10V, this can cause an internal circuit latch-up if the
voltage on the detector increases faster than the reference
voltage at initial turn-on.

GENERAL SYSTEM MEASUREMENTS AND
PRECAUTIONS

For most applications the external components shown in
Figure 9 will be required. In fact, the only recommended
deviation from these values is the substitution of an equiva-
lent pair of fixed resistors for the gain setting potentiometer.
Location of the LM1894 in the audio path is important and
should be prior to any tone or volume controls. In tape sys-
tems, right after the playback head pre-amplifier is the best
place, or at the stereo decoder output (after de-emphasis
and the multiplex filter) in an FM broadcast receiver. The
LM1894 is designed for a nominal input level of 300 mVrms
and sources with a much lower pre-amplifier output level will
either require an additional gain block or substitution of the
LM832 which is designed for 30 mVrms input levels.

The same circuit as Figure 9 can be used for measurements
on the IIC performance but, as with any other n.r. system,
care in intepretation of the results may be necessary. For
example, while the decay time constant for a tone burst
signal is pretty constant, the attack time will depend on the
tone frequency.
Sometimes separation of the audio path input and the con-
trol path is required, particularly when the frequency re-
sponse or the THO with low input signal levels is being mea-
sured. If the audio and control paths are not separated then
a typical audio system measurement of the frequency re-
sponse will not appear as expected. This is because the
control path frequency response is non-linear, exhibiting low
sensitivity at low frequencies. When a low level input signal
is swept through the audio frequency range, at low frequen-
cies the audio -3 dB bandwidth will be held at 1 kHz, and
the audio path signal will fall in amplitude as the signal goes
above 1 kHz. As the signal frequency gets yet higher, the
increasing sensitivity of the control path will allow the detec-
tor to be activated and the audio path - 3 dB frequency
starts to overtake the signal frequency. This causes the out-
put signal amplitude to increase again giving the appear-
ance that there is a dip in the audio frequency response
around 1-2 kHz. It is worth remembering at this point that
the audio path frequency response is always flat below
some corner frequency and rolls off at 6 dBloctave above
this frequency. In normal operation this corner frequency is
the result of the aggregrate control path signals in the 1 kHz
to 6 kHz region and not the result of a single input frequen-
cy. To properly measure the frequency response of the au-
dio path at a particular signal input frequency and amplitude,
the control path input is separated by disconnecting Cs from
Pin 5 and injecting the signal through Cs only. Then, a sepa-
rate swept frequency response measurement can be made
in the audio path. Similarly measurements of THO should
include separation of the audio and control path inputs.
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PITFALLS - OR WHAT TO LISTEN FOR
Many people are understandably wary of non-complemen-
tary n.r. systems since there is no perfect means for distin-
guishing between the desired signal and noise. A thorough
understanding of the psycho-acoustic basis for noise mask-
ing will go a long way to allaying these fears, but a much
simpler method is to listen to a variety of source material
with a DNR system being switched in and out. Even so,
improper implementation of the LM1894-wrong location in
the audio path changing either the level or frequency re-
sponse of the source-or incorrect external component val-
ues, or the wrong sensitivity setting, can all strongly affect
the audio in an undesired way. Sometimes, unhappily, the
source is really beyond repair and some compromise must
be made. Phonograph discs with bad scratches may require
special treatment (a click and pop remover) and some older
tape recordings may show some or all of the following prob-
lems.
1) Pumping:

Incorrect selection of the control path bandwidth exter-
nal components can result in an audible increase in
noise as the input level changes. This is most likely to
be heard on solo instruments or on speech. Sometimes
the SIN rate is too poor and masking will not be com-
pletely effective - i.e., when the bandwidth is wide
enough to pass the program material, the increase in
noise is audible. Cutting down on the pumping will also
affect the program material to some extent and judge-
ment as to which is preferable is required. Sometimes
a shorter decay time constant in the detector circuit
will help, especially for a source which always shows
these characteristics, but for better program material
a return to the recommended detector characteristics
is imperative.

2) High Frequency Loss:
This can be caused by an improper control path gain
setting-perhaps deliberate because of the source SIN
ratio as described above-or incorrect values for the
audio path filter capacitors. Capacitors larger than the
recommended values will scale the operating bandwidth
lower, causing lower -3 dB corner frequencies for a
given control path signal. Return to the correct capaci-
tor values and the appropriate control path gain setting
will always ensure that the h.f. content of the signal
source is preserved.

O.l~FT

3) Apparent High Frequency Loss:
The ability to instantaneously AlB the source with and
without noise reduction can sometimes exhibit an appar-
ent loss of h.f. signal content as the DNR system oper-
ates. This is most likely to happen with sources having an
SIN ratio of less than 45 dB and is a subjective effect in
that the program material probably does not have any
significant h.f. components. It has been reported several
times elsewhere that adding high frequency noise (hiss)
to a music signal with a limited frequency range will seem
to add to the h.f. content of the music. Trying sources
with a higher SIN ratio that do not demonstrate this ef-
fect can re-assure the listener that the DNR system is
operating properly. Alternatively a control path sensitivity
can be used that leaves the audio bandwidth slightly
wider, preserving the "h.f. content" at the expense of
less noise reduction in the absence of music.

4) Sensitivity Setting:
Since this is the only adjustment in the system, it is the
one most likely to cause problems. Improper settings can
cause any of the previously described problems. Factory
pre-sets can (and are) used, but only when the source is
well defined with known noise level. For the user who
intends to noise reduce a variety of sources, the control
path gain potentiometer is required and should be adjust-
ed for each application. A bypass switch is helpfUl in this
respect since it allows rapid AlB comparison. Another
useful aid is a bandwidth indicator, shown in Figure 10.
This is simply an LED display driver, the LM3915, operat-
ing from the voltage on the detector filter capacitor at Pin
10 of the LM1894. The LM3915 will light successive
LEOs for each 3 dB increase in voltage. The resistor val-
ues are chosen such that the capacitor voltage when the
LM1894 is at minimum audio bandwidth, is just able to
light the first LED, and a full audio bandwidth control sig-
nal will light the upper LED. Experience will show that
adjusting the sensitivity so that the noise in the source
(no signal is present) is just able to light the second LED,
will produce good results. This display also provides con-
stant reassurance that the system audio bandwidth really
is adequate to process the music. A simpler detector,
using a dual comparator and a couple of LEOs can be
constructed instead, with threshold levels selected to
show the correct sensitivity setting, minimum bandwidth,
maximum bandwidth or some intermediate bandwidth as
desired.
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DNR™ Applications
of the LM 1894

INTRODUCTION
The operating principles of a single-ended or non-comple-
mentary audio noise reduction system, DNR, have been
covered extensively in a previous application note AN384,
Audio Noise Reduction and Masking. Although the system
was originally implemented with transconductance amplifi-
ers (LM13600) and audio op-amps (LM387), dedicated IICs
have since been developed to perform the DNR function.
The LM1894 is designed to accommodate and noise reduce
the line level signals encountered in video recorders, audio
tape recorders, radio and television broadcast receivers,
and automobile radiolcassette receivers. A companion de-
vice, the LM832, is designed to handle the lower signal lev-
els available in low voltage portable audio equipment. This
note deals chiefly with the practical aspects of using the
LM1894, but the information given can also be applied to
the LM832.

THE BASIC DNR APPLICATION CIRCUIT
At the time of writing, the LM1894 has already found use in
a large variety of applications. These include:

AUTOMOTIVE RADIOS
TELEVISION RECEIVERS
HOME MUSIC CENTERS
PORTABLE STEREOS (BOOM BOXES)
SATELLITE RECEIVERS
AUDIO CASSETIE PLAYERS
AVIONIC ENTERTAINMENT SYSTEMS
HI-FI AUDIO ACCESSORIES
BACKGROUND MUSIC SYSTEMS
ETC.
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In the majority of these applications the circuit used is identi-
cal to that shown in Figure 1, and this is the basic stereo
Dynamic Noise Reduction System. Although a split power
supply can be used, a single positive supply voltage is
shown, with ac coupled inputs and outputs common in many
consumer applications. This supply voltage can be between
4.5 Voc and 18 Voc but operation at the higher end of the
range (above 8 Voc) is preferred, since this will ensure ade-
quate signal handling capability. The LM1894 is optimized
for a nominal input signal level of 300 mVrms but with an
8 Voc supply it can handle over 2.5 Vrms at full audio band-
width. Smaller nominal signal levels can be processed but
below 100 mVrms there may not be sufficient gain in the
control path to activate the detector with the source noise.
In this instance, and where battery powered operation is
desired, the LM832 is a better choice. The LM832 has iden-
tical operating principles and a similar (but not identical) pin-
out. It is optimized for input levels around 30 mVrms and a
supply voltage range from 1.5 Voc to 9.0 Voc.
The capacitors connected at Pins 12 and 3 determine the
range of - 3 dB cut off frequencies for the audio path filters.
Increasing the capacitor value scales the range downward -
the minimum frequency becomes lower and the maximum
or full bandwidth frequency will decrease proportionally.
Similarly, smaller capacitors will raise the range.

L3dB = IT/9.1C(IT = 33 ",AMIN) (1)
( = 1.05 mA MAX)

For normal audio applications the recommended value of
0.0033 ",F should be adhered to, producing a frequency
range from 1 kHz to 35 kHz.
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The two resistors connected at Pin 5 set the overall control
path gain. and hence the system sensitivity. A lower tap
point will decrease the sensitivity for high signal level sourc-
es. and a higher tap point will accommodate lower level
sources. For purposes of initial calibration it is best to re-
place the resistors with a 1 kO potentiometer (the wiper arm
connecting through Ce to Pin 6). and follow the procedures
outlined below. Once the correct adjustment point has been
found. the position of the wiper arm is measured and an
equivalent pair of resistors are used to replace the potenti-
ometer. This. of course. can be done only if the source has
a relatively fixed noise floor-the output from an audio cas-
sette tape for example. For an add-on audio accessory the
potentiometer should be retained as a front panel control to
allow adjustment for individual sources. Use of DNA with
multiple sources is described later.

SYSTEM CALIBRATION
System calibration can be performed in a number of ways.
With the source connected playa blank but biased section
of the cassette tape. Set the potentiometer so that the wiper
arm is at ground and then steadily rotate it until a slight
increase in the output noise level is heard. Alternatively.
with source program material present. set the potentiometer
with the wiper arm connected to the Pin 5 end of the slider
and again rotate until the high frequency content of the pro-
gram material appears to begin to be attenuated. Then re-
turn the potentiometer wiper slightly towards Pin 5 so that
the music is unaffected.
A third method of adjustment can be done with an oscillo-
scope monitoring the voltage on the control path detector
filter capacitor. Pin 10. This will show a steady dc voltage
around 1V while the wiper arm of the potentiometer is at
ground. As the wiper arm is rotated. this voltage will start to
increase. About 200 mV above the quiescent value will usu-
ally be the right point. Note that this will not be a steady dc
voltage but a random peak, low amplitude sawtooth wave-
form caused by peak detection of the source noise in the
control path.
Whatever method is used to determine the potentiometer
setting, this setting should be confirmed by listening to a
variety of programs and comparing the audio quality while
SWitchingDNA in and out of the circuit. This is easily accom-
plished by grounding Pin 9 which will disable the control
path and force the audio filters to maximum bandwidth. Fig-
ure 2(a). Also shown is a second method of ONIOFF
switching that gives an increased maximum bandwidth over
that obtained in normal operation. Although the switch is not
a required front panel control it can be an important feature.
Unlike compander systems. DNA can be switched out leav-
ing the source completely unprocessed in any way. With a
switch, the user can always be assured that the noise re-
duction is not affecting the program material.

Apart from the basic circuit shown in Figure 1, all applica-
tions of the DNA system have another feature in common-
the location of the LM1894 in the signal chain. As F/{Jure 3
shows. the LM1894 is always placed right after the signal
source pre·amplifier and before any circuit that includes
user adjustable controls for volume or frequency response.
The reasons for this are obvious. If the gain of the signal
amplifier preceding DNA is changed arbitrarily. the noise
input level to the LM1894 will not be at the correct point to
begin activation of the audio path filters. Either reduced
noise reduction will be obtained. or the high frequency con-
tent of the program material will be affected. A change in
system gain prior to the LM1894 requires a corresponding
change in the control path threshold sensitivity. Similarly
modifying the frequency response, by heavy boost or cut of
the mid to high frequencies. will have the same effect of
changing the required threshold setting-apart from modify-
ing the masking qualities of the program material.

HOW MUCH NOISE REDUCTION?
The actual sensitivity setting that is finally used, and the
amount of noise reduction that is obtained. will depend on a
number of factors. As the data sheet for the LM1894 and
other application notes have explained in some detail. the
noise reduction effect is obtained by audio bandwidth re-
striction with a pair of matched low-pass filters. A
CCIA/AAM* weighted noise measurement is used so that
the measured improvement obtained with DNA correlates
well to the subjective impression of reduced noise. This is
another way of stating that the source noise spectrum level
versus frequency characteristic can have a large impact on
how "noisy" we judge a source to be-and concomitantly
how much of the "noisiness" can be reduced by decreasing
the audio bandwidth. Fortunately most of the audio noise
sources we deal with are smooth although not necessarily
flat. resembling white noise. The weighting characteristic re-
ferred to above generally gives excellent correlation. For
example. if the source -3 dB upper frequency limit is only
2 kHz (an AM radio), reducing the audio path bandwidth
down to 800 Hz will improve the SIN ratio by only 5 to 7 dB.
On the other hand. if the source bandwidth exceeds at least
8 kHz then from 10 dB to 14 dB noise reduction can be
obtained. Of course. it is always worth remembering that
this is the reduction in the source noise-any noise added in
circuits after the LM1894 may contribute to the audible out-
put and prevent the full noise reduction effect. To see how
easily this can happen, we will consider the noise levels at
various points in a typical automotive radio using an IIC
tone and volume control. and an IIC power amplifier. both
with and without noise reduction of the cassette player.
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If we assume that the tape head pre-amplifier gain is such
that the nominal output level (corresponding to O"VU") is
300 mVrms, then for a typical cassette tape the noise will be
50 dB lower, or 949 ",V. The gain of the tone and volume
control (an LM1036) is unity or 0 dB at maximum volume
setting, with an output noise level of 33 ",V with no signal
applied. With the tape pre-amplifier connected, the output
noise from the LM1036 will be Vn where

Vn = 10-6 ~(33)2 + (949)2 = 949.6 ",V (2)

Clearly, the LM1036 has caused an insignificant increase in
the background noise level (0.006 dB). Even when the vol-
ume control is set at -20 dB overall gain, the LM1036 in-
trinsic noise level is 22 ",V. The tape noise level is now
94.9 ",V (-20 dB) and the output noise Vn is

Once more an insignificant contribution on the part of the
LM1036 (0.23 dB).
Now we add noise reduction between the tape head amplifi-
er and the LM1036. Usually this will mean over 10 dB reduc-
tion in the tape noise so that the input of the LM1036 sees
300 ",V noise. At 0 dB gain we have

Vn = 10-6~(33)2 + (300)2 = 301.8 ",V

But at -20 dB

When we compare the results of Equation (3) and (5) we
see that at - 20 dB gain setting we are getting only 8.4 dB
noise reduction compared to 10 dB at maximum gainI Since
the volume control is not normally set to maximum, this is a
significant loss.
Active tone and volume controls are not the only circuits
that can contribute to a loss in noise reduction. Most mod-
ern automotive radios use IIC power amplifiers delivering in
excess of 6 watts into 40 loads--and even more if bridge
amplifiers are employed. With a 12 Voc supply, the output
signal swing is limited to less than 4 Vrms if clipping is
avoided. Typical amplifiers have an input referred noise lev-
el of 2 ",Vrms, and with a gain of 40 dB (a typical value) the
intrinsic output noise level is 200 ",Vrms, or 86 dB below
clipping. For a normal listening level, the signal amplitude
will be 20 dB below clipping which yields a SIN ratio of only
66 dB-which is just better than the noise reduced input to
the amplifier.
Many manufacturers recommend using IIC power amplifiers
with gains of 60 dB. This will always result in unacceptable
noise performance at moderate listening levels since the
amplifier generated noise is now over 2 mY. For a signal
20 dB below clipping the output SIN ratio is only 46 dB!
It is interesting to note that the inclusion of just 10 dB noise
reduction is sufficient to put pressure on the performance
standards of the remaining circuits in the audio path of an
automotive radio. If more noise reduction is available, such
as a combination of Dolby Band DNR, or Dolby C, then the
subsequent gain distribution must be considered even more
carefully. The power amplifier gain may have to be reduced
to 20 dB to avoid degrading the noise performance. In fact it
may be impractical to realize the full noise performance ca-
pability of systems providing high levels of noise reduction
in many automotive stereo radios.

MODIFICATIONS TO THE STANDARD APPLICATIONS
CIRCUIT

1.TAPE DECKS WITH EQUALIZATION SWITCHES:
Many modern cassette tape decks and automotive radio
cassette players offer at least two types of equalization in
the head-preamplifier in order to optimize the frequency re-
sponse of various tape formulations. These are often identi-
fied on the equalization switch as "Normal" and "Cr02"
corresponding to 120 ",s and 70 ",s time constants in the
equalization network. This difference in time constants can
mean that the noise floor from a cassette tape in the
"Cr02" mode can be up to 4 dB lower than for a tape requir-
ing the "Normal" mode, Figure 5.
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FIGURE 5. Tape Playback
Equalization Including Integration

Although a compromise setting can be found for the DNR
threshold setting to accommodate both types of tape, a sin-
gle pole, double throw switch ganged to the equalization
switch will optimize performance for each mode. In the ex-
ample given in Figure 6, the resistor values shown are from
an application that yielded a 400 mVrms input to the
LM1894 when the tape flux density was 200 nW/m. For
different tape-head amplifiers the resistors R1 and R2 are
selected using a "Normal" tape as a source, and then R3 is
selected according to the relationship given in Equation (5).
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FIGURE 6. Optimizing the Control Path Threshold
for Different Tape Formulations

Notice that only one additional resistor is required over the
standard application, and it is easy to substitute transistor
switching in place of the spdt switch.

R1/(R1 + R2) = 0.63 R3/(R1 + R3) (5)

2. TAPE DECKS WITH COMPLEMENTARY
NOISE REDUCTION:

Most cassette decks available today employ some form of
complementary (companding) noise reduction system, usu-
ally Dolby B Type. DNR can be used in conjunction with
these noise reduction systems as a means to provide yet
more noise reduction on decoded tapes and still provide



noise reduction for unencoded tapes. The LM1894 is locat-
ed after the companding system and provision must be
made for the drop in noise level when the compandor is
being used. The DNR threshold sensitivity is increased by
the appropriate amount so that the lower noise levels are
still able to activate the audio filters. For example, the circuit
in Figure 7 shows a switching arrangement to compensate
for the 9 dB lower noise floor from a Dolby B decoded tape.
Notice the change in resistor values Rl through R3 to raise
the sensitivity (yet keeping the sum of Rl and R2to 1k) and
the 9 dB pad formed by the 3 kO resistor and the 1.5 kO
resistor in parallel with the control path input Pin 6, for use
when the compandor is switched off. Since the output level
from the compandor is usually around 580 mV for a flux
density of 200 nW/m, the ratio of Rl to R2 and R3 is
changed by only 5.6 dB compared to that shown in the pre-
vious Figure where the input level was 400 mVrms.
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FIGURE 7. Switching with Other NR Systems.--
TAPE \lOTION
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FIGURE 8. Video Magnetic Tape Format

3. VIDEO TAPE RECORDERS:
The audio track of a video cassette tape is similar to an
audio cassette and appears along one edge of the tape.
Although provision is made for two tracks, each 0.35 mm
wide, a large number of recordings are monaural with a
track width of 1 mm (0.04 inches).
Unlike the video heads, which are mounted on a rotating
drum and angled to the direction of tape travel in order to
give a much higher recording speed, the audio is recorded
longitudinally with a separate head at 33.35 mm/sec for
standard play, 16.88 mm/sec for long play, and
11.12 mm/sec for the very long play mode (VHS format
tape machines). The noise spectrum is similar to an audio
cassette but with a couple of differences. The typical fre-
quency response from the head pre-amplifier does not ex-
tend beyond 10kHz in the SP mode and is less in the LP
and VLP modes. Even so, this bandwidth is enough to en-
sure the presence of the familiar tape "hiss" when played

through modest or better Hi-Fi systems. Although the mono
track width (twice as wide as an audio cassette stereo track)
should help the SIN ratio, the slower tape speed does not,
as shown in the curves of Figure 9. For the SP mode the
SIN ratio is approximately 5 to 10 dB lower than the audio
cassette and worsens by 3 to 5 dB in the extended play
modes. Some "spurs" or "spikes" may be observed at har-
monics of the video field frequency (60 Hz) and at the video
line scan frequency of 15.734 kHz. The low frequency
spikes will not affect DNR operation since the control path
sensitivity decreases sharply below 1 kHz, but the presence
of the 15.734 kHz component could cause improper sensi-
tivity settings to be obtained. If this is the case, the pilot
frequency notch filter for FM, described later, can be re-
tuned by changing the capacitor from 0.015 JLFto 0.022 JLF.
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FIGURE 9. Video Tape Noise Spectrum Levels
Figure 9 also shows the noise spectrum with the new Beta
Hi-Fi format. This is clearly superior to both the standard
format and audio cassette tapes and is realized by using the
two video record/play heads simultaneously for audio, thus
taking advantage of the substantially higher relative tape
speed. The audio is added in the form of four FM carriers,
Figure 10. Four carriers are necessary for two audio chan-
nels since the azimuth loss between the normal video
heads (reducing crosstalk between the heads at video fre-
quencies) is not enough at the lower audio carrier frequen-
cies. Each head therefore uses different carriers for the left
and right channel signals.

2 3
FREQUENCY (101Hz)
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FIGURE 10. Beta HI-FI Carrier Frequencies
A quite different technique is used for VHS Hi-Fi, which is
similar to that for 8 mm video. Separate audio heads are
mounted on the same rotating drum that is carrying the vid-
eo heads, but with a much larger azimuth angle compared
to the video heads. The sound signal is written deep into the
tape coating and then written over by the video signal which
causes partial erasure of the audio-about a 10 dB to 15 dB
loss. The difference in azimuth angle prevents crosstalk and
the much greater writing speed still yields an SIN of over
80 dB.

Both Hi-Fi formats provide excellent sound quality with hard-
ly any need for noise reduction but DNR can still playa role.
Conventionally recorded tapes are and will be popular for
quite a while, and even with Hi-Fi recording capability much



VIDEO

AUDIO

recording will be done with television sound as a source-
and the source noise will dominate now instead of the tape
noise. As discussed later, DNR can be very effective in
dealing with television SIN ratios, allowing much of the ben-
efit of improved recording techniques to be enjoyed.

4. FM RADIOS:
FM sources can present special problems to DNR users.
The presence of the 19 kHz stereo pilot tone can be detect-
ed in the DNR control path and cause improper threshold
settings (the problem is not so much that the 19 kHz tone
gives the wrong setting, but that if the threshold is adjusted
with the tone present, then the threshold is wrong when the
tone is absent-as in a monaural broadcast). Secondly, for
FM broadcasts the noise level at the receiver detector out-
put is dependent on the r.t. field strength when this field
strength is under 100 ",V Imeter at the antenna terminal.
With a fixed DNR threshold, as the noise level increases
with decreasing field strength, the minimum audio band-
width becomes wider and a loss in noise reduction is per-
ceived. This latter problem occurs primarily with automobile
radios where the signal strength can vary dramatically as
the radio moves about. For the home receiver, re-adjust-
ment of the DNR threshold setting for an individual station
will compensate for the weaker signals.

To understand how much the pilot tone can affect the DNR
control path, we can take a look at some typical signal lev-
els. For an FM broadcast in the U.S., the maximum carrier
deviation is limited to ± 75 kHz with a pilot deviation that is
10% of this value. A high quality FM I/C such as the
LM1865 will produce a 390 mVrms output at the detector
with this peak deviation, so the pilot level at 19 kHz will be
39 mVrms. If the receiver does not include a multiplex filter,
after de-emphasis 4 mV will appear at the inputs to the
LM1894. Typically for FM signal noise floors, the resistive
divider at Pin 5 will attenuate the pilot by 20 dB leaving
0.4 mVrms at Pin 6. This input level to the LM1894 control
path is sufficient to cause the audio bandwidth to increase
by over 1 kHz compared to the monaural minimum band-
width. Of course, if the receiver does have a multiplex filter,
which is common in high quality equipment or receivers that
include Dolby B Type noise reduction, this problem will not
happen, but otherwise we require an extra 15 dB to 20 dB
attenuation at 19 kHz. This is obtained with a notch filter
tuned to the pilot frequency connected between Pins 8 and
9 of the LM1894. Although a tuned inductor is shown, a
fixed coil of similar inductance and Q can be used since with

normal component value tolerances (±7% inductance,
± 10% capacitance) the pilot tone will be attenuated by at
least 15 dB.

Handling the signal strength dependence of the FM signal
noise floor is not quite as easy - at least if pre-set DNR
sensitivity settings are used. A look at the quieting curves
for an FM radio will show why. At strong signal levels, great-
er than 1 mV/meter field strength at the antenna, the IF
amplifier of the radio is in full limiting and the noise floor is
between 60 dB and 80 dB below the audio signal. However,
as the field strength starts to decrease below 1 mV/meter,
the noise level begins to increase, even though the IF ampli-
fier is still in limiting. Worse yet, since the demodulated out-
put includes the noise from the stereo difference signal
channel (L-R), the noise level is increasing more rapidly in
the stereo mode than in the monaural mode. By the time the
field strength has fallen to 100 ",Vim the stereo noise is
over 20 dB higher than the equivalent mono noise. If the
DNR sensitivity is pre-set such that noise at the - 45 dB to
-55 dB level is activating the control path detector, when
weaker stations are tuned in the noise level will increase
and less noise reduction will be obtained. On the other
hand, for stronger stations the noise level will drop below
the detector threshold and a possibility exists that high fre-
quency signals will be attenuated. Fortunately this latter oc-
currence is unlikely with commercial FM broadcasts since
substantial signal compression is common, and the relative-
ly high mid-band signals will be adequate enough to open
the audio bandwidth sufficiently. In any event, with very
strong r.t. signals, the need for noise reduction is minimal
and DNR can be switched out.

FM TV

IL 4.7 mH 4.7mH

Ic 0.Q15 ",F 0.022 ",F



Recognizing that a fixed threshold setting is necessarily a
compromise for FM, the designer can still elect to use a pre-
set adjustment for convenience. The set-up procedure is a
little more complicated than for an audio tape source and
involves the use of an FM signal generator. The carrier fre-
quency from the generator (between 88 MHz and 108 MHz)
is unmodulated except for the stereo pilot tone, and the
receiver is tuned to this carrier frequency. Then the carrier
level is increased until the stereo demodulator output SIN
ratio is that desired for the DNR threshold setting. For ex-
ample, if the recovered audio output is 390 mVrms for
75 kHz deviation of the carrier frequency, the stereo noise
level is 2.2 mVrms for a 45 dB SIN ratio. The generator
level is increased until this noise voltage is measured at the
demodulator output and the resistive divider at Pin 5 of the
LM1894 adjusted correspondingly. A multiplex filter should
be inserted between the decoder output and the SIN meter
to prevent the pilot tone from giving an erroneous reading.
At no time should the pilot tone be switched off since this
will allow the decoder to switch into the nomaural mode,
decreasing the noise level - 65 dB instead. A SIN ratio of
45 dB is chosen since many modern receivers incorporate
blending stereo demodulators. As the dashed curve of Fig-
ure 13 shows, when the stereo SIN ratio falls to 45 dB, the
decoder starts to blend into monaural operation, thus keep-
ing a constant SIN ratio. The loss in stereo separation that
inevitably accompanies this blending is far less objection-
able than abrupt switching from stereo to mono operation at
weak signal levels.
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FIGURE 13. FM Radio Quieting Curves

5. TELEVISION RECEIVERS:
At first it might be thought that television broadcast signals,
with an FM sound carrier located 4.5 MHz above the picture
carrier frequency, will present the same difficulties as FM
radio broadcasts to a DNR system with a pre-set threshold.
This conclusion is modified by two considerations. First the
TV receiver is unlikely to be mobile and the received signal
strength will be relatively constant from an individual broad-
cast station. Secondly another subjective factor, the picture
quality, will largely determine whether the signal strength is
adequate enough for the viewer to stay tuned to that station.
A representative television receiver will have a VHF Noise
Figure between 6 dB and 7 dB such that, with a 750. anten-
na impedance, the picture will be judged noise-free at an
input signal level of just above 0.5 mVrms - i.e. a picture
signal to noise ratio of 43 dB. Noise will become perceptible
to most viewers at a SIN ratio of 38 dB and become objec-
tionable at 28 dB to 30 dB. Therefore 13 dB below 1 mVrms
the picture noise is objectionable, and at - 25 dB to
-30 dB it will probably be totally unacceptable to the major-
ity of viewers. For off-air broadcasts, the audio carrier ampli-

tude is 7 dB to 10 dB below the picture carrier amplitude
and for cable services the typical soundlpicture carrier ratio
is -15 dB. However, due to the FM improvement factor
(45.4 dB for equal amplitude carriers compared to the AM
picture carrier) audio SIN ratios do not degrade as rapidly
as the picture S/N-even with the lower audio carrier ampli-
tudes. Figure 14 shows the increase in audio noise level as
both carrier amplitudes are reduced from the picture carrier
level that produces a noise-free picture. When the picture
noise is already objectionable the audio noise level has re-
mained virtually unchanged, even for an audio carrier 30 dB
below the picture carrier. By the time an unacceptable pic-
ture noise level has been reached, the audio noise has in-
creased by less than 3 dB for sound carriers at -10 dB and
- 20 dB relative to the picture carrier. Therefore it is unlikely
that a perceptible increase in noise compared to a strong
channel will occur before the viewer switches to another
channel.
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FIGURE 14. Increase In Audio Noise with
Decreasing Carrier Levels
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FIGURE 15. TV Noise Spectrum Level

Figure 15 shows the noise spectrum level of a strong audio
carrier (1 mVrms) referred to 7.5 kHz carrier deviation. The
standard peak deviation in the U.S. is 25 kHz so that the
spectrum level will be 10 dB lower when referred to the
peak audio level, meaning that the noise is not much better
than the cassette tape noise levels shown previously. Only
the relatively small power capability and limited bandwidth
of audio amplifiers and speakers in conventional receivers
has made this noise level acceptable. Unfortunately for the
listener who hooks up the audio to his Hi-Fi system, or buys
a new receiver with wider audio bandwidth and high output
power (in anticipation of the proposed BTSC stereo audio
broadcasts for television), TV sound will exhibit this noise.
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~ Because the noise floor will be relatively constant, a pre-set:Z threshold can be used for the LM1894 control path (al-
ee though broadcast of older movies with unprocessed and

noisy optical soundtracks might increase the received
noise), and the only modification to the standard application
circuit is to shift the control path notch filter down to
15.734 kHz. This is done with sufficient accuracy simply by
changing the 0.D15 /LF tuning capacitor to 0.022 /LF.
Note: The introduction of a stereo audio broadcast (the BTSC·MCS propos-

al) does not substantially modify the above conclusions, even though
dbx noise processing is used. The dbx-TV noise reduction is applied
only to the new stereo difference signal channel (L·R) to decrease the
additional noise intrinsic in the use of an AM subcarrier along with the
normal (L+R) monaural channel. This means that the new stereo
signal should have roughly the same characteristics as the present
monaural signal.

6. MULTIPLE SOURCES:
Multiple sources are best accommodated by keeping the
potentiometer in the LM1894 control path and allowing the
user to optimize each source. Nevertheless, for conve-
nience, pre-sets are often desired and these can be done in
two ways.
1) If the sources have widely different SIN ratios, the resis-

tive divider at Pin 5 should be tapped at the appropriate
point for each source noise level. This assumes that the
source signal levels have been matched at the input to
the LM1894 for equal volume levels.

2) If the source SIN ratios are not too far different, then the
input levels can be trimmed individually to produce the
same noise level in the LM1894 control path. A single
sensitivity setting is used. and an additional switch pole
ganged to the source selector switch is avoided.
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Examples of both arrangements are shown in Figure 16(8)
and (b). To set up the multiple source system of 16(b), the
DNR control path sensitivity is adjusted for the source with
the lowest noise floor. Measure the peak detector voltage
(Pin 10) produced by this noise source and then switch to
the nex1source. Adjust (attenuate) the input level of the new
source to match the previous Pin 10 detector voltage and
repeat this procedure for each subsequent source.

7. CASCADING THE LM1894 AUDIO FILTERS

The LM1894 has two matched audio lowpass filters which
can be cascaded. providing a single channel filter per IIC
with a 12 dBloctave roll-off. This produces slightly more
noise reduction (up to 18 dB) but because the steeper filter
slope may in some cases produce audible effects on high
frequency material, cascaded filters are best used for sourc-
es with a relatively restricted h.t content. When the filters
are cascaded the combined corner frequency decreases by
64% according to Equation (6), for n = 2

fc = fo ~100.3/n - 1 (6)
Therefore, to retain the original frequency range. the capaci-
tor values must be reduced by the same factor to
0.0022 /LF. One of the audio outputs is connected over to
the other audio filter input and the summing amplifier in the
control path is by-passed by moving the 0.1 /LF coupling
capacitor from Pin 5 over to the single audio input. If the
audio source is unable to drive the 1 kO impedance of the
control path input network, this can be scaled up by using a
0.01 /LF capacitor and a 10 kO potentiometer.
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The LM1823:
A High Quality TV Video I.F.
Amplifier and Synchronous
Detector for Cable
Receivers
INTRODUCTION

The LM1823 is a video I.F. amplifier designed to operate at
intermediate carrier frequencies up to 70 MHz, and employ
phase locked loops for synchronous detection of amplitude
modulation on these carrier frequencies. The high gain,
wide AGC range and low noise of the LM1823 make it ideal
for use in television receivers, video cassette recorders and
in cable TV set-top converters requiring high quality detect-
ed base-band video and an audio intercarrier. Typical per-
formance characteristics and features of this I/C are sum-
marized in Table I below.

TABLE I
Maximum system operating frequency
Typicall.F. amplifier Gain (45.75 MHz)
I.F. amplifier gain control range
True synchronous detector with a PLL
Detector conversion gain
Detector output bandwidth
Detector differential gain
Detector differential phase
Noise averaged AGC system
Internal AGC gated comparator
Reverse tuner AGC output
DC controlled video detection phase
AFC detector

70 MHz
>60dB
55dB

34 dB
9MHz
2%
1 degree

THE R.F. SIGNAL FORMAT

Despite the wide variety of signal sources available to the
home television receiver-broadcast, cable, satellite, video
games etc.~n channel carrier frequencies from
55.25 MHz to 885.25 MHz, the spectral content of each R.F.
channel has been established for many years. In the United
States the channel bandwidth is fixed at 6 MHz with the
picture carrier located 1.25 MHz from the lower end of the
band, and an aural carrier placed 4.5 MHz above the picture
(pix) carrier. Introduction of color television in the early fifties
added another carrier, the chroma sub-carrier, positioned
3.58 MHz above the pix carrier frequency. The pix carrier is
amplitude modulated' by the baseband video signal (which
• A more appropriate term is "negative downward modulation" since any
modulating signal causes a decrease in the peak carrier ampldude (com-
pared to conventional a.m., where the modulating signal alternately increas-
es and decreases the peak carrier level with the mean carrier level remain-
ing constant). For television carriers, syncs correspond to peak carrier and
increasing brightness causes decreasing carrier amplitudes.

National Semiconductor
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includes the synchronization information and the phase and
amplitude modulated chroma subcarrier) while the aural car-
rier is frequency modulated. Television channels in Europe
use similar carriers with the refinement of a fluctuating chro-
ma subcarrier phase (PAL.).

The signal coming into the receiver has this general format
and the receiver R.F. and I.F. circuits are designed to han-
dle such a signal and reduce it back to the baseband com-
posite video and audio intercarrier. Even where signal
scrambling is used to protect the video modulation from un-
authorized detection, the R.F. spectrum must remain within
this format. For satellite broadcasts with frequency modula-
tion of the video signal, the signal is demodulated and then
remodulated onto a low VHF channel for reception by stan-
dard television receivers. In connection with this, the
LM1823 PLL detector is not suitable for wide-band FM de-
tectio~ven though the I.F. carrier (70 MHz) is well within
the LM1823 I.F. amplifier frequency capability.

Notice again that the pix carrier is located at one end of the
occupied bandwidth and only the upper sidebands are being
fully transmitted. The lower sidebands are truncated with
only frequencies close to the pix carrier frequency modulat-
ing the carrier. This method of conserving the frequency
spectrum is referred to as vestigial sideband transmission.

THE CABLE CONNECTION

Originally introduced many years ago as a means for provid-
ing broadcast TV to isolated areas or where the terrain
made direct reception difficult, cable TV had modest growth
in the U.S. and was a stagnating industry until the mid-sev-
enties. Lower cost satellite earth stations were the turning
point, allowing cable operators access to many varied pro-
gram sources from any part of the country.

I
I
I
I

0.5 1.25 4.13 5.75

~:;Wk _/5.5./
Tl/H/8421-1

FIGURE 1. U.S. Broadcast Channel Spectrum

FIGURE 2. Broadcast and Cable Bands In the U.S.
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FIGURE 3. Cable set-Top Converter Block Diagram

Standardtelevision receivers in the U.S.tune to VHF chan- located outside the signal channel.This permits use of the
nels 2 through 13 and UHF channels 14 through 83, and televisionreceiver in a normalway but does requiresimulta-
initially cable operators used the 12 VHF channels for their neous switching of the decoder receiver with channel
programmaterial.With increasedsourcessoon all channels changes.
were occupied on some systems creating significant de- Also, spectrumspace must be reservedfor each scrambled
mands on television tuner and I.F. amplifier strips. More channel's data carrier.
space yet was needed and rather than using UHF channel A more popular method of scrambling is "in band scram-
allocations starting at 470 MHz becauseof cable signal at- bling" where the data carrier to decode the signal is includ-
tenuation (typically 0.8 dB/100 ft. at 300 MHz), operators ed inside the transmitted signal channel, usuallywithin the
turnedto the unusedspectrumspace betweenVHFchannel aural carrier. Any number of channels can be scrambled
13 and UHF channel 14. Naturally, since standard TV ra- and now different levels of service can easily be added or
ceivers could not tune to these channels, the set-top con- deleted without the need to rewire the decoder box. This is
verter came into being. Each of the new channels could be achieved by inclUdingtime mUltiplexedbinary "tags" along
convertedto a low VHF channel to be receivedon the stan- with the sync information so that special programs can be
dard TV. Televisionmanufacturersresponded,and with the identified. Individual subscriber boxes can be similarly ad-
common introduction of varactor tuners were soon able to dressedand turnedon or off by the cable operator. In these
offer "cable ready" televisions capable of tuning to all the types of systems, the LM1823 and LM2889 have obvious
new cable frequencies. This meant that customer conve- applications. The LM1823 is able to provide an excellent
niences such as remote control of channel selection also baseband signal inside the decoder box, which signal is
becameavailable.Unfortunatelyit aggravateda problemal- then remodulated on a low VHF channel carrier by the
readyconfronting the cable operator. Since standard televi- LM2889for retransmissionto the standardtelevision receiv-
sion receivers couldn't tune to the cable channels, opera- er. Clearly, the highest possible performance is desireable
tors had been able to offer premium services on some of to prevent any noticeable difference between a converted
these frequencies, paid for by subscriberswho rented the channel, whether scrambled or not, and a regular off-air
appropriateset-top converterbox.This didn't provevery se- broadcast channel. (For a complete description of the
cure since one operator's "free" channelwas anotheroper- LM2889 modulator IIC see AN402).
ator's "pay" channel, and the introduction of cable-ready
televisions ensuredthe eventualdemise of such systems. THE RECEIVER FRONT-END

Scrambling the signal, a technique already being used by The typical receiverfront-end consists of a tuner, I.F.ampli-
over-tha-airsubscriptiontelevision,has becomecommon in fier, I.F.filters and a videolsound intercarrierdetector stage.
the cable service.The degreeof scrambling' is limitedsince These circuits are designed to provide a number of tunc-
the scrambledsignalspectrummust remainwithin the chan- tions:
nelallocation and anythingdone to the signal must be sub- 1) Select (tune) a specific R.F. channel in a band of fre-
sequently undone without noticable degradationof the sig- quencies.

oal. 2) Providerejection to adjacent and other channels in the
Generally for television, scrambling means a pulse or sine band.
wave suppression of the signal horizontal blanking pulse 3) Amplify low level R.F.lI.F. signals prior to detection of
interval so that the sync-tips occur between the black and the modulation.
white levels instead of always below black level. The stan-
dard television sync separator does not function well with 4) Avoid overload on high level R.F. signals.
this signaland the I.F.ltuner AGCcircuitswill not work prop- 5) Trap or attenuate specific frequencieswithin the chan-
erly, effectively scrambling the displayed picture. Other nel bandwidth to ensure a proper detected frequency
techniques include random inversion of the video informa- response is obtained.
tion to provide an even greater degree of security. 6) Linearlydemodulateall desired modulatingfrequencies
The means used to encode such a scrambled signal gives on the carrier.
rise to the terms "in band scrambling" and "out of band 7) Producea noise-freevideo signal at the detector.
scrambling". With cable ready television receivers capable 8) Provide automatic gain control (AGC) to compensate
of tuning to the scrambled channel, the decoder can be a for changingsignal strength at the receiver input.
simple broad-band gain switch (to change the signal R.F. 9) Provideautomatic frequencycontrol (AFC)to the tuner
amplitUdeduringhorizontalblanking)with a separatereceiv- local oscillator (L.O.) to maintain the carrier intermedi-
er tuned to the decoding data carrier frequency, which is ate frequency (I.F.).

·Other security techniques such es Jemming or trapping are used but since N.B. Items 8) and 9) have previously been provided in part by circuits exler-
jamming is eesy to defeat end trapping requires removal or replacement of nal to the conventional I.F. amplifier. However, these functions are
finers in the cable drop to individual subscribers, scrambling the signal is completely included with the LM1823 leading to overall performance
receivinga lot more attention. improvementsand reductionin externalpartscountand cost
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FIGURE 4. R.F. Tuning and I.F. Conversion (Note High
Side LO. Reverses the Relative Position ot the Picture

Chroma & Sound Carriers. c.t. Figure 1).

Although we are not directly concerned with the tuner de-
sign in this application note, it is useful to understand the
design goals and constraints on the tuner for at least two
reasons. First, since the tuner and I.F. amplifier interact very
closely to obtain and maintain a noise-free picture, we need
to know something about the tuner in order to provide the
correct gain distribution and AGC action. Second, when the
two functions are finally placed together, we need to know
where to look to solve visible problems that may have be-
come apparent. In some instances, either the tuner or the
I.F. amplifier may be at fault, and a good understanding of
the system interaction is needed to ensure that the appro-
priate action is taken.

Tl/H/8421-S

FIGURE 5. Typical Single Conversion Tuner

Both single conversion and double conversion techniques
are used in cable converter tuners. The single conversion
type is similar to the conventional TV receiver tuner and
consists essentially of an R.F. stage, mixer stage, and local
oscillator. Usually some input filtering is done to help match
the cable to the input device and provide some rejection to
unwanted signals outside the operating channel. Further re-
jection to unwanted signals, such as the I.F. frequency radi-
ated back from the I.F. amplifier, is accomplished with inter-
stage filtering between the R.F. amplifier and the mixer, and
finally an output filter matches the mixer output to the cable
feeding the I.F. amplifier. For convenience, we are assuming

the desired output impedance is 750 and that the major I.F.
amplifier frequency selectivity is determined by a block filter
placed between the tuner output and I.F. amplifier input.
This is consistent with modern practice using surface
acoustic wave filters (SAWF's) and high gain stabilized IIC
amplifiers (LM1823). Even so, as noted in more detail later,
the LM1823 does provide opportunities for more filtering at
the I.F. amplifier output prior to the detector stage.

Dual conversion tuners have been popular for a number of
years and use first L.O. frequencies that are above the input
R.F. bandwidth, avoiding problems with L.O. leakage back
onto the feed cable. The second L.O. and mixer convert the
high first I.F. to a Ch 3 or Ch 4 carrier for reception by the TV
receiver. The addition of PLL's to control the first L.O. and
descrambling networks on the R.F. output have added suffi-
cient complexity to such converter!: that they are now called
"set-top terminals". Also, since the scrambling techniques
have become more sophisticated the signal is now frequent-
ly converted down to baseband before decoding and re-
modulation on Ch 3 or Ch 4 carriers. The high first I.F. has
the advantage that image signal rejection is achieved with-
out the switchable filters necessary at the input to the single
conversion tuner. However, the absence of these filters
does mean that care must be exercised to avoid generation
of intermodulation products that "talk back" onto the cable
(up conversion of the R.F. signal has been proposed as a
way to minimize intermodulation components). Another dis-
advantage of the dual conversion tuner shown in Figure 6 is
that it typically has a very high Noise Figure, often between
14 dB to 16 dB. This is because the signal is applied directly
to the first mixer which is a passive, double balanced diode
mixer. As discussed in more detail later when we look at
SAWF's between the tuner and the I.F. amplifier, a pre-amp
in front of the mixer can improve the N.F. to 6 dB to 8 dB,
especially in a baseband converter where an AGC voltage is
available to help the tuner handle the input signal strength
range.

Returning to the single conversion tuner, the major parame-
ters to be considered are as follows:

1) Power gain

2) Noise Figure

3) Good Cross-Modulation rejection

4)VSWR

5) AGC Range

6) Impedance changes with AGC

7) Overload capability

8) Channel 6 beat rejection

9) Curve tilt (tracking)

10) L.O. drift and radiation

For an I.F. amplifier design, items 1), 2), 7), and 8) are the
most significant, but if the tuner designer has overlooked
the others we may see some problems when the tuner and
I.F. amplifier are hooked together.



Crossmodulation describes the condition wherein the modu-
lation information on an adjacent channel (usually) is trans-
ferred on to the desired carrier. A typical specification is the
undesired carrier level with 30% modulation needed to
cause 1% modulation of the desired carrier level.

Crossmodulation is particularly likely to occur in cable sys-
tems and is usually observed as sync bars drifting through
the picture. In particularly severe cases the interfering pic-
ture can actually be seen. High signal levels at the input of
the mixer are a frequent cause of crossmodulation, particu-
larly when high gain R.F. stages are used to obtain a low
tuner noise figure (N.F.). But when AGC is applied the
crossmodulation source often shifts to the RF. device.

When overload occurs, (measured as the total harmonic
distortion of a specified modulation frequency), the peaks of
the RF. carrier waveform become compressed and this will
show up at the video detector as a smaller sync pulse ampli-
tude (sync tip to black level). Since the AGC system oper-
ates on the sync tip level the effective result is that the black
level appears to go blacker than black-i.e. some near
black information will be lost and the picture will appear to
have too much contrast. Alternatively if the subsequent re-
ceiver circuits have black level restoration the screen bright-
ness increases and picture tube blooming on peak whites
may occur. As overload increases there is a strong chance
that vertical sync will be lost. Generally the tuner mixer de-
vice is the first stage to overload, followed by the RF. stage.
While overload is caused by very strong signal strengths
and therefore may appear to be of limited concern it can
also occur at weak to intermediate signal strengths because
of incorrect AGC threshold settings and this will be dis-
cussed in detail later.

Channel 6 beat is a phenomenon related to mixer overload
and occurs because of the choice in the U.S. of 45.75 MHz
as the intermediate frequency. On channel 6, mixing of the
sound and pix carriers produces a signal at 171 MHz which
is then mixed with the channel 6 L.a. frequency to give
42 MHz. The I.F. sound and pix carriers can also mix with
the channel 6 L.a. to produce 42 MHz. Since 42 MHz is only
170.455 kHz from the I.F. chroma subcarrier of 42.17 MHz,
after detection wavey lines will appear in colored areas of
the picture. Turning down the receiver color level (satura-
tion) control will eliminate the 170 kHz pattern and identify
the problem as Channel 6 beat.

Curve tilt or tracking refers to the ability of the tuner filters to
track the L.a. frequency as the channel selection is
changed. Problems in this area are easily identified at the
video detector output (sometimes referred to as the 2nd
detector) since the effect is to cause changes in the relative
amplitudes of the pix, sound and chroma carriers compared
to that expected from the I.F. filter response. When the de-
tector VCO and AFT circuits of the LM1823 are aligned to
45.75 MHz, the chroma burst located on the back porch (or
breezeway) portion of the horizontal blanking period in the
video signal will normally be -6 dB compared to the sync
pulse amplitude. If mistracking is causing a loss of high fre-
quencies on certain channels, the burst amplitude will be
lower on these channels and the picture (in severe cases)
will have watery and noisy colored areas with smeared off
picture detail. When the loss occurs down at the pix carrier

frequency, the burst amplitude is increased and the picture
will become harsh with excessive overshoots.

Similar problems can occur on any specific channel simply
due to mis-tuning or L.a. drift. In particular, as the L.a. fre-
quency drifts high and the chroma subcarrier amplitude in-
creases, the sound carrier also increases and chroma/
sound beats will appear in the picture. In the U.S. the chro-
ma/sound carrier beat is at 920 kHz (4.5 MHz-3.58 MHz)
and appears as a herringbone pattern while the audio mod-
ulates the sound carrier. This 920 kHz beat can also be
caused by detector non-linearities, and after the video de-
tector by the detected 4.5 MHz sound intercarrier mixing
with the chroma subcarrier in subsequent receiver stages. If
turning down the color level control removes the 920 kHz
beat then a better 4.5 MHz trap is needed at the video de-
tector output.

These preceding comments are not meant to imply that the
tuner is the root cause of all the nasty phenomenae that can
be observed in the picture display. Overload, Channel 6
beat and video noise are very dependent of the
tuner/I.F./AGC interaction. To understand why this is the
case, we need to look at the demands that the input signal
field strength puts on the system.

F, =2-51 F2=3Ul
G, =25.12 ~=3Ul

S'tS1Dj NF= 2-51+39.8 - 1
25.12= 4.05 OR 6.oa dB
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FIGURE 7. Typical Tuner Gain and Noise Figure

INPUT SIGNAL LEVELS

The smallest input signal is, of course, no signal or simply
the noise level generated at the cable drop. To this noise
level will be added the input noise of the tuner itself, giving
rise to an equivalent noise input defined by the tuner noise
figure (N.F.) While a specific design will have to take into
account the actual operating parameters of the tuners avail-
able, we will assume a typical tuner configuration with an
RF. stage providing 14 dB gain and having a 4 dB N.F.,
followed by a mixer stage with 16 dB conversion gain and a
16 dB N.F. The N.F. of this combination is 6 dB, a fairly
typical number, which will have the effect of increasing the
actual input noise by a faclor of 2. If our noise source is the
cable impedance with a real part of 75!1, at an ambient
temperature of 290k, then the equivalent input noise is 2.2
uVrms (the noise contribution of any matching network or
cable termination is ignored as this is included in the tuner
N.F.).

Cable signal levels run from -6 dBmV to + 15 dBmV with a
typical system goal of maintaining a C/N ratio of at least



43 dB at the cable drop to the subscriber. If a 0.5 mVrms
signal is to produce the rated detector output of 3V (o-p)'
for the LM1823 then we need a total system gain of at least
75 dB. Usually the SAWF connected between the tuner out-
put and the I.F. input will have an insertion loss of 20 dB to
30 dB so that with the 30 dB tuner gain, the I.F. amplifierl
detector is required to provide the remaining 76 dB. If the
tuner is simply a diode mixer with a 6-8 dB insertion loss,
the gain requirement increases to 114 dB.
·(o-p) means the detected zero carrier voltage level to the detected sync tip
voltage level. The actual peak white signal to sync tip excursion at the detec-
tor will be 87.5% of this-2.63V (p-p). In the absence of a carrier, thermal
noise will be present with amplitude peaks on both sides of the detected
zero carrier voltage.

Fortunately the LM1823 has a high conversion gain detec-
tor (34 dB) and the I.F. amplifier gain can be set to well over
75 dB at 45.75 MHz (but we will see that some gain prior to
the I.F. amplifier filter will be necessary if a good system
N.F. is desired). Substantially more gain than necessary
should be avoided however, even though there is plenty of
AGC range in the I.F. amplifier (from 48 dB to 60 dB de-
pending on external components). While at least 22 dB
AGC capability is needed to accommodate the expected
input signal strength range, if excessive system gain is used,
forcing the I.F. amplifier into early gain reduction, the I.F.
amplifier N.F. will begin to increase. With a diode mixer front
end, the I.F. amplifier N.F. may contribute directly to the
system N.F. and prevent noise-free pictures from being ob-
tained. If a pre-amp or tuner is part of the AGC loop, gain
reduction should be limited to the I.F. amplifier as much as
possible, transferring gain reduction to the tuner only when
the signal strength is high enough to cause distortion or
cross modulation problems. The tuner gain will prevent the
prior increase in I.F. amplifier N.F. from impacting the sys-
tem noise performance, but excess system gain causing
premature tuner gain reduction will increase the tuner N.F.
and hence the system N.F.
Of great interest to us is the R.F.C/N ratio required for the
detected output to be considered noise free. Actual televi-
sion video SIN ratios are a little complicated by the fact that
the displayed video signal does not occupy the full R.F. car-
rier envelope. 25% of the carrier is reserved for the syn-
chronizing pulses and 12 '12% is retained even under condi-
tions of peak white modulation, for the benefit of intercarrier
sound detectors. A common definition of the video SIN ratio
is the ratio measured in decibels of the peak video signal
amplitude to the r.m.S.noise voltage amplitude. In this con-
text peak video refers to the voltage excursion between
black and white levels (from 75% peak carrier to 12'12%
peak carrier). With this definition in mind, it is generally ac-
cepted that the subjective effect of imperceptible noise oc-
curs at an SIN ratio of 43 dB. Noise will become perceptible
(for most viewers) at an SIN ratio around 38 dB; is clearly
visible but not necessarily disturbing at 34 dB and becomes
objectionable at 28 dB to 30 dB. Alternatively if we measure
the signal amplitude as an r.m.S. sine wave with the same
peak to peak amplitude as the R.F. carrier during the sync

TL/H/8421-9

FIGURE 9. Television R.F. Modulation Envelope

pulse period. our signal is free of noise for a 47 dB CIN
ratio.
If the input signal were completely noise-free (i.e. no excess
noise from head-end amplifiers etc.) then the detected C/N
ratio is determined by the equivalent input noise level of the
tuner-2.2 uVrms for a 6 dB N.F. With a minimum signal
level of 0.5 mVrms the detected CIN ratio will be 47 dB for
the converter alone. When the actual signal has noise, for a
cable C/N ratio of 43 dB the noise detected at the converter
output is now

en = 10-6 V(2.2)2 + (3.5)2 = 4.13".V
This gives a detected CIN ratio of 41.6 dB, a loss of 1.3 dB
compared to the original signal. For most viewers this is the
just perceptible level for video noise. On the other hand, if a
14 dB N.F. converter is used, the detected CIN is 32.7 dB
which is considered objectionable. A 0 dBmV signal would
produce 38.7 dB C/N ratio which would be acceptable. Ob-
viously a low N.F. is important, and any increases in N.F.
should be carefully controlled to get the best picture quality
possible. Figure 10 shows the change in N.F. for the
LM1823 I.F. amplifier. For over 30 dB gain reduction, the
N.F. is unchanged and increases by only 4 dB for the next
20 dB of gain reduction.
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FIGURE 10. Increase In I.F. Amplifier
N.F. with Gain Reduction

LM1823-GENERAL CIRCUIT DESCRIPTION
The basic arrangement of the LM1823 is shown in
Figure 11.A five stage I.F. amplifier provides gain with a low
impedance input stage to ensure adequate suppression of
triple transit echo in SAW filters, and AGC on the three inter-
stages. The output stage buffers the I.F. signal which is split
off into two paths. A linear path takes the modulated signal
to a true synchronous detector while a high gain limiter am-
plifier passes the I.F. carrier waveform to a second phase
detector which is part of the PLL for the VCO. The PLL has
an externally adjustable filter and locks the oscillator in
quadrature with the incoming I.F. carrier. An in-phase com-
ponent of the oscillator also drives the linear path detector
to recover the signal amplitude modulation. An external DC
control allows fine adjustment of the detection phase in or-
der to optimize the detector linearity. The output from the
detector is coupled back into the AGC comparator input,
and is internally gated during the sync pulse period for good
nose immunity and a fast response. Two AGC voltages are
available; an early AGC for the I.F. amplifiers and a late, or
delayed AGC for the tuner. The take-over point between the
I.F.AGC and the tuner AGC is set by an external potentiom-
eter. Also included is an AFT output for fine control of the
tuner L.O. All these functions are contained in a 28-pin DIP
with a pin-out designed to facilitate stable p.c.b. layouts-
even with the high system gain of the LM1823 at frequen-
cies up to 70 MHz.



»z
GATE T1IotE •Co)
CONSTANT CD..•.
AOC

1IJNER AGe COIIPARATOR
INPUT

VIDEO
INPUT OUTPUT

I.F. Amplifier Stages:
The LM1823 I.F. amplifier is composed of five separate
stages designed to provide high gain primarily in the fre-
quency range of 35 MHz to 60 MHz, and gain control over a
60 dB range without overload of any stage and without intro-
ducing excess noise into the signal.
To achieve this, AGC is applied to the second through
fourth stages by a control voltage that is either internally
generated from the video detector output or from an exter-
nally applied bias voltage at Pin 13. AGC action starts when
the voltage at Pin 13 reaches approximately 4 VDC and
over 50 dB of gain reduction is obtained by the time Pin 13
voltage reaches 6.5 VDC. For a typical application, the I.F.
noise figure is around 6 dB for the first 30 dB of gain reduc-
tion, and then begins to increase to above 10 dB by the time
the amplifier is gain reduced over 50 dB (see Figure (0).
As mentioned earlier, the total system gain desired from the
I.F. amplifier input to the video detector output needs to be

6 DC fEEDBACK

FIGURE 11. Block Diagram of the LM1823

selected for a specific set of tuner parameters and I.F. filter
losses. Excess gain simply means premature AGC action
with possible loss of optimum video SIN ratios. To see how
and where the LM1823 gain can be adjusted, we will look at
each gain stage in turn.
Input Stage:
The input stage is a common-base differential amplifier de-
signed to give good rejection of unwanted I.F. output and
detector vca signals that may be radiated back to the in-
put. The low input impedance of 600 ensures that SAW
filters are terminated sufficiently to keep the TIE better than
40 dB below the signal level, even with low impedance
SAWF's. Because it is a common base stage, the input
stage gain is determined by the source impedance present-
ed to the input. An approximate expression for the gain is
given by Equation (1)

Av = 531/(Zs + 60)

AV
15dB MAX

GAIN
SET

FIGURE 12. Gain Distribution In the I.F. Amplifier
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FIGURE 13. I.F. Amplifier Gain Reduction Characteristic

As an example, if we use a high impedance SAW filter such
as the Murata SAF45 MC series with an output impedance
that can be modelled as a 2.8 kO resistor in parallel with
8 pF capacitance, our input Zs is 3450 (including 2 pF input
stray capacitance) at 45.75 MHz. From (1), the input stage
gain is 2.4 dB. If a filter is used that matches to the input
stage with 600, then the gain can be as much as 13 dB.

A balanced input is extremely important since the input
leads Pins 6-9 are the most sensitive parts in the system to
unwanted I.F. coupling. For example, if the I.F. output cou-
ples into these pins it can cause changes in the frequency
response and can easily promote oscillation. A spectrum
analyzer is invaluable for helping determine the system sus-
ceptibility to this phenomenon. With the input terminated by
the I.F. filter (or an equivalent resistor), the I.F. amplifier
output noise spectrum will show if oscillation is likely
to occur.

Another signal that can appear at the input is the detector
local oscillator waveform. Unlike quasi-synchronous detec-
tors, the lM1823 has a constant (and relatively high) oscilla-
tor signal for good linear detection, even with low input sig-
nal levels. It is the balance between the input pins to the
vca radiation pick-up that will determine whether the p.c.b.
layout is good enough. vca pick-up can cause AFC skew-
ing and assymetrical oscillator pull-in, but probably the most
serious effect is failure of the oscillator to acquire lock at
weak signal levels. This is caused by the fact that the Pll

7

phase detector sees two input frequencies-the desired I.F.
and the undesired l.a. frequency. As a result the l.a.
"chases itself" and is driven outside the loop acquisition
range.

Again the spectrum analyzer is a useful tool for measuring
the level of vca pick-up and the degree of improvement
that any circuit modification or component relocation
makes. A good layout will have symmetrical input leads
placed as close together as possible, shielded input coils
(where used) and external components mounted as close to
the IIC as possible. The DC feedback decoupling capacitor
connected between Pins 6 & 9 should be right against the
pins. The pcb layout shown later, even though it uses an I/C
socket, is able to keep the equivalent vca input level to
under 2 uVrms. To put this number in perspective, it is
-97 dB compared to the original vca level. For the mea-
surements, the spectrum analyzer should be connected
through a FET probe at the I.F. output, which is disconnect-
ed from the detector stage. The vca control pin is ground-
ed, the detector input is de-coupled with a 0.01 uF capacitor
to ground, and a reference signal CW of the order of
100 uVrms is applied at the filter input.

Second and Third Stages
These are easy to handle since they are completely self
contained within the lM1823. The maximum gain is fixed at
17 dB each with 26 dB and 20 dB of gain reduction capabili-
ty respectively.

Fourth Stage

Unlike the preceding stages, the emitters of the fourth differ-
ential amplifier are available at Pins 3 & 4. An internal resist-
ance of 13600 between these pins sets the minimum stage
gain at 4 dB, and under these conditions (Pins 3 & 4 open)
the stage does not provide significant gain reduction with
AGC action. However, when an external resistor is connect-
ed between the emitters, the gain increases. For Pins 3 & 4
shorted together the gain is as much as 18 dB and the stage
can provide up to 14 dB gain reduction with AGC action.
Because of the way in which the total I.F. amplifier gain
reduction is shared between the stages, the effective gain
increase obtained by a resistor between Pins 3 & 4 occurs
only for signals below the AGC threshold. After 20 dB of
system gain reduction the fourth stage is fixed at 4 dB.

Fifth Stage and I.F. Amplifier Output
The fifth and final I.F. amplifier stage has a single-ended
output. There is no internal connection to the detector
stage, permitting convenient isolation of the IF amplifier and
detector functions. Pin 1 is also a point at which any addi-
tional signal filtering may be applied. A resistive load con-

270.n

FIGURE 14. Low Impedance Common Base Input Stage

1018



O'o'~:I.

[8]

II
TUNE TO
CW FREQ.

24

20

II

:!
I

12

a

4

0
10 100 lK

RESISTANCE (PIN 3 TO PIN 4)
TLiH/8421-17

FIGURE 16. Fourth I.F. Amplifier Stage
Gain with External Resistor

nected to the 12V power supply can be used. but the maxi-
mum value is limited in practice to less than 500n at inter-
mediate frequencies because of stray p.c.b. capacitance
and the loading of the detector stage input impedance of
3 kn. The stage gain for a total load impedance of Z is given
by Equation (2)

AV = 1Z1/48 (2)

The last part of the I.F. amplifier concerns the power supply
input at Pin 5. This is a shunt regulated input with a nominal
value of 6.3V and the I.F. amplifier current is delivered
through a dropping resistor from the 12V rail supplying the
remainder of the I/C. The 0.01 J.LF ceramic r.f. decoupling
capacitor at Pin 5 should be grounded through very short

FIGURE 17. I.F. Amplifier Voltage
Regulator Current Requirement

leads-preferably on the copper side of the p.c.b. A nominal
current level into Pin 5 is 32 mA, set by a 180n resistor. This
current should not exceed 60 mA and the minimum current
is about 20 mA, below which the I.F. amplifier will start to
lose gain as Pin 5 voltage drops below the regulated level.

SELECTING THE I.F. GAIN
Clearly the LM1823. with all the gain provided by five I.F.
amplifier stages and with 34 dB detector conversion gain,
has a more than adequate gain margin to provide signal
sensitivity and compensate for interstage filter losses. To
show how this gain may be distributed we can look at a first
cut design example.



If we continue with the 30 dB gain tuner with a 6 dB N.F.,
using the tuner 75n output to misterminate the SAWF input
will produce a very high insertion loss for the filter. This can
easily be over 30 dB but before using the LM1823 gain ca-
pability to compensate for this loss, we must look at another
aspect of filter insertion loss-the N.F. goes upl Previously
we assumed that the tuner N.F. will dominate the system
N.F.-and with a tuner amplifier N.F. of 6 dB and 30 dB gain
this is indeed true. But when the I.F. amplifier and SAWF are
combined the N.F. for the combination exceeds 30 dB. This
degrades the system N.F. to 7 dB" and after 50 dB of I.F.
amplifier gain reduction the N.F. will be over 8 dB. Frequent-
ly this will be alright but it is instructive to consider improving
the SAWF N.F. by matching the tuner output impedance to
the filter or using an impedance matching pre-amp. For ex-
ample, the 10 dB gain pre-amp shown in Figure 18 has a
4 dB N.F. and reduces the filter loss to less than 20 dB.
After 50 dB I.F. amplifier gain reduction, the combined N.F.
is only 27 dB-for a worst case system N.F. of 6.6 dB. In a
dual conversion system with a diode mixer (and already high
N.F.), some gain must be provided prior to the SAWF.

"NF = NF + NFIFsystem tuner (Tuner Gain)

Leaving a 10 dB gain margin over that required to raise a
- 6 dBmV signal to the rated detector output, the total gain
requirement of the I.F. amplifier is

75.6 dB - 30dB + 30dB - 34dB + 10dB = 51.6dB
(0.5 mV - 3V) (tuner) (SAWF) (detector) (gain margin)
(With a 10 dB gain impedance matching amplifier between
the tuner and the SAWF, the gain requirement falls by 20 dB
to 31.6 dB.) To avoid overload in the high gain tuner, we
probably have to start gain reducing the tuner when the
input signal reaches + 10 dBmV (but certainly not before
o dBmV in order to preserve the tuner NF) so that the I.F.
AGC range requirement is approximately 26 dB. This
amount of AGC range can be obtained without a resistor
connected between Pins 4 & 5 putting the fourth stage gain

100 1%V

TUH/8421-19
FIGURE 18. Impedance Matching Pre-amplifier

at 4 dB. The SAWF impedance sets the input stage gain at
3 dB for a total of 41 dB to the input of the final stage. A
180n resistor at Pin 1 gives the desired last stage gain of
11 dB, or this resistor is reduced to son and a 10 dB pad is

inserted between the I.F. amplifier output and the detector
input when a pre-amp is used.

LM1823 VIDEO DETECTOR
The second major function of the LM1823 is the video de-
tector stage, including the AFTIAFC detector and AGC de-
tectorIamplifier.
The video detector stage of the LM1823 has a fixed conver·
sion gain of 34 dB-giving a 60 Vnms input level for a 3V
(o-p) detected output. This inpu1 level is required for AGC
action 10 commence and is well below the input level that
can cause intenmodulation or catastrophic overload.
Synchronous detection of an amplitude modulated carrier
involves a source of constant amplitude CW with the same
frequency as the signal carrier, and two phase detectors.
One detector is operated in quadrature--i.e. tha CW phase
and the signal carrier phase have a 90 degree difference at
the inputs to the phase detector. This detector operates
solely to keep the CW source phase-locked to the signal
carrier. The second phase detector has synchronous or in-
phase inputs so that the detector output responds to the
amplitUde difference between the inputs and therefore
tracks the signal amplitude modulation.
The benefits of synchronous detection over envelope de-
tection are well known, and most modern receivers incorpo-
rate a type of detector known as a quasi-synchronous de-
tector, which is a signal amplitude detector. The I.F. signal is
amplified and stripped of modulation in order to be used as
the detector CWoThe disadvantages of this type of detector
are the loss of linearity at very low signal inputs (corre-
sponding to peak video modulation) and a fundamental
compromise in the bandwidth of the limiter stage used to
strip the modulation. To maintain ease of tuning and a rela·
tive immunity from center frequency drift caused by temper·
ature changes and aging, the limiter bandwidth is sufficiently
wide that the resulting CW is phase modulated by the infor-
mation on the original I.F. carrier. Since this can generate
intermodulation products, a high a is desirable and a trade-
off in ease of alignment occurs.
A less obvious problem with this type of detector is the actu·
al static detection phase that is being regenerated. Internal
IIC related phase shifts cause the limited carrier waveform
applied to the detector to be more or less than 0 degrees
phase-shifted with respect to the signal carrier phase. A
loss in detector efficiency results, bu1if the limiter tuning is
adjusted to compensate for this, the CW phase from the
limiter will depend on the drive to the limiter. The detection
phase then changes with amplitude modulation of the origi-
nal I.F. carrier. The effect of this is observed primarily as
differential phase in the chroma subcarrier signal and in-
creased levels of sound buzz. Although, as discussed later,
the desired phase difference between the detector CW and
signal carrier is not necessarily 0 degrees, the limiter tuning
cannot be used to correct the amplitude modulation detec-
tor phase-the limiter must be center tuned to avoid carrier
phase shifts with modulation level.
The LM1823 overcomes these problems by providing a true
synchronous detector system, which, as the block diagram
shows, comprises of an internal VCO and in-phase and
quadrature phase detectors. The incoming signal from the
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FIGURE 19. Limited I.F. Carrier Phase Shifts with Input
Amplitude when the Limiter Tank Is Mistuned

TL/H/8421-21

FIGURE 20. LM1823 Synchronous Detector and DC
Controlled Detection Phase

I.F. amplifier is split into two paths. ane path is through a
high gain limiter stage which strips the amplitude modulation
from the CW and applies it to one input of the quadrature
phase detector. The other detector input is from the vca
and, once synchronized to the intermediate frequency, if the
vea phase deviates from a 90 degree relationship with the
limiter CW phase, a control current is generated by the
phase detector and is filtered at Pin 18 to correct the vca.
Even though the limiter stage tuned circuit faces the same
compromises of desired narrow bandwidth versus ease and
stability of tuning, the filter at Pin 18 can be made to have a
very narrow bandwidth. Therefore the vca can provide a
reference signal to the phase detectors with a high degree
of spectral purity. The second path for the I.F. signal is di-
rectly to the in-phase detector. The vca output passes
through a DC voltage controlled phase shifter before being
applied to this detector. The DC phase shifter allows precise
adjustment of the synchronized vca phase for maximum
amplitude modulation detection efficiency, and compen-
sates for any internallfC phase shift variations. At the same
time, proper center-tuning of the limiter coil is possible.
The benefits of center-tuning the limiter are clearly shown
by comparing the differential chroma phase of the LM1823
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FIGURE 21. Relative SIN Ratio with
Limiter Tuning (No SAWF)

with a conventional quasi-synchronous detector. The
LM1823 can consistently produce DP'S of under 1 degree
compared with up to 10 degrees for a quasi-synchronous
detector. There is also a substantial improvement in the
sound carrier SIN ratio. When the limiter is detuned to com-
pensate for internal IIC phase shifts or for detection phase-
lags to produce video overshoots (for a subjectively crisper
picture), the SIN ratio degrades by 5 dB to 7 dB, depending
on the video modulating signal.
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FIGURE 22. Effect of Limiter Retuning with SAWF

THE LIMITER
The limiter tuned circuit at Pins 24 and 25 is driven by a
differential stage with a 6.6 kfi internal load impedance. A
small signal gain of 50 (with a tuned circuit dynamic resist-
ance of 8 Kfi) ensures that full quadrature detector efficien-
cy is obtained with input levels above 10 mVrms, and inter-
nal Schottky diodes limit the maximum amplitude at Pins 24
and 25 to about 500 mV (p-p). Tuning is achieved either for
a peak amplitude signal measured with an F.E.T. probe (low
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video ramp or stair-step pattern including a 20 IRE level
chroma subcarrier, but does have the advantage that the
adjustment can be made at strong signal levels, and does
not require dis-connection of the tuner.

AFTIAFC CIRCUIT

The AFT phase detector is a doubly-balanced phase detec-
tor with the switching signal provided internally from the lim-
iter stage described previously. The quadrature signal input
is obtained by light external capacitative coupling from the
limiter tuned circuit to the AFT tuned circuit at Pins 23 and
26. Parallel p.c.b. tracks to the limiter and AFT coils will
usually provide sufficient coupling and the 1 pF capacitors
on the LM1823 test circuit (see LM1823 data sheet) are
shown only to illustrate the level of coupling involved. Since
the AFT tuned circuit is driving an amplifier with a differential
input resistance of 20 k!1, it is able to operate close to the
unloaded Q of the inductor.

L3

TUH/8421-24

FIGURE 23. AFT Circuit with pcb Coupling
Between the Limiter & AFT Tuned Circuits

The AFT output Pin 27 is driven from a current source so
that the output voltage at the proper center frequency is set
by an external resistive divider network. The parallel resist-
ance of this divider will determine the voltage swing ob-
tained for a given frequency deviation and in combination
with the AFT tuned circuit Q. provides a means to adjust the
AFT output slope.

Once outside the desired tuning range the AFT output volt-
age should stay either close to ground (I.F. frequency high)
or close to the positive supply voltage (I.F. frequency low). If
the voltage moves back towards the center voltage as the
signal moves further away from the desired tuning range,
then more coupling from the limiter tank may be needed.
Grounding Pin 26 through a 2 k!1 resistor will defeat the
AFT circuit for receiver fine-tuning purposes. The 2 k!1 pro-
vides isolation of the AFT switch & associated cable from
the tuned circuit which has a relatively low dynamic resist-
ance of 1.8 k!1. Resistor values larger than 2 k!1 may pre-
vent the circuit from being defeated. but either Pin 23 or Pin
26 can be grounded directly without damaging the I/C.

TLIH/8421-25

FIGURE 24. AFT Circuit Output Voltage Characteristic
(RLOAD at Pin 27 = 10 k!1)

THE PHASE LOCKED LOOP (PLL)

For true synchronous operation the LM1823 has an internal
VCO operating at the video intermediate frequency of
45.75 MHz.

A parallel tuned circuit between Pins 19 and 20 will set the
oscillator free-running center frequency and the tuned cir-
cuit dynamic resistance is loaded by an internal 1.5 k!1 re-
sistor. Since the oscillator frequency must be controlled, a
basic tradeoff exists between oscillator stability. control sen-
sitivity and control range. To obtain a control range of over
2 MHz, the working Q of the tuned circuit should be around
15. Increasing the Q by raising the capacitative arm of the
tuned circuit will improve the oscillator stability. This reduc-
es the change in free-running frequency as a result of tem-
perature effects etc. The control sensitivity will decrease
correspondingly and there will be a reduction in the control
range. The control range in the application circuit has been
chosen to cover the expected deviations in the I.F. carrier
that are allowed by AFT circuits. With a coil unloaded Qu of
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FIGURE 25. VCO Control Sensitivity Characteristic



55, and a working Q of 15, the inductance should be
0.24 uH, which tunes with 51 pF at 45.75 MHz.

The V.C.O. frequency is adjusted by injecting a 60 mVrms
CW at Pin 28. If the VCO tuning (L3) is a long way from
being correct, the detector output Pin 16 will show an AC
signal of about 4V (p-p) centered around 7.5 VDC. As the
oscillator is tuned toward the correct frequency the AC beat
note will decrease and abruptly disappear as the oscillator
locks to the carrier frequency. Final adjustment of the VCO
is done by tuning L3 until the voltage at the phase detector
filter Pin 18 is 4 VDC.

Oscillator control is accomplished by internally phase shift-
ing the currents in a direct cross-coupled differential stage
in response to the control voltage developed at Pin 18. Di-
rect cross-coupling of the bases and collectors of this differ-
ential stage means that the transistors are operating in a
soft-saturated mode, enabling a constant output amplitude
to be obtained of about 500 mV (p-p). This output ampli-
tude does not change with coil tuning or over the frequency
control range of the oscillator. With the specified tuning
components at Pins 19 and 20, the VCO sensitivity is 1.5
MHz/volt. Other general characteristics of the VCO are a
negative temperature coefficient of 150 ppm/ degree C, and
a tendency for the oscillator control sensitivity to decrease
with decreasing frequency of operation (below 10 MHz).

The VCO tuning components are mounted across the IIC
package from the I.F. amplifier input. This minimizes induc-
tive coupling and yields approximately 105 dB isolation for
the IIC alone. Leads and components connected to the I.F.
amplifier input will reduce the VCO isolation (as will higher
operating frequencies).
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FIGURE 26. LM1823 vca Circuit

The quadrature phase detector output is a push-pull current
source so that the control voltage at Pin 18 is determined by
the parallel resistance of the ex1ernal divider network, which
also sets the quiescent control voltage in the absence of an
I.F. signal. This divider voltage should be centered at 4 VDC
since the lower voltage swing for controlling the oscillator
frequency is 2 VDC, and an internal clamp prevents Pin 18
increasing above 5.6 VDC. By using a 20 kl1 parallel resist-
ance at Pin 18, the phase detector current of 7.5 uA/degree
gives a phase detector sensitivity (IL) of 0.15 volts/degree.
This parallel resistance is equivalent to R1 in the conven-
tional filter for a 2nd order PLL. The oscillator and phase
detector sensitivities given above yield a DC loop gain of
12.9 MHz/radian. For the data sheet value of 10011 for R2,

and a filter capacitor of 0.1 uF, the loop damping factor (K)
is 1.01 and the natural resonant frequency (w) is 32 kHz.
From this we can calculate that the loop - 3 dB bandwidth
is 73 kHz which is substantially less than would be practica-
ble with a quasi-synchronous detection system, and this
brings the desired benefits of low luma/sound/chroma
crosstalk and freedom from quadrature distortion produced
by the I.F. filter slope characteristic in the vicinity of the
picture carrier frequency. Nevertheless, some signal condi-
tions may cause wider PLL bandwidths to be used. A proba-
ble problem is incidental carrier phase modulation (ICPM).

MUM ~ u ~ M ~ ~
VOllS (PIN 22) TL/H/8421-28

FIGURE 27. DC Controlled Phase Shifter Characteristic

This describes the shift in carrier phase as the modulation
depth changes, and is particularly likely to happen where
prior processing of the original carrier waveform has oc-
curred-in distribution or conversion amplifiers employed in
MA TV and cable systems for example. It is also present to
an ex1ent in broadcast transmitters and if the PLL loop
bandwidth is too narrow for the VCO to track this phase
shift, then the ICPM is transferred to the signal modulation.
This can be observed as a tint shift in color bars or a smear
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in the leading edge of a color bar as the VCO belatedly
attempts to track the phase change. For these types of sig-
nals it is desirable to increase the loop bandwidth to about
500 kHz--changing R2 to 680n is an easy fix. The loop
damping factor is kept greater than 1 to avoid ringing on the
phase transients. Larger loop bandwidths will increase the
possibility of luma/sound/chroma crosstalk.
Once the VCO is locked in phase to the I.F. signal, the DC
phase shifter Pin 22 is normally around 4 VDC for peak
detector efficiency. Usually some extra phase lag will be
introduced since a subjectively crisper picture is obtained if
picture transients have an overshoot. Between 12% and
20% overshoot without ringing is desirable, corresponding
to a 400 mV to 800 mV shift in Pin 22 voltage.

24

TUH/8421-30

FIGURE 28. Signal Overshoot Produced
by Carrier Detection Phase Shift

VIDEO DETECTOR POST AMPLIFIER
The response of the video amplifier is rolled off above
9 MHz to minimize the amount of the VCO waveform and its
harmonics appearing in the output at Pin 16. Typical oscilla-
tor products are 40 dB below the desired signal level.
Zener diodes are used in the video amplifiers for level shift-
ing so that the use of PNP transistors is avoided and the
detector linearity is preserved. Excellent differential gain
characteristics are obtained-typically less than 3%. Pin 16
is a Darlington NPN emitter follower output. With no detec-
tor CW input signal, Pin 16 is at 7.6 VDC, representing zero
carrier level which is slightly higher than peak white
(by 12%%). As the CW input increases, Pin 16 voltage de-
creases towards black level with the sync pulses producing
the most negative detector level.
The level reached by the sync tips is determined by the
AGC loop threshold and if the internal AGC comparator is
used (Pin 16 is directly connected to Pin 17), the sync tips
will be clamped at 4 VDC. This produces a nominal detector
output of 3.2V (p-p) but this is subject to variations in the
Pin 16 detected zero carrier level. The resistive network
shown connected between Pin 16 and Pin 17 in Figure 30
can be used to change the zero carrier level at Pin 17 for an
adjustable recovered video level. For best performance the
recovered video level should never be less than 1V (p-p) or
greater than 4V (p-p). In suppressed sync systems, the re-
covered video at Pin 16 is routed to the descrambler for
restoration of the sync amplitude before it is applied to Pin
17. Obviously the signal DC content must be preserved
through the descrambler if proper AGC action is to be main-
tained.

AGC Self Gating Comparator (LM1823)
The AGC comparator input has a low pass filter to protect
the AGC loop from noise interference. Conventional detec-
tor systems often use noise gates to prevent the AGC sys-
tem "backing off" on noise peaks that occur below the sync
tip level. It is difficult to set the noise gate threshold close
enough to the sync tip level for it to provide any benefit
without risking AGC lock-out. For the LM1823 however, syn-
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chronous detection allows the noise gate to be eliminated.
Since the noise is random phase, the synchronous detector
will not rectify the noise voltage and the low pass filter can
average out the noise input to the comparator.
Further protection of the AGC comparator is provided by
gating the comparator on only during the sync pulse period.
The gate pulse is obtained from the input video waveform
sync pulses at Pin 16. Essentially an emitter coupled sync
stripper circuit, the slice level is set by an external time con-

stant at Pin 14. During the sync pulse period the capacitor at
Pin 14 is being charged toward ground potential and the
comparator is gated on. Between sync pulses the capacitor
discharges towards the positive supply voltage through the
resistor and the comparator is off. The sync slice level is
determined by the Pin 14 RC time constant and is given in
Equation (3) as the number of millivolts the slice level is
above the sync tip voltage.

V SLICE = 1/2 RC (mY) (3)
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A typical slice level for a 3V (o-p) video signal is between
100 mV and 250 mY. Different slice levels can be obtained
with other capacitor values (the resistor should be left un-
changed). Small capacitors will allow a faster response to a
fluctuating sync tip level but also may cause the conse-
quently deeper slice to include video overshoots.

RE AGC DELAY AND OUTPUT AMPLIFIER
The I.F. amplifier is at full gain below 4 VDC on Pin 13. At
anywhere from 5.5 VDC to 6.5 VDC we will want to shift gain
control into the R.F. stages, and this is accomplished by a
delayed AGC threshold control at Pin 12. When the filter
voltage on Pin 13 is 0.7V above the pre-set level on Pin 12,
the R.F. AGC amplifier at Pin 11 will start to sink current.
The capacitor shown connected between Pins 12 and 13 is
optional and intended to provide an increase in AGC action

for signal amplitude transients at high R.F. signal levels (tun-
er in gain reduction). AC changes on Pin 13 are coupled to
the threshold level control allowing the I.F. amplifier to gain
reduce (or increase) during the signal transient. This hap-
pens only during the signal change, so that the detected
video returns more rapidly to the proper output levels. Once
signal equilibrium is restored, the appropriate gain balance
between the R.F. and I.F. amplifiers returns.

CONCLUSION
This note has described a high quality video I.F. amplifierl
detector combination that can provide excellent baseband
video signals. A complete schematic of the external compo-
nents required in such an application is shown in Figure 32,
with a suitable p.c.b. layout in Figure 33.

RF AGe
15k OUTPUT 41'

SAW Filter-MuRata SAF45MC/MA

L1-9 %T} #22 wire
L2-4 %T on 3.16" form with
L3-6 %T HF core, shielded
All caps in uF unless noted

FIGURE 32. LM1823 External Circuit Components
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~:Z LM2889 R.F. Modulator
ce

Introduction
T.wo IIC ~F modulators are available that have been espe-
cially designed to convert a suitable baseband video and
audio signal up to a low VHF modulated carrier (Channel 2
through 6 in the U.S., and 1 through 3 in Japan). These are
the LM1889 and LM2889. Both IIC's are identical regarding
the R.F. modulation function-including pin-outs-and can
provide either of two R.F. carriers with dc switch selection of
the desired carrier frequency. The LM1889 includes a crys-
tal controlled chroma subcarrier oscillator and balanced
modulators for encoding (R-Y) and (B-Y) or (U) and M color
difference signals. A sound intercarrier frequency L-C oscil-
lator is modulated using an external varactor diode. The
LM2889 replaces the chroma subcarrier function of the
LM1889 with a video dc restoration clamp and an internally
frequency modulated sound intercarrier oscillator.

Modulation Parameters
In the U.S., either of two R.F. channels is made available so
that the user can select a vacant channel allocation in his
geographic area, thus avoiding co-channel problems with

SOUND
OSC

National Semiconductor
Application Note 402
Martin Giles

older receivers that have inadequate shielding between the
antenna input and the tuner.

The characteristics of the R.F. signal are loosely regulated
by the FCC under part 15, subpart H. Basically the signal
can occupy the standard T.V. channel bandwid1h of 6 MHz,
and any spurious (or otherwise) frequency components
more than 3 MHz away from the channel limits must be
suppressed by more than -30 dB from the peak carrier
level. The peak carrier power is limited to 3 mVrms in 750
or 6 mVrms in 3000, and the R.F. signal must be hard-wired
to the receiver through a cable. Most receivers are able to
provide noise-free pictures when the antenna signal level
exceeds 1 mVrms and so our goal will be to have an R.F.
output level above 1 mVrms but less than 3 mVrms. Since
the distance from the converter to the receiver is usually
only a few feet, cable attenuation will rarely be a problem
but mis-termination can change both the amplitude and rei:
ative frequency characteristics of the signal.

The standard T.V. channel spectrum has a picture carrier
located 1.25 MHz from the lower band edge. This carrier is
amplitude modulated by the video and sync signal. In the

VIDEO o---{J
AlIDIO <>----Q

CHANNEL SELECT
FIGURE 1. The LM2889 Block Diagram With External Components
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FIGURE 2. Television Channel R.F. Spectrum

case of a color signal, a second subcarrier is added channel and consists of bandpass and harmonic filter sec-
3.58 MHz above the picture carrier. The sound or aural carri- lions. A broadcast transmitter uses a separate modulator for
er is 4.5 MHz above the picture carrier and is frequency the sound carrier and this is added to the picture carrier via
modulated with the audio signal to a peak deviation of 25 a diplexer before reaching the transmitting antenna. Close
kHz. This audio signal has pre-emphasis above 2.1 kHz (a control is maintained on the picture and sound carrier fre-
75 ,..s time constant). Similar modulation methods and stan- quencies to keep a 4.5 MHz spacing between them. This
dards are used in Japan and Europe. tight frequency control is used to advantage by the majority
With the picture carrier located near one end of the channel of television receivers which employ intercarrier sound cir-
bandwidth. most of the available spectrum is used by the cuits. The I.F. amplifier processes both the pix and sound
upper sideband modulation components. Only modUlating I.F. carriers and detects the 4.5 MHz difference frequency at
frequencies within 0.75 MHz of the carrier frequency are the video detector stage. This frequency modulated sound
transmitted double sideband and the lower sideband is trun- intercarrier is then stripped of amplitude modulation by a
cated by at least - 20 dB compared to the peak carrier level high gain limiter circuit and a quadrature demodulator recov-
by the time the lower channel edge is reached. This is re- ers the audio.
ferred to as Vestigial Sideband (VSB) modulation and since The LM1889 and LM2889 use a slightly different modulation
most R.F. modulators are double sideband. a VSB filter is scheme to that described above for several reasons. For
used at the transmitter output. A filter is needed for each circuit economy L-C oscillators are used to generate the pix

CHROMA
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FIGURE 3. Broadcast Transmitter Block Diagram
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FIGURE 4. LM1889/2889 Sound and Video Modulation

carrier frequencies. The stability of such oscillators is good
enough for the AFT circuits in modern receivers to maintain
picture quality, but if a separate L-C sound carrier oscillator
were used, the relative drift of the two carrier frequencies
would be much too great for intercarrier sound receivers.
For example, a typical television sound circuit tuned to
4.5 MHz will generate as much as 3% distortion if the differ-
ence between the R.F. carriers changes by 15 kHz. Apart
from the difficulty of setting the initial frequency with suffi-
cient accuracy, it is unlikely that two L-C oscillators could be
kept within 15 kHz of each other at 60 MHz to 100 MHz
operating frequencies. However, when the audio signal is
modulated onto a 4.5 MHz intercarrier oscillator frequency
and this carrier is used to modulate the picture carrier, we
have only the 4.5 MHz oscillator drift to worry about.
A less obvious problem, but nevertheless significant if good
audio quality is to be obtained, is incidental carrier phase
modulation (ICPM). Even broadcast transmitters cannot
maintain an invariant carrier phase as the modulation depth
changes. Without feedback loops to control ICPM, a broad-
cast transmitter can produce from 3 degrees to as much as
30 degrees phase change as the carrier modulation de-
creases from sync tips to peak white. While the separate
sound carrier is unaffected by this ICPM of the pix carrier,
on reception in the intercarrier sound receiver the phase
shift with picture information is transferred onto the 4.5 MHz
sound intercarrier. This results in a phenomenon known as
sound buzz. Even with exceptionally careful p.c.b. layout, an
I/C modulator with L-C oscillators can expect the pix carrier
frequency to change with modulation depth. Fortunately, by
modulating the sound signal as a 4.5 MHz intercarrier onto
the pix carrier, the ICPM occurs equally in both R.F. carriers
and will not be detected by the intercarrier receiver.

Video Modulation
The baseband input to the modulator is in an easily recog-
nized composite format and this is a convenient point at
which to introduce the I.RE. scale. This is an oscilloscope
scale divided into 140 units. The video portion of the signal
representing the scene (picture) brightness levels will occu-
py the 0 to 100 I.R.E. portion of the scale, with 0 I.RE. as
black level and 100 I.R.E. as peak white level. From 0 to

-40 I.RE. is the synchronization portion of the signal. The
usefulness of this scale is that the standard composite vid-
eo signal will always have a sync amplitude that can be
normalized to 40 I.RE. Similarly the color burst amplitude is
always 40 1.RE. For a 1V (p-p) video signal, an I.RE. unit is
equivalent to 7.5 mY.
Although the video is amplitude modulated on the carrier
waveform, the carrier amplitude only decreases from the
unmodulated level. This contrasts with standard AM where
the carrier level alternately increases and decreases about
the unmodulated level. For a television signal, the peak un-
modulated level corresponds to sync tip level and increas-
ing brightness levels cause decreasing carrier levels. To
prevent complete suppression of the carrier (and conse-
quent loss of the sound intercarrier in the receiver) the peak
white signal is limited to a maximum modulation depth of
87.5% of the peak carrier. Returning to our I.RE. scale we
can see that from peak carrier to zero carrier is equivalent to
160 I.RE. (140/0.875 = 160). One obvious consequence
of this modulation scheme is that the video signal MUST BE
dc coupled to the modulator. AC coupling will cause the
peak carrier level to change with modulation scene bright-
ness (standard AM) and the sync modulation amplitude will
change. This spells trouble for the receiver sync circuits and
the changing RF. carrier black level will cause errors in dis-
played brightness-the picture will "wash out" or disappear
into black.
The LM2889 uses doubly balanced modulator circuits with
an L-C oscillator switching the upper transistor pairs. The
signal is applied across the lower transistor pairs. If the sig-
nal input pins 10 and 11 are at the same dc potential, the
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FIGURE 5. Video Modulating Signal
(in terms of the I.R.E. SCale)



be clamped to 5.1 VDC by the dc restorer circuit, pin 10
should be biassed at 5.1V + 2.29V = 7.4 VDC. A look at
the R.F. carrier output will confirm that now the syncs occu-
py from 100% to 75% of the peak carrier, and that white
modulates the carrier down to 12%% of the peak. To main-
tain the proper modulation depth the clamp at pin 2 will
track with supply voltage changes, allowing the bias at pin
10 to be set with a resistive divider connected between the
supply and ground.
If the video signal polarity is reversed with positive syncs,
either a dc coupled signal or an external dc restorer should
be used that places the signal sync tip voltage towards the
upper end of the common-mode input range at pin 11,
which is 9 VDC with a 12V supply. Pin 10 is then offset
below pin 11 voltage by the required amount for proper
modulation. An input level of 2V (p-p) is optimal. Signal am-
plitudes of less than 1V (p-p) are also useable but internal
offset voltages and the potential for carrier feedthrough or
leakage to the output stage may make it difficult to maintain
good R.F. linearity at peak modulation depths. Signal swings
larger than 3V (p-p) should be avoided since this will pro-
duce relatively large AC/DC current ratios in the modulator
and the resulting modulator non-Iinearities can cause a
920 kHz beat between the chroma and sound carriers.
Although only one video input is required, the LM2889 has
two balanced R.F. modulators and two R.F. carrier frequen-
cy oscillators. Selection of the carrier frequency is by dc
switching the supply voltage to the relevant oscillator tuned
circuit. This automatically shuts off the other oscillator and
modulator circuits. For test purposes when an output R.F.
VSB filter isn't used, or when only one carrier frequency is
needed, the output pins 8 and 9 can be wired together with
a common load resistor. Providing two channel operation
with two independent oscillator/modulator circuits is much
superior to using a single modulator and attempting to
change carrier frequency by switching the tuning compo-
nents of a single L-C oscillator. The latter method involves

MOD
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FIGURE 6. LM2889 Video DC Restoration Clamp

carrier is completely suppressed. As the offset voltage be-
tween pins 10 & 11 is increased, the carrier output level
increases. With a 75fi output load resistor, the conversion
gain of the R.F. modulator is 20 mVrms/volt. A dc restora-
tion circuit at pin 2 of the LM2889 allows the composite
video to be ac coupled from the preceding stages, giving
the designer flexibility in the video processing circuits (un-
less an LM1886 is being used as a video source, it is unlike-
ly that the composite video dc level will be correct, even
with dc coupled video sources). On a 12V supply, pin 2
clamps the sync tip of the video waveform to 5.1 VDC.
Therefore, if we have a 2V (p-p) signal, one I.R.E. is equiva-
lent to 14.3 mV and 160 I.R.E. is 2.29V. This is the required
offset across the modulator input pins and since pin 11 will

12V



Video Modulation (Continued)
use of isolating diodes (if unbalanced operation with attend-
ant feed through problems is to be avoided) and expensive
trimmer capacitors for tuning the second carrier frequency.
A further disadvantage is the need to switch the VSB filter at
the R.F. output.
The LM2889 oscillator configuration is the familiar cross
coupled differential amplifier type, with level shifting zener
diodes used to prevent the transistors from saturating with
large oscillator output swings. The oscillator frequency is set
by the tuned circuit components (f = 1/27TVLC), and the
load resistors connected to the supply will set the oscillation
amplitude and drive level to the modulators as well as deter-
mining the circuit working a.
As might be expected, there are conflicting requirements on
the practical range of working a's. A high a is desireable
from the viewpoint of stability, but higher working a's (set
mainly by larger load resistors) increase the drive level to
the modulator. Above 350 mV (p-p) the modulator will have
attained full conversion gain and the R.F. output level will be
determined by the amplitude of the video input signal. Un-
fortunately increased drive levels will also increase the carri-
er frequency second harmonic output from the modulator.
Although a fully balanced design is used, parasitic capaci-
tances on the emitters of the switching transistor pairs will
rectify the oscillator waveform and this produces high levels
of second harmonic. Load resistors much larger than 2400.
can produce a level of second harmonic matching the fun-
damental. Since relatively small load resistors are required
(much smaller than the tuned circuit dynamic resistance)
the working a will be dominated by these resistors.
The acceptable degree of frequency stability will depend on
the intended application, but L-C oscillators have proven to
be adequate for most purposes. We can gain an idea of the
frequency stability that is possible by considering the fre-
quency drift produced by changes in the oscillator internal
phase. A change in internal phase shift can be caused ei-
ther by temperature or supply voltage changes but, as the
LM2889 data sheet shows, the supply voltage dependency
is low. Between 12V and 15V the frequency is essentially
constant and changes by less than 30 kHz over the entire
supply voltage range. With temperature, the internal oscilla-
tor phase shift changes by about 2 degrees over a 50 de-
gree Celcius temperature range. If the tuned circuit a is 15,
then at 61.25 MHz (Ch 3 pix carrier) the oscillator frequency
must change by - 92 kHz to produce a compensating 2
degree phase shift. If the a is 30, then the frequency would
change by less than -45 kHz etc.
For high circuit a, a large capacitance is desireable, but the
inductor cannot be made too small if it is to remain the
tuning element. This keeps the practical range of capaci-
tance values to between 50 pF and 100 pF. Using a 75 pF
capacitance, at 67.25 MHz the required inductance is just
under 0.08 /LH and the working a is 15 with 2400. resistors
connected on either side of the tuned circuit to the supply
voltage. Depending on the coil type, the number of turns for
this inductance will be from 1% to 3% giving over 10 MHz
tuning range. This is more than enough to compensate for
component tolerance and variations in overall internal
phase lag from IIC to I/C.

If better frequency stability of the carrier frequency over that
provided by an L/C circuit is needed, then crystal control of
the oscillators can be used. It is necessary to retain the
inductor, since a dc short is required across the oscillator
pins to avoid a collector current imbalance off-setting the

oscillator differential pair and preventing start-up. The induc-
tor value is chosen to resonate with the capacitor in series
with the crystal at slightly less than the desired operating
frequency. About 20% less will allow the inductor to be fixed
tuned. Close to its series resonant frequency (normally the
3rd overtone) the crystal will provide the additional inductive
reactance necessary for the circuit to oscillate. The equiva-
lent resistance of the crystal at the operating frequency will
affect the tuned circuit a and hence the peak-to-peak drive
to the modulator circuit. Smaller capacitors in series with the
crystal (with corresponding changes in the inductor value)
will push the operating frequency closer to anti-resonance
and produce large equivalent resistances dropping the os-
cillator drive level. Larger capacitance values cause the op-
erating frequency to approach series resonance and a lower
equivalent resistance (approaching Rs for the crystal, which
is of the order of 400. to 1000. at 60 MHz). This can produce
higher drive levels but risks operation at the lower over-
tones. To prevent lower frequency oscillation a resistor can
be connected across the crystal. Also a small resistor in
series with one of the collector leads will form a low pass
filter with the output capacitance and suppress spurious os-
cillations at higher frequencies. If this is needed, resistor
values less than 300. should be used, so that dc offsets will
not prevent the oscillator from starting. For the circuit of
Figure 8, capacitor values between 20 pF and 56 pF, with
the appropriate inductor value, work well with only slightly
reduced oscillator drive compared to the conventional LlC
circuit.

3304 3304

XTAl 32pF

TUH/8452-B

FIGURE 8. R.F. Crystal Oscillator Circuit

The Sound Carrier Oscillator
Before moving to the R.F. output and the VSB requirements,
we need to look at another signal that will be added to the
baseband video-the aural intercarrier. Both the LM1889
and the LM2889 have L-C sound carrier oscillators operat-
ing at 4.5 MHz. Frequency modulation of the LM1889 sound
oscillator is achieved by an external varactor diode which
alters the tuning capacitance in response to the amplitude
of the audio signal. The LM2889 has a similar tuned L-C
oscillator but the frequency deviation is obtained by internal-
ly phase shifting the oscillator current. This is done by a low
pass filter connected to the oscillator which provides a lag-
ging phase voltage component of the oscillator waveform at
the input to a differential amplifier. The current output from
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this amplifier is controlled by the audio signal amplitude so
that more or less of the current (now in quadrature to the
original oscillator current) is added back to the tuned circuit
producing the desired shift in the output frequency. Phase
offsets of up to + 12 degrees with increasing audio input
levels will yield very low audio distortion (less than 0.2%).
Also the use of a lagging oscillator waveform component
reduces harmonic levels within the oscillator and a reduced
possibility for undesired signals contaminating the R.F.
waveform.

The tuned circuit operating 0 is important in two respects.
Similar to the R.F. oscillator tuned circuits, the 4.5 MHz
tuned circuit should have a high loaded 0 for stability, but
the circuit bandwidth must also be wide enough to accom-
modate the FM sidebands produced by the audio modula-
tion. For a maximum frequency deviation (at) and maximum
modulating frequency f, the minimum bandwidth is given by
Equation (1).

B-W;;' af (2.5 + 4f/ af) (1)

The other requirement is that the maximum phase deviation
of the oscillator current is able to produce the maximum
frequency deviation (at) of the carrier. This is given by
Equation (2).

at = 4.5 X 106 X 0.12/0 (2)

Table I summarizes the results of calculating the maximum
circuit 0 that satisfies Equations (1) and (2) for the various
monaural sound modulating standards used in the U.S. and
Europe.

System af Modulation Qmax
Bandwidth Modulation Deviation

USA
Mono 25 kHz 125 kHz ~36 ~21

Stereo 73 kHz 400 kHz ~12 ~7.4

UK 50 kHz 200 kHz ~30 ~15

Continental
30 kHz 150 kHz ~36 ~22Europe



Sound Modulation (Continued)

Clearly the deviation phase offset dominates the circuit a
requirement.

If we choose a a of around 10 then the oscillator drift with
temperature (assuming a 2 degree phase change in oscilla-
tor current with a 50 degree rise in temperature) is of the
order of - 9 kHz. A typical receiver will generate less than
3% distortion at peak deviations with this much frequency
drift but if better performance is required, then the circuit a
can be raised. High modulation linearity will still be retained
with a a of 20 and the oscillator maximum frequency drift
will be halved. Alternatively temperature compensated tun-
ing capacitors can be used (between N20 and N75). When
higher circuit a's than 20 are employed, increased audio
input levels will produce the desired peak frequency devia-
tions but with the possibility of increased modulation distor-
tion. The actual operating parameters that are selected can
be balanced between distortion as a result of modulation,
and distortion in the receiver circuits as a result of oscillator
frequency drift.

To ensure that we have a sufficient 4.5 MHz oscillator level
to provide enough drive to the internal phase shift circuit,
the load impedance at pin 13 should be greater than 3.5 kfi.
A second requirement is that we have enough oscillator lev-
el to generate the desired aural carrier amplitude when
modulated on the picture carrier. This means that load im-
pedances greater than 6 kfi are desireable. At 4.5 MHz, a
typical oscillator coil of 23 ,..H will have an unloaded a of 55
and tune with 55 pF. For a working a of 10, the external
damping resistor is 7.5 kfi.

Stereo Sound
The introduction in the U.S. of a multiplex stereo sound sys-
tem (the BTSC system combining the Zenith MCS proposal
with dbx noise reduction in the stereo difference channel)
with peak carrier deviations in excess of 73 kHz puts even
larger constraints on the tank circuit a. Following the same
rules as before, the maximum allowable a for low distortion
is now less than 7.4-with a loaded a of 5 being likely. With
this loaded a, maintaining a carrier center frequency accu-
racy better than 5 kHz with an L/C circuit becomes impracti-

cal and other methods to set the oscillator frequency must
be used. Since a crystal will provide the necessary tempera-
ture and voltage stable reference frequency a PLL is a use-
ful solution (see Figure 11). Either the widely available 3.58
MHz crystals or a 4.5 MHz crystal can be used, but in either
case, the L/C tank circuit frequency must be divided down
before application to the phase detector. This is because
frequency modulation of the sound carrier will produce
many radians of phase deviation at the phase detector in-
put-for a modulation frequency of 100 Hz and a peak devi-
ation of 73 kHz the carrier phase change is given by Equa-
tion 3.

o = t. flfm = 73 x 103/100 = 730 rads (3)

Since the linear input range of most phase detectors is less
than 2 11" radians, the modulated carrier input must be divid-
ed down by at least 233 to keep the phase deviation within
this linear range. For a 4.5 MHz crystal, the reference fre-
quency divider M and the sound oscillator divider N are the
same. Available ripple counters such as the 74HC4040 and
74HC4060 can easily divide by 128 (for monaural) or by 256
for stereo. If a 3.58 MHz crystal is used the M:N divider ratio
is 35:44 requiring substantially more packages, and the odd
numbered divider must be followed by an even divide of 2 or
4 to "square up" the input waveform to the phase detector.
Also, since the video will include a chroma subcarrier, good
isolation is needed to prevent the reference oscillator beat-
ing with the chroma sidebands.

A suitable phase detector is the 74C932 Exclusive- Or type
with a sensitivity of 1.6 volts/radian. The filter at the detec-
tor output prevents the input modulation from reaching the
varactor diode and distorting the audio. Even so, the loop
filter must have some ac bandwidth for a reasonable acqui-
sition time and other dynamic characteristics. The compo-
nents shown in Figure 11 have been chosen such that with
a varactor sensitivity of 100 kHz/volt the loop has a hold-in
range of over ± 150 kHz, with a lock-up time of less than 0.5
seconds. The THD. is less than 1% for a 400 Hz modulat-
ing frequency producing 25 kHz deviation of the carrier. The
accuracy of the sound carrier frequency is, of course, that of
the crystal used for the reference oscillator.

ICI 74C932 r TO PIN 138 6 LM 2889
1C1 IC2 74HC4040

2 3 4 IC3 74HC4060

150K
MV1404

1K
Vcc
+5V

16 16

13 +256
14

+N Ic2 +M lea
11 12

11

8 10

FROM PIN 13
LM2889

FIGURE 11. 4.5 MHz Crystal Reference Circuit

15pF E-TD
62pF J J 82pF



Audio Processing For Sound
Carrier Modulation
With the proper tuned circuit Q (see Table I), a linear in- meter is used, peak levels of + 10 dB are possible while the
crease in the amplitude of the audio signal will produce a meter is indicating OVU. Obviously without processing the
correspondingly linear increase in the frequency deviation. audio to keep it within predetermined limits, the input level
Television receiver sound circuits in the U.S. have a 75 IJ-s calibration will be somewhat empirical in nature.
de-emphasis and in Europe frequencies above 3.2 kHz If we assume the decrease in spectral energy above 10kHz
(50 IJ-s) are de-emphasized at a 6 dB/octave rate. This is is such that overmodulation peaks above this frequency are
done to help improve the SIN ratio of FM reception and the unlikely to occur, then we can allow a signal at 10 kHz to
transmitter incorporates the complementary pre-emphasis produce full modulation deviation. Since the amplitude of
characteristic-above 2.1 kHz the audio frequencies are most audio signals at 10kHz is at least 6 dB below the
boosted at a 6 dB/octave rate. The consequence of this midband frequency level, we can calibrate the audio input
modulation scheme is that if a 0 dB peak signal amplitude at with a -6 dB amplitude, 10 kHz tone to produce 100%
15 kHz is capable of producing a 25 kHz deviation than a deviation. As we shall see later, a frequency close to 10kHz
similar amplitude signal at 400 Hz will produce a peak devia- will make the measurement of actual peak deviations very
tion of only 3 kHz-a loss of some 18 dB in SIN ratio for the easy indeed. With the standard pre-emphasis network, at
midband frequencies. Broadcasters usually employ com- signal frequencies less than 2 kHz, the modulating signal
pressors to enable high modulation levels to be obtained at amplitude at pin 1 will be - 8 dB below the anticipated peak
mid-band frequencies without overmodulating high frequen- 10 kHz level producing 100% modulation. This corresponds
cies. If the audio input to the LM2889 is being sourced from to a modulator input level of 118/2.2 = 45.4 mVrms. The
an original broadcast (a scrambled signal decoder output for 45MHz
example) than this audio-without de-emphasis-<:an be di- Irectly applied to pin 1 of the LM2e89, and the overall input
level is adjusted so that the modulation limits are not ex-
ceeded except for brief intervals (less than 10 instances per
minute). When the audio has not already been processed a
different set of conditions will apply and an audio pre-em-
phasis network is required at pin 1.
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FIGURE 12. Audio Pre-emphasis A F=25KHz

Since the audio source is likely to be at a relatively low
impedance (a pre-amplifier output), the pre-emphasis net-
work will also be used to attenuate the level of the average
audio input to the LM2889 as well as providing a relative
boost to the higher frequencies. The input sensitivity of the
audio modulator is 150 Hz/mV which means that
118 mVrms will give a peak deviation of 25 kHz.

Next we have to decide what signal frequency and ampli- 1\ \J \ V I
tude to use in calibrating the audio input. Unfortunately the ./

" '" '" .•... '-75 IJ-s time constant for FM broadcasting was chosen at a
time when equipment limitations meant there was relatively

APPROACHINGCARRIER NULLlow spectral energy at higher frequencies. Today, modern
audio material is not well suited to boosting above 2.1 kHz TUH/B452-13

since energy peaks at only -6 dB can be obtained at FIGURE 13. FM Spectrum with Increasing

10kHz. A further complication is the ability of the audio level Audio Amplitude (f mod = 10.4 kHz) 4.5 MHz

meter to predict high energy peaks. If a conventional VU Sound Carrier Level
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Audio Processing For Sound
Carrier Modulation (Continued)
input resistance at pin 1 is 1.5 kfi so R1 = 30 kfi, if we
assume an input source level of 1 Vrms at 400 Hz. For a 2.1
kHz breakpoint, C = 0.0027 ,...F.
Anyone who has observed the output from an FM circuit
with a spectrum analyzer will know that for a fixed modulat-
ing frequency the output spectrum will consist of the carrier
frequency component and sidebands spaced by the modu-
lating frequency from the carrier. As the modulation ampli-
tude is increased (the modulation index m becomes larger),
the carrier decreases to a null and then increases again.
The modulation indices for which carrier nulls occur can be
calculated and for our purposes it is important to know that
the first carrier null occurs at m = 2.4048. For a system
maximum deviation of 25 kHz the modulating frequency f is
given by:

f = 25 x 103/2.4048 = 10.4 kHz (4)
Therefore, if we use an input frequency of 10.4 kHz, as the
input amplitude is increased the first carrier null will indicate
peak deviation. If we continue with our assumption of a
-6 dB level at 10 kHz, calibration consists of adjusting the
audio input so that a - 6 dB, 10.4 kHz signal causes the first
carrier null. With the above pre-emphasis network, this
should correspond to 500 mVrms at 10.4 kHz.
We have already looked at the tuned circuit parameters at
pin 13 in terms of deviation linearity and oscillator stability.
With a working Q of 10, the effective load at pin 13 is
6.2 kfi. The oscillator current is 0.45 mA so that the output
amplitude at 4.5 MHz is 3.6V (p-p). Some portion of this
oscillator signal level is coupled over to pin 10 to set the
sound carrier level and this can be done by splitting the
external 7.5 kfi damping resistor into two parts. The picture
carrier level is set by the offset voltage between pins 10 and
11 as described earlier. For a 2V (p-p) video signal this off-
set is 2.3V. Since the 4.5 MHz signal will be ac coupled over
to the bias pin 10, it will amplitude modulate the picture RF

carrier. This is conventional AM and a 4.6V (p-p) signal will
yield sound carrier sidebands at -6 dB relative to the pic-
ture carrier. If we require a sound carrier amplitude at
-17 dB, the signal coupled to pin 10 must be 11 dB below
4.6V (p-p), or 1.3V (p-p). This is obtained by using a 4.7 kfi
resistor coupled through a 0.1 ,...Fcapacitor to pin 10, and a
second 2.7 kfi resistor connected to the wiper arm of the
potentiometer used to set the video modulation depth. The
effect of the potentiometer setting on the aural carrier level
is eliminated by a 0.1 ,...Fcapacitor connected from the wip-
er arm to ground. However, since the impedance presented
by the potentiometer will, for all practical purposes, be rela-
tively constant, the capacitor could be removed and the par-
allel resistance of the upper and lower arms of the potenti-
ometer network used to provide the second resistor of
2.7 kfi. If the video input level is well controlled, it may be
possible to replace the potentiometer with a fixed divider.
The final part of the design concerns the output stage, and
involves meeting the constraints applied by any regulatory
agency. In the U.S., apart from the need to restrict the peak
carrier output level to less than 3 mVrms in 75fi, we have
two signals present in the output whose level will exceed
the spurious emission limit of -30 dB with respect to the
peak carrier level. One of these signals is the result of am-
plitUdemodulating the 4.5 MHz intercarrier audio on the pic-
ture carrier. Apart from the desired -17 dB sound carrier
amplitude (upper sideband) an equal amplitude lower side-
band will be present. For channel 3 this is at a frequency of
56.75 MHz-which is 250 kHz outside our channel lower
limit. Therefore we need to provide at least 13 dB more
attenuation at this frequency in the output filter. The second
unwanted emission (or emissions) is the result of carrier fre-
quency harmonics-specifically the 2nd harmonic level pro-
duced by high modulator drive. To suppress this, from
-18 dB to -30 dB attenuation at 123 MHz is required.

TLlH18452-14
FIGURE 14. AudIo Intercarrler Coupling to the VIdeo Modulator R.F. Output and V.S.B. Filter



Audio Processing For Sound
Carrier Modulation (Continued)
With a properly constituted baseband signal modulating the
carrier, these are the only intrinsic unwanted emissions we
are concerned with. Normal video modulation components
appearing in the lower sideband will not have sufficient am·
plitude and do not extend beyond the lower channel limit.
Even so, the filter requirements are not trivial.
If L-C filters are used, this can be done with three coils per
channel but some alignment procedure will be required. For-
tunately SAW filters are available from several sources
which, although more expensive than the equivalent L-C fil-
ter, avoid the cost of production alignment. Usually the SAW
filter will have a substantially greater insertion loss, but the
LM2889 has enough output level to compensate for this.
Both single channel and dual channel filters are available
and in the latter case the LM2889 dual oscillator/modulator
configuration enables easy dc switching between channels.
A coil may be required, connected across the SAWF input,
to tune out the SAWF input capacitance.
The load resistors connected to pins 8 and 9 will set the
LM2889 conversion gain, which for 750 is typically
20 mVrms R.F. carrier per volt offset at the input pins 10
and 11. The actual load will include the input resistance of

the filter. Since the output of the filter will normally be termi-
nated in 750 to match the cable (and provide triple transit
echo suppression for a SAWF), the best way to choose the
load resistor is to monitor the output to the cable and apply
a dc offset between pin 10 and 11 that is equivalent to the
expected video input. The resistor is then chosen to give the
desired peak carrier level of 2.5 mVrms. The carrier should
be unmodulated since downward modulation will reduce the
mean carrier level by as much as 2-3 dB.
If the offset voltage between pin 10 and 11 is reduced, a
check can be made on the residual carrier level at the out-
put. This residual level is the result of oscillator feedthrough
in the modulators and external coupling from the oscillator
tuned circuits. The residual carrier level is normally better
than - 26 dB below the peak carrier level, ensuring good
modulation linearity. High levels of residual carrier can be
caused by coupling through ground or power supply leads.
A good technique to minimize the effect of unwanted pick-
up is to decouple the supply voltage to pin 8 and 9 load
resistors over to the output connector shield ground. This
removes at the output any carrier signal on the supply line to
the load resistors.
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FIGURE 16. R.F. Decoupllng at the Output
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DC Coupled Tape Head
Pre-amplifiers

INTRODUCTION
The majority of tape-head pre-amplifier IIC's use a-c cou-
pled inputs. This is convenient in that it requires only one
lead from each individual tape-head coil be brought to the
pre-amplifier input. The other side of the coil is normally
grounded. However, a-c coupling the signal from the head
has a number of disadvantages that can be eliminated by
taking the existing leads from both sides of the coil to the
pre-amplifier input - I.e. dc coupling the head to the amplifi-
er. The LM1897 is a dual tape-head pre-amplifier designed
for audio cassette playback with doccoupled inputs. A simi-
lar I/C, the LM1837, has four input stages in order to ac-
commodate auto reverse cassette playback mechanisms
that do not mechanically alter the position of the playback
heads when the direction of the tape motion is reversed.
Electronic switching is used to select the correct pair of
heads. This application note describes the problems elimi-
nated by doc coupling the heads, and the advantages ob-
tained by the unique two amplifier per channel design of the
LM1897 and LM1837.

A-C COUPLING VERSUS D-C COUPLING
The problems that occur with a-c coupled tape-head pre-
amplifiers are easily demonstrated by referring to Figure 1
which shows a typical input stage 01 that is biassed through
the resistor Rl. The tape-head, modelled as an inductor
with a series resistance, couples to the base of 01 through
capacitor C.

I
I
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TAPE I

HEAD'
I
I
I
I

TL/H/8519-1

FIGURE 1. Input Stage of a Capacltor-Coupled
Tape Head Preamplifier

Since the input impedance of the amplifier is of the order of
50 kn the capacitor must be at least 0.32 fLF if a -3 dB
lower corner frequency of 10Hz is desired. As it happens,
the capacitor is normally from 30 to 100 times this value
because of noise considerations, although a small value for
C is desirable from the viewpoint of keeping turn-on times
short.

National Semiconductor
Application Note 407
Martin Giles

Dealing with noise first, there are three major contributors to
the input referred noise; the noise voltage generated by the
resistive component of the head impedance, the input noise
voltage of the I/C - including the noise contribution from
the resistive feedback network which sets the overall gain,
and the input noise current of the IIC multiplied by the
source impedance which includes the reactance of the input
coupling capacitor. At low frequencies, below 1 KHz, the
amplifier noise current (and noise voltage) increases as the
frequency decreases as shown in Figure 2. Further, the am-
plifier gain for correct tape playback equalization is also in-
creasing as the frequency decreases, Figure 3. Of course
the reactance of C is increasing too. Since the head resist-
ance is typically of the order of 50n to 300n, C will domi-
nate the low frequency source impedance and therefore
have a major impact on the noise voltage at low frequen-
cies. At 10Hz our previously calculated value of C has a
reactance of 50 kn, which is more than 100 times the head
resistance! To avoid this causing an increase in low fre-
quency noise we can increase the value of C but this may

100 lk
FREQUENCY (Hz)

TUH/8519-2

FIGURE 2. Input Noise Current versus
Frequency for an IIC Preamplifier
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FIGURE 3. Tape Amplifier Playback
Equalization Characteristic



give us a turn-on time problem. At turn-on, the coupling ca-
pacitor must charge to at least 0.7 volts before the input
stage Q1 is biassed on. If we choose C = 100 fLF to mini-
mize low frequency noise, the turn-on time will be over 10
seconds, obviously an unacceptable result. Although spe-
cial turn-on circuits can be employed to rapidly charge the
coupling capacitor at turn-on (see LM1818 data sheet) the
amount of quick charge current has to be restricted in order
to prevent the initial current transient in the head coil putting
a turn-on "blip" on the tape. Without fast turn-on circuits,
most designs accept a compromise value for C of around
10 fLF.
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TLIH/8519-4

FIGURE 4. Direct-Coupled Preamplifier Input Stage
The alternative to a-c coupling is doc coupling as shown in
Figure 4 where both leads from the playback head coil are
brought to the pre-amplifier. C is completely eliminated as
are the problems described above, but now we have to be
concerned about the effects of a constant bias current for
Q1 which is also flowing through the tape-head. It is well
known that dc current in the playback head can not only
cause erasure of high frequency information recorded on
the tape, but it may also generate an increase in the noise
level. To determine the effects of dc head currents with a
typical audio cassette playback head, we made a number of
measurements with signal tones recorded on the tape at
1 kHz, 10kHz, and 15 kHz. The tapes used were standard
bias ferric formulation tapes, representative of medium
priced blank tapes and many pre-recorded tapes. Premium
tapes were not used since these are generally character-
ized as having higher coercivity and are therefore less sus-
ceptible to high frequency signal erasure. Figure 5 shows
the effect of increasing the dc current when a tape recorded
with these tones at an initial flux level of 20 nWlm (approxi-
mately 20 dB below the 0 "VU" level) is played up to 100
times. Clearly if the current is under 30 fLA, very little high
frequency erasure is occurring. Similarly, the increase in
tape noise with increasing head current is shown in Figure
6, again after 100 plays. Two methods of measuring the
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FIGURE 5. Signal Loss as a Function of
DC Head Current
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FIGURE 6. Increase in Tape Noise as

a Function of DC Head Current

noise level were used, a narrow band measurement be-
tween 20 Hz and 200 Hz, and a broadband weighted mea-
surement (CeIAI AAM) which is popular in the tape recorder
industry for giving good correlation to our perceived audible
sensitivity to broadband random noise. Notice that the in-
crease in noise level does not occur until the head dc cur-
rent is sufficient to already cause some high frequency era-
sure. The collector current for the LM1897 input transistor is
optimized at 70 fLA for good low-noise performance, which
results in an input bias current of 0.5 fLA. Worst case the
bias current is only 2 fLA which is still an order of magnitude
less than the current level needed to cause either high fre-
quency erasure or an increase in tape noise. Therefore, it is
reasonable to conclude that dc coupling the head is a viable
solution to the problems caused by input coupling capaci-
tors.
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TL/H/8519-7

FIGURE 7. Two Conductor Plus Shield Head-To-Preampllfler Connection

TL/H/8519-8

FIGURE 8. Equivalent AC Circuit for Two Heads with a Common Bias Point

MAKING THE CONNECTION

Although we have eliminated the cost of the input electrolyt-
ic coupling capacitors and the performance problems asso-
ciated with these capacitors, we now have to bring both
sides of the head coils to the inputs of the LM1897. This can
be done as shown on the LM1897 data sheet, where a 4
conductor (stereo) shielded cable is used, and the shield is
grounded to the p.c.b. ground. This type of connection is
ideal in high electrical noise field environments, but many
cables have only two conductors within the shield. In this
case the method shown in Figure 7 can be used where the
shield provides the bias current return path for both pre-am-
plifiers. Even though the output impedance of this common
bias point is about 100n, this is sufficiently low to provide
effective noise shielding in most applications. However, be-
cause the bias point is common to both amplifiers, this
same 100n impedance could introduce crosstalk between
the two tape head signals. The equivalent a-c circuit is
shown in Figure 8, where the tape signals are represented
by the voltage sources V1 and V2 and Zs is the tape head
impedance. The crosstalk V2 to V1 is given by Equation (1)

V21V1 = Rs/(Rs + Zs + RIN) (1)

Rs is 100n, and RIN is 50 kn, so the worst crosstalk will
occur at low frequencies when Zs is the smallest. If we

assume Zs = 0, this gives a crosstalk figure of -54 dB,
which is still 14 dB below the minimum guaranteed channel
separation for the I/C. Since in practice most tape heads
will have a minimum resistance between 50n and 500n, the
actual crosstalk will be even less than that derived above,
so the connection method of Figure 7 should not contribute
any problems.

THE AMPLIFIER GAIN STAGES
Neglecting (for the moment) the frequency equalization
characteristic required of the tape head pre-amplifier in or-
der to conform to the NAB. and D.I.N. playback standards,
the amplifier must have enough gain to raise the signal volt-
age induced in the head coil to at least 100 mVrms. For a
typical cassette head output of 0.5 mVrms this requires a
voltage gain at 1 kHz in the range of 46 dB.

Although this much gain can easily be obtained with a single
stage amplifier, the LM1897 uses a two-stage design. The
reasons for this can be arrived at by considering the design
of the usual single stage amplifier circuit of Figure 9. Apart
from requiring the large input coupling capacitor, this design
has other deficiencies. Usually the feedback resistors are
external to the IIC to allow modification for different gain
requirements, operating supply voltages and for the appro-
priate equalization network. RF and R1 set the a-c gain
while Co ensures that there is no gain to the dc offset volt-
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FIGURE 9. Conventional Single Stage Head Preamplifier
ages that may exist at the amplifier inputs and which could
otherwise force the output dc quiescent voltage to ground
or the positive supply rail. Because the signal source imped-
ance is relatively low (the tape head) the resistor R1 must
be small to avoid providing a significant noise contribution at
the input to the amplifier (see pp 2-5 of the Audio Radio
Handbook, National Semiconductor, 1980)-values be-
tween 300 and 1500 are common. Unfortunately, the dc
blocking capacitor Co will also set a signal low frequency
limit in conjunction with this resistor and if R1 is small, then
Co has to be large. Electrolytic capacitors greater than
47 /LF are common, and a trade-off between low noise,
good low frequency response and cost is involved. Worse
yet, at turn-on the capacitor is at ground potential, holding
the amplifier inverting input low. The output immediately
swings to the positive supply rail while the capacitor is
charged up through RF and R1. When it reaches the same
voltage as the non-inverting input, the output will return to
the normal quiescent dc value, approximately halfway be-
tween supply and ground. Unless output muting circuits are
used, the initial output transient to the supply rail will pro-
duce a nasty pop or thump from the speakers!
Now take a look at the two stage amplifier used by the
LM1897. The first stage gain is fixed at x 25 by the internal
3.6 kO and 1500 feedback resistors, and the quiescent dc
output voltage is set by the voltage Vx established across
the 1500 resistor.

RSVx = Vbe (02) + --- X Vbe(D1) - Vbe(01) .... (2)
RA + Rs

The emitter areas of transistors 01 and 02 are ratioed so
that 01 current is 117th that of 02, i.e.

Vbe(01) = Vbe(02) - KT/q X logn 7
= Vbe(02) - 50 mV ., .. ., . (3)

The divider of RA to Rs is such that
Rs/(RA + Rs) X Vbe(D1) = 40 mV

thus giving a voltage drop Vx of 90 mV across the 1500
resistor. Therefore the output dc voltage is 2.2V and this
can be held within ±400 mY. Following this fixed gain first
stage is a second amplifier stage with the gain set by exter-
nal components. Using two amplifiers ensures that high
closed loop gains are possible with very low distortion over
the audio frequency range. Again ignoring the equalization
components for the moment, Figure 11 shows the biasing
scheme that is used between the amplifiers to provide high
ac gain, yet low dc gain to input offset voltages. The resis-
tors R2 and R3 will determine the closed loop ac gain of the
second stage, and R3 and R5 will similarly set the output
quiescent dc voltage. Since the first stage will hold the non-
inverting input at 2.2V, the second stage output voltage is
given by Equation (4)

VOUT(DC)= 2.2 (1 + R3/R5) volts . ., .... ., . .,., . .,(4)
Usually this voltage is chosen to be halfway between supply
and ground in order to maximize the output swing capability
of the amplifier and minimize the possibility of input offset
voltage causing dc offsets at the output which could allow
clipping to occur. At turn on, the capacitor Co holds the non-
inverting input at ground potential so that the output will also
be at ground. The output will stay low until the capacitor is
charged up close 2.2V dc, when the amplifier will turn on
and bias the output to the normal quiescent value deter-
mined by Equation 4. Turn-on pops are completely eliminat-
ed and the signal turn-on delay is set by the R1Co time
constant. R1 and R2 are normally equal valued to minimize
input offset currents producing dc offset voltages at the out·
put but both resistors can be quite large. Large resistors will
allow either inexpensive non-electrolytic capacitors to be
chosen for Co, or extremely low -3 dB corner frequencies
to be used - much lower than those obtainable by the con-



ventional amplifier of Figure 9. The corner frequency and
turn-on delay are given by Equation (5) & (6) respectively.

f - 3 dB = 11{2 11' R1 Co) (5)

Turn on delay t = R1Co In (R3RS/R2{R3 + Rs)} (6)

For example, with R1 = 10 kn and Co = 10 p.F. the turn-on
time is 0.4 seconds, and the low frequency corner is 1.6 Hz.
It is possible to use such large values for R1 and R2 be-
cause the noise contribution of R2 in the signal path is made
insignificant (compared to the source noise) by the first
stage gain. A 10 kn resistor adds less than 0.13 dB to a
500n source noise level in the circuit of Figure 11, whereas
a similar value resistor in the circuit of Figure 9 would in-
crease the noise level by almost 14 dBI A further advantage
is that since R2 does not have to be small, greater flexibility
is gained in selecting the necessary component values for
the appropriate tape equalization characteristic.

SETTING UP THE EQUALIZATION
A typical tape pre-amplifier will have a gain of around 46 dB
at 1 kHz and equalization time constants of 3180 P.s (50 Hz)

0.',.1'
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and 120 P.s (1326 Hz). Using the component arrangement
shown in Figure 12, the required design equations are given
in order below;

Av = 46 dB = 200V IV at 1 kHz (given) (7)

R1 = R2 = 10k (arbitrary choice)

C1 = 4.8 x 10-3/R2{Av) (8)

R3 = %lrC1(50) - %lrC1(1326) = %lrC1{51.96) (9)

R4 = %lrC1(1326) (10)

This provides the proper equalization for ferric formulation
tapes. For chromium dioxide tapes, the value of R4 is
switched to

R4 = %lrC1(2274) (11)

Although there should be a corresponding and simulta-
neous change in the value of R3' if this is not done it intro-
duces an error of less than 0.2 dB in the low frequency
response. Using these equations, we arrive at the compo-
nent values shown in Figure 12. Equation (4) has been used
to determine the value of Rs.
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THE OUTPUT DIODES
Although the pre-amplifier outputs are directly available, the
LM1897 has two extra pins coupled to these outputs via
diodes. If the signals are taken from these pins, the diodes
facilitate switching between the different sources available
in an automotive radio. For example, if the FM stereo de-
coder has similar diodes in the output of each channel, then
the source outputs can be summed in common load resis-
tors (Figure 13). When the FM stereo decoder output is de-
sired, the power supply to the LM1897 is removed and the
diodes in series with the output become reverse biassed,
thus isolating the LM 1897 from the stereo decoder. During
tape play, the LM1897 applies a positive potential on the
load resistors, thus reverse biassing the diodes from the
stereo decoder, which now has its power supply switched
off. While this type of source switching is popular in automo-
tive radios, the diode places a resistance in series with the
output that will change slightly with ac signal current swings
and may result in higher THO. Load resistors larger than
47 kO should not be used. Similarly, since the minimum
guaranteed current capability of the LM1897 is 2 mA, the
load resistor should be larger than 2 kO-a good compro-
mise value is 10 kO.

FOUR HEADS ARE BETTER THAN TWO
Auto reverse cassette decks, capable of playback with the
tape moving in either direction, are of two types. Either a
normal stereo head is used with mechanical repositioning of
the head over the desired audio tracks, or a four-track head
is used with only the desired pair of head coils being
switched to the pre-amplifier at any given time. The
LM1837, which uses the same dc coupled, two stage ampli-
fier design as the LM1897, includes two extra input amplifi-
ers specifically for such four-track head, auto reverse cas-
sette decks. A logic input is provided to select the pair of
input amplifiers required for each direction of tape travel.

While this method of switching head coils is easy and con-
venient, it can present one problem. When pairs of input
preamps are changed, any difference in the dc output levels
of the amplifiers may produce a speaker pop during the
transition period. This can be prevented by slowing up the
switching time of the logic pin by adding an RC filter to the
logic input (Pin 13) as shown in Figure 14.

One other minor point, the capacitors shown connected
across each head coil are used to resonate with the head
inductance. This allows compensation for playback signal
losses caused by the tape head gap and eddy currents. The
resonant frequency is usually somewhere between 13 and
17 KHz.

CONCLUSIONS
This application note has described the use of two dual tape
pre-amplifier IIC's that use dc coupled head inputs. Com-
bining this feature with a two stage amplifier design has
made high system gain with low distortion throughout the
audio bandwidth easily attainable. Low cost external com-
ponents are used and turn-on pops have been eliminated. In
addition, the LM1837 makes head selection in auto reverse
decks an easily implemented function. Characteristics com-
mon to both IIC's when used in the circuits of Figures 12
and 14 are listed in Table I.

TABLE I. Features of the LM1897 and LM1837
Programmable Turn-on Delay (0.4 secs typical)

Low Distortion 0.03% @ 1 kHz

Good SIN Ratio 62 dB (CCIRI ARM)

High G.B.W. 76 dB @ 20 kHz

Low Voltage Operation 4 volts (min)

High Power Supply Rejection > 95 dB

High Channel Separation 60 dB

Short Circuit Protection

No Turn-on Pops

Low Cost External Components

Diodes for SWitching Applications
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Preserving and Verifying
the LF400's Fast Settling
Time

INTRODUCTION
Settling to within 0.01% of a 10V output swing in well under
400 ns, the LF400 is a superb choice for a wide range of
precision high-speed applications. However, care must be
taken in both the design and the layout of high-speed cir-
cuits using the LF400 if the desired performance is to be
realized. It is easy to significantly degrade the settling time
with a seemingly minor layout error. A few guidelines for
preserving the LF400's excellent settling time are listed be-
low and illustrated in Figure 1. All of these apply to other
operational amplifiers as well, but they become increasingly
important as the speed of the circuit increases.
1) Minimize capacitance at the summing junction. Any

parasitic capacitance between the inverting input and
ground, whether from the socket, circuit board traces, in-
put cables or another source will produce a pole in the
amplifier's feedback loop, altering the closed-loop trans-
fer function and possibly inducing ringing.

2) Choose the compensation capacitor carefully. The
feedback pole caused by input capacitance must be
compensated with an ex1ernal capacitor across shunt
feedback resistor R2. If this capacitor is too small, the
amplifier output may ring, increasing the settling time. If
the capacitor is too large, the settling time will increase
due to the decrease in closed-loop bandwidth. The opti-
mum capacitance will depend on the circuit components
and board layout and often must be found experimental-
ly. A good starting point is in the neighborhood of 10 pF.
Figure 2 shows the results of using too much or too little
compensation capacitance. These effects are exaggerat-
ed for the purpose of illustration. Even when they are too
small to be visible on the scale shown in Figure 2, they
can degrade the speed at which the amplifier settles to
0.01% of full scale.

3) Use adequate supply bypassing. Many good amplifiers
have power supply rejection ratio (PSRR) specs in the
80 dB to 100 dB range, but these numbers are valid only
at low frequencies. Since PSRR drops with increasing
frequency, supply rejection at 1 MHz can be close to
o dB. Thus it is essential to place bypass capacitors on
the amplifier's supply pins to keep the ac impedance low,
thereby reducing the amplitude of any supply variations.
Note that the amplifier itself is a major cause of supply
variations: when its output is moving, the supply currents
change, thereby modulating the supply voltages. At high
frequencies, where PSRR is low, these supply variations
behave like small input signals. The result is an additional
feedback signal path, which will in turn degrade the set-
tling time.
Multiple bypass capacitors are nearly always necessary
for good high-speed performance. Three are shown in
the recommended test circuit in Figure 3: a 10 I-'F tanta-
lum, a 2.2 I-'Fceramic, and a 0.47 I-'Fceramic. If a 2.21-'F
ceramic capacitor is not used, a second 0.47 I-'F ceramic
can give satisfactory results if it is oriented so that its
ground lead is separated from that of the first 0.47 I-'F
ceramic. This "spreads" the high frequency bypass cur-
rent flow, resulting in lower effective bypass impedance.
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The capacitors should be connected to the amplifier with
very short leads. They should be as close to the supply
pins as possible.

4) Use good grounding techniques. Keep the ground re-
turn paths short to minimize their impedance. This is es-
pecially important for the supply bypass capacitors and
the feedback components. When fast settling is impor-
tant, use a ground plane approach such as that used in
the test circuit layout (Figure 4).

5) Never use Inductive feedback resistors. Inductance
will degrade loop stability.

6) Avoid excessive amplifier loading. The LF400 can
drive heavier loads than most operational amplifiers, but
keeping the load resistance above 1k or 2 kn is good
practice when settling time is critical. Minimizing load ca-
pacitance will also help the settling time.

7) Keep feedback resistance low. Lower resistances
(within the constraints imposed by the amplifier's load
driving abilities), will minimize the effects of parasitic ca-
pacitances. The feedback components should have short
leads.

8) Look out for external noise sources. Nearby circuits
with fast rise times, such as digital components or other
high-speed analog circuitry, can couple unwanted signals
into the amplifier, either capacitively or through common
ground traces. Physically separate any such noise sourc-
es from critical high-speed circuits.

VERIFYING FAST-SETTLING PERFORMANCE
The LF400's settling time can be checked using the circuit
in Figure 3. The amplifier is set up for inverting unity gain
and its output is summed with the input signal using resis-
tors R3 and R4. A "perfect" amplifier's output would be
exactly the negative of the input and would result in OV at
the junction of R3 and R4. Any deviation from perfection will
yield an error voltage at this "false summing node". The
error signal is clamped by the two Schottky diodes and buff-
ered by the JFET source follower. The purpose of the clamp
diodes is to reduce the amplitude of the error signal fed into
the oscilloscope. When a 10V pulse is applied to the amplifi-
er input, the error will initially be 5V, and if this signal is not
clamped, it will certainly overdrive the oscilloscope's input
circuitry if the oscilloscope's input gain is high enough to
detect a 1 mV error (0.01% of 10V). The input signal is
loaded by two 100n resistors in parallel. Note the ex1ensive
bypassing on all sensitive nodes.
A printed circuit board layout (2x) for the above circuit, capa-
ble of measuring the LF400's settling time is shown in Fig-
ure 4. Input and output BNC connectors should be soldered
directly to the circuit board. The output connector should go
directly to the oscilloscope input with no intervening cable.
Because of attenuation by R3 and R4, the error signal dis-
played on the oscilloscope will be one half of the true error.
When measuring settling with a 10V signal swing, a '12 mV
displayed error signal will therefore represent 0.01% (1 mV)
actual error. Even though the error voltage is diOde-clamp-
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ingless. Oscilloscopes with sufficiently fast overload recov-
ery time for this measurement appear to be quite rare. Two
oscilloscopes that have given satisfactory results with the
circuit in Figure 3 are the Tektronix 547 with the 1A1 plug-in
and the Tektronix 7704A with the 7A18 plug-in.
The signal source is just as important as the oscilloscope
and the circuit layout It must be able to drive a 500 load to
±5V, and ideally should settle to within 1 mV of these volt-
age levels much faster than the amplifier being tested. In
practice, however, the pulse generator's settling character-
istics needn't be nearly that good, so long as any perturba-
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MINIMIZE CAPACTANCE/T
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ana me NeWlen t->acKarc18082A pulse generators were
found to give satisfactory results. Note that, as with the os-
cilloscopes, these do not represent an extensive sampling
of available units.
To measure settling time using the test circuit, set the oscil-
lator for ± 5V output swing at about 10kHz. Observe the
error output on the oscilloscope, (Figure 5) and find the time
required for the error voltage to be within '12 mV of the final
value. This is the settling time to 0.01%. The input signal
perturbations visible in Figure 5 were not actually present at
the test circuit input. They are a result of overload in the
oscilloscope's input amplifier caused by the error signal.
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7pF R2
R6 1 k.o.
100.0.

+ 100.0.

I~

Parts List
R1-R4
R5
R6,R7

1 kn, 1% metal film; matched to 0.01 %
3 kn, 5% carbon film
100n, 5%, Yo watt carbon film

R8, R9 10n, 5%
R10, R11 100n, 5%
All resistors are y. watt except where specified otherwise.

C1 7 pF, ceramic disk
C2, C3 0.47 I-'F, ceramic
C4, C5 2.2 I-'F, ceramic
C6-C9 10 I-'F, dipped-radial lead tantalum
C10, C11 0.01 I-'F ceramic

D1, D2 Schottky diode, Hewlett Packard # 5082-281 0
01 2N5486 N-channel FET

Mise: Cinch-TRW #8-ICS 8-pin TO-5 socket, gold-plated pins,
2 BNC connectors
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INTRODUCTION
Because of the increasing use of digital techniques in con-
sumer audio equipment, National has developed a digitally
controlled graphic equalizer-the LMC835. This chip re-
places the potentiometers used in a conventional graphic
equalizer with digitally controlled step-variable resistors,
thereby allowing computer manipulation of an analog signal
path. The LMC835 is configured such that a high degree of
flexibility remains in the overall equalizer design, without
compromising the quality of the analog signal path.

Graphic equalizers are used to control the frequency re-
sponse of an audio system. An equalizer contains a number
of fixed-frequency bandpass/notch filters with a gain control
for each filter. Resonances and nulls in the frequency re-
sponse of an audio system are easily compensated with
proper adjustment of the equalizer.

A single LMC835 contains enough step-variable resistors
for a stereo, 7 band equalizer with 1 dB steps covering a
± 12 dB range. Up to 14 monaural bands can be accommo-
dated by paralleling the two halves of the chip. Because the
internal step-variable resistors are implemented with inher-
ently well-matched SiChrome resistors, accurate 1 dB con-
trol steps are possible. The LMC835 is available in a plastic
28-pin dual-in-line package.

The digital sections of a finished equalizing instrument will
include a microprocessor, pushbutton controls, a large, mul-
tisegment display and any necessary circuitry to drive the
display. The analog sections will contain the LMC835 and a

number of associated operational amplifiers. Care has been
taken in the design of the LMC835 to isolate sensitive ana-
log circuitry from contamination by the digital sections. The
analog sections of the equalizer will be considered first.

BASIC EQUALIZER TOPOLOGY
Many diverse equalizer circuit topologies have been com-
mercially produced. A topology that works well within the
constraints of step-variable resistors and uses a minimum of
signal-path gain stages has been chosen for the LMC835.

The basic equalizer circuit shown in Figure 1 uses two oper-
ational amplifiers in the signal path. This circuit represents
% of an LMC835. Rs, Re, RVl through RV7' and the selec-
tor switches are included on-chip. The first amplifier pro-
vides the boost (bandpass) function, while the second am-
plifier buffers the cut (notch) function. For anyone frequen-
cy band both boost and cut functions are possible, but they
are never selected simultaneously. Redundant external ana-
log circuitry is therefore eliminated by exclusively switching
each tuned circuit to either boost or cut.

The amount of boost or cut is controlled by on-chip variable
resistors RVl through RV7. These are designed to ratio with
Rs and Re for perfect 1 dB steps. An optional 6 dB control
range with 0.5 dB steps is discussed later in this application
note.

Step-variable resistors were chosen for the LMC835 since
they lend themselves well to digital control. Each variable

A ~ RV1 + Ro + Rs (B t)
V1 RV1 + Ro 000

RV1 + Ro
AV1 ~ RV1 + Ro + Rc (Cut)
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resistor shown in Figure 1is actually 6 fixed-value SiChrome
resistors connected in parallel through CMOS FET
switches. This is detailed in Figure 2. By selecting appropri-
ate combinations of these 6 fixed resistors, better than
0.1 dB accuracy for each of 12 steps is obtained. The cod-
ing sequence is discussed in the programming section later.

LEVEL 05 04 03 02 01 Do

FLAT 0 0 0 0 0 0

1 dB 1 0 0 0 0 0

2 0 1 0 0 0 0

3 0 0 1 0 0 0

4 0 0 0 1 0 0

5 0 0 0 0 1 0

6 0 1 0 0 1 0

7 1 0 1 0 1 0

8 0 1 0 1 1 0

9 0 0 0 0 0 1

10 1 0 1 0 0 1

11 1 0 1 1 0 1

12 1 0 1 1 1 1
FIGURE 2. Digitally Controlled Variable Resistor

The frequency and bandwidth characteristics of each band
are set by the L/C networks (Figure 1) and the value of
each associated variable resistor. At resonance, the L/C
network reduces to zero impedance. In the boost mode this
leaves amplifier I with a gain set by the ratio of Rs and
Ro + Rv. Conversely, attenuation is obtained in the cut
mode with amplifier II bUffering the circuit composed of Re,
Ro and Rv. Off resonance, the series tuned LlC network
presents a high impedance and the gain (or attenuation)
reduces to 1. Since the characteristics of the equalizer are
determined by external L/C networks, the designer can tai-
lor the equalizer circuit to suit his own needs.
Although it may seem that by relocating the switches of
Figure 1 a single bank of resistors could be used for boost
and cut, this has not been done. Unlike mechanical
switches, CMOS switches exhibit a finite ON resistance of
several hundred ohms which unfortunately is not constant
when large signal voltage swings occur across the switch.
For a signal source with a nominal 1 Vrms level, with 12 dB

of boost selected the signal swing would produce unaccept-
able distortion. By locating the switches between the resis-
tor banks and the resonant circuit the actual peak signal
swing across the switch is reduced to well within a linear
operating region of the switches. The complete circuit with a
1 kHz, 1 Vrms signal input exhibits less than 0.003% distor-
tion even with 12 dB boost.

BAND FREQUENCY SELECTION

Two basic equalizer types are in common use: one type has
fixed band frequencies, the second type has variable band
frequencies that can be tuned to allow control at specific
points. The first type (graphic equalizer) is by far the most
common, and the second type (parametric equalizer) finds
limited popularity owing its cost and difficulty of use. The
LMC835 circuit topology described here is intended for fixed
band frequency applications.
The selection of band frequencies is entirely independent of
the LMC835 as the chip has no frequency-sensitive or fre-
quency-determining characteristics. There are two basic
methods for selecting frequencies: 1) spread the bands out
evenly over some desired frequency range, or 2) space the
bands closely over the range where more control is desired,
and space them more widely elsewhere. An example of this
second technique is modified spacing where bands are
tightly spaced at the low frequencies to allow control where
it is most useful. The few remaining bands are spaced more
widely at the higher frequencies (>500 Hz). Once the band
frequencies have been selected, circuit Q, and the values
for the series tuned circuits may be calculated. The follow-
ing formulae find general use in equalizer design.
Band spacing is often measured in units of octaves. An oc-
tave covers a frequency ratio of 2:1, e.g. the frequencies
between 1000 and 2000 Hz constitute an octave as do the
frequencies between 200 Hz and 400 Hz. The number of
octaves contained between any two frequencies is given by
the equation

# of octaves = LOG(F2/F1)/LOG(2) (1)
where F2 > F1. Another formula used in conjunction with
equalizer design is that which finds the musical center be-
tween two frequencies:

center frequency = ~F2F1 (2)
As an example consider 2 frequencies, 220 Hz and 440 Hz.
These are at an interval of 1 octave. At first glance it might
appear that 330 Hz is halfway between these two, but as far
as the ear can discern, 311 Hz is equidistant from 220 Hz
and 440 Hz. This is because the ear hears logarithmic
changes in pitch equally.

BAND SELECTION
In most consumer equalizers the band frequencies are
equally spaced and centered around 1 kHz. The bands are
related to each other by some factor. For example, 7-band
equalizers with a 1 kHz center frequency use a factor of 2.5.
If 1 kHz is repetitively multiplied and divided by 2.5 the other
band frequencies will be found: multiplying (and rounding)
we find 2.5 kHz, 6.3 kHz and 16 kHz, and dividing yields
400 Hz, 160 Hz and 63 Hz.



If the desired control range is defined. the center frequency
can be found with the formula

center band = ~FMAXFMIN (3)

factor = (FMAX/FMIN)(1/d) (4)

FMIN represents the lower -3 dB point of the "bottom"
band when it is in full boost and all other bands are flat.
FMAX is the analogous higher -3 dB point of the "top"
band. "d" is the number of bands. These formulae can be
combined as

( 2n-,)( 2(d-n)+,)
Fn = FMAX2d FMIN--2-d -

where "n" is the band number (from 1 to d).

A common misconception about equalizers is that the band
frequencies relate to the frequency response of the instru-
ment. This is not true at all-the flat frequency response of
the equalizer is completely independent of the band fre-
quencies. Even so. many equalizer designs have bands ex-
tending beyond the normal range of hearing while compro-
mising control at low frequencies.

There is no magic in spacing band frequencies. While equal
spacing can offer control over a wide frequency range. it is
possible to enhance control over a limited range by closely
spacing the bands in one area while spreading out the re-
maining bands elsewhere. This technique (modified spac-
ing) is especially useful at frequencies below 500 Hz where
speakers and listening environments have pronounced res-
onances and anti resonances.

SELECTION OF MAXIMUM Q
The maximum desired Q of each band occurs at full boost
or full cut and is set by the values of Ro + Ry. La and Co.
Mathematically QMAX is a function of the adjacent band fre-
quencies:

JF2
QMAX = JF3 - JF1 (6)

where QMAX is the maximum Q of F2 during full cut or boost.
and F3 and F1 are the adjacent band frequencies. The high-
est and lowest bands on an equalizer have only one adja-
cent band. In this case:

(
~F1F2 )QMAX = ABS ---

F2 - F1

where F1 is the adjacent band. In terms of a factor:

Q _ Jf8CtOr
MAX - factor - 1

In terms of FMIN and FMAX:

Q _ 2d~FMAX/FMIN
MAX - d~FMAX/FMIN - 1

The formulae for QMAX cause the - 3 dB points of any two
bands to occur at approximately the same frequency. If this
is not desired. the maximum Q may be set to any value by
appropriately designing the resonant networks. Higher val-
ues of Q give greater definition between bands while lower
values of Q gives less ripple response between adjacent
bands.

Once the maximum Q has been determined. Land C (from
Figure f) may be calculated:

Ln = 2270 QMAX1wn (10)

Cn=1/(wn2Ln) (11)

Note that 2270n is the minimum resistance including the
680n resistor (RO). switch resistance and SiChrome resist-
ance (Ry) as shown in Figure f.

Using the typical 7 -band consumer center frequencies (fac-
tor = 2.5) and a QMAX = 1.05 (from equation 8). the follow-
ing values are calculated:

Band Frequency (Hz) Lo(mH) Co (nF)

1 63 6040 1060
2 160 2380 416
3 400 952 166
4 1000 381 66.5
5 2500 152 26.6
6 6300 60.4 10.6
7 16000 23.8 4.16

The inductances required at low frequencies would seem
prohibitive. but there is an easy solution. The LMC835 is
designed for use with series resonant networks. Since the
inductances required are quite large and discrete realiza-
tions would be expensive. a simulated inductor. also called
a gyrator. may be used.

GYRATOR DESIGN
The properties of an inductor may be simulated by a simple
op amp circuit (often called gyrator) as shown in Figure 3.
The impedance seen at the input terminal is jwRLROCL and
the inductance is given by the product RLROCL. As shown.
RO represents a loss resistance in series with the inductor.
The internal SiChrome resistors are designed to accommo-
date an Ro of 680n.



At high frequencies the impedance of the gyrator should
approach infinity, but several effects limit the maximum im-
pedance. The result is an increase in high frequency gain as
contributed by the boost section, and a decrease in high
frequency gain as contributed by the cut section.
Gyrator impedance is ultimately limited by the loading ef-
fects of RL,especially for smaller inductances since RL nec-
essarily becomes small. To reduce loading effects keep
RL>47 kG. In extreme cases CL and RL can be buffered by
a second op amp as shown in Figure 4.

The voltage divider action caused by stray capacitance at
the junction of CL and RL also reduces gyrator impedance.
This effect is minimized by keeping CL>470 pF. Bootstrap-
ping (Figure 5) is a viable alternative for reducing the effects
of stray capacitance.
An important gyrator performance factor is the gain and
phase of the op amp at high frequencies. An op-amp unity-
gain bandwidth of at least 10 MHz is recommended since
poor frequency response will reduce the gyrator impedance
at high frequencies. Phase shift through the op amp causes
the gyrator to become capacitive. The LM833 is an excel-
lent choice for a gyrator as its bandwidth is well over 10
MHz, and it is unity gain stable.
Signal path stability and high frequency gain accuracy are
affected by the feedback loop around the first amplifier of
Figure 6. Most op amps cannot tolerate stray capacitance
on their inverting input since it reduces the phase margin.
This leads to increased gain at high frequency, if not insta-

bility. A 100 pF feedback capacitor compensates most op
amps with little effect on the audio performance of the
equalizer.



the charge stored on Co will be injected into the signal path
possibly causing an audible "pop" in the output. A 100 kO
resistor is all that is necessary (as shown in Figure 6) to
bleed this charge away and prevent pops. This results in a
gain error or less than 0.2 dB at maximum boost or cut.
Provision is made to convert the equalizer to a + / - 6 dB
control range. The 3.4 kO resistors shown in Figure 6, when
selected, drop the control range to + / - 6 dB with approxi-
mately 0.5 dB steps. When the 3.4 kO resistors are select-
ed, the resultant changes in the signal path DC gain can
produce pops. Op amp input offset voltage and bias current
are the root cause; the solution is to AC couple the signal
path to the LMC835. In addition to the three 47 f'oF coupling
capacitors of Figure 6, two 100 kO resistors are also neces-

INPUT
CHANNEL

B

INPUT
CHANNEL

B

coupling is not used, the 100 kO signal path resistors should
be included to insure gain accuracy.
A complete seven-band graphic equalizer circuit is shown in
Figure 7. 4700 resistors are used in series with the output
amplifiers to isolate capacitive loads that could cause insta-
bility. To increase signal handling capability the input is at-
tenuated 6 dB by two 27 kO resistors and then equally am-
plified in the output buffer. With this configuration the maxi-
mum signal level at the input (with flat equalization) is about
9 Vrms yet the LMC835 sees only one-half of this-less
than its + / - 7.5V supply limitation. Clipping is still possible
if, for instance, a 9 Vrms input is boosted 12 dB. There is
sufficient headroom to handle full boost on a 2 Vrms input
signal. Gyrator component values are shown in Figure 8.
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24,11 1k 68n 6.8n 82k 680
25,12 2.5k 22n 3.3n 82k 680
26,13 6.3k 10n 1.5n 62k 680
27,14 16k 4.7n 680p 47k 680

In applications requiring 15 to 28 bands a second LMC 835
can be cascaded as shown in Figure 10. Note that the out-
put buffer of the first LMC835 is made redundant by the
input amplifier of the second LMC835. Therefore only 3 sig-
nal path op amps are required instead of 4.

FIGURE 8. Gyrator Component Values

PARALLELING FOR MORE BANDS
The two halves of an LMC835 can be paralleled to provide
up to 14 monaural bands. Paralleling (Figure El) is accom·

10k
J- L.....L. = = 47;.+ +

28 27 26 25

1'. ~(3.4k 7.3k 7.3k 3.4k

TO
<- BANOS

8-14 )

) TO
BANOS
1-7

(

13.4k 7.3k 7.3k 3.4k ~(
I.-

1 2 3 4



PROGRAMMING
A three wire interface consisting of a DATA, CLOCK and
STROBE line (Figure 7) is provided for programming the
LMC835. DATA bits are shifted in to an internal serial regis-
ter on positive CLOCK edges. This data is then latched (and
executed) by a low-going pulse on the STROBE pin. A sepa-
rate digital ground pin is provided to prevent contamination
of the sensitive analog signal path.
Programming is accomplished with two 8-bit words. The first
word selects a band for adjustment and selects either of ± 6
or ± 12 dB control range. The second 8-bit word selects
boost or cut and the desired level for the band previously

addressed. A timing diagram is shown in Figure ". Note
that bit DO is shifted in first, 07 last. Figure 12 shows the
coding used for band and gain selection. With the maximum
clock rate of 500 kHz, the entire equalizer can be pro-
grammed in less than 500 ,",s.
Parallel entry of data is possible using a simple word gener-
ator circuit as shown in Figure 13. A clock signal is applied
continuously, and DOthrough 07 are loaded and shifted into
the LMC835 commencing with the positive edge of a start
pulse. CLOCK, DATA and STROBE signals are all automati-
cally generated and sequenced. DO through 07 could be
supplied by a parallel data bus or even toggle switches.

1LDATA
GROUP2 (D)

D=CUT

1 = BOOST

BAND ~ELECT ' J11
L DATA GR~UP 1 (1)L DON'T CARE

CHANNELB i6/12 dB CHANNELA i6/12 dB'--I
RANGE

1 = i6dB 0= t12dB

DATA I (BAND SELECTION)

07 06 05 D4 03 02 01 DO

HXLLLLLL
HXLLLLLH
HXLLLLHL
HXLLLLHH
HXLLLHLL
HXLLLHLH
HXLLLHHL
HXLLLHHH
HXLLHLLL
HXLLHLLH
H X L L H L H L
H X L L H L H H
H X L L H H L L
H X L L H H L H
H X L L H H H L
H X L L H H H H
H X L H VALID BINARYINPUT
H X H L VALID BINARYINPUT
H X H H VALID BINARYINPUT

BAND CODE
CH B i6 dB/ 12 dB RANGE

CH A i6 dB/ 12 dB RANGE
DON'T CARE

DATA I

This is the gain if the ± 12 dB range is
selected by DATA I. 11the ± 6 dB range is
selected. then the values shown must be
approximately halved.

FLAT
1 dB BOOST
2 dB BOOST
3 dB BOOST
4 dB BOOST
5 dB BOOST
6 dB BOOST
7 dB BOOST
8 dB BOOST
9 dB BOOST

10dB BOOST
11 dB BOOST
12dB BOOST

1 dB-I 2 dB CUT

I
GAIN CODE

L O=OPEN

L 1 = CLOSE

(CH A: BAND 1-7. CH B:BAND 8-14)

CH A t 12 dB RANGE,CH B t 12 dB RANGE,NO BAND SELECTION
CH A t 12 dB RANGE,CH B t 12 dB RANGE,BAND I
CH A t 12 dB RANGE,CH B t 12 dB RANGE,BAND 2
CH A t 12 dB RANGE.CH B t 12 dB RANGE,BAND 3
CH A t 12 dB RANGE.CH t 12 dB RANGE.BAND 4
CH A t 12 dB RANGE.CH t 12 dB RANGE,BAND 5
CH A t 12 dB RANGE.CH t 12 dB RANGE.BAND 6
CH A t 12 dB RANGE,CH t 12 dB RANGE.BAND 7
CH A t 12 dB RANGE,CH t 12 dB RANGE.BAND 8
CH A t 12 dB RANGE,CH t 12 dB RANGE.BAND 9
CH A t 12 dB RANGE,CH t 12 dB RANGE.BAND 10
CH A t 12 dB RANGE,CH t 12 dB RANGE.BAND 11
CH A t 12 dB RANGE.CH t 12 dB RANGE.BAND 12
CH A t 12 dB RANGE.CH t 12 dB RANGE,BAND 13
CH A t 12 dB RANGE.CH t 12 dB RANGE.BAND 14
CH A t 12 dB RANGE.CH t 12 dB RANGE,NO BAND SELECTION
CH A t 12 dB RANGE.CH B t 6 dB RANGE.BAND I -I 4
CH A t 6dB RANGE, CH B tl2dB RANGE,BAND 1-14
CH A t 6 dB RANGE, CH B t 6 dB RANGE,BAND 1-14

DATA II (BAND SELECTION)

07 06 05 04 03 02 01 DO
LXLLLLLL
LHHLLLLL
LHLHLLLL
LHLLHLLL
LHLLLHLL
LHLLLLHL
LHLHLLHL
LHHLHLHL
LHLHLHHL
LHLLLLLH
LHHLHLLH
L H H L H H L H
L H H L H H H H
L L VALID ABOVE INPUT

GAIN CODE
BOOST/CUT

DATA II

FIGURE 12. Coding Information
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APPLICATIONS
Several distinct advantages are associated with computer
controlled equalizers. Remote control is possible unlike con-
ventional mechanically controlled equalizers. Since the
LMC835 is programmed by a simple 3-wire interface, hard-
wired control from a remote location is also possible. This is
useful on stage or in the studio where the equalizer must be
located near the source and the amplifiers and/or speakers,
but the control point is behind the audience or in a control
room. The 3-wire digital interface is easier to connect than
attempting to route low-level analog signal lines over long
distances between signal source and control point.
Microprocessor storage of various equalization settings is
possible. Specific settings for different instruments, diverse

program material, or perhaps multiple speaker or listening
environments can be accessed as easily as recalling a
pocket calculator memory. If a real time analyzer (RTA) is
included in the equalizer, automatic equalization is possible.
In this application pink noise is played through the amplifier/
speaker system, and a calibrated microphone feeds the re-
sultant spectrum back to the RTA. One band at a time, the
controlling microprocessor adjusts the LMC835 equalizer
for flat response. Two or three iterations are required since
the adjustments are interactive.
By using analog circuit techniques, the LMC835 is able to
achieve 0.0015% distortion, 114 dB signal to noise ratio and
20 dB headroom relative to a 1 Vrms input signal. This per-
formance is suitable for use with conventional analog audio
sources as well as digital audio formats.



A 150W IC Op Amp
Simplifies Design of
Power Circuits
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Robert J. Widlar
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Puerto Vallarta, Jalisco, Mexico

Abstract: A power op amp capable of driving ± 35V at
± 10A has been fabricated on a single silicon chip. Peak
power ratings to BOOWallow it to handle reactive loads. The
Ie incorporates internal management circuitry to insure
smooth turn on and automatic protection from a variety of
fault conditions; this includes instantaneous peak-tempera-
ture limiting within the power transistors. The op amp is de-
scribed briefly, but emphasis is placed on thepractical prob-
lems encountered in designing with power amplifiers. Nu-
merous application examples are also given.

Introduction

Advances in IC technology have produced a power amplifier
that is an order of magnitude more powerful than its prede-
cessors. Unlike other IC's, its peak dissipation rating is
many times higher than continuous, as is required for han-
dling reactive loads. Protection circuitry is also more effec-
tive. The performance of the new IC, the LM12, puts it in the
same class as discrete and hybrid amplifiers. However, it
offers far more effective control of turn on, fault and over-
load conditions in addition to the economies of monolithic
construction.

In the late 1960's, the availability of low cost IC op amps
prompted their use in rather mundane applications, replac-
ing a few discrete components. This power op amp now
promises to extend this to high-power designs. Replacing
single power transistors with an op amp may become cost-
effective because of improved performance, simplification
of attendant circuitry, vastly improved fault protection, great-
er reliability and the reduction in design time.

Some applications are given here to illustrate op amp de-
sign principles as they relate to power circuitry. Unusual de-
sign problems that have cropped up in using the LM12 in a
wide variety of situations with all sorts of fault conditions are
identified along with solutions.

the op amp

The performance of the LM12 is summarized in Table I. The
input common-mode range ex1ends to within a volt of the
positive supply and to three volts above the negative supply.
No input-polarity reversal is experienced should the input-
voltage range be exceeded, and no damage results should
the inputs be driven beyond the supplies.

The IC is compensated for unity-gain feedback, with a
small-signal bandwidth of 700 kHz. Slew rate is 9V / ,..S, even
as a follower. This translates to a 60 kHz power bandwidth
under load with a ± 3SV output swing. The op amp is stable
with or without capacitive loading; the maximum load capac-
itance depends upon loop gain. There are no spurious out-
put stage oscillations, and a series-RC snubber is not re-
quired on the output.

The IC delivers ± 10A output current at any output voltage
yet is completely protected against output overloads, includ-
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Application Note 446
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ing shorts to the supplies. Dynamic safe-area protection is
provided by peak-temperature limiting within the power tran-
sistor array. The turn-on characteristics are controlled by
keeping the output open-circuited until the total supply volt-
age reaches 1SV. The output is also opened should the
case temperature exceed 1S0"C or as the supply voltage
approaches the BVCEO of the output transistors. The IC
withstands overvoltages to 100V.

The LM12 is supplied in a steel TO-3 package with four
through leads, plus case. A gOld-eutectic die attach to a
molybdenum interface is used to avoid thermal fatigue prob-
lems with power cycling. Two voltage grades are available;
both are specified for either the military or industrial temper-
ature range.

Table I. Some typical characteristics of the LM12 for Va
= ±40V and Tc = 2S"C.

parameter
input offset voltage
input bias current
voltage gain
output voltage swing

peak output current
continuous dc dissipation

conditions
VCM = 0
VCM = 0
RL = 40
lOUT = ± l.SA

±10A

VOUT = 0
Tc = 2S"C

100"C
toN = 10 ms

1 ms
0.2ms

RL = 40
RL = 40
Av = 1
RL = 40
lOUT = 0

value
2mV

1S0 nA
SOY/mY

±38V
±3SV
±13A
90W
55W

120W
240W
600W
150W

0.01%
700 kHz
9V/,..s
60mA

power output
total harmonic distortion
bandwidth
slew rate
supply current

general advice

Power op amps are subject to many of the same problems
experienced with general-purpose op amps. Excessive input
or feedback resistance can cause a dc offset voltage on the
output because of bias-current drops, or it can combine with
stray capacitances to cause oscillations. Improper supply
bypassing and capacitive loading, alone or in combination,
can also result in oscillations. Many hours spent tracking
down incomprehensible design problems could have been
saved by monitoring the op amp output with a wide-band
oscilloscope.

With low impedance loads and current transients above
10A, the inductance and resistance of wire interconnects
can become important in a number of ways. Further, an IC
op amp rated to dissipate 90W continuously will not do so
unless it is properly mounted to an adequate heat sink.



The management and protection circuitry of the LM12 can
also affect operation. Should the total supply voltage ex-
ceed ratings or drop below 15V, the op amp shuts off com-
pletely. Case temperatures above 150"C also cause com-
plete shut down until the temperature drops to 145'C. This
may take several seconds, depending on the thermal sys-
tem. Activation of dynamic safe-area protection causes both
the main feedback loop to lose control and a reduction in
output drive current, with possible oscillations. In ac applica-
tions, the dynamic protection will cause waveform distortion.

supply bypassing
All op amps should have their supply leads bypassed with
low-inductance capacitors having short leads and located
close to the package terminals to avoid spurious oscillation
problems. Power op amps require larger bypass capacitors.
The LM12 is stable with good-quality electrolytic bypass ca-
pacitors greater than 20 ,..F. Other considerations may re-
quire larger capacitors.
The current in the supply leads is a rectified component of
the load current. If adequate bypassing is not provided, this
distorted signal can be fed back into internal circuitry. Low
distortion at high frequencies requires that the supplies be
bypassed with 470 ,..F or more, at the package terminals.

lead Inductance
With ordinary op amps, lead-inductance problems are usual-
ly restricted to supply bypassing. Power op amps are also
sensitive to inductance in the output lead, particularly with
heavy capacitive loading. Feedback to the input should be
taken directly from the output terminal, minimizing common
inductance with the load. Sensing to a remote load must be
accompanied by a high-frequency feedback path directly
from the output terminal. Lead inductance can also cause
voltage surges on the supplies. With long leads to the power
source, energy stored in the lead inductance when the out-
put is shorted can be dumped back into the supply bypass
capacitors when the short is removed. The magnitude of
this transient is reduced by increasing the size of the bypass
capacitor near the IC. With 20 ,..F local bypass, these volt-
age surges are important only if the lead length exceeds a
couple feet (> 1 ,..H lead inductance). Twisting together the
supply and ground leads minimizes the effect.

ground loops
With fast, high-current circuitry, all sorts of problems can
arise from improper grounding. In general, difficulties can be
avoided by returning all grounds separately to a common
point. Sometimes this is impractical. When compromising,
special attention should be paid to the ground returns for
the supply bypasses, load and input signal. Ground planes
also help to provide proper grounding.
Many problems unrelated to system performance can be
traced to the grounding of line-operated test equipment
used for system checkout. Hidden paths are particularly dif-
ficult to sort out when several pieces of test equipment are
used but can be minimized by using current probes or the
new isolated oscilloscope preamplifiers. Eliminating any di-
rect ground connection between the signal generator and
the oscilloscope synchronization input solves one common
problem.

output clamp diodes
When a push-pull amplifier goes into power limit while driv-
ing an inductive load, the energy stored in the inductance

can drive the output beyond the supplies. Figure 1 shows
the overload response of the LM12 driving ±36V at 40 Hz
into a 40 load in series with 24 mH to illustrate the point.
The IC has internal supply-clamp diodes, but these clamps
have a parasitic current that dissipates roughly half the
clamp current across the total supply voltage. This dissipa-
tion cannot be controlled by the internal protection circuitry
and will result in catastrophic failure if sustained. Therefore,
the use of external diodes to clamp the output to the power
supplies is strongly recommended.
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Figure 1. Output voltage and current waveforms with
dynamic safe-area protection activated on an
Inductive load. Stored energy In the Inductor
drives the output beyond the supplies.

Experience has demonstrated that hard-wire shorting the
output to the supplies can induce random failures if these
external clamp diodes are not used. Therefore, it is prudent
to use output clamp diodes even when the load is not obvi-
ously inductive. Failure is particularly violent when operating
from low-impedance supplies: the V + pin can vaporize, with
a hole being blown through the top of the can. If there are
failures, install diodes before proceeding.
Heat sinking of the clamp diodes is usually unimportant in
that they only clamp current transients. Forward drop with
15A transients is of greater concern. The clamp to the nega-
tive supply can have somewhat reduced effectiveness
should the forward drop exceed 0.8V. Mounting this diode
to the op amp heat sink improves the situation. Although the
need has not been demonstrated, including a third diode, D3
in Figure 2, will eliminate any concern about the clamp di-
odes. This diode, however, must be capable of dissipating
continuous power as determined by the negative supply cur-
rent of the op amp.

TlIH/8710-6

Figure 2. Output clamp diodes, 01 and 02, dump Induc-
tive-load current Into the supplies when op
amp goes Into power limit. A third diode, 03.
may be required If the forward drop of 02 Is
excessive.



reactive loading
The LM12 is normally stable with resistive, inductive or
smaller capacitive loads. Larger capacitive loads interact
with the open-loop output resistance (about 10) to reduce
the phase margin of the feedback loop, ultimately causing
oscillation. The critical capacitance depends upon the feed-
back applied around the amplifier; a unity-gain follower can
handle about 0.01 ",F, while more than 1 ",F does not cause
problems if the loop gain is ten. With loop gains greater than
unity, a speedup capacitor across the feedback resistor will
aid stability. In all cases, the op amp will behave predictably
only if the supplies are properly bypassed, ground loops are
controlled and high-frequency feedback is derived directly
from the output terminal, as recommended earlier.
So-called capacitive loads are not always capacitive. A
high-Q capacitor in combination with long leads can present
a series-resonant load to the op amp. In practice, this is not
usually a problem; but the situation should be kept in mind.
Large capacitive loads (including series-resonant) can be
accommodated by isolating the feedback amplifier from the
load as shown in Figure 3. The inductor gives low output
impedance at lower frequencies while providing an isolating
impedance at high frequencies. The resistor kills the Q of
series resonant circuits formed by capacitive loads. A low
inductance, carbon-composition resistor is recommended.
Optimum values of L and A depend upon the feedback gain
and expected nature of the load, but are not critical. A 4 ",H
inductor is obtained with 14 turns of number 18 wire, close
spaced, around a one-inch-diameter form.

TUH/8710-7

Figure 3. Isolating capacitive loads with an Inductor.
The non-Inductive resistor avoids resonance
problems with load capacitance by drop-
ping Q.

The LM12 can be made stable for all loads with a large
capacitor on the output, as shown in Figure 4. This compen-
sation gives the lowest possible closed-loop output imped-
ance at high frequencies and the best load-transient re-
sponse. It is appropriate for such applications as voltage
regulators.

TL/H/8710-8

Figure 4. Using a large output capacitor to stabilize for
all capacitive loads. The Impedance, Z" Is the
wire connecting the Ie output to the load-ca-
pacitor terminal.

A feedback capacitor, C" is connected directly to the output
pin of the IC. The output capacitor, C2. is connected at the
output terminal with relatively short leads. Single-point
grounding to avoid dc and ac ground loops is advised.
The impedance, 2" is the wire connecting the op amp out-
put to the load capacitor. About 3 inches of number-18 wire
(70 nH) gives good stability and 18-inches (400 nH) begins
to degrade load-transient response. The minimum load ca·
pacitance is 47 ",F, if a plastic film or solid-tantalum capaci-
tor with an equivalent series resistant (ESA) of 0.10 is used.
Electrolytic capacitors work as well, although capacitance
may have to be increased to 200 ",F to bring ESA below
0.10.
Loop stability is not the only concern when op amps are
operated with reactive loads. With time-varying signals,
power dissipation can also increase markedly. This is partic-
ularly true with the combination of capacitive loads and
high-frequency excitation.

input compensation
The LM12 is prone to low-amplitude oscillation bursts com-
ing out of saturation if the high-frequency loop gain is near
unity. The voltage follower connection is most susceptible.
This glitching can be eliminated at the expense of smail-sig-
nal bandwidth using input compensation. Input compensa-
tion can also be used in combination with LA load isolation
to improve capacitive load stability.
An example of a voltage follower with input compensation is
shown in Figure 5a. The A2C2 combination across the input
works with R, to reduce feedback at high frequencies with-
out greatly affecting response below 100 kHz. A lead capac-
itor, C" improves phase margin at the unity-gain crossover
frequency. Proper operation requires that the output imped-
ance of the circuitry driving the follower be well under 1 kO
at frequencies up to a few hundred kilohertz.
Extending input compensation to the integrator connection
is shown in Figure 5b. Both the follower and this integrator
will handle 1 ",F capacitive loading without LR output isola-
tion.

R3
5k
C2

0.221"

b) Inverter
Figure 5. Using Input compensation to reduce band·

width and Increase stability with capacitive
loads a) for a voltage follower and b) for an
Integrating Inverter.



parallel operation
Load current beyond the capability of one power amplifier
can be obtained with parallel operation as shown in Figure
6. The power op amps, A2 and A3 are wired as followers
and connected in parallel with the outputs coupled through
equalization resistors, R4 and Rs. More output buffers, with
individual equalization resistors, may be added to meet
even higher drive requirements. A standard, high-voltage op
amp is used to provide voltage gain. Overall feedback com-
pensates for the voltage dropped across the equalization
resistors.

TL/H/8710-12

Figure 6. Paralleling the outputs of two op amps. The
power amplifiers, A2 and A3' are wired as fol-
lowers and connected In parallel with the out-
puts coupled through equalization resistors.

With parallel operation there will be an increase in unloaded
supply current related to the offset voltage of A2 and A3
across the equalization resistors. In some cases, it may be
desirable to use input compensation on the followers for
increased stability. It is important that the source resistance
introduced by input compensation not increase the offset
voltage overmuch.
A method of paralleling op amps that does not require a
separate control amplifier is shown in Figure 7. The output
buffer, A2' provides load current through Rs equal to that
supplied by the main amplifier, A" through R4' Again, more
output buffers can be added.

TLIH/8710-13

Figure 7. Two power op amps can be paralleled using
this master/slave arrangement, but high fre-
quency performance suffers.

The cross-supply current between the outputs of paralleled
amplifiers can be affected by gain error as the power-band-
width limit is approached. In the first circuit, the operating-
current increase will depend upon the matching of the high-
frequency characteristics. In the second circuit, however,
the entire input error of A2 appears across R4 and Rs. The
supply current increase can cause the power limiting to be
activated as the slew limit is approached. This will not dam-
age the LM12. It can be avoided in both cases by connect-
ing A1 as an inverting amplifier and restricting bandwidth
withC1·

current drive
The circuit in Figure 8 prOVidesan output current proportion-
al to the input voltage. Current drive is sometimes preferred
for servo motors because it aids in stabilizing servo loops by
reducing phase lag caused by motor inductance. In applica-
tions requiring high output resistance, such as operational
power supplies running in the current mode, matching of the
feedback resistors to 0.01 percent or better is required. Al-
ternately, an adjustable resistor, R3' can be used for trim-
ming. Offsetting R3 from its optimum value will give de-
creasing positive or negative output resistances.
The current source input is actually differential. It can be
driven as shown, or from the bottom of R3 to obtain the
opposite output sense. Both inputs should be connected to
a low source impedance like ground or an op amp output.
Otherwise, the source resistance will imbalance the feed-
back, changing output resistance. Alternately, an input can
be driven by a known source resistance, like a voltage divid-
er, if this resistance is made part of the feedback network.

TLIH/871 0-11

Figure 8. This voltage/current converter requires ex-
cellent resistor matching or trimming to get
high output resistance. Bandwidth can be re-
duced by the inductance of R6.

The frequency characteristics of the current source can be
expressed in terms of an equivalent output-load capaci-
tance given by

C - R1 + R2 (1)
eq - 21T foR1R6

where fo is the extrapolated unity gain bandwidth of the op
amp (in this case about 2 MHz for the LM12). The equation
is only valid for ZL » R6.
This output capacitance can resonate with inductive loads
such as motors, causing some peaking. Inductive loads can
oscillate should the feedback network be imbalanced to
give sufficient negative output resistance.
Inductance of the current sense resistor, R6' can affect op-
eration. With a 0.1,n resistor, 3 JLHseries inductance will
reduce the maximum obtainable bandwidth to 5 kHz. Proper
supply bypassing and connecting R2 directly to the output
pin of the op amp are important with this circuit.

single-supply operation
Although op amps are usually operated from dual supplies,
single-supply operation is practical. The bridged amplifier in
Figure 9 supplies bi-directional current drive to a servo mo-
tor while operating from a single positive supply. One op
amp, A1' is a vOltage/current converter with a differential
input. The second is a unity-gain inverter driven from the
output of the first. It has its non-inverting input referred to
half the supply voltages so that the two outputs swing sym-
metrically about this voltage.



R2 and R3 are not required.
The output is easily converted to voltage drive by shorting
Re and connecting R7 to the output of A2' rather than At·
Although not shown, clamp diodes to V+ and ground on the
output of both amplifiers are recommended for motor loads.

TUH/8710-14

Figure 9. The output current of this bridged amplifier Is
proportional to differential Input voltage. AI·
though not shown, output clamp diodes are
recommended with a motor load.

high voltage amplifiers
Using two amplifiers in a bridge connection also doubles the
voltage swing delivered to the load. The configuration in
Figure 10 gives good results with split supplies. One op amp
is an inverting amplifier while the other is a non-inverting
amplifier with equal gain. A load connected between the
outputs sees twice the swing of either amplifier. Under-
standably, the output slew rate doubles while the full-power
bandwidth stays the same.
The current limit of two op amps cannot be expected to be
the same. Therefore, a short between the outputs of a

TL/H/B710-15

Figure 10. Bridge connection gives differential output
approaching twice the total supply voltage.
Diode bridge clamps outputs to supplies.

bridge amplifier can result in one amplifier saturating while
the output transistor of the second handles the overload at
the full supply voltage. Not all power amplifiers can take this
kind of treatment; the LM12 will.
Figure 10 shows how a bridge-rectifier module can be used
to provide output clamping for both outputs.
The LM12 can be operated in cascode with external transis-
tors to get output swings several times higher than the basic
op amp. The design in Figure 11 drives ± 90V at ± 1OA.
Significantly, the IC provides current and power limiting for
the external transistors.
The transistors and zener diodes form a simple voltage reg-
ulator that is driven at 70 percent of the output swing from
the R7/Rg divider. Thus, the total supply voltage of the IC
stays constant while the voltage to ground swings some
±60V.

The supply terminals of the LM12 swing both above and
below ground at full output. Therefore, the input terminals
must be bootstrapped to the output to keep them within the
common-mode range. The Rt-R4 bridge does this. The
bridge is unbalanced by Rs to set the gain near 30. Natural-
ly, R4 and Rs can be combined.

RIO
R9 47
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Figure 11. This amplifier can drive ±90V at ± 10A, more than twice the output swing of the
LM12. The Ie provides current and power limiting for the discrete transistors.



Bootstrapping the power supplies reduces the voltage
swing across the internal frequency compensation capaci-
tors of the LM12. The effectiveness of the capacitors is in
proportion to the output swing across them. If the voltage
swing between the output and V- terminals of the IC is one-
third the actual output swing, the slew rate and gain-band-
width product of the complete amplifier will be three times
that listed for the IC. The minimum loop gain must be in-
creased accordingly.

Distortion on the bootstrapped supplies can show up on the
output because the op amp has limited supply rejection at
high frequencies. If Rs and Rs are not low enough, these
power followers cannot track high frequency waveforms
and performance will suffer.

This circuit is more sensitive to capacitive loading than the
basic op amp because the supply terminals of the IC cannot
be bypassed directly to ground. The effects of this can be
mitigated by using an appropriate LR network in the output.

When the IC goes into power limit, current will likewise be
cut back in the external transistors. The voltage on these
external transistors is not necessarily regulated, so the dis-
crete transistors must be enough stronger than the IC tran-
sistors to handle the extra voltage. The IC can handle or·
ders of magnitude more power cycling than commercial
power transistors with soft-solder die attach. Cycling in and
out of power limit at low frequencies could be a problem and
should not be ignored.

The output swing can be increased using more-convention-
al circuitry if floating supplies are available. Figure 12 shows
a bridged amplifier that drives a ground-referred load. A dif-
ferential input is provided, but one input can be grounded
and the other driven from a low-impedance source. If the
non-inverting input is grounded, R7 and Rs can be replaced
by a single resistor. Operation is like a standard bridge, ex-
cept that it is a bit more sensitive to capacitive loading. Out-
put swing is ± 70V at ± 1OA.

TLIH/8710-16

Figure 12. Bridge amplifier with a single-ended output
uses floating supply. Either Input can be
grounded.

A final circuit in Figure 13 shows how two op amps can be
stacked to double output swing. A third op amp with a gain
of 0.5 added to the output will triple the basic swing. Any
number of op amps can be cascaded, adding to the swing,
but a floating supply is required for each.

With two stages, clamp diodes from each amplifier output to
its supply terminals are recommended. With three or more
stages, the diodes are required to avoid supply reversals.

The bandwidth is limited by R4 and C3. This isolation also
prevents load transients on the output, reflected back to the

TLIH/8710-17

Figure 13. Cascading two op amps doubles output
swing. Output may be increased by any num-
ber of stages, but a separate floating supply
Is required for each.

output of A1' from regenerating (this really shows up as ca-
pacitive load sensitivity). Like the other designs, an output
LR will help reduce sensitivity to capacitive loading.

audio amplifiers

High quality audio amplifiers are wide band, power op amps
with tight distortion specifications. The performance of the
LM12 puts it in this class.

A practical design for an audio power amplifier is shown in
Figure 14. Output-clamp diodes are mandatory because
loudspeakers are inductive loads. Output LR isolation is
also used because audio amplifiers are usually expected to
handle up to 2 J.LF load capacitance. Large, supply-bypass
capacitors located close to the IC are used so that the recti-
fied load current in the supply leads does not get back into
the amplifier, increasing high-frequency distortion. Single·
point grounding for all internal leads plus the signal source
and load is recommended to avoid ground loops that can
increase distortion.

common
ground

point/ -=
Figure 14. As an audio amplifier, the LM12 has better

distortion, transient response and saturation
recovery than most power op amps.

The total harmonic distortion measured for this circuit is
plotted in Figure 15. The increase at high frequencies is due
to crossover distortion of the c1ass-B stage. That at low fre-
quencies is caused by thermal feedback within the LM12.

The effect of thermal feedback on the response of the
LM12 is indicated in Figure 16. The offset voltage change is
plotted as a function of time after the application of an out-
put load that dissipates 50W in the source and sink transis-
tors.
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Figure 15. Total harmonic distortion of the circuit In
Figure 14 Is plotted here for both low- and
high-level outputs.
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Figure 16. The offset voltage change after the applica-
tion of a load that dissipates 50W In each
output transistor Is plotted here. This ther-
mal feedback causes Increased distortion
below 100Hz.

Unlike crossover distortion, the low-frequency distortion can
be virtually eliminated by using the lM 12 as a buffer inside
the feedback loop of a low-level op amp. However, the low-
frequency harmonic distortion, being generated thermally, is
slow and does not cause the more objectionable intermodu-
lation distortion. The latter measured 0.015 percent with
± 10V into a 40 load under the standard 60 Hz/? kHz, 4:1
test conditions.
The transient response of the circuit in Figure 14 is clean;
and saturation characteristics are glitch-free even at high
frequencies. In addition, the 9V/".s slew rate of the lM12
virtually eliminates transient intermodulation distortion.
The availability of a low-cost power amplifier that is suitable
as a high-quality audio amplifier can be expected to gener-
ate interest in using a separate amplifier to drive each
speaker. Not only does this eliminate high-level crossover
networks and attenuators, but also it prevents overloading
at low frequencies from causing intermodulation distortion
at high frequencies. With separate amplifiers, such clipping
is far less noticeable.

servo amplifiers
When making servo systems with a good power op amp,
there is a temptation to use it for frequency shaping to stabi-
lize the servo loop. Sometimes this works; other times there
are better ways; and occasionally it just doesn't fly. Usually
it's a matter of how quickly and to what accuracy the servo
must stabilize. A couple of examples should make the point.

With fast motor-driven servos, it is best to make the motor
current proportional to the servo amplifier drive. With current
drive, motor response is basically unaffected by the series
inductance of the motor windings. At higher frequencies,
current drive can give 90 degrees less phase shift in the
motor transfer function when compared to voltage drive.
Should the servo loop go through unity gain at a frequency
at which motor inductance is unimportant, the advantage of
current drive is lost.
The motor/tachometer speed control shown in Figure 17
gives an example of optimizing performance using a current
drive that is supplied by A2' connected as a voltage/current
converter. The tachometer, on the same shaft as the dc
motor, is simply a generator. It gives a dc output voltage
proportional to the speed of the motor. A summing amplifier,
At, controls its output so that the tachometer voltage equals
the input voltage, but of opposite sign.
With current drive to the motor, phase lag to the tachometer
is 90 degrees, before second order effects come in.
Compensation on At is designed to give less than 90 de-
grees phase shift over the range of frequencies where the
servo loop goes through unity gain. Should response time
be of less concern, a power op amp could be substituted for
At to drive the motor directly. lowering break frequencies of
the compensation would, of course, be necessary.
The circuit in Figure 17 could also be used as a position
servo. All that is needed is a voltage indicating the sense
and magnitude of the motor shaft displacement from a de-
sired position. This error signal is connected to the input,
and the servo works to make it zero. The tachometer is still
required to develop a phase-correcting rate signal because
the error signal lags the motor drive by 180 degrees.

R3 03
Uk 0.22}'
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Figure 17. Motor/tachometer servo gives an output
speed proportional to Input voltage. Using
current drive to motor reduces loop phase
shift due to motor Inductance.

The concept of a rate signal can be understood from a sim-
ple example. The problem is to rotate a radar antenna to
acquire a target from a large angle off point. When the mo-
tor has limited power and the antenna has mass, the quiCk-
est path into point is to run full bore toward point; pick the
correct instant to reverse at full power before getting there;
and shut down in just the right place. In a servo, the rate
signal added to the error signal is what tells it when to re-
verse in order to acquire the target without overshooting.



With a fixed target, a tachometer on the drive motor will give
the rate signal. If the target is moving across the antenna, it
does not: it produces the rate signal plus or minus the angu-
lar velocity of the target. This disrupts acquisition and gener-
ates a pointing error.
The rate signal can be obtained by differentiating the error
signal. A design that gives the required error plus rate signal
at the output is shown in Figure 18a. Neither op amp should
saturate under any condition, no matter how far off point or
how fast the error changes. If it saturates, a proper rate
signal is not developed; and acquisition will be degraded.
This can degenerate to where the servo will oscillate contin-
uously once a certain tracking error is exceeded.
Acquiring from large errors quickly and to great accuracy
requires an extremely wide dynamic range. In Figure 18a, it
is necessary to make R1 and R3 so low to keep the amplifi-
ers from saturating that chopper stabilization may be re-
quired to preserve accuracy.
In Figure 18a, R3 can be raised to any value if back-to-back
zeners are put across it. The waveform below the clamp
level will be unchanged from the case where A2 has un-
bounded output swing. Should the clamp levels be large
enough to saturate the motor drive, operation is unimpaired.
This principle is developed further in Figure 18b. It gives
identical response, except that the resistor in series with C1
breaks back the differentiator above the unity gain frequen-
cy. Off point, the voltage at the junction of R1and R2should
not get so large that the output of A1 cannot saturate A2
without the clamps conducting.

operational power supply
External current limit can be provided for an op amp as
shown in Figure 19. The positive and negative limiting cur-
rents can be set precisely and independently down to zero
with potentiometers R3 and R7. Alternately, the limit can be
programmed from a voltage supplied to R2 and R6. The
input controls the output when not in current limit. This is
just the set-up required for an operational power supply or
voltage-programmable power source.

Cl Rl 03 045}' 160 7.5V 7.5V.p
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b) compressing dynamic range

Figure 18. When electrical rate signals must be devel-
oped with large error signals well beyond
saturation of motor drive, a linear approach
a) requires wide dynamic range and great
precision. More practical design b) uses
feedback clamps to Increase effective dy-
namic range.
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Figure 19. BI-directionaillmlting currents of the power op amp, A4, are set Independently by
R3 and R7. Fast response Is ensured by clamp diodes, 01 and 02'



The power op amp, ~, is connected as an inverting amplifi-
er. Its output current is sensed across R10. This sense volt-
age is level shifted to ground by A3' a differential amplifier
that is made insensitive to the op amp output level by trim-
ming Rg.

With current below preset levels, the outputs of A1 and A2
are clamped by D1 and D2 with 01 and 02 turned off. When
the current threshold is reached, the relevant amplifier will
come out of clamp, saturate the transistor on its output and
take over control of the summing node. The clamp diodes
limit the swing on the outputs of the current-control amplifi-
ers while the transistors disconnect frequency compensa-
tion until the summing node is engaged. This ensures fast
activation of current limit. Recovery back to voltage mode is
also fast. The LM316 wideband amplifier is required for A1
through A3'

voltage regulators
An op amp can be used as a positive or negative regulator
with equal ease. Unlike most dedicated voltage regulators,
the output can both source or sink current to absorb energy
dumped back into the supply and prevent overvoltage with
certain fault conditions. Output transient response is also
improved, especially overshoots.

A particular reason for using the LM 12 as a regulator is its
exceptional high-voltage capability. This not only gives out-
put voltages to lOV, but also ensures startup under worst-
case full-load conditions.

Compared to conventional IC regulators, using an op amp
with an external reference has better accuracy: an optimum
reference can be selected and thermally isolated from the
power circuitry. Better regulation, temperature drift and long
term stability result. Remote, output-voltage sensing at the
load to further reduce errors is also practical.

A positive regulator with a O-lOV output range is shown in
Figure 20. The op amp has one input at ground and a refer-
ence current drawn from its summing junction. With this ar-
rangement, output voltage is proportional to the setting re-
sistor, R2.
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Figure 20. Positive regulator with 0-70V output range.
Output will source or sink current, and start-
up capability with higher Input voltages Is
superior to standard IC regulators.

A negative supply is used to operate the op amp within its
common-mode range, provide zero output with sink current
and power a low-voltage bandgap reference, D1. Current
drawn from this supply is under 150 mA, except when sink-
ing load current.

The output load capacitor, C2, is part of the op amp frequen-
cy compensation. This requires that C1 be connected direct-
ly at the op amp output and C2 at the load, as described
earlier. The reference noise is filtered by C1, which also
controls the start-up rate. The clamp diode, D2' resets C1
when the output is shorted and keeps the op amp input from
being driven below V-.
Dual supplies are not required to use an op amp for a regu-
lator, as can be seen from the 4V to lOV adjustable regula-
tor shown in Figure 21. This regulator also has overvoltage
protection. Should an overvoltage condition exceed the cur-
rent or power capabilities of the LM12, a comparator will
trigger a SCR, crowbarring the output.
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Figure 21. This 4V to 70V regulator operates from a sin-
gle supply. Should the op amp not be able to
control an overvoltage condition, the SCR
will crowbar the output.

The reference is a low drift zener, D1' powered from V +
through R1. The reference voltage is dropped to 4V and fed
to the non-inverting input of the op amp, A1' with zener
noise attenuated by C1. Thus, the output will be this 4V plus
a voltage that is proportional to the resistance of Rg. As
before, D2 is a clamp while C2 makes sure the IC input is ac
coupled directly to its output terminal.

With overvoltage, a comparator, A2' fires the SCR through a
buffer, 02, after about a 20 ,...S delay from C3 to eliminate
spurious transients. The comparator receives its power from
01 so that V+ can be increased above the rating of the
LM311.

Should the feedback terminal of the op amp rise more than
OAV above the regulating value for longer than 20 ,...S, the
comparator will provide the signal required to fire the SCR.
Since this can only happen if the considerable current and
energy capabilities of the LM12 are exhausted, nuisance
tripping is unlikely. The output trip threshold will be 0.4V
above nominal as long as it happens quickly enough that
the voltage across C2 does not change appreciably. For a
slow overvoltage condition, it is 10 percent above nominal.



remote sensing
With the current running at 10A, a foot of 0.1-inch-diameter
copper drops 10 mY. Obviously, sizeable voltage drops will
have to be accepted to run this kind of current over any
distance without expensive and cumbersome cables.
Remote sensing, illustrated in Figure 22, can help the situa-
tion considerably. It uses a pair of small wires, in addition to
the main power cables, to sense the voltage at the load. A
feedback amplifier can then correct for the drop in the main
cables.

TLiH/8710-24

Figure 22. Remote sensing allows the op amp to cor-
rect for dc drops In cables connecting the
load. Normally, common and one Input are
hooked together at the sending end.

The cables can cause delays in the feedback signal return-
ing from the remote sense. This delay can make the feed-
back loop unstable unless the remote signal is ignored at
higher frequencies. Thus, cable drop can be compensated
but only at a limited rate; transient response suffers most.
Heavy cables, closely spaced (or twisted) to minimize induc-
tance, give fewest problems here.
The schematic in Figure 22 shows a differential-input ampli-
fier that has dc feedback from the remotely-sensed load.
The ac feedback is directly from the op amp output and the
signal common at the sending end. There is no feedback
from the load at high frequencies. The optimum capacitance
depends upon the cable delay.
For single-ended input, the unused input terminal in the
schematic would be strapped to the common. Feedback re-
sistors should be reasonably matched to avoid second-or-
der errors and the feedback resistors should be made
enough greater than the sense line resistance to avoid gain
errors.
Sometimes provision is made to control the circuit should
the sense lines be disconnected. With a regulator, an imbal-
ance current could be put into the sense lines to bring the
regulator output to zero should one line go open. With bi-di-
rectional op amps, it is not obvious whether limiting the error
with back-to-back diodes between the power-out and
sense-in is better than having it go open loop.

power capabilities
The output transistors of the LM12 will dissipate power until
their peak junction temperature reaches 230'C (± 15'C).
When this temperature is reached, internal limiting circuitry
takes over to regulate peak temperature. How this works is
illustrated in Figure 23, which gives the peak output current
waveform with the output instantaneously shorted to
ground. Conventional current limiting holds the short-circuit
current near 13A for a few hundred microseconds, then
temperature limiting takes over as junction temperature tries
to rise above 230'C. The response time of the temperature
limiter is well under 100 /Ls.

With this type of protection, the power capabilities will de-
pend on case temperature, transistor operating voltages
and how the dissipation varies with time. Figure 24 shows
the amplitude of a power pulse required to activate power
limiting in 100 ms as a function of collector-emitter voltage
on the output transistors for two case temperatures. The
continuous dissipation limit is about 15 percent less than the
100 ms limit.
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Figure 23. Output short-cIrcuit current Is reduced when
power transistor Junction temperature
reaches 230'C and power limit takes over.
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Figure 24. The power required to activate power limit Is
less at higher voltage, but this Is not 80 pro-
nounced at higher case temperatures.

The pulse capabilities of the output transistors are shown in
Figure 25. The curves give the amplitude of a constant-pow-
er pulse required to activate power limiting in the indicated
time. With pulse widths longer than 1 ms, the pulse capabili-
ty decreases with collector voltages above 40V as indicated
in Figure 24.

Figure 25. The peak-dissipation capabilities of the pow-
er transistor are shown here. For times great-
er then 100 ms, the external heat sink will de-
termine ratings.
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a) safe area curve b) dc thermal resistance c) pulse thermal resistance
Figure 26. The worst-case power ratings of the output transistors are described by a) a safe area curve,

b) the change In dc thermal resistance with temperature and operating voltage and c) the
pulse thermal resistance.

power ratings
The guaranteed power ratings of the LM12 are based on a
peak junction temperature of 200·C rather than the 230·C
limiting temperature. Test accuracy, guard bands and unit-
to-unit variations are also taken into account. The result is
that the guaranteed ratings are about 40 percent less than
the power required to activate thermal limit.
The worst-case, safe-area curves for a peak junction tem-
perature of 200·C with a 25·C case temperature are shown
in Figure 26a. The guaranteed-maximum, dc thermal resist-
ance is given as a function of collector-emitter voltage in
Figure 26b. It can be seen from this figure that the increase
in thermal resistance with voltage is much less at higher
case temperatures. Finally, the equivalent thermal resist-
ance for power pulses is given in Figure 26c. Again, these
are worst-case numbers. The voltage dependency of ther-
mal resistance in Figure 26c is for a 25·C case temperature.
At higher case temperatures this dependency will be moder-
ated as shown in Figure 26b.

The guaranteed power ratings are not established by statis-
tical methods from sample tests. Instead, they are interpo-
lated from actual measurements of power capability into
thermal limit: these are standard production tests.
With ac loading, both power transistors share the dissipa-
tion; and the worst-case thermal resistance can drop to
1.9·C/W. However, it is necessary that the frequency be
sufficiently high that the peak ratings of neither output tran-
sistor are exceeded.

thermal derating
It is not unusual to derate the maximum junction tempera-
ture of semiconductors below the manufacturer's specified
value in worst-case design. The derating is often dictated by
unpredictable operating conditions and design uncertain-
ties. An equipment manufacturer does not want his product
failing because of some obscure stress that is not apparent
to the customer.
Company policies, equipment requirements and individual
preferences vary as to what constitutes appropriate derat-
ing. When pressure is on for the best performance at lowest
cost, a 200·C junction temperature for power semiconduc-
tors has been accepted, although this might well be influ-
enced by whether hermetic or plastic packaging is used.
Continuous operation at 200·C should also be treated differ-
ently than infrequent excursions to this temperature. None-
theless, reducing temperature is a recognized method for
increasing reliability; and ultra-reliable military and space ap-
plications have required that maximum junction tempera-
tures be under 125·C.

The protection circuitry of the LM12 brings a new dimension
to derating. Such conditions as out-of-spec line voltage or
lack of air circulation cause the equipment to stop working
temporarily; excessive stress or catastrophic failure does
not result. It should be recognized, however, that there are
certain applications where a temporary misfunction can be
the same as a permanent one, definitely recommending de-
rating.
Derating also reflects the user's faith in the ability of the
manufacturer to adequately test the parts. Dynamic safe-
area protection helps out here. Should a die-attach void or
other defect produce hot spots in the power transistor, it will
be rejected during production testing as having reduced dis-
sipation capability, rather than being passed on as a reliabili-
ty risk. This cannot be done with conventional power semi-
conductors.
No short-term failure mode has been found with modern IC
power transistors even with peak junction temperatures of
300·C. However, power cycling can cause problems. Die-at-
tach failures at 3 x 104 cycles with a lO·C temperature rise
are possible with power transistors having a soft-solder die
attach. The LM12 avoids this by using a gold-eutectic die
attach to a molybdenum spacer. Even so, metalization fail-
ures have been experienced with the LM12 at 106 cycles
from 50·C to power limit at 230·C with 200W dissipation.
Thermal derating is more applicable to the control circuitry
of the LM12. Operating the control circuitry above 150·C
can be expected to affect reliability. Fortunately, the control
circuitry is exposed to only a fraction of the temperature rise
in the power transistor. Derating may be based on a thermal
resistance of 0.9·C/W independent of operating voltage.
With ac loading, where power is being dissipated in both
power transistors, this thermal resistance drops, finally ap-
proaching 0.6·C/W.

package mounting
The ratings of the LM12 are based on the case temperature
as measured on the bottom of the TO-3 package near the
center. Proper mounting is required to minimize the thermal
resistance between this region and the heat sink.
A good thermal compound such as Wakefield type 120 or
Thermalloy Thermacote should be used when mounting the
package directly to the heat sink. Without this compound,
thermal resistance will be no better than OSC/W, and pos-
sibly much worse. With the compound, thermal resistance
will be 0.2·C/W or less, assuming under 0.005-inch com-
bined flatness run-out for the package and the heat sink.
Proper torquing of the mounting bolts is important. Four to
six inch-pounds is recommended.



Should it be necessary to isolate V- from the heat sink, an
insulating washer is required. Hard washers like beryllium
oxide, anodized aluminum and mica require the use of ther-
mal compound on both faces. Two-mil mica washers are
most common, giving about 0.4·C/W interface resistance
with the compound. Silicone-rubber washers are also avail-
able. A O.S·C/W thermal resistance is claimed without ther-
mal compound. Experience has shown that these rubber
washers deteriorate and must be replaced should the IC be
dismounted.

heat sinking

With no heat sink, the internal temperature rise of the LM12
can be as high as 160·C with ± 40V supplies and no load. A
heat sink is required. Heat sinks are commercially available,
with data on their power rating and temperature rise sup-
plied by the manufacturer. The types most suitable for dissi-
pation in the order of SOW are made from extruded alumi-
num channel equipped with multiple fins. It is important that
the heat sink have enough metal under the package to con-
duct heat from the center of the package bottom to the fins
without excessive temperature drop.

The power rating of a multi-finned heat sink is determined
largely by the surface area subject to convection cooling
and the allowable temperature rise above ambient. Heat
loss due to radiation can also be important with simple heat
sinks. However, with multiple fins radiating toward each oth-
er, the significance of the radiation term drops. Nonethe-
less, heat sinks are usually black anodized to maximize radi-
ation losses.

The surface area required for a given temperature rise and
power dissipation can be estimated with fair accuracy from
Figure 27. The area efficiency is affected by heat sink orien-
tation, length and fin spacing. The figure assumes that the
surfaces are located in a vertical plane. With the surfaces
horizontal, temperature rise is increased by perhaps 20 per-
cent. Vertical dimensions longer than 4 inches are less effi-
cient. Commercial heat sinks are normally designed so that
fin spacing is not so close as to affect the results of the
figure.
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Figure 27. A heat sink Is required to cool the Ie pack-
age. This curve gives the rise in case tem-
perature as a function of heat-sink fin area
with convection cooling.

It is not possible to specify an unqualified thermal resistance
for a convection or radiation cooled heat sink. Both mecha-
nisms will give a lower thermal resistance with increasing
temperature rise, while heat losses to radiation also in-
crease with absolute temperature. Since radiation losses

are not dominant with multi-finned heat sinks, power dissi-
pation and temperature rise should characterize perform-
ance. Heat sink size can be drastically reduced by forced air
cooling, should it be available.

determining dissipation

It is a simple matter to establish the power that an op amp
must dissipate when driving a resistive load at frequencies
well below 10Hz. Maximum dissipation occurs when the
output is at one-half the supply voltage with high-line condi-
tions. The individual output transistors must be able to han-
dle this power continuously at the maximum expected case
temperature.

If there is ripple on the supply bus, it is valid to use the
average value in worst-case calculations as long as the
peak rating of the power transistor is not exceeded at the
ripple peak. With 120 Hz ripple, the peak rating is 1.5 times
the continuous power rating.

Dissipation requirements are not so easily established with
time-varying output signals, especially with reactive loads.
Both peak- and continuous-dissipation ratings must be tak-
en into account, and these depend on the signal waveform
as well as load characteristics.

With a sine wave output, analysis is fairly straightforward.
With supply voltages of ±Vs, the maximum average power
dissipation of both output transistors is

2VS2
PMAX = ---- 0 < 40·; (2)

1T2ZL cos 0'

PMAX = VS2 [~ - COSO], 0:<: 40·, (3)
2ZL 1T

where ZL is the magnitude of the load impedance and 0 its
phase angle. Maximum average dissipation occurs for a
peak output swing, Ep, given by

2Vs 2Vs
Ep = --- cosO> -' (4)

1T cos 0 ' 1TVp ,

Ep=Vp, COso,;;
2

Vs;
1TVp

where Vp is the maximum available output swing.

The instantaneous power dissipation is

Ep
P = ZL cos wt [VS - Ep cos (wt + Oll.

1
For Ep = Vs, the power peak occurs for wt =:3 (1T - 0).

With practical amplifiers Ep < Vs, and a numerical solution
is required.

The instantaneous power dissipation over the conducting
half cycle of one output transistor is shown in Figure 28.
Power dissipation is near zero on the other half cycle. The
output level is that resulting in maximum peak and average
dissipation. Plots are given for a resistive and a series R-L
load. The latter is representative of a 40. loudspeaker oper-
ating below resonance and would be the worst-case condi-
tion in most audio applications. The peak dissipation of each
transistor is about four times average. In ac applications,
power capability is often limited by the peak ratings of the
power transistor.
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Figure 28. Instantaneous power dissipation of one out-
put transistor over Its conducting half cycle
with a resistive and an inductive load.

The pulse thermal resistance of the LM12 is specified for
constant power-pulse duration. Establishing an exact equiv-
alency between constant-power pulses and those encoun-
tered in practice is not easy. However, for sine waves, rea-
sonable estimates can be made at any frequency by assum-
ing a constant power pulse amplitude given by:

VS2
PpK '" 2ZL [1 - cos (4) - ell. (7)

where 4> = 60' and e is the absolute value of the phase
angle of ZL. Equivalent pulse width is toN '" 0.4T for e = 0
and toN '" 0.2T for e > 20', where T is the period of the
output waveform.
With the LM12, the peak junction-temperature rise for any
given waveform can actually be measured. This is done by
raising case temperature until power limiting is activated.
Temperature rise is then computed from the measured case
temperature based on a power-limit temperature of 230·C.
Alternately, the power-limit temperature may be determined
directly by measuring the de dissipation at a collector-emit-
ter voltage of 20V required to activate power limit. If this is
done over a range of case temperatures, the results can be
plotted and extrapolated to the power-limit temperature.
This procedure was used to give the peak temperature rise
as a function of frequency for an op amp driving a resistive
load under conditions of worst-case dissipation. The results
are plotted in Figure 29.
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Figure 29. Peak junction-temperature rise as a function
of frequency with an op amp driving a resis-
tive load under conditions of worst-case dis-
sipation.

amplitude at frequencies where motor inductance is signifi-
cant can be so small that motor inductance does not have
to be taken into account. If this is the case, the motor can
be treated as a simple, resistive load as long as the rotor
speed is low enough that the back emf is small by compari-
son to the supply voltage of the driver transistor.
A permanent-magnet motor can build up a back emf that is
equal to the output swing of the op amp driving it. Reversing
this motor from full speed requires the output drive transis-
tor to operate, initially, along a loadline based upon the mo-
tor resistance and total supply voltage. Worst case, this
loadline will have to be within the continuous dissipation
rating of the drive transistor; but system dynamics may per-
mit taking advantage of the higher pulse ratings. Motor in-
ductance can cause added stress if system response is
fast.
Shunt-and series-wound motors can generate back emfs
that are considerably more than the total supply voltage,
resulting in even higher peak dissipation than a permanent-
magnet motor having the same locked-rotor resistance.

voltage regulator dissipation
The pass transistor dissipation of a voltage regulator is easi-
ly determined in the operating mode. Maximum continuous
dissipation occurs with high line voltage and maximum load
current. As discussed earlier, ripple voltage can be aver-
aged if peak ratings are not exceeded; however, a higher
average voltage will be required to ensure that the pass
transistor does not saturate at the ripple minimum.
Conditions during start-up can be more complex. If the input
voltage increases slowly such that the regulator does not go
into current limit charging output capacitance, there are no
problems. If not, load capacitance and load characteristics
must be taken into account. This is also the case if automat-
ic restart is required in recovering from overloads.
Automatic restart or start-up with fast-rising input voltages
cannot be guaranteed unless the continuous dissipation rat-
ing of the pass transistor is adequate to supply the load
current continuously at all voltages below the regulated out-
put voltage. In this regard, the LM12 performs much better
than IC regulators using foldback current limit, especially
with high-line input voltages above 20V.

power supplies
Power op amps do not require regulated supplies. However,
the worst-case output power is determined by the low-line
supply voltage in the ripple trough. The worst-case power
dissipation is established by the average supply voltage with
high-line conditions. The loss in power output that can be
guaranteed is the square of the ratio of these two voltages.
Relatively simple off-line switching power supplies can pro-
vide voltage conversion, line isolation and 5-percent regula-
tion while reducing size and weight. The regulation against
ripple and line variations may provide a substantial increase
in the power output that can be guaranteed under worst-
case conditions. In addition, switching power supplies can
convert low-voltage power sources such as automotive bat-
teries up to regulated, dual, high-voltage supplies optimized
for powering power op amps.



checking thermal design
Thermal design margins can be established by determining
how far the part can be pushed beyond nominal worst-case
before power limiting is activated. This extra stress can be
applied by increasing case temperature, supply voltage or
output loading.

Raising case temperature with worst-case electrical condi-
tions has the advantage of giving results that are easily in-
terpreted in terms of thermal design margins. If the case
temperature, as measured at the center of the package bot-
tom, must be raised 50·C above the maximum design value
to activate power limiting, the worst-case, peak-junction
temperature is 180·C, or 50·C below the power-limit temper-
ature.

With this technique, it is important that the case temperature
be kept below 140·C. At 150·C, the case-temperature limit
activates, shutting the IC down completely.

conclusions
A new concept for power limiting and advances in IC design
have been combined to produce a monolithic, high-power

op amp that challenges the best hybrid and discrete de-
signs. Impressive power ratings are obtained along with bet-
ter control of fault conditions. The part is easy to use, quite
tolerant of abuse and has few disagreeable characteristics.

Design problems peculiar to power op amps have been dis-
cussed. They present no serious difficulty if kept in mind.
Methods of increasing output capabilities beyond those of
the basic part were also shown to demonstrate its flexibility.
A number of conventional applications for power op amps
were detailed along with others that would not normally use
an op amp. It is expected that this power IC will recommend
itself for a wide range of currently obscure, general-purpose
applications.

One of the more onerous tasks with power devices is estab-
lishing that a design operates components within ratings.
Guidelines were given for determining continuous and tran-
sient dissipation. In addition, the basic problems of providing
adequate heat sinking were outlined. Dynamic safe-area
protection is of particular help here in that design margins
can actually be measured, rather than inferred from pub-
lished data.
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Switches

To use integrated circuits in real applications, designers
must know the limitations of the devices. The majority of the
limitations are published in the datasheets, and these fall
into two categories: Absolute Maximums-which, if violated,
can cause damage or destruction of the device; and Electri-
cal Characteristics-which indicate the performance limita-
tions. Unfortunately, these specifications don't explain the
consequences of a violation, nor what may happen between
the violation of an Electrical Characteristic limit and an Abs.
Max. limit. This information is needed so the designer can
design an appropriate protection scheme.

This article will focus on National Semiconductor Corp.
BI-FET op amps: how to improve their reliability and per-
formance. In most cases, the results are similar for bipolar
op amps also.

THE BI-FET FAMILIES

Our BI-FET op amps are divided into four families: LF411,
LF441 , LF356. and LF400. The LF411 family consists of
LF411, LF351 , and TL081 (all singles); LF412, LF353, and
TL082 (duals); and LF347 (quad). This is a good general
purpose set of op amps that all have the same internal de-
sign, differing only by grade.

The LF441 family consists of the LF441 (single), LF442
(dual), and LF444 (quad). This family gives nearly the same
DC performance as the LF411 's for 1/12th the supply cur-
rent. However, because they are low-power devices, they
are also proportionally slower than the 411 'so

The LF356 family includes the LF355, LF356. and LF357 (in
the commercial temperature range). The 355 is the lOW-Ice
part, and the 357 is the wide-bandwidth part. All of the fami-
ly have good DC specs and can drive a lot of capacitance
(to .01 ,...F, typically). They are also among our faster op
amps, having slew rates which vary from 5V /,...s (for the
355) to 50V /,...s (for the 357).

The LF400 and LF401 are fast-settling amplifiers whose in-
put stages closely resembles the LF356's, and so require
similar input protection. However, their output stages are
more delicate than the 356's in that they cannot drive much
capacitive load (on the order of 50 pF).

The operating restrictions for these families are nearly all
the same, as are the methods of protection. In some cases
(as will be pointed out) certain families are better at surviv-
ing the abuses than others. In addition, the BI-FET switches
(LF13508, LF13509, and the LF13333 family) require similar
protection schemes.

EXCEEDING COMMON-MODE INPUT VOLTAGE RANGE
Our BI-FET Applications Hints describe the consequences
of exceeding the common-mode limits while remaining in-
side the supply voltages: "Exceeding the negative common-
mode limit on either input will cause a reversal of the phase
to the output and force the amplifier output to the corre-
sponding high or low state. Exceeding the negative com-
mon-mode limit on both inputs will force the amplifier output
to a high state. In neither case does a latch occur since

raising the input back within the common-mode range again
puts the input stage and thus the amplifier in a normal oper-
ating mode.

"Exceeding the positive common-mode limit on a single in-
put will not change the phase of the output; however, if both
inputs exceed the limit, the output of the amplifier will be
forced to a high state.

"The amplifiers will operate with a common-mode input volt-
age equal to the positive supply; however, the gain band-
width and slew rate may be decreased in this condition.
When the input common-mode voltage swings to within 3V
of the negative supply, an increase in input offset voltage
may occur."

In the first case, when the + input goes below the negative
common-mode limit, a diode formed by the p-type FET
channel and the n-type gate begins to conduct. This steals
current from the input stage's current source, depriving the
+ input FET of a lot of its Ids current. This gives the effect
of a large differential input of the opposite polarity (Le. an
"increase in input offset voltage"), and causes the output to
head to the positive rail (i.e. changes phase).

If the - input, or both inputs, goes below the negative com-
mon-mode limit. the input voltage to the second gain stage
gets so low the second stage turns off. However, its current
source is still running, so the current gets shunted to the
output stage and forces it high.

In the second case, if both inputs rise too high, the input
stage current source becomes shut off. The second stage
input is again forced low and the output stage is forced high.

INPUTS EXCEEDING SUPPLY RAILS
If either input is pulled above V + , nothing happens until the
difference between the input and V + gets near the break-
down VOltage, typically 50V. At this point, the FET's gate-
source junction avalanches and will draw all the current it
can. Limiting this input current to something less than 3 mA
helps prevent damage. The best protection (in addition to
limiting the input current) is a diode clamp from each input to
V +. If transients are expected, use a fast-recovery diode,
such as a IN4148. For low-leakage (but less speed), the CoB
junction of a good transistor (Le. 2N3904) is recommended.

Failure to clamp the voltage or limit the current adequately
may not destroy the part, but the offset voltage and bias
current will be permanently degraded.

If either input is pulled more than a few tenths of a Volt
below V - (even if this pin is floating), a lightly-doped para-
sitic substrate transistor turns on. This transistor's collector
current cannot be controlled externally, so allOWing it to turn
on can cause metal migration and destruction of the input
stage (or at least a major unbalancing). In the newer LF411,
LF441 and LF400 families, this transistor has been con-
trolled by the addition of a diode from base to emitter which
kills the gain of the transistor and keeps its current low.
However, the older parts and members of the LF356 family
are still susceptible, so it is best to protect all the BI-FETs



from this potential abuse by using the clamp diodes (see
Figure 1 below).
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FIGURE 1. Clamping Inputs of Op Amp
Since this parasitic transistor turns on easily, the best way to
keep it turned off is to use a Schottky diode, its on-voltage
being less than that required to turn on the transistor. For
lower leakage, a short-base switching diode (such as the
Fairchild FD200 series) may be used. Its forward drop will
be larger at low currents, but will stay constant for a wide
current range, as opposed to the relatively leaky Schottky
diodes.

POWER SUPPLY SEQUENCING
Adding the clamp diodes shown in Figure 1 not only pro-
tects the inputs from transients when the circuit is operating,
but protects them as power is being applied to the circuit.
Because the parasitic transistor appears when the input
voltage is less than the negative supply, applying the posi-
tive supply or input voltage before the negative supply is
applied can cause this problem. For this reason, it is always
recommended that the negative supply be turned on first, if
the supplies can be turned on independently. This is espe-
cially important for protection of the BI-FET switches.
Also, even if the input stage is well protected with clamp
diodes and current limiting, the inputs should not be allowed
to be heavily unbalanced (for example, one input at ground
and the other at the rail) for extended periods of time (for
example, many hours). The long-term effects of an unbal-
anced differential pair are increased offset voltage and off-
set current.

SUPPLY VOLTAGES OUT OF RECOMMENDED RANGE
Attempting to run a BI-FET on supply voltages less than the
recommended total of 10V will narrow the common-mode
input and output ranges, and slow the part down. In the
LF411 family, at supply voltages less than lV, an internal
biasing zener turns off and the entire part quits working.
With the LF441 family, a supply voltage of less than 6V is
not enough to support the internal current source biasing,
so eventually these also turn off. And the LF356 family
needs all of the 10V to stay in operation.
Running the BI-FETs on supply voltages greater than the
Abs. Max limit generally does no harm until the parasitic
diode from V+ to the substrate breaks down (in LVceo)or
the input gate-source junction breaks down (BVgso). limit-
ing the supply current to something less than 10 mA im-
proves the chances of the op amp's survival. These break-
downs typically occur at about 50V, but the devices are only
tested up to 36V or 40V, depending on the device. In addi-
tion, power dissipation must be considered when the supply
voltage is large.

OPERATING TEMPERATURE OUT OF ABSMAX RANGE
BI-FETs generally operate well when the ambient tempera-
ture is cold. The bias current becomes minimal, the input
noise often decreases, and the bandwidth increases. How-
ever, if the device is in a marginally stable design, it may
oscillate as its phase margin will also decrease.
Conversely, running the BI-FETs at temperatures greater
than 100'C brings the bias current into the nanoamp range,
and drops the gain-bandwidth product by 20% or more
(compared to 25'C performance). Most op amps quit work-
ing between 180'C and 250'C due to excessive leakage
currents or internal thermal shutdown mechanisms, and the
BI-FETs are no exception. The maximum guaranteed junc-
tion (die) temperature of our ICs is 150'C, and some lower-
grade parts and those in plastic DIP packages are guaran-
teed to as low as 100·C.
The type of package used affects the maximum ambient
temperature allowed, since the junction temperature must
remain in the "legal" range and the different packages have
different heat-sinking properties. The metal can packages
have the lowest thermal resistance, and have the additional
advantage that heat-sink fins are easy to find and attach to
the package (when needed).

DRIVING CAPACITANCE
Both the LF411 and LF441 families have a lot of trouble
driving more than about 200 pF without oscillating. And be-
ing built for precision settling rather than power, the LF400
and LF401 can barely drive more than 50 pF. Standard
techniques to get around this problem are to add a small
resistor (about 500) in series with the output (see Figure 2)
or to use one of the LF356 family (the 356 itself being the
most popular for this purpose). An explanation of why the
356 output stage is so unusually strong is provided in the
second reference listed.
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FIGURE 2. Isolating a Capacitive Load
When extra output filtering is desired, a series RC damper
will often be more effective than just a large filter capacitor.

POWER SUPPLY BYPASSING
Another potential cause of oscillation is inadequate power
supply bypassing.
In addition to the familiar problem of noise added through
the supply inputs (due to poor high-frequency rejection), the
inductance of the power supply leads degrades the effec-
tiveness of the op amp's internal compensation, which in-
vites oscillation.
The BI-FETs need the supply bypassing most on their V-
terminals, as do many of the bipOlar-inputamplifiers. Good
bypassing techniques include (1) putting the bypass capaci-
tors right next to the IC, and (2) using an appropriate type
and size of capacitor. Ceramic types are often used be-
cause of their small size and low cost, but their effective-



ness is limited to about 1 MHz. Typical values used are
between 0.01 p.F and 0.47 p.F.

Tantalum capacitors are often used for high-frequency by-
passing. However, their lead inductance can sometimes ag-
gravate the situation instead of correcting it. Adding a small
(0.01 p.F) ceramic disc capacitor in parallel with the tanta-
lum improves the overall performance. Typical values used
for tantalum bypass capacitors range from 2.2 p.F to 10 p.F.

Mylar capacitors are also used for bypassing, but the mono-
lithic ceramics have better high frequency performance and
cost less.

Where the supply voltages have poor load regulation, elec-
trolytic capacitors (typically 10 p.F to 47 p.F) can provide
additional filtering.

DEALING WITH THE OFFSET VOLTAGE
If the offset voltage of a BI-FET op amp is first measured in
a test circuit, and then again after the device is installed in
the final circuit, a change in Vos will often be detected. This
is due to a difference in stress put on the die when the
device (packaged or not) is installed in the two circuits. Be-
cause the input JFETs are largely surface devices, any
stress on them changes their characteristics noticeably.
This, then, changes the Vos of the input stage. This problem
is more apparent with the larger devices and packages, I.e.
when there is more surface to be stressed. Thus, the most
sensitive would be a large quad in a 14-pin DIP; the least, a
small single op amp in a metal can (TO-5) package.

To improve the accuracy of the BI-FET op amps, the offset
voltage should be nulled after the devices are in their final
circuits. The BI-FET offset voltage has an associated drift of
between 2 p'vrc and 10 p'vrc (depending on the device)
for every millivolt of offset at room temperature. The Vos null

schemes will affect the offset drift; it is equally likely that the
drift will increase rather than decrease, because the sourc-
es of BI-FET Vos are complex.

The easiest Vos cancelling technique is the trim scheme
provided in the op amp's datasheet. The LF411 and LF441
require a 10k potentiometer between the trim pins (1 and 5),
with the wiper to V -. The LF356 family requires a 25k pot
with the wiper to V +. A larger pot would extend the trim
range, but this is not necessary since the specified resist-
ance is sufficient to correct even the worst case Vos.

Dual and quad op amps have no trim pins, so they are used
most often when small offsets can be tolerated. An external
bias voltage can be added at the input to cancel the Vos at a
given ambient temperature (TA). Typical trim schemes are
given in Applications Note AN-3.

In general, the reasons for the Abs. Max. ratings and recom-
mendations are a combination of convention and necessity.
Exceeding the ratings and recommendations does not al-
ways mean death of the op amp, but the reliability and per-
formance of the amplifier are kept at their highest when the
part is used properly and protected from excesses.
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Circuit design making use of monolithic multivibrators and
timers can be most easily and quickly done making use of a
simple CAD (computer aided design) program. Fortunately,
only 2 basic multivibrator types and 1 timer design type ex-
ist, reducing the program requirements to 3 sets of algo-
rithms.
Figure 1 provides a view of the basic multivibrator and the
toN (pulse width) determining resistor and capacitor (R1 and
C). the Advanced Bipolar Logic Databook by National Semi-
conductor Corporation should be consulted for the specific
device pinout and functions.
Figure 2 is a block diagram showing the basic timer and the
toN (pulse width) determining resistor and capacitor (R1 and
C) along with the toFF determining resistor R2 (required if
astable operation is required). The Linear Databook by Na-
tional Semiconductor should be consulted for the specific
device pinout and additional device functions.

TL/H/5248-1

Multivibrators accommodated by this program are shown in lines 130
through 200 of the listing.
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This program is in "transportable" BASIC. No INPUT
prompts for strings or ELSE statements are used. All IF
statements, if true, result in a GOTO. Variable and array
names are unique and are limited to 2 characters in length.
This program consists of multiple statement lines, which
must be dissected for some unexpanded microcomputers.
Some microcomputers may require that the DATA state-
ments on lines 850 and 860 be implemented as strings, and
the READ statement on line 250 be replaced with the string
handling routine.
This program can be obtained on cassette tape from Strate-
gic Software Services, P.O. Box 7693, San Jose, CA for the
Commodore VIC-20 and 64, Timex TS1000/Sinciair ZX81,
A1ari400/800, TI-99/4A, and Exidy Sorcerer "home" com-
puters.

The timers accommodated by this
program are shown on lines 210 and
220 of the listing.

"JC
100 For 1=0 to 10:PRINT:NEXT
110 PRINT"MULTIV by Bob Nelson - 2/1/83":PRINT:PRINT
120 PRINT"The following multivibrators are available for design:":Print
130 PRINT"DM54/74121 One Shots 0"
140 PRINT"DM54174LS122 Retriggerable One Shots with Clear 1"
150 PRINT"DM54174123 Dual Retriggerable One Shots with Clear 2"
160 PRINT"DM54/74L 123 Dual Retriggerable One Shots with Clear 3"
170 PRINT"DM54/74LS123 Dual Retriggerable One Shots with Clear 4"
180 PRINT"DM54174LS221 Dual One Shots with SChmitt-TriggerInputs 5"
190 PRINT"DM86/9601 Retriggerable One Shots 6"
200 PRINT"DM86/9602 Dual Retriggerable, Resettable One Shots 7"
210 PRINT"LM555/555C Timer 8"
220 PRINT"LM556/556C Dual Timer 9"
230 PRINT:INPUT"Enter number representing choice ",N:PRINT
2401FN>9THEN100
250 FOR 1=0 TO N:READ K:READ RN:READ RX:NEXT:IF K< > .693 THEN 270
260 PRINT"Astable or Monostable (AlM)";:INPUT M$
270 INPUT"Ton in nanoSeconds";T1:IF M$< >"A" THEN 300
280 INPUT"Toff in nanoSeconds";T2:IF 2·T2 = <T1 THEN 300
290 PRINT"Toff cannot exceed 50% of Ton":PRINT:GOTO 270
300 INPUT"R1 in Kohms";R1:GOSUB 740:IF M$<>"A" THEN 320
310 INPUT"R2 in Kohms";R2
320 IF T1> 0 AND R1> 0 THEN 340



330 INPUT"C in picoFarads";C

340 IF K = .693 THEN 530

350 IF T1 >0 AND R1 >0 THEN 490

360 IF T1 >0 AND C>O THEN 450

370 IF R1 >0 AND C>O THEN 410

380 IF R1 >0 THEN 400

390 R1 = RN:GOSUB 730:GOTO 350

400 GOSUB 71 O:GOTO 690

410 IF K=O THEN 430

420 T1 = K·C·(R1 + .7):GOTO 440

430 T1 =.7*C·R1

440 GOSUB 720:GOTO 690

450IFK=OTHEN470

460 R1=T1/(K·C-.7):GOT0480

470 R1 =T1/(.7*C)

480 GOSUB 730:GOTO 690

490 IF K=O THEN 510

500 C=T1/(K·(R1+.7»:GOT0520

510 O=T1/(.7*R1)

520 GOSUB 790:GOTO 690

530 IF T1 = 0 THEN 570

540 IF T2>0 AND R1 >0 AND R2>0 THEN 680

550 IF R1 >0 ANDT2=0 AND R2=OTHEN 680

560 IFC>OTHEN650

570 IF R1 = 0 THEN 600

580 IF C>O THEN 620

590 IF R1 >0 THEN 610

600 R1 = RN:GOSUB 730:GOTO 530

610 GOSUB 710

620 T1 = K·(R1 +2·R2)·C:T2= K·R2·C:GOSUB 720:IF M$< >"A" THEN 640

630 PRINT"Toff =";T2;"nS"

640 GOT0690

650 R2=T2/(K·C):R1 = (T1/(K·C»-2·R2:GOSUB 730:IF M$< >"A" THEN 670

660 PRINT"R2 = ";R2;"Kohms"

670 GOT0690

680 C= (T1 + T2)/(K·(R1 + 2·R2»:GOSUB 790

690 PRINT:PRINT"Try same part again(Y IN)";:INPUT A$:IF A$ < > "N" THEN 270

700 END
710 PRINT •.····INSUFFICIENT DATA···· ••: RETURN

720 PRINT"Ton =";T1;"nS":RETURN

730 PRINT"R1 =";R1;"Kohms"

740 IF R1 > = RN THEN 760

750 PRINT •••••• ??STABILITY - R1 <";RN;"Kohms ••••••

760 IF R1 = <RX THEN 780

770 PRINT •••••• ??ACCURACY - R1 >";RX;"Kohms •••••.

780 RETURN

790 PRINT"C = ";C;"pF"

800 IF C>O THEN GOTO 820

810 GOSUB 710:GOTO 840

820 IF C> 1000 THEN 840

830 PRINT •••••• ??ACCURACY - C < 1000 P1 •••••.

840 RETURN

850 DATA 0, 1.4, 40, .45, 5, 260, .32, 5, 50, .33, 5, 400, .45, 5, 260

860 DATA .45,1.4,100, .31, 5, 50, .32, 5, 50, .693, .3, 10000, .693 .. 3, 10000



Fluid Level Control
Systems Utilizing
the LM1830

Abstrsct. The LM1830 fluid level detector is a device in-
tended to signal the presence or absence of aqueous solu-
tions. This application brief shows how to implement HIGH/
LOW limit control applications utilizing this device.

Many opportunities exist for a device that can reliably con-
trol the operation of pumps or solenoid actuated valves in
fluid level control applications. Applications include sump
pumps, bilge pumps, washing machines, humidifiers, plating
baths, continuous replenishment photographic processors,
coffee makers, municipal water and waste treatment plants,
cooling towers, refrigeration equipment and others.
Classically, these needs have been met by various mechan-
ical arrangements such as float valves or diaphragm actuat-
ed switches. These devices are bulky, inaccurate and, be-
cause they contain moving parts, unreliabl~ften with di-
sastrous results when they fail. They are easily disabled by
debris or environmental problems such as ice. They can be
expensive when used to control the level of corrosive fluids
such as plating baths or detergents, or when used to control
large differences in depth such as in municipal water tow-
ers. Mechanical control devices are prone to false actuation
in vehicular applications (such as bilge pump controls) due
to their own inertia. In many applications such as coffee
makers, they are too bulky to fit within the confines of the
package. By utilizing electronic means based on the
LM1830, problems inherent in mechanical solutions are
overcome and a reliable, cost effective approach to fluid
level control is made possible.
The LM1830 is a monolithic bipolar integrated circuit de-
signed to detect the presence or absence of aqueous fluids.
An AC signal generated on-chip is passed through two
probes within the fluid. A detector determines the presence
of the fluid by using the probes in a voltage divider circuit
and measuring the signal level across the probes. An AC
signal is used to prevent plating or dissolving of the probes
as occurs when a DC signal is used. A pin is available for
connecting an external resistance in cases where the fluid
impedance is not compatible with the internal 13 kO divider
resistance.
The addition of a CD4016 quad CMOS analog switch (Fig-
ure 1) allows the LM1830 to be used for HIGH/LOW limit
control applications. The switch sections are opened and
closed by a control signal, where a HIGH level turns the
switch ON and a LOW level turns the switch OFF. Ground-
ing the input of one switch section and pulling its output up
with a resistor creates an inverter. Probes are connected to
the inputs of two of the remaining analog switches. Their
outputs are connected to pin 10 of the LM1830
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which is the detector input. The remaining section of the
CD4016 is used to buffer the open collector output of the
LM1830. All of the control inputs of the quad analog switch
are tied to this output. The last switch section controls the
base of a transistor which in turn drives a relay or solenoid
actuated valve.
The start and stop probes are set at their appropriate levels
in the fluid container, and the ground return is connected to
a third probe located at a depth greater than the start and
stop probes. If the container is conductive, it may be used
as the ground return. Let's assume we have a situation
where we wish to empty the container when fluid reaches a
predetermined level [sump or bilge pump, Figure 1(a)). With
no fluid covering either of the probes, pin 12 of the LM1830
switches LOW. This disables the relay and enables the ana-
log switch connected to the start probe. Fluid eventually fills
the container, covering the start probe. When this occurs,
the output of the LM1830 switches HIGH and the pump
relay is enabled, thereby draining the container. At the same
time, the analog switch used as an inverter enables the ana-
log switch connected to the stop probe and disables the
start probe. Draining continues until the stop probe is above
the level of fluid in the container. Then the output of the
LM1830 switches LOW, disabling the relay (halting the drain
operation) and switching the start probe back to its active
state.
By reversing the labeling on the probes, as well as reversing
the polarity of the relay drive, a container "fill" control is
implemented such as would be used in a water tower. Nec-
essary circuit changes are shown in Figure 1(b).

A pump control for a waste water holding tank in a photo-
graphic darkroom has been implemented with this circuitry.
This replaced a float actuated system which failed consis-
tently due to the corrosive nature of the chemicals used in
photographic processing. With one year of continuous serv-
ice, no failures have occurred in this system. Furthermore,
there is no evidence of plating on the sense electrodes, in
spite of the fact that the waste water is loaded with silver
ions. A plastic holding tank is used, with stainless steel bolts
inserted through holes drilled in the tank as sense probes
(Figure 2). A solid-state relay controls a % HP pump motor
to empty the tank.
Obviously, careful selection of probe materials must be
made to maximize reliability with this system. Excellent
sources of information on materials in corrosive environ-
ments are available in publications such as Omega's Tem-
pera1ure Measurement Handbook, or Eastman Kodak's
Darkroom Design Manual.
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High-Efficiency Regulator
has Low Drop-Out Voltage

Conventional regulators have a high drop-out voltage that is
a function of the total output current. However, with just a
regulator chip, an external transistor and a few passive
components, this design forms a high output current regula-
tor with a limited input voltage and high efficiency. The cir-
cuit presented has a drop-out of 0.7V at 5A load current and
1.3V at a current level of as high as 10A.

The circuit output voltage equals that of PNP regulator U1
and may be expressed as VOUT = VREF (R1 + R2)/R1
where VREF equals U1's reference voltage of 1.2V. To com-
pensate for bias-current errors and to keep the extra quies-
cent current that is induced by this resistor network to a few
JloA, resistor R1 is set at 28 kn. Thus for a 5V regulated
output voltage, R2 is set at 88.7 kn. In addition, the output
voltage can be adjusted between 3V and 24V by varying R2.

The circuit can handle a great deal of current because of
external PNP transistor 01. At high current levels, the cir-
cuit's drop-out voltage is a function of the saturation voltage
of the PNP device. As a result, 01 must have low saturation
levels for VCE and VSE along with a high beta. In addition,
the maximum output current is equal to the maximum output
sink of regulator U1 multiplied by the maximum beta of 01.
A germanium transistor, such as a 2N4277 for the external
pass element, satisfies the above requirements. For the
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components shown, the circuit gives excellent regulation at
VIN = 5.7V up to 5A in load current, giving a drop-out of
only 0.7V.

U1 is biased to a minimum of 30 mA by a resistor R3, which
also functions as a bleeding resistor for 01. The on-off pin
of U1 permits extra remote on-off control and current-limit-
ing functions for the circuit. Pulling this pin to ground en-
ables the circuit, whereas keeping it open disables the cir-
cuit and leaves the regulator in the standby mode. The ratio
R5:R6 limits the maximum output current. When the load
current exceeds this maximum, the output voltage begins to
fall and the voltage across R6 decreases. This low voltage
cuts off transistor 02, thereby disabling the circuit output.
As a result, transistor 01 and the load are protected from
overdrive and damage.

EFFICIENCY
Using National Semiconductor's regulator LM2931 CT, ex-
ternal transistors 01 and 02, and a few passive compo-
nents, this circuit forms a high-current regulator having a low
drop-out. For the components shown in the figure, the regu-
lator has a drop-out of 0.7V at 5A load current and 1.3V at a
level as high as 10A. The on-off pin of regulator U1 provides
remote control, while transistor 02 limits the maximum out-
put current.

C3
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PNP Voltage Regulator

What happens when the need arises for a regulator voltage
that isn't matched by your stock of fixed voltage IIC regula-
tors? For the standard NPN pass transistor regulators
(LM340 for example) the answer may be as simple as add-
ing a resistor (R1) in the ground pin (Figure 1). The new
output voltage (Vo) will then be:

Vo = VREG+ 10 x R1 (1)
where: VREGis the original regulator output voltage,

10 is the regulator's quiescent current.
But if the need is also for a low drop across the regulator,
then a PNP pass regulator is required. Simply adding a re-
sistor in the ground pin doesn't work, since the regulator
internal current varies too much because of increased base
drive to compensate for lower PNP beta. However, if a ze-
ner is used instead of a resistor, the higher voltages can be
accommodated (Figure 2). The new output voltage (Vo) is:

Vo = VREG+ Vz (2)
where Vz is the zener voltage.
As VREGis constant, the output voltage regulation will de-
pend largely on the zener voltage (Vz) and its dynamic im-
pedance.
The zener voltage will vary slightly with the current flowing
through. Let's take the popular LM2931Z PNP regulator
from National Semiconductor as an example of variation of
the quiescent current. When the regulator load changes
from 50 mA to 150 mA, the zener current will increase by
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12.5 mA. The zener voltage variation due to this current
change will only be a few hundred mY. That is, the output
voltage will vary slightly, but not as much (as high as a few
volts) as with a resistor to ground. Thus, a much better regu-
lated output voltage is maintained.
One advantage inherent to this circuit is the ability to
achieve higher output voltages than the normal regulator
rating. The maximum regulator output is limited by the
breakdown of its internal circuitry. However, carefully select-
ing the zener to keep the input and ground pin differential
voltage well below the breakdown, the input is allowed to
exceed its maximum rating. For example, a 5V 3-terminal
LM2931Z PNP regUlator (maximum operating input voltage
= 26V) can become a 56V regulator with a 51V zener. And
the input voltage can be as low as 56.6V with a load current
of 150 mA or less. Most of the PNP regulator's features are
still maintained. The short circuit protection mayor may not
be there, depending on the output voltage and the safe op-
erating area of the output pass PNP transistor.
Capacitors C1 and C2 should have the same values as
those specified for normal operation. However, their maxi-
mum operating voltage ratings should exceed the input volt-
age. Capacitor C3 should be located as close as possible to
the ground pin to get good decoupling and ensure stable
operation. The value of C3 will depend on zener impedance
and noise characteristics. The capacitor types must also be
rated over the desired operating temperature range.

V'N
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Electrostatic Transducers
Provide Wide Range
Ultrasonic Measurement

The LM1812 is a complete ultrasonic transceiver on a chip
designed for use in a variety of pulse-echo ranging applica-
tions. The chip operates by transmitting a burst of oscilla-
tions with a transducer and then using the same transducer
to listen for a return echo. If an echo of sufficient amplitude
is received, the LM1812 detector puts out a pulse of approx-
imately the same width as the original burst. The closer the
reflecting object, the earlier the return echo. Echos could be
received immediately after the initial burst was transmitted
except for the fact that the transducer "rings."

During transmit the transducer is excited with several hun-
dred volts peak to peak, and it operates in a "loudspeaker"
mode. Then, when the LM1812 stops transmitting and be-
gins to receive, the transducer continues to vibrate (ring)
even though excitation has stopped. The transducer acts as
a microphone and produces an AC signal initially the same
amplitude as the transmit pulse. This signal dies away as
governed by the transducer's damping factor, but as long as
detectable ringing remains, the LM1812's detector will be
held ON masking any return echos.

This problem is especially troublesome when using piezo-
electric transducers owing to their high O. Ringing in a typi-
cal 40 kHz piezoelectric transducer may last as long as
20 ms--masking more than 10 feet of range. Electrostatic
transducers, being quite broadband, are practically free of

TL/H/8632-1
FIGURE 1. Ringing Is a Problem for

Piezoelectric Transducers
(5VIdlv x 200 JLs/dlv)
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ring and operate over a wide range. Any ringing is in fact
due to the resonant output tank, and not the electrostatic
transducer.

Figures 1 and 2 exemplify the problem. These oscilloscope
photos show a 150 JLs transmit pulse (5Vp-p), a high-ampli-
tude (15 to 20 Vp-p) ring signal, and in Figure 2, a return
echo. Both are on 5V/div x 200 JLs/div. Figure 1 shows a
typical 40 kHz piezoelectric transducer in operation. The en-
tire 2 ms screen width is completely filled by ring, and ech-
oes cannot be seen. The electrostatic circuit is heavily
damped, and as shown in Figure 2, echoes can be received
after just 600 JLs. In this example, the piezoelectric trans-
ducer rings approximately 20 times as long as the electro-
static transducer.

The circuit shown in Figure 3 utilizes an electrostatic trans-
ducer to achieve a range of 4' to over 30'. The broadband
transducer characteristic simplifies tuning. L6 is designed to
resonate at 50 to 60 kHz with the 500 pF transducer capaci-
tance. L1 is tuned to this frequency by watching for maxi-
mum echo sensitivity with an oscilloscope at pin 1. A unique
output circuit (L6, C, D1, 2, and 3) provides a resonant trans-
mitting stage (0 = 5), series resonant receiving network,
input protection (D1, D2), and the required 150 Voc bias (C,
D3) for the transducer.

TL/H/8632-2

FIGURE 2. Wide Band Electrostatic Transducers Offer
High Sensitivity and Little Ringing

(5VIdlv x 200 JLs/dlv)
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Bench Testing LM3900 and
LM359 Input Parameters

Two input parameters are extremely important in designing
circuits with Norton op amps. These are the input bias cur-
rent, ISlAS,and the mirror gain constant, AI. The mirror gain
is especially important when a Norton amplifier is used as a
voltage follower.
A simplified schematic of the LM3900 is shown in Figure 1.
The op amp is basically a common emitter amplifier (03),
with an emitter follower output stage. Added to the base of
03 is a current mirror (01 and 02). If a fixed current is
injected into the non-inverting input and the output is fed
back to the inverting input, the output will rise until the cur-
rent in 02 matches that flowing in 01. The currents in the
input terminals will not be equal since some current (ISlAS)
flows into the base of 03. This is especially noticeable when
the mirror current is very small-for instance in the 1 to 10
p.A range. Input currents may also be unequal due to mis-
match in the mirror transistors, 01 and 02. The degree of
matching is called mirror gain, AI>and is ideally equal to "1".

Vcc

TL/H/5529-1
FIGURE 1. A simplified schematic of the LM3900

The LM359 (Figure 2) differs from the LM3900 in that "03"
is a cascode stage, and "04" is a darlington follower. Also,
the internal biasing is variable; set current (ISET)is deter-
mined by an external resistor. Gain-bandwidth product, slew
rate, input noise, output drive current, input bias current and,
of course, supply current all vary with set current.
Any modern text detailing the operation of an op amp will
tell you how to bench test its parameters. Norton amplifiers
are, however, frequently overlooked and their important in-
put parameters are difficult to test in the usual manner. Two
measurements and a simple calculation can provide accu-
rate characterization of ISlASand AI.
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TUH/5529-2

FIGURE 2. A simplified schematic of the LM359
The test circuit for measurement of ISlASin the LM3900 is
shown in Figure 3. Two voltage measurements are made at
the output of the LM3900, one with 81 closed and one with
81 opened. The output voltage increase is equal to the volt-
age appearing across the 1 MO resistor, multiplied by the
closed loop gain (Av) of 5. It is the result of 03 bias current
flowing in the 1 MO resistor. For the circuit shown the output
voltage increase multiplied by 200 gives the bias current in
nanoamperes.

(
109 )

IBIAS(nA) ~ 200 A Vour ~ --- A Vour
Av x 1 Mil

TL/H/5529-3

FIGURE 3. ISlAScan be evaluated by
measuring the change In output voltage

when 51 Is opened and closed.
LM3900 mirror gain is measured using the circuit of Figure
4. "R" is selected to provide the desired mirror current. The
voltage across each "R" is measured, and their ratio is
equal to the mirror gain, AI. As previously mentioned, the



~
Nm mirror gain is affected by the presence of 'BIAS· Where ISlAS
c( is a significant part of the mirror current, the formula (true for

the LM3900 and the LM359) for AI becomes

(V2) - RISIASA,=-----
V1

Many of the LM359's data sheet parameters, including
ISlAS, are measured with ISET=0.5 mA. Three times this
current flows in the collector of 03A, making its bias current
about 15 !-,A. The LM3900 has a corresponding 03 collec-
tor current of only 3 !-,A, and its ISlAS = 30 nA. However, the

R(1%) 'MIRROR

270 kO 20!-'A
27kO 200!-'A

AI ~ ~ TLIH/5529-4
v,

FIGURE 4. This circuit allows the measurement
of the mirror gain, "Ar"

10'" VOUT ~ ISlAS<"A)

FIGURE 5. IBIAS is measured with
a set current of 500 !-,A

LM3900 doesn't have a 400 MHz gain-bandwidth product.
The mirror gain is measured with ISET=5 !-,A, making ISlAS
so small it has little affect on the measurement. In a practi-
cal application ISlAS may be a significant part of the mirror

current, adding an unpredictable error term to the DC bias-
ing equations. This circumstance can be avoided by sizing
the mirror current at least % ISET.

Figures 5 and 6 show how to measure and calculate ISlAS
and AI for the LM359. RSEl is selected to provide the ap-
propriate set current and CCOMP is added for stability. ISlAS
and AI are measured with the same set currents used in the
data sheet.

All of the test circuits assume VCc= 12V. Accuracy is as
good as the resistors and meter used. Matching is important
for the two "R's" used in Figures 4 and 6. 1% tolerance is
recommended for each resistor (5% resistors can be sorted
for accuracy) in Figure 3, and the 100 kO resistor in Figure
5. Most 3% digit DVM's have sufficient accuracy for the
voltage measurements; input impedance must be at least
10 MO to prevent circuit loading in the mirror gain tests.
Detailed information concerning the use of the LM3900 and
LM359 can be found in their data sheets and in AN-72.

10M

1%
Rsrr

R(1%) 'MIRROR
270 kO 20!-'A
27kO 200!-'A
2.7kO 2mA

V - TLIH/5529-6
AI = V+

FIGURE 6. Mirror gain, AI , is
measured with ISET = 5!-,A



'Dithering' Display Expands
Bar Graph's Resolution

Commercially available bar-graph chips such as National's
LM3914 offer an inexpensive and generally attractive way of
discerning 10 levels of signal. If 20, 30, or more steps of
resolution are required, however, bar-graph displays must
be stacked, and with that, the circuit's power drain, cost and
complexity all rise. But the techniques used here for creat-
ing a scanning-type "dithering" or modulated display will ex-
pand the resolution to 20 levels with only one 3914 or, alter-
nately, make it possible to implement fine-tuning control so
that performance approaching infinite resolution can be
aChieved.
The light-emitting-diode display arrangement for simply dis-
tinguishing 20 levels is achieved with a rudimentary square-
wave oscillator, as shown in Figure 1. Here, the LM324 os-
cillator, running at 1 kHz, drives a 60 mV peak-to-peak sig-
nal into pin 8 of the 3914.
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Now, the internal reference circuitry of the 3914 acts to
force pin 7 to be 1.26V above pin 8, so that pins 4 and 8 are
at an instantaneous potential of 4.0 mV plus a 60 mV pop
square wave, while pins 6 and 7 will be at 1.264V plus a
60 mV pop square wave. Normally, the first LED at pin 1
would turn on when VIN exceeded 130 mV, but because of
the dither caused by the AC component of the oscillator's
output, the first LED now turns on at half intensity when VIN
rises above the aforementioned value. Full intensity is
achieved when VIN = 190 mY.
When VIN rises another 70 mV or so, the first LED will fall
off to half brightness and the second one will begin to glow.
When VIN reaches 320 mV, the first LED will go off and the
second will turn on fully, and so on. Thus 20 levels of bright-
ness are easily obtained.

VIM +1.25V
FULL SCALE

LIII3914
BAR - GRAPH DRIVER

10kn

IIIOOE-
SELECTOR

SWITCH

\ 1.2kn

\.. 0-3 V AT 1 kHz

TL/H/8739-1

FIGURE 1. Half tones. Input-signal biasing on LM3914 barograph chip Is set by the Instantaneous output
of a low-amplitude square-wave oscillator so that barograph resolution can be doubled. Each of 10 LEOs

now has a fully-on and a partlally-on mode, making 20 states discernible.
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FIGURE 2. Spectrum. Greater resolution, limited only by the ability of the user to discern relative brightness, is
achieved by employing a triangular-wave oscillator and more sensitive control circuitry to set the voltage levels

and thus light levels of corresponding LEOs. Two RC networks, circuits A and B, provide required oscillator
coupling and attenuation. B replaces A if oscillator cannot suffer heavy loading.

Similarly, greater resolution can be achieved by employing a
triangular-wave oscillator and two simple RC networks as
seen in Figure 2. Here, by means of circuit A, this voltage is
capacitively coupled, attenuated, and superimposed on the
input voltage at pin 5 of the LM3914. With appropriate set-
ting of the 50 kO potentiometer, each incremental change in
VIN can be detected because the glow from each LED can
be made to spread gradually from one device to the next.

Of course, if the signal-source impedance is not low or lin-
ear, the AC signals coupled into the input circuit can cause
false readings at the output. In this case, the circuit in block

B should be used to buffer the output of the triangular-wave
oscillator.

The display is most effective in the dot mode, where supply
voltages can be brought up to 15V. If the circuit's bar mode
is used, the potentials applied to the LEOs should be made
no greater than 5V to avoid overheating.

To trim the circuit, set the LM3914's output to full scale with
R3. RA or Rs should then be trimmed so that when one LED
is lit, any small measured change of VIN will cause one of
the adjacent LEOs in the chain to turn on.



The differential input single-ended output instrumentation
amplifier is one of the most versatile signal processing am-
plifiers available. It is used for precision amplification of dif-
ferential dc or ac signals while rejecting large values of com-
mon mode noise. By using integrated circuits, a high level of
performance is obtained at minimum cost.
Figure 1 shows a basic instrumentation amplifier which pro-
vides a 10 volt output for 100 mW input, while rejecting
greater than ± 11V of common mode noise. To obtain good
input characteristics, two voltage followers buffer the input
signal. The LM102 is specifically designed for voltage fol-
lower usage and has 10,000 MO input impedance with 3 nA
input currents. This high of an input impedance provides two
benefits: it allows the instrumentation amplifier to be used
with high source resistances and still have low error; and it
allows the source resistances to be unbalanced by over
10,0000 with no degradation in common mode rejection.
The followers drive a balanced differential amplifier, as
shown in Figure I, which provides gain and rejects the com-
mon mode voltage. The gain is set by the ratio of R4 to R2
and Rs to R3. With the values shown, the gain for differen-
tial signals is 100.
Figure 2 shows an instrumentation amplifier where the gain
is linearly adjustable from 1 to 300 with a single resistor. An
LM101A, connected as a fast inverter, is used as an attenu-
ator in the feedback loop. By using an active attenuator, a
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very low impedance is always presented to the feedback
resistors, and common mode rejection is unaffected by gain
changes. The LM101A, used as shown, has a greater band-
width than the LM107, and may be used in a feedback net-
work without instability. The gain is linearly dependent on R6
and is equal to 10-4 R6'
To obtain good common mode rejection ratios, it is neces-
sary that the ratio of R4 to R2 match the ratio of Rs to R3'
For example, if the resistors in circuit shown in Figure 1 had
a total mismatch of 0.1%, the common mode rejection
would be 60 dB times the closed loop gain, or 100 dB. The
circuit shown in Figure 2 would have constant common
mode rejection of 60 dB, independent of gain. In either cir-
cuit, it is possible to trim anyone of the resistors to obtain
common mode rejection ratios in excess of 100 dB.
For optimum performance, several items should be consid-
ered during construction. R1 is used for zeroing the output.
It should be a high resolution, mechanically stable potenti-
ometer to avoid a zero shift from occurring with mechanical
disturbances. Since there are several ICs operating in close
proximity, the power supplies should be bypassed with
0.01 /LF disc capacitors to insure stability. The resistors
should be of the same type to have the same temperature
coefficient.
A few applications for a differential instrumentation amplifier
are: differential voltage measurements, bridge outputs,
strain gauge outputs, or low level voltage measurement.
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Feedforward
Compensation
Speeds Op Amp
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

A feedforward compensation method increases the slew
rate of the LM101A from 0.5/,...s to 10V/,...s as an inverting
amplifier. This extends the usefulness of the device to fre-
quencies an order of magnitude higher than the standard
compensation network. With this speed improvement, Ie op
amps may be used in applications that previously required
discretes. The compensation is relatively simple and does
not change the offset voltage or current of the amplifier.
In order to achieve unconditional closed loop stability for all
feedback connections, the gain of an operational amplifier is
rolled off at 6 dB per octave, with the accompanying 90
degrees of phase shift, until a gain of unity is reached. The
frequency compensation networks shape the open loop re-
sponse to cross unity gain before the amplifier phase shift
exceeds 180 degrees. Unity gain for the LM101A is de-
signed to occur at 1 MHz. The reason for this is the lateral
PNP transistors used for level shifting have poor high fre-
quency response and exhibit excess phase shift about 1
MHz. Therefore, the stable closed loop bandwidth is limited
to approximately 1 MHz.

TUH/7327-1

Figure 1.Standard frequency compensation
Usually, the LM101A is frequency compensated by a single
30 pF capacitor between Pins 1 and 8, as shown in Figure 1.
This gives a slew rate of 0.5V/,...s. The feedforward is
achieved by connecting a 150 pF capacitor between the
inverting input, Pin 2, and one of the compensation termi-
nals, Pin 1, as shown in Figure 2. This eliminates the lateral
PNP's from the signal path at high frequencies. Unity gain
bandwidth is 10 MHz and the slew rate is 10V/,...s. The di-
ode can be added to improve slew with high speed input
pulses.
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Figure 2. Feedforward frequency compensation
Figure 3 shows the open loop response in the high and low
speed configuration. Higher open loop gain is realized with
the fast compensation, as the gain rolls off at about 6 dB
per octave until a gain of unity is reached at about 10 MHz.
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TL/H/7327 -3

Figure 3. Open loop response for both frequency com-
pensation networks



Figures 4 and 5 show the small signal and large signal tran-
sient response. There is a small amount of ringing; however,
the amplifier is stable over a - 55°C to + 125°Ctemperature
range. For comparison, large signal transient response with
30 pF frequency compensation is shown in Figure 6.

TL/H/7327-4

Figure 4. Small signal transient response with feedfor-
ward compensation

TLIH/7327-5

Figure 5. Large signal transient response with feedfor-
ward compensation

TL/H/7327 -6

Figure 6. Large signal transient response with standard
compensation

As with all high frequency, high-gain amplifiers, certain pre-
cautions should be taken to insure stable operation. The
power supplies should be bypassd near the amplifier with
.01 p.F disc capacitors. Stray capacitance, such as large
lands on printed circuit boards, should be avoided at Pins 1,
2, 5, and 8. Load capacitance in excess of 75 pF should be
decoupled, as shown in Figure 7; however, 500 pF of load
capacitance can be tolerated without decoupling at the ex-
pense of bandwidth by the addition of 3 pF between Pins 1
and 8. A small capacitor C2 is needed as a lead across the
feedback resistor to insure that the rolloff is less than 12 dB
per octave at unity gain. The capacitive reactance of C2
should equal the feedback resistance between 2 and
3 MHz. For integrator applications, the lead capacitor is iso-
lated from the feedback capacitor by a resistor, as shown in
Figure 8.

Feedforward compensation offers a marked improvement
over standard compensation. In addition to having higher
bandwidth and slew, there is vanishingly small gain error
from DC to 3 kHz, and less than 1% gain error up to
100 kHz as a unity gain inverter. The power bandwidth is
also extended from 6 kHz to 250 kHz. Some applications for
this type of amplifier are: fast summing amplifier, pulse am-
plifier, OfA and AID systems, and fast integrator.
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Worst Case Power
Dissipation in Linear
Regulators
Robert J. Widler
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

The most frequent cause of failures of voltage regulators is
excessive dissipation in the semiconductor components.
Regulators using integrated circuits are no exception to this.
In fact, IC regulators are more prone to overdissipation be-
cause they are not generally available in power packages,
because complete integrated circuits must be operated at a
lower maximum junction temperature than silicon power
transi~tors, and because the package must be able to dissi-
pate the quiescent operating power of the control circuitry in
addition to the power in the pass transistor.
The problems and solutions presented here give examples
of the worst case calculations that should be used in de-
signing voltage regulators with ICs. These questions were
used in a contest sponsored by National Semiconductor.
The entries received clearly showed that engineers have a
marked tendency to be overly optimistic about the dissipa-
tion capability of the IC regulators as well as the power rat-
ings of the external power transistors used with them. In ~
surprising number of cases the errors were of such a magni-
tude to cause almost certain, premature failure of the regu-
lator under the conditions specified. The questions and an-
swers follow:
1. What is the power limited full-load current for a 24V regu-

lator using the LM100 (without a heat sink) when the
worst case operating conditions are 125'C ambient and
40V input voltage?
The maximum chip temperature of the LM100 is 150'C,
and the thermal resistance of the TO-5 package is
150'C/W when no heat sink is used. The permissible,
junction-to-ambient temperature rise is 25'C with a 125'C
ambient, so the maximum allowable package dissipation
is 167 mW.
The worst case quiescent current of the LM100 is 3.0 mA.
With a 40V input voltage. this produces an internal dissi-
pation of 120 mW, even with no load. Therefore. the de-
vice can only dissipate another 47 mW in supplying the
load current. With 40V in and 24V out, the input-output
voltage differential is 16V. This means that 2.95 mA can
be supplied through the internal pass transistor without
exceeding the ratings.
The divider resistors required on the LM100 feedback to
give a 24V output are 26.6k and 2.1k. For a 1.8V sense
voltage on the feedback terminal, the divider current will
be 0.85 mA. Since this current must be supplied by the
integrated circuit, it must be subtracted from the available
load current. Hence the maximum output current, taking
into account worse case conditions. is 2.1 mA.

2. What is the maximum allowable short-circuit current for
an LM104 regulator circuit, with a 2N2095A series pass
transistor (without a heat sink) when the worst case input
is 20V at an ambient of 85'C?
The 2N2905A, without a heat sink, can dissipate a maxi-
mum of 0.6W at 25'C. However, this must be derated by
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Figure 1.Circuit used In the solution of question 1
3.42 mW/'C for operation at higher temperatures. Since
an 85'C ambient is 60'C higher than the temperature at
which the transistors are specified, the maximum power
rating must be reduced by 205 mW, to 395 mW. With a
shorted output, the voltage dropped across the current
limit sense resistor is 0.5V, so the voltage across the ex-
ternal pass transistor will be 19.5V for 20V input. This
means that the 395 mW maximum dissipation rating will
be exceeded for short-circuit currents greater than
20.2 mA.

3. In the previous example, what is the maximum current
when the case temperature of the 2N2905A is held to
100'C?
The maximum dissipation of the 2N2905A is 3W at 25'C
case temperature. but this must be derated by
17.2 mW/'C for higher case temperatures. With a 100'C
case temperature. the allowable dissipation is reduced by
1.29W to 1.71W.
As in the previous example, the voltage across the pass
transistor will be 19.5V. This gives a dissipation-limited
short-circuit current of 88 mA.

TLiH/8503-2

Figure 2. Circuit used In the solution of questions 2 and 3



4. In the negative regulator with foldback current limiting,
what will be the worst case dissipation in the PNP driver,
a" with full load and a 24V input voltage?

The 2N3772 is specified to have a minimum current gain
of 15 at lOA and 25·C. It would be reasonable to assume
a minimum current gain of 15 at 5A for elevated tempera-
tures where dissipation is most significant. This means
that the base current for a 5A load current will be O.33A.
The worst case emitter-base voltage of the 2N3772 at 5A
will be about lV, so the current through the 68n emitter-
base resistor will be 15 mA. Hence, the PNP driver must
supply a total current of 345 mA.

The voltage dropped across the PNP driver will be the
12V input output voltage differential, less the 1V dropped
across the current sense resistor and the 1V dropped
across the emitter-base junction of the 2N3772. There-
fore, the PNP driver operates with 10V across it and dissi-
pates about 3.5W.

'= HZ
IK
1%

5. Could a 2N2905A be used in the example above if the
maximum ambient were 85·C?

Even with an infinite heat sink, the 2N2095A can dissi-
pate only 2W at 85·C. Therefore. it cannot be used.

The answers to these questions show that the maximum
output current of a regulator can be substantially less than
might be expected from a cursory analysis of the circuit.
Detailed analysis under worst case conditions is necessary
to insure a reliable design. These calculations are more im-
portant than most other design calculations because errors
do not result in somewhat degraded performance that usu-
ally shows up in checking out the equipment. Instead, these
errors cause failures that do not always show up during
checkout, but can occur in field operation.

Additional information on the design of reliable voltage regu-
lators is given in application notes AN-21 and AN-23, avail-
able from National Semiconductor.
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Fast Compensation
Extends Power Bandwidth

In all IC operational amplifiers the power bandwidth de-
pends on the frequency compensation. Normally, compen-
sation for unity gain operation is accompanied by the lowest
power bandwidth. A technique is presented which extends
the power bandwidth of the LM101A for non-inverting gains
of unity to ten, and also reduces the gain error at moderate
frequencies.
In order to achieve unconditional stability, an operational
amplifier is rolled off at 6 dB per octave, with an accompa-
nying 90 degrees of phase shift, until a gain of unity is
reached. Unity gain in most monolithic operational amplifi-
ers is limited to 1 MHz, because the lateral PNP's used for
level shifting have poor frequency response and exhibit ex-
cess phase shift at frequencies above 1 MHz. Hence, for
stable operation, the closed loop bandwidth must be less
than 1 MHz where the phase shift remains below 180 de-
grees.
For high closed loop gains, less severe frequency compen-
sation is necessary to roll the open loop gain off at 6 dB per
octave until it crosses the closed loop gain. The frequency
where it crosses must, as previously mentioned, be less
than 1 MHz. For closed loop gains between 1 and 10, more
frequency compensation must be used to insure that the
open loop gain has been rolled off soon enough to cross the
closed loop gain before 1 MHz is reached.
The power bandwidth of an operational amplifier depends
on the current available to charge the frequency compensa-
tion capacitors. For unity gain operation, where the compen-
sation capacitor is largest, the power bandwidth of the
LM101A is 6 kHz. Figure 1shows an LM101A with unity gain
compensation and Figure 3 shows the open loop gain as a
function of frequency.

FIGURE 1. LM101A with Standard Frequency
Compensation

A two-pole frequency compensation network, as shown in
Figure 2, provides more than a factor of two improvement in
power bandwidth and reduced gain error at moderate fre-
quencies. The network consists of a 30 pF capacitor, which
sets the unity gain frequency at 1 MHz, along with a 300 pF
capacitor and a 10k resistor. By dividing the AC output volt-
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FIGURE 2. LM101A with Frequency Compensation to
Extend Power Bandwidth

age with the 10k resistor and 300 pF capacitor, there is less
AC voltage across the 30 pF capacitor and less current is
needed for charging. Since the voltage division is frequency
sensitive, the open loop gain rolls off at 12 dB per octave
until a gain of 20 is reached at 50 kHz. From 50 kHz to
1 MHz the 10k resistor is larger than the impedance of the
300 pF capacitor and the gain rolls off at 6 dB per octave.
The open loop gain plot is shown in Figure 3. To insure
sufficient drive to the 300 pF capacitor, it is connected to
the output, Pin 6, rather than Pin 8. With this frequency com-
pensation method, the power bandwidth is typically
15-20 kHz as a follower, or unity gain inverter.

120

-20
1 10 100 lK 10K lOOK 1M 10M

FREQUENCY (Hz)

FIGURE 3. Open Loop Response for Both Frequency
Compensation Networks

This frequency compensation, in addition to extending the
power bandwidth, provides an order of magnitude lower
gain error at frequencies from DC to 5 kHz. Some applica-
tions where it would be helpful to use the compensation are:
differential amplifiers, audio amplifiers, oscillators, and ac-
tive filters.
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~ High Q Notch Filter

The twin "T" network is one of the few RC filter networks
capable of providing an infinitely deep notch. By combining
the twin "T" with an LM102 voltage follower, the usual
drawbacks of the network are overcome. The Q is raised
from the usual 0.3 to something greater than 50. Further,
the voltage follower acts as a buffer, providing a low output
resistance; and the high input resistance of the LM 102
makes it possible to use large resistance values in the "T"
so that only small capacitors are required, even at low fre-
quencies. The fast response of the follower allows the notch
to be used at high frequencies. Neither the depth of the
notch nor the frequency of the notch are changed when the
follower is added.

Figure 1 shows a twin "T" network connected to an LM102
to form a high Q, 60 Hz notch filter.

RI
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210.F Z7t.F

1
fo ~ 21TR1C1
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R1 = R2 = 2 R3
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2

FIGURE 1. High Q Notch Filter

The junction of R3 and C3, which is normally connected to
ground, is bootstrapped to the output of the follower. Be-
cause the output of the follower is a very low impedance,
neither the depth nor the frequency of the notch change;
however, the Q is raised in proportion to the amount of sig-
nal fed back to R3 and C3. Figure 2 shows the response of a
normal twin "T" and the response with the follower added.
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~

-40
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In applications where the rejected signal might deviate
slightly from the null of the notch network, it is advanta-
geous to lower the Q of the network. This insures some
rejection over a wider range of input frequencies. Figure 3
shows a circuit where the Q may be varied from 0.3 to 50. A
fraction of the output is fed back to R3 and C3 by a second
voltage follower, and the notch Q is dependent on the
amount of signal fed back. A second follower is necessary
to drive the twin "T" from a low-resistance source so that
the notch frequency and depth will not change with the po-
tentiometer setting. Depending on the potentiometer set-
ting, the circuit in Figure 3 will have a response that falls in
the shaded area of Figure 2.

FIGURE 3. Adjustable Q Notch Filter

An interesting change in the high Q twin "T" occurs when
components are not exactly matched in ratio. For example,
an increase of 1 to 10 percent in the value of C3 will raise
the Q, while degrading the depth of the notch. If the value of
C3 is raised by 10 to 20 percent, the network provides volt-
age gain and acts as a tuned amplifier. A voltage gain of
400 was obtained during testing. Further increases in C3
cause the circuit to oscillate, giving a clipped sine wave out-
put.

The circuit is easy to use and only a few items need be
considered for proper operation. To minimize notch frequen-
cy shift with temperature, silver mica, or polycarbonate, ca-
pacitors should be used with precision resistors. Notch
depth depends on component match, therefore, 0.1 percent
resistors and 1 percent capacitors are suggested to mini-
mize the trimming needed for a 60 dB notch. To insure sta-
bility of the LM102, the power supplies should be bypassed
near the integrated circuit package with .01 ,..,Fdisc capaci-
tors.



Fast Voltage Comparators
with Low Input Current
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

Monolithic voltage comparators are available today which
are both fast and accurate. They can detect the height of a
pulse with a 5 mV accuracy within 40 ns. However, these
devices have relatively high input currents and low input
impedances, which reduces their accuracy and speed when
operating from high source resistances. This is probably a
basic limitation since the input transistors of the integrated
circuit must be operated at a relatively high current to get
fast operation. Further, the circuit must be gold doped to
reduce storage time, and this limits the current gain that can
be obtained in the transistors. High gain transistors operat-
ing at low collector currents are necessary to get good input
characteristics.
One way of overcoming this difficulty is to buffer the input of
the comparator. A voltage follower is available which is
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ideally suited for this job. This device, the LM102', is both
fast and has a low input current. It can reduce the effective
input current of the comparator by more than three orders of
magnitude without greatly reducing speed.
A comparator circuit for an AID converter which uses this
technique is shown in Figure 1a. An LM102 voltage follower
buffers the output of a ladder network and drives one input
of the comparator. The analog signal is fed to the other
input of the comparator. It should come from a low imped-
ance source such as the output of a signal processing am-
plifier, or another LM102 buffer amplifier.
Clamp diodes, D1 and D2' are included to make the circuit
faster. These diodes clamp the output of the ladder so that
it is never more than 0.7V different from the analog input.
This reduces the voltage excursion that the buffer must han-

b. using a binary-weighted network

Figure 1. Comparator circuits for fast AID converters
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m...J die on the most significant bit and keeps it from slewing. If

fast, low capacitance diodes are used, the signal to the
comparator will stabilize approximately 200 ns aiter the
most significant bit is switched in. This is about the same as
the stabilization time of the ladder network alone, as its
speed is limited by stray capacitances. The diodes also limit
the voltage swing across the inputs of the comparator, in-
creasing its operating speed and insuring that the device is
not damaged by excessive differential input voltage.

The buffer reduces the loading on the ladder from 45 /LA to
20 nA, maximum, over a - 55'C to + 125'C temperature
range. Hence, in most applications the input current of the
buffer is totally insignificant. This low current will oiten per-
mit the use of larger resistances in the ladder which simpli-
fies design of the switches driving it.

It is possible to balance out the offset of the LM102 with an
external 1 kO potentiometer, Rg. The adjustment range of
this balance control is large enough so that it can be used to
null out the offset of both the buffer and the comparator. A
10 kO resistor should be installed in series with the input to
the LM102, as shown. This is required to make the short
circuit protection of the device effective and to insure that it
will not oscillate. This resistor should be located close to the
integrated circuit.

A similar technique can be used with AID converters em-
ploying a binary-weighted resistor network. This is shown in
Figure 1b. The analog input is fed into a scaling resistor, R1.
This resistor is selected so that the input voltage to the
LM102 is zero when the output of the D/A network corre-
sponds to the analog input voltage. Hence, if the DI A output
is too low, the output of the LM1 06 will be a logical zero; and
the output will change to a logical one as the DI A output
exceeds the analog signal.

The analog signal must be obtained from a source imped-
ance which is low by comparison to R1. This can be either
another LM1 02 buffer or the output of the signal-processing
amplifier. Clamp diodes, D1 and D2, restrict the signal swing
and speed up the circuit. They also limit the input signal
seen by the LM106 to protect if from overloads. Operating
speed can be increased even further by using silicon back-
ward diodes ( a degenerate tunnel diode) in place of the
diodes shown, as they will clamp the signal swing to about
50 mY. The offset voltage of both the LM102 and the
LM106 can be balanced out, if necessary, with Re.

The binary weighted network can be driven with single pole,
single-throw switches. This will result in a change in the
output resistance of the network when it switches, but circuit
performance will not be affected because the input current
of the LM102 is negligible. Hence, using the LM102 greatly
simplifies switch design.

Although it is possible to use a 710 as the voltage compara-
tor in these circuits, the LM106 offers several advantages.
First, it can drive a fan out of 10 with standard, integrated
DTL or TIL. It also has two strobe terminals available which
disable the comparator and give a high output when either
of the terminals is held at a logical zero. This adds logic

capability to the comparator in that it makes it equivalent to
a 710 and a two-input NAND gate. If not needed, the strobe
pins can be leit unconnected without affecting performance.
The voltage gain of the LM106 is about 45,000 which is 30
times higher than that of the 710. The increased gain reduc-
es the error band in making a comparison. The LM106 will
also operate from the same supply voltage as the LM102,
and other operational amplifiers, for ± 12V supplies. Howev-
er, it can also be operated from ± 15V supplies if a 3V zener
diode is connected in series with the positive supply lead.

It is necessary to observe a few precautions when working
with fast circuits operating from relatively high impedances.
A good ground is necessary, and a ground plane is advisa-
ble. All the individual points in the circuit which are to be
grounded, including bypass capacitors, should be returned
separately to the same point on the ground so that voltages
will not be developed across common lead inductance. The
power supply leads of the integrated circuits should also be
bypassed with low inductance 0.01 /LF capacitors. These
capacitors, preferably disc ceramic, should be installed with
short leads and located close to the devices. Lastly, the
output of the comparator should be shielded from the cir-
cuitry on the input of the buffer, as stray coupling can also
cause oscillation.

Although the circuits shown so far were designed for use in
AID converters, the same techniques apply to a number of
other applications. Figure 2 gives examples of circuits which
can put stringent input current requirements on the compar-
ator. The first is a comparator for signals of opposite polari-
ty. Resistors (R1 and R2) are required to isolate the two
signal sources. Frequently, these resistors must be relative-
ly large so that the signal sources are not loaded. Hence,
the input current of the comparator must be reduced to pre-
vent inaccuracies. Another example is the zero-crossing de-
tector in Figure 2b. When the input signal can exceed the
common mode range of the comparator (± 5V for the
LM 106), clamp diodes must be used. It is then necessary to
isolate the comparator from the input with a relatively large
resistance to prevent loading. Again, bias currents should
be reduced. A third example, in Figure 2c, is a comparator
with an ac coupled input. An LM106 will draw an input cur-
rent which is twice the specified bias current when the sig-
nal is above the comparison threshold. Yet, it draws no cur-
rent when the signal is below the threshold. This asymmet-
rical current drain will charge any coupling capacitor on the
input and produce an error. This problem can be eliminated
by using a buffer, as the input current will be both low and
constant.

The foregoing has shown how two integrated circuits can be
combined to provide state-of-the-art performance in both
speed and input current. Equivalent results will probably not
be achievable in a single circuit for some time, as the tech-
nologies required are not particularly compatible. Further,
considering the low cost of monolithic circuits, approaches
like this are certainly economical.



c. comparator for AC coupled signals

Figure 2. Applications requiring low Input current comparators



,...m...• Tracking Voltage
Regulators

Integrated circuit voltage regulators are available today
which are economical and offer a high degree of perform-
ance. There are both positive and negative regulators capa-
ble of achieving better than 0.1% regulation under normal
fluctuations in input supply and load. Due to production vari-
ations, the internal reference voltage in these regulators
may vary as much as 10% from unit to unit. Normally, this
causes no problems as most power supply circuits have an
adjustment potentiometer which is varied to obtain the cor-
rect output voltage. In systems with more than one regulat-
ed output voltage, it is sometimes desirable to adjust all
supplies with a single potentiometer. This results in savings
by eliminating one or more potentiometers as well as elimi-
nating the need to adjust the supplies indiVidually.
Figure 1 shows a 5V and a 15V regulator with both outputs
adjusted with a single potentiometer. Although the tech-
nique is not exact, the error is typically under 2%. As shown
in Figure 1, the internal reference voltages for the LM105"
regulators, available at pin 5, are tied together. This insures
that both regulators operate with the same reference volt-
age. The lower resistors of the output divider, R2' are con-
nected through a common adjustment potentiometer to
ground. Rs adjusts both regulators for variations in the 1.8V
reference. Note that the wiper of Rs is connected to one
side of the potentiometer. If a rheostat connection were
used, the arm might open circuit during adjustment, causing
large transients on the output.
The calculations of resistor values for the output divider re-
sistors are made with the consideration that the adjustment
is not exact and that two regulators are adjusted. The bot-
tom resistor of the divider, R2' is fixed at 2k. The top of the
divider, R1, is then calculated for the output voltage using
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1.6V as the reference voltage. To help compensate for the
inaccuracies in the adjustment, output voltages are calculat-
ed slightly off from the desired values. For the 5 and 15V
regulators, R1 is calculated to give a 2% low output voltage
on the 5V regulator and a 2% high output voltage on the
15V regulator.

R _ (VOUT- 1.6V) 20000
1 - 1.6V

Rs will now adjust both regUlators to within 2% of the de-
sired output for reference variations from 1.6V to 2.0V. From
the previous calculations, a 1.6V reference yields outputs of
4.9V and 15.3V. If the reference is 2.0V, Rs is adjusted to
3240 and the output voltages are 5.1V and 14.9V. If the
reference is near the typical value of 1.8V, both outputs are
within 1% of nominal.
These calculations do not account for resistor inaccuracies.
If 1% resistors are used there is an additional worst case
error of 2% for each regulator. Resistor errors are inherent
in any type of tracking regUlator system, even if the adjust-
ment is theoretically exact.
Actually, any number of regulators may be connected to a
single adjustment resistor. The adjustment accuracy of this
technique depends on the output voltage differences
among the regUlators.The previous example was a severe
difference, and had only 2% accuracy. With close output
voltages, such as 12V and 15V, the error is much smaller.
The 12V regUlator is calculated to % % low and 15V regula-
tor %% high with the 1.6V reference. Both regulators are
then within %% for reference variations of 1.6 to 2.0 volts.
This adjustment method is, of course, exact if two regulators
have the same output.

RS vQUT + 5V
R7 VQUT + 15V

0.75
lOUT S:200 mA

0.75 IOIJT S:200 mA

+ C2· +C4Il~F II",,"



Using a negative regulator to track a positive regulator is a
somewhat easier task. An inverting operational amplifier
may be used to provide a negative output voltage while us-
ing a positive voltage as a reference. The lM104 negative
regulator is easily adapted for use as an inverting amplifier
and provides several advantages over conventional opera-
tional amplifiers. It is designed to drive boost transistors for
higher output current as well as providing a convenient
method of current limiting the output. Further, the frequency
compensation used on the lM104 is optimized for transient
response to line and load changes. Figure 2 shows tracking
± 15V regulators.

Operation is most easily understood by referring to the func-
tional schematic of the lM1 04 in Figure 3. The non-inverting
input of the internal amplifier, pin 1, is connected to ground.

The positive 15V reference is connected through an internal
15 kfi input resistor, R16' to the inverting input. Feedback

resistor, R15. is also 15 kfi. This forms a unity gain inverting
amplifier with a negative output voltage equal to the positive
input voltage. The 15 kfi resistors in the lM104 are typically
matched to 1%. This means that the output of both regula-
tors may be adjusted with 1% accuracy by changing R1 in
Figure 2.
The lM104 may also be used with inverting gain for nega-
tive output voltages greater than the positive reference volt-
age. Figure 4 shows a circuit where the -15V supply tracks
a +5V supply. In this configuration the non-inverting input is
not grounded, but tied to divider, R5' R6' between the nega-
tive output and ground. The output voltage equals

[
R5 + R6]Vour= V+ ---
R6 - R5

where V+ is the positive reference.

C2IM'

...L: CI' "!-
4.1jJF

YOUT = -15Y
lOUT :5 200 mA

9-------l
RI. RI5 I
15K 15K

I
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[
As + AS]V-OUT = -V+OUT ---
As - As

The line regulation and temperature drift are determined pri-
marily by the positive reference, with the negative output
tracking. The reference must be a low impedance source,
such as an LM105 regulator, to insure that current drawn by
pin 9 of the LM104 does not affect the reference voltage.
Since the LM104 is connected to a positive voltage instead
of ground, it sees a total voltage equal to the sum of the
unregulated negative input and the positive reference volt-
age. This reduces the maximum unregulated negative input
voltage allowable, and should be considered during design.
If the negative output voltage must be less than the positive
reference or the decrease in maximum unregulated input
voltage cannot be tolerated, an alternate method of con-

structing tracking regulators is given elsewhere t. Of course,
many negative regulators may be slaved to a single positive
regulator.

Using standard linear integrated circuits, multiple output
positive and negative supplies may be adjusted to within 2%
or less by a single resistor. Although the absolute output is
not exact, the regulation accuracy is still within 0.1 %. These
techniques can result in savings by the elimination of both
time and materials when used.

REFERENCES
tA. J. Widlar. "Designs for Negative Aegulators," Netional Semiconductor
Corporetion, AN-21, December, 1968.



Precision AC/DC
Converters

Although semiconductor diodes available today are close to
"ideal" devices, they have severe limitations in low level
applications. Silicon diodes have a 0.6V threshold which
must be overcome before appreciable conduction occurs.
By placing the diode in the feedback loop of an operational
amplifier, the threshold voltage is divided by the open loop
gain of the amplifier. With the threshold virtually eliminated,
it is possible to rectify millivolt signals.
Figure 1 shows the simplest configuration for eliminating di-
ode threshold potential. If the voltage at the non-inverting
input of the amplifier is positive, the output of the LM101A

EOUT

FIGURE 1. Precision Diode
swings positive. When the amplifier output swings 0.6V posi-
tive, 01 becomes forward biased; and negative feedback
through 01 forces the inverting input to follow the non-in-
verting input. Therefore, the circuit acts as a voltage follow-
er for positive signals. When the input swings negative, the
output swings negative and 01 is cut off. With 01 cut off no
current flows in the load except the 30 nA bias current of the
LM101A. The conduction threshold is very small since less
than 100 /LVchange at the input will cause the output of the
LM101A to swing from negative to positive.

RON

·EREF must have a
source impedance of less
than 200n if 02 is
used.
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A useful variation of this circuit is a precision clamp, as is
shown in Figure 2. In this circuit the output is precisely
clamped from going more positive than the reference volt-
age. When EIN is more positive than EREF' the LM101A
functions as a summing amplifier with the feedback loop
closed through 01. Neglecting offsets, negative feedback
keeps the summing node, and therefore the output. within
100 /LV of the voltage at the non-inverting input. When EIN
is about 100 /LV more negative than EREF, the output
swings positive, reverse biasing 01' Since 01 now prevents
negative feedback from controlling the voltage at the invert-
ing input, no clamping action is obtained. On both of the
circuits in Figures 1and 2 an output clamp diode is added at
pin 8 to help speed response. The clamp prevents the oper-
ational amplifier from saturating when 01 is reverse biased.
When 01 is reverse biased in either circuit, a large differen-
tial voltage may appear between the inputs of the LM101A.
This is necessary for proper operation and does no damage
since the LMl 01A is designed to withstand large input volt-
ages. These circuits will not work with amplifiers protected
with back to back diodes across the inputs. Diode protection
conducts when the differential input voltage exceeds 0.6V
and would connect the input and output together. Also, un-
protected devices such as the LM709, are damaged by
large differential input signals.
The circuits in Figures 1 and 2 are relatively slow. Since
there is 100% feedback for positive input signals, it is nec-
essary to use unity gain frequency compensation. Also,
when 01 is reverse biased, the feedback loop around the
amplifier is opened and the input stage saturates. Both of
these conditions cause errors to appear when the input fre-
quency exceeds 1.5 kHz. A high performance precision half
wave rectifier is shown in Figure 3. This circuit will provide
rectification with 1% accuracy at frequencies from dc to 100
kHz. Further, it is easy to extend the operation to full wave
rectification for precision AC/DC converters.

C2
3 pF



This precision rectifier functions somewhat differently from
the circuit in Figure 1.The input signal is applied through A1
to the summing node of an inverting operational amplifier.
When the signal is negative, D1 is forward biased and devel-
ops an output signal across A2. As with any inverting ampli-
fier. the gain is A2/A1. When the signal goes positive, D1 is
non-conducting and there is no output. However. a negative
feedback path is provided by D2. The path through D2 re-
duces the negative output swing to -0.7V, and prevents
the amplifier from saturating.
Since" the LM101A is used as an inverting amplifier, feed-
forward compensation can be used. Feedforward compen-
sation increases the slew rate to 10 VI /'osand reduces the
gain error at high frequencies. This compensation allows the
half wave rectifier to operate at higher frequencies than the
previous circuits with no loss in accuracy.
The addition of a second amplifier converts the half wave
rectifier to a full wave rectifier. As is shown in Figure 4, the
half wave rectifier is connected to inverting amplifier A2. A2
sums the half wave rectified signal and the input signal to
provide a full wave output. For negative input signals the
output of A1 is zero and no current flows through A3. Ne-

. A7
glecting for the moment C2. the output of A2 IS - As EIN'

For positive input signals, A2 sums the currents through A3
and As; and

If A3 is V. As, the output is A7 EIN. Hence, the output is al-As
ways the absolute value of the input.
Filtering, or averaging, to obtain a pure dc output is very
easy to do. A capacitor, C2. placed across A7 rolls off the
frequency response of A2 to give an output equal to the
average value of the input. The filter time constant is A7C2.
and must be much greater than the maximum period of the
input signal. For the values given in Figure 4, the time con-
stant is about 2.0 seconds. This converter has better than
1% conversion accuracy to above 100 kHz and less than
1% ripple at 20 Hz. The output is calibrated to read the rms
value of a sine wave input.
As with any high frequency circuit some care must be taken
during construction. Leads should be kept short to avoid
stray capacitance and power supplies bypassed with
0.01 /'oFdisc ceramic capacitors. Capacitive loading of the
fast rectifier circuits must be less than 100 pF or decoupling
becomes necessary. The diodes should be reasonably fast
and film type resistors used. Also, the amplifiers must have
low bias currents.
REFERENCES
"R. C. Dobkin, "Feedforward Compensation Speeds Op
Amp," National Semiconductor Corporation, LB-2, March,
1969.

·Feedforward compensation
can be used to make a fast
full wave rectifier without
a filter.



Universal Balancing
Techniques

Ie op amps are widely accepted as a universal analog com-
ponent. Although the circuit designs may vary, most devices
are functionally interchangeable. However, offset voltage
balancing remains a personality trait of the particular amplifi-
er design. The techniques shown here allow offset voltage
balancing without regard to the internal circuitry of the am-
plifier.

OUTPUT

Rl - 2000 R3 iR4

R4 II R3 :s; 10 kfi

RANGE ~ ±v (R3~11R4)

TUH/8460-1

FIGURE 1. Offset Voltage Adjustment for Inverting
Amplifiers Using 10 kO Source Resistance or Less

The circuit shown in Figure 1 is used to balance out the
offset voltage of inverting amplifiers having a source resist-
ance of 10 kO or less. A small current is injected into the
summing node of the amplifier through Rl. Since Rl is 2000
times as large as the source resistance the voltage at the
arm of the pot is attenuated by a factor of 2000 at the sum-
ming node. With the values given and ± 15V supplies the
output may be zeroed for offset voltages up to ±7.5 mW.
If the value of the source resistance is much larger than 10
kO, the resistance needed for Rl becomes too large. In this
case it is much easier to balance out the offset by supplying
a small voltage at the non-inverting input of the amplifier.
Figure 2 shows such a scheme. Resistors Rl and R2 divide
the voltage at the arm of the pot to supply a ± 7.5 mW
adjustment range with ± 15V supplies.

National Semiconductor
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This adjustment method is also useful when the feedback
element is a capacitor or non-linear device.

R3

RANGE ~ ±v(~)

TL/H/B460-2

FIGURE 2. Offset Voltage Adjustment for Inverting
Amplifiers Using Any Type of Feedback Element

This technique of supplying a small voltage effectively in
series with the input is also used for adjusting non-inverting
amplifiers. As is shown in Figure 3, divider Rl' R2 reduces
the voltage at the arm of the pot to ± 7.5 mW for offset
adjustment. Since R2 appears in series with R4' R2 should
be considered when calculating the gain. If R4 is greater
than 10 kO the error due to R2 is less than 1%.

R5

'v Rl
200K R4

R3
50K

R2 OUTPUT-y 100

'=' RANGE ~ ±v (~)
RS

INPUT GAIN ~ 1 + R4 + R2

TL/H/8460-3

FIGURE 3. Offset Voltage Adjustment for
Non-Inverting Amplifiers



The adjustment circuit essentially cau~es the offset voltage
to appear at full output, rather than at low output levels,
where it is a large percentage error.

+v R3
lK

TL/H/8460-4

FIGURE 4. Offset Voltage Adjustment for
Voltage Followers

Differential amplifiers are somewhat more difficult to bal-
ance. The offset adjustment used for a differential amplifier
can degrade the common mode rejection ratio. Figure 5
shows an adjustment circuit which has minimal effect on the
common mode rejection. The voltage at the arm of the pot
is divided by R4 and Rs to supply an offset correction of
± 7.5 mY. R4 and Rs are chosen such that the common
mode rejection ratio is limited by the amplifer for values of
R3greater than 1 ko'. If R3 is less than 1k the shunting of R4
by Rs must be considered when choosing the value of R3.

INPUTS

u+

A2~A3+A4

AANGE ~ ±v (~) (_A_l_)
A4 Al + A3

A2
Al

FIGURE 5. Offset Voltage Adjustment for
Differential Amplifiers

The techniques described for balancing offset voltage at the
input of the amplifier offer two main advantages: First, they
are universally applicable to all operational amplifiers and
allow device interchangeability with no modifications to the
balance circuitry. Second, they permit balancing without in-
terfering with the internal circuitry of the amplifier. The elec-
trical parameters of the amplifiers are tested and guaran-
teed without balancing. Although it doesn't usually happen,
balancing could degrade performance.



Ie Regulators Simplify
Power Supply Design

Although power supply requirements vary, IC voltage regu-
lators can fulfill the majority of needs. Power supplies de-
signed with ICs can give predictable regulation better than
0.1 % with a minimum of engineering effort. Output voltages
between 0 and 40V at currents of 10A are easily achieved.
Further, with a minimum of changes. a single regulator cir-
cuit can be used for a wide variety of output voltages and
currents.

A basic 200 mA positive regulator circuit is shown in Figure
1. The LM1051 contains the voltage reference and control
circuitry while the external components set the output

RI
0.15

·Solid tantalum

TLiH/8461-1

FIGURE 1. 200 mA Positive Regulator
voltage, current limit and increase power handling capacity
of the IC. The output voltage is set by R2 and R3. A fraction
of the output voltage is compared by an error amplifier with
an internal 1.8V reference. Any error is amplified and used
to drive the 2N3740 power transistor. Since the open loop
gain is large, there is little error and a high degree of regula-
tion.

Current limiting is set by R1. The voltage drop across R1 is
applied to the emitter base junction of a transistor in the IC.
When the transistor is turned on, it removes drive from the
series pass transistor; and the regulator output exhibits a
constant current characteristic. Since the turn on voltage of
a transistor is temperature dependent, so is the current limit.
The current limit sense voltage is about 0.4V at 25'C de-
creasing linearly to 0.3V at 125'C. Therefore, the current
limit resistor must be chosen to provide adequate output
current at the maximum operating temperature.

National Semiconductor
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To regulate negative voltages, the circuit in Figure 2 is used.
An LM104 contains the voltage reference and control cir-
cuitry while an external transistor is used to increase the
power handling capacity. A reference voltage is generated
by driving a constant current, determined by R1' through R2.
The voltage across this resistor is fed into an error amplifier.
The error amplifier controls the output voltage at twice the
voltage across R2. The output voltage is resistor program-
mable with R2 and adjustable down to zero.

TLiH/8461-2

FIGURE 2. 200 mA Negative Regulator
Current limit in the LM104 is similar to the LM105. Voltage
across R3 turns on an internal transistor that decreases
drive to the output transistors. This current limit sense volt-
age is also temperature dependent, decreasing from 0.65V
at 25'C to 0.45V at 125'C.

Boosting the available output current from 200 mA is rela-
tively simple. Figure 3 shows positive and negative 2A
regulators. An additional power transistor increases the cur-
rent handling capability of the regulator. Adding the boost
transistors increases the output current without increasing
the minimum input-output voltage differential. The minimum
differential will be 2 to 3V, depending on the drive current
required from the integrated circuit and operating tempera-
ture. Low input-output voltage differential allows more effi-
cient regulation.

• C2-
R. T4.7JJf
1L7K

'" ':"



FIGURE 3b. 2A Negative Regulator

Although the regulators are relatively simple, some precau-
tions must be taken to eliminate possible problems. First,
when the regulator is used with boost transistors, a solid
tantalum output capacitor is needed. Unlike electrolytics,
solid tantalum capacitors have low internal impedance at
high frequencies. This suppresses possible high frequency
minor loop oscillations as well as providing low output im-
pedance at high frequency. Also, for the LM104, the output
capacitor frequency compensates the regulator and must
have good frequency characteristics.

The power transistors recommended are single-diffused,
wide-base devices. These devices have fewer oscillation
problems than double-diffused, planar transistors. Also, they
seem less prone to failure under overload conditions. Of
course, like the power transistors in any regulator, adequate
heat sinking is necessary. The heat sink should keep the
transistor junction temperature at an acceptable level for
worst case conditions of maximum input voltage, maximum
ambient temperature and shorted output. By far, the major
cause of regulator failures is inadequate heat sinking.

Good construction techniques are also important for regula-
tor performance. If proper care is not taken, ground loop
errors and lead resistance drops can easily become greater
than regulator errors. For example, O.OS" wide, 2 oz. printed
circuit conductor has a resistance of about 0.0070 per inch.

For a 200 mA, 1SV regulator, ten inches of conductor would
decrease the regulation by a factor of 2.

Ground loops are worst yet, since voltage drops can be
amplified and appear at the regulator's output. In Figure 3,
voltage drops between Pin 4 of the LM10S and the bottom
of R3 are amplified by the ratio of R2/R3 and appear at the
output.

When the regulator is powered from ac that is rectified and
filtered, current flowing in the filter can sometimes cause an
unusual ground loop problem. For capacitor input filters, the
peak charging current is many times the average load cur-
rent. Even a few milliohms of resistance can cause appre-
ciable voltage drop during the peak of the charging. When
the charging current produces a voltage drop between R3
and Pin 4 of the LM10S, it appears as excessive ripple on
the output of the regulator.

Of course, single point grounding eliminates these prob-
lems, but this is not always possible. Usually it is sufficient to
insure that load current does not generate a voltage drop
between the ground side of the voltage setting resistor and
the ground of the IC.

In most cases, short circuit protection is the only fault pro-
tection needed. However, for some regulator circuits, such
as positive and negative regulators used together, addition-
al protection is necessary. If the positive and negative sup-
plies are shorted together, it is possible to cause the output
voltage of one of the supplies to reverse, blowing the IC.
This is especially true if the current capabilities are different,
such as a 200 mA negative supply and a 2A positive supply.
A clamp diode between the output and ground of each sup-
ply will prevent such polarity reversals. Also, clamp diodes
should be used to prevent input polarity reversal and input-
output voltage differential reversal.

The use of ICs in regulator circuits can enhance power sup-
ply performance while minimizing cost and engineering time.
Since only one IC is needed for a wide range of outputs, the
part cost, board space and purchasing problems are less
when compared to discrete designs. Also engineering time
is saved since typical and worst case performance data, as
well as application data, is available from the manufacturer
before design is begun.

REFERENCES
1. R.J. Widlar, "An Improved Positive Regulator," National

Semiconductor AN-23, January, 1969.

2. R.J. Widlar, "Designs for Negative Regulators," National
Semiconductor AN-2t, October, 1968.



The LM110 An Improved
Ie Voltage Follower
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

There are quite a few applications where op amps are used
as voltage followers. These include sample and hold circuits
and active filters as well as general purpose buffers for
transducers or other high-impedance signal sources. The
general usefullness of such an amplifier is particularly en-
hanced if it is both fast and has a low input bias current.
High speed permits including the buffer in the signal path or
within a feedback loop without significantly affecting re-
sponse or stability. Low input current prevents loading of
high impedance sources, which is the reason for using a
buffer in the first place.
The LM102, introduced in 1967, was designed specifically
as a voltage follower. Therefore, it was possible to optimize
performance so that it worked better than general purpose
IC amplifiers in this application. This was particularly true
with respect to obtaining low input currents along with high-
speed operation.
One secret of the LM102's performance is that followers do
not require level shifting. Hence, lateral PNP's can be elimi-
nated from the gain path. This has been the most significant
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limitation on the frequency response of general purpose
amplifiers. Secondly, it was the first IC to use super-gain
transistors. With these devices, high speed operation can
be realized along with low input currents.
The LM110 is a voltage follower that has been designed to
supersede the LM102. It is considerably more flexible in its
application and offers substantially improved performance.
In particular, the LM110 has lower offset-voltage drift, input
current and noise. Further, it is faster, less prone to oscilla-
tions and operates over a wider range of supply voltages.
The advantages of the LM110 over the LM102 are de-
scribed by the following curves. Improvements not included
are increased output swing under load, larger small-signal
bandwidth, and elimination of oscillations with low-imped-
ance sources. The performance of these devices is also
compared with general-purpose op amps in Tables I and II.
The advantages of optimizing an IC for this particular slot
are clearly demonstrated. Lastly, some typical applications
for voltage followers with the performance capability of the
LM110 are given.

,.
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Biggest design difference between the LM102 and LM110 Is the elmlnation of the zener diodes (01 and 02) In the
biasing circuit. This reduces noise and permits operation at low supply voltages.
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Eliminating zeners reduces typical high frequency
noise by nearly a factor or 10. Worst case noise
is reduced even more. High frequency noise of
LM102 has caused problems when it was includ-
ed inside feedback loop with other IC op amps.

Table I. Comparing performance of military grade IC op
amps In the voltage-follower connection

Offset" Bias" Siewt Bandwldtht
Supply'

Device Voltage Current Rate (MHz) Current
(mY) (nA) (VI,..) (mA)

LM110 6.0 10 40 20 5.5

LM102 7.5 100 10 10 5.5

MC1556 6.0 30 2.5 1 1.5

,...A715 7.5 4000 20 10 7.0

LM108 3.0 3 0.3 1 0.6

LM108A 1.0 3 0.3 1 0.6

LM101A 3.0 100 0.6 1 3.0
,...A741 6.0 1500 0.6 1 3.0

"Maximum for - 55'C ,;; TA ,;; 125'C

-Maximum at 2SoC

tTypical at 25'C

.5

II
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TA _21°t
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LM'" \!M.L
~

TUH/8462-3
Large signal pulse response shows 40V /,..s slew
for LMll0 and lOW,... for LMl02. Leading edge
overshoot on LM 110 is yjrtually eliminated, so ex·
ternal clamp diode frequently required on the
LM102 is not needed.

Offset' Bias' Siewt
Bandwldtht Supply'

Device Voltage Current Rate (MHz) Current
(mY) (nA) (VI,...s) (mA)

LM310 7.5 7.0 40 20 5.5

LM302 15 30 20 10 5.5

MC1456 10 30 2.5 1 1.5

,...A715C 7.5 1500 20 10 10

LM308 7.5 7.0 0.3 1 0.8

LM308A 0.5 7.0 0.3 1 0.8

LM301A 7.5 250 0.6 1 3.0

,...A741C 6.0 500 0.6 1 3.0

-Maximum at 25°C

tTypical at 25'C

High pass active filter

A'
110K

Cl'
0.02,..F

INPUT--1

·Values are for 100Hz cutoff. Use
metalized polycarbonate capac~ors
for good temperature stability
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tTetlon polyethylene or polycarbonale
dielectric capacitor

·Worst case drift less than 3 mV see



An IC Voltage Comparator
for High Impedance
Circuitry
Robert J. Widlar
Apartado Postal 541
Puerto Vallarta, Jalisco
Mexico

The IC voltage comparators available in the past have been
designed primarily for low voltage, high speed operation. As
a result, these devices have high input error currents, which
limit their usefulness in high impedance circuitry. An IC is
described here that drastically reduces these error currents,
with only a moderate decrease in speed.
This new comparator is considerably more flexible than the
older devices. Not only will it drive RTL, DTL and TIL logic;
but also it can interface with MOS logic and FET analog
switches. It operates from standard ± 15V op amp supplies
and can switch 50V, 50 mA loads, making it useful as a
driver for relays, lamps or light-emitting diodes. A unique
output stage enables it to drive loads referred to either sup-
ply or ground and provide ground isolation between the
comparator inputs and the load.
Another useful feature of the circuit is that it can be powered
from a single 5V supply and drive DTL or TIL integrated
circuits. This enables the designer to perform linear func-
tions on a digital-circuit card without using ex1rasupplies. It
can, for example, be used as a low-level photodiode detec-
tor, a zero crossing detector for magnetic transducers, an
interface for high-level logic or a precision multivibrator.

I"t •••••.•
y'

TL/H/8463-1
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Figure 1shows a simplified schematic of this versatile com-
parator. PNP transistors buffer the differential input stage to
get low input currents without sacrificing speed. Because
the emitter base breakdown voltage of these PNPs is typi-
cally lOV, they can also withstand a large differential input
voltage. The PNPs drive a standard differential stage. The
output of this stage is further amplified by the 05-0S pair.
This feeds a lateral PNP, Og, that provides additional gain
and drives the output stage.
The output transistor is 011 which is driven by the level
shifting PNP. Current limiting is provided by Rs and 010 to
protect the circuit from intermittent shorts. Both the output
and the ground lead are isolated from other points within the
circuit, so either can be used as the output. The V- terminal
can also be tied to ground to run the circuit from a single
supply. The comparator will work in any configuration as
long as the ground terminal is at a potential somewhere
between the supply voltages. The output terminal, however,
can go above the positive supply as long as the breakdown
voltage of 011 is not exceeded.

100

;;-
.!...
'"c~ 10co
>::;;
1£co

r.-lM710 I
lMl06/ lMlll

I /

Vos • Vos + Rslos

-55'C ~ TA ~ 125'C

lk 10k lOOk 1M 10M

INPUT RESISTANCE (ro

Figure 2. illustrating the Influence of source resistance
on worst case, equivalent Input offset voltage

Figure 2 shows how the reduced error currents of the
LM111 improve circuit performance. With the LMl10 or
LM106, the offset voltage is degraded for source resistanc-
es above 2000. The LM111, however, works well with
source resistances in excess of 30 kO. Figure 2 applies for
equal source resistances on the two inputs. If they are un-
equal, the degradation will become pronounced at lower re-
sistance levels.
Table I gives the important electrical characteristics of the
LM111 and compares them with the specifications of older
ICs.

A few, typical applications of the LM111 are illustrated in
Figure 3. The first is a zero crossing detector driving a MOS



Table I. Comparing the LM111 with earlier IC compara-
tors. Values given are worst case over a - 55'C
to + 125'C temperature range, except as noted.

Parameter LM111 LM106 LM710 Units

Input Offset 4 3 3 mVVoltage
Input Offset 0.02 7 7 I'-ACurrent

Input Bias 0.15 45 45 I'-ACurrent

Common Mode ±14 ±5 ±5 VRange

Differential Input ±30 ±5 ±5 VVoltage Range

Voltage Gaint 200 40 1.7 V/mV

Response Timet 200 40 40 ns

Output Drive
Voltage 50 24 2.5 V
Current 50 100 1.6 mA

Fan Out 8 16 1(DTLlTTL)

Power 80 145 160 mWConsumption

tTypical at 2S·C.

analog switch. The ground terminal of the IC is connected to
V-; hence, with ± 15V supplies, the signal swing delivered
to the gate of 01 is also ± 15V. This type of circuit is useful

,where the gain or feedback configuration of an op amp cir-
cuit must be changed at some precisely-determined signal
level. Incidentally, it is a simple matter to modify the circuit
to work with junction FETs.
The second circuit is a zero crossing detector for a magnet-
ic pickup such as a magnetometer or shaft-position pickoff.
It delivers the output signal directly to DTL or TTL logic cir-
cuits and operates from the 5V logic supply. The resistive
divider, R1 and R2' biases the inputs 0.5V above ground,
within the common mode range of the device. An optional
offset balancing circuit, R3 and R4' is included.
The next circuit shows a comparator for a low-level photodi-
ode operating with MOS logic. The output changes state
when the diode current reaches 1 I'-A. At the switching
point, the voltage across the photodiode is nearly zero, so
its leakage current does not cause an error. The output
switches between ground and -10V, driving the data inputs
of MOS logic directly.
The last circuit shows how a ground-referred load is driven
from the ground terminal of the LM111. The input polarity is
reversed because the ground terminal is used as the output.
An incandescent lamp, which is the load here, has a cold
resistance eight times lower than it is during normal opera-
tion. This produces a large inrush current, when it is
switched on, that can damage the switch. However, the cur-
rent limiting of the LM111 holds this current to a safe value.
The applications described above show that the output-cir-
cuit flexibility and wide supply-voltage range of the LM111
opens up new fields for IC comparators. Further, its low
error currents permit its use in circuits with impedance lev-
els above 1 kO. Although slower than older devices, it is
more than an order of magnitude faster than op amps used
as comparators.

V-· -IOV

TL/H/8463-5

-Input polarity is reversed
when using pin 1
as output.

d. driving ground-referred load

Figure 3. Typical applications of the LM111

The LM111 has the same pin configuration as the LM710
and LM106. It is interchangeable with these devices in ap-
plications where speed is not of prime concern.



..,.-~ Speed Up the LM108
Feedforward
Compensation

Feedforward frequency compensation of operational ampli-
fiers can provide a significant increase in slew rate and
bandwidth over standard lag compensation. When feedfor-
ward compensation is applied to the LM101A operational
amplifier,1 an order of magnitude increase in bandwidth re-
sults. A simple feedforward network has also been devel-
oped for use with the LM10B micropower amplifier to give a
factor of five improvement in speed. It uses no active com-
ponents and does not degrade the excellent dc characteris-
tics of the LM10B.
Figure 1 shows a schematic of an LM10B using the new
compensation. The signal from the inverting input is fed for-
ward around the input stage by a 500 pF capacitor, C1. At
high frequencies it provides a phase lead. With this lead,

C2
5 pF

R3
3K

C3

~ 10pF

TL/H/7328-1

FIGURE 1. LM108 with Feedforward Compensation
overall phase shift is reduced and less compensation is
needed to keep the amplifier stable. The C2-R1 network
provides lag compensation, insuring that the open loop gain
is below unity before 1BO'C phase shift occurs. The open
loop gain and phase as a function of frequency is compared
with standard compensation in Figure 2.

The slew rate is increased from 0.3VI,..s to about 1.3VI,..s
and the 1 kHz gain is increased from 500 to 10,000. Small
signal bandwidth is ex1endedto 3 MHz. The bandwidth must
be limited to 3 MHz because the phase shift through the
lateral PNP transistors used in the second stage becomes
excessive at higher frequencies. With the LM101A, 10 MHz
bandwidth was possible since the signal was bypassed
around the low frequency lateral PNP's. Nonetheless, 3
MHz is very respectable for a micropower amplifier draWing
only 300 ,..A quiescent current.

National Semiconductor
Linear Brief 14

When the LM10B is used with feedforward compensation, it
is less tolerant of capacitive loading and stray capacitance.
Precautions must be taken to insure stability. If load capaci-
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FIGURE 2. Open Loop Voltage Gain
tance is greater than about 75 to 100 pF, it must be isolated
as shown in Figure 3. A small capacitor is always needed to
provide a lead across the feedback resistor to compensate
for strays at the input. About 3 to 5 pF is the minimum value
capacitor. Care must be taken to minimize stray capaci-
tance at Pins 1, 2 and B when feedforward compensation is
used. Additionally, when the source resistance on the nonin-
verting input is greater than 10k, it should be bypassed with
a 0.1 ,..F capacitor.

RI
lOOK

INPUT-

c,JO'DO.Ol.F

• CZ > 5 x 10' pF
R2

TL/HI7328-3

FIGURE 3. Decoupllng Load Capacitance
As with any ex1ernally compensated amplifier, increasing
the compensation of the LM10B increases the stability at
the expense of slew and bandwidth. The circuit shown is for
the fastest response. Increasing the size of C2 to 20 or
30 pF will provide 2 or 3 times greater stability and capacitive



load tolerance. Therefore, the size of the compensation ca-
pacitor should be optimized for the bandwidth of the particu-
lar application.

The stability of the LM1 08 with feedforward compensation is
indicated by the small signal transient responses shown in
Rgure 4. It is quite stable since there is little overshoot and
ringing even though the amplifier is loaded with a 50 pF
capacitor. Large signal transient response for a 20V square
wave is shown in Figure 5. The small positive overshoot is
not severe and usually causes no problems.

~. V l00mV/DtV

~
.... .... .... .... ....

H 2}o's/DtV
.... .'( .... .... .... .... ...... T ..

Cl=50pf f\ •... R~=5Kr~
{ \ r

.... ... .... .... .... t· .... .. R'~=50K ...

.... .... .... .... .... .... .... .... .... ....

TLlH17328-4

FIGURE 4. Small Signal Transient Response of LM108
with Feedforward Compensation

The LM108 is unusually insensitive to power supply bypass-
ing with the new compensation. Even with several feet of
wire between the device and power supply, it does not be-
come unstable. However, it is still wise to bypass the sup-

v .~?V(~'Y..... ... ... .... .... .... .... .. .
\. H 10}o's!OIV.... ... .... .... .... .... j .... ...

\ R~=5K

I \
.... .... .... .... .... ...,.... .. RSF50K ....
.... .... .... .... .... .... .... ... .... ....

TLiH/7328-5

FIGURE 5. Large Signal Transient Response of LM108
with Feedforward Compensation

plies for drill since noise on the V+ line can be injected to
the summing junction by the 500 pF feedforward capacitor.

The new feedforward compensation is easy to use and of-
fers a factor of five improvement over standard compensa-
tion. Slew rate is increased to 1.3V /,.,.s and power band-
width extended to 20 kHz. Also, gain error at high frequen-
cies is reduced. This makes the LM108 more useful in preci-
sion applications where low dc error as well as low ac error
is desired.

REFERENCE

1. Robert C. Dobkin, "Feedforward Compensation Speeds
Op Amp," National Semiconductor LB-2, March, 1969.
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~ High Stability Regulators

Monolithic IC's have greatly simplified the design of general
purpose power supplies. With an IC regulator and a few
external components 0.1 % regulation with 1% stability can
be obtained. However, if the application requires better per-
formance, it is advisable to use some other design ap-
proach.

Precision regulators can be built using an IC op amp as the
control amplifier and a discrete zener as a reference, where
the performance is determined by the reference. Figures 1
and 2 show schematics of simple positive and negative reg-
ulators. They are capable of providing better than 0.01 %
regulation for worst case changes of line, load and tempera-
ture. Typically, the line rejection is 120 dB to 1 kHz; and the
load regulation is better than 10 ",V for a lA change. Tem-
perature is the worst source of error; however, it is possible
to achieve less than a 0.01 % change in the output voltage
over a - SS"C to + 12S"C range.

The operation of both regulators is straightforward. An inter-
nal voltage reference is provided by a high-stability zener
diode. The LMI 08A 1 operational amplifier compares a frac-
tion of the output voltage with reference. In the positive reg-
ulator, the output of the op amp controls the ground terminal
of an LM1092 regulator through source follower, 01. Fre-
quency compensation for the regulator is provided by both
the R1 C2 combination and output capacitor, Ca.

The negative regulator shown in Figure 2 operates similarly,
except that discrete transistors are used for the pass ele-
ment. A transistor, 01, level shifts the output of the LM108
to drive output transistors, Oa and 04' Current limiting is
proVided by 02. Capacitors Ca and C4 frequency compen-
sate the regulator.

In the positive regulator the use of an LM109 instead of
discrete power transistors has several advantages. First,
the LM109 contains all the biasing and current limit circuitry
needed to supply a 1A load. This simplifies the regulator.
Second, and probably most important, the LM109 has ther-

tIt
U~F

~

tDetermines zener current.
May be adjusted to
minimize thermal drift.

tSolid tantalum
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mal overload protection, making the regulator virtually burn-
out proof. If the power dissipation becomes excessive or if
there is inadequate heat sinking, the LM109 will turn off
when the chip temperature reaches 17S"C, preventing the
device from being destroyed. Since no such device is avail-
able for use in the negative regulator, the heat sink should
be large enough to keep the junction temperature of the
pass transistors at an acceptable level for worst case condi-
tions of maximum ambient temperature, maximum input
voltage and shorted output.

Although the regulators are relatively simple, some precau-
tions must be taken to eliminate possible problems. A solid
tantalum output capacitor must be used. Unlike electrolyt-
ics, solid tantalum capacitors have low internal impedance
at high frequencies. Low impedance is needed both for fre-
quency compensation and to eliminate possible minor loop
oscillations. The power transistor recommended for the
negative regulator is a single-diffused wide-base device.
This transistor type has fewer oscillation problems than dou-
ble diffused transistors. Also, it seems less prone to failure
under overload conditions.

Some unusual problems are encountered in the construc-
tion of a high stability regulator. Component choice is most
important since the resistors, amplifier and zener can con-
tribute to temperature drift. Also, good circuit layout is need-
ed to eliminate the effect of lead drops, piCkUp, and thermal
gradients.

The resistors must be low-temperature-coefficient wire-
wound or precision metal film. Ordinary 1% carbon film, tin
oxide or metal film units are not suitable since they may drift
as much as O.S% over temperature. The resistor accuracy
need not be O.OOS% as shown in the schematic; however,
they should track better than 1 ppml"C. Additionally, wire-
wound resistors usually have lower thermoelectric effects
than film types. The resistor driving the zener is not quite



tDetermines zener current May be
adjusted to minimize thermal drift.

tSolid tantalum

as critical; but it should change less than 0.2% over temper-
ature.
The excellent dc characteristics of the LM108A make it a
good choice as the control amplifier. The offset voltage drift
of less than 5 ,..Vrc contributes little error to the regulator
output. Low input current allows standard cells to be used
for the voltage reference instead of a reference diode. Also
the LM108 is easily frequency compensated for regulator
applications.
Of course, the most important item is the reference. The
IN829 diode is representative of the better zeners available.
However, it still has a temperature coefficient of
0.0005%rC or a maximum drift of 0.05% over a -55°C to
+ 125°Ctemperature range. The drift of the zener is usually
linear with temperature and may be varied by changing the
operating current from its nominal value of 7.5 mA. The tem-
perature coefficient changes by about 50 ,..vrc for a 15%
change in operating current. Therefore, by adjusting the ze-

ner current, the temperature drift of the regulator may be
minimized.
Good construction techniques are important. It is necessary
to use remote sensing at the load, as is shown on the sche-
matics. Even an inch of wire will degrade the load regula-
tion. The voltage setting resistors, zener, and the amplifier
should also be shielded. Board leakages or stray capaci-
tance can easily introduce 100 ,..V of ripple or dc error into
the regulator. Generally, short wire length and single-point
grounding are helpful in obtaining proper operation.
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1. R.J. Widlar, "IC Op Amp Beats FETs on Input Current,"

National Semiconductor AN-29, December, 1969.
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~ Easily Tuned Sine Wave

Oscillators

One approach to generating sine waves is to filter a square
wave. This leaves only the sine wave fundamental as the
output. Since a square wave is easily amplitude stabilized by
clipping, the sine wave output is also amplitude stabilized. A
clipping oscillator eliminates the problems encountered with
agc stabilized oscillators such as those using Wein bridges.
Additionally, since there is no slow agc loop, the oscillator
starts quickly and reaches final amplitude within a few cy-
cles.

National Semiconductor
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If a lower distortion oscillator is needed, the circuit in Figure
2 can be used. Instead of driving the tuned circuit with a
square wave, a symmetrically clipped sine wave is used.
The clipped sine wave, of course, has less distortion than a
square wave and yields a low distortion output when filtered.
This circuit is not as tolerant of component values as the
one shown in Figure 1.To insure oscillation, it is necessary
that sufficient signal is applied to the zeners for clipping to
occur. Clipping about 20% of the sine wave is usually a
good value. The level of clipping must be high enough to

t C1 ~ C2

* Frequency Adjust

• Amplitude Adjust

1
Fo ••• 2".C, JR;'R,

FIGURE 1. Easily Tuned Sine Wave Oscillator

The circuit in Figure 1 will provide both a sine and square insure oscillation over the entire tuning range. If the clipping
wave output for frequencies from below 20 Hz to above 20 is too small, it is possible for the circuit to cease oscillation
kHz. The frequency of oscillation is easily tuned by varying a due to tuning, component aging, or temperature changes.
single resistor. This is a considerable advantage over Wein Higher clipping levels increase distortion. As with the circuit
bridge circuits where two elements must be tuned simulta- in Figure 1, this circuit is self-starting.
neously to change frequency. Also, the output amplitude is Table I shows the component values for the various fre-
relatively stable when the frequency is changed. quency ranges. Distortion from the circuit in Figure 1ranges
An operational amplifier is used as a tuned circuit, driven by between 0.75% and 2% depending on the setting of R3.
square wave from a voltage comparator. Frequency is con- Although greater tuning range can be accomplished by in-
trolled by R" R2' C" C2, and R3' with R3 used for tuning. creasing the size of R3 beyond 1 kn, distortion becomes
Tuning the filter does not affect its gain or bandwidth so the excessive. Decreasing R3 lower than son can make the
output amplitude does not change with frequency. A com- filter oscillate by itself. The circuit in Figure 2 varies between
parator is fed with the sine wave output to obtain a square 0.2% and 0.4% distortion for 20% clipping.
wave. The square wave is then fed back to the input of the About 20 kHz is the highest usable frequency for these os-
tuned circuit to cause oscillation. Zener diode, 0" stabilizes cillators. At higher frequencies the tuned circuit is incapable
the amplitude of the square wave fed back to the filter input. of providing the high a bandpass characteristic needed to
Starting is insured by R6 and Cs which provide dc negative filter the input into a clean sine wave. The low frequency
feedback around the comparator. This keeps the compara- end of oscillation is not limited except by capacitor size.
tor in the active region.



FIGURE 2. Low Distortion Sine Wave Oscillator

capacitance. causing spikes on the output. Therefore the
output of the comparator with the associated circuitry
should be shielded from the inputs of the op amp.
Component choice is also important. Good quality resistors
and capacitors must be used to insure temperature stability.
Capacitor should be mylar. polycarbonate, or polystyrene -
electrolytics will not work. One percent resistors are usually
adequate.
The circuits shown provide an easy method of generating a
sine wave. The frequency of oscillation can be varied over
greater than a 4 to 1 range by changing a single resistor.
The ease of tuning as well as the elimination of critical agc
loops make these oscillators well suited for high volume
production since no component selection is necessary.

t C1 ~ C2

•• Frequency Adjust

• Clipping Level Adjust

1
Fo '" 2"C, JR;""R";'

C1,C2
Mln Max

Frequency Frequency

0.47,...F 18Hz 80 Hz
0.1,...F 80 Hz 380 Hz
.022,...F 380 Hz 1.7 kHz
.0047,...F 1.7 kHz 8 kHz
.002,...F 4.4 kHz 20 kHz

In both oscillators, feedforward compensation3 is used on
the LM101A amplifiers to increase their bandwidth. Feedfor-
ward increases the bandwidth to over 10 MHz and the slew
rate to better than 10 V/ ,...s.With standard compensation
the maximum output frequency would be limited to about
6 kHz.
Although these oscillators are not particularly tricky, good
construction techniques are important. Since the amplifiers
and the comparators are both wide band devices, proper
power supply bypassing is in order. Both the positive and
negative supplies should be bypassed with a 0.1 ,...Fdisc
ceramic capacitor. The fast transition at the output of the
comparator can be coupled to the sine wave output by stray
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~ LM118 Op Amp Slews

70 V/l-tsec

One of the greatest limitations of today's monolithic op
amps is speed. With unity gain frequency compensation,
general purpose op amps have 1 MHz bandwidth and
0.3 V,..sslew rate. Optimized compensation as well as feed-
forward compensation can improve op amp speed for some
applications. Specialized devices such as fast, unity-gain
buffers are available which provide partial solutions. This
paper will describe a new high speed monolithic amplifier
that offers an order of magnitude increase in speed with no
loss in flexibility over general purpose devices.
The LM118 is constructed by the standard six mask mono-
lithic process and features 15 MHz bandwidth and 70 V/,..s
slew rate. It operates over a ± 5 to ± 18V supply range with
little change in speed. Additionally, the device has internal
unity-gain frequency compensation and needs no external
components for operation. However, unlike other internally
compensated amplifiers, external feedforward compensa-
tion may be added to approximately double the bandwidth
and slew rate.

DESIGN CONCEPTS
In general purpose amplifiers the unity-gain bandwidth is
limited by tDe lateral PNP transistors used for level shifting.
The response above 2 MHz is so poor that they cannot be
used in a feedback amplifier. If the PNPtransistors are used
for level shifting only at DC or low frequencies and the sig-
nal is fed forward around the PNP transistors at high fre-
quencies, wide bandwidth can be obtained without the ex-
cessive phase shift of the PNP transistors.

TUH/6831-1
FIGURE 1. Simplified Circuit of the LM118

Figure 1 shows a simplified schematic of the LM118. Tran-
sistors 01 and 02 are a conventional differential input stage
with emitter degeneration and resistive collector loads. 03
and 04 form the second stage which further amplify the
signal and level shift the signal towards V-. The collectors
of 03 and 04 drive a current inverter, 010 and 011 to con-
vert from differential to single ended. 09, which has a cur·
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rent source load for high gain, drives a class B output. The
collectors of the input stage and the base of 09 are avail-
able for offset balancing and external compensation.
Frequency compensation is accomplished with three inter-
nal capacitors. C1 rolls off on half the differential input stage
so that the high frequency signal path is single-ended. Also,
at high frequencies, the signal is fed forward around the
lateral PNP transistors by a 30 pF capacitor, C2. This elimi-
nates the excessive phase shift. Overall frequency re-
sponse is then set by capacitor, ~, which rolls off the am-
plifier at 6 dB/octave. As previously mentioned feedforward
compensation for inverting applications can be applied to
the base of 09. Figure 2 shows the open loop frequency
response of an LM118. Table I gives typical specifications
for the new amplifier.
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FIGURE 2. Open Loop Voltage Gain as a
Function of Frequency for LM118

TABLE I. Typical Specifications for the LM118
Input Offset Voltage 2mV
Input Bias Current 200nA
Offset Current 20nA
Voltage Gain 200k
Common Mode Range ± 11.5V

Output Voltage Swing ±13V
Small Signal Bandwidth 15MHz
Slew Rate 70 VI,..s

OPERATING CONFIGURATION
Although considerable effort was taken to make the LM118
trouble free, high frequency amplifiers are more prone to
oscillations than low frequency devices such as the
LM101A. Care must be taken to minimize the stray capaci.
tance at the inverting input and at the output; however the
LM118 will drive a 100 pF load. Good power supply bypass-
ing is also in order-C.1 ,..Fdisc ceramic capacitors should
be used within a few inches of the amplifier. Additionally, a
small capacitor is usually necessary across the feedback
resistor to compensate for unavoidable stray capacitance.
Figure 3shows feedforward compensation of the LM118 for
fast inverting applications. The signal is fed from the sum-
ming junction to the output stage driver by C1 and R4. Re-



sistors Rs, Rs and R7 have two purposes: they increase the
internal operating current of the output stage to increase
slew rate and they provide offset balancing. The current
boost is necessary to drive internal stray capacitance at the
higher slew rate. Mismatch of the external resistors can
cause large voltage offsets so offset balancing is neces-
sary. For supply voltages other than ± 1SV, Rs and Rs
should be selected to draw about 500 IJ-Afrom Pins 1 and 5.

R2
SK

1
RS
21K
1%

R1
2.SK
BALANCE

':' tSlew rate typically 120 V I/'s

TUH/6831-3

FIGURE 3. Feedforward Compensation
for Greater Inverting Slew Ratet

When using feedforward resistor R4 should be optimized for
the application. It is necessary to have about 8 kO in the
path from the output of the amplifier through the feedback
resistor and through feedforward network to Pin 8 of the
device. The series resistance is needed to limit the band-
width and prevent minor loop oscillation.
At high gains, or with high value feedback resistors R4 can
be Quite low-but not less than 1000. When the LM118 is
used as a fast integrator, with a large feedback capacitor or
with low values of feedback resistance, R4 must be in-
creased to 8 kO to insure stability over a full -55°C to
+ 125°C temperature range.

One of the more important considerations for a high speed
amplifier is settling time. Poor settling time can cancel the
advantages of having high slew rate and bandwidth. For
example-an amplifier can have severe ringing after a step
input. A relatively long time is then needed before the output
voltage can be read accurately. Settling time is the time
necessary for the output to slew through a defined voltage
change and settle to within a defined error of its final output
voltage. Figure 4 shows optimized compensation for settling

R2
5K

TUH/6831-4

FIGURE 4. Compensation for Minimum 5ettllngt Time
to within 0.1% error. Typically the settling time is 800 ns for
a simple inverter circuit as shown. Settling time is, of course,
subject to operating conditions external to the IC such as
closed loop gain, circuit layout, stray capacitance and
source resistance. An optional offset balancing circuit, R3
and R4 is included.
The LM118 opens up new fields for IC operational amplifi-
ers. It is more than an order of magnitude faster than gener-
al purpose amplifiers while retaining the ease of use fea-
tures. It is ideally suited for analog to digital converters, ac-
tive filters, sample and hold circuits and wide band amplifi-
cation. Further, the LM118 has the same pin configuration
as the LM101A or LM741 and is interchangeable with these
devices when speed is of prime concern.
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~ +5 to -15 Volts DC

Converter

INTRODUCTION

It is frequently necessary to convert a DC voltage to another
higher or lower DC-voltage while maximizing efficiency.
Conventionai switching regulators are capable of converting
from a high input DC voltage to a lower output voltage and
satisfying the efficiency criteria. The problem is a little more
troublesome if a higher output voltage than the input voltage
is desired. Particularly, generating DC voltage with opposite
polarity to the input voltage usually involves a complicated
design.

This brief demonstrates the use of the switching regulator
idea for a +5 volts to - 15 volts converter. The converter
has an application as a power supply for MaS memories in
a logic system where only +5 volts is available. However,
the principle used can be amp lied for almost any input out-
put combination.

OPERATION

The method by which the regulator generates the opposite
polarity is explained in Figure 1. The transistor 0 is turned
ON and OFF with a given duty cycle. If the base drive is
sufficient the voltage across the inductor is equal to the
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I I I I

1_- I Iii" t
I--.--T

ON
• I I T

OFF
I

~=i-=tlrt
TUH/8467-2

FIGURE 1. Switching Circuit for Voltage Conversion

supply voltage minus VSAT. The current change in the in-
ductor is given by:

tl.1 = VSS - VSAT X TON::::; VSSTON (1)
L L
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Turning OFF the transistor the inductor current has a path
through the catch diode and this in turn builds up a negative
voltage across Rl'

The figure also shows the current and voltage levels versus
time. A capacitor in parallel to the resistor will prevent the
voltage from dropping to zero during the transistor ON time.

Assuming a large capacitor, we can also write the current
change as:

tl.1 = VOUT - VD X TOFF ::::;VOUT X TOFF (2)
L L

In order to get a general idea of the operation for certain
input output conditions, we will develop a set of equations.

During the transistor ON time, energy is loaded into the in-
ductor. In the same time interval, the capacitor is drained
due to the load resistor Rl'

Drop in capacitor voltage:

tl.V = ILOAD X TON (3)
C

During the TOFF time the stored energy in the inductor is
transferred to the load and capacitor. A rough estimate of
TOFF can be expressed as:

VSS
TOFF = -- X TON (4)

VOUT
The capacitor voltage will be restored with a average cur-
rent given by:

Ic = I1V x C = IlOAD X VOUT (5)
TOFF VSS

The total inductor current during the OFF time can be writ-
ten as:

IINDUCTOR = ILOAD + Ie
Inspecting Figure 1. We find:

I _ 111_ VSS x TON
e-"2- 2xL

2 x L X ILOAD X VOUT (8)TON = ---~~---
VSS2

Taking into account that the efficiency is in the order of 75%
the final expression is:

1.5 x L x IlOAD X VOUT (9)
TON = V 2

SS
The above equations will be applied to the regulator shown
at Figure 2.The regulator must deliver -15 volts at 200 mA
from a +5 volt supply. Using a 1 mH inductor the TON time
for 02 is 0.18 ms from equation 9. TOFF is 60 "'S from equa-
tion 4 and the oscillator frequency to:

F= 1 ::::;4kHz
TON + TOFF



POUT
II ~ p;;;- ;;,75%

F - 6 kHz 80% DUTY

VRIPPLE - 100 mV @200 mA OUT

IL - 200 mA MAX

VOUT = -15V

VOUT = (V2 +VSE (~+ 1)

The LM311 performs like a free running multivibrator with
high duty cycle. The IC is designed to operate from a stan-
dard single 5 volt supply and has a high output current capa-
bility for driving the switching transistor 02. The duty cycle is
given by the voltage divider Ra and R4 and the frequency of
C1 in conjunction with Rs.

By setting the duty cycle higher than first calculated, the
output voltage will tend to increase above the desired out·
put voltage of 15 volts. However, an extra loop performed
by 01 and the zener diode in conjunction with the resistor
network will modify the oscillator duty cycle until the desired
output level is obtained.

The output voltage is given by:

VOUT = (VZ + VSE) (:: + 1)

Data and results obtained with the design:

VIN = 5 volts

VOUT = -15 volts

lOUT = max 200 mA

Efficiency'" 75%

Frequency"" 6 kHz 80% duty cycle

VRIPPLE'" 100 mV @ 200 mA load

Line regulation: VIN = 5V to 10V < 3% VOUT

'LOAD = 200 mA
Load regulation: VIN = 5V < 3% VOUT

'LOAD = 0 - 100 mA



The following analysis of sine and step voltage responses
applies to all single dominant pole op amps such as the
LM101A, LM107, LM108A, LM112, LM118 and the LM741.
Each of these op amps has an open loop response curve
with a shape similar to the one shown in Figure 1. The dis-
tinguishing feature of this curve is the single low frequency
turnover from a flat response to a uniform - 20 dB per dec-
ade of frequency (-6 dB/octave) drop in gain, at least until
the curve passes through the 0 dB line. Closing the loop to
40 dB (X100) as shown with a dotted line on Figure 1 does
not change the shape of the curve, but it does move the
turnover to a higher frequency. These open loop and closed
loop response curves determine the gain applied to small
signal inputs. The logical question then arises as to when a
signal can no longer be treated as a small signal and the
amplifier response begins to deviate from this curve.
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FIGURE 1. Open and Closed Loop Frequency Response

The answer lies in the slew rate limit of the op amp. The
slew rate limit is the maximum rate of change of the amplifi-
er's output voltage and is due to the fact that the compensa-
tion capacitor inside the amplifier only has finite currents1
available for charging and discharging. A sinusoidal output
signal will cease being a small signal when its maximum rate
of change equals the slew rate limit Sr of the amplifier. The
maximum rate of change for a sine wave occurs at the zero
crossing and may be derived as follows:

dvodt = 2'/TfVpcos2'/Tft

dvo 1= 21J'fVp
dt t = 0

Sr = 2'/T fmax Vp

where: Vo = output voltage

Vp = peak output voltage

5
. dvo

r = maximum dt

The maximum sine wave frequency an amplifier with a given
slew rate will sustain without causing the output to take on a
triangular shape is therefore a function of the peak ampli-
tude of the output and is expressed as:

Srfmax=--
2'/TVp

Equation 5 demonstrates that the borderline between small
signal response and slew rate limited response is not just a
function of the peak output signal but that by trading off
either frequency or peak amplitude one can continue to
have a distortion free output. Figure 2 shows a quick refer-
ence graphical presentation of equation 5 with the area
above any VPEAK line representing an undistorted small sig-
nal response and the area below a given VPEAK line repre-
senting a distorted sine wave response due to slew rate
limiting.
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FIGURE 2. Sine Wave Response

As a matter of convenience, amplifier manufacturers often
give a "full-power bandwidth" or "large signal response" on
their specification sheets.



This frequency can be derived by inserting the amplifier
slew rate and peak rated output voltage into equation 5. The
bandwidth from DC to the resulting fmax is the full-power
bandwidth or "large signal response" of the amplifier. For
example the full-power bandwidth of the LM741 with a 0.5V
",s S, is approximately 6 kHz while the full-power bandwidth
of the LM118 with an Sr of 70 V/",s is approximately 900
kHz.

The step voltage response at the output of an op amp can
also be divided into a small signal response and a slew rate
limited response. The signal turnover and uniform - 20 dBI
decade slope shown in the small signal frequency response
curve of Figure 1 are also characteristic of a low pass filter
and one can in fact model an op amp as a low pass RC filter
followed by a very wideband amplifier. Figure 3 shows a
model ofaX1 00 circuit with a 3 dB down rolloff frequency of

..[
fJdO = 2rr~C

fJdO' 10 kHz

TL/H/8726-3

FIGURE 3. Small Signal Op Amp Model
10 kHz. From basic filter theory2 the 10% to 90% rise time
of single pole low pass filter is:

0.35 (6)
tr = f3dB

which for this example would be 35 ",s. Again this small
signal or low pass filter response ceases when the required
rate of change of the output voltage exceeds the slew rate
limit S, of the amplifier. Mathematically stated:

VSTEP:?: S (7)
tr '

This means that as soon as the amplitude of the output step
voltage divided by the rise time of the circuit exceeds the S,
of the amplifier, the amplifier will go into slew rate limiting.

The output will then be a ramp function with a slope of S,
and a rise time equal to:

t', = VSTEP (8)
S,

SUbsituting equation 6 into equation 7 gives the critical val-
ue of VSTEP directly in terms of f3dB:

VSTEP f3db :?:S (9)
0.35 r

which can be graphed as shown in Figure 4. Any point in the
area above a VSTEP line represents an undistorted low pass
filter type response and any point in the area below a given
VSTEP line represents a slew rate limited response.
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FIGURE 4. Step Voltage Response
The above equations and graphs should allow one to avoid
the pitfalls of slew rate limiting and also provide a means of
using engineering tradeoffs to extend the response of the
single dominant pole type of ampilfier.
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~ A Fully Differential Input
Voltage Amplifier

INTRODUCTION
The instrumentation amplifier is useful for amplifying small
differential signals which may be riding on high common
mode voltage levels. These amplifiers are particularly useful
in amplifying signals in the milli-volt range which are sup-
plied from a high impedance source (> 2 kO).

This brief will demonstrate how a low cost, high perform-
ance instrumentation amplifier can be built using the newly
introduced LM3900 quad amplifier. It is also indicated how a
compact transducer bridge amplifier system can be devel-
oped to take advantage of the versatility of the LM3900.

BASIC AMPLIFIER OPERATION
Figure 1 shows the basic operation of the amplifier. The bias
of the LM3900 is set by the resistors R2 and Ra (neglecting
for now, the transistors 01 and 02l. Current which enters
the non-inverting input of the LM3900 will be "mirrored"
about V- and then will be drawn into the inverting input
terminal. This causes the current to flow through the feed-
back resistor, Ra, which establishes the output voltage lev-
el. If R2 = Ra and further, if R2 is connected to ground (OV),
then the output voltage biasing level will also be exactly
zero volts. It should be noticed that an OUTPUT OFFSET
CONTROL can be implemented by supplying a reference
voltage, EA. between R2 and ground.
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FIGURE 1. Basic Instrumentation Amplifier
Adding transistors 01 and 02, as shown in Figure 1 will not
disturb this biasing if the two collector currents of the tran-
sistors are well matched for a OV differential input signal.
The current sources which bias 01 and 02, are chosen to
be 100 /LA each to guarantee high f3 and low offset voltage
in 01 and 02·
The gain of the amplifier is calculated as follows:

Any differential input voltage, !J.VIN. appears across R1' and
produces a current change !J.I, which is given by:

!J.I = !J.VIN
R1
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This current change will show up in the collectors of 01 and
02 with opposite polarity. The input mirror of the LM3900
returns !J.I01 to the inverting input terminal where it is added
(With sign) to !J.I02 yielding a total current change of 2!J.1.
This current flows through the feedback resistor, Ra• which
causes an output voltage change, !J.Vo, which is given by:

!J.Vo = 2!J.1X Ra = 2 x !J.VIN X Ra (2)
R1

Ra
Ay = 2 R1 (3)

At this point it is convenient to evaluate the result obtained.
The gain can be established by one resistor (R1) according
to equation (3). Conventional instrumentation amplifiers
usually have a gain given by:

Ay = 1 + con=tant (4)

This means that the minimum gain of unity is obtained if R is
left out (R = 00). Note that this is different from the result
indicated in equation (3) where unity gain is obtained for

R1 = 2Ra (5)

and minimum gain (or maximum attenuation) is obtained if
R1 is left out (R1 = 00). This suggests that the amplifier can
be turned OFF without disturbing the output voltage dc bias.

The two current sources for 01 and 02 are implemented
with a dual transistor (Oa and 04) in conjunction with an
additional amplifier of the LM3900 as shown in Figure 2.
The operation can be easily understood if R4 and Rs are
incorporated within the amplifier, which then takes the form
of a conventional opamp closed loop regulator which main-
tains a reference voltage (the drop across R6) at the emitter
of 04.

PERFORMANCE
The performance of the complete instrumentation amplifier
of Figure 2 is outlined below (Table I and Figure 3).

TABLE I. Typical Performance Characteristics
GAIN
Range of gain

Gain is set according to:
INPUT
Voltage offset referred to
input is adjustable to zero.
Common-mode and
differential input voltage
Common-mode rejection
ratio at 10Hz
Bias current (either input)
OUTPUT
Output offset is
adjustable to zero.
Output noise
FREQUENCY RESPONSE
Small signal frequency
response ( - a dB)

-34 dB (Rt = 00) to 72 dB (R1 =0)

A =2Ra
v R1

3 mVrms (ACL = 66 dB)

1 MHz (gain of 1000)
3 MHz (gain of 1)
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Since quantitative discussion of the sources of offset volt-
age is beyond the scope of this brief, only the procedure for
nulling the amplifier will be included.
Letting R1 go to zero causes the amplifier to operate in the
open-loop mode. The main offset voltage source is now the
VSE mismatch of 01 and 02. The output can be nulled by
the OUTPUT OFFSET CONTROL (the reference voltage for
R2) or by adjusting the value of R2. With R1 = 00, the main
offset voltage source is the mismatch in the collector cur-
rents of 03 and 04. This is easily adjusted via R12. These
first and second adjustments interact, however, after re-
peating the procedure a couple of times a good result is
obtained.

TRANSDUCER BIAS SOURCE
Having in mind that the LM3900 consists of four indepen-
dent amplifiers makes it relatively easy to bias a transducer
bridge with a constant current source using only one more
of the amplifiers and one resistor. The technique is self-ex-
planatory and is also shown in Figure 2.

CONCLUSION
A brief review of a new concept for an instrumentation am-
plifier has been presented. Many applications can be de-

rived from this basic connection which require amplifying
the low level differential signals which are obtained from
sensors such as strain gages, pressure transducers, and
thermocouples. The performance of this instrumentation
amplifier is adequate for many system applications. (See
National Semiconductor Application Note 72, "The
LM3900 - A New Current-Differencing Ouad of ± Input
Amplifiers" for further information.)
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~ Instrumentational
Amplifiers

INTRODUCTION
One of the most useful analog subsystems is the true instru-
mentation amplifier. It can faithfully amplify low level signals
in the presence of high common mode noise. This aspect of
its performance makes it especially useful as the input am-
plifier of a signal processing system. Other features of the
instrumentation amplifier are high input impedance, low in-
put current, and good linearity.

It has never been easy to design a high performance instru-
mentation amplifier; however, the availability of high per-
formance IC's considerably simplifies the problem. IC op
amps are available today that can give very low drifts as well
as low bias currents; however, most of the circuits have
some drawbacks.

The most commonly used instrumentation amplifier designs
utilize either 2 or 3 op amps and several precision resistors.
These are capable of excellent performance; however, for
high performance they require very precisely matched resis-
tors. The common mode rejection of these designs depends
on resistor matching and overall gain. Since op amps are
now available with exceedingly high CMRR, this is no longer
a problem. The CMRR of the instrumentation amplifier is
approximately equal to half resistor mismatch plus the gain.
For a 1% resistor mismatch the CMRR is limited to 46 dB
plus the gain-referred to the input.
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Referred to the output, the common mode error is indepen-
dent of gain and fixed by the resistor mismatch. For 1%
match the error is 0.5%, and for 0.1 % match the error is
0.05%. These errors are not trivial in high precision sys-
tems.

An instrumentation amplifier is shown here that compares
favorably with multiple op amp designs, yet does not require
precisely matched resistors. Further, the design allows a
single resistor to adjust the gain. In comparing this instru-
mentation amp to multiple op amp types there are of course
some drawbacks. The gain linearity and accuracy are not as
good as the multiple op amp circuits.

The errors appearing in multiple op amp circuits are inde-
pendent of the output signal level. For example, a common
mode error at the output of 0.5% of full scale is a 33% error
if the desired output signal is only 1.5% of full scale. With
the new circuit maximum errors at full scale output and the
percentage of output error decreases at lower output levels.

Figure 1 shows a general purpose instrumentation amplifier
optimized for wide bandwidth. It can provide gains from un-
der 1 to over 1000 with a single resistor adjustment. Gain
linearity is worst for unity-gain at 0.4%, and gain stability is
better than 1.5% from - 55'C to + 125'C. Typically over a
O'C to +70'C range gain stability is 0.2%. Common mode
rejection ratio is about 100 dB-independent of gain.
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N..•.Transistor pair, 01 and 02, are operated open-loop as the
input stage to give a floating, fully differential input. Current
sources, 03 and 04, set the operating current of the input
pair. To obtain good linearity the output current of 03 and
04 are set at about twice the current in R8 at full differential
voltage. The temperature sensitivity of the transconduct-
ance of 01 and 02 is compensated by making their operat-
ing current directly proportional to absolute temperature. It
has been shown that by biasing the base of transistor cur-
rent sources at 1.22V, the output current varies as absolute
temperature. The LM113 diode provides a constant 1.22V
to the current sources. Both the compensated gm of 01 and
02 and the large degeneration from R8 give the amplifier
stable gain over a wide temperature range.

In operation, transistors 01 and 02 convert a differential
input voltage to a differential output current at their collec-
tors. This is fed into a standard differential amplifier to ob-
tain a single ended output voltage. Since the diff amp does
not see the common mode input voltage, 1% resistors are
adequate. Gain is set by the ratio of R8 (plus the ra of 01
and 02) to the sum of R6 and R7.
As mentioned previously this circuit is optimized for wide
bandwidth: however, it is easily modified for other applica-
tions. If low bias current is needed, all resistors can be in-
creased by a factor of 100 and an LM108 substituted for the
LM318. Other possible improvements are cascaded current
sources and a modified Darlington input stage.



••.•• nuuu\" I_UN

Since the introduction of the monolithic IC amplifier, there
has been a continued improvement in DC accuracy. Bias
currents have been decreased by five orders of magnitude
over the past five years. Low offset voltage drift is also nec-
essary in high-accuracy circuits. This is evidenced by the
popularity of low-drift amplifier types as well as requests for
selected low-drift op amps. However, little has been written
about the problems associated with handling microvolt sig-
nals with a minimum of errors.
A very low drift amplifier poses some uncommon application
and testing problems. Many sources of error can cause the
apparent circuit drift to be much higher than would be pre-
dicted. In many cases, the low drift of the op amp is com-
pletely swamped by external effects while the amplifier is
blamed for the high drift.
Thermocouple effects caused by temperature gradient
across dissimilar metals are perhaps the worst offenders.
Whenever dissimilar metals are joined, a thermocouple re-
sults. The voltage generated by the thermocouple is propor-
tional to the temperature difference between the junction
and the measurement end of the metal. This voltage can
range between essentially zero and hundreds of microvolts
per degree, depending on the metals used. In any system
using integrated circuits, a minimum of three metals are
found: copper, solder, and kovar (lead material of the IC).
Nominally, most parts of the circuit are at the same temper-
ature. However, a small temperature gradient can exist
across even a few inches-and this is a big problem with
the low level signals. Only a -few degrees gradient can
cause hundreds of microvolts of error. Two places where
this shows up, generally, are the package-to-printed-circuit-
board interface and temperature gradients across resistors.
Keeping package leads short and the two input leads close
together help greatly.
For example, a very low drift amplifier was constructed and
the output monitored over a 1-minute period. During the one
minute it appeared to have input referred offset variations of
± 5.0 "..V.Shielding the circuit from air currents reduced this
to ±0.5 "..V.The 10 "..Verror was due to thermal gradients
across the circuit from air currents.
Resistor choice as well as physical placement is important
for minimizing thermocouple effects. Carbon, oxide film, and
some metal-film resistors can cause large thermocouple er-
rors. Wirewound resistors of evenohm or managanin are
best since they only generate about 2.0 "..vrc referenced
to copper. Of course, keeping the resistor ends at the same
temperature is important. Generally, shielding a low-drift
stage electrically and thermally yields good results.
Resistors can cause other errors besides gradient generat-
ed voltages. If the gain setting resistors do not track with
temperature, a gain error will result. For example, a gain-of-
1000 amplifier with a constant 10 mV input will have 10V
output. If the resistors mistrack by 0.5% over the operating
temperature range, the error at the output is 50 mY. Re-
ferred to input, this is a 50 "..V error. Most precision resistors
use different material for different ranges of resistor values.
It is not unexpected that a resistor differing by a factor of
1000 does not track perfectly with temperature. For best

results, ensure that the gain fixing resistors are of the same
material or have tracking temperature coefficients.
It is appropriate to mention offset balancing as this can have
a large effect on drift. Theoretically, the drift of a transistor
differential amplifier depends on the offset voltage. For ev-
ery millivolt of offset voltage the drift is 3.6 "..Vrc. There-
fore, if the offset is nulled, the drift should be zero. When
working with IC op amps, this is not the case. Other effects,
such as second stage drift and internal resistor TC, make
the drift nontheoretical.
Certain types of amplifiers are optimized to have lower drift
with offset balancing such as the LM121 and LM725. With
this type of device offset, nulling improves the drift, and off-
set nulling should be used. Other types of devices, such as
selected LM741's or LM30S's, are selected for the drift with-
out offset nulling connected to the device. The addition of a
balancing network changes the internal currents and thus
changes the drift-probably for the worse-so any offset
balancing should be done at the input.
No matter which null network is applied, highly stable resis-
tors must be used. They should have low TC and track.
Wirewound pots are usually a good choice. Finally, when
the null network reduces a drift, the balancing of the amplifi-
er as close to zero offset as possible minimizes the drift.
Testing low-drift amplifiers is also difficult. Standard drift
testing techniques such as heating the device in an oven
and having the leads available through a connector, thermo-
probe, or the soldering iron method do not work. Thermal
gradients can cause much greater errors than the amplifier
drift. Coupling microvolt signal through connectors is espe-
cially bad since the temperature difference across the con-
nector can be 50'C or more. The device under test, along
with the gain setting resistor, should be isothermal. The cir-
cuit in Figure 1will yield good results if well constructed.
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TL/H/8728-1

FIGURE 1. Drift Measurement Circuit

CONCLUSION
Low-drift amplifiers need extreme care to achieve reproduc-
able low drift. Thermal and electrical shielding minimize
thermocouple effects. Resistor choice is also important as
they can introduce large errors. Careful attention to circuit
layout offset balancing circuitry is also necessary.



Precise Tri-Wave
Generation

INTRODUCTION
The simple Tri-wave generator has become an often used
analog circuit. Tri-wave oscillators are more easily designed,
require less circuitry, and are more easily stabilized than
sine wave oscillators. Further, the highly linear output of to-
days Tri-wave generators make them useful in many
"sweep" circuits and test equipment.
This article describes a triangle wave generator with an eas-
ily controlled peak-to-peak amplitude. The positive and neg-
ative peak amplitude is controllable to an accuracy of about
± O.OW by a DC input. Also, the output frequency and sym-
metry are easily adjustable.

CIRCUIT DESCRIPTION
The Tri-wave oscillator consists of an integrator and two
comparators-one comparator sets the positive peak and
the other the negative peak of the Tri-wave. To understand
the operation, assume that the output of the comparator is
low (-5V). Then -5.0V is applied through R1 to the input
of the integrator. The LM118 will integrate positive until its
output is equal to the positive reference on pin 9 of the
LM119. Since the comparator outputs are low, D1 is reverse
biased and the full output of the integrator is applied to the
non-inverting input of comparator A. As the integrator output
crosses the positive reference, comparator A switches
"piUS" and latches "piUS" from positive feedback through
D1 and R4. Now the polarity of the current to the integrator
has changed and the integrator starts ramping negative.
When the output reaches the negative reference voltage,
comparator B swings negative. This forces the output of
comparator A negative, also, and stops the positive feed-
back through D1 from holding the comparator's outputs
positive. Once the positive feedback loop is broken, the out-
puts of the comparators stay low. With the comparator's
outputs low, the integrator ramps positive again.
The frequency of operation is dependent upon R1, C1 and
the reference voltages. Frequency is given by:
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F = 5.0V
2R1 C1 (VREF+ - VREF-)

The maximum frequency of operation is limited by the circuit
delay to about 200 kHz. Also, the maximum difference in
reference voltages is 5.0V.

APPLICATIONS
Regular or op amp testing is made easier with precise trian-
gle waves. For example, IC voltage regUlators are usually
specified to operate over a certain input voltage range such
as 7.0V to 25V. The Tri-wave generator can be set to deliver
a 0.7V to 2.5V output. This output is then amplified by a
factor of 10 by an op amp and used to sweep the regulator
input over its operating range. With op amps, the generator
can be used to sweep common mode voltages, power sup-
ply voltages, or even to test output swing. The output of the
device can be displayed on an oscilloscope and perform-
ance monitored over the entire operating range.
Another application is a voltage controlled oscillator. Since
the frequency depends on the input reference voltage, vary-
ing the reference varies the frequency. The useful vea
range is about 2 decades. The output is then taken from the
comparators as the Tri-wave changes in amplitude.
Many sine wave oscillators use a non-linear network to con-
vert triangle wave to sines. It is usually necessary to set
triangle amplitude precisely for minimum distortion. If R1 is
replaced by a pot, frequency can be varied over at least 10
to 1 range without affecting amplitude.
Symmetry is also easily adjustable. Current can be injected
into the inverting input of the LM118 to change ramp time.
The easiest way to achieve this is to connect a 50 kfi resis-
tor from the inverting input of the LM118 to the arm of a 1
kfi pot. The ends of the pot are connected across the sup-
plies. Current from the resistor either adds or subtracts from
the current through R1, changing the ramp time.
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~ Versatile IC Preamplifier
Makes Thermocouple
Amplifier with Cold
Junction Compensation

INTRODUCTION
Accurate electronic temperature measurements are not
simple. There exists a large array of temperature sensors;
each with its own peculiarities. The major sensors are ther-
mistors, resistance sensors, and thermocouples. (Diodes
and transistors have been used but they are not normally
sold for this purpose.) Thermistors are highly non-linear,
making wide range measurements difficult. Resistance sen-
sors are large, require a bridge, and tend to be relatively
costly. Thermocouples are small, relatively linear, inexpen-
sive, but require reference junction temperature compensa-
tion.
Thermocouples are made when wires of different metals are
joined. A voltage is produced proportional to the tempera-
ture difference between the junction and the output ends of
the wire. This voltage is the Seebeck coefficient and is usu-
ally specified in volts (or microvolts) per degree. Depending
on the material, it can range from nearly zero to volts-for
some semiconductors. Commercially available thermocou-
ples produce an output of between 10 /Jovrc and 50 /Jovrc.
Since the output voltage of thermocouples is proportional to
temperature difference, the ambient temperature or mea-
surement end of the thermocouple must be known. Alterna-
tively, compensation can be applied for temperature chang-
es. This is done either by terminating the thermocouple in a
temperature controlled environment or with electrical com-
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pensation circuitry. The amplifier shown here provides a di-
rect reading output of 10 mVrc and automatically compen-
sates for reference junction temperature changes. Further,
calibration is relatively simple.

CIRCUIT DESCRIPTION
An LM321 preamp is used in conjunction with an LM308A
op amp to form a precision, low-drift, operational amplifier.
The LM321 is specifically designed for use with general pur-
pose op amps to obtain drifts of 1 /Jo Vrc. When the offset
voltage is nulled, the drift is also nulled. There is a theoreti-
cal relationship between the offset voltage and drift when
the offset is not nulled to zero. The drift of the amplifier is
then used to compensate the thermocouple for ambient
temperature variations. Drift given by:

dVos=Vos
dT T

where T is in degrees Kelvin.
Resistors R1, R2, and R3 set the operating current of the
preamp, and R3 is used to adjust the offset. The offset and
drift are amplified by the ratio of the feedback resistors R4
and R5 and appear at the output. R6 and R7 attenuate the
thermocouple's output to 10 /Jovrc to match the amplifier
drift and set the scale factor at 10 mVrc. The LM113 pro-
vides a temperature stable reference for offsetting the out-
put to read directly in degrees centigrade.
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CALIBRATION
Calibration is independent of thermocouple type; however,
circuit values are for chromel alume!. R6 and R7 must be
changed for different thermocouples. First, the thermocou-
ple is replaced by a short of copper wire and the LM113 is
shorted to ground. Then the offset is adjusted so the output
reads the ambient temperature at 10 mVrk-for 25°C this
is 2.98V. The short across the LM113 is removed and R9 is
adjusted for the correct output in degrees centigrade. Con-
nect the thermocouple, and it's ready to go.

PERFORMANCE
It should be mentioned that for stable performance, good
construction techniques are necessary. Resistors R4, R6,
and R7 should be wirewound so they contribute a minimum
of error due to thermocouple effects from temperature gra-

r-
dients across the circuit. The entire circuit should be en- ~
closed in a box with the end of the thermocouple terminated ~
in the box near the LM321. This will minimize temperature
gradients across the circuit and insure close thermal cou-
pling between the LM321 and the reference end of the ther-
mocouple.
Typically, the LM321 will track temperature changes with
less then O.03°Cerror per degree change. Self-heating of
the LM321 will change its temperature by about 2"C; this is
calibrated out initially. Reference and resistor drift can be
expected to contribute about O.02°CrC. Of course, no com-
pensation is made for nonlinearities of the thermocouple
output voltage as a function of temperature. Over a wide
measurement range with relatively stable ambient tempera-
ture, thermocouple error will be the major inaccuracy.



INTRODUCTION
The op amp precision rectifier circuits have greatly eased
the problems of AC to DC conversion. It is possible to mea-
sure millivolt AC signal with a DC meter with better than 1%
accuracy. Inaccuracy due to diode turn-on and nonlinearity
is eliminated, and precise rectification of low level signals is
obtained.

Once the signal is rectified, it is normally filtered to obtain a
smooth DC output. The output is proportional to the average
value of the AC input signal, rather than the root mean
square. With known input waveforms such as a sine, trian-
gle, or square; this is adequate since there is a known pro-
portionality between rms and average values. However,
when the waveform is complex or unknown, a direct readout
of the rms value is desirable.

The circuit shown will provide a DC output equal to the rms
value of the input. Accuracy is typically 2% for a 20 Vp-p

Note 1: All operational ampl~i"", are LMl18.

Note 2: All resistors are 1% unless otherwise spec~led.

Nola 3: All diodes are 1N914.

Nola 4: Supply voltage ± 15V.

input signal from 50 Hz to 100 kHz, although it's usable to
about 500 kHz. The lower frequency is limited by the size of
the filter capacitor. Further, since the input is DC coupled, it
can provide the true rms equivalent of a DC and AC signal.

Basically, the circuit is a precision absolute value circuit con-
nected to a one-quadrant multiplier/divider. Amplifier A1 is
the absolute value amplifier and provides a positive input
current to amplifiers A2 and A4 independent of signal polari-
ty. If the input signal is positive, A 1's output is clamped at
-0.6V, 02 is reverse biased, and no signal flows through
R5 and R6. Positive signal current flows through R1 and R2
into the summing junctions of A2 and A4. When the input is
negative, an inverted signal appears at the output of A 1
(output is taken from 02). This is summed through R5 and
R6 with the input signal from R1 and R2. Twice the current
flows through R5 and R6 and the net input to A2 and A4 is
positive.



Amplifiers A2 through A5 with transistors 01 through 04
form a log multiplier/divider. Since the currents into the op
amps are negligible, all the input currents flow through the
logging transistors. Assuming the transistors to be matched,
the Vbe of 04 is:

Vbe (04) = Vbe (01) + Vbe (03) - Vbe (02)

The Vbe'Sof these transistors are logarithmically proportion-
al to their collector currents so

log (1C4) = log (IC1)+ log (IC3)- log (IC2)

or 1C4 = IC11C3
IC2

where IC1, IC2, 1C3. and 1C4 are the collector currents of
transistors 01-04.

Since IC1 equal 1C3 and is proportional to the input, the
square of the input signal is generated. The square of the
input appears as the collector current of 04. Averaging is
done by C4, giving a mean square output. The filtered

output of 04 is fed back to 02 to perform continuous divi-
sion where the divisor is proportional to the output signal for
a true root mean square output.
Due to mismatches in transistors, it is necessary to calibrate
the circuit. This is accomplished by feeding a small offset
into amplifier A2. A 10V DC input signal is applied. and R10
is adjusted for a 10V DC output. The adjustment of R10
changes the gain of the multiplier by adding or subtracting
voltage from the log voltages generated by the transistors.
Therefore, both the resistor inaccuracies and Vbemismatch-
es are corrected.
For best results. transistors 01 through 04 should be
matched, have high beta, and be at the same temperature.
Since dual transistors are common, good results can be ob-
tained if 01, 02 and 03, 04 are paired. They should be
mounted in close proximity or on a common heat sink, if
possible. As a final note, it is necessary to bypass all op
amps with 0.1 fLF disc capacitors.
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~ Specifying Selected Op
Amps and Comparators

It is not infrequent that commercially available standard IC
components do not fit a particular application as they are
specified. Often, however, a standard device selected to
tighter limits will work. Thereupon, the IC manufacturer may
be requested to supply a specially tested device.
The usual chain of events for a selected part is as follows: A
specification is sent to the manufacturer with a request for
quote. It is evaluated at the manufacturer for feasibility,
yield, and testing requirements. Then price and delivery are
quoted to the customer. (Sometimes this route is shortened
by calling the manufacturer-but this does not always work.)
Some insight into the IC design and IC testing can help both
the manufacturer and IC user with special selection. Proper
specification helps the manufacturer test as well as reduce
IC costs. Ambiguous or impossible specs will usually result
in the return of the specification to the customer for clarifica-
tion and delay the delivery of the required parts.
The manufacturer is usually familiar with the product and
production spread of devices. Further, test equipment is
available for measuring parameters specified by the data
sheet. In general, tighting selected data sheet parameters
causes no problems. Further, no additional test equipment
is needed for these tests-<mly the limits need be changed.
Perhaps one of the largest problems is over-specification.
Each tightened specification reduces the number of parts
available to the specification. For example, tightening sever-
al specifications at once could result in a 1% or 0.1% yield;
to supply 100 parts at this yield, between 10,000 and
100,000 parts might have to be tested, and that gets expen-
sive.
Of course, spec limits cannot be tightened to any desired
value. This is due to limitations on the IC design. For exam-
ple, bias current, which depends on transistor Hfe; can not
be tightened by a factor of 10. This would require beta's 10
times higher than normal. Also, some specifications are not
independent, such as op amp bandwidth and slew-rate.

OP AMP AND COMPARATORS
These are the two most popular linear IC components re-
quiring selection. Since many of the same specifications ap-
ply to both types of devices, they will be covered together.
Table I shows the most common parameters tested on
these devices and the relative difficulty of testing on high
speed equipment.
Selected offset voltage and drift are very commonly speci-
fied parameters. Offset voltage and drift depends on com-
ponent matching. In general, drift is not usually tested on
general purpose devices; although, it may be guaranteed.
Offset voltage can be correlated to drift, and the offset limits
are set to guarantee the standard drift specification. Of
course, very low drift devices must be 100% tested for drift,
making them relatively expensive. Drift testing requires
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measuring the offset voltage at three or more temperatures;
then subtracting and dividing by the temperature change to
obtain the drift-a long and tedious measurement.
In some cases tightened offset voltage specifications over
the operating temperature range offer the same perform-
ance as a drift tested device, but are less expensive. This is
because offset voltage measurement can be a go/no-go
measurement. For example, 15 ",V/,C can be guaranteed
over a 100·C range by limiting the maximum offset voltage
to ±0.75 mV or a 1.5 mV band. If the application has an
error budget of ± "X" volts, it may be better to tighten the
offset voltage rather than have the manufacturer to drift
test. Drift testing a comparator is virtually impossible since
they are not designed to operate closed loop.
Other parameters dependent upon matching are: offset cur-
rent, common mode rejection, and supply rejections. These
can be greatly tightened at the expense of yield.
Bias current, supply current, gain, slew rate, and response
time are dependent upon both device design and process-
ing. The limits for tighter parameters on these specifications
are more restrictive. Table II gives reasonable special selec-
tion limits. This is only a guideline and, of course, depends
on the device.
Noise testing is in a class by itself. Op amp noise will vary
between manufacturers of the same device. Further, noise
will vary between different types of devices from the same
manufacturer. Since noise on a particular device is mostly
process dependent, it will be relatively consistant from a
single IC producer.
Noise can be broken into two categories: white noise, and
popcorn noise. Both of these noise sources can be either
voltage or current noise. It is possible with advanced proc-
essing to make IC transistors as good as the best discrete
low noise transistors. With good processing only a very
small percentage of op amps will have any popcorn noise.
Noise measurements are time consuming and costly. Pop-
corn noise testing may take as much as 30 seconds per unit
which limits production to about 100 devices per hour. This
low production rate will increase costs. If not absolutely nec-
essary-do not specify noise.
As a final note, some mention should be made of other
special testing. Anything reasonable can be done; however,
it should be kept in mind that accurate specification in terms
of the IC parameters is necessary. It is unlikely a positive
result will come from a specification showing a system
schematic, system output, and stating "select devices to
produce desired outputs." Although this is an exaggeration,
it points out the type of specification to be avoided. Perform-
ance specification should apply to the IC not to a circuit
using the IC. Many manufacturers have circuits available
showing the various electrical tests and the way they are
done.



Parameter OpAmp Comparator Cost

Offset Voltage Easy Easy Low
Offset Current Easy Easy Low
Bias Current Easy Easy Low
Supply Current Easy Easy Low
Common Mode/Supply Rejection Easy Easy Low
Gain Moderate Moderate Low
Input Resistance Guaranteed by Guaranteed by NotTested

Bias Current Bias Current
Measurement Measurement

Slew Rate Moderate Moderate Relatively Low
Bandwidth/Response Time Difficult Difficult Moderate
Offset Voltage Drift Very Difficult Very Difficult High
Offset Current Drift Very Difficult Very Difficult High

Parameters Limit Comments

Offset Voltage 0.1 mV Matching
Offset Current -50% of Nominal Matching
Bias Current -50% of Nominal Depends on HIe
Supply Current -25% of Nominal Depends on Various Process

Parameters
Gain + 100% of Nominal Set by Design
Common Mode/Supply Rejection +200% of Nominal Matching
Slew Rate +30% of Nominal Set by Design
Bandwidth +30% of Nominal Set by Design
Response Time -30% of Nominal Set by Design and Processing
Offset Voltage Drift 0.2 ",V/,C to 5 ",V/,C Lower Limit May Not Apply

to Many Op Amps
Offset Current Drift Guarantee by Offset

Current Limit
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~ Micropower Thermometer

The introduction of a monolithic temperature transducer for
the - 55°C to + 125°C temperature range can considerably
simplify the problems encountered in temperature measure·
ment. The three most common sensors-thermistors, reo
sistance sensors, and thermocouples-require a reason-
able amount of circuitry for use. Thermistors are highly non-
linear, resistance sensors and thermistors require a stable
excitation voltage, and thermocouples have low output. Fur-
ther, none of these sensors provide an output directly cali-
brated in a known temperature scale.
The new monolithic temperature transducer provides an
output directly proportional to absolute temperature at
10 mV/"K. The chip includes a temperature stable voltage
reference and op amp. These allow the output to be offset
and scaled to provide any desired temperature scale factor
and zero output temperature.

THERMOMETER DESIGN
The circuit shown will provide a temperature sensitive out-
put with both zero and scale factor independently select-
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able. Since the temperature transducer requires about
1.0 mA for normal operation, the thermometer is pulsed at a
low duty cycle to reduce power consumption. A continuous
output is obtained between pulses by a sample and hold.
Since temperature does not usually change rapidly, the
pulsed operation of the thermometer does not detract from
its usefulness.
With the components shown, duty cycle is about 0.2% with
a one second sample rate. This gives an average current
drain of about 25 /LA plus the output current. It is designed
to operate over a supply voltage of 8.0V to 12V with good
results. A small 8.4V mercury battery can give an operation-
al life in excess of one year.
The output of the thermometer is a current proportional to
temperature which can be used to drive a meter for a direct
readout. Alternatively, a resistor or op amp can be used to
obtain a voltage output.
A complementary astable multivibrator, made of 01 and 02,
drives the LX5600 through R9. The timing is set by several
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components. C1 and R3 control the off-time and C1, R1, R4
and R7 control the on-time. R9 sets the operating current of
the transducer to 1.0 mA at the lowest supply voltage.

When the transducer is "on," sample transistor 03 is also
on. The output of the op amp drives the sample capacitor,
C3, and MOSFET, 04. Feedback is obtained from R12, R14
and R16 which set both the zero and scale factor of the
thermometer. When the transducer is turned off, a continu-
ous output is provided by C3 and 04. Resistor R15 decreas-
es the circuit's sensitivity to MOSFET gm, allowing almost
any MOSFET to be used. About 2.0V should be dropped

r-
across R15 at full scale output. R8 is used to trim the ther- "
mometer, correcting for zener tolerance, temperature error ~
in the sensor and resistor tolerance. With the values shown,
a 0 to 50 /LA output is obtained for a + 50°F to + 1000F
temperature change. Other ranges can be selected by using
the formulas shown in the box on the circuit diagram.

The low power consumption makes this thermometer espe-
cially attractive for battery operated equipment. Further, the
current source output allows long lines to be driven with no
loss of accuracy. Finally, the circuit is easy to set up for
almost any desired temperature range.



INTRODUCTION
A general purpose lab type constant voltage/constant cur-
rent power supply is easily made using standard integrated
circuits. The circuit shown will provide up to 2SV at up to
1OAoutput with both the output voltage and current adjusta-
ble down to zero. Although relatively simple, very high per-
formance is obtained.
Lab supplies must withstand considerable abuse. Good
control of maximum output current is mandatory both to pro-
tectthe supply and the powered circuitry. One of the short-
comings of many commercial supplies is the use of a large
output capacitor to help frequency compensate the regula-
tor loop. This output capacitor can discharge many times
the peak output current of the supply into the load as well as
degrade the ac output impedance when the supply is used
as a constant current source. (Of course, the output capaci-
tor helps keep the ac output impedance low when the sup-
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ply is used as a constant voltage source.) The circuit shown
has good response both as a constant voltage or constant
current source.
The use of the LM39S monolithic power transistor as the
pass element considerably simplifies the design power. The
LM39S acts as a 2A current limited, thermally limited, high
gain power transistor. Since only a maximum of 10 /LA is
needed to drive the pass elements and complete overload
protection is included on the chip, exterllal biasing and pro-
tection circuitry is minimized. Only two control op amps are
needed-one for voltage control and one for current control.
In constant voltage operation, a reference voltage is fed
from voltage control pot, R1, through a high frequency filter
into the non-inverting input of an LM308 op amp. The output
of the LM308 drives seven paralleled LM39S's as emitter
followers to obtain a 10A capability.
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Feedback is taken through R10 directly from the output with
the overall gain set at 5 by the ratio of Rl0 to R7. An addi-
tional LM39S is driven from the negative power supply lead
of the LM308 to provide some output current sink capability
(2A) so the supply can be quickly programmed even with
large capacitive loads. Frequency compensation is
achieved with C3 for the LM308 and C4 for the overall loop.
Resistor Rll, capacitors CS and C6 and network R1S-C9
suppress parasitic high frequency oscillations.
When the circuit is used in the constant current mode, the
LM101A overcomes the constant voltage loop to control the
output. Output current is sensed in R9 and compared with
the voltage between V+ and the arm of R2. R2 is connect-
ed across an LMl13 low voltage reference diode to provide
a OV to 1.2V reference for OA to 12A output. When the
output current is below the set level, the LM101A output is

positive, reverse biasing 03 and the LM308 control the
outpput. When the current increases to the control point the
output of the LM101A swings negative and decreases the
drive to the output pass devices through 03, limiting the
current. (Note that no separate positive supply is needed
since the common mode operative range of the LM101A is
equal to the positive supply.) Diode, 02, clamps the output
of the LM1Q1A when it is not regulating, decreasing the
switchover time from voltage to current mode operation.
A few special precautions are needed in construction for
proper operation. All LM39S's should be mounted on the
same heat sink to insure good current sharing. Also, a large
heat sink is necessary since 300W will be dissipated under
worst case conditions. Since the LM39S's are high devices,
the supply bypasses should be near the power transistors.



at

~ Low Cost AM Radio System
using LM3820 and LM386

INTRODUCTION
The majority of linear integrated circuits being produced to-
day is in the field of op amps, comparators and regulators.
This has come about for the reason that these types of
devices can take advantage of the well matched character-
istics of monolithic components. However, in recent years
the monolithic integrated circuit has found its place in com-
munication systems such as radios and televisions. The ba-
sic philosophy in this area, and the consumer industry as a
whole, has mainly been cost reduction over discrete coun-
terparts, improved performance and higher reliability.
An integrated circuit which meets the above criteria is the
LM3820 AM-RADIO SYSTEM, designed primarily for super-
heterodyne AM receiver applications utilizing an RF-amplifi-
er stage ahead of the mixer-oscillator. However, this
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linear brief describes how the LM3820 and LM386 can be
incorporated in the design of a conventional low cost AM-ra-
dio without an RF-amplifier stage.

RADIO DESCRIPTION
The block diagram of the radio is depicted in Figure 1. A
complete schematic is shown in Figure 2. The building
blocks for the Mixer-Oscillator, the two IF stages, and the
AGe section, are contributed by the LM3820. Power output
of 1/4W into an 8n speaker is obtained by the LM386, the
gain of which is ex1ernallyset to 200. The LM3820 is operat-
ed from a 6V supply, that is, below the voltage of zener
diode 06, see Figure 3.
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Pins 1, 2, 3 and 4 are biased from the same supply through
a 430n dropping resistor. This reduces the total current
consumption to approximately 10 mA making the operation
from a 6V battery feasible. The dc return of pin 1 and 4 to
pin 3 improves component count and prevents transistor 04
in the oscillator section from saturating. Large swings are
preserved by returning the collectors at pins 14, 13 and 6 to
Vcc via the primary windings of transformers T3, T4 and T5
respectively. For better linearity, detector diode 1N914 is
biased slightly in the forward direction. Radio performance
conceming distortion, AGe, sensitivity and signal-to-noise is
shown in Figure 4. These data are taken with the radio laid
out as shown in Figure 5.
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INTRODUCTION
Comparison of dc signal levels within microvolts of each
other can be made by using an LM121A pre-amp and an
LM111 comparator IC. Implementing this with two separate
IC's decreases noise, eliminates troublesome thermal ef-
fects, and achieves a maximum offset drift of 0.22 ".vrc
(Figure 1).

Designing a practical comparator with a voltage gain of 10
million involves protecting the input stage from temperature
changes or gradients, and avoiding problems of including
the noise filter within the positive feedback loop. The circuit
as shown has a 5 ".V hysteresis which can be trimmed to
1 ".V under certain conditions. Further, delays decrease
with increasing overdrive (see chart) due to elimination of
input stage thermal effects, saturating stages, and dielectric
soak or polarization effects on signal filter capacitors
(Table I).
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DESIGNING WITH A PRE-AMP
With the bias network shown, the LM121A input stage has
an open-loop temperature stable voltage gain of close to
100. The WOk output impedance of the LM121A is shunted
by Cs to filter out pickup and internally generated noise. No
feedback to the inputs of the pre-amp is employed to avoid
degrading common-mode rejection of the system.
The separate pre-amp with a gain of 100 provides two major
advantages over single comparator designs. First, Vas and
other small errors attributed to the LM111 are reduced by
the 100 gain factor. More important, temperature gradient
changes which occur within the LM111 when switching any
output load, are completely isolated by the separate pack-
ages and do not affect the pre-amp. If the entire microvolt
comparator were on a single silicon chip, a temperature var-
iation of as little as 1/1 OOO°Cacross the input stage could
have a significant effect.

Hyst.
RH Rs Cs

Delays with Various Overdrives
Set 25% 100% 1000% 100 mV

5".V 75k!}
10k!}

6800 pF 2 ms 1.8 ms 600 ".S 560 ".SMax.

r-
I
IINPUT

I
L_
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C")rD This effect is a major reason for designing circuits sensitive
•••• and stable to microvolt dc signals with a separate pre-ampli-

fier. Further, the special 4-transistor input stage, when ad-
justed to zero offset with the "balance" control between
pins 5 and 6, automatically reduces Vas change with tem-
perature to almost zero.

FILTERING
The pre-amp/comparator system generates a continuous
stream of very fast pulses if assembled without a filter, even
with positive feedback for hysteresis. This is caused by both
stray output-input feedback, and noise. The noise is both
thermal and pickup from the environment, including power
switching transients and fluorescent light hash. To cure this,
shunt filter capacitor Cs is used.
Placing this capacitor outside the positive feedback loop
has two advantages. It eliminates a tendency for the com-
parator to oscillate during slow transitions. Also, response
time to small signals is halved since the positive hysteresis
feedback signal is not stored on the filter capacitor.
A higher frequency filter (Ct) is needed to provide a low
impedance shunt to any high frequency noise and stray
feedback that may be picked up between LM111 terminals
5 and 6. These two terminals have almost the same voltage
sensitivity as the normal input terminals. The positive feed-
back to terminal 5, as described below, is only delayed
slightly by this filter.

FEEDBACK
The positive feedback provided by the 5.1k/330 voltage
divider with RH is needed to insure clean, rapid changes of
state. It is applied to one of the "balance" terminals (pin 5)
of the LM111 to simplify the circuit over a balanced feed-
back network, and to minimize signal stored on Cs as previ-
ously described. The current fed back to terminal 5 is single
ended with respect to the balance adjust network between
these terminals, and hence injects a dc offset of the desired
polarity and amplitude for a few microvolts of latching.

PERFORMANCE
A tabulation is shown for one of the many possible combina-
tions of input circui1s, filters, etc. For large amplitude sig-
nals, Cs can be decreased and hysteresis increased for
greater speed. Conversely, to obtain hysteresis as low as
1 ",V, trim RH (to about 300k) use a Cs of 0.01 ",F to 0.1 ",F
and have a low impedance source of signals.

For reduced ambient range and drift specifications, an
LM321 can be paired with the LM311 for a cost saving while
maintaining the same comparison sensitivity.

DESIGN TIPS FOR MICROVOLT SIGNALS
Even with high performance devices such as the LM121,
niicrovolts of error can occur from thermocouple effects,
common-mode signals, "microphonics," or unbalances in
the input or nulling circuits. As pointed out in Application
Note AN-79, Kovar lead to copper circuit board thermocou-
ple effects can cause a 3.5 ",V offset voltage for only 0.1'C
difference across the input leads. A compact layout of input
connections and shielding from air currents will minimize
this problem.
Although the LM121A has excellent common-mode rejec-
tion (> 120 dB), a 1V change in common-mode voltage can
induce up to 1 ",V of error voltage. For this reason common-
mode voltage changes should be kept to a minimum. Also,
common-mode voltages allow mechanical vibrations in the
probe cable to induce "microphonic" noise signals. Short,
stiff, low capacitance and symmetrical input shielded wires
are recommended.
If it is possible to have a signal source balanced with regard
to ground, it will help decrease errors due to bias currents,
and noise due to common-mode and microphonic effects.
Matched, low temperature coefficient parts should be used
in the balance network, and care should be exercised in
shielding input circuits and eliminating ground-loops.

APPLICATIONS
The microvolt comparator is particularly well suited to con-
trollers or test equipment having thermocouples or strain
gauges as inputs. This includes wind speed indicators, RMS
to dc converters, vacuum gauges, gas analysis equipment,
conductivity gauges, and hot wire controls. The strain gaug-
es can be used in materials testing, electronic weighing,
pressure transducers, and load limiting sensors for cranes,
hoists, and rolling mills.
As a temperature controller, 'Is degree or less on-off differ-
ential can be obtained using thermocouple types E, J, T or
K. Other microvolt signals used for control may come from
Hall effect sensors, Bolometers, slide-wires, and heat-flow
thermopiles. A microvolt comparator will be useful in
"Go/No-Go" testing of low resistances such as switch and
relay contacts, RTDs, coil and fuse resistances, and pres-
sure-sensitive-plastic conductors.



A Micropower
Voltage Reference

A low-drift voltage reference can be easily made by convert-
ing a zero temperature coefficient current to a voltage.
JFETs biased slightly below pinch-off exhibit a zero temper-
ature coefficient drain current (10) as shown in Figure 1.
With the above property and a micropower operational am-
plifier, used to convert the drain current to a voltage, a low
power consumption voltage reference can be built as shown
in Figure 2. The consumption of LM4250 op amp is pro-
grammed through resistor RSET. Potentiometer Pl should
be adjusted for low output (VREF)temperature coefficient.
Actually, it can be trimmed for positive, negative or zero
temperature coefficient. The output voltage is trimmed
through P2 and it is expressed by:

VREF= 101 (P2 + Rl + R2),

[
VGS]2R2 = R3, 101 •• loss 1 - V;

With the values shown in Figure 2, the temperature coeffi-
cient of the output is 0.002%/'C and the overall standby
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current less than 100 ",A. The characteristics of the LM4250
are a function of its supply current, which depends on RSET,
and V+. V+ can be provided by VREFthrough the addition
of a second FET, J2, shown in Figure 3. This way the pa-
rameters of the op amp will be independent of the unregu-
lated input. The reference voltage can be taken from the
wiper of the potentiometer P2 (VREF = V+) or from the
source of J2 (VREF > V+). In the first case, the output
impedance of the circuit is quite high and buffering may be
required according to the application. The output imped-
ance in the second case is low, essentially the llgm of (J2)
divided by the loop gain of the circuit. In this case, a small
temperature coefficient due to the supply current of the
LM4250 is going to be added and be compensated for by an
additional trimming of Pl. VREFis computed by:

VREF '" 101 [P2 + Rl + R21 + P2 [Is + 1011.

R2 = R3, Is •• 6 (V+ - VBE)
RSET

VGS
FIGURE 1. FET Transfer Characteristics

PI - Drtft Adjust

P2 = VREF Adjust
TUH/87~-2

FIGURE 2. Basic Voltage Reference
TlIH/8734-3

FIGURE 3. Improved Voltage Reference



With the introduction of the LM317, a 3-terminal adjustable
regulator, it becomes relatively easy to design high-perform-
ance, low-cost battery charging systems. Even single bat-
tery cells can be charged on this new regulator, which is
adjustable down to 1.2V. The internal protection circuitry
can be used to limit charging current as well as to protect
against overloads. The output voltage is easily adjusted so
multiple voltage chargers can be made.
The ability to accurately adjust the output voltage of the
LM317 makes it especially attractive for constant voltage
battery charging applications. Batteries are most quickly
charged by "constant-voltage" charging circuits; however,
close control of the charging voltage is necessary to pre-
vent overcharging, especially with nickel cadmium cells. The
internal protection circuitry of the LM317 is helpful in pro-
tecting against accidental overload conditions commonly
occurring in charging systems.

INTERNAL CURRENT LIMIT
The peak charging current or output current is controlled by
the internal current limit of the LM317. This current limit will
work even if a battery is connected backwards to the output
of the cl'targer. Should a fault condition exist for an extend-
ed period of time, the thermal limiting circuitry will decrease
the output current, protecting the regUlator as well as the
transformer. A constant voltage charger circuit is shown in
Figure 1.The output voltage is set with resistors R2 and R3
and given by

VOUT= 1.25 (1 + :~)
R4r--~--,

I Rl I

TUH/8484-1

FIGURE 1. Constant Voltage Charging Circuit
Since, in low cost applications, no filter capacitors are used
on the output of the rectifier, the battery is only charged on
the peaks of the sine wave. This requires the peak output
voltage from the transformer to be at least 50% greater
than the battery voltage plus 3V. However, little cost premi-
um should result since the average current from the trans-
former is lower than capacitive input filter circuits. Optional
resistors R1 and R2 are used to further control the charging
characteristics. Resistor R1 controls the output impedance
of the charger allowing a "taper-charge" characteristic to be

generated. The LM317 can also be used to limit the peak
charging current to a partially charged battery at a value
other than the regUlator current limit. With R1 in the circuit,
the output impedance is:

ZOUT= R1 (1 + :~)
Including R1 in the feedback loop decreases the value of
resistor needed for a particular output impedance reducing
cost and power dissipation.
For example, with a 6V gelled electrolyte battery the regula-
tor can be set to give a 6.9V output. Nominally, the battery is
discharged to about 5V, making R1 0.40 output impedance
and limiting the charging current to 0.5A at the start of
charging rather than the internal current limit of the regula-
tor. With a fully discharged battery or under short circuit
conditions, the peak output current is still 2A for the
LM317K with the resistor dissipating 1.6A as opposed to BW
if a 20 resistor were used directly in series with the battery.
Resistor R4 can be included to provide a low "topping-up"
current for a charged battery.
This regulator configuration provides some other important
features to the charger. If input power is removed and a fully
charged battery is connected to the charger output, there is
no damage. Under these conditions about 5 mA of current
will be drawn by divider R2, R3. Since there is no ground
connection to the LM317 regulator, very little current flows
through the LM317. In this respect, the LM317 differs from
other 3-terminal regulators, which can be damaged by ap-
plying power to the output terminal with the input open-cir-
cuited. If the battery is connected backwards, the LM317
will current limit and thermal limit normally, protecting the
charger.

DECREASING CURRENT LIMIT
Adding a single NPN transistor can be used to decrease the
current limit of the charge as shown in Figure 2.

TLIH/8484-2

FIGURE 2. Constant Voltage Charger
with Peak Current Limiting



Resistor R1 senses the output current and turns on 01
when lOUTR1 equals about 0.6V. Transistor 01 pulls the
adjustment terminal negatively decreasing the output volt-
age and controlling the output current. A limitation of this
circuit is that it does not work for direct short circuits. The
output voltage must be above about 0.6V for the external
current limiting to be active. The internal current limit of the
LM317, of course, is still operative. This is not usually a
problem since batteries charge to above 0.6V very quickly.
Resistors R4, R5 and R6 protect the regulator and transistor
for both direct short circuits or reverse battery connections.

Dl

Tl/H/8484-3

FIGURE 3. Charger with No Battery Loading when
Power Is "OFF"

As illustrated in Figure 3, in float or standby applications, it is
desirable to remove all loading from the battery when input
power is "OFF." When power is "ON," 01 is saturated,
grounding the voltage setting divider R2, R3 and the circuit
works in a similar manner to the charger circuit in Figure 1.
When power is "OFF," 01 is open, eliminating any loading
on the battery. A separate pair of low current diodes 01, 02
are necessary to bias 01, rather than the power bridge recti-
fier. If R1 was tied to the output of the bridge, reverse cur-
rent flow through the LM317 would keep 01 "ON" and load-
ing the battery.

A simple constant current charger for any type of battery is
shown in Figure 4. A resistor R1 between the adjustment
terminal and the output of the regUlator sets the output cur-
rent at:

1.25
lOUT= FiT

Tl/H/8484-4

FIGURE 4. Constant Current Charger

Current can be set at anywhere between 10 mA and 1.5A by
appropriate resistor choice. Current regulation is very tight
at any current level since only 50 IJ-Aflows out of the adjust-
ment terminal. This circuit is also immune to damage from
shorts or reverse battery connections. The input voltage for
regulation should also be about 1.5 times the battery volt-
age plus 3V.

UNIQUELY SUITED
The ability to adjust the output of the LM317 3-terminal reg-
ulator makes it uniquely suited for battery charging systems.
Little has been included about charging specific types of
batteries, since the characteristics of the charger should be
matched to the battery. These charger circuits, although
very simple, perform well. They are easily modified for volt-
age, current or even temperature coefficient by making the
divider string temperature sensitive. More complex chargers
can be made since the output of the LM317 is easily con-
trolled by driving the adjustment terminal. Finally, the charg-
ers are inherently protected against overloads and fault
conditions.
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~ Low Current Ammeter

Submicroamp current measurements, although not easy,
are relatively straightforward. Firstly, an ultra low input cur-
rent amplifier is needed. Ideally, the input current of the am-
plifier should be negligible compared to the measured cur-
rent. Present day IC op amps have currents in the pico-amp
range; and for the majority of applications are sufficient.
Secondly, high value precision resistors are needed for
scaling the current to a more easily handled level. Since
precision resistors in the 1000 MO range are relatively ex-
pensive, a different method of scaling is used here.
The circuit shown can measure currents from 100 pA to
100 ".A without the use of high value resistors. Accuracy is
better than 1% over most of the range, depending upon the
accuracy of the divider resistor and the input bias current of
the op amp. Using the LM216A as the input amplifier limits
the low end measurement to 100 pA due to the 20 pA input
bias current.
The LM216A is an ultra low input current bipolar op amp.
Unlike FET op amps, which can give better accuracy at
2S·C, performance over a O·Cto +70·C range is better with
a bipolar op amp. FET input current doubles every 10·C
while the input current of the LM216A only changes 1%rc.
This low change makes it easy to compensate for the input
current of the op amp over the operating temperature range.
One of the requirements for a good current meter is low
series voltage drop. Since the voltage across the inputs of
an op amp is forced to virtually zero, it makes a good choice
for the input of a curr~nt meter. Amplifier A1 is used as an
inverting amplifier for the input. This ensures only a few milli-
volts drop at any current level.
Feedback around the op amp is accomplished with a tran-
sistor, rather than a resistor. The op amp forces the collec-
tor current of Q1 to equal the input current. This causes the
emitter-base voltage of Q1 to be proportional to the log of

Cl ':' cz

'"11'
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the input current. Resistors R1, R2, R3 and capacitors C1,
C2 frequency compensate the log circuit since Q1 provides
gain in the feedback loop.
The output of A1 from the log amplifier is taken from the
emitter of Q1 to drive Q2. Q2 anti-logs the output and drives
the meter. The output of Q2 is proportional to the input cur-
rent (Vbe of Q1) scaled by a constant proportional to the
voltage from divider through 51.
For transistor operating at different current levels, the Vbe
difference equals

kT IC2
I1Vbe= - In-

q ICl

IC2 = 1Cl e exp ( 11~~ g)
Where ICl and IC2are the collector currents of Q1, Q is the
charge of an electron, k is Boltzmann's constant, T is tem-
perature in degrees Kelvin, and I1Vbeis the voltage applied
to the base of Q2. If 11Vbe varies as absolute temperature,
the exponent will be a constant.
The voltage driving the divider is obtained from a 1.22V low
voltage reference diode (LM113) through a 2N2222 transis-
tor and resistor string. The voltage across the divider varies
as absolute temperature, keeping the multiplier constant.
Calibration is simple, requiring only one adjustment. R4 is
used to adjust for full scale deflection with a 1 ".A input
current. This will give maximum accuracy over the operating
range of currents. As mentioned, the low end accuracy is
limited by the bias current of the op amp. On the maximum
input current scale (100 ".A), the 0.5 mV offset of the tran-
sistor pair will introduce another 1% to 2% error.



Wide Range Timer

One of the problems encountered in potentiometer con-
trolled circuits is dynamic range. With a linear pot, about a
100:1 range is the limit. Although the pot resolution may be
better than 1%, the angular displacement for good control
becomes too small. Usually, range switching is then used.
A logarithmic control is a possible solution. With log con-
trols, the resolution is the same anywhere within the operat-
ing range. For example, if 40· rotation is equal to a change
from 10% to 100% of full scale, then 40· rotation is also
equal to a change from 0.01% to 0.1% of full scale. It is
easy to control a function over a 1,000,000:1 range with
good control anywhere within the range.
The exponential relationship between the emitter-base volt-
age of a transistor and its collector current is well known.
This relationship holds true within a few percent over ex-
tremely wide ranges. Using a transistor pair, and an op amp,
it is easy to make a current source controllable over a 6
decade range.
Figure 1 shows a timer which can be adjusted from 2 ms to
2000 seconds with a single control. An LM122 is used for
the timing function in conjunction with a current source that
is logarithmically controlled from a pot. The operation is as
follows:
Transistors 01 and 02 are a matched PNP pair. Resistor R1
and the op amp set up a constant current of 1 mA through
01 using the internal 3V reference from the timer. With R2
at the most positive end of its range, the non-inverting input
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of the op amp is a VREF.This forces the emitter-base volt-
age of 02 to equal 01 and since the transistors are
matched, the collector current of 02 is also 1 mA. A time-
out period of 2 ms results.
Rotating R2 subtracts the voltage between the arm of the
pot and VREFfrom the emitter-base voltage of 02-lower-
ing its collector current. The current is decreased by a factor
of 10 for every 60 mV developed. A total of 360 mV is
dropped across the pot, allowing a reduction in 02 collector
current by a factor of 1,000,000 or from 1 mA to 1 nA. A
1 nA charging current gives a 2000 second time out. (At
maximum time, there is about a 30% error due to the 0.3 nA
input current of the comparator). Finally, diodes 01 and 02
temperature compensate the voltage across the pot.
Calibrating the circuit is relatively easy (except for obtaining
a log dial for the pot). Resistor R1 is adjusted for the mini-
mum operating time removing for mismatch in the transis-
tors, capacitor tolerance, and the offset of the op amp. R3 is
used to calibrate the full scale time by adjusting the drop
across R2 to 360 mY.
This type of log control is not limited to timers. If used in
oscillator or function generator circuits, an ultra wide range
VCO can be made. Also, in power supply circuitry, it is possi·
ble for a reguator to have as much resolution when adjusted
for 0.001V output as when the output is 10V. Finally, a log
current generator makes an easily adjusted low value cur-
rent source without high value resistors.

TRIGGER y+

y+

2 RL

TRIGGER y+
YREF COLLECTOR OUTPUT

R2
10k LM322

R3 10
R/C EMITTER

30pF 45k GNO

Rl 5
3k Cl

I.F



When a high-speed comparator such as the LM111 is used
with fast input signals and low source impedances, the out-
put response will normally be fast and stable, assuming that
the power supplies have been bypassed (with 0.1 ,.,.F disc
capacitors), and that the output signal is routed well away
from the inputs (pins 2 and 3) and also away from pins 5
and 6.

However, when the input signal is a voltage ramp or a slow
sine wave, or if the signal source impedance is high (1 kO to
100 kO), the comparator may burst into oscillation near the
crossing-point. This is due to the high gain and wide band-
width of comparators like the LM111. To avoid oscillation or
instability in such a usage, several precautions are recom-
mended, as shown in Figure 1 below.

1. The trim pins (pins 5 and 6) act as unwanted auxiliary
inputs. If these pins are not connected to a trimpot, they
should be shorted together. If they are connected to a
trim-pot, a 0.01 ,.,.Fcapacitor C1 between pins 5 and 6 will
minimize the susceptibility to AC coupling. A smaller ca-
pacitor is used if pin 5 is used for positive feedback as in
Figure 1.

2. Certain sources will produce a cleaner comparator output
waveform if a 100 pF to 1000 pF capacitor C2 is connect-
ed directly across the input pins.

3. When the signal source is applied through a resistive net-
work, Rs, it is usually advantageous to choose an Rs' of
substantially the same value, both for DC and for dynamic
(AC) considerations. Carbon, tin-oxide, and metal-film re-
sistors have all been used successfully in comparator in-
put circuitry. Inductive wirewound resistors are not suit-
able.

4. When comparator circuits use input resistors (e.g. sum-
ming resistors), their value and placement are particularly

important. In all cases the body of the resistor should be
close to the device or socket. In other words there should
be very little lead length or printed-circuit foil run between
comparator and resistor to radiate or pick up signals. The
same applies to capacitors, pots, etc. For example, if Rs
= 10 kO, as little as 5 inches of lead between the resis-
tors and the input pins can result in oscillations that are
very hard to damp. Twisting these input leads tightly is
the only (second best) alternative to placing resistors
close to the comparator.

5. Since feedback to almost any pin of a comparator can
result in oscillation, the printed-circuit layout should be
engineered thoughtfully. Preferably there should be a
groundplane under the LM111 circuitry, for example, one
side of a double-layer circuit card. Ground foil (or, positive
supply or negative supply foil) should extend between the
output and the inputs, to act as a guard. The foil connec-
tions for the inputs should be as small and compact as
possible, and should be essentially surrounded by ground
foil on all sides, to guard against capacitive coupling from
any high-level signals (such as the output). If pins 5 and 6
are not used, they should be shorted together. If they are
connected to a trim-pot, the trim-pot should be located, at
most, a few inches away from the LM111, and the
0.01 ,.,.F capacitor should be installed. If this capacitor
cannot be used, a shielding printed-circuit foil may be ad-
visable between pins 6 and 7. The power supply bypass
capacitors should be located within a couple inches of
the LM111. (Some other comparators require the power-
supply bypass to be located immediately adjacent to the
comparator.)

6. It is a standard procedure to use hysteresis (positive
feedback) around a comparator, to prevent oscillation,
and to avoid excessive noise on the o'utput because the

Pin connections shown are for LM 111 H in e·lead TD-S hermetic package
FIGURE 1. Improved Positive Feedback



comparator is a good amplifier for its own noise. In the
circuit of Figure 2, the feedback from the output to the
positive input will cause about 3 mV of hysteresis. How-
ever, if the value of Rs is larger than 1000, such as 50
kO. it would not be reasonable to simply increase the
value of the positive feedback resistor above 510 kO.
The circuit of Figure 3 could be used, but it is rather awk-
ward. See paragraph 7, below, for the alternative.

7. When both inputs of the LM111 are connected to active
signals, or if a high-impedance signal is driving the posi-
tive input of the LM111 so that positive feedback would
be disruptive, the circuit of Figure 1 is ideal. The positive
feedback is to pin 5 (one of the offset adjustment pins). It
is sufficient to cause 1 to 2 mV hysteresis and ensure

I....L...C2...,.....
I

II POSITIVE:::::=!J FEEDBACK

TLIH/8488-2

Pin connections shown are for LM111 H in 8-lead TO-5 hermetic package

FIGURE 2. Conventional Positive Feedback

sharp output transitions with input triangle waves from a
few Hz to hundreds of kHz. The positive feedback signal
across the 820 resistor swings 240 mV below the posi-
tive supply. This signal is centered around the nominal
voltage at pin 5, so this feedback does not add to the
Vos of the comparator. As much as 8 mV of Vos can be
trimmed out, using the 5 kO pot and 3 kO resistor as
shown.

8. These application notes apply specifically to the LM 111,
LM211, LM311, and LF111 families of comparators, and
are applicable to all high-speed comparators in general,
(with the exception that not all comparators have trim
pins).

FIGURE 3. Positive Feedback with
High Source Resistance
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~ Two Wire

Current Transmitters

Transmitting analog information from remote points is not
easy. line resistance and ground loop voltages tend to de-
grade accuracy unless special precautions are taken.

The most common method of signal transmission is to use a
4-wire system. Two wires are used for power to the remote
station and 2 wires are used to return the signal. At the
receiving end, a high input impedance differential amplifier
is used to eliminate the effects of ground loop voltages. By
transmitting power and signal over the same wires, system
cost is reduced.

The system shown here can accurately transmit data over
long distances, with a minimum of problems. Rather than
transmit the data as voltage, a precise current is used. Fur-
ther, the system needs only 2 leads. Remote-station power
and analog information are transmitted over the same 2
wires.

Figure 1 shows a simple 2-wire current transmitter. An
LM304 voltage regulator is used as a specialized op-amp for
current control. The LM304 has an op-amp, output stage
and voltage reference which make it especially suitable for
this application. The op-amp input and output stage will op-
erate with common-mode voltages equal to the positive
supply voltage.
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The inverting input, positive supply, and outputs (pins 7, 8
and 9) are tied together. This forces the total device current
to flow through R3. The input signal is applied through R5 to
the non-inverting input. Since the current into the non-invert-
ing input is negligible, an input voltage causes a current flow
through R5 equal to

I=~'
10kO

This same current flows through R2 and causes the input
voltage to also appear across R2. The LM304 forces the
voltage between pins 1 and 7, 8 and 9 to be equal so the
input voltage also appears across R3 with a resulting cur-
rent of

VIN.
R3

The total current from the supply is drawn through R2 and
R3 is therefore well defined and easily calculated.

VIN [ (R2)] 2.4V [ (R2) ]ISUPPLY = R5 1 + R3 + R1 1 + R3

Since the LM304 must draw some supply current, the output
current for zero input signal must be greater than zero. This
zero signal current is set by R1 from the internal reference

Cl
50 pF

FIGURE 1. Basic Current Transmitter



of the LM304. A constant 2.4V is held across A1 and the
current through A1 is delivered to pin 1 of the device. The
current then flows through A2 to set the minimum supply
current. For the values given this is about 4 mA. Capacitors
C1 and C2 frequency compensate the LM104 and A4 sets
the maximum output current at about 40 mA.
Figure 2 shows a current transmitter interfaced with an op-
amp for additional gain. The output of the op-amp drives the
LM304 through A1. The "zero input" current, in this case is
set by A1 and the LM336 reference diode instead of the
internal reference of the LM304.

I VIN At [ (A2)] 2.5V [ (A2) ]OUT=-- 1+ - +-- 1+ -
A1 As A3 A1 A3

Although both of these circuits are designed for voltage in-
puts, resistance sensors can be used too. The circuit in Fig-
ure 1 is especially suitable for resistance inputs. A2 can be

replaced with a resistance sensor and A1 used to set the
excitation current. The output current is then given by:

2.4 [ (A2) ]lOUT= R1 1 + A3

The maximum excitation current should be limited to 2 mA
and the minimum "zero" current level set to about 4 mA.
The performance of both current transmitters is excellent.
Linearity is better than 0.1% and current change with volt-
age is about 7 ",A per volt. Operating voltage range is 10V
to 40V; however at high voltages and high currents the
LM304 should be operated either with a boost transistor or
heat sink to minimize device heating.
At the receiving end, either a simple op-amp circuit or just a
resistor can be used to convert the current back to a volt-
age. Noise is easily filtered by a capacitor across the line.



--~
~ Precision Reference

Uses Only Ten
Microamperes

Increasing interest in battery-operated analog and digital cir-
cuitry in recent years has created the need for a micro-pow-
er voltage reference. In particular, the reference should
draw 10 /LA or less and operate from a single 5V supply.
These requirements eliminate zener diodes which tend to
have unpredictable temperature drift and are noisy at low
currents and low voltages. One possibility is the LM103 se-
ries of punch-through diodes which have break-down volt-
ages of 1.8V to 5.6V and operate well at 10 /LA. Unfortu-
nately, these devices drift at -5 mVrC and extra circuitry
must be added to create a low-drift reference. Non-linearity
in the drift characteristic limits usable drift compensation to
about 50 ppmrc. Variations in slope from device to device
can be up to ± 0.5 mVrc, so each reference must be indi-
vidually corrected for temperature drift in an oven test.

The LM 134 current source can provide an interesting solu-
tion to the low-power-drain reference problem. This device
is a 3-terminal current source which has a compliance of 1V
to 40V and is programmable over a current range of 1 /LA to
10 mA. Current is determined by an external resistor. With a
zero drift resistor, the LM 134 current is direc1ly proportional
to absolute temperature (OK). Untrimmed accuracy of the
current is ±3%, but the key to the success of the LM134 is
that initial errors are gain errors which are trimmed to zero
when the external resistor is adjusted. Independent of initial
current, if the current is adjusted to 298 /LA at T = 25°C
(298°K), all devices will have a current dependence of 1
±0.01 /LA/oC.

A voltage reference can be made by combining the positive
temperature coefficient of the LM134 with the negative TC
of a forward-biased diode. The IC terminology for such a
reference is "bandgap reference" because the total voltage
of the reference is equal to the extrapolated (OOK)bandgap
voltage of silicon. An important characteristic of bandgap
references is that the zero TC voltage is independent of
diode current even though the diode voltage and TC are
not. This means that by adjusting the total voltage of the
reference to a fixed value, T.C. will be adjusted to near zero
at the same time. The zero TC voltage for most bandgap
references falls between 1.20V and 1.28V.

The circuit in Figure 1 is a micropower reference using the
LM134 and an MPSA43 transistor connected as a diode
with collector-base shorted. A transistor is used in place of a
diode because the transistor characteristics as a double-dif-
fused structure are more consistent than a diode. In particu-
lar, the emitter-biased voltage drift of wide-base high-volt-
age transistors connected as diodes is very linear with tem-
perature.

In Figure 1, the LM134 controls the voltage between its R
and V- terminals to :::: 64 mY. About 5.5% of the current
out of the R terminal flows out of the V- terminal. The total
current flowing through R2 is then determined by 67.7
mV IR1. Output voltage is the sum of the diode voltage, plus
the voltage across R2, plus 64 mY. The voltage TC across

National Semiconductor
Linear Brief 41

R2 and the 64 mV is positive and directly proportional to
absolute temperature while the diode TC is negative. The
overall TC of the output will be near zero « 50 ppmrC)
when the output is adjusted to 1.253V by trimming R2. To
obtain this level of performance, R1 and R2 must track well
over temperature. 1% metal film resistors are suggested.

2.5V $VIN $30V

R3
3.83k Your

1.253V
O"A-5"A

FIGURE 1

For optimum results with a single point adjustment of volt-
age and temperature coefficient, an additional error term
must be accounted for. Internal to the LM134 are low ldss
FETs used for starting the control loop. This FET current
adds directly to the V- pin current and therefore creates an
additional output voltage equal to (ldss)(R2). Typical Idss is
200 nA, causing Your to be 14 mV high. Temperature coef-
ficient of Idss is low, typically 0.1%rc. For best results in a
single point adjustment, Your should be adjusted to 1.253V
+ Idss (R2). Idss can be easily measured by open cirCUiting
R1 and measuring the drop across R2. The resulting voltage
must be divided by 2 due to an internal action which causes
2 Idss to flow when no current flows from the R pin. Exam-
ple: with R1 open, 32 mV is measured across R2. Set Your
equal to 1.253V + 32 mV 12 = 1.269V. Even lower TC can
be obtained by measuring the output at 2 temperatures and
using the following formula to calculate the exact zero TC
output voltage for each reference.

T1 (V2 - V1)
Vour(OTC) = V1 - T2 - T1

Where:

V1 = Output voltage at T1

V2 = Output voltage at T2

T = Absolute temperture (OK)



The limitation on temperature drift after a 2 point calibration
is non-linearity. This reference circuit has a non-reducible
bow error of ;:;: 10 ppmrC over a temperature range of
- 25·C to + 100·C and ;:;:5 ppmrC from O·Cto +70·C. At
125·C, leakage creates significant error, causing the output
voltage to droop about 5 mY.
Noise of the reference consists primarily of theoretical shot
noise current from the LM134. At the 10 ",A level, this is
about 6 pAl.'HZ rms from 10 Hz to 10 kHz. Total output
noise would be 0.4 ",V/.'HZ rms over this frequency range,
except that C1 bypasses most of the noise above 2 kHz.
Measured output noise was 25 '"Vrms over a 10Hz to 10
kHz bandwidth with C1 = 1000 pF. Larger values of C1 may
be used if lower broadband noise is needed. Low frequency
noise is about 25 ",V peak-to-peak from 0.1 Hz to 10Hz.
The LM134 has a negative output resistance at the R pin
when resistance is inserted in series with the V- pin. The
value of this negative resistance is approximately -Rx/19,
where Rx is the equivalent resistance from V- to ground. In
this reference circuit Rx is 72 kn, yielding a negative output
resistance of 3.8 kn. Resistor R2 sums with this resistance
to give the reference a net zero output resistance (± 4000).
Loading should be limited to about 5 ",A. Line regulation for
the reference is typically less than 0.5 mV with an input

voltage of 5V ± 2V. Minimum input voltage for a 2 mV drop
in output voltage is 2.5V at -55·C, 2.4V at 25·C and 2.3V at
125·C.
Although this reference was designed for ultra-low operat-
ing current, there is no reason that it cannot be used at
higher current levels as well. All resistor values are simply
scaled downward. Higher operating current will give lower
output resistance, more drive capability, less sensitivity to
FET Idss,lower noise, and less droop at 125·C.
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In many applications, a unity-gain follower (e.g. any opera-
tional amplifier with tight feedback to the inverting input)
may oscillate or exhibit bad ringing when required to drive
heavy load capacitance. For example, the LM110 follower
will normally drive a 50 pF load capacitor, but will not drive
500 pF, because the open-loop outout impedance is lagged
by such a large capacitive load. The frequency at which this
lag occurs is comparable to the gain-bandwidth product of
the amplifier, and when the phase margin is decreased to
zero, oscillation occurs.

FIGURE 1. Unity-Gain Follower Attempting to Drive
Capacitive Load

While the solution to this problem is not widely known. an
analysis of the general problem shown in Figure 2 can lead
to a useful approach. It is generally known that increasing
the noise gain of an op amp's feedback network will im-
prove tolerance of capacitive load. In Figure 2, adding a
resistor R2 eo RF/10 will do this. (A moderate capacitor C2
is usually inserted in series with R2, to prevent the DC noise
gain from increasing also-to avoid degrading DC offset.
drift and inaccuracy.) If the op amp has a 1 MHz gain band-
width product, and R1 = RF' the closed-loop frequency re-
sponse will be Y. MHz. Adding R2 = RF/10 will drop the
closed-loop frequency response to 90 kHz, where the ampli-
fier can usually tolerate a much larger Cl;

. . RF RF
NOiseGain = R1 + R2 + 1 (AC)

Noise Gain = :~ + 1 (DC)

C2~

FIGURE 2. StabiliZing an Operational Amplifier for
Capacitive Load

A similar result will occur if you install R3 and C3, instead of
R2. Now the (AC) noise gain will be:

R4 RF (RF) (R3 + R4)
1 + R3 + R3 + R1 ~

As a simplification, if R1 is an open circuit. the AC noise gain
will be: (R4/R3 + RF/R3 + 1). Now it can be seen that
noise gain can be raised by having a low value of R3 and a
high value of R4 or RF (or both).
In particular, where RF is required to be on, as in a follower,
the noise gain can be raised by adding a large R4 and a
small R5, as shown in Figure 3. If Rs is low, the AC noise
gain will be R4/R5 + 1. (If Rs is large and constant, R4
may be unnecessary, and the noise gain would then be Rs/
R5 + 1.) For LM110/LM310's R4 = 10 kn is recommend-
ed and when R5 = 3.3 kn, C5 = 200 pF, the LM110 will
stably drive Cl up to 600 pF.

r--
I
I
I,
I
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RS 'I

:SOURCE

I
I-_..I

FIGURE 3. Stabilizing a Unlty-Galn Follower for
Capacitive Load



Another application of this technique is for making a fast
follower with a high slew rate. An LF356 is specified as a
follower, but an LF357 must be applied at an "Av = 5"
minimum, because it has been "decompensated" with a
smaller internal capacitor. Most people do not realize how
easy it is to apply an LF357 as a follower. In Figure 4, an
LF357 will have fast, stable response just like an LF356
does. when Rs is < 1 kn, but it will have a 50V/ ",s slew
rate (typical) vs. 12V/ ",s for an LF356.

TLiH/8491-4

FIGURE 4. Unity-Gain Follower With Fast Slew Rate
Similarly, an LM348 is a fast decompensated quad op amp.
Its bipolar input stage has a finite bias current, 200 nA max.
For best results, the resistance which makes up the noise
gain should be put equally in the plus and minus input cir-
cuits, as shown in Figure 5. The LM349 can slew at 2V/ "'S
typical, and is much faster for handling audio signals without
distortion than the LM348 (which at 0.5V/ "'S is only as fast
as an ordinary LM741). The same approach can be used for
an LM101 with a 5 pF damping capacitor. While these cir-
cuits give faster slewing, the bandwidth may degrade if the
source impedance Rs increases. Also, when the AC noise
gain is raised, the AC noise will also be increased. While
most modern op amps have low noise, a noise gain of 10
may make a significant increase in output noise, which the
user should check to insure it is not objectionable.

FIGURE 5. Application of Fast Follower With Balanced
Resistors. R9 = R7 + Rs. A = 1/4 LM349 (or L,M1(l1

with 5 pF Capacitor)
If the series capacitor is much larger than necessary, noise
will be increased more than necessary. In general, choose
the C5 for Figure 3, (e.g.) per these guidelines: (where fv =
unity-gain bandwidth of op amp)

( R4)4- 1+-
C5Min = R5

21TRS - fv
R4 + R5

E: _ fv - (R5)2
2

For best results, choose the design center value of C5 to be
2 or 3 times C5 min.



..,...,.
~ Get More Power Out of

Dual or Quad Op-Amps

Although simple brute-force paralleling of op-amps is a bad
scheme for driving heavy loads, here is a good scheme for
dual op-amps. It is fairly efficient, and will not overheat if the
load is disconnected. It is not useful for driving active loads
or nonlinear loads, however.

In Figure 1, an LF353N mini-DIP can drive a 600n load to
± 9V typical (± 6V min guaranteed) and will have only a
47'C temperature rise above free air. If the load R is re-
moved, the chip temperature will rise to +50'C above free
air. Note that A2's task is to drive half of the load. A1 could

TLiH/8493-1

A1, A2 ~ 1/2 LM747 or 1/2 LF353 or anyop-amp.

FIGURE 1. A 1 and A2 Share the Load
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be applied as a unity-gain follower or inverter, or as a high-
gain or low-gain amplifier, integrator, etc.

While Figure 1 is suitable for sharing a load between 2 am-
plifiers, it is not suitable for 4 or more amplifiers, because
the circuit would tend to go out of control and overheat if the
load is disconnected,

Instead, Figure 2 is generally recommended, as it is capa-
ble of driving large output currents into resistive, reactive,
nonlinear, passive, or active loads. It is easily expandable to
use as many as 2 or 4 or 8 or 20 or more op-amps, for
driving heavier loads.

It operates, of course, on the principle that every op-amp
has to put out the same current as A 1, whether that current
is plus, minus, or zero, Thus if the load is removed, all ampli-
fiers will be unloaded together. A quad op-amp can drive
600n to ± 11 or 12 volts. Two quads can put out ± 40 mA,
but they get only a little warm. A series R-C damper of 15n
in series with 0,047 I-'F is useful to prevent oscillations (al-
though LM324's do not seem to need any R-C damper).

Of course, there is no requirement for the main amplifier to
run only as a unity-gain amplifier. In the example shown in
Figure 3, A 1 amplifies a signal with a gain of + 10. A2 helps
it drive the load. Then A3 operates as a unity-gain inverter to
provide V2 = - V1, and A4 helps it drive the load. This
circuit can drive a floating 2000n load to ±20V, accurately,
using a slow LM324 or a quick LF347.
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47 47

LOAD BUS

RL 15 TYPICAL
LOAD OR
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It)..,.
~ Frequency-to- Voltage

Converter uses Sample-
and-Hold to Improve
Response and Ripple

Most frequency-to-voltage (F-toN) converters suffer from
the classical tradeoff of ripple versus speed of response.
For example, the basic F-to-V converter shown below has
13 mVp-p of ripple, and a rather slow 0.6 second settling
time. when CFILTERis 1 I-'F. If you want less ripple than that,
the response time will be even slower. If you want quicker
response, it is easy to decrease CFILTER,but the ripple will
increase by the same factor.
The improved circuit in Figure 2 makes an end-run around
these compromises. A low-cost sample-and-hold circuit

410 pF
flN--.J

FREQUENCY INPUTI
10 kHz FULL-SCALE
SQUARE WAVE OR

PULSE TRAIN

VOUT ~ fiN X (~) x (1.9V) x (URAl

(
QUIp,U,) ( 1 ) (1.9V) x (1.1 RIG,)
nppe ~ -- x
pop CFIL TER Rs

RSII2k ± 1"

5k
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such as LF398 can sample the F-to-V's output at the peak
of its ripple. and hold it until the next cycle. The LF398 has
fairly low output ripple (rms) but it does have some short
duration noise spikes and glitches which can be removed
easily with a simple output filter. The ripple at the output of
the active filter V6 is smaller than 1 mV peak, but the set-
tling time for a step change of input frequency is only 60 ms.
or ten times quicker than the "basic" FVC with CFILTER =
11-'F.

Ct
0.01 "F

~POLYSTYRENE

VOUT 10V
FULL· SCALE

Cm TER
1 "F
MYLAR

10k

V4
22k

lFJ98
V2 I

4.111. 1;'':"
V1 V5

C 20k 1""'D.1J.!F
Rl

15MlOOk
±1%

OoOO5PF,*
':"

lOOk
OFFSET ADJUST

Ill.

SAMPlE AND HOLD

470 pF ~ LM3Jl..J VO
fiN,

INPUT FREQUENCY
10 kHz FUll-SCALE
SQUARE WAVE OR

PULSES



DETAILS OF OPERATION (Aefer to Figure 3, Waveforms)
When the input frequency waveform has a negative-going
transition, pin 6 of the LM331 is driven momentarily lower
than the 13V threshold voltage at pin 7. This initiates a tim-
ing cycle controlled by the At and Ct at pin 5, and also
causes a transition from +5V to OV at pin 3, (the normal
VFC logic output) which is usually left unused in F-to-V oper-
ation.
During the timing cycle (t = 1.1 X At x Ct = 75 ,.S, for the
example shown) a precision current source i = 1.9 VIAS
flows out of pin 1 of the LM331, and charges V1 up to a
value slightly higher than the average DC value of V1. At the
end of the timing cycle, V1 stops charging up, and also V2
rises. The 10 kO pull-up resistor is coupled (through the 200
pF capacitor) to V3, and causes the LF398 to sample for
about 5 ,.S. Then the LF398 goes back into hold. This entire
operation is repeated at the same frequency as fiN. The
average voltage at V1 will be the same 10V full scale, ac-
cording to the same formula of Figure 1. And the peak-to-
peak ripple can be computed as 65 mV peak, 130 mVp-p,
using the appropriate formula.

lVJ
'IN

ov-

Now, the input to the sample-and-hold at pin 3 may have a
10.000V average DC value, but the output will be at
10.065V, because the sample occurs at the peak value of
V1. Thus, to get an output with low offset, a 15 MO resistor
is used to offset the V1 signal to a lower level. Trim the
offset adjust pot to get Your = 1V at 1 kHz, and trim the
gain adjust pot to get Your = 10V at 10 kHz (the interac-
tion is minor), as measured at V4, V5, or V6. The rms value
of the ripple at V4 is rather small, but the peak-to-peak rip-
ple (spikes and glitches) may be excessive. A simple A-C
filter can provide a filtered output at V5; or a simple active
filter using an inexpensive LF351, will give sub-millivolt
(peak) ripple at V6, with improved settling time and low out-
put impedance.
This F-to-V converter will have a good linearity, better than
0.1%, but only from 10kHz down to 500 Hz. Between
200 Hz and 20 Hz, Your is not very proportional to fiN. And
at 0 Hz, the output will be indeterminate, because the sam-
ple-and-hold will never sample! However, there are many F-
to-V applications where a 20:1 frequency range is adequate.

'V--- L__
VJ -5V _---r-------' .--,.-----"--

~ 2lll1mV,.,

I
I

VI 8.nOY ---------- __ --'~-,-

1 mVp.,



Three-terminal adjustable voltage regulators such as the
LM317 and LM337 are becoming popular for making regu-
lated supplies in instruments and various other OEM appli-
cations. Because the regulated output voltage is easily pro-
grammed by two resistors, the designer can choose any
voltage in a wide range such as 1.2V to 37V. In a typical
example (Figure 1) the output voltage will be:

VOUT= VREF(:~ + 1) + R2 elADJ

ADJ I
+IADJ

FIGURE 1. Basic Regulator
In many applications, when R1 and R2 are inexpensive
± 1% film resistors, and the room temperature accuracy of
the LM117 is better than ±3%, the overall accuracy of
± 5% will be acceptable. In other cases, a tighter tolerance
such as ± 1% is required. Then a standard technique is to
make up part of R2 with a small trim pot, as in Figure 2. The
effective range of R2 is 2.07k ± 10%, which is adequate to
bring VOUTto exactly 22.0V. (Note that a 2000. rheostat in
series with 1.96 kn ± 1% would not necessarily give a
± 5% trim range, because the end resistance and wiper re-
sistance could be as high as 100. or 200.; and the maximum
value of an inexpensive 10% or 20% tolerance trimmer
might be as low as 1800. or 1600..)
In some designs, the engineering policy may frown on the
use of such trim pots, for one or more of the follOWingrea-
sons:

- Good trim pots are more expensive.
- Inexpensive trim pots may be drifty or unreliable.
- Any trim pot which can be adjusted can be

misadjusted, sooner or later.
To get a tighter accuracy on a regulated supply, while avoid-
ing these disadvantages of trim pots, consider the scheme
in Figure 3.

RJ
500
DUTPUT ADJUST

TL/H/8495-2
FIGURE 2. Regulator with Small Adjustment Range

TL/H/8495-3

FIGURE 3. Regulator with Trimmable Output Voltage
When first tested, VOUTwill tend to be 4% to 6% higher
than the 22.0V target. Then, while monitoring VOUT,snip out
R3, R4, and/or R5 as appropriate to bring VOUTcloser to
22.0V. This procedure will bring the tolerance inside ± 1%:

- If VOUT is 23.08V or higher, cut out R3 (if lower,
don't cut it out).

- Then if VOUTis 22.47V or higher, cut out R4 (if low-
er, don't).

- Then if VOUTis 22.16V or higher, cut out R5 (if low-
er, don't).

The entire production distribution will be brought inside
22.0V ± 1%, with a cost of 3 inexpensive carbon resistors,
much lower than the cost of any pot. After the circuit is
properly trimmed, it is relatively immune to being misadjust-
ed by a screwdriver. Of course, the resistors' carcasses
must be properly removed and disposed of, for full reliability
to be maintained.
An alternate scheme shown in Figure 4 has R6, R7, and R8
all shorted out initially with a stitch or jumper of wire. The



trim procedure is to open up a link to bring a resistor into
effect. The advantage of this circuit is that Your starts out
lower than the target value, and never exceeds that voltage
during trimming. In this scheme, note that a total "pot resist-
ance" of 2150 is plenty for a 10% trim span, because the
minimum resistance is always below 10, and the maximum
resistance is always more than 2000---it can cover a much
wider range than a 2000 pot.
The circuit of Figure 5 shows a combination of these trims
which provides a new advantage, if a ± 2% max tolerance is
adequate. You may snip out R4, or link L1, or both, to ac-
commodate the worst case tolerance, but in most cases,
the output will be within spec without doing any trim work at

If VOUT is lower than 20.90V. snip link 1 (if not. don·t).

Then if VOUT is lower than 21.55V, snip link 2 (if not, don·t).

Then if VOUT is lower than 21.82V, snip link 3 (if not, don·t).

all. This takes advantage of the fact that most ± 1% resis-
tors are well within ±Y30/0,and most LM337's output volt-
age tolerances are between - % % and + 1% %, to cut the
average trim labor to a minimum. Note that L1 could be
made up of a 2.70 ± 10% resistor which may be easier to
handle than a piece of wire.
In theory, a 10% total tolerance can be reduced by a factor
of (2n - 1) when n binary-weighted trims are used. In prac-
tice, the factor would be (1.8n - 1) if ± 10% trim resistors
are used, or (1.9n - 1) if ±5% resistors are used. For n =
2, a 10% tolerance can be cut to 3.8% popor ± 1.9%. For
n = 3, the spread will be 1.7% pop or ± 0.85%, and most
units will be inside ± 0.5%, perfectly adequate for many reg-
ulator applications.
National Semiconductor manufactures several families of
adjustable regulators including LMl17, LM150, LM138,
LMl17HV, LM137, and LM137HV, with output capabilities
from 0.5A to 5A and from 1.2V to 57V. For complete specifi-
cations and characteristics, refer to the appropriate data
sheet or the 1982 Linear Databook.

Tl/H/8495-5

If IVOUTI is smaller than 13.75V, snip L1 and it will get bigger by 6%.

Then if IVOUTI is bigger than 14.20V, snip R4 and it will get smaller by 3%.

FIGURE 5. Circuit Which Usually Needs No Trim
to Get Your Within ± 2% Tolerance
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~ High Voltage Adjustable

Power Supplies

7.4.4 HIGH VOLTAGE ADJUSTABLE POWER SUPPLIES
The floating-mode operation of adjustable three-terminal
regulators such as the LM117 family make them ideal for
high voltage operation. The regulator has no ground pin;
instead, all the quiescent current (about 5 mAl flows to the
output terminal. Since the regulator sees only the input-out-
put differential, its voltage rating - 40V for the standard
LMl17 series and 60V for the high voltage LMl17HV series
- will not be exceeded for outputs of hundreds of volts.
However, the IC may break down when the output is short-
ed unless special design approaches are used to protect
against it.
Figure 1 shows how it's done. Zener diode 01 ensures that
the LM317H sees only a 5V input-output differential over the
entire range of output voltage from 1.2V to 160V. Since

01, 02: NSD134 or similar

C1, C2: 1 I'F, 200V MYLAR

-Heat Sink
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high-voltage transistors by necessity have a low p, a Dar-
lington is used to stand off the high voltage, The zener im-
pedance is low enough that no bypass capacitor is required
directly at the LM317 input. (In fact, no capacitor should be
used here if the circuit is to survive an output short!) A3
limits short circuit current to 50 mA. The AC network on the
output improves transient response as does bypassing the
ADJUST pin, while A4 and 02 protect the ADJUST pin dur-
ing shorts.
Since 02 may dissipate up to 5W normally or lOW dUring a
short circuit, it should be well heat sunk. For higher output
currents substitute a pass device in a TO-3 or TO-220 pack-
age in place of the TO-202 NSD134 and reduce A3, Of
course, if the required output current is less than 25 mA, A3
can be increased to reduce the size of the heat sink need-
ed.

LMJ17H
OR LMJ17MP OUT

AOJ

VOUT
12VTO
160V il2S mA

R7
2.m



An improved approach is shown in Figure 2. Here an
LM329B 6.9V zener reference has been stacked in series
with the LM317's internal reference. This both improves
temperature stability, since the LM329B has a guaranteed
TC of ± 20 ppm/'C, and improves regulation, because more
loop gain is available from the LM317.

01, 02: NS0134 or similar

C1, C2: 1 I'F, 200V MYLAR

-Heat Sink

ClT1.OI'F

These techniques can be extended for higher output volt·
ages and! or currents by either using better high voltage
transistors or cascoding or paralleling (with appropriate
emitter ballasting resistors) several transistors. The output
short circuit current, determined by R3, must be within Q2's
safe area of operation so that secondary breakdown cannot
occur.

LM317H
OR LM317MP OUT

AOJ

VOUT
8V TO
160V@25mA

R8
2.m

R6
lk C2T1.0I'F

Rl
20k VOLTAGE
5W AOJUST
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~ Simple Voltmeter Monitors
TTL Supplies

Using a National Semiconductor LM3914 barldot display
driver chip, a few resistors and some LEDs, a simple ex-
panded-scale voltmeter is easily constructed. Furthermore,
it runs from the same single 5V ± 10% supply it monitors
and can provide TTL-compatible undervoltage and overvolt-
age warning signals.
The complete circuit is shown in Figure 1. Aesistors A1 and
A2 attenuate Vcc by a factor of three at the LM3914 signal
input, ensuring proper biasing of the IC with Vcc as low as
4V. The IC's internal reference sets the voltage across the
series combination of A3, A4 and A5 at 1.25V, establishing
a reference load current of about 1 mA. This current is
joined by the small, constant current from the reference ad-
just pin (75 I'-A. typ) and flows to ground through A6 and A7,
developing a voltage drop. Adjusting A6 varies this voltage
drop and, consequently, the voltage at pin 7, nominally
1.803V (= 5.41V13).
Pin 7 is connected to the top of the LM3914's internal ten-
step voltage divider (pin 6). The bottom of this divider (pin 4)
is connected to the center tap of potentiometer A4. By vary-
ing the pot setting this voltage can be set to 1.47V
(= 4.41V13) without significantly affecting the potential at
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pin 7. The optional diode D1 protects against damaging the
IC by connecting the leads backwards.
In operation, the LM3914's ten internal voltage comparators
compare the signal input, Vcc/3, to the reference voltage
on the divider, lighting each successive LED for every 100
mV increase in Vcc above 4.5V as shown. The LM3914
regulates the LED currents at 10 times the reference load
current, here about 10 mA, so external current-limiting resis-
tors are not required. With pin 9 left open circuit, the
LM3914 functions in Dot mode (only one LED on at a time).
If desired, a Bar mode display could be obtained by con-
necting pin 9 to Vcc, but the dot display seems more suit-
able in this application.
To calibrate, set Vcc at 5.41V and adjust A6 until LED #9
and LED #10 are equally illuminated. (A built-in overlap of
about 1 mV ensures all LEDs won't go out at a threshold
point.) There's no need to vary the system supply voltage to
perform this adjustment. Instead, disconnect A1 from Vcc
and connect it to an accurate reference. Then, at 4.5V, ad-
just A4 until LED # 1 just barely turns on. There is a slight
interaction caused by the finite resistance (10k, typ) of the
LM3914's voltage divider, so that repeating the above pro-
cedure once is advised.

vcc(V)

4.51-4.60
4.61-4.70
4.71-480
4.81-4.90
4.91-5.00
5.01-5.10
5.11-5.20
5.21-5.30
5.31-5.40
5.41-up

LED
illuminated

#1
#2
#3
#4
#5
#6
#7
#8
#9
#10

SIGNAL
INPUT

5

All fixed resistors are ± 1% tolerance
All potentiometers are ± 20%
C1: 2.2,....F tantalum or 10 JLF aluminum electrolytic

FIGURE 1. 5V Power Supply Monitor



The LED driver outputs can directly drive a TTL gate. so that
the LED #1 and LED #10 outputs may be used for under-
voltage and overvoltage warning signals. These may be
used to initiate a soft shutdown or summon an operator, for
example. The interfacing circuitry is shown in Figure 2. The
4700 resistor R8 ensures that the LM3914 output will satu-
rate to provide the proper TTL low level. Pull-up resistor R9
provides the logic high level.
In the previous circuit the undervoltage LED goes out when
Vcc is less than 4.51V, a deficiency that is corrected here,
Transistors 01 and 02 shut off LED # 1 whenever any other
LED is turned on by the LM3914. 02's output will directly
drive TTL.

HIGH FOR
UNOERVOL lAGE

TO LOGIC

Calibration procedure is the same as before. The LM3914
output thresholds have been shifted up by 100 mV and out-
put #10 is or-tied with output #9. Other outputs may be
wire-or'd together if 100 mV resolution is not necessary. If
desired. the outputs can be color coded by making LED # 1
and LED #10 red, LED #2 and LED #9 amber, and the
rest of the LEOs green to ease interpretation.
This circuit is useful where quick and easy voltage adjust-
ments must be made, such as in the field or on the produc-
tion line. The circuit's low cost makes it feasible to incorpo-
rate it into the system, where the overvoltage and undervol-
tage warning signals provide an attractive extra. Of course.
these techniques can be used to monitor any higher volt-
ages, positive or negative.

-LED #1 is illuminated for 3V s: Vcc s: 4.51V

01: 2N3906, 2N2907 or similar

02: 2N3904. 2N2222 or similar
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~ Programmable Power

Regulators Help Check Out
Computer System
Operating Margins
It is a familiar situation that some computer systems which
are functional with a 5V supply may run marginally at 5.1 V
but can show a solid failure at 5.3V (or, vice versa) even
though all these voltages are within the system's specifica-
tions. The LM338 is an example of a monolithic voltage reg-
ulator which can be placed under computer control, and can
trim the supply to a particular variation above (and below)
the design-center voltage. Simultaneously the computer is
exercised through a standard test sequence. Any deviation
from correct functioning, at one supply voltage level or an-
other, will serve as a warning of impending malfunction or
failure. This test approach can be used for diagnostics, for
troubleshooting, and for engineering evaluation. It can help
detect skew, race conditions, timing problems, and noise
and threshold problems.

HERE'S HOW

During normal operation, the latch (IC 1) is programmed to
have its 01 and 02 outputs HIGH, and its 03 and 04 LOW.
Then R4 and R5 are connected effectively in parallel with
R6, and Your is adjusted to 5V. If 04 is commanded HIGH,
the net conductance from the adjust bus to ground will de-
crease, and Your will rise 3% to 5.151V. Conversely if 01 is
commanded LOW, the output voltage will fall 3.3% to
4.835V. The complete list of output voltages (in approxi-
mately 3.2% steps) is shown in Table I, covering a ±9.5%
total range.

The same basic function can be accomplished for -5.2V
regulators (as are used for ECL) using LM337 negative ad-
justable regulators. If the command is from TIL latches, the
circuit of Figure 2 will be suitable to interface between the
(OV and 2.4V) logic levels and the saturated PNP collectors
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as shown. The resistors R101-R104 are switched by tran-
sistors 0101-0104 in a similar way to Figure 1. Note that
the resistors in Figure 2 are in a binary-weighted proportion.
To decrease Your by 2%, just change 04 to LOW, but to
increase Your by 2%, set 01 HIGH and 02, 03, 04 all
LOW, in a standard offset binary scheme.

TABLE I. Available Trim Range

Q1 Q2 Q3 Q4 VOUT %.:l.VOUT

1 1 0 0 5.000V (trimmed)

1 1 0 1 5.151V +3.0%

1 1 1 0 5.299V +6.0%

1 1 1 1 5.469V +9.4%

0 1 0 0 4.835V -3.3%

1 0 0 0 4.669V -6.6%

0 0 0 0 4.526V -9.5%

Figure 2 also provides another feature. If 05 goes LOW,
0105 will saturate and pull the adjust bus to within 100 mV
of ground, and the Your will collapse to -135V. The nega-
tive supply will be effectively shut down, and the computer
will draw substantially zero power.

In an extreme case of automation, the computer could trim
the - 5.2V supply to the "best" value, and the trimpet would
be completely superfluous. The circuit of Figure 2 has a trim
resolution of 3% steps, and can set Your well within 2% of
the ideal value, so long as some measurement has decided
which voltage is "ideal".

YOUT'UT
S'oYoe
NOMINAL

ENABLE S.OY Rl
J.Jk 2.2k 12k Uk 124

Yee R2 ±1%
10k

01
AOJUST

R3
BUS

Ie 1 4.7k
D2 TlL D2
lATCH
DM7415 R4

OR SIMILAR 62k
D3 03"

R6
RS 349
12k ±1%



R113 R1M
7..51l 1st
t%% t%%
AD.lUST IUS

'Ql is normally LOW, all other Q's are HIGH.
See Table II for available trim range.

TLlH17336-2

01 02 03 04 VQUT %~VOUT
0 1 1 1 5.200V (trimmed)

0 1 1 0 5.110V -1.7%
0 1 0 1 5.025V -3.4%

0 1 0 0 4.944V -4.9%
0 0 1 1 4.853V -6.7%
0 0 1 0 4.779V -8.1%
0 0 0 1 4.707V -9.5%
0 0 0 0 4,638V -10.8%
1 0 0 0 5.310V +2.1%
1 0 0 1 5.409V +4.0%
1 0 1 0 5.513V +6.0%
1 0 1 1 5.622V +8.1 %
1 1 0 0 5.757V + 10.7%
1 1 0 1 5.880V + 13.1%
1 1 1 0 6.010V +15.6%
1 1 1 1 6.147V +18.2%



Paralleling of 3-terminal regulators is generally not recom-
mended because the devices do not share current equally.
If, for instance, you try to make a 3 amp regulator using
three 1 amp regulators, the device with the highest output
could be carrying 2.5 amps in a current limit mode. The
regulator with the second highest output would be carrying
only 0.5 amps, and the third regulator would be totally off.
The reliability of such a system is poor because of the com-
bination of high temperature and high current in the first
regulator. A simple way to improve sharing is to insert a low
value resistor in series with each output. The problem with
this approach is that load regulation is very poor if the resis-
tors are made large enough to ensure adequate sharing.
A new technique for current sharing overcomes the load
regulation problem and, as an added bonus, provides re-
mote sensing capability not available in the standard 3-ter-
minal regulators. This is a great advantage when the regula-
tors must be mounted off-card with their outputs fed

through a connector. Total cost of added components is
less than 50¢.
Figure 1 shows the new Kelvin sense scheme using the
LM338 5 amp adjustable regulator. A1 forces a voltage drop
across R3 equal to the voltage across the parasitic resist-
ance, rs. The current through R3 flows into the output of A1
and out the negative supply pin. This creates a voltage drop
across R4 just equal to the voltage across rs, cancelling the
effect of rs on load regulation. There is an error in Your
created by the quiescent current of A1, but for a 5V outpu1,
this error is only about 0.7%. Voltage loss across rs must be
limited to 300 mV to avoid current limiting in A1. If larger
drops must be accommodated, R3 and R4 will have to be
increased. C1 is necessary only if intermediate values of
capacitance (2 ,...F-20 ,...F)are put directly across the load.
Any of the positive adjustable regulators may be used in
place of the LM338.

.:LeI R4

-r-2pF 30
IL __



Figure 2 combines Kelvin sensing with paralleling, where
the voltage loss across the current sharing resistors is cor-
rected by the sensing connection. r81 through r83 are equal
lengths of # 22 gauge lead wire which act as ballasting re-
sistors. These resistors can be kept small because LM338
adjustment pins are paralleled, forcing the outputs to track
to within about 60 mY. rs4 consists of the parasitic resist-
ance of any additional output lead plus connector loss. The

* 2 FEET OF
"22 HOOKUP
WIRE

total loss for rs4 may be up to 0.25V without loss of proper
Kelvin sensing. Note that if U1 has the lowest reference
voltage of the three regulators, full Kelvin sensing might not
become effective until output current has increased above a
threshold value of several amps. If this is undesirable, the
adjustment pin of U1 may be connected to a 50 tap on R1,
increasing its effective reference voltage by 50 mY. The cur-
rent load for U1 would be 1.5 amps higher, however.
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~ A Low-Noise Precision
OpAmp

It is well known that the voltage noise of an operational
amplifier can be decreased by increasing the emitter current
of the input stage. The signal-to-noise ratio will be improved
by the increase of bias, until the base current noise begins
to dominate. The optimum is found at:

KT v'hFE
le(optimum)= - -r-

q s
where rs is the output resistance of the signal source. For
example, in the circuit of Figure 1, when rs = 1 kO and
hFE = 500, the Ie optimum is about 500 p.A or 560 p.A.
However, at this rich current level, the DC base current will
cause a significant voltage error in the base resistance, and
even after cancellation, the DC drift will be significantly big-
ger than when Ie is smaller. In this example, Ib = 1 p.A, so
Ib x rs = 1 mY. Even if the Ib and rs are well matched at
each input, it is not reasonable to expect the Ib x rs to track
better than 5 or 10 p'vrc versus temperature.

A new amplifier, shown in Figure 2, operates one transistor
pair at a rich current, for low noise, and a second pair at a
much leaner current, for low base current. Although this
looks like the familiar Darlington connection, capacitors are
added so that the noise will be very low, and the DC drift is
very good, too. In the example of Figure 2, 02 runs at
Ie = 500 p.A and has very low noise. Each half of 01 is
operated at 11 p.A = Ie. It will have a low base current
(20 nA to 40 nA typical), and the offset current of the com-
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posite op amp, Ib1-lb2, will be very small, 1 nA or 2 nA.
Thus, errors caused by bias current and offset current drift
vs. temperature can be quite small, less than 0.1 p.V I'C at rs
= 10000.

The noise of 01A and 01B would normally be quite signifi-
cant, about 6 nV/-/HZ, but the 10 p.F capacitors completely
filter out the noise. At all frequencies above 10 Hz, 02A and
02B act as the input transistors, while 01 A and 01 B merely
buffer the lowest frequency and DC signals.

For audio frequencies (20 Hz to 20 kHz) the voltage noise of
this amplifier is predicted to be 1.4 nV I-/HZ, which is quite
small compared to the Johnson noise of the 1 kO source,
4.0 nV I-/HZ. A noise figure of 0.7 dB is thus predicted, and
has been measured and confirmed. Note that for best DC
balance R6 = 9760 is added into the feedback path, so
that the total impedance seen by the op amp at its negative
input is 1 kO. But the 9760 is heavily bypassed, and the
total Johnson noise contributed by the feedback network is
below % nV/-/HZ.

To achieve lowest drift, below 0.1 p'vrc, R1 and R2
should, of course, be chosen to have good tracking tempco,
below 5 ppmrC, and so should R3 and R4. When this is
done, the drift referred to input will be well below 0.5 p.V rc,
and this has been confirmed, in the range + 1O'C to +50'C.

Overall, we have designed a low-noise op amp which can
rival the noise of the best audio amplifiers, and at the same

TLlH/8499-1

VOUT •• (n + 1)VIN+ Vos x (n + 1) + (Ib2- 'b1)x r. x (n + 1) + VnoissX (n + 1) + Ino;ssx (r. + RiN)x (n + 1)

FIGURE 1. Conventional Low-Noise Operational Amplifier



time exhibits drift characteristics of the best low-drift amplifi-
ers. The amplifier has been used as a precision pre-amp
(gain = 1000), and also as the output amplifier for a 20-bit
DAC, where low drift and low noise are both important.
To optimize the circuit for other rs levels. the emitter current
for 02 should be proportional to 1/ Jr;;. The emitter current
of 01A should be about ten times the base current of 02A.
The base current of the output op amp should be no more
than 1/1000 of the emitter current of 02. The values of R1
and R2 should be the same as R7.

R3
200k

±O.l"·"

Various formulae for noise:

Voltage noise of a transistor, per JRZ, en = KT ~

. . t= . f2ciiC
Current nOiseof a transistor, per ~Hz,In = V~
Voltage noise of a resistor, per JRZ. en = J4 KTRs
For a more complete analysis of low-noise amplifiers, see
AN-222, "Super Matched Bipolar Transistor Pair Sets New
Standards for Drift and Noise", Carl T. Nelson.

R4
200k±o",,···

'Tracking TC < 5 ppml'C
"'Solid tantalum

···Tracking TC < 5 ppmrc.
Beckman 694-3-R100K-D or similar
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~ J.LP Interface for a
Free-Running AID Allows
Asynchronous Reads
In many data acquisition applications it is necessary to have
an A to D converter operate as its maximum conversion
rate. The controlling microprocessor would then be able to
read the most current input data at any point in time as
required by software. To minimize program execution time,
a DATA READ may not be snychronous to the completion
of a conversion, and herein lies a problem. It is entirely pos-
sible that the processor could assert a READ command
right at the instant the AID converter is updating its output
register. The data read would be the value of the convert-
er's output lines in transition from the result of the previous
conversion to the latest result, and would very likely be in
error.
The addition of a simple binary counter to the AID interface
circuitry can be used to generate a READY signal to the
microprocessor that will prevent a READ during a data up-
date. The circuit of Figure 1 shows a CD4024BC7-stage rip-
ple carry binary counter used in conjunction with an
ADcoa01, a-bit microprocessor compatible A to D convert-
er. Circuit operation relies on two basic properties of the
AID converter. First of all, the free-running conversion time
of the AID must be a constant number of clock cycles; and
secondly, the output latches must be updated prior to the
end of conversion signal. The ADCOa01fulfills both of these
requirements. The output data latches are updated one AID
clock period before the INTR falls low, and the free-running
conversion time is always 72 clock periods long.

5V

vo,~

OUTPUT LATCH/"" n
AID READV OUT NOT READV UPDATED I L

~ DATA READ AT
THIS TIME

iiii AREADISATTEMPTED Lr
BUT IS EXTi~g~sD RUE~T~~ _
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As part of the system power-up initializaton sequence, a
logic low must be temporarily applied to the SYSTEM
RESET input to the AID to force the converter to start. At
the end of a conversion, the INTR output goes low, and
both resets the counter outputs to all zeros and signals an-
other conversion to start by pulling WR low. The length of
time that the INTR output stays low is normally only a few
internal gate propagation delays (approximately 300 ns) and
is independent of the AID clock frequency. The 1000 pF
capacitor on this output extends this time to approximately
1 p's to insure adequate reset time for the counter.
A conversion is started on the low to high transition of the
INTR and WR pins. The next data update will occur 71 clock
periods after this edge occurs. The counter will signal that a
data update is about to occur after 64 clock periods. If the
processor attempts a DATA READ within an a clock period
time frame around the data update time, its READY input
line will remain low, signifying a NOT READY condition. The
processor would then extend the READ cycle time until it
receives a READY indication created by the counter being
reset by INTR. This insures that the latches have already
been updated and proper data will be read.
If a READ is attempted during the 64 clock period interval
after the start of a conversion, the READY IN line to the
processor will go high to permit a normal READ cycle, and

READV OUT
SIGNALS FROM
OTHER SYSTEM
PERIPHERALS



the data output by the AID will be the result of the previous
conversion. The processor READY IN logic, as shown, re-
quires that all system devices that may need special READ
or WRITE timing provide a NOT READY (a Logic 0 on their
READY OUT lines) indication until selected to be read from
or written to.

The chance of having the processor extend its READ cycle
time is 1 in 9 (8 clock periods out of 72) and the maximum
length of time a READ would be extended is 8 AID clock
periods. These two timing considerations are insignificant
trade-ofts to take to insure that proper AID data is always
read.
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~ Circuit for Evaluation of
Custom Vocabulary EPROM
Prototype Set

EPROM PROTOTYPE
In the process of developing a product with a "custom"
generated vocabulary, it may be necessary to develop spe-
cial circuitry for listening to and evaluating your prototype
synthesized vocabulary prior to committing to read only
memory (ROM) production.

The prototype set will normally be supplied by National
Semiconductor in the form of 2716 EPROM (Intel pinout)
sets. The SPC (speech processor chip, part number
MM54104) communication with EPROM sets does require
some external hardware considerations which may not be
necessary in the final ROM application, especially in multi-
ple EPROM-equivalent ROM situations. (For example, four
16k-bit 2716 EPROMs equal one 64k-bit ROM.)

Shown on next page is a recommended circuit which shows
proper interface between 2716 EPROMs and the SPC. The
circuit covers vocabularies from the minimum system of one
2716 (16k bits) to larger vocabularies of eight 2716s (128k
bits). It is also true, that in an application requiring only one
2716, the MM74LS138 decoder device can be eliminated by
connecting pin 20 of the 2716 to Vss (ground). The remain-
ing unused pins 36, 37 and 38 of the SPC can be left uncon-
nected in this case.

UNUSED SPEC INPUTS
In any DIGITALKERTM design, an applications suggestion is
in the area of unused input pins of the SPC. It should be
understood that the number of different expressions and
coincident addresses, as designated by the custom vocabu-
lary, determines how many of the SW word address pins
(pins 8-15) on the SPC are utilized. Vocabularies of less
than 128 addresses will not use SW 8; vocabularies of less
than 64 addresses will not use SW 7 or SW 8, and etc.
These unused SW pins must be tied to Vss (ground) to
simplify the application. In fact, any unused input to the SPC
must be tied to Vss.

FILTERING

Use of the DIGITALKER is quite straightforward, however, a
point on application that must be covered in this brief con-
cerns the frequency response of the output speech. The
ultimate quality of the DIGITALKER will strongly depend
upon the filter, amplifier and speaker choices made by the
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user. For that reason, it is important to understand the out-
put characteristics of the device.

Because the synthesized speech data is derived from a dif-
ferentiated and sampled input signal, it is necessary to pass
the output waveform of the MM54104 through a low-pass
filter with a cutoff frequency of approximately 200 Hz and an
attenuation characteristic of 20 dB/decade. This compen-
sates for the high frequency pre-emphasis used in the syn-
thesis technique. If the system of interest has a natural roll-
off near 200 Hz, this low-pass filter can be eliminated. The
important item is that the entire audio system should have a
cutoff frequency of approximately 200 Hz. The placement of
the cutoff frequency may be adjusted for the particular type
of voice being synthesized. A low pitched man's voice might
sound better with a 100 Hz cutoff point while women's and
children's voices may show improvements with a 300 Hz
cutoff.

As an example of how the overall frequency response of a
particular application can mimimize the need for extra filter-
ing, consider the DIGITALKER as a voice announcement
circuit in a telephone system.

In this case, the telephone network provides a natural atten-
uation to high frequencies that balances the SPC high fre-
quency pre-emphasis. As a result, the low-pass filter previ-
ously mentioned can be eliminated. However, because sig-
nal frequencies above 3 kHz must be attenuated before
they are allowed to pass into the telephone network, a cut-
off filter of 3400 Hz may be reqUired in place of the previ-
ously mentioned 200 Hz low-pass filter. A good filter for this
application is the National Semiconductor AF133 active fil-
ter.

In addiltion to the 200 Hz to 3400 Hz low-pass filter, an extra
stage of low-pass filtering can be used for frequencies
above 7 kHz. This filter is optional and is normally only used
to further reduce sampling noise. Most systems can omit
this filter, especially if the overall system bandwidth is not
very wide. A second optional filter can be included to limit
the overall low frequency response of the system. This high-
pass filter would normally cutoff below 200 Hz (adjusted to
match the 200 Hz low-pass if provided). This high-pass filter
limits low frequency noise, and can usually be omitted if
system characteristics do not require this function.
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The Monolithic Operational
Amplifier: A Tutorial Study

Invited Paper-
IEEE Journal of Solid-State Circuits, Vol SC-B,No. 6
Abstract-A study is made of the integrated circuit opera-
tional amplifier (IC op amp) to explain details of its behavior
in a simplified and understandable manner. Included are
analyses of thermal feedback effects on gain, basic relation-
ships for bandwidth and slew rate, and a discussion of pole-
splitting frequency compensation. Sources of second-order
bandlimiting in the amplifier are also identified and some
approaches to speed and bandwidth improvement are de-
veloped. Brief sections are included on new JFET -bipolar
circuitry and die area reduction techniques using transcon-
ductance reduction.

1.0 INTRODUCTION

The integrated circuit operational amplifier (IC op amp) is
the most widely used of all linear circuits in production to-
day. Over one hundred million of the devices will be sold in
1974 alone, and production costs are falling low enough so
that op amps find applications in virtually every analog area.
Despite this wide usage, however, many of the basic per-
formance characteristics of the op amp are poorly under-
stood.

National Semiconductor
Appendix A

It is the intent of this study to develop an understanding for
op amp behavior in as direct and intuitive a manner as pos-
sible. This is done by using a variety of simplified circuit
models which can be analyzed in some cases by inspection,
or in others by writing just a few equations. These simplified
models are generally developed from the single representa-
tive op amp configuration shown in Figures 1 and 2.

The rationale for starting with the particular circuit of Figure
1is based on the following: this circuit contains, in simplified
form, all of the important elements of the most commonly
used integrated op amps. It consists essentially of two volt-
age gain stages, an input differential amp and a common
emitter second stage, followed by a c1ass-AB output emitter
follower which provides low impedance drive to the load.
The two interstages are frequency compensated by a single
small "pole-splitting" capacitor (see below) which is usually
included on the op amp chip. In most respects this circuit is
directly equivalent to the general purpose LM101 [1], ".A
741 [2], and the newer dual and quad op amps [3], so the
results of our study relate directly to these devices. Even for

VOUT

Cc -1
+

I.l..

~ I I CLASSAB~
INPUTSTAGE_ - 2NDSTAGE- -OUTPUT

BUFFER

FIGURE 1. Basic two-stage IC op amp used for stUdy. Minimal
modifications used In actuallC are shown In FIgure 2.
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FIGURE 2. (a) Modified current mirror used to reduce dc offset caused by base currents In
Q3 and Q4 In Figure t. (b) Darlington p-n-p output stage needed to minimize gain fall-off when sinking large

output currents. This Is needed to offset the rapid {3drop which occurs In IC p-n-p's.

more exotic designs, such as wide-band amps using feed- Ay(O)= vou!••gml{3s{36{37~L
forward [4], [5], or the new FET input circuits [6], the basic vin 1 + ri2/rOl
analysis approaches still apply, and performance details where
can be accurately predicted. It has also been found that a
good understanding of the limitations of the circuit in Figure
1 provides a reasonable starting point from which higher
performance amplifiers can be developed.
The study begins in Section 2, with an analysis of de and
low frequency gain. It is shown that the gain is typically limit-
ed by thermal feedback rather than electrical characteris-
tics. A highly simplified thermal analysis is made, resulting in
a gain equation containing only the maximum output current
of the op amp and a thermal feedback constant.
The next three sections apply first-order models to the cal-
culation of small-signal high frequency and large-signal
slewing characteristics. Results obtained include an accu-
rate equation for gain-bandwidth product, a general expres-
sion for slew rate, some important relationships between slew
rate and bandwidth, and a solution for voltage follower be-
havior in a slewing mode. Due to the simplicity of the results
in these sections, they are very useful to designers in the
development of new amplifier circuits.
Section 6 applies more accurate models to the calculation
of important second-order effects. An effort is made in this
section to isolate all of the major contributors to bandlimiting
in the modern amp.
In the final section, some techniques for reduction of op
amp die size are considered. Transconductance reduction
and layout techniques are discussed which lead to fabrica-
tion of an extremely compact op amp cell. An example yield-
ing 8000 possible op amps per 3-in. wafer is given.

2.0 GAIN AT DC AND LOW FREQUENCIES

A. The Electronic Gain
The electronic voltage gain will first be calculated at de us-
ing the circuit of Figure 1.This calculation becomes straight-
forward if we employ the simplified transistor model shown
in Figure 3(a). The resulting gain from Figure 3(b) is

ri2 •• {3s(reS+ {36re6)
rOl' •• r04//r02·

It has been assumed that
{37RL< r06//r09, gml = gm2,Ih = {3a·

The numerical subscripts relate parameters to transistor 0
numbers (Le., res is re of Os, {36is {3opf 06, etc.). It has also
been assumed that the current mirror transistors 03 and 04
have a'S of unity, and the usually small loading of Rs has
been ignored. Despite the several assumptions made in ob-
taining this simple form for (1), its accuracy is quite ade-
quate for our needs.
An examination of (1) confirms the way in which the amplifi-
er operates: the input pair and current mirror convert the
input voltage to a current gmlVin which drives the base of
the second stage. Transistors Os, 06, and 07 simply multi-
ply this current by {33and supply it to the load RL. The finite
output resistance of the first stage causes some loss when
compared with second stage input resistance, as indicated
by the term 1/(1 + ri2/rOl')' A numerical example will help
our perspective: for the LM101A, 1, •• 10 p.A. 12•• 300 p.A,
{3s = {36 •• 150, and {37 •• 50. From (1) and de voltage
gain with RL = 2 kfi is

Ay(O) •• 625,000 (2)
The number predicted by (2) agrees well with that measured
on a discrete breadboard of the LM101A, but is much higher
than that observed on the integrated circuit. The reason for
this is explained in the next section.

B. Thermal Feedback Effects on Gain
The typicallC op amp is capable of delivering powers of 50-
100 mW to a load. In the process of delivering this power,
the output stage of the amp internally dissipates similar
power levels, which causes the temperature of the IC chip
to rise in proportion to the output dissipated power. The
silicon chip and the package to which it is bonded are good
thermal conductors, so the whole chip tends to rise to the
same temperature as the output stage. Despite this, small
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'0 '" BOlle MONOLITHIC PNP
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FIGURE 3. (a) Approximate 1T model for CE transistor at de. Feedback element rI" '" /34r0 Is Ignored since this greatly
simplifies hand calculations. The error caused Is usually less than 10 percent because /34,the Intrinsic /3 under the

emitter, Is quite large. Base resistance rx Is also Ignored for simplicity. (b) Circuit illustrating calculation of electronic
gain for op amp of FIgure 1.Consideration Is given only to the fully loaded condition (RL '" 2 kO) where /37Is failing (to

about 50) due to high current density. Under this condition, the output resistance of Q6 and 09 are nondomlnanL

temperature gradients from a few tenths to a few degrees
centigrade develop across the chip with the output section
being hotter than the rest. As illustrated in Figure 4, these
temperature gradients appear across the input components
of the op amp and induce an input voltage which is propor-
tional to the output dissipated power.
To a first order, it can be assumed that the temperature
difference (T2 - T1) across a pair of matched and closely
spaced components is given simply by

(T2 - T1) '" ±KTPd 'C (3)
where
Pd power dissipated in the output circuit,
KT a constant with dimensions of 'C/W.
The plus/minus sign is needed because the direction of the
thermal gradient is unknown. In fact, the sign may reverse
polarity during the output swing as the dominant source of
heat shifts from one transistor to another. If the dominant
input components consist of the differential transistor pair of
Figure 4, the thermally induced input voltage Vin! can be
calculated as

Vin! '" ± KTPd(2x 10-3)
'" ±nPd (4)

where 'YT = KT(2 X 10-3) V/W, since the transistor emit-
ter-base drops change about -2 mVI'C.
For a thermally well designed IC op amp, in which the power
output devices are made to approximate either a point or a
line source and the input components are placed on the
resulting isothermal lines (see below and Figure 8), typical
values measured for KT are

KT :::: 0.3'C/W (5)

in a TO-5 package.
The dissipated power in the class-AS output stage Pd is
written by inspection of Figure 4:

VoVs - V02
Pd=---- (6)

RL

Vs = +Vcc whenVo> 0
Vs = -Vee when Vo < O.

A plot of (6) is Figure 5 resembles the well-known class-AS
dissipation characteristics, with zero dissipation occurring
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FIGURE 4. Simple model illustrating thermal feedback in an Ie op amp having a single dominant source of self-heat, the
output stage. The constant 'YT •• 0.6 mV /W and Pd Is power dissipated In the output. For simplicity, we ignore Input
drift due to uniform heating of the package. This effect can be significant If the Input stage drift Is not low, see [7].

-VEE

OUTPUT STAGE

TL/H/8745-7

FIGURE 5. Simple class-S output stage and plot of power dissipated In the stage, Pd, assuming device
can swing to the power supplies. Equation (6) gives an expression for the plot.

for Vo = 0, +Vcc, -Vee. Dissipation peaks occur for Vo =
+Vcc/2 and -Vee/2. Note also from (4) that the thermally
induced input voltage Vin! has this same double-humped
shape since it is just equal to a constant times Pd at dc.

Now examine Figures 6(a} and (b) which are curves of
open-loop Vo versus Vin for the Ie op amp. Note first that
the overall curve can be visualized to be made up of two
components: a) a normal straight line electrical gain curve
of the sort expected from (1) and b) a double-humped curve
similar to that of Figure 5. Further. note that the gain charac-
teristic has either positive or negative slope depending on
the value of output voltage. This means that the thermal
feedback causes the open-loop gain of the feedback ampli-
fier to change phase by 180·. apparently causing negative
feedback to become positive feedback. If this is really true,
the question arises: which input should be used as the in-
verting one for feedback? Further. is there any way to close

the amplifier and be sure it will not find an unstable operat-
ing point and latch to one of the power supplies?

The answers to these questions can be found by studying a
simple model of the op amp under closed-loop conditions,
including the effects of thermal coupling. As shown in Figure
7, the thermal coupling can be visualized as just an addition-
al feedback path which acts in parallel with the normal elec-
trical feedback. Noting that the electrical form of the thermal
feedback factor is [see (4) and (6)]

aVint 'YT
f3T = -- = ± - (Vs - 2Vo)· (7)

avo RL
The closed-loop gain. including thermal feedback is

A (0) - fl-
V - 1 + fl-(f3e ± f3T)
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FIGURE 6. (a) Idealized dc transfer curve for an Ie op amp showing Its electrical and thermal components.

(b) Experimental open-loop transfer curve for a representstlve op amp (LM101).



where fL is the open-loop gain in the absence of thermal
feedback [(1)) and f3e is the applied electrical feedback as
in Figure 7. Inspection of (8) confirms that as long as there
is sufficient electrical feedback to swamp the thermal feed-
back (Le., f3e > f3T), the amplifier will behave as a normal
closed-loop device with characteristics determined princi-
pally by the electrical feedback (Le.,Av(O) "" 11f3e). On the
other hand, if f3e is small or nonexistant, the thermal term in
(8) may dominate, giving an apparent open-loop gain char-
acteristic determined by the thermal feedback factor f3T.
Letting f3e = 0 and combining (7) and (8), Av(O) becomes

Av(O) = fL (9)
1 ± fL;LT(Vs - 2Vo)

Recalling from (6) that Vo ranges between 0 and Vs, we
note that the incremental thermal feedback is greatest when
Vo = 0 or Vs, and it is at these points that the thermally
limited gain is smallest. To use the amplifier in a predictable
manner, one must always apply enough electrical feedback
to reduce the gain below this minimum thermal gain. Thus, a
maximum usable gain can be defined as that approximately
equal to the value of (9) with Vo = 0 or Vs which is

I RL
Av(O)max"" -- (10)nVs

1
AV(O)lmax'" --. (11)

'YTlmax
It was assumed in (10) and (11) that thermal feedback domi-
nates over the open-loop electrical gain, fL.Finally, in (11) a
maximum current was defined lmax = Vs/RL as the maxi-
mum current which would flow if the amplifier output could
swing all the way to the supplies.
Equation (11) is a strikingly simple and quite general result
which can be used to predict the expected maximum usable
gain for an amplifier if we know only the maximum output
current and the thermal feedback constant 'YT.
Recall that typically KT "" 0.3°C/W and n = (2 x 10-3)
KT "" 0.6 mV/W. Consider, as an example, the standard IC
op amp operating with power supplies of Vs = ± 1SVand a
minimum load of 2 kO, which gives lmax= 1SV/2 kO = 7.S
mA. Then, from (11), the maximum thermally limited gain is
about:

Av(o)lmax '" 11(0.6 x 1O-3)(7.S x 10-3)
"" 220,000.

Comparing (2) and (12), it is apparent that the thermal char-
acteristics dominate over the electrical ones if the minimum

load resistor is used. For loads of 6 kO or more, the electri-
cal characteristics should begin to dominate if thermal feed-
back from sources other than the output stage is negligible.
It should be noted also that, in some high speed, high drain
op amps, thermal feedback from the second stage domi-
nates when there is no load.
As a second example, consider the so-called "power op
amp" or high gain audio amp which suffers from the same
thermal limitations just discussed. For a device which can
deliver 1W into a 160 load, the peak output current and
voltage are 3S0 mA and S.7V.Typically, a supply voltage of
about 16V is needed to allow for the swing loss in the IC
output stage. Imaxis then 8V/160 or O.SA.If the device is in
a TO-S package 'YT is approximately 0.6 mV/W, so from
(11) the maximum usable dc gain is

1
Av(O)lmaxe; -(0-.6-X-1-0---3-)(-0-.S-)~ 3300. (13)

This is quite low compared with electrical gains of, say,
100,000 which are easily obtainable. The situation can be
improved considerably by using a large die to separate the
power devices from the inputs and carefully placing the in-
puts on constant temperature (isothermal) lines as illustrat-
ed in Figure 8. If one also uses a power package with aI---~~---IIx II I
I I
I t t PNPL _ -----~

INPUT TR~~~is~6AS
PAIR

TLlH/8745-11

FIGURE 8. One type layout In which a quad of Input
transistors Is cross connected to reduce effect of

nonuniform thermal gradients. The output transistors
use distributed stripe geometries to generate

predictable Isothermal lines.
heavy copper base, 'YT'Sas low as SO fLV/W have been
observed. For example, a well-designed SWamplifier driving
an 80 load and using a 24V supply, would have a maximum
gain of 13,000 in such a power package.
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FIGURE 9. First-order model of op amp used to calculate small signal high frequency gain. At frequencies of interest
the input impedance of the second stage becomes low compared to first stage output Impedance due to Cc feedback.

Because of this, first stage output impedance can be assumed infinite, with no loss in accuracy.
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FIGURE 10. Plot of open-loop gain calculated from model in Figure 9. The dc and LF gain
are given by (10), or (11) if thermal feedback dominates.

As a final comment, it should be pointed out that the most
commonly observed effect of thermal feedback in high gain
circuits is low frequency distortion due to the nonlinear
transfer characteristic. Differential thermal coupling typically
falls off at an initial rate of 6 dB/octave starting around 100-
200 Hz, so higher frequencies are uneffected.

3.0 SMALL-SIGNAL FREQUENCY RESPONSE

At higher frequencies where thermal effects can be ignored,
the behavior of the op amp is dependent on purely electron-
ic phenomena. Most of the important small and large signal
performance characteristics of the classical IC op amp can
be accurately predicted from very simple first-order models
for the amplifier in Figure 1 (8). The small-signal model that
is used assumes that the input differential amplifier and cur-
rent mirror can be replaced by a frequency independent
voltage controlled current source, see Figure 9. The second
stage consisting essentially of transistors 05 and 06, and
the current source load, is modeled as an ideal frequency
independent amplifier block with a feedback or "integrating
capacitor" identical to the compensation capacitor, ce. The

output stage is assumed to have unity voltage gain and is
ignored in our calculations. From Figure 9, the high frequen-
cy gain is calculated by inspection:

Av(w) = IVo (S)I = I
gm1

1 = gm1 (14)
Vi sCe wCe

where de and low frequency behavior have not been includ-
ed since this was evaluated in the last section. Figure 10 is
a plot of the gain magnitude as predicted by (14). From this
figure it is a simple matter to calculate the open-loop unity
gain frequency wu, which is also the gain-bandwidth product
for the op amp under closed-loop conditions:

gm1
Wu =~. (15)

In a practical amplifier, Wu is set to a low enough frequency
(by choosing a large Cel so that negligible excess phase
over the 90· due to Ce has built up. There are numerous
contributors to excess phase including low ft p-n-p's, stray
capacitances, non dominant second stage poles, etc.



These are discussed in more detail in a later section, but for
now suffice it to say that, in the simple IC op amp, wu/211 is
limited to about 1 MHz. As a simple test of (15), the LM101
or the ,...A741 has a first stage bias current 11of 10 ,...Aper
side, and a compensation capacitor for unity gain operation,
Ce, of 30 pF. These amplifiers each have a first stage gm
which is half that of the simple differential amplifer in Figure
1 so gm1 = qI1/2kT. Equation (15) then predicts a unity
gain corner of

f = Wu = gm1 = (0.192 x 10-3) = 1.02 MHz (16)
u 211 211Ce 211(30X 10-12)

which agrees closely with the measured values.

TUH/8745-14
FIGURE 11. Large signal "slewing" response

observed If the Input Is overdrlven.
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A. A General limit on Slew Rate
If an op amp is overdriven by a large-signal pulse or square
wave having a fast enough rise time, the output does not
follow the input immediately. Instead, it ramps or "slews" at
some limiting rate determined by internal currents and ca-
pacitances, as illustrated in Figure 11. The magnitude of
input voltage required to make the amplifier reach its maxi-
mum slew rate varies, depending on the type of input stage
used. For an op amp with a simple input differential amp, an
input of about 60 mV will cause the output to slew at 90
percent of its maximum rate, while a ,...A741, which has half
the input gm, requires 120 mY. High speed amplifiers such
as the LM118 or a FET-input circuit require much greater
overdrive, with 1-3V being common. The reasons for these
overdrive requirements will become clear below.
An adequate model to calculate slew limits for the repre-
sentative op amp in the inverting mode is shown in Figure
12, where the only important assumption made is that
12;;, 211in Figure 1. This condition always holds in a well-
designed op amp. (If one lets 12be less than 211,the slew is
limited by 12rather than 11,which results in lower speed than
is otherwise possible.) Figure 12requires some modification
for noninverting operation, and we will study this later.
The limiting slew rate is now calculated from Fig. 12. Letting
the input voltage be large enough to fully switch the input
differential amp, we see that all of the first stage tail current
211is simply diverted into the integrator consisting of A and
Ce.The resulting slew rate is then:

slew rate = dvol = ielt)
dt max Ce

Noting that ielt) is a constant 211,this becomes

dvol ~.
dt max Ce

As a check of this result, recall that the ,...A741has 11 =

10 ,...Aand C1 = 30 pF, so we calculate:
dvol 2 X 10-5 V
dl max= 30 X 10-12 = 0.67,...S

which agrees with measured values.

:.'" ~

SLEW RATE = dVo I = 'chI _ 211
dl Imax. Cc - CC

TLIH/8745-15
FIGURE 12. Model used to calculate slew rate for the amp of Figure 11nthe Inverting mode. For simplicity, all transistor

a'S are assumed equal to unity, although results are essentially Independent of a. An Identical slew rate can be
calculated for a negatlvellolng output, obtained If the applied Input polarity Is reversed.



ovol = ;,(Wu11 . (20)
dt max gm1

Equation (20) is a general and very useful relationship. It
shows that, for a given unity-gain frequency, wu, the slew
rate is determined entirely by just the ratio of first stage
operating current to first stage transconductance, 11/9m1.
Recall that Wu is set at the point where excess phase be-
gins to build up, and this point is determined largely by tech-
nology rather than circuit limitations. Thus, the only effective
means available to the circuit designer for increasing op
amp slew rate is to decrease the ratio of first stage trans-
conductance to operating current, gm111.

B. Slew Limiting for Simple Bipolar Input Stage

The significance of (20) is best seen by considering the spe-
cific case of a simple differential bipolar input as in Figure 1.
For this circuit, the first stage transconductance (for a 1 =
1) is1

gm1 = q/kT. (22)
11

Using this in (20), the maximum bipolar slew rate is

dvol = 2wukT. (23)
dt max q

This provides us with the general (and somewhat dismal)
conclusion that slew rate in an op amp with a simple bipolar
input stage is dependent only upon the unity gain corner
and fundamental constants. Slew rate can be increased
only by incerasing the unity gain corner, which we have not-
ed is generally difficult to do. As a demonstration of the
severity of this limit, imagine an op amp using highly ad-
vanced technology and clever design, which might have a
stable unity gain frequency of 100 MHz. Equation (23) pre-
dicts that the slew rate for this advanced device is only

the difficulty of building a 100 MHz op amp.2 But, there are
some ways to get around this limit as we shall see shortly.

C. Power Bandwidth

Our intuition regarding slew rate will be enhanced some-
what if we relate it to a term called "power bandwidth".
Power bandwidth is defined as the maximum frequency at
which full output swing (usually 10V peak) can be obtained
without distortion. For a sinusoidal output voltage vo(t) =
Vpsinwt, the rate of change of output, or slew rate, required
to reproduce the output is

dvodt = wVp cos wI. (25)

This has a maximum when cos wt = 1 giving

dvol = V
dt max w p, (26)

so the highest frequency that can be reproduced without
slew limiting, wmax (power bandWidth) is

wmax = ...!... dvol (27)
Vp dt max'

Thus, power bandwidth and slew rate are directly related by
the inverse of the peak of the sine wave Vp. Figure 13
shows the severe distortion of the output sine wave which
results if one attempts to amplify a sine wave which results
if one attempts to amplify a sine wave of frequency
w> Wmax'
'Note that (21) applies only to the simple differential input stage of Figure
12. For compound input stages as in the LM101 or JoLA741 , 9m1 is half that in
(21), and the slew rate in (23) is doubled.

2 We assume in all of these calculations that Cc is made large enough so
that the amplrtier has less than 180" phase lag at (l)u. thus making the amplt-
fier stable for unity closed-loop gain. For higher gains one can of course
reduce Cc (if the Ie allows external compensation) and increase the slew
rate according to (18).

TL/H/8745-'6
FIGURE 13. Slew limiting effects on output slnewave that occur If frequency Is greater than power bandwidth, Wmax'
The onset of slew limiting occurs very suddenly as W reaches Wmax' No distortion occurs below wmax, while almost

complete trlangularlzatlon occurs at frequencies Just slightly above wmax'



Some numbers illustrate typical op amp limits. For a ,..A741
or LM10l having a maximum slew rate of 0.67V/,..s, (27)
gives a maximum frequency for an undistorted 10V peak
output of

fmax = CIlmax= 10.7 kHz, (28)
27T

which is a quite modest frequency considering the much
higher frequency small signal capabilities of these devices.
Even the highly advanced 100 MHz amplifier considered
above has a 10V power bandwidth of only 0.5 MHz, so it is
apparent that a need exists for finding ways to improve slew
rate.

TL/H/8745-17

FIGURE 14. Resistive degeneration used to provide
slew rate enhancement according to (29).

D. Techniques for Increasing Slew Rate

1) Resistive Enhancement of the Bipolar Stage: Equation
(20) indicates that slew rate can be improved if we reduce
first stage gm1111' One of the most effective ways of doing
this is shown in Figure 14, where simple resistive emiller
degeneration has been added to the input differential ampli-
fier (8). With this change, the gm1/11 drops to

gm1 = 38.5
11 1 + TE11/26mV

at 25'C

The quantity gm1/11 is seen to decrease rapidly with added
RE as soon as the voltage drop across RE exceeds 26 mY.
The LM 118 is a good example of a bipolar amplifier which
uses emiller degeneration to enhance slew rate [4]. This
device uses em iller resistors to produce REI1 = 500 mY,
and has a unity gain corner of 16 MHz. Equations (20) and
(29) then predict a maximum inverting slew rate of

dvol 11 V-dt = 2C1lu- = CIlu= 100-
max gm1 ,..s

which is a twenty-fold improvement over a similar amplifier
without emitter resistors.

A penalty is paid in using resistive slew enhancement, how-
ever. The two added emitter resistors must match extremely
well or they add voltage offset and drift to the input. In the
LM 118, for example, the added emitter R's have values of

2.0 kO each and these contribute an input offset of 1 mV for
each 40 (0.2 percent) of mismatch. The thermal noise of
the resistors also unavoidably degrades noise performance.

2) Slew Rate in the FEr Input Op Amp: The FET (JFET or
MOSFET) has a considerably lower transconductance than
a bipolar device operating at the same current. While this is
normally considered a drawback of the FET, we note that
this "poor" behavior is in fact highly desirable in applica-
tions to fast amplifiers. To illustrate, the drain current for a
JFET in the "current saturation" region can be approximat-
ed by

lOSS the drain current for VGS = 0,

VGS the gate source voltage having positive polarity for
forward gate-diode bias,

Vr the threshold voltage having negative polarity for
JFET's.

The small-signal transconductance is obtained from (31) as
gm = alo/aVG· Dividing by 10 and simplifying, the ratio
gm/IO for a JFET is

gM 2 2 [loSS]1/2
~ "" (VGS - Vr) - -Vr 1;;-' (32)

Maximum amplifier slew rate occurs for minimum gm/IO
and, from (32), this occurs when 10 or VGS is maximum.
Normally it is impractical to forward bias the gate junction so
a practical minimum occurs for (32) when VGS "" OV and 10
"" loss. Then

~~Imin"" -2 :r' (33)

Comparing (33) with the analogous bipolar expression, (22),
we find from (20) that the JFET slew rate is greater than
bipolar by the factor

JFETslew _ -Vr2C1luf

bipolar slew - 2kT / qCllub

where CIlufand CIlubare unity-gain bandwidths for JFET and
bipolar amps, respectively. Typical JFET thresholds are
around 2V (Vr = -2V), so for equal bandwidths (34) tells
us that a JFET-input op amp is about forty times faster than
a simple bipolar input. Further, if JFET's are properly substi-
tuted for the slow p-n-p's in a monolithic design, bandwidth
improvements by at least a factor of ten are obtainable.
JFET-input op amps, therefore, offer slew rate improve-
ments by beller than two orders of magnitude when com-
pared with the conventional IC op amp. (Similar improve-
ments are possible with MOSFET-input amplifiers.) This
characteristic, coupled with picoamp input currents and rea-
sonable offset and drift. make the JFET-input op amp a very
desirable alternative to conventional bipolar designs.

As an example, Figure 15, illustrates one design for an op
amp employing compatible p-channel JFET's on the same
chip with the normal bipolar components. This circuit exhib-
its a unity gain corner of 10 MHz, a 33 V/,..s slew rate, an
input current of 10 pA and an offset voltage and drift of 3
mV amd 3 ,..VI'C [6]. Bandwidth and slew rate are thus
improved over simple IC bipolar by factors of 10 and 100,
respectively. At the same time input currents are smaller by
about 103, and offset voltages and drifts are comparable to
or beller than slew enhanced bipolar circuits.
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FIGURE 15. Monolithic operational amplifier employing compatible p-channel JFET's on
the same chip with normal bipolar components.
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FIGURE 16. Large signal response of the voltage follower. For an op amp with simple n-pon Input stage we get the
waveform VON(t),which exhibits a step slew "enhancement" on the positive going output, and a slew "degradation" on

the negative going output. For a p-n-p Input stage, these effects are reversed as shown by vop(t).



5.0 SECOND·ORDER EFFECTS: VOLTAGE FOLLOWER
SLEW BEHAVIOR

If the op amp is operated in the noninverting mode and
driven by a large fast rising input, the ouput exhibits the
characteristic waveform in Figure 16. As shown, this wave-
form does not have the simple symmetrical slew character-
istic of the inverter. In one direction, the output has a fast
step (slew "enhancement") followed by a "normal" inverter
slewing response. In the other direction, it suffers a slew
"degradation" or reduced slope when compared with the
inverter slewing response.

We will first study slew degradation in the voltage follower
connection, since this represents a worst case slewing con-
dition for the op amp. A model which adequately represents
the follower under large-signal conditions can be obtained
from that in Figure 12 by simply tying the output to the in-
verting input, and including a capacitor Cs to account for the
presence of any capacitance at the output of the first stage
(tail) current source, see Figure 17. This "input tail" capaci-
tance is important in the voltage follower because the input
stage undergoes rapid large-signal excursions in this con-
nection, and the charging currents in Cs can be quite large.

Circuit behavior can be understood by analyzing Figure 17
as follows. The large-signal input step causes 01 to turn
OFF, leaving 02 to operate as an emitter follower with its
emitter tracking the variational output voltage, volt). It is
seen that volt) is essentially the voltage appearing across
both Cs and Ce so we can write

dvo ie is (35)dt ••C
e

•• C
s

Noting that ie •• 211 - is (unity a'S assumed), (35) can be
solved for is:

which is seen to be constant with time. The degraded volt-
age follower slew rate is then obtained by substituting (36)
into (35):

dVO! _ is 2_11_
dt degr ~ Cs ~ Ce + Cs

Comparing (37) with the slew rate for the inverter, (18), it
is seen that the slew rate is reduced by the simple factor
1/(1 + Cs/Ccl. As long as the input tail capacitance Cs is
small compared with the compensation amplifiers where Ce
is small, degradation become quite noticeable, and one is
encouraged to develop circuits with small Cs'

As an example, consider the relatively fast LM 118 which
has Ce •• 5 pF, Ca •• 2 pF, 211 = 500 I'A The calcualted
inverter slew rate is 211ICe'" 1OOVI /-'S, and the degraded
voltage follower slew rate is found to be 211/(Ce + Ca) ••
70V I /-'S. The slew degradation is seen to be about 30 per-
cent, which is very significant. By contrast a /-'A741 has Ce
•• 30 pF and Ca '" 4 pF which results in a degradation of
less than 12 percent.

The slew "enhanced waveform can be similarly predicted
from a simplified model. By reversing the polarity of the in-
put and initally assuming a finite slope on the input step, the
enhanced follower is analyzed, as shown in Figure 18. Not-
ing that 01 is assumed to be turned ON by the step input
and 02 is OFF, the output voltage becomes

1 ItVolt) '" -- [211 + is(t)] dt.Ce 0
The voltage at the emitter of 01 is essentially the same as
the input voltage, Vi(t), so the current in the "tail" capaci-
tance Ca is

dv' CaY'
is(t) •• Ca -it •• ~

Combining (38) and (39), vo(t) is

1 It 1 It1 CaVip-volt) '" - 2/1 dt + - dt
Ce 0 Ce 0 t1

TL/H/8745-20
FIGURE 17. Circuit used for calculation of slew "degradation" in the voltage follower. The degradation is caused by the

capacitor Ca. which robs current from the tail, 21" thereby preventing the full 21, from slewing Ce•
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FIGURE 18. Circuit used for calculation of slew "enhancement" In the voltage follower. The fast failing
Input casues a step output followed by a normal slew response as shown.

It can be seen that if one attempts to operate the first stage
at too Iowa current, these poles will bandlimit the amplifier.
If, for example, we choose 11= 1 /LA, and assume Cm ""
7 pF (consisting of 4 pF isolation capacitance and 3 pF
emitter transition capacitance) and Ca '" 4 pF,3 Pm/21T••
0.9 MHz and pt/21T •• 3 MHz either of which would serious-
ly degrade the phase margin of a 1 MHz amplifier.
If a design is chosen in which either the tail pole or the
mirror pole is absent (or unimportant), the remaining pole
rolls off only half the signal, so the overall response con-
tains a pole-zero pair separated by one octave. Such a pair
generally has a small effect on amplifier response unless it
occurs near wu, where it can degrade phase margin by as
much as 20'.
It is interesting to note that the compound input stage of the
classical LM101 and /LA741) has a distinct advantage over
the simple differential stage, as seen in Figure 19{b}. This
circuit is noninverting across each half, thus it provides a
path in which half the feedback signal bypasses both the
mirror and tail poles.

Ca 211t
-volt) '" Ce Vip + ~. (41)

Equation (41) tells us that the output has an initial negative
step which is the fraction Ca/Ce of the input voltage. This is
followed by a normal slewing response, in which the slew
rate is identical to that of the inverter, see (18). This re-
sponse is illustrated in Figure 18.

In earilier sections, all bandlimiting effects were ignored ex-
cept that of the compensation capacitor, Ce.The unity-gain
frequency was set at a point sufficiently low so that negligi-
ble excess phase (over the 90' from the dominant pole) due
to second-order (high frequency) poles had built up. In this
section the major second-order poles which contribute to
bandlimiting in the op amp are identified.

A. The Input Stage: p-n-p's, the Mirror Pole, and the Tall
Pole
For many years it was popular to identify the lateral p-n-p's
(which have ft's "" 3 MHz) as the single dominant source of
bandlimiting in the IC op amp. It is quite true that the p-n-p's
do contribute significant excess phase to the amplifier, but it
is not true that they are the sole contributor to excess phase
[9]. In the input stage, alone, there is at least one other
important pole, as illustrated in Figure 19{a}. For the simple
differential input stage driving a differential-to-single ended
converter ("mirror" circuit), it is seen that the inverting signal
(which is the feedback signal) follows two paths, one of
which passes through the capacitance Ca, and the other
through Cm.These capacitances combine with the dynamic
resistances at their nodes to form poles designated the mir-
ror pole at

~ViP

l.:="Ti
'0'" ;A

,
dVoltl.~ ,

dl Cc

B. The Second Stage: Pole Splitting
The assumption was made in Section 3 that the second
stage behaved as an ideal integrator having a single domi-
nant pole response. In practice, one must take care in de-
signing the second stage or second-order poles can cause
significant deviation from the expected response. Consider-
able insight into the basic way in which the second stage
operates can be obtained by performing a small-signal anal-
ysis on a simplified version of the circuit as shown in Figure
20 [1OJ.A straightforward two-node analysis of Figure 20{c}
produces the following expression for Vout.

Vout-.- = -gmR1R2(1 - sCp/gm) -T

's
(1 + S[R1 (C1 + Cp) + R2 (C2 + Cp) + gmR1R2CpJ

+ s2R1R2[C1C2 + Cp (C1 + C2)]). (44)
3 Ce can have a wide range of values depending on circuit configuration. It is
largest for n-p-n input differential amps since the current source has a col·
lector-substrate capacitance (Ce QI 3-4 pF at its output. For p-n-p input
stages it can be as small as 1-2 pF.
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FIGURE 19. (a) Circuit showing "mirror" pole due to Cm and "taU" pole due to Ca. One component

of the signal due to an inverting input must pass through either the mirror or taU poles. (b) Alternate circuit to Figure
19(a) (LM101, fLA741) which has less excess phase. Reason is that half the Inverting signal path need

not pass through the mirror pole or the taU pole.

The denominator of (44) can be approximately factored un-
der conditions that its two poles are widely separated. For-
tunately, the poles are, in fact, widely separated under most
normal operating conditions. Therefore, one can assume
that the denominator of (44) has the form

D(s) = (1 + s/p1)(1 + s/p2)

= 1 + s(1/P1 + l/P2) + s2/P1P2. (45)

With the assumption that P1 is the dominant pole and P2 is
nondominant, Le., P1 « P2, (45) becomes

D(s) '" 1 + s/P1 + s2/P1 P2. (46)
Equating coefficients of s in (44) and (46), the dominant
pole P1 is found directly:

1
P1 '" ------------- (47)

R1(C1 + Cp) + R2(C2 + Cp) + gmR1 R2Cp

1
"'--- (48)

gmR1R2Cp'
The latter approximation (48), normally introduces little er-
ror, because the gm term is much larger than the other two.
We note at this point that P1, which represents the dominant
pole of the amplifier, is due simply to the familiar Miller-mul-
tiplied feedback capacitance gmR2Cp combined with input
node resistance, R1. The nondominant pole P2 is found sim-
ilarly by equating s2 coefficients in (44) and (46) to get P1P2,
and dividing by P1 from (48). The result is

P2 '" gmCp (49)
C1C2 + Cp (C1 + C2)

Several interesting things can be seen in examining (48)
and (49). First, we note that P1 is il)versely proportional to
gm (and Cp), while P2 is directly dependent on gm (and Cpl.
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FIGURE 20. Simplification of second stage used for pole-splitting analysis. (a) Complete second stage with Input
stage and output stage loading represented by Re.Ce.and RL. CL respectively. (b) Emitter follower Ignored to

simplify analysis. (c) Hybrid 1T model substituted for transistor In (b). Source and load Impedances are absorbed
Into model with the total Impedances represented by R1.C1, and R2and C2' Transistor base resistance Is Ignored

and Cp Includes both Cc and transistor collector-base capacitance.
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TL/H/8745-25

FIGURE 21. Pole migration for second stage employing "pole-splitting" compensation. Plot Is shown for
Increasing Cp and It Is noted that the nondomlnant pole reaches a maximum value for large Cpo
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FIGURE 22. Example of pole-splitting compensation In the ",A741 op amp. Values used In (48) and
(49) are: gmz = 1/870, Cp = 30 pF, Cl "" Cz = 10 pF, Rl = 1.7 MO, R2 = 100 kO.

Thus, as either Cp or transistor gain are increased, the dom-
inant pole decreases and the nondominant pole increases.
The poles Pl and P2are being "split-apart" by the increased
coupling action in a kind of inverse root locus plot.
This pole-splitting action is shown in Figure 21, where pole
migration is plotted for Cp increasing from 0 to a large value.
Figure 22 further illustrates the action by giving specific pole
positions for the ",A741 op amp. It is seen that the initial
poles (for Cp = 0) are both in the tens of kHz region and
these are predicted to reach 2.5 Hz (P1/21T) and 66 MHz
(P2/21T) after compensation is applied. This result is, of
course, highly satisfactory since the second stage now has
a single dominant pole effective over a wide frequency
band.

C. Failure of Pole Splitting
There are several situations in which the application of pole-
splitting compensation may not result in a single dominant
pole response. One common case occurs in very wide-band
op amps where the pole-splitting capacitor is small. In this
situation the nondominant pole given by (49) may not be-
come broadbanded sufficiently so that it can be ignored. To

illustrate, suppose we attempt to minimize power dissipation
by running the second stage of an LM118 (which has a
small-signal bandwidth of 16 MHz) at 0.1 mA. For this op
amp Cp = 5 pF, Cl "" C2 "" 10 pF. From (49), the nondom-
inant pole is

P2 "" 16 MHz (50)
21T

which lies right at the unity-gain frequency. This pole alone
would degrade phase margin by 45', so it is clear that we
need to bias the second stage with a collector current great-
er than 0.1 mA to obtain adequate gm. Insufficient pole-split-
ting can therefore occur; but the cure is usually a simple
increase in second stage gm.
A second type of pole-splitting failure can occur, and it is
ofen much more difficult to cope with. If, for example, one
gets over-zealous in his attempt to broadband the nondomi-
nant pole, he soon discovers that other poles exist within
the second stage which can cause difficulties. Consider a
more exact equivalent circuit for the second stage of Figure
20(8) as shown in Figure 23. If the follower is biased at low
currents or if cp, 02 gm, andlor rx are high, the circuit can
contain at least four important poles rather than the two

FIGURE 23. More exact equivalent circuit for second stage of FIgure 20(8) Including a simplified
1Tmodel for the emitter follower (R1Tl' C1Tl,gmd and a complete 1Tfor Q2 (rx2, R1T2'etc.).
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FIGURE 24. Root locus for second stage illustrating failure of pole splitting due to
high gm2. rx2. Cpr and/or low bias current In the emitter follower.

considered in simple pole splitting. Under these conditions,
we no longer have a response with just negative real poles
as in Figure 21, but observe a root locus of the sort shown
in Figure 24. It is seen in this case that the circuit contains a
pair of complex, possibly underdamped poles which, of
course, can cause peaking or even oscillation. This effect
occurs so commonly in the development of wide-band pole-
split amplifiers that it has been (not fondly) dubbed "the
second stage bump."

There are numerous ways to eliminate the "bump," but no
single cure has been found which is effective in all situa-
tions. A direct hand analysis of Figure 23 is possible, but the
results are difficult to interpret. Computer analysis seems
the best approach for this level of complexity, and numer-
ous specific analyses have been made. The following is a
list of circuit modifications that have been found effective in
reducing the bump in various studies: 1) reduce gm2, rx2,
C/12, 2) add capacitance or a series RC network from the
stage input to ground-this reduces the high frequency local

feedback due to Cp, 3) pad capacitance at the output for
similar reasons, 4) increase operating current of the follow-
er, 5) reduce Cp, 6) use a higher ft process.

D. Troubles In the Output Stage

Of all the circuitry in the modern IC op amp, the class-AS
output stage probably remains the most troublesome. None
of the stages in use today behave as well as one might
desire when stressed under worst case conditions. To illus-
trate, one of the most commonly used output stages is
shown in Figure 2(b). The p-n-p's in this circuit are "sub-
strate" p-n-p's having low current ft's of around 20 MHz.
Unfortunately, both 130 and ft begin to fall off rapidly at quite
low current densities, so as one begins to sink just a few
milliamps in the circuit, phase margin troubles can develop.
The worst effect occurs when the amplifier is operated with
a large capacitive load (>100 pF) while sinking high cur-
rents. As shown in Figure 25, the load capacitance on the

TL/H/8745-29

FIGURE 25. Troubles In the conventional class-AB output stage of Figure 2(b). The low ft output p-n-p's
Interact with load capacitance to form the equivalent of a one-port oscillator.
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FIGURE 26. The "BI-FETTM" output stage employing JFET's and bipolar n-p-n's to eliminate sensItivity to load
capacitance.

output follower causes it to have negative input conduct-
ance, while the driver follower can have an inductive output
impedance. These elements combine with the capacitance
at the interstage to generate the equivalent of a one-port
oscillator. In a carefully designed circuit, oscillation is sup-
pressed, but peaking (the "output bump") can occur in most
amplifiers under appropriate conditions.
One new type of output circuit which does not use p-n-p's is
shown in Figure 26 [6). This circuit employs compatible
JFET's (or MOSFET's, see similar circuit in [11]) in a FETI
bipolar quasi-complementary output stage, which is insensi-
tive to load capacitance. Unfortunately, this circuit is rather
complex and employs ex1ra process steps, so it does not
appear to represent the cure for the very low cost op amps.

7. The Gain Cell: Linear Large-Scale Integration
As the true limitations of the basic op amp are more fully
understood, this knowledge can be applied to the develop-
ment of more "optimum" amplifiers. There are, of course,
many ways in which one might choose to optimize the de-
vice. We might, for example, attempt to maximize speed
(bandwidth, slew rate, settling time) without sacrificing de
characteristics. The compatible JFETIbipolar amp of Figure
15 represents such an effort. An alternate choice might be
to design an amplifier having all of the performance features
of the most widely used general purpose op amps (i.e.,
I'-A741, LM107, etc.), but having minimum possible die area.
Such a pursuit is parallel to the efforts of digital large-scale
integration (LSJ)designers in their devlelopment of minimum
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FIGURE 27. Basic grn reduction obtained by using split collector p-n-p's. Cc and area are reduced since Cc = grnl! CIlu'



area memory cells or gates. The object of such efforts, of
course, is to develop lower cost devices which allow wide
and highly economic usage.
In this section we briefly discuss certain aspects of the lin-
ear gain cell, a general purpose, internally compensated op
amp having a die area which is significantly smaller than
that of equivalent, present day, industry standard amplifiers.

A. Transconductance Reduction
The single largest area component in the internally compen-
sated op amp is the compensation capacitor (about 30 pF,
typically). A major interest in reducing amplifier die area,
therefore, centers about finding ways in which this capacitor
can be reduced in size. With this in mind, we find it useful to
examine (15), which relates compensation capacitor size to
two other parameters, unity gain corner frequency Cllu, and
first stage transconductance gml. It is immediately apparent

that for a fixed, predetermined unity gain corner (about 21T
x 1 MHz in our case), there is only one change that can be
made to reduce the size of Cc: the transconductance of the
first stage must be reduced. If we restrict our interest to
simple bipolar input stages (for low cost), we recall the gml
= qll/kT. Only by reducing 11 can gml be reduced, and we
earlier found in Section 6-A and Figure 19(a)and (b) that 11
cannot be reduced much without causing phase margin diffi-
culties due to the mirror pole and the tail pole.
An alternate basic approach to gm reduction is illustrated in
Figure 27 [12]. there, a multiple collector p-n-p structure,
which is easily fabricated in IC form, is used to split the
collector current into two components, one component (the
larger) of which is simply tied to ground, thereby "throwing
away" a major portion of the transistor output current. The
result is that the gm of the transistor is reduced by the ratio
of 1/(1 + n) (see Figure 21), and the compensation capaci-

00 00
FIGURE 28. Variations on gm reduction. (a) Cross-coupled connection eliminates all ac current

passing through the mirror, yet maintains dc balance. (b) This approach maintains high current on the
diode side of the mirror, thereby broadbandlng the mirror pole.



tance can be reduced directly by the same factor. It might
appear that the mirror pole would still cause difficulties since
the current mirror becomes current starved in Figure 27, but
the effect is not as severe as might be expected. The rea-
son is that the inverting signal can now pass through the
high current wide-band path, across the differential amp
emitters and into the second stage, so at least half the sig-
nal current does not become bandlimited. This partial band-
limiting can be further reduced by using one of the circuits in
Figure 28(a) or (b).4 In (a), the p-n-p collectors are cross
coupled in such a way that the ac signal is cancelled in the
mirror circuit, while de remains completely balanced. Thus
the mirror pole is virtually eliminated. The circuit does have
a drawback, however, in that the uncorrelated noise cur-
rents coming from the two p-n-p's add rather than subtract
at the input to the mirror, thereby degrading noise perform-
ance. The circuit in Figure 28(b) does not have this defect,
but requires care in matching p-h-p collector ratios to n-p-n
emitter areas. Otherwise offset and drift will degrade as one
attempts to reduce gm by large factors.

B. A Gain Cell Example

As one tries to make large reductions in die area for the gain
cell, many factors must be considered in addition to novel
circuit approaches. Of great importance are special layout!
circuit techniques which combine a maximum number of
components into minimum area.

In a good layout, for example, all resistors are combined into
islands with transistors. If this is not possible initially, circuit
and device changes are made to allow it. The resulting de-
vice geometries within the islands are further modified in
shape to allow maximum "packing" of the islands. That is,
when the layout is complete, the islands should have
shapes which fit together as in a picture puzzle, with no
waste of space. Further area reductions can be had by mod-
ifying the isolation process to one having minimum spacing
between the isolation diffusion and adjacent p-regions.

As example of a gain cell which employs both circuit and
layout optimization is shown in Figure 29: This circuit uses
the gm reduction technique of Figure 28(a) which results in a
compensation capacitor size of only 5 pF rather than the
normal 30 pF. The device achieves a full 1 MHz bandwidth,
a 0.67V / p.s slew rate, a gain greater than 100,000, typical
offset voltages less than 1 mV, and other characteristics
normally associated with an LM107 or p.A741. In quad form
each amplifier requires an area of only 23 x 35 mils which is
one-fourth the size of today's industry standard p.A741 (typi-
cally 56 x 56 mils). This allows over 8000 possible gain cells
to be fabricated on a single 3-inch wafer. Further, it appears
quite feasible to fabricate larger arrays of gain cells, with six
or eight on a single chip. Only packaging and applications
questions need be resolved before pursuing such a step.
4The circuit in Figure 28(8) is due to R. W. Russell and the variation in Figure
28(b) was developed by D. W. Zobel.

FIGURE. 29. Circuit for optimized gain cell which has been fabricated
In one-fourth the die size of the equivalent p.A741.
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A Color TV Primer
for the E. E.

Let's look at a color TV in terms of signal flow, from antenna
to picture tube.

Although the frequencies used will be for the American
NTSC system (National Television System Committee), the
basic theory also applies to the European PAL system
(Phase Alternating Line). Only in the chroma section do the
two systems differ significantly.

RF AND IF SECTIONS
The first part is easy-all signal components received from
the antenna pass through a tuner and IF amplifier to the
video detector as shown in Figure 1.

FIGURE 1
The RF signal received ranges in frequency from 55 MHz
for channel 2 up to 885 MHz (tuned with the aid of a UHF
converter) for channel 83! The tuner has the job of amplify-
ing the desired channel frequency and converting it to an
intermediate frequency (IF) of 45.75 MHz. It is then further
amplified in the IF amplifier.
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The 45.75 MHz signal being amplified is called the video
carrier. It is amplitude-modulated (AM) with the picture infor-
mation, so the video detector must strip this information
from the carrier by using some form of envelope detection.
So far we could be describing a basic AM radio, except for
the signal being received-instead of having audio at the
detector output, we have video.

The output level from the video detector is usually around
3 Vp-p. This level must be produced by as little as 10 J.'Vrms
on the antenna, which works out to 110 dB conversion gain
for the three blocks shown in Figure 1. However, the catch
is the same TV may have to receive antenna signals of up to
0.5 Vrms, and still produce the same 3 Vp-p at the video
detector. For this reason, a TV has a very effective automat-
ic gain control (AGC) system which detects increases in the
peak amplitude of the composite video signal and automati-
cally reduces the gain of the tuner and IF amplifier to com-
pensate.

SIGNAL INFORMATION
The picture you see on a color TV is actually formed by
three electron beams, one each for red, blue and green
being scanned horizontally and vertically over the screen.
As these beams are scanned, their currents are changed to
create the light and dark areas on the picture tube face
which form the image you view. Figure 2 shows the video
detector output during the time that it takes the electron
beams to make one horizontal scan across the screen. The
output is actually a combination of four signal components
which are required to form a color picture with sound. Let's
look at them in turn:

r-63~-1
.lJ !.rSYNCHRONIZIHG

COMPONENTS

I + I
4.5"HI

'- f\ f\ 1\ " " f\ (\ f\ " f\ SOUNDJ V U U V V V V V V \. INFORMATION

WHITE

I,I ~I I BLACK·AND·WHlTE~ ! ~INFOAMATION

BlACK

+
3.51 MHI



a) Synchronizing Components
The synchronizing information is a series of pulses which
tell the horizontal section when to return to the left of the
screen to start a new line, and the vertical section when to
return to the top of the screen to start a new frame. In the
NTSC system each frame contains 525 lines. This is done
by scanning the horizontal at approximately 15,750 lines per
second, and the vertical at 30 frames per second (the verti-
cal scan rate is actually 60 Hz, but it takes two trips down
the screen to complete one frame). The process of return-
ing to start a new scan is called retrace or flyback.
b) Sound Information
The sound information is carried in the form of frequency-
modulation (FM) of a 4.5 MHz carrier which in turn modu-
lates the video carrier. (That makes the 4.5 MHz a "sub-car-
rier"). This sub-carrier is very similar to the IF signal in an
FM radio. Although the sound sub-carrier is available at the
video detector, a separate detector is often used to reduce
crosstalk between signal components.
c) Black-and·Whlte Information (called luminance)
This information determines the instantaneous brightness of
the electron beams as they are scanned over the screen. In
fact, it is all that is used for the single electron beam in a
black-and-white TV set. A negative going video detector de-
tects a luminance signal in which the negative signal ex-
tremes correspond to dark areas of the picture and positive
signal extremes correspond to bright areas of the picture.
Thus the waveform shown in Figure 2(c) would produce ver-
tical bars of increasing brightness from left to right. Note
that the output is at black during retrace so the electron
beams will not be seen. The luminance signal is designated
by the letter Y.
d) Color Information (called chrominance)
The color information (which is ignored in a black-and-white
TV) is made up of the red, blue and green signals required
to drive the picture tube, minus the luminance signal. These
"color difference" signals, designated R-Y, B-Y and G-Y,
modulate a second subcarrier which has a frequency of
3.58 MHz.

Although the type of modulation used on the sub-carrier is
of a complex nature it boils down to a simple result:

1. The instantaneous phase of the 3.58 MHz signal deter-
mines what color will be displayed (called hue or tint).

2. The instantaneous amplitude of the 3.58 MHz signal
determines how much color will be displayed (called
saturation).

An obvious question is, the phase and amplitude of the 3.58
MHz signal relative to what? The answer is a short burst of
3.58 MHz (simply called the burst) which has constant
phase and amplitude. The burst will be used to determine
the tint and saturation of the color to be displayed. For the
waveform shown in Figure 2(d) each bar would have a dif-
ferent saturation.
The four signal components are separated and sent to their
respective sections in the TV according to the type of signal.
Since the sync pulses are the negative peaks of the com-
posite video signal, a peak-detector circuit called a sync-
separator is used to separate them. The sound and chroma
information is contained in sub-carriers which are separated
with 4.5 MHz and 3.58 MHz tuned-circuits respectively. The
luminance information combines frequency components
from 0-4 MHz and therefore uses wideband DC-coupling.

SIGNAL PROCESSING
The remaining sections of the Receiver will now be covered.
Scanning and High Voltage
The sync section is shown in Figure 3.

The sync pulses separated in the sync-separator are divided
into vertical and horizontal components according to their
pulse widths, the vertical sync pulse being a string of wide
horizontal sync pulses. When these wide pulses are fed
through an integrator, they average to form the vertical sync
pulse. The vertical oscillator is "injection-locked" by the ver-
tical sync pulse to initiate vertical retrace at the correct time.
The output stage then delivers a ramp of current to the verti-
cal deflection coils to produce vertical scan.
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The horizontal section uses a different locking system, since
horizontal retrace is started before the sync pulse is re-
ceived in order to assure correct centering of the picture.
This is done with a phase-locked loop (PLL) in which the
oscillator is controlled by a phase detector to insure correct
timing between the horizontal sync pulse and the flyback
pulse produced by the output stage during horizontal re-
trace. The horizontal output stage does double duty-be-
sides driving the horizontal deflection coils, it drives the fly-
back transformer for the picture tube anode high voltage
supply. The 25-30 thousand volts DC required is generated
either by directly rectifying or by tripling a hv flyback pulse
derived from a large turns ratio on the flyback transformer.
The Sound Channel
The 4.5 MHz sound-subcarrier signal is amplified and limited

. in the sound IF to remove undesired amplitude information.
The frequency modulation is then detected by an FM detec-
tor and applied to the audio amplifier.

FIGURE 4

Limiting sensitivity for the sound section is typically 100 /LV
and the output power requirement is from 1W to 4W de-
pending on receiver size.
Luma Processing

The luminance signal Y must be amplified and delayed
some 0.8 /Ls on its way to the picture tube as shown in
Figure 5. The delay is required to insure that the black and
white information does not arrive at the picture tube before
the color information, which is delayed by the comparatively
narrow bandwidth of the 3.58 MHz chroma section.

The contrast and brightness controls are also located in the
luminance amplifier. The contrast control changes the peak-
to-peak amplitude of the signal, while the brightness control
changes the DC level of the signal.

Chroma Processing

From the signal taken off the 3.58 MHz tuned circuit the
chroma section must derive two signals:

1. The 3.58 MHz chroma sub-carrier signal of the correct
amplitude and

2. A continuous 3.58 MHz chroma reference signal of the
correct phase relative to the burst.

These two signals, when applied to the chroma demodula-
tor, will produce the desired color difference signals R-Y,
B-Y and G-Y. The chroma section is shown in Figure 6.

The first problem is that even though the AGC system holds
the peak-to-peak video level constant, the chroma sub-car-
rier itself can vary in amplitude with transmission, antenna
and fine-tuning changes, to name a few. Therefore, the
chroma section requires an AGC loop of its own, which is
called the Automatic Chroma Control stage. or ACC. This
block compares the amplitude of the burst to a reference to
keep the chroma output signal constant over a 20 dB input
range.
The chroma signal is then gated into two components by a
pulse derived from the horizontal section. The chroma sub-
carrier (during horizontal scan) is sent to the chroma amplifi-
er in which a gain control varies the saturation of the color
picture. If no burst was present in the ACC stage, the output
of the amplifier is "killed" completely for black and white
reception.
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tion-Iock or phase-lock technique. This forms the reference
output, which is passed through a variable phase-shift net-
work to vary the tint of the color picture.
The outputs of the chroma amplifier and sub-carrier regen-
erator are the signals required by the chroma demodulator,
which consists of two synchronous detectors operated in
quadrature. What this means is that the reference phase
applied to the B-Y detector makes it responsive only to
chroma input phases corresponding to blue. The reference
applied to the R-Y detector, which is 90% out of phase with
the B-Y detector, makes it responsive only to red. The G-Y
signal is derived by combining the R-Y and B-Y outputs in
the correct ratios.
Finally, the luminance signal Y is added to the chroma dif-
ference signals R-Y, B-Y and G-Y to arrive at the desired
red, blue and green signals. These signals are further ampli-
fied to 100 Vp-p in the video output stage and applied to the
appropriate cathodes of the picture tube.

CONVERGENCE
One other messy, but needed function remains in a color TV
receiver~olor convergence. The need for convergence re-
sults from the origination of the three electron beams in
different locations and the fact that they are being scanned
over a flat, instead of round, surface. Therefore, the deflec-
tion of each beam must be modified separately such that it
lands in the same location as the other beams over the
entire face of the picture tube.
A complete block diagram of the color TV receiver is shown
for reference in Figure 7.

Section 2-lntegrated Circuits in
Television
Here we will look at the integrated circuits used in television
including a glimpse inside TV ICs.
Every area of the television which does not have too high a
frequency or voltage requirement has been integrated at
least once, and many are on second and third generation
IC's. The only areas that have been "off-limits" to date are
the tuner, video outputs, and horizontal/HV output sections.

RF AND IF SECTIONS
Monolithic circuits have been made to work very well at
45 MHz. The first IC IF systems used 2 chips: one for a 2-
stage gain-controlled IF amplifier (Motorola MC1349, 52)
and the second for a video detector with gain (Motorola
MC1330). The major obstacle to combining these two chips
into a single chip has been stability problems due to internal
and/or external coupling output to input. However a one
chip IF amplifier and video detector is now widely used in
Europe (Telefunken TDA 440). The AGC system is also of-
ten included in these chips. Another IF function used in
most color TV receivers today is automatic fine tuning (AFT)
which keeps the tuner correctly tuned to the IF frequency
(LM3064 type).
The first chip to incorporate all of the above functions into a
single chip is the National LM1807. The chip uses a phase-
locked loop to tune the tuner to the IF frequency set by a
local oscillator on the chip. This concept is new to TV and is
generating a lot of interest.

SCANNING
The deflection area is one of the last to be integrated. While
only low-level horizontal circuits have been integrated, verti-
cal drivers and even output stages have been attempted.
Current IC's include the Motorola MC1391 or Philips TBA
920 for horizontal and the SGS TDS 1270 for vertical.
In the standard U.S. television system, the vertical and hori-
zontal scanning frequencies are related by the formula
fv = 2fH/525. The National DM8890 makes use of this fact
by dividing down a horizontal signal to generate vertical tim-
ing, thus eliminating the need for a vertical hold control.
Although previous combined vertical/horizontal chips have
been unsuccessful, the digital approach holds much prom-
ise and TI has announced a combined chip using 12L.

THE SOUND CHANNEL
The LM3065 type sound IF/FM Detector is currently used in
most TV receivers along with a class B discrete or IC audio
amplifier. However, virtually every IC manufacturer has an-
nounced a one chip "sound system" combining the IF, de-
tector, and audio amplifier. National's entry is the LM1808
which has been well received.

LUMA PROCESSING
Standard IC's have not been developed for the Luma area
because of questionable economics. Instead, most of the
efforts so far have been custom, with different IC's being
used by Zenith, Sylvania, and several European TV compa-
nies.

CHROMA PROCESSING
The first IC in TV was the chroma demodulator. Today every
color TV has one, usually an LM746 or LM1828 type. In one
variation the luminance signal is added to the color differ-
ence outputs on the chip (Motorola MC1324).
The chroma amplifier and subcarrier regenerator sections
have been integrated using a phase-locked loop system
with two chips (LM3070 and LM3071 types) and an injec-
tion-locked system with one chip (Motorola MC1398). Both
of these systems are widely used. Second generation sys-
tems which do the phase-locked system with one chip (RCA
CA3126 or Motorola MC1399) are gaining acceptance. All
of these systems can be used with the above-mentioned
demodulators.
Thus, so far the chroma section takes a minimum of two
chips, including the demodulator. When will the demodula-
tor be combined with the rest of the system for a true one-
chip chroma? Hitachi has just introduced the first practical
attempt and others are sure to follow.

WHAT'S A JUNGLE?
A "jungle" IC is a combination of miscellaneous TV func-
tions on one chip. For example, the Zenith jungle (LM1845
type) does the sync-separator and AGC functions. The term
is also sometimes applied to deflection IC's which include
other functions.

INSIDE TV IC's
Next to the basic differential amplifier, the most widely used
linear circuits in TV IC's are probably the current-sharing
gain control stage and the linear multiplier.
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GAIN CONTROL
The current-sharing gain control stage is so named because
the input current is shared between two outputs depending
on the DC control voltage Vc. For the circuit shown in Fig-
ure 8, the small signal gain at room temperature is given by:

A = IlVOUT '" RL/R.
IlVIN 1 (Vc in mY)+ exp --2-6-

As Vc is increased, the circuit acts as a logarithmic attenua-
tor, yielding a gain reduction of approximately 20 dB for
each 60 mV of applied voltage. This same basic gain control
stage is used in IF AGC and chroma ACC circuits, as well as
for volume, contrast, and chroma controls.

MULTIPLIER
The multiplier is widely used in television IC's for amplitude,
phase, and frequency detection. Figure 9 shows a typical
configuration in which the bottom pair is degenerated for
linear operation while the top quad is switched. If Va(t) is an
amplitude modulated carrier Fm(t)cos wt and Vb(t) is a
square wave of the same frequency wand relative phase <1>,
then the filtered output is given by:

. 2 RL
VOUT '" - -R Fm(t)cos<l>

1T' •

FIGURE 9

Thus the output depends on the amplitude of Va and the
relative phase <I>between Va and Vb.

If <I>is made 0' so COS <I>is 1, then the multiplier acts as an
amplitude detector and can be used to detect the video
modulation on the IF carrier. Note that around 0' COS <I>
changes very little with phase. To use the multiplier as a
phase or frequency detector, Va(t) is limited to remove am-
plitude information and <I>is centered at 90' where COS <I>
produces the largest change in output for a given change in
phase. This operation mode is used for chroma burst phase
detectors and sound FM detectors. Both the amplitude and
phase sensitive properties of the multiplier are used in chro-
ma demodulators.
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Frequency-to- Voltage
Needs
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Simplify your FIV converter designs with versatile V/F ICs.
Starting with a basic converter circuit, you can modify it to
meet almost any application requirement. You can spare
yourself some hard labor when designing frequency-to-volt-
age (FIV) converters by using a vOltage-to-frequency IC in
your designs. These ICs form the basis of a series of accu-
rate, yet economical, FIV converters suiting a variety of ap-
plications.
Figure 1shows an LM331 IC (or LM131 for the military tem-
perature range) in a basic FIV converter configuration
(sometimes termed a stand-alone converter because it re-
quires no op amps or other active devices other than the
IC). (Comparable V/F ICs, such as RM4151, can take ad-
vantage of this and other circuits described in this article,
although they might not always be pin-for-pin compatible).
This circuit accepts a pulse-train or square wave input am-
plitude of 3V or greater. The 470 pF coupling capacitor suits
negative-going input pulses between 80 ,...sand 1.5 ,...S, as
well as accommodating square waves or positive-going
pulses (so long as the interval between pulses is at least 10
,...s).

IC Handles the Hard Part

The LM331 detects an input-signal change by sensing when
pin 6 goes negative relative to the threshold voltage at pin 7,
which is nominally biased 2V lower than the supply voltage.
When a signal change occurs, the LM331's input compara-
tor sets an internal latch and initiates a timing cycle. During
this cycle, a current equal to VREF/Rs flows out of pin 1 for

Vs = 15V

470 pF

'IN 0-1

a time t = 1.1 RtC. The 1 ,...Fcapacitor filters this pulsating
current from pin 1, and the current's average value flows
through load resistor RL. As a result, for a 10 kHz input, the
circuit outputs 10 Voc across RL with good (0.06% typical)
nonlinearity.
Two problems remain, however: the output at V1 includes
about 13 mVp-p ripple, and it also lags 0.1 second behind
an input frequency step change, settling to 0.1% of full-
scale in about 0.6 second. This ripple and slow response
represent an inherent tradeoff that applies to almost every
FIV converter.

The Art of Compromise

Increasing the filter capacitor's value reduces ripple but also
increases response time. Conversely, lowering the filter ca-
pacitor's value improves response time at the expense of
larger ripple. In some cases, adding an active filter results in
faster response and less ripple for high input frequencies.
Although the circuit specifies a 15V power supply, you can
use any regulated supply between 4 Voc and 40 Voc. The
output voltage can extend to within 3 Voc of the supply
voltage, so choose RL to maintain that output range.
Adding a 220 k0/0.1 ,...Fpostfilter to the circuit slows the
response slightly, but it also reduces ripple to less than 1
mVp-p for frequencies from 200 Hz to 10kHz. The reduction
in ripple achieved by adding this passive filter, while not as
good as that obtainable using an active filter, could suffice
in some applications.

OUTPUT 2
220k (V2) 10V

-J+NtrIOCFS

Rl
lOOk' O.I)'F

FIGURE 1. A Simple Stand-Alone F/V Converter Forms the
Basis for Many Other Converter-Circuit Configurations



wnlcn Improves me converters nonlinearity 10 U.UUtlw/o typi-
cal.

Reconsideration of the basic stand-alone converter shows
why its nonlinearity falls short of this improved version's. At
low input frequencies, the current source feeding pin 1 in
the LM331 is turned off most of the time. As the input fre-
quency increases, however, the current source stays on
more of the time, and its own impedance attenuates the
output signal for an increasing fraction of each cycle time.
This disproportionate attenuation at higher frequencies
causes a parabolic change in full-scale gain rather than the
desired linear one.
In the improved circuit, on the other hand, the PNP transis-
tor acts as a cascade, so the output impedance at pin 1
sees a constant voltage that won't modulate the gain. Also,
with an alpha ranging between 0.998 and 0.990, the transis-
tor exhibits a temperature coefficient of between 10 ppmrC
and 40 ppmre-a fairly minor effect. Thus, this circuit's

10k
10k

RX
39k

Cl
470 pF ':'

fiN 0-1 lM331

"'1

12k ±1"· ':'

5k'
GAIN
ADJUST

':'

The circuit in Figure 3 adds an output buffer (unity-gain fol-
lower) to the basic single-supply FlY converter. Either an
LM324 or LM358 op amp functions well in a single-supply
circuit because these devices' common-mode ranges ex-
tend down to ground. But if a negative supply is available,
you can use any op amp; types such as the LF351B or
LM308A, which have low input currents, provide the best
accuracy.
The output buffer in Figure 3 also acts as an active filter,
furnishing a 2-pole response from a single op amp. This
filter provides the general response

Your/lour = RL/(1 + K1p + K2p2).
(p is the differential operator d/dt.) As shown, RL controls
the filter's DC gain. The high frequency response rolls off at
12 dB/octave. Near the circuit's natural resonant frequency,
you can choose the damping to give a little overshoot-or
none, as desired.

01 = 2N4250. 2N3906 or similar
high-beta PNP transistor

Select Rx ~ [(vs - 3V)/3V)
x 10 kO

·Use stable components with
low temperature coefficients

5k'
GAIN
ADJUST

C,
~O.Ol~F'

1~
I..L

_C4

I

A1 = 1/2 LM358 or 1/4 LM324

·Use stable components with
low temperature coefficients

FIGURE 3. The Op Amp on This F/V Converter's Output Acts as a Buffer as Well as a 2-Pole Filter
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Dealing with F/V Converter Ripple
Voltage ripple on the output of FIV converters can present
a problem, and the chart shown in Figure A indicates exactly
how big a problem it is. A simple, slow, RC filter exhibits low
ripple at all frequencies. Two-pole filters offer the lowest
ripple at high frequencies and provide a 30-times-faster step
response than RC devices.
To reduce a circuit's ripple at moderate frequencies, howev·
er, you can cascade a second active-filter stage on the FIV
converter's output. That circuit's response also appears in
Figure A and shows a significant improvement in low-ripple
bandwidth over the single-active-filter configuration, with
only a 30% degradation of step response.
Figures Band C show filter circuits suitable for cascading.
The inverting filter in Figure B requires closely matched re-
sistors with a low TC over their temperature range for best
accuracy. For lowest DC error, choose R5 = R2 +
(RINIRF).This circuit's response is

-VOUTIVIN= n/(1 + (RF+ R2+nR2)C4p+ RFR2C3C4p2).
where n = DC gain. If RIN = RF and n = 1,

-VOUTIVIN= 1/(1 + (RF+2R2)C4p+RFR2C3C4p2).

__ USING HOLE ACTIVE
Fll TEft PER FIGURE J
UsiNG SIMPLEiGlill-1,..F

_. - fiLTER PO FIGURE 1

UsiNG TWO Z.f'OLE ACTIYE
--- flLTERSCASCADEO

p.p

0.1 1 10

FREQUENCY (kHz)

TUH/B741-4

FIGURE A. Output-Ripple Performance of Several
Different F/V Converter Configurations
Illustrates the Effect of Voltage Ripple

• Note: R'N and RF should be
closely matched with a good
TC of tracking. for best
accuracy

RF = nR,N

TUH/B741-5
FIGURE B. You Can Cascade This 2·Pole Inverting

Filter onto an F/V Converter's Output

TUH/B741-B

FIGURE C. This 2-Pole Nonlnvertlng Filter Suits
Caseade ReqUirements on F/V Converter Outputs

The circuit shown in Figure C does not require precision
passive components, but for best accuracy, choosing an A1
with a high CMRR is critical. An LM308A op amp's 96 dB
minimum CMRR suits this circuit well, but an LM358B's 85
dB typical figure also proves adequate for many applica-
tions. Circuit response is
VOUTIVIN= 1/(1 + (R1 + R2) C2p + R1R2C1C2p2j.
For best results, choose R3 = R1 + R2.

Components Determine Response
The specific response of the circuit in Figure 3 is

VOUT/IOUT= RL/(1 + (RL + R2)C2p +
RLR2C1C2C2p2).

Making C2 relatively large eliminates overshoot and sine
peaking. Alternatively, making C2 a suitable fraction of C1
(as is done in Figure 3) produces both a sine response with
o dB to 1 dB of peaking and a quick real-time response
having only 10% to 30% overshoot for a step response. By
maintaining Figure 3'5 ratio of C1:C2 and R2:RL, you can
adapt its 2-pole filter to a wide frequency range without tedi-
ous computations.
This filter settles to within 1% of a 5V step's final value in
about 20 ms. By contrast, the circuit with the simple RCfilter
shown in Figure 1 takes about 900 ms to achieve the same
response, yet offers no less ripple than Figure 3'5 op amp
approach.
As for the other component in the 2-pole filter, any capaci-
tance between 100 pF and 0.05 ,...Fsuits C3 because it
serves only as a bypass for the 200 kO resistor. C4 helps
reduce output ripple in single positive power-supply systems
when VOUT approaches so close to ground that the op
amp's output impedance suffers. In this circuit, using a tan-
talum capacitor of between 0.1 ,...Fand 2.2 ,...Ffor C4 usually
helps keep the filter's output much quieter without degrad-
ing the op amp's stability.



Avoid Low-Leakage Limitations
Note that in most ordinary applications, this 2-pole filter per-
forms as well with 0.1 f-LFand 0.02 f-LFcapacitors as the
passive filter in Figure 1does with 1 f-LF.Thus, if you require
a 100 Hz FIV converter, the circuit in Figure 3 furnishes
good filtering with C1 = 10 f-LFand C2 = 2 f-LF,and elimi-
nates the 100 f-LFlow-leakage capacitor needed in a pas-
sive filter.
Note also that because C1 always has zero DC voltage
across it, you can use a tantalum or aluminum electrolytic
capacitor for C1 with no leakage-related problems; C2, how-
ever, must be a low-leakage type. At room temperature, typ-
ical 1 f-LFtantalum components allow only a few nanoam-
peres of leakage, but leakage this low usually cannot be
guaranteed.

Compensating for Temperature Coefflclenta
FIV converters often encounter temperature-related prob-
lems usually resulting from the temperature coefficients of
passive components. Following some simple design and
manufacturing guidelines can help immunize your circuits
against loss of accuracy when the temperature changes.
Capacitors fabricated from Teflon or polystyrene usually ex-
hibit a TC of -110 ± 30 ppmrC. When you use such a
component for tile timing capacitor in an FIV converter
(such as Ct in the figure) the circuit's output voltage-or the
gain in terms of volts per kilohertz-also exhibits a -110
ppmrCTC.
But the resistor-diode network (Rx, 01, 02) connected from
pin 2 to ground in the figure can cancel the effect of the
timing capacitor's large TC. When Rx = 240 kfi, the current
flowing through pin 1 will then have an overall TC of 110
ppmrC, effectively canceling a polystyrene timing capaci-
tor's TC to a first approximation. Thus, you needn't find a
zero-TC capacitor for Ct, so long as its temperature coeffi-
cient is stable and well established. As an additional advan-
tage, the resistor-diode network nearly compensates to zero
the TC of the rest of the circuit.,.
Bake It for a While
After the circuit has been built and checked out at room
temperature, a brief oven test will indicate the sign and the
size of the TC for the complete FIV converter. Then you
can add resistance in series with Rx, or add conductance in

470 pF

flN~

rii2--rii- -Rx-j
'=' L .J

01,02 = lN484. RS1
F0333 or similar
silicon planar diode

parallel with it, to greatly diminish the TC previously ob-
served and yield a complete circuit with a lower TC than you
could obtain simply by buying low TC parts.
For example, if the circuit increases its full-scale output by
0.1% per 30"C (33 ppmrC) during the oven test, adding
120 kfi in series with Rx = 240 kfi cancels the tempera-
ture-caused deviation. Or, if the full-scale output decreases
by -0.04% per 20"C (-20 ppmrC), just add 1.2 Mfi in
parallel with Rx.
Note that to allow trimming in both directions, you must start
with a finite fixed TC (such as the -110 ppm/"C of Ctl,
which then nominally cancels out by the addition of a finite
adjustable TC. Only by using this procedure can you com-
pensate for whatever polarity of TC is found by the oven
test.
You can utilize this technique to obtain TCs as low as 20
ppmrC, or perhaps even 10 ppmrC, if you take a few
passes to zero-in on the best value for Rx. For optimum
results, consider the following guidelines:
• Use a good capacitor for Ct; the cheapest polystyrene

capacitors can shift value by 0.05% or more per temper-
ature cycle. In that case, you would not be able to distin-
guish the actual temperature sensitivity from the hystere-
sis, and you would also never achieve a stable circuit.

• After soldering, bake or temperature-cycle the circuit (at
a temperature not exceeding 75"C in the case of polysty-
rene) for a few hours to stabilize all components and to
relieve the strains of soldering.

• Do not rush the trimming. Recheck the room tempera-
ture value before and after you take the high tempera-
ture data to ensure a reasonably low hysteresis per cy-
cia .

• Do not expect a perfect TC at - 25"C if you trim for ± 5
ppmrC at temperatures from +25"C to 60"C. None of
the components in the figure's circuit offer linearity much
better than 5 ppmrC or 10 ppmrC cold, if trimmed for a
zero TC at warm temperatures. Even so, using these
techniques you can obtain a data converter with better
than 0.02% accuracy and 0.003% linearity, for a ±20"C
range around room temperature.

• Start out the trimming with Rx installed and its value near
the design-center value (e.g., 240 kfi or 270 kfi), so you

C,
0.01~F
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will be reasonably close to zero TC; you will usually find
the process slower if you start without any resistor, be-
cause the trimming converges more slowly.

• If you change Rx from 240 kO to 220 kO, do not pUll out
the 240 kO part and put in a new 220 kO resistor-you will
get much more consistent results by adding a 2.4 MO
resistor in parallel. The same admonition holds true for
adding resistance in series with Rx.

• Use reasonably stable components. If you use an LM331A
(± 50 ppm/oC maximum) and RN55D tum resistors (each
± 100 ppm/"C) for RL' Rt and Rs, you probably won't be
able to trim out the resulting ± 350 ppm/"C worst-case
TC. Resistors with a TC specification of 25 ppm/"C usually
work well. Finally, use the same resistor value (e.g., 12.1
kO ± 1%) for both Rs and Rt; when these resistors come
from the same manufacturer's batch, their TC tracking will
usually rate at better than 20 ppm/oC.

Whenever an op amp is used as a buffer (as in Ftgure 3), its
offset voltage and current (± 7.5 mV maximum and ± 100
nA, respectively, for most inexpensive devices) can cause a
± 17.5 mV worst-case output offset. If both plus and minus
supplies are available, however, you can easily provide a
symmetrical offset adjustment. With only one supply, you
can add a small positive current to each op amp input and
also trim one of the inputs.

Need. Negative Output?
If your FIV converter application requires a negative output
voltage, the circuit shown in Ftgure 4 provides a solution
with excellent linearity (± 0.003% typical, ± 0.01% maxi-
mum). And because pin 1 of the LM331 always remains at 0
Voc, this circuit needs no cascade transistor. (Note, howev-

SIo·
GAIN
ADJUST

er, that while the circuit's nonlinearity error is negligible, its
ripple is not.)
The circuit in Figure 4 offers a significant advantage over
some other designs because the offset adjust voltage de-
rives from the stable 1.9 Voc reference voltage at pin 2 of
the LM331; thus any supply voltage shifts cause no output
shifts. The offset pot can have any value between 200 kO
and 2 MO.
An optional bypass capacitor (C2) connected from the op
amp's positive input to ground prevents output noise arising
from stray noise pickup at that point; the capacitance value
is not critical.

A F.mlllllr RnponM
The circuit in Ftgure 4 exhibits the same 2-pole respon_
with heavy output ripple attenuation-es the noninverting
filter in Figure 3. Specifically,

VOUT"OUT= RF/(1 + (R4 + RF)C4p + R4RFC3C4p2).
Here also, R5 = R4 + RF = 200 kO provides the best bias
current compensation.
The LM331 can handle frequencies up to 100 kHz by utiliz-
ing smaller-value capacitors as shown in Ftgure 5. This cir-
cuit increases the current at pin 2 to facilitate high-speed
switching, but, despite these speed-ups, the LM331's 500
ppm/"C TC at 100 kHz causes problems because of switch-
ing speed shifts resulting from temperature changes.
To compensate for the device's positive TC, the LM334
temperature sensor feeds pin 2 a current that decreases
linearly with temperature and provides a low overall temper-
ature coefficient. An Ry value of 30 kO provides first-order
compensation, but you can trim it higher or lower if you need
more precise TC correction.

C,
0.01 pof'
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FIGURE 4. In Thla F/V Circuit, the Output-Buffer Op Amp Derlvea Ita
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es. But when the FIV converter is utilized in this way, its
output ripple hampers accurate frequency detection, and
the slow filter frequency response causes delays.

If a quick response is not important, though, you can effec-
tively utilize an LM331-based FIV converter to feed one or
more comparators, as shown in Figure 6. For an input fre-
quency drop from 1.1 kHz to 0.5 kHz, the converter's output

tolerate FIV circuits' inMrent delays and ripples.
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FIGURE 5. An LM334 Temperature Sensor Compensates for the F/V Circuit's Temperature Coefficient
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FIGURE 6. Combining a V IF IC with Two Comparators Produces a Slow-Response Frequency Detector



Versatile Monolithic VIFs
Can Compute as Well as
Convert with High
Accuracy

The best of the monolithic voltage-to-frequency (V IF) con-
verters have performance that's so good it equals or ex-
ceeds that of modular types. Some of these ICs can be
designed into quite a variety of circuits because they're no-
tably versatile. Along with versatility and high performance
come the advantages that are characteristic of all V/F con-
verters, including good linearity, excellent resolution, wide
dynamic range, and an output signal that's easy to transmit
as well as couple through an isolator.

One of the recently introduced monolithic types, the LM131,
has both high performance and a design that's rather flex-
ible. For instance, it can compute and convert at the same
time; the computation is a part of the conversion. Among
other functions, it can provide the product, ratio and square
root of analog inputs.

This IC has an internal reference for its conversion circuitry
that's also brought out to a pin, so it's available to external
circuits associated with the converter. Not surprisingly, it
turns out that any deviations of the reference, due to proc-
ess variations and temperature changes have equal and op-
posite effects on the scale factors of the converter and the
external circuitry. (This presumes, of course, that the scale
factor of the external circuitry is a linear function of voltage.)

PRECISION RELAXATION OSCILLATOR

Before looking at some applications, qUickly take a look at
the basic circuit of an LM131 V/F converter (Figure 1). Basi-
cally, this IC, like any V IF converter, is a precision relaxation
oscillator that generates a frequency linearly proportional to

fOUT~~X~X-_1-
VREF RL 1.1 R-rCT

National Semiconductor
AppendixD
Robert A. Pease

the input voltage. As might be expected, the circuit has a
capacitor, CL, with a sawtooth voltage on it. Generally
speaking, the circuit is a feedback loop that keeps this ca-
pacitor charged to a voltage very slightly higher than the
input voltage, VIN. If VIN is high, CL discharges relatively
quickly through RL' and the circuit generates a high frequen-
cy. If VIN is low, CL discharges slowly, and the converter
puts out a low frequency.

When CL discharges to a voltage equal to the input, the
comparator triggers the one-shot. The one-shot closes the
current switch and also turns on the output transistor. With
the switch closed, current from the current source recharg-
es CL to a voltage somewhat higher than the input. Charg-
ing continues for a period determined by RT and CT. At the
end of this period, the one-shot returns to its quiescent state
and CL resumes discharging.

Resistor Rs sets the amount of current put out by the cur-
rent source. In fact, the current in pin 1, with the switch on,
is identical to the current in pin 2. The latter pin is at a
constant voltage (nominally 1.90V), so a given resistor value
can set the operating currents. When connected to a high
impedance buffer, this pin provides a stable reference for
external circuits.

The open-collector output at pin 3 permits the output swing
to be different from the converter's supply voltage, if the
load circuit requires. The supplies don't have to be sepa-
rate, however, and both the converter and its load can use
the same voltage.

FIGURE 1. A voltage-to-frequency converter such as this Is a relaxation oscillator with a frequency proportional
to the Input voltage. Current pulses keep CL'S average voltage slightly greater than the Input voltage.



STEADY AS SHE GOES

By far the simplest of the circuits that make use of the refer-
ence output voltage from the LM131 is one that simply ties
this output pin right back to the signal input. This connection
is just a V IF converter with a constant input, which makes it
a constant-frequency oscillator. Even with this simple circuit
(Figure 2), variations in the reference voltage have two op-
posite effects that cancel each other out, so the circuit is
particularly stable. In this type of circuit, the temperature-de-
pendent intemal delays tend to cancel as well, which isn't
true of relaxation oscillators based on op amps or compara-
tors.

Vs
10UT~ 1.90V x~x __ 1_

1.90V AL 1.1 AM

1
= 2.2AM

CL '" 10 x c,-

T 'lI<.,%
RL CL

OUTPIIT

1'5t Ut.,%

'=' VL
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FIGURE 2. A VIF converter Is a stable-frequency
olClllator If Ita Input Is connected to Its reference

output. If the reference voltage changes, the
effects of the change cancel out, 80 the frequency

doesn't change. With low tempco components for RT
and CT. frequency stability VB temperature can be

as good as ± 25 ppm/'C.
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Resistors RL and Rs are best taken from the same batch.
(RL must be larger than Rs, so it's made up of two
resistors.) By doing this, the tempco tracking, which is the
critical parameter, is five to ten times better than it would be
if RL were a single 30.1 kO resistor.

Although the reference output, pin 2, can't be loaded with-
out affecting the converter's sensitivity, the comparator in-
put, pin 7, has a high impedance so this connection does no
harm.

Frequency stability is typically ± 25 ppml"C, even with an
LM331 , which as a V/F converter is specified only to 150
ppml"C maximum. From 20 Hz to 20 kHz, stability is excel-
lent, and the circuit can generate frequencies up to 120 kHz.

Although the simplest way of using the reference output is
to tie it back to the input, the reference can also be buffered
and amplified to supply such external circuitry as a resistive
transducer, which might be a strain gauge or a pot (Figure
3). As in the stable oscillator already described, deviations
of the internal reference voltage from the ideal cause the
transducer's and the converter's sensitivities to change
equally in opposite directions, so the effects cancel.

In this circuit, op amp A2 buffers and amplifies the constant
voltage at pin 2 of the converter to provide the 5V excitation
for the strain gauge. Amplifier A 1, connected as an instru-
mentation amplifier, raises the output of the strain gauge to
a usable level while rejecting common-mode pickup.

A potentiometer-type transducer works just as well with this
circuit. Its wiper output takes the place of A 1's output as
shown at the X.

The reference terminal is both a constant voltage output
and a current programming input. So far, it's been shown
simply with one or two resistors going to ground. It is, how-
ever, a full·fledged signal input that accepts a signal from a
current source quite well.
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FIGURE 3. In this straln-to-frequency converter, the converter's reference excites the strain gauge (or the optional pot)

through buffer amp A2. This makes the circuit Insensitive to changes In the reference voltage.



This extra input is what enables the LM131 to compute
while converting. For instance, it will convert the ratio of two
voltages to a frequency proportional to the ratio (Figure 4).
The circuit is still a VIF converter, but has two signal inputs,
both of them going to rather unorthodox places at that. The
inputs, shown as voltages, are converted to currents by two
current pumps (voltage-to-current converters). Of course, if
currents of the proper ranges are available, the current
pumps aren't needed. The left current pump, which includes
01 and A1, determines how fast capacitor CL discharges
between output pulses. The other pump sets the current in
the reference circuit to control the amount of recharge cur-
rent when the one-shot fires. Tying the comparator input,
pin 7, to the reference pin sets the comparator's trip point at
a constant voltage.

·Stable components with low tempco

A 1, A2 should have low offset and low bias
current LM351 B, LM358A, LF353B, or similar
01, 02: 2N3565, 2N2484, or similar high fJ

V1 As 1
fOUT ~ V2 x R,; x 1.1 A"cT

= ~ x 10 kHz
V2
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TUH/8742-4
FIGURE 4. This circuit converts the ratio of two
voltages to an equivalent frequency without a

separate analog divider. Full-scale output
Is15 kHz. The two op amp circuits convert the

Inputs to proportional currents.
To get an idea of how the circuit works, consider first the
effect of, for instance, tripling the input voltage, V1. This
make CL discharge to the comparator trip point three times
as fast, so the frequency triples. Next, consi~er a given
change, such as doubling the voltage at the other input, V2.
This doubles the recharge current to CL during the fixed-
width output pulse, which means CL'S voltage increases
twice as much during recharging. Since the discharge into
01 is linear (for V1 constant), it takes twice as long for CL to
discharge-the frequency becomes half of what it was be-
fore.
Although the current pumps in Figure 4 must have negative
inputs, rearranging the op amps according to Figure 5
makes them accept positive inputs instead. Trimming out
the offset in the op amp gives the ratio converter better

linearity and accuracy. The trim circuit in Figure 58 needs
stable positive and negative supplies for the offset trimmer,
while the one in Figure 5b needs only a stable positive sup-
ply. Unmarked components in Figure 5b are the same as in
F.igure 58.
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A1, A2, A3: Steble components
with low tempco

01: fJ:> 330

b TUH/8742-8
FIGURE 5. These current pumps adapt the converter
circuits In Figure. " and 6 to positive Input voltages •

Optional offset trimming Improves linearity and
accuracy, especially with Input signals that have a

wide dynamic range.
Note that the full-scale range of the current pumps can be
changed by varying the value of the input resistor(s). If ei-
ther of these pump circuits is used with a single positive
supply, the op amp should be a type such as 1/2 LM358 or
1/4 LM324, which has a common-mode range that includes
the negative-supply bus.

COMPUTING SQUARE ROOTS IMPLICITLY
An analog divider computes the square root of a signal
when the signal is fed to the divider's numerator input, and
the output is fed back to the divider's denominator input.

IN
OUT = OUT

OUT2 - IN

OUT = ;'iN

TL/H/8742-7

This type of computation is called implicit, because the end
result of the computation is only implied, not explicitly stated
by the equation that defines the computation.
In the implicit square root computing loop described in the
text, a VIF converter serves as a divider. Since it's a con-
verter, its inputs are voltages (or currents), but its output is a
frequency. To connect its output back to one of its inputs so
it will compute a square root means that its output frequen-
cy must be converted back to a voltage. This is taken care
of by the frequency-ta-voltage converter.



30pF
10k

CT

JDO'"F'
m

VL

OUTPUT

1m' '='r R212k V2 lOOk'.:tl% INPUT

'=' O.1VTO
RS -loV

l 5.'
SCALE
FACTOR
TRIM

'=' '='

OUTPUT lOUT - k1 X V,N
FREQUENCY Vx

• fOUT Vx - k2 x lOUT

TlfH/8742-8

Doing some algebraic substitution shows that:

fOUT = k3 x NiN

k3 = ~kl/k2.

IT'LL TAKE RECIPROCALS

Taking the ratio of two inputs-in other words, doing divi-
sion-is only one of the mathematical operations that can
be combined wilh converting. Another one is a special case
of division, which is taking reciprocals. In this instance, the
numerator (Vl in Figure 4) is held constant, and the denomi-
nator, V2, changes over a wide range such as one or two
decades. In this case, since the frequency is the reciprocal
of the input, the period of the output is proportional to the
input. When operated this way, the V2 current pump should
have an offset trimmer. A constant current circuit is still
needed to discharge capacitor CL.

Nonlinearity (that is, deviation from the ideal law) with an
LM331 is a little better than 1% for 10kHz full-scale. In-
creasing CT to 0.1 JlF reduces the nonlinearity to below
0.2% while decreasing full-scale output to 1 kHz.

Two inputs can also be multiplied while converting to a fre-
quency. The multiplying converter circuit (Figure 6) that

'Stable components with low tempoc

fOUT - ~ X~X 10kHz
10V 10V

Vs - 15V, regulated and stable

R3 - (15.00V x 7500 with ± 1% tolerance
+VS

A1, A2: Each is 1/2 LM158/LM358A or 1/2 LF353B

A3: LM301A, LM307. or LF13741 only

01, 02: High IJ such as 2N2484. 2N3565 or similar

03: High IJ such es 2N4250, 2N3006 or similar

does this has a more elaborate current pump than the ratio
circuit of Figure 4. This pump is really two cascaded circuits;
it includes op amps A2 and A3 as well as transistors 02 and
03. Current from this pump goes to pin 5 to control the one·
shot's pulse width. (This current ranges from 13.3 JlA to
1.33 mA.)

As in the ratio circuit, the left current pump controls the
discharge rate of CL. The other pump, however, controls the
one-shot's pulse width to vary the amount that CL charges
during the pulse. If the V2 input is close to zero, the current
from the pump into pin 5 is small, and the one-shot devel-
ops a wide pulse. This allows CL to charge quite a bit. It
takes a relatively long time for CL to discharge to the com-
parator threshold, so the resulting frequency is low. As V2
goes negative (a greater absolute magnitude), the output
frequency rises. Op amp A3 must have a common-mode
range that extends to the positive supply voltage, which the
specified types do.

Multiplying, diViding and converting can all be done at the
same time by combining the V2 input current pump of Rgure
4 with the circuit of Figure 6. If a scale-factor trimmer is
needed, R4 in Figure 6 is a good choice, better than input
resistors such as Rl or R2. Using the latter as trimmers
would make the input impedance of the circuit change with
trim setting.

Two V IF converter ICs along with some extra circuitry will
take the square root of a voltage input. Square root func-
tions are used mostly to simulate natural laws, but also to
linearize functions that have a natural square-law relation-
ship. One of the latter is converting diffential pressure to
flow, where flow is proportional to the square root of differ-
entia~ pressure.

TL/H/8742-9
FIGURE 6. The product of two Input voltagea becomes an equivalent frequency In this converter. A current pump that

Includes op amps A2 and A3 controls the pulse duration of the converter's Internal on_hot.



VERSATILE PIN FUNCTIONS GIVE DESIGN
FLEXIBILITY
Two features-the reference and the one-shot-of the
LM131/LM331 V/F converter deserve a closer look be-
cause they are the key to its versatility. The simplified sche-
matic of the chip, shown here along with a transducer and
the components needed for a basic V/F converter, will help
to illustrate how these features work.
The reference circuit, connected to pin 2, is both a constant
voltage output and a current setting, scale-factor control in-
put. The constant voltage can supply external circuitry, such
as the transducer, that feeds the converter's input.
One great advantage of using the converter's internal refer-
ence to supply the external circuitry is that any variation in
the reference voltage affects the sensitivities of the convert-
er and the external circuitry by equal and opposite amounts,
so the effects of the variation cancel.
While providing a constant voltage output, pin 2 also pro-
vides scale-factor, or sensitivity control for the converter.
Current supplied to an external circuit by this terminal
comes from the supply (Vs) through the current mirror and
the transistor. The op amp drives this transistor to hold pin 2
at a constant voltage equal to the internal reference, which
is nominally 1.9V.
The current mirror provides a current to the switch that's
essentially identical to that in pin 2. This means that a
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resistor to ground or a signal from a current source will set
the current that is switched to pin 1. In most circuits, a ca-
pacitor goes from pin 1 to ground, and the switched current
from this pin recharges the capacitor during the pulse from
the one-shot.
The one-shot circuit is somewhat like the well known 555
timer's circuit. In the quiescent state, the reset transistor is
on and holds pin 5 near ground. When pin 7 becomes more
positive than pin 6 (or pin 6 falls below pin 7), the input
comparator sets the flip-flop in the one-shot.
The flip-flop turns on the current limited output transistor
(pin 3) and switches the current coming from the current
mirror to pin 1. The flip-flop also turns off the reset transis-
tor, and the timing capacitor Cr starts to charge toward Vs.
This charge is exponential, and Cr's voltage reaches 2/3 of
Vs in about 1.1 RrCr time constants. (The quantity 1.1 is
-In 0.333...) When pin 5 reaches this voltage, the one-
shot's comparator resets the flip-flop which turns off the
current to pin 1, discharges Cr, and turns off the output
transistor.
If the voltages at pins 6 and 7 still call for setting the flip-flop
after pin 5 has reached 2/3 Vs, internal logic not shown in
this simplified diagram overrides the reset signal from the
one-shot's own comparator, and the flip-flop stays set. In
this instance, Cr continues charging past 2/3 Vs.
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ROOT LOOP COMPUTES

The circuit in Figure 7 is an implicit loop (see "Computing
Square Aoots Implicitly") that uses IC1 as a voltage-te-fre-
quency converter and divider, and IC2 as a frequency-te-
voltage converter. The FIV converter, IC2, and the current
pump that includes A 1 and the transistor return the output of
IC1 to its denominator input. A relatively elaborate feedback
circuit like this is needed to convert IC1's frequency output
back to a current for its denominator input.

Looking at the circuit in more detail, IC1 puts out a frequen-
cy proportional to VIN divided by the feedback voltage, Vx.
The current 11 is generated by a current pump that has Vx
as its input (Figure Sa). To develop the feedback IC2 con-
verts the pulse output from IC1 into standard width precision
current pulses that charge capacitor C1. This capacitor inte-
grates them into the voltage Vx, thus closing the loop.

Op amp A2, serving as a comparator, ensures that the cir-
cuit will always start and continue running. If VIN suddenly
jumps to a higher voltage, one pulse from the one-shot in
IC1 may not be enough to recharge CL to a voltage higher
than the input. In such a case, the IC's internal logic keeps
its internal current switch turned on, and the voltage on CL
ramps up until it exceeds the input. During this time, howev-
er, IC1's output hasn't changed state. (Such a temporary
hang-up isn't unique to this circuit, and equivalent things
happen to other V/Fs besides the LM131/LM331.) What is
worse here, though, is that the lack of pulses to IC2 means
that Vx and 11decay. The recharging current, 12,is the same
as 11, so it not only becomes progressively harder for the
voltage on CL to catch up with the input, it may even fail to
catch up entirely if (12XALl is less than the input voltage.
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CT

ICI
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lM331

·Stable components with low tempco
A1,A2: 1/2 LM3580< 1/2 LF353
Full-scale ou1put: 10kHz

As a sign of this condition, when the converter hangs up,
the one-shot's timing node, pin 5, continues to charge well
beyond its normal peak of 2/3 Vs. As soon as the compara-
tor A2 detects this rise, it pulls up voltage Vx, current 11
increases, and the loop catches its breath again.

After all these nonlinear computations, this last circuit is
about as linear as it can be. It's a precision, ultralinear V IF
converter based on an LM331A (Figure 8) that has several
detail refinements over previous V IF converter circuits.
Choosing the proper components and trimming the tempco
give less than 0.02% error and 0.003% nonlinearity for a
±20'C range around room temperature.

This circuit has an active integrator, which includes the op
amp and the integrating feedback capacitor, CF. The inte-
grator converts the input voltage, which is negative, into a
positive-going ramp. When the ramp reaches the converter
IC's comparator threshold, the one-shot fires and switches
a pulse of current to the integrator's summing junction. This
current makes the integrator's output ramp down quickly.
When the one-shot times out, the cycle repeats.

There are several reasons this converter circuit gives high
performance:

• A feedback limiter prevents the op amp from driving pin 7
of the LM331A negative. The limiter circuit arrangement
bypasses the leakage through CA5 to ground via R5, so
it won't reach the summing junction. Bypassing leakage
this way is especially important at high temperatures.

• The offset trimming pot is connected to the stable 1.9V
reference at pin 2 instead of to a power supply bus that
might be unstable and noisy.

I
I OUTI'UT
I

TL/H/8742-11
FIGURE 7. Two converter IC.generate an output frequency proportional to the .quare root of the Input voltage. The

circuit I. an Implicit loop In which IC1 serve. a. a divider and VIF converter. ThI.IC'. output goe. back to Its
denominator Input through F/V converter IC2 to maka the circuit output equal the Input's square root.
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FIGURE 8. An ultrlpreclslon V/F converter, caplble of better thIn 0.02% error Ind 0.003% nonllnelrlty for I
± 200Crlnge lbout room temperlture, lugments the blslc converter with In externllintegrstor.

• A small fraction (180 ,..V, full-scale)of the input voltage Whendoing a second roundof trimming,though,note that a
goes via R4 to the Rs network,which improvesthe non· resistorof, say,4.3 MO, hasabout the sameeffect on temp-
linearityfrom 0.004% to 0.002%. co whenshuntedacrossa 220 kO resistorthat it doeswhen

• ResistorsR2 and R3 are the same value, so that resis- shuntedacross one of 430 kO, namely, -11 ppmfOC.This
tors such as Allen-Bradleytype CC metal-filmtypes can technique can give tempeos below ± 20 ppmfOCor even
provide excellent tempeo tracking at low cost. (This ± 10 ppm/·C.
tracking is very good when equal values come from the Some precautionshelp this procedureconverge:
same batch.)ResistorR1 shouldbe a low tempeometal· 1. Use a good capacitor for Cr. The cheapest polystyrene
film or wirewound type, with a maximum tempeo of capacitorswill shift in value by 0.05~ or more per tem-
± 10 ppmfOCor ± 25 ppm/·C. peraturecycle. The actual temperaturesensitivitywould

In addition,Cr shouldbe a polystyreneor Teflon type. Poly- be indistinguishablefrom the hysteresis,and the circuit
styrene is rated to 80·C, while Teflon goes to 150·C.Both would never be stable.
typescan be obtainedwith a tempcoof -110 ± 30 ppmfOC. 2. After soldering,bake and/or temperature-cyclethe circuit
Choosingthis tempeofor Cr makesthe tempco,due to Cr, (ata temperaturenot exceeding75·Cif Cr is polystyrene)
of the full-scaleoutput frequency110 ppmfOC. for a few hours,to stabilizeall componentsand to relieve
Using tight tolerance componentsresults in a total tempco the strains from soldering.
between 0 ppmfOCand 220 ppmfOC,so the tempeo will 3. Don't rush the trimming.Recheck the room temperature
never be negative.The voltage at CR1and Rx has a temp- value,beforeand after the hightemperaturedata are tak-
co of -6 mVfOC,which can be used to compensate the en, to ensurethat hysteresisper cycle is reasonablylow.
tempeoof the rest of the circuit.TrimmingRx compensates 4. Don't expect a perfect tempeo at - 25·C if the circuit is
for the tempco of the V/F IC, the capacitor, and all the trimmed for ±5 ppm/.C between 25·C and 60·C. If it's
resistors. been trimmed for zero tempeo while warm, none of its
A good startingvalue for selecting Rx is 430 kO, which will componentswill be linear to much better than 5 ppmfOC
give the 135 ,..Aflowingout of pin 2 a slope of 110 ppmfOC. or 10 ppm/·C when it's cold.
If the output frequency increaseswith temperature,a little The values shown in this circuit are generally optimum for
more conductanceshould be added in parallelwith Rx· ± 12V to ± 16V regulatedsupplies but any stable supplies

between ± 4V and ± 22Vwould be usable,after changinga
few componentvalues.



APPENDIX E: Standard Resistance Values
The standard 1% (and '12%) resistor values are recommended for ease of design and for best availability when designing
precision analog circuits.

Standard Resistance Values for the 1o-to-100 Decade

Resistance Tolerance (+%)

0.1 0.1 0.1 0.1 0.1 0.1
0.25 1 2 0.25 1 2 0.25 1 2 0.25 1 2 0.25 1 2 0.25 1 2
0.5 5 0.5 5 0.5 5 0.5 5 0.5 5 0.5 5

10.0 10.0 10 14.7 14.7 - 21.5 21.5 - 31.6 31•• - 46.4 4••4 - 68.1 .8.1 68
10.1 - - 14.9 - - 21.8 - - 32.0 - - 47.0 - 47 69.0 - -
10.2 10.2 - 15.0 15.0 15 22.1 22.1 22 32.4 32.4 - 47.5 47.5 - 69.8 .9.8 -
10.4 - - 15.2 - - 22.3 - - 32.8 - - 48.1 - - 70.6 - -
10.5 10.5 - 15.4 15.4 - 22.6 22•• - 33.2 33.2 33 48.7 48.7 - 71.5 71.5 -
10.6 - - 15.6 - - 22.9 - - 33.6 - - 49.3 - - 72.3 - -
10.7 10.7 - 15.8 15.8 - 23.2 23.2 - 34.0 34.0 - 49.9 49.9 - 73.2 73.2 -
10.9 - - 16.0 - 16 23.4 - - 34.4 - - 50.5 - - 74.1 - -
11.0 11.0 11 16.2 1••2 - 23.7 23.7 - 34.8 34.8 - 51.1 51.1 51 75.0 75.0 75
11.1 - - 16.4 - - 24.0 - 24 35.2 - - 51.7 - - 75.9 - -
11.3 11.3 - 16.5 1••5 - 24.3 24.3 - 35.7 35.7 - 52.3 52.3 - 76.8 7••8 -
11.4 - - 16.7 - - 24.6 - - 36.1 - 36 53.0 - - 77.7 - -
11.5 11.5 - 16.9 1••9 - 24.9 24.9 - 36.5 3••5 - 53.6 53•• - 78.7 78.7 -
11.7 - - 17.2 - - 25.2 - - 37.0 - - 54.2 - - 79.6 - -
11.8 11.8 - 17.4 17.4 - 25.5 25.5 - 37.4 37.4 - 54.9 54.9 - 80.6 80•• -
12.0 - 12 17.6 - - 25.8 - - 37.9 - - 56.6 - - 81.6 - -
12.1 12.1 - 17.8 17.8 - 26.1 2•• 1 - 38.3 38.3 - 56.2 5•. 2 56 82.5 82.5 82
12.3 - - 18.0 - 18 26.4 - - 38.8 - - 56.9 - - 83.5 - -
12.4 12.4 - 18.2 18.2 - 26.7 2••7 - 39.2 39.2 39 57.6 57•• - 84.5 84.5 -
12.6 - - 18.4 - - 27.1 - 27 39.7 - - 58.3 - - 85.6 - -
12.7 12.7 - 18.7 18.7 - 27.4 27.4 - 40.2 40.2 - 59.0 59.0 - 86.6 8••• -
12.9 - - 18.9 - - 27.7 - - 40.7 - - 59.7 - - 87.6 - -
13.0 13.0 13 19.1 19.1 - 28.0 28.0 - 41.2 41.2 - 60.4 .0.4 - 88.7 88.7 -
13.2 - - 19.3 - - 28.4 - - 41.7 - - 61.2 - - 89.8 - -
13.3 13.3 - 19.6 19.• - 28.7 28.7 - 42.2 42.2 - 61.9 .1.9 62 90.9 90.9 91
13.5 - - 19.8 - - 29.1 - - 42.7 - - 62.6 - - 92.0 - -
13.7 13.7 - 20.0 20.0 20 29.4 29.4 - 43.2 43.2 43 63.4 83.4 - 93.1 93.1 -
13.8 - - 20.3 - - 29.8 - - 43.7 - - 64.2 - - 94.2 - -
14.0 14.0 - 20.5 20.5 - 30.1 30.1 30 44.2 44.2 - 64.9 84.9 - 95.3 95.3 -
14.2 - - 20.8 - - 30.5 - - 44.8 - - 65.7 - - 96.5 - -
14.3 14.3 - 21.0 21.0 - 30.9 30.9 - 45.3 45.3 - 66.5 88.5 - 97.6 97•• -
14.5 - - 21.3 - - 31.2 - - 45.9 - - 67.3 - - 98.8 - -

Standard Resistance Values are obtained from the Decade Table by multiplying by multiples of 10. As an example, 12.1 can represent 1.210, 12.10, 1210,
1.21 kO, etc.
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